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Today, internet of things (IoT) connect the world in way more than we ever

thought possible, changing the way we live, work, and interact with each other. Power

management has an important role in a successful IoT deployment. Building an efficient,

low-cost, and compact power management unit (PMU) becomes a key for enabling re-

mote, long-lived, and small wearable and IoT devices. Thus, this thesis presents minia-

turized, efficient, and low cost power management solutions using innovation on both

the architecture and circuit level.

The wireless sensor network (WSN) modules of next generation IoT and wear-

able devices will be implemented on a single system on a chip (SoC) platform that can

ultimately combine digital, analog/mixed signal, and RF to provide the highest level of

integration and conservation of area. Most of IoT SoC designs will be implemented in

FDSOI technology which is available in small geometry processes to merge the bene-

fits of ultra-low power as well as high performance. Accordingly, the proposed power
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management solutions for IoT and wearable devices in this thesis, fabricated in 28nm

FDSOI to be integrated on the same die as the WSN modules.

Energy harvesting is an essential concept for the future of power management

in IoT to enable autonomous operation that doesn’t require battery charging or replace-

ment. Thus, the first part of the thesis presents a power management unit that meets the

need of small-form-factor net-zero energy systems by aggregating the maximum avail-

able power from three different energy sources while simultaneously regulating three

output power rails over a wide dynamic load range, while also managing the charg-

ing and discharging of a battery, all in a single-stage single-inductor converter. IoT

and wearable devices are powered by efficient and durable Li-ion batteries with volt-

age range 2.8-4.2V. Thus, the second part presents a fully integrated Li-ion compatible

hybrid DC-DC converter that meets the needs of small-form-factor IoT while offering

superior performance compared to prior-art fully-integrated converters. The challenges

of implementing a high-voltage tolerant DC-DC converter with high conversion ratio,

using low voltage transistors and poor quality on-chip passives on 28nm FDSOI ad-

dressed. The third part presents a miniaturized Li-ion compatible hybrid single-inductor

multi-output (H-SIMO) that independently regulates three different output power rails

while combining the hybrid topology benefits for compact and efficient implementation.

The last part focuses on finding the maximum number of levels and possible multilevel

configurations for a given number of capacitors.
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Chapter 1

Introduction

Wearable sensors technology and Internet of things (IoT) enable a wide range

of health, fitness, personal entertainment, home security, and industrial control applica-

tions that bring exceptional benefits and make our life easier. Today billions of wearable

sensors and IoT devices are connected on wireless sensor network (WSN) and commu-

nicate over the internet, as shown in Figure 1.1, hence, the name “Internet of Things”.

Wearable sensors can be embedded into media such as clothing, glasses, or can

be worn on the skin as a temporary printed tattoo [1] to enable remote patient mon-

itoring. For example, patient’s data such as heart rate, hydration levels, temperature,

and blood sugar is collected, processed using advanced signal conditioning and/or ma-

chine learning algorithms, and delivered either directly to the user or sent to a physician.

Wearable sensors can also enable many other exciting applications, such as location and

activity tracking of children to protect them from kidnapping and threats [2]. Mouth

guard based salivary sensors [3] can be used for monitoring athlete’s lactic acid concen-

tration to give them an alarm when they are reaching exercise limits. In IoT-based smart

farming, the farmers can monitor the field conditions from anywhere [4]. A system is

built for monitoring the crop field with the help of sensors (light, humidity, temperature,

soil moisture, etc.) and automating the irrigation system.

IoT is pushing towards connecting billions of sensors and actuators on wireless

sensor network (WSN) [5, 6], improving the way we live, work, and interact with each

other. Figure 1.2 shows the number of connected devices from 2012 through 2025. The

expected number of connected devices in 2025 is more than 74 Billion. While Figure 1.3

shows the semiconductor market for IoT from 2012 through 2025. The integrated circuit
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Figure 1.1: Wireless sensor network: wireless sensor devices connected together through the
internet.

Number of Connected Devices in Semiconductor Market (MU)

Source: International Business Strategies, Inc.

Figure 1.2: Number of connected devices in semiconductor market from 2012 to 2025 showing
the growth potential for IoT.
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Semiconductor Products Within IoT Devices

Source: International Business Strategies, Inc.

Figure 1.3: Semiconductor market for IoT from 2012 to 2025.

(IC) market for IoT is predicted to be $46.9B in 2025 compared to $11.8B in 2012.

While the overall growth of the semiconductor market is expected to be lower than in

the past, the semiconductor and sensor markets for IoT will have significantly higher

growth than the overall semiconductor market [7].

1.1 IoT Power and Miniaturization Challenge

Despite the exceptional benefits that wearable and IoT devices offer to improve

human life, their large size and poor battery life make them undesirable for practical

use. Users already complain about having to re-charge batteries of their smart phones

and smart watches on a daily basis. As a result, they will not likely tolerate doing this

for even a small number of additional devices. The simplest way to improve the battery

lifetime is to use larger battery with larger capacity. However, this simple solution is not

practical due to the physical size constrain. IoT and Wearable sensor devices need to be

small in size, operating from small batteries. On the other hand, in some applications
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Figure 1.4: Wireless sensor network device block diagram including different powering sources.

such as smart farming, battery replacement is quite expensive especially for remote

areas. Therefore, battery lifetime, device size, and cost remain major challenges for

wearable and IoT devices.

The high-level goal of the research presented in this thesis is to explore the wire-

less sensor devices design space, with an emphasis on reducing the power and size to

create miniaturized devices with long battery lifetime to fit within the IoT applications.

Improving the battery life can be either through reducing the power in the underlying

load circuits by leveraging low power techniques, or through building efficient power

management systems and energy harvesting platforms that harvest energy from the sur-

rounding environment to extend battery life, or through both. This thesis focuses on

the design of compact and efficient energy harvesting platforms and power management

architectures for powering the next generation IoT and wearable devices.

IoT devices are not like smart phones – they are relatively simple from func-

tional point of view, but they are required to do their job for an extended period (in

some cases, years) while powered by battery. IoT devices functionality is limited to

sensing data, processing it then communicating the processed data to other wireless

sensor nodes, they are not required to send and receive data all the time. Wireless sen-
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sor network device typically consists of 4 main modules, as shown in Figure 1.4: 1)

sensor: interfaces to the real world and sense conditions based on the application such

as temperature, humidity, heart rate, etc; 2) processing unit/ microcontroller: the brain

that accepts the data and performs data compression, analysis, and adds security bits

on the sensed data before sending; 3) RF transceiver: communicates the processed date

to the other wireless sensor nodes; 4) power management unit (PMU): the block that

generates different regulated power rails for the different modules in the wireless sensor

device and delivers power to these modules efficiently.

Extensive research has been done to build a comprehensive model for the power

consumption of the wireless sensor nodes [8, 9]. It turns out that the wireless sensor

devices spend most of the time in the idle low power state. As a result, although they

require high instantaneous power during RF communication that can only be delivered

by the battery, the average power requirement can be very low. This makes energy

harvesting an attractive powering solution to extend the battery life. Energy harvesting is

not a new concept but it is an important concept for the future of the power management

in IoT.

IoT application space is diverse and how frequently the device sends and receives

data highly depends on the application. As an example, in wireless patients monitoring

application for heart rate or glucose, the device needs to send the sensed data only every

5-10 minutes and can spend the rest of the time in low power sleep mode. While in

seizure patients monitoring, there is a need for a continuous monitoring of brain activ-

ity and instantaneous communication upon a detected event [10]. If the average power

available from the harvester is higher than or equals to the average power requirement of

the system, energy harvesting can enable net-zero-energy system with autonomous op-

eration that doesn’t require battery charging or battery replacement [11, 12]. However,

the energy available from the harvester is usually low and stochastic, highly depend-

ing on the environmental conditions and the harvesting source type. To overcome the

stochastic nature of the harvester source and increase the average power available from

the harvester, it is required to build a PMU that aggregates power from different energy

5



sources efficiently. Then, delivers this power efficiently to the different wireless sensor

device modules, while regulating the different generated power rails efficiently. This

power management unit has to be built in a small form-factor to meet the small size

constraint of the emerging IoT devices. Chapter 2 addressed this challenge and push the

state-of-the-art by implementing a PMU that aggregates the maximum power from three

different energy sources while simultaneously regulating three output loads in a single

stage using a single inductor.

On the other hand, there are thousands of battery products available with vari-

ety of sizes, voltage, and characteristics. Selecting an appropriate battery option can

increase the battery lifetime. Li-ion batteries are rechargeable batteries, commercially

available with the highest energy density. To power IoT devices, efficient and durable

Li-ion batteries with a voltage range of 2.8-4.2V are required. Operation at Li-ion-

compatible voltages in scaled CMOS can be enabled only by stacking low-voltage tran-

sistors; such that each transistor experiences only a fraction of the battery voltage across

any of its terminals. This results in efficiency degradation that can only be alleviated by

using bulky off-chip inductors. Chapter 3 and Chapter 4 addressed these challenges and

introduced new miniaturized hybrid Li-ion compatible power management solutions in

28nm FDSOI.

1.2 Towards FDSOI Technology for IoT

One of the major challenges when it comes to IoT is the ultra-low power require-

ments necessary for a long battery life. The system is required to switch dynamically

between a high performance mode during sensing, TX/Rx and ultra-low power mode

during sleep state [13]. For wireless sensor devices spending most of the time in the

idle low power state, low leakage technology option is usually the choice to increase

battery life. Traditionally, large nodes 180nm down to 65nm offer low leakage but limit

the overall performance [14]. Fully-Depleted Silicon-On-Insulator (FDSOI) technology

offers low leakage along with high performance on small nodes 28nm, 22nm, 14nm,
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Figure 1.5: Transistor cross-section: evolution from bulk to UTBB FDSOI.

Source: STMicroelectronics
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Figure 1.6: Body biasing: extremely powerful and flexible concept in FDSOI to boost perfor-
mance, optimize power consumption, and cancel out process variation.

etc. Thereby, FDSOI is a technology setting new standards for IoT.

FDSOI technology is a planar technology that extends Moores Law [15] without

the need for a high cost and complicated manufacturing processes like the 3D FinFET

technology [16]. FDSOI is targeted as a low Power and a high performance technology,

relying on two primary innovations compared to bulk, as shown in Figure 1.5: 1) ultra-

thin Buried Oxide (BOX) layer on the top of the base silicon acting as an insulator; 2)

ultra-thin layer of silicon over the thin BOX implementing the transistor channel with

no need for channel doping, hence, the transistor is fully depleted. These two primary

innovations are what gave the technology its other name: “Ultra-Thin Body and Buried

oxide FDSOI” or “UTBB FDSOI”.

The doping is not needed in FDSOI because of the ultra-thin body (i.e., no ran-
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dom dopant fluctuation problems). This result in a reduced process cost, immunity to

threshold voltage variation and mismatch, higher mobility and performance, and immu-

nity to short channel effect [17].

On the other hand, the ultra-thin BOX layer lowers the parasitic capacitance

between the source and the drain and efficiently confines the electrons flowing from

the source to the drain, reducing the leakage current. In addition, the ultra-thin BOX

enables one key advantage of the FDSOI technology which is the body biasing that

brings flexibility for the designers to control the threshold voltage of the transistor.

Body biasing is an efficient knob for leakage and speed optimization. The

ground plane of the device can act as a second gate to control the threshold voltage of the

transistors [13], as shown in Figure 1.6. Forward body bias (FBB) lowers the threshold

voltage and increases the speed by applying a positive (negative) body-to-source voltage

to an nMOS (pMOS) transistor. While reverse body bias (RBB) increases the threshold

voltage and lower the leakage by applying a negative (positive) body-to-source voltage

to an nMOS (pMOS) transistor. Body biasing enables efficient and simple dynamic

switching between high performance mode (forward body biasing) and low leakage

mode (reverse body biasing).

As of today, 28nm FDSOI is already in production and from IoT and wear-

able market perspective, UTBB FD-SOI technology is the prominent technology [14].

To build a small form-factor power management solution compatible with the needs

of the next-generation wearable and IoT devices, it is desired to integrate all the DC-

DC conversion and power supply regulation on the same technology as system on chip

(SoC). Therefore, in this thesis, the implemented energy harvesting platform and Li-ion-

compatible power management architectures are built on 28nm FDSOI.

1.3 Thesis Contribution and Organization

The battery lifetime and device size constrains of IoT put unprecedented chal-

lenges on power management system that requires innovation and out of the box think-
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ing, not only at the circuit level, but perhaps more importantly at the architectural level.

The research in this thesis presents compact, low cost, and efficient energy harvesting

and Li-ion-compatible power management solutions for the next-generation wearable

and IoT devices on 28nm FDSOI, to be integrated on the same technology as the IoT

SoC. The contributions in this thesis are organized as follows:

• Multi-Input Single-Inductor Multi-Output (MISIMO) Energy Harvesting Plat-

form – chapter 2 presents a small form-factor energy harvesting platform for

powering net-zero-energy systems. The proposed MISIMO aggregates the max-

imum available power from three different energy sources while simultaneously

regulating three output power rails over a wide dynamic load range, while also

managing the charging and discharging of a battery, all in a single-stage using

a single-inductor. The converter, fabricated in 28nm FDSOI, achieves a peak

efficiency of 89%, and supports an output power range from 1µW to 60mW ,

with efficiency >75% at Vout = 1V , and >69% at Vout = 0.6− 0.9V , all with a

quiescent power of only 262nW .

• Fully Integrated Li-ion Compatible Hybrid DC-DC Converter – chapter 3 presents

a battery-connected DC-DC converter fully integrated in 28nm FDSOI. To achieve

high efficiency while blocking the 2.8− 4.2V Li-ion battery voltage range using

only 1.5V-transistors and on-chip passives, a modified 4-level buck converter is

proposed. The fabricated converter switches at up to 200MHz, regulating down

to 0.6-1.0V over a 10µW-40mW output power range via use of DCM-PFM con-

trol. The converter occupies 1.5mm2 of silicon area (including a pair of 5nF

flying capacitors and a 3nH inductor), and achieves a peak efficiency of 78%.

• A miniaturized Li-ion Compatible Self-Clocked Hybrid Single-Inductor Multi-

Output (H-SIMO) – chapter 4 presents a miniaturized DCM-operated hybrid

PMU in 28nm FDSOI that independently regulates three different power rails

at Vout = 0.4 − 1V and an output power range from 1µW to 100mW. The thin-

oxide 1V -transistors in 28nm are utilized to build up the stacked power train and

9



convert the 2-level buck into 5-level converter, reducing the switching frequency

by up to 76× for an up to 21.5% efficiency improvement. As a result, the pro-

posed H-SIMO eliminates the need for a bulky off-chip inductor, reducing the

area of the required off-chip passives by 12.55× and thickness by 3×.

• Evaluation of the Possible Number of Levels and Multilevel Configurations forN

Capacitors – Appendix A presents a methodology to realize the maximum pos-

sible number of levels for N capacitors and the different configurations of mul-

tilevel converters. Expressions representing the possible N capacitors switching

states along with their equivalent steady state equations are derived. General

topology for multilevel converters with N + 2 levels and 2N + 1 levels for N

capacitors are shown.

• Multi-State Switched Capacitor Voltage Regulator – Appendix B introduces a

reconfigurable multi-state switched capacitor (SC) that enables more conversion

ratios without adding flying capacitors or power switches. The proposed multi-

state reconfigurable SC with three flying capacitors realize 23 conversion ratios

and proved to achieve higher efficiency compared to the binary SC which can

only realize 7 conversion ratios. Simulations on 28nm CMOS show increase of

up to 40% in the efficiency and reduction of up to 87% in the output voltage

ripple.

10



Chapter 2

MISIMO: A Multi-Input
Single-Inductor Multi-Output Energy
Harvesting Platform for Powering
Net-Zero-Energy Systems

Wireless sensor devices used in Internet-of-Things (IoT) applications ranging

from wearables to environmental monitors typically consist of three main functional

modules as illustrated in Figure 2.1(a): sensors, a processing unit, and an RF transceiver.

A power management unit (PMU) is responsible for generating the various supply rails

needed by these functional modules. A typical power demand pattern for a wireless

sensor device is shown in Figure 2.1(b). For applications that require infrequent mon-

itoring, such as remote patient heart-rate monitoring or industrial temperature sensing,

the wireless sensor devices can spend a large fraction of time in a low-power idle state,

with correspondingly little time in active mode (e.g., 97% idle / 3% active in [8]). As a

result, while the peak power of such systems can be high (e.g., 10s of mW during TX/RX

modes), the average power of such systems can be fairly low. Energy harvesting sources,

which for small form-factor devices can typically supply power in the µW regime, can

thus be employed in conjunction with a battery to enable energy-autonomous, net-zero-

power operation [11, 12] if the average power of harvesting equals to or exceeds the

average power demands of the load over long time intervals.

However, the energy available from most harvesting sources is stochastic, and

can vary significantly with changing environmental conditions. Thus, true net-zero-

11



(a) (b)

Power demand pattern

t
Idle

Sensing

Tx

Rx

Pavg required 

by system 
Process

~1%

P
o

w
e
r

10s of mW

Power 

Management 

Unit

Light

PV

0.01-10mW/cm2

Heat

Biofuel

TEG

BFC

1-1000µW/cm2

5-1200µW/cm2

Wireless sensor device

RF 

Tx/Rx

Sensors

Process

1-10µW
~ 97%

Pavg of multi-

input harvesters

Multi-OutputMulti-Input

small 
form-factor

Small Inductor

Single-Inductor 

Pavg of single-

input harvester

Figure 2.1: (a) Proposed MISIMO architecture. (b) Typical power demand pattern for wireless
sensor devices.
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Figure 2.2: Block diagram of the MISIMO buck-boost architecture.

energy operation is a probabilistic condition. To increase the probability of successful

energy harvesting, or conversely to increase the average amount of harvested energy

across varying environmental conditions, it is possible to construct a PMU that aggre-

gates power from different energy sources [18–23]. To support the small form-factor

needs of emerging IoT devices, an architecture that accomplishes this with a single-

inductor is desired. At the same time, the PMU should support efficient regulation of

multiple output loads. Thus, this chapter introduces a MISIMO PMU: a Multi-Input

Single-Inductor Multi-Output PMU (Figure 2.1 (a)).
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source to deliver energy to the loads.
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The proposed MISIMO converter employs a single-stage buck-boost architec-

ture operating in the discontinuous conduction mode (DCM), as shown in Figure 2.2.

The inductor is time-shared among different input sources and different output loads,

switching dynamically between different configurations to support different harvester

and load conditions as shown in Figure 2.3. For instance, if the the device is operating

in a low-power idle state and the available energy from the harvester(s), Pharv, is higher

than the power required by the load, PLoad, MISIMO will select the harvesting sources

as a source to deliver power directly to the load and charge the battery as shown in Fig-

ure 2.3(a). On the other hand, if the energy available from the harvester is lower than

or around the same as the load requirement, both the harvesting sources and the battery

will be selected to deliver power to the load as shown in Figure 2.3 (b). Likewise, during

periods of high instantaneous load power requirements, only the battery will be selected

as a source to deliver energy to the load as shown in Figure 2.3 (c).

Multi-input energy harvesting can be useful for a variety of wearable and/or

IoT-type of applications, for example by stacking or co-integrating multiple energy har-

vesters on-device. While the developed test chip was specifically tested for harvest-

ing from photovoltaic (PV), thermo-electric generator (TEG), and biofuel cell (BFC)

sources, the MISIMO architecture and control schemes can be applied to any number

and type of DC harvesting sources, depending on the application.

This chapter is organized as follows: Section 2.1 summarizes prior-art energy-

harvesting architectures and contrasts them to the proposed MISIMO architecture, while

Section 2.2 and 2.3 describe the challenges of extracting the maximum possible power

from multiple energy harvesting sources and regulating multiple loads with a single

inductor. Section 2.4-2.6 describe the challenge of separating the input and output regu-

lation, and introduce techniques to enable multi-input single-inductor multi-output reg-

ulation in an efficient manner. Section 2.7 then describes the specific regulation algo-

rithms employed, while Section 2.8 describes circuit implementation details. Finally,

measurement results are presented in Section 2.9.
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2.1 Energy harvesting architectures

2.1.1 Prior Art

Back in 90’s, single-inductor multiple-output (SIMO) shown in Figure 2.4 was

proposed to regulate multiple outputs using single inductor [24–29]. And until now

SIMO is a fertile research area because of the advantages it offers in terms of small

form-factor. In this work, we borrowed some of the SIMO techniques for the multiple

output regulation in MISIMO, as will be illustrated in Section 2.3.

Harvesting energy at the energy harvester’s maximum power point (MPP) typ-

ically involves some sort of regulation at the input to the energy harvesting circuit.

Likewise, any load to be powered requires regulation at the energy harvesting circuit

output. Conventionally, this is achieved by separating input and output regulation via a

two-stage architecture, as illustrated in Figure 2.5 for a single-input and single-output

[30, 31]. Here, the first stage is dedicated for energy harvesting and maximum power

point tracking (MPPT) from single input, and storing this energy in an unregulated super

capacitor or battery [32, 33], while the second stage is dedicated for regulating a single

load. Such approach has two major downsides: two inductors are required, which in-

creases the implementation footprint, and the cascading of two power conversion stages

results in multiplicative losses, which serve to limit the overall achievable efficiency.

Other prior work has suggested utilizing multiple energy harvesting sources to

increase the overall harvesting power [18, 20–23]; however, such prior-art still utilized

two-stage architectures as shown in Figure 2.6. To reduce the effects of cascaded losses

and therefore improve the average harvesting efficiency, a dual path multi-input single-

output harvesting architecture with a shared inductor was presented in [19], where

single-stage conversion occurs under low load conditions. However, the proposed ar-

chitecture supports only a single output, and, under heavy load conditions, a two-stage

approach is utilized.

Other prior-art has combined energy harvesting and load regulation in purely sin-
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gle stage designs [34,35] as shown in Figure 2.7, and while efficient, the proposed archi-

tectures only supports a single input harvester and a single output load (plus a battery).

To further improve efficiency, energy recycling from the load to battery was proposed

in [35], which enables a reduced number of switches. The work in [36, 37] incorpo-

rated many of the aforementioned techniques, yet supported single-inductor multiple-

load regulation, though with only single-input energy harvesting.

To the best of the author’s knowledge, no fabricated prior-art converters have

supported multiple-input energy harvesting with per-source MPPT, alongside simulta-

neous multiple-load regulation, all with a single-stage single-inductor topology.

2.1.2 Proposed MISIMO Architecture

The proposed MISIMO architecture combines both multi-input energy harvest-

ing and multi-output load regulation, all in a single-stage topology using single inductor.

However, there are many challenges. First, at the source side, simultaneous MPPT must

be applied across all sources, where each source has a different MPP voltage and differ-

ent amounts of instantaneous power available. Second, at the load side, each load needs

to be simultaneously regulated at different voltages and for different load conditions, all

while meeting ripple specifications. Third, all of this needs to be accomplished using a

single shared inductor, so it is required to find a technique that decouples the source side

MPPT from load regulation. Fourth, as for any DC-DC converter, high end-to-end effi-

ciency across a wide input and output dynamic range is desired, which places stringent

constraints on the power consumption of the controller, and the optimization strategies

of leakage, conduction, and switching losses.

The work in this thesis overcomes the mentioned challenges and enables the

MISIMO by: 1) allowing excess inductor energy to recycle back to the battery as needed

to decouple input source and load regulation from each other, thereby enabling simulta-

neous MPPT across all sources and independent regulation of all loads, all with a single

inductor; 2) performing 2-D MPPT for each source by dynamically adapting both the
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inductor ON-time and switching frequency via a hysteretic event-driven control circuit;

3) performing multi-load regulation within a single-inductor switching cycle to reduce

switching losses by 3×; 4) calibrating the battery discharge time to increase the inductor

time allocated to energy harvesting by 10× and improve light load efficiency by up to

34%; and 5) modulating power-switch sizes with load conditions to improve the light-

load efficiency by up to 24%, while utilizing cascoded switch structures to reduce the

leakage power losses by 9×.

2.2 Simultaneous MPPT Across all Sources

While the general MISIMO architecture is scalable to an arbitrary number of har-

vesting sources, the developed test chip was specifically designed for harvesting from

three different energy sources: light, heat and biofuels (biochemical energy found in glu-

cose, lactate, and other metabolites in human body [38,39]). Specifically, a photovoltaic

(PV) cell, a thermo-electric generator (TEG), and biofuel cell (BFC) are employed as

transducers for these energy sources. Figure 2.9 shows the electrical characteristics of

these energy sources. As illustrated, the voltage for the maximum power point, Vmpp,

and the open circuit voltage, Voc, changes with the available energy. However, Vmpp is,

within a reasonable degree of accuracy, a constant fraction of Voc for all three sources.

For MPPT, the input voltage of MISIMO, Vin, for each source is regulated around a

reference voltage which is equal to Vmpp, that is generated from a circuit that samples

and holds the fraction of the open circuit voltage. The fractional open circuit sample

and hold can be a resistive or capacitive divider with flip flop, as presented in details

in [23, 35]. For simplicity, the reference voltage Vmpp was provided off-chip in this

prototype.

Fractional Open circuit voltage algorithm offers a simple and high efficient MPPT

across low power input range for PV cell [33] which is suitable for many low power IoT

and wearable applications. The challenge here is finding an efficient manner to achieve

this input voltage regulation across all three sources.
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Figure 2.9: Electrical characteristics of different energy sources: PV, TEG and BFC.

2.2.1 Hysteresis-Control for Self-Clocked MPPT

As in most DCM converters, there are three different switching phases during

a single inductor switching cycle in the MISIMO architecture: the inductor charging

phase, φ1, the inductor discharging phase, φ2, and the inductor freewheel (FW) phase,

φ3.

To realize MPPT for DC sources, the converter input resistance, Rconv, has to be

adaptive and equals to the equivalent resistance seen at the harvester side, Rharv [19] at

a particular operating point, as shown in Figure 2.10. This would result in Vin = Vmpp.

By simple derivation, Rconv can be found as function of the inductor charging time, Tφ1,

and switching frequency, Fsw, as the following:

Rconv =
2L

T 2
φ1Fsw

(2.1)

MPPTcondition

 Rconv = Rharv

Vin = Vmpp.
(2.2)

For efficient input voltage regulation, both Fsw and Tφ1 are designed to be adap-

tive to the available energy, and hence, the MISIMO converter performs 2D MPPT

via pulse frequency modulation (PFM) with adaptive ON-time. This is in contrast to

prior-art that performs 1D MPPT by either fixing the switching frequency and adapting
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Tφ1 [19], or by fixing Tφ1 and adapting Fsw [37]. Unfortunately, fixing Fsw results in a

fixed quiescent power that can limit efficient dynamic range, while fixing Tφ1 can result

in large input voltage ripple when the energy available from the harvester is low, which

reduces the effectiveness of MPPT due to large Vin deviation from the MPP. Thus, a 2D

MPPT strategy can potentially achieve higher efficiency over a wider dynamic range if

implemented carefully.

To enable efficient 2D MPPT in the MISIMO converter, each harvester voltage

is regulated around Vmpp, using adaptive Tφ1 and PFM control techniques based on a

hysteretic control scheme. Specifically, a source hysteresis comparator regulates Vin

around Vmpp within a hysteresis window ∆V , as illustrated in Figure 2.10. Once Vin

reaches the lower hysteric limit, the negative edge of the comparator output triggers the

end of φ1, thereby defining Tφ1. When Vin reaches the upper hysteric limit, the positive

edge of the comparator output triggers the start of new inductor switching phase, thereby

defining Fsw. Therefore, there is no need for a clock: unlike conventional approaches,

the hysteresis comparator output, CMP , becomes a defacto asynchronous clock. It

performs pulse width modulation (PWM) and PFM as shown in Figure 2.10.
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2.2.2 Multi-Input Energy Harvesting using a Single In-
ductor

The proposed 2-D MPPT hysteresis control scheme is individually applied to

each of the three input sources, where each source is regulated around its own Vmpp using

separate hysteresis comparator outputs. Thus, when multiple sources are sharing the

same inductor, each source has an inductor charging time Tφ1 and switching frequency

Fsw defined by its comparator output, depending on the available energy and the MPP.

Figure 2.11 shows an example for multi-input harvesting. In the first inductor switching

cycle, the PV hysteresis comparator output triggers the start of the inductor switching

cycle, as well as the end of φ1. In φ2, once zero inductor current is detected via a zero

current detector (ZCD) circuit, described later, the controller then looks to see if any

other harvesting source’s comparator output is high. If more than one comparator output

is high at the same time, the controller will select the first harvester in the sequence. If
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.

all comparator outputs are low, i.e., there is no energy available, the converter goes to

the FW phase, waiting to the next trigger from hysteresis comparators (BFC in this case)

to start new cycle, and so on.

2.3 Multiple Load Regulation

Each of the loads must be independently regulated regardless of load voltage and

instantaneous current demands. Fortunately, there have been extensive development on

single-inductor multiple-output (SIMO) DC-DC converters that support such require-

ments with a single inductor [26–29]. There are multiple possible switching schemes

available in SIMO converters, each with their own advantages and disadvantages [40].

Figure 2.12 illustrates the schemes appropriate for inclusion in MISIMO.

In scheme 1, one inductor energizing switching cycle is dedicated for each load,

and thus there are no cross regulation issues [26]. However, this scheme results in high

switching frequency, increasing proportional to the number of the loads. In addition,

the controller never switches to the next load before the current load receives sufficient

energy so in case of applying load-step on one of the loads, the heavy load can monopo-
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lize the inductor time and causes a droop on the other rails. This problem was addressed

in scheme 2 by limiting the number of cycles for each load [29]. Meanwhile, scheme 3

suggested using a single inductor energizing switching cycle to charge all the loads se-

quentially, hence, reducing the switching frequency by the number of the loads, N (i.e.,

Fsw/N ) [27].

The proposed MISIMO design adopts scheme 3, to reduce the switching fre-

quency and switching losses by 3× under high load condition. While under low load

condition, the loads are regulated automatically under inductor switching scheme 2.

The loads do not receive power in the same order in each cycle, instead they are inter-

changed in each cycle to avoid voltage droop on the last loads in the cycle as illustrated

in scheme 2.

Like the input regulation scheme, the load voltages are also regulated using hys-

teresis PFM control. The proposed controller allows multiple loads to be regulated in

a single inductor energizing switching cycle. In the inductor discharging phase φ2, the

upper hysteretic limit of each hysteresis load comparator prompts the inductor to dis-

charge into the next load until zero current is detected by the ZCD circuit. Under light

load condition, the loads are adaptively regulated by switching scheme 2 because the

load demand for energy becomes very low.

2.4 Decoupling Source MPPT and Load Reg-
ulation

Simultaneous regulation of multiple input sources (for MPPT purposes) and

loads using single inductor is not possible with conventional control techniques. If the

harvester energy is available and selected as a source in φ1, the inductor charging time

from harvester Tφ1−Hi is set for MPPT as described before (i.e., the inductor peak cur-

rent set for MPPT), and this charge is dumped to the load in φ2 regardless of the load

requirements. Thus, if this charge is more than what is required by all of the loads,
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Figure 2.13: Decoupling source MPPT and load regulation in a single-inductor architecture
through an optional battery charge recycling phase.

this conventional technique would result in high load voltage ripple and degraded load

regulation as illustrated in Figure 2.13. This is the main issue identified in [37], and

while [41] proposed to employ the battery as an auxiliary load to help address this issue,

the simulated design only employed a single input and single output, and no measure-

ment results were demonstrated.

The proposed decoupling technique overcomes this problem by recycling any

extra charge back to the battery in φ2 once the load receives sufficient energy, as in-

dicated by load hysteresis comparators outputs. By this technique, load regulation be-

comes independent of the the inductor peak current and source side regulation, solving

the trade-off described in [37]. In addition, adopting this decoupling technique allows

the harvester to deliver power to the load and charge the battery in the same inductor

switching cycle, which, importantly, also reduces switching losses.
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2.5 Inductor Charging Time under Battery
Power (Tφ1−BAT ) Calibration

If the battery is selected as a source, the inductor peak current, Ipk, has to be

large enough to support the maximum load and to minimize the switching frequency

to reduce switching losses. The inductor charging time, Tφ1−BAT , controls Ipk (i.e.,

Ipk = (Vin/L)Tφ1−BAT ). If Tφ1−BAT was fixed to be the largest possible value given the

expected load conditions at design time, this would result in large output ripple and high

conduction losses under light load conditions, as illustrated in Figure 2.14. On the other

hand, if Tφ1−BAT was fixed to be smaller than this, this would limit the maximum power

of the converter, and result in high switching frequency and switching losses under high

load condition. This trade-off described in [37].

In the MISIMO converter, Tφ1−BAT is digitally calibrated based on load cur-

rent indicator bits, described in Section 2.8, hence Ipk varies adaptively with the load

requirement using ON-time digital control. This is similar to digital pulse width modu-

lation described in [29]. For a buck-boost converter operating in DCM, Tφ1−BAT can be

expressed as function of load current, ILd as follows:
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Tφ1−BAT =
1

Vin

√
2LILdVout

Fsw
. (2.3)

In the MISIMO converter, Tφ1−BAT is calibrated such that each load receives

sufficient energy from the battery in a single cycle, reducing the output ripple and con-

duction losses under low load condition, and reducing switching losses at high load

condition. Calibrating Tφ1−BAT also increases the inductor time allocated to energy har-

vesting by up to 10×, and ensures that load regulation is not dominated by the battery

when harvestable energy is available. Equation (2.3) shows that Tφ1−BAT ∝
√
ILd.

Therefore, the digital calibrated bits controlling Tφ1−BAT can be used as load current

indicator, described later in Section 2.8.

While calibrating Tφ1−BAT using analog feedback circuitry is faster than the

employed linear-search digital calibration, the power-hungry analog feedback circuitry

(specifically for multiple load regulation) is not suitable for this DC-DC converter, where

light-loads must also be supported. To support an output power as low as 1µW , an ultra-

low power controller with a quiescent power in a nW range is a must, thereby justifying

the use of the digital Tφ1−BAT calibration.

2.6 Multi-Input Multi-output Regulation

Putting all of the techniques described in Sections 2.2-2.5 together, hysteresis

comparators for PFM control are employed to regulate each source at its maximum-

power point voltage, Vmpp,i, and each load at its own reference voltage, Vref,i. Fig-

ure 2.15 shows the inductor current switching cycles under different scenarios for source

and load conditions.

The representative inductor switching schemes in Figure 2.15 illustrates the

adaptive inductor on-time, automatic PFM control, automatic battery/energy source se-

lection, and the ability to recycle charge back to the battery, which decouples MPPT

regulation from load regulation in a single-inductor converter. During periods where
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Figure 2.15: The MISIMO switch-level power stage, along with representative inductor switch-
ing schemes under different source and load conditions.

.

instantaneous load demands outstrip harvesting capacity, the MISIMO controller selects

the battery as the source for a calibrated time in φ1, to deliver energy to one or more

loads in φ2. If harvester energy is available, it is extracted in φ1 for Tφ1 determined by

the harvester hysteresis comparator output, then this energy is delivered to up to three

loads and/or the battery in φ2.

2.7 Event-Driven Control Algorithm

The proposed MISIMO platform is controlled by an asynchronous event-driven

digital controller designed to support low quiescent power. The overall MISIMO block

diagram is shown in Figure 2.16. There are three trigger sources for the digital con-
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Figure 2.16: MISIMO event driven controller is triggered by three sources: source hysteresis
comparators, load hysteresis comparators and ZCD.

troller: 1) source hysteresis comparator outputs trigger the controller whenever there

is available energy at the source side to harvest; 2) load hysteresis comparator outputs

trigger the controller if any of the loads do not have sufficient energy; 3) the zero cur-

rent detector output triggers the end of the inductor switching cycle and the start of new

cycle.

Figure 2.17 shows the overall MISIMO controller flow chart. At the beginning

of each inductor switching cycle, if load doesn’t need energy and harvester energy not

available, the converter goes to the freewheel phase. But if load doesn’t need energy and

harvester energy is available, harvester is selected as a source to charge the battery (if

the battery is not overcharged). On the other hand, if load needs energy and there is no

load alarm, harvesters are selected to deliver power to the load. Load alarm is generated

when the harvester power is less than the power required by the load. If the load needs

energy and there is load alarm, battery is selected a s a source to deliver power to the

load.
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Figure 2.17: MISIMO controller flowchart.

2.7.1 Source side control algorithm

Figure 2.18 and Figure 2.19 show the detailed source side and load side algo-

rithm, respectively. The source side controller is triggered only if any of the three loads

have an energy deficit (Ldj cmp =′ 0′), or if harvester energy is available (Hi cmp =′ 1′)

and battery is not fully charged (BATOV =′ 0′). Otherwise, the converter is in the

freewheel phase and the source side controller is disabled to save power.

The proposed source side algorithm shown in Figure 2.18 selects one of the

three harvesters or the battery as a source in φ1, based on harvester and load condition.

The harvester condition is defined by the source hysteresis comparators outputs Hi cmp,

while the load condition is defined by two signals: ld alarm and ld needs energy. The

ld needs energy signal is asserted if the output of any of the load hysteresis compara-

tors Ldj cmp is low; which indicates that one of the loads require energy. The ld alarm

signal is asserted if any of the output loads did not receive sufficient energy for two

successive switching cycles (i.e., Ldj cmp is low for two successive periods).

If the ld alarm signal is high, the battery is selected as a source regardless the

harvester condition (i.e., ld alarm =′ 1′ indicates that the energy available from the
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Figure 2.18: MISIMO controller source side algorithm.

harvesting sources is less than the load requirement). If the ld alarm signal is low and

the ld needs energy signal is high, the algorithm checks the source hysteretic com-

parator output of the first harvester, H1 cmp. If H1 cmp is high, H1 is selected as a source

to deliver power to the load; else, the algorithm checks the successive harvester com-

parator output H2 cmp, and so on. If the output of all source comparators are low, the

battery is selected as a source to deliver power to the load. On the other hand, if the

ld needs energy signal is low, this indicates that all loads have sufficient energy and in

this case if any of the harvester energy is available, the harvester will be selected as a

source to charge the battery if the battery is not fully charged (BATov =′ 0′); else, the

converter enters the freewheel phase.
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Figure 2.19: MISIMO controller load side algorithm.

2.7.2 Load side Algorithm

Figure 2.19 shows the proposed load side algorithm, which is enabled only dur-

ing phase φ2, where the three loads and the battery are time multiplexed. The algorithm

checks the load hysteresis comparator outputs sequentially and charges each load j until

its comparator output equals to ‘1’ (Ldj cmp =′ 1′), then switches to next load with a

low comparator output and so on until the zero current state is detected (ZCD =′ 1′). If

all loads are charged (ld needs energy =′ 0′) and there is still current in the inductor,

extra charge recycled back to battery at the end of φ2.
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Figure 2.20: Block diagram of the MISIMO chip, including detailed schematics of the power
stage with power-switch width control.

2.8 MISIMO Architecture and Circuit Details

The proposed MISIMO architecture is shown in Fig 2.20. It consists of a power

stage, a digital controller, hysteresis source comparators for MPPT, hysteresis load com-

parators for load regulation, and a zero-current detector (ZCD) circuit. MISIMO can be

extended to any number of inputs or outputs by adding switches to the source side or the

load side of the power stage, respectively.

2.8.1 Power Stage Efficiency Improvement Techniques

To achieve high efficiency across wide input and output power dynamic range,

different control techniques are employed. The power stage losses at low loads can dom-

32



inate the converter quiescent power. Specifically, at low loads, the converter spends most

of the time in the freewheel phase where the power switches connected to the battery

and to the loads suffer from high leakage because of their large sizes, and relatively large

blocking voltage. To address this, load and battery power switches are implemented by

cascoding transistors, which push them into the super cut-off region, reducing leakage

by 9×. To achieve high efficiency over a wide dynamic load current range, the power

switches are each split up into 2-bit binary-weighted arrays and MISMO performs dy-

namic switch size modulation (SSM). The switch size is calibrated dynamically based

on the load current indicator output, described later in Section 2.8.4.

2.8.2 Hysteresis Comparator

Figure 2.21 shows the detailed schematics of the hysteresis comparator used for

source side and load side voltage regulation. The hysteresis window is determined by

the ratio between the width of the cross-coupled transistors (M6 and M7) and the diode

connected transistors (M3 and M4). The hysteresis window ∆V can be described by the

following equation:

∆V = ±
1−

√
(W/L)6,7/(W/L)3,4√

1 + (W/L)6,7/(W/L)3,4
Vov1,2 . (2.4)

2.8.3 Duty-Cycled Zero Current Detector

The ZCD block shown in Figure 2.22 detects the inductor zero current cross-

ing by comparing the voltage at V x node to GND. In general, zero current detection

requires significant power, as the detector has to operate at sufficiently high speed in

order to avoid negative inductor current that results in efficiency degradation. To reduce

ZCD power, prior work has suggested digital calibration techniques for Tφ2 to avoid

the need for a power-hungry analog comparator [35]. However, this is not applicable

for MISIMO because the ZCD point changes every inductor switching cycle due to the
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Figure 2.21: Hysteresis comparator.

dynamic multiple source harvesting and multiple load regulation. Thus, an analog ZCD

is necessary in MISIMO. Fortunately, it can be noted that zero current detection only

needs to occur at the end of φ2. Thus, to save power, the ZCD comparator is duty-cycled

to be enabled only during φ2, which, importantly, is much smaller than φ1 and φ3 at low

load currents. Once the ZCD output triggers the end of φ2, it is turned off the rest of the

switching cycle. By implementing a duty cycled ZCD, the power consumption of ZCD

reduced from 2.23µW to 1nW @ Pout=10µW, saving power by more than 2000×.

One of the advantages of the employed SSM technique is that it avoids having

small voltage at the Vx node under low load condition, which nominally can’t be detected

by conventional low-power ZCD circuits. Specifically, since switch size modulation

scales down the transistor size at low load current, making its ON resistance large, the

voltage on Vx can still be large enough to be detected by the present ZCD circuit.

In order to to reduce the inductor negative current and efficiency degradation

result from late switching, offset added intentionally by mismatching the width of the

input differential pair to compensate for loop delay (delay from ZCD output to power

stage switches input).
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The designed ZCD circuit utilized fairly small devices, and thus result in a simul-

taed 3σ offset of 20mV. This worst-case offset was simulated to adversely affect power

stage efficiency by up to 9%. Offset compensation schemes using capacitive trimming

or other techniques can reduce the offset down to < 1mV at zero static power consump-

tion (with only a one-time calibration cost to implement), which would, at that offset

level, negligibly affects converter efficiency. Despite the fact that an offset cancellation

scheme was not implemented in the developed chip, a high peak efficiency was still

achieved, as will be described in Section 2.9.

2.8.4 MISIMO Asynchronous Controller

Asynchronous Source Side Clock Generation and Tφ1−Hi Control

Figure 2.23 shows the block diagram of the asynchronous source side FSM clock

generation. The negative edge of the chip RST signal acts as the first trigger for the

source side algorithm to kick-start MISIMO. During the operation of MISIMO, there

are three trigger sources for the source side algorithm: 1) zero current detector output,
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ZCD; 2) negative edge of the load hysteresis comparators outputs (i.e negative edge of

ld needs energy signal); 3) positive edge of the source hysteresis comparators outputs

(i.e positive edge of EH available signal). At the end of φ2, a ZCD pulse is generated

to trigger the source side FSM. While during the freewheel phase, ld needs energy or

EH available signal trigger the source side algorithm. When a harvester selected as

a source in φ1 by the source side FSM, the negative edge of the harvester comparator

output triggers the end φ1, defining Tφ1−Hi as shown in Figure 2.23.

Load Current Indicator and Tφ1−BAT Control

As described in Section 2.7.1, ld alarm signal is asserted if any of the output

loads didnt receive sufficient energy for 2 successive cycles (indicated by the hysteresis

comparators outputs). The circuit details of the ld alarm signal generation block is

shown in Figure 2.24. If ld alarm is high, the battery is selected as a source for a

calibrated Tφ1−BAT . The load current indicator bits, Ldind bit < 4 : 0 >, are the bits

controlling the pulse width Tφ1−BAT . A binary-wighted MIM-capacitor delay-controlled

line is used to generate the digital calibrated pulse using the Ldind bit < 4 : 0 > control

bits, as illustrated in Figure 2.24.

The load current indicator checks the ld alarm signal when battery is selected

as a source: if ld alarm is high for two successive cycles, the load current indicator bits

Ldind bit < 4 : 0 > increments by one, increasing Tφ1−BAT accordingly. On the other

hand, if ld alarm is low (all loads receive sufficient energy in one inductor switching

cycle), and the battery is selected as a source and load in the same switching cycle,

Ldind bit < 4 : 0 > decrements by one, reducing Tφ1−BAT accordingly. In steady state,

each load receives sufficient energy in one inductor switching cycle.

Asynchronous Load Side Clock Generation

Figure 2.25(a) shows the circuit details of the asynchronous clock generation

for the load side FSM. In φ2, once a load receives sufficient energy and its comparator
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Figure 2.25: (a) Circuit details of asynchronous load clock generation block. (b) Equivalent
waveforms.

output goes high, a pulse generated to trigger the load FSM to switch to the next load

and so on until inductor zero current detected. Waveforms describing the asynchronous

clock generation is shown in Figure 2.25 (b).

2.9 Experimental Result

The proposed MISIMO converter is implemented in 0.5mm2 in 28nm FDSOI.

The power stage occupies 0.48mm2, dominating the total area of MISIMO. A die micro-

graph is shown in Figure 2.26. The chip is directly wire-bonded to a printed circuit board

(PCB) using chip-on-board packaging technology. The wirebonded chip-on-board used

for testing is shown in Figure 2.27. MISIMO controller is complicated, therefore, many

IO pads were added for testing the controller, and monitoring the ZCD and comparators

signals. Also, dedicated supply pads were added to measure the power consumption

of each block. In real implementation, the area would be much smaller because few

numbers of IO pads are required for MISIMO IP.

Figure 2.28 shows the MISIMO testing board. MISIMO PCB board interfaces

with field programmable gate array (FPGA) for testing purposes.The digital controller

signals of MISIMO are monitored on Chipscope Pro by connecting the FPGA JTAG
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Figure 2.26: Micrograph of the fabricated MISIMO die in 28nm FDSOI.

port to the computer by Xilinx platform cable USB II.

The implemented MISIMO chip harvests energy from up to three sources si-

multaneously: a PV cell at 0.2 to 1V, a TEG at 0.1 to 0.4V, and a BFC at 0.2 to 0.5V;

all while independently regulating 3 different power rails (each between 0.4 and 1.4V).

During testing, a real PV cell was connected to one of the inputs, while voltage sources

with series resistors were used to model TEG and BFC sources to simplify testing. The

TEG model values are computed from Micropelt Thermogenerator (RTEG = 526Ω),

while the BFC model values are computed from the BFC measurement results in [38].
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Figure 2.27: Micrograph of the wirebonded MISIMO chip on board.

A Keithley sourcemeter is connected to the battery terminal of the test chip alongside

a large capacitor (10µF ), so that power in and out can be measured. The source meter

model used in testing is operating as a source and a sink.

Measurement in Figure 2.29 demonstrates the MISIMO PFM control under bat-

tery power. It shows the output voltage of the three loads under a turn-ON transient test,

alongside the ZCD output, which used as a defacto asynchronous clock in the MISIMO

converter. The ZCD output effectively indicates the inductor switching frequency. Im-

mediately after turn-ON, the converter operates at the maximum switching frequency

(500kHz), and once the outputs reach steady state, the frequency goes down in pro-

portion to the load currents. This measurement result demonstrates that the MISIMO

energy-harvesting chip can effectively regulate three independent loads at different volt-
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Figure 2.28: Photograph of MISIMO testing board.

ages and load condition with dynamic ON time and PFM control. Figure 2.30 shows

a load-step response measurement and cross regulation test. Here, a load step is ap-

plied on one of the rails, and the measurement results demonstrate independent voltage

regulation across the three loads with only 30mV ripple and negligible droop.

Measurements in Figure 2.31 shows the input voltage of two harvesting sources:

a BFC and a TEG, alongside the output voltage of one of the loads: VLd3. It demonstrates

that the MISIMO chip can simultaneously regulate input sources (to <15mV ripple for

MPPT purposes) and output loads with the single-inductor. It also shows that load step

has no effect on the source regulation or on the output voltage ripple, thanks to the

proposed source/load decoupling technique.

Figure 2.32 shows an energy harvesting light step response measurement. This

measurement demonstrates the capability of MISIMO to switch dynamically between

different configurations. It shown the input voltage at the PV cell and the regulated
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Figure 2.29: Measured turn-on transient demonstrating automatic PFM control.

Figure 2.30: Measured load step under battery power demonstrating independent voltage regu-
lation across all three loads.
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Figure 2.31: Measured load step response during energy harvesting demonstrating simultaneous
source regulation (for MPPT) and load regulation.

Figure 2.32: Measured source step response demonstrating the capability of MISIMO to dy-
namically switch between different configurations.
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Figure 2.33: (a) Measured efficiency for all three loads vs. current in load three. (b) Measured
efficiency improvement with dynamic Tφ1BAT calibration. (c) Measured efficiency improvement
with dynamic switch-size modulation at 1V. (d) Measured efficiency improvement with dynamic
switch-size modulation at 0.6V.

output voltage. Also it shows the inductor terminals V x and V p to indicate the selected

source and load in the inductor switching cycle. When light is OFF, the battery selected

as source to deliver power to load. Once the light turned ON, the input voltage regulated

around the VMPP and the PV selected to charge the battery and deliver power to the

load directly.

Efficiency measurements in Figure 2.33 reveal a peak efficiency of 89% and an

efficiency > 75% across all loads over a 60,000× dynamic range (1µW − 60mW ) at

Vout = 1V . Figure 2.33 (b) shows the measured efficiency for 1µW < Pout < 60mW

with and without Tφ1−BAT calibration. Measurements shows that Tφ1−BAT calibration
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improves the MISIMO efficiency by up to 34%. Figure 2.33 (c) and (d) show the ef-

ficiency measurements of MISIMO versus the output power with and without SSM at

output voltage equals to 1V and 0.6V, respectively. It shows that the SSM technique

improves the MISIMO efficiency by up to 24%.

Comparisons to prior work in Table 2.1 shows that the MISIMO chip is the

first to perform MPPT harvesting from multiple sources while regulating multiple loads

with a single inductor. The MISIMO chip achieves the widest dynamic range amongst

prior-art multi-input harvesters, all in a small die area and with competitive efficiency.

The fabricated converter achieves a peak efficiency of 89%, and supports output power

range of 1µW to 60mW − i.e., a 60, 000x dynamic range, with efficiency > 75% at

Vout = 1V , and efficiency > 69% across Vout = 0.6 − 1V , thanks in part to the 3

different load regulation techniques: PFM, PWM, and SSM.

2.10 Conclusion

This chapter presented the design and implementation of MISIMO energy har-

vester platform on 28nm FDSOI. The demonstrated MISIMO energy harvester plat-

form meets the needs of small form-factor net-zero-energy systems by aggregating the

maximum power from three different energy source and independently regulating three

different power rails in a single-stage single-inductor architecture. The proposed ar-

chitecture decoupled the input source regulation from the output load regulation by al-

lowing excess inductor energy to recycle back to the battery. The MISIMO converter

performed 2D MPPT at the source side by dynamically adapting the inductor charging

time and frequency, hence, improving the MPPT efficiency. Multiple load regulation

actions were performed within a single inductor switching cycle to reduce the switching

losses by 3×. The MISIMO chip utilized different load regulation techniques: PFM,

PWM, and SSM to achieve high efficiency across wide dynamic range. Measurements

showed that calibrating Tφ1−BAT and SSM improve efficiency by up to 34% and up to

24%, respectively.
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Figure 2.34: Self-powerd and self-starting MISIMO.

2.11 Future Direction
Self-Powered and Self-Starting MISIMO

Figure 2.34 shows the top-level architecture of a self-powered and self-starting

MISIMO. MISIMO can generate and regulate additional output rail, Vctrl, to supply its

controller. However, a startup circuit is required to initially generates Vctrl rail till MIS-

IMO becomes self-sustained and power itself. The available energy from the harvesting

sources can be utilized to initially generate Vctrl using startup circuits. Once Vctrl = 1V

generated, the startup circuits disabled and MISIMO starts normal operation while reg-

ulating the Vctrl power rail.

Startup Architecture

Extensive research effort has been done to develop startup circuits for energy

harvesting [42–44]. Figure 2.35 shows a PV starup architecture as an example for a

single input startup. It consists of 9-stages ring oscillator, non-overlap, buffer, 4-stages

cross-coupled charge pump, and control voltage capacitance. The ring oscillator gen-

erates the clock for a cross coupled bootstrap to up convert the harvester voltage to the

desired control voltage, Vctrl = 1V . Once Vctrl = 1V detected, the startup circuits
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Figure 2.36: Simulation results on 28nm FDSOI for startup from PV cell.

49



(a) (b)

Figure 2.37: PV startup time and consumed current versus (a) oscillator frequency and (b) light
intensity.

disabled and MISIMO starts normal operation. Figure 2.36 shows simulation results on

28nm FDSOI for a startup from PV cell. The same architecture can be used for TEG and

BFC harvesting sources but with appropriate choice for the number of stages for the ring

oscillator and charge pump, based on the harvesting source voltage and current range.

For example, a TEG cell would require 11-stages cross-coupled charge pump instead of

4-stages to up convert the MISIMO input voltage that can go as low as 100mV to 1V.

Figure 2.37 shows the trade-off between the startup time and the consumed cur-

rent. Figure 2.37(a) shows that as the oscillator frequency increases, the startup time

decreases and the current consumption increases. While Figure 2.37(b) shows that as

the light intensity increases, the startup time decreases and the current consumption

increases.

Proposed Multi-input Startup

Figure 2.38 shows the proposed multi-input startup circuits for the 3-input har-

vesting sources: PV, TEG, and BFC. The single input startup architecture in Figure 2.35

used for the three different harvesting sources, then a cross coupled pMOS-based struc-

ture added to pass only the highest output voltage and avoid reverse current. This multi-

input startup architecture doesn’t allow power aggregation but rather selects the har-
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Figure 2.38: Proposed MISIMO startup architecture.

vester with the highest power. Future work should explore architecture that aggregates

power from multiple inputs to speed up the startup.
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Chapter 3

A Fully-Integrated Li-ion-Compatible
Hybrid 4-Level DC-DC Converter in
28nm FDSOI

Next generation wearable and Internet of Things (IoT) devices require small

form-factor implementations. Typically, most circuits, including computation, sensing,

and wireless communications, are integrated on a single system-on-chip (SoC), imple-

mented in scaled CMOS (e.g., ≤ 28nm), which operates at 0.6-1V. However, such de-

vices are typically powered by Li-ion batteries, which provide voltages on the order of

2.8-4.2V. Since the high Li-ion voltage range is not compatible with the low voltage re-

quirements of the system implemented in scaled technologies, a DC-DC converter must

be placed between the battery and load.

Typically, the required DC-DC converter is implemented as a discrete power

management IC (PMIC), fabricated in large geometry technologies (e.g.,≥ 180nm) that

can natively handle the high battery voltage. To achieve high efficiency, PMICs typically

utilize inductive switching topologies using off-chip inductors as shown in Figure 3.1(a).

However, once the supply is brought on-chip, a low drop-out regulator (LDO) is used

to support dynamic voltage scaling [45], which degrades end-to-end system efficiency.

Additionally, the employed off-chip inductors are large, which results in increased PCB

design complexity/cost and increased overall system size.

To build a small form-factor power management solution compatible with the

needs of next-generation wearable and IoT devices, it is desired to integrate all DC-

DC conversion and supply regulation functionality into the SoC itself as shown in Fig-
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Figure 3.1: (a) Conventional PMIC for powering scaled CMOS SoCs. (b) Proposed concept for
a fully-integrated Li-ion-compatible voltage regulator.

ure 3.1(b). There are two primary challenges here: most scaled processes do not have

transistors that natively support Li-ion voltages, and the quality of on-chip passives are

typically not nearly as good as what is available off-chip. Fortunately, it is possible

to stack low-voltage transistors to support high voltage blocking capabilities, and fur-

thermore, the small parasitic capacitance of scaled transistors can allow high switching

frequencies, which can shrink the size of the switching passives to the point where

they can be reasonably integrated on-chip. Additionally, the high switching frequency

enables fast transient voltage tracking and reduced voltage droop. However, stacking

transistors does invoke additional loss mechanisms and can complicate the control sig-

nals generation, while the use of conventional converter topologies may not exploit the

available energy or power density of on-chip passives to the fullest extend possible.

This chapter presents a fully-integrated modified 4-level hybrid converter that

achieves up to 78% efficiency when converting from 2.8-4.2V to 0.6-1.2V using low-

voltage transistors and on-chip passives in 28nm FDSOI. The following sections are or-

ganized as follows: Section 3.1 summarizes the prior-art fully-integrated DC-DC con-

verter architectures in Section 3.1. Section 3.2 describes a conventional 2-level buck

solution, a conventional 4-level hybrid, and then introduces the modified 4-level hybrid
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topology. Section 3.3 then describes the power stage parasitic model and associated

losses, while comparing the results of different topologies. Section 3.4 discusses cir-

cuit implementation details, with specific emphasis on the driver architecture and the

proposed level shifter. Finally, measurement results are presented in Section 3.5.

3.1 Li-Ion-Compatible Fully-Integrated Archi-
tectures

3.1.1 Prior Work

Integrated DC-DC conversion can occur either via linear regulation or via switch-

ing converters, the latter of which is preferred for efficiency reasons. In either case, con-

version can occur from a low, PMIC-derived supply voltage , or directly from the Li-ion

battery , the latter of which is preferred for miniaturized systems.

Existing switching converter architectures include on-chip buck converters [46],

buck converters with magnetic coupling [47, 48], switched capacitor (SC) converters

[49–53], and 3-level converters [54, 55]. While the cited work are all fully-integrated,

the input voltage is limited by the maximum voltage supported by the technology, which

is unfortunately not compatible with Li-ion battery voltages, and thus an external PMIC

is still necessary with such approaches.

Some other prior work has implemented fully-integrated SC converters compat-

ible with Li-ion voltages, though they were implemented in technologies that include

high voltage transistors [56–59], not in deeply scaled CMOS where such transistors are

not available. In addition, while SC converters can, with careful design, achieve high

efficiency and/or power density [60], this only occurs at discrete ratios of input to out-

put due to fundamental charge sharing losses, limiting their utility in applications where

DVS or arbitrary output voltages are required. Increasing the number of SC ratios can

help (to, for example, >10), though complex switch structures may make large volt-
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age compatibility and/or achievement of high power density difficult [58, 61]. For these

reasons, to date there have not been any scaled-CMOS-integrated switched-capacitors

converters that are compatible with Li-ion voltages and that achieve high efficiency and

power density over a large input and output voltage range.

Since SC converters have not been pragmatic for Li-ion-compatible DVS-enabled

applications, others have examined the possibility of integrating the inductor of a buck

converter into the SoC. Unfortunately, such work achieved efficiency improvements over

an ideal LDO of only 2% in [46] and up to 20.4% in [47,48] by using magnetic coupling,

all at substantially larger area than an LDO and, importantly, at low (i.e., non Li-ion-

compatible) voltage conversion ratios. The poor quality of available on-chip inductors

(due to high ESR) result in high conduction losses and severe efficiency degradation

over converters that utilize off-chip inductors. In addition, the very low on-chip induc-

tor value (nH range) results in a high switching frequency (100s of MHz), that result

in high switching losses and further efficiency degradation. Thus, conventional 2-level

buck topologies are not well suited for fully-integrated battery-connected converter in

scaled CMOS unless the quality of on-chip inductors can be substantially improved.

While it has been shown that it is possible to integrate a Li-ion-compatible buck con-

verter in a scaled technology by stacking the available low voltage transistors in buck

converter [62, 63], such prior work utilized a bulky off-chip inductor to achieve high

efficiency.

Multilevel converters [54,55] enable wide input/output voltage range and achieve

higher overall efficiency by merging the benefits of inductive and capacitive convert-

ers. Specifically, the flying capacitors in a multilevel converter reduce the voltage

swing seen at the switching terminal of the inductor, and hence reduce the switch-

ing frequency and improve the overall efficiency. Additionally, the inductor helps to

soft charge/discharge the capacitors [64], eliminating charge sharing losses towards in-

creased efficiency and/or power density. Thus, multilevel converters make better use

of passives than conventional SC or buck topologies, which, due to the poor quality

of on-chip passives, make multilevel topologies an attractive choice for fully-integrated
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Figure 3.2: Li-ion Fully-Integrated PMU challenges in 28nm FDSOI.

converters. However, to-date, there have not been any demonstrations of fully-integrated

Li-ion-compatible multilevel converters implemented in scaled CMOS processes.

3.1.2 Challenges of Integrating Li-ion Converters in
Scaled CMOS

The main challenges of integrating Li-ion-compatible converters in scaled CMOS

(e.g., ≤ 28nm) are illustrated in Figure 3.2. First, the voltage blocking capabilities of

scaled CMOS processes tend to be low (e.g., 1.5V in 28nm). As a result, it is necessary

to stack transistors on top of one another to distribute the voltage stress and support the

Li-ion voltage range. Unfortunately, stacking transistors tends to increase conduction

and switching losses, and may require complex and power hungry drivers with many

level shifters to generate the appropriate gate drive signals. Second, high-density ca-

pacitors in scaled CMOS processes also tend to have low voltage blocking capabilities

(e.g., 1.5V in 28nm), and thus it is necessary to stack capacitors to block high voltages,

which increases area and thus decreases power density. Third, the quality and size of

on-chip passives, particularly inductors, tends to be poor in scaled CMOS. Poor quality
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passives increases losses, and increasing the size of the passives to mitigate losses tends

to reduce power density. Finally, DC-DC conversion must occur not at 2:1 ratios, but

rather over much larger, 7:1 ratios to support Li-ion voltages (e.g., up to 4.2V) and low

load voltages (e.g., down to 0.6V). It is generally much more difficult to achieve high

efficiency at large conversion ratios compared to low conversion ratios.

This work overcomes the aforementioned challenges and enables Li-ion com-

patible fully-integrated DC-DC conversion in scaled CMOS by: 1) stacking three 1.5V-

transistors to block the input voltages up to 4.5V when driving an inductor in a buck

configuration; 2) connecting flying capacitors to the exiting internal nodes of the stacked

2-level buck converter, converting the nominal 2-level buck converter into a 4-level hy-

brid converter, which reduces the switching frequency by up to 23x for an up to 33%

efficiency improvement; 3) soft-charging/discharging the capacitors through the induc-

tor, thereby eliminating capacitor charge sharing losses (which tend to dominate the

losses in SC converters); 4) modifying the 4-level converter by changing the switching

states of the flying-capacitor circuit to reduce the steady-state voltage on the first flying

capacitor and reducing its implementation area by 4×; 5) operating the converter in dis-

continuous conduction mode (DCM) to achieve high efficiency at low loads; 6) adding

freewheel switches across the inductor to improve the efficiency and reliability in the

zero current switching phase with negligible effect on losses; 7) exploiting the naturally

switching voltages across the flying capacitors as power/gnd rails for the power stage

drivers, eliminating the need for dedicated power rails, level shifters, or power-hungry

stacked drivers.
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3.2 Building a Li-ion-Compatible DC-DC Con-
verter in 28nm

3.2.1 Starting Point: Stacked 2-Level Buck

If a conventional 2-level buck converter was to be implemented in 28nm using

the available 1.5V-transistor, at least 3 stacked transistors would be required to block

4.2V as shown in Figure3.3 (a). When operating in the discontinuous conduction mode

(DCM), the switching frequency of the 2-Level buck is given by:

Fsw−2L =
2ILdVinCR(1− CR)

LI2pk
, (3.1)

where ILd is the load current, CR is the conversion ratio (i.e., CR = Vout/Vin), and Ipk

is the peak inductor current. As mentioned in Section 3.1, the poor quality of on-chip

inductor makes the 2-Level buck not suitable for the implementation of a fully integrated

battery-connected PMU in scaled CMOS. The large ESR results in high conduction

losses and the small on-chip inductor increases the switching frequency to 100s of MHz,

increasing the switching losses and result in a poor efficiency.
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3.2.2 Improving Efficiency: 4-Level Converter

A) 4-Level: Favorable for Converters with Off-Chip Passives

Given that the stacked transistors are necessary, it is advantageous to exploit

the existing internal nodes of the nominally 2-level buck, and add flying capacitors to

convert the 2-Level buck into a 4-level converter, as inspired by the 3-level work in [54],

and shown in Figure3.3 (b). The hybrid converter in Figure 3.3(b) utilizes the high

density flying capacitors to reduce the swing at the inductor terminal, Vx, from Vin to

Vin/3. As a result, the switching frequency of the 4-level converter operating in DCM

is:

Fsw−4L =


2ILdVinCR(1/3−CR)

LI2pk
0 < CR < 1/3;

2ILdVin(CR−1/3)(2/3−CR)

LI2pk
1/3 < CR < 2/3;

2ILdVin(CR−2/3)(1−CR)

LI2pk
2/3 < CR < 1.

(3.2)

Figure 3.4 shows the normalized switching frequency versus the conversion ra-

tio, for the 2-level buck and the 4-level converter, operating in DCM with constant peak

current. The figure shows that for the same value of inductor, the 4-level converter can
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reduce the switching frequency by > 23×, which is translated into up to 33% improve-

ment in the efficiency, making this topology promising for a fully-integrated battery-

connected PMU in scaled technology.

The 4-level converter has three different modes of operation to support an output

voltage from 0 to Vin, and the name 4-level comes from the fact that Vx node takes four

different values: 0, Vin/3, 2Vin/3 and Vin. More specifically, Vx switches between 0 and

Vin/3 (mode 1) or Vin/3 and 2Vin/3 (mode 2) or 2Vin/3 and Vin (mode 3), to enable out-

put voltage range: 0 < Vout < Vin/3, Vin/3 < Vout < 2Vin/3, and 2Vin/3 < Vout < Vin,

respectively. At the boundary of the operating modes (i.e at CR = 1/3, 2/3, 1), the in-

ductor current ripple is approaching 0 and the converter operates as SC converter. Since

the target output voltage of a fully-integrated converter in scaled CMOS will typically

range from 0.6 to 1.0V when converting from a Li-ion battery that varies between 2.8-

4.2V, mode 1 would be the primary mode of operation. Other modes of operation are

discussed in Section 3.6.3.

Figure 3.5(a) shows the inductor current path in different switching phases for

the 4-level converter operating in mode 1, along with the equivalent voltage at Vx and the

flying capacitors state. The timing diagram of the power stage gate signals are shown in

Figure 3.5(b). As shown, the gate-to-source, Vgs, gate-to-drain, Vgd, and drain-to-source,

Vds, voltages of each power stage transistor in each phase never exceeds Vin/3. Thus,

no transistor exceeds its maximum voltage rating, even at the highest compatible Vin. In

each switching phase, the flying capacitorsCf1 andCf2 are either charging, discharging,

or not connected (NC), such that, the capacitors charge is balanced at the end of φ6. The

inductor switching phases of the 4-level converter operating in mode 1, can be described

as following:

• Phase φ1: M1, M4 and M5 are turned ON, while Cf1 is charged and Cf2 is NC.

The voltage on Vx node can be described as: Vx = Vin − Vf1.

• Phases φ2,4,6: M4, M5, and M6 are turned ON, Cf1 and Cf2 are NC, and Vx = 0.
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• Phase φ3: M2, M4, and M6 are turned ON, while Cf1 is discharged and Cf2 is

charged. The voltage on Vx node can be described as: Vx = Vf1 − Vf2.

• Phase φ5: M3, M5, and M6 are turned ON, while Cf1 is NC and Cf2 is dis-

charged. The voltage on Vx node can be described as: Vx = Vf2.

In steady state: Vf1 = 2Vin/3, Vf2 = Vin/3, and Vx equals 0 in φ2,4,6, and Vin/3

in φ1,3,5.

B) Modified 4-Level: Favorable for Fully-Integrated Converter with
ON-Chip Passives

While the 4-level topology in Figure 3.3(b) improves the efficiency over the

2-level buck and supports operation from a Li-ion battery without additional power

switches, the steady state voltage across the flying capacitor Cf1 equals 2Vin/3. If im-

plemented using the available high-density 1.4V capacitors, capacitor stacking of Cf1

would be required, resulting in a flying-capacitor that is 4× the implementation area of

Cf2 for the same amount of capacitance.

To reduce the voltage stress on Cf1 and eliminate its area penalty, a modified

4-level topology, shown in Figure 3.3(c), is proposed and fabricated in this work. The

switching states of the flying capacitors are changed to reduce the voltage stress on Cf1

from 2Vin/3 to Vin/3, thereby reducing the Cf1 implementation area by 4×. Here, three

extra power switches are added: two in series with the stack to reduce the voltage stress

on the top and the bottom switches, and one in parallel to enable the new capacitor

switching state. For the same total area as the 4-level topology in Figure 3.3(b), the

proposed modified 4-level topology in Figure 3.3(c) can utilize larger passives, and thus

achieves up to 12% higher overall efficiency, even when including the losses of the

additional power switches.

The proposed converter operates in DCM to achieve high efficiency over low

output current ranges appropriate for IoT applications. If the inductor were left float-

ing during the zero switching phase, large ringing may present itself at the Vx node,
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potentially over-stressing the power switches. To prevent this from occurring, a pair of

freewheel switches that help to eliminate ringing are added. The freewheel switches turn

ON only when the inductor current is nearly zero so they do not contribute to conduc-

tion losses. Therefore, the freewheel switches are sized small relative to the main power

stage switches, making them not contribute to tangible switching losses either. Thus,

the freewheel switches have a negligible effect on the overall achievable efficiency.

Figure 3.6 shows the power stage inductor current path, the flying capacitors

state, and the Vx node voltage of the proposed modified 4-level during each inductor

switching phase. Figure 3.7 shows the corresponding timing diagram of the power stage

gate signals. The gate voltage of the power stage transistors in each phase is set such

that Vgs, Vgd, and Vds for each transistor do not exceed the maximum voltage of Vin/3.

In each switching phase, flying capacitors Cf1 and Cf2 are either charging, discharging,

or not connected (NC), such that the capacitor’s charges are balanced at the end of φ6.

The inductor switching phases of the modified 4-level converter can be described as

following:

• Phase φ1: M1, M1s, M4 and M7 are turned ON, while Cf1 and Cf2 are charging.

The voltage on Vx node can be described as: Vx = Vin − Vf1 − Vf2.

• Phases φ2,4,6: M4, M5, M6s and M6 are turned ON, Cf1 and Cf2 are NC, and

Vx = 0.

• Phase φ3: M2, M3, M6s and M6 are turned ON, while Cf1 is discharged and Cf2

is NC. The voltage on Vx node can be described as: Vx = Vf1.

• Phase φ5: M3, M5, M6s and M6 are turned ON, while Cf1 is NC and Cf2 is

discharged. The voltage on Vx node can be described as: Vx = Vf2.

• Phase φFW : Mfwn, Mfwp are turned ON, and the inductor terminals are shorted

to Vout to avoid ringing in this phase.
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In steady state: Vf1 = Vin/3, Vf2 = Vin/3, and Vx equals 0 in φ2,4,6, Vin/3 in

φ1,3,5, and Vout in φFW .

It should be noted that the proposed modified 4-level topology in Figure 3.3(c)

is better suited relative to the 4-level in Figure 3.3(b) in fully-integrated applications

where low-voltage on-chip passives are utilized. If off-chip passives are utilized, which

tend to have higher voltage ratings, then the 4-level topology in 3.3(b) is superior due to

fewer switches in the power stage and the lack of needing to limit the voltage swing on

the off-chip capacitors.

3.3 Power Stage Losses Analysis

The efficiency of a DC-DC converter depends on the power losses, and can be

computed via the following equation:

65



η =
1

1 + Ploss/Pout
. (3.3)

The dominant power stage losses, Ploss, in an inductive converter are comprised

of conduction losses, Pcond, and switching losses, Psw, (i.e., Ploss = Pcond + Psw).

Conduction and switching losses can be represented by an effective resistance, Reff ,

and an effective capacitance, Ceff , respectively [65].

For an inductive converter operating in DCM, the power stage conduction loss

is given by:

Pcond =

(
2

3
IpkILd

)
Reff , (3.4)

while the power stage switching loss is given by:

Psw = CeffFswV
2
in, (3.5)

where Ceff is the total capacitance of the power stage topology referred to ground, and

switching between 0 and Vin at switching frequency Fsw.

3.3.1 Effective Resistance Computation

The effective resistance of an inductive converter can be computed based on the

power switch ON resistance, rsw, the flying capacitors ESR, rc, and the inductor ESR,

rL.

The flying capacitors charge balance can be maintained by keeping the the same

capacitor charging and discharging time (i.e., constant inductor charging time, Ton), and

the same RC time constant in each charging/discharging phase. Therefore, the pMOS

and nMOS are sized such that, the pMOS ON resistance, rswp , equals to the nMOS ON

resistance, rswn , (i.e., rswp = rswn = rsw):

Wp = Wn

rswpo

rswno

, (3.6)
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where Wp is the pMOS transistor width, Wn is the nMOS transistor width, rswpo is the

the pMOS transistor ON resistance per unit width, and rswno is the the pMOS transistor

ON resistance per unit width. For the 1.5V-transistors in the employed technology,

rswpo/rswno ≈ 2 (i.e., Wp = 2Wn = 2W ).

The computed Reff for the 3 different topologies operating in mode 1 (0 <

Vout < V in/3) is:

• 2-Level Buck: Reff = 3rswo/W + rL

• 4-Level: Reff = 3rswo/W + rL + 4CR rc

• Modified 4-Level: Reff = 4rswo/W + rL + 4CR rc

where rswo is the transistor ON resistance per unit width. Figure 3.8 shows the computed

series resistance for the three different topologies.

3.3.2 Effective Capacitance Computation

There are many internal switching nodes in the stacked configuration of the

power stage. The effective capacitance is computed based on Miller Coupling Factor

(MCF) [66]. MCF is a multiplying factor that describes the coupling capacitance, Cc,

between two switching nodes; V1 and V2 to find the equivalent capacitance to ground:

MCF =
dV1/dt− dV2/dt

dV1/dt
. (3.7)

The equivalent capacitance to ground normalized to V 2
in can be expressed as

following:

Cgnd = Cc

(
∆V1
Vin

)2

MCF, (3.8)

where Cc is specifically the gate-to-source capacitance, Cgs, and the gate-to-

drain capacitance, Cgd of the MOSFET. Figure 3.8 (a), (b), and (c) show the computed

capacitance referred to ground and the effective junction capacitance, Cj , at all nodes
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for the three different topologies: 2-Level Buck, 4-Level, and the proposed modified

4-Level, respectively.

The total MOSFET effective parasitic capacitance for each topology can be com-

puted by summing up the total capacitance n referred to ground and normalized to V 2
in

as follows:

Ceff = K4L

n∑
i=1

Cc

(
∆Vi,1
Vin

)2

MCFi, (3.9)

where K4L is the multilevel converter improvement factor. To find the total effective

capacitance at the same switching frequency for the three topologies, the total power

stage capacitance is multiplied byK4L, whereK4L = Fsw−4L/Fsw−2L (i.e., K4L = 1 for

the 2-level buck converter, and K4L = (1−CR)/(1/3−CR) for the 4-level converter,

operating in mode 1).

Since Wp = 2Wn = 2W , then Cgp = 2Cgn and Cjp = 2Cjn, where Cjp and

Cjn are the junction capacitance of the pMOS and nMOS, respectively, and Cgp and

Cgn are the total gate capacitance of the pMOS and nMOS, respectively. Note that

Cg = Cgs + Cgd, and Cgs ≈ Cgd.

The computed Ceff for the three different topologies can be expressed as fol-

lowing:

• 2-Level Buck:

Ceff ≈ 2.7WCgno + 6.3WCjno + Cx

• 4-Level:

Ceff ≈ K4L(1.5WCgno + 3WCjno + Cx/3 + 1.3Cpar)

• Modified 4-Level:

Ceff ≈ K4L(3.7WCgno + 6WCjno + Cx/3 + 1.1Cpar),

where Cgno and Cjno are capacitance per unit width, Cpar is the parasitic capacitance of

the flying capacitors, and Cx is the parasitic capacitance at Vx node.
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Figure 3.8: Power stage parasitic model including the equivalent effective resistance and effec-
tive capacitance computed based on voltage switching on each node and normalized to V 2

in: (a)
Two-Level Buck, (b) Four-Level converter,(c) Modified four-Level converter.

69



Table 3.1: Effective resistance and capacitance for different topologies.

2-Level Buck 4-Level Modified 4-Level

Reff 3𝑟𝑠𝑤 + 𝑟𝐿 3𝑟𝑠𝑤 + 𝑟𝐿 + 4𝐶𝑅 𝑟𝑐 4𝑟𝑠𝑤 + 𝑟𝐿 + 4𝐶𝑅 𝑟𝑐

Ceff
2.7𝐶𝑔𝑛 + 6.3𝐶𝑗𝑛 +𝐶𝑥 𝑲𝟒𝑳(1.5𝐶𝑔𝑛 + 3𝐶𝑗𝑛 +𝐶𝑥/3 + 1.3𝐶𝑝𝑎𝑟) 𝑲𝟒𝑳(3.7𝐶𝑔𝑛 + 6𝐶𝑗𝑛 +𝐶𝑥/3 + 1.1𝐶𝑝𝑎𝑟)

Normalized PLoss

Vout/Vin

PLoss-4L

L=3nH, rL=200mΩ

PLoss-4Lmod

PLoss-2L

η4Lmod

η2L

 4L

Simulated Simulated

Figure 3.9: Normalized losses for the 2-level buck, PLoss−2L, the 4-level, PLoss−4L, and the
modified 4-level, PLoss−4Lmod, using the same passive values (L = 3nH, rL = 200mΩ).

3.3.3 Losses Comparison

The losses of the three different topologies: 2-Level Buck, 4-Level, and the

proposed modified 4-Level are compared using the following equation:

Ploss =
2

3
IpkILdReff + CeffFsw−2LV

2
in

=
2

3
IpkILdReff + 2V 3

inCeffILd
CR(1− CR)

LI2pk
(3.10)

Table 3.1 summarizes Reff and Ceff of the three different topologies for 0 < CR <

1/3. The power stage transistors width, Wp and Wn, are optimized for each topology

for minimum losses (i.e., ∂Ploss/∂W = 0).

Figure 3.9 shows the power stage losses for the 2-level buck, PLoss−2L, the 4-
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 4L
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Figure 3.10: Efficiency of the 2-level buck, η2L, the 4-level, η4L, and the modified 4-level,
η4Lmod, using the same passive values (L = 3nH, rL = 200mΩ).

level, PLoss−4L, and the modified 4-level, PLoss−4Lmod, normalized to PLoss−2L. The

normalized power stage losses in Figure 3.9 are compared using the same passive values.

The benefit of the 4-Level converter compared to the 2-level buck in reducing the power

stage losses is clear. It can be noticed that for the same passive values, PLoss−4L is lower

than PLoss−4Lmod, as was expected in Section 3.2. However, as mentioned in Section 3.2,

the implementation area ofCf1 in the 4-level is 4× the implementation area ofCf1 in the

modified 4-level. More specifically, for an inductor value of 3nH , the implementation

area for the 4-level converter would be around 3.2mm2, while it would be only 1.5mm2

for the modified 4-level converter. Figure 3.10 shows the equivalent efficiency for the

2-level buck, η2L, the 4-level, η4L, and the modified 4-level, η4Lmod, using the same

passive values. The modeled results match transistor-level simulations to within 2%.

For the same on-die implementation area, it is expected that the modified 4-level

topology should outperform the 4-level topology due to better capacitor area utilization.

As shown in Figure 3.11, PLoss−4Lmod is indeed lower than PLoss−4L because the mod-

ified 4-level converter allows larger passives than the conventional 4-level converter. It

can be noticed that for the same implementation area, PLoss−2L is lower than PLoss−4L
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Figure 3.11: Normalized losses for the 2-level buck, PLoss−2L, the 4-level, PLoss−4L, and the
modified 4-level, PLoss−4Lmod, using the same on-chip implementation area.

and PLoss−4Lmod at low Vout/Vin. Thus, it may be advantageous to design a recon-

figurable converter that can switch between 2-level buck mode and 4-Level mode to

achieve high efficiency across a wide voltage range. However, For the target conver-

sion ratio in this work, the modified 4-Level converter has the lowest power stage losses

among the three topologies, and is therefore selected for implementation.

3.4 Modified 4-Level Converter Circuit Details

Previously reported buck and hybrid converters [46, 48, 55], operating in con-

tinuous conduction mode (CCM) support high output power but with a limited mini-

mum load current and poor low load efficiency. In order to achieve high efficiency over

low output current ranges appropriate for IoT applications, the proposed converter is

designed to operate in DCM, and regulates the output voltage with constant ON-time

pulse-frequency modulation (PFM). DCM converters exhibit a single-pole system be-

havior, making the control inherently stable, eliminating the need for complex analog

compensation loop design. Figure 3.12 shows the top-level architecture of the proposed

DCM-operated converter. Since a zero current detector was not implemented in the cur-
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Figure 3.12: DCM-operated top-level architecture.

rent prototype, an external clock with appropriate duration of off-time pulses has been

used for testing purposes.

3.4.1 Proposed Driver Circuits

To implement the modified 4-level converter, it is required to drive the power

stage with 3-level gate signals (shown in Figure 3.7) to ensure that no transistor exceeds

the maximum rating of 1.5V (i.e., Vin/3). Figure 3.13(a) and (b) show the detailed

schematic of the proposed drivers and their corresponding waveforms, respectively. Sig-

nals Vbot1, and Vbot2 switches between GND and Vin/3, and can thus use a conventional

2-transistor inverter-based CMOS driver. On the other hand, signals VMid1, and VMid2

are 3-level gate signals which must switch betweenGND, Vin/3, and 2Vin/3. Similarly,

signal VTop2 must switch between GND, Vin/3, and Vin.

Rather than creating new, dedicated power rails for the sole purpose of driving

the power transistors, the proposed drivers exploit the existing switching terminals of

the flying capacitors as dynamic power/ground rails. This eliminates the need for com-
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Figure 3.14: The proposed 3-Level gate signal driver with its power and ground rail connected
to the positive and negative terminals of the flying capacitor, respectively.

plex power-hungry stacked drivers with dedicated power rails, while simultaneously

eliminating the need for many level-shifters. Specifically, the positive terminal of Cf2

(Va2) and the negative terminal of Cf2 (Vb2) are used as power and ground of the two

middle switches drivers, respectively. While the positive terminal of Cf1 (Va1) and the

negative terminal of Cf1 (Vb1) are used as power and ground of the VTop2 driver, re-

spectively. Since the voltage across the flying capacitors equals Vin/3, stacked drivers

are not required, but rather conventional 2-transistor inverter-based CMOS drivers can

be utilized. Figure 3.14 shows the 3-level gate signal generation using conventional 2-

transistor inverter-based CMOS driver. The driver generating VTop2 uses mixed stacked

transistors in the first stage to do level shifting in φ1 only using the flying capacitor ter-

minals voltage. On the other hand, the top switch gate signal, VTop1, switches between

2Vin/3 and Vin and thus requires a level shifter to shift up the input signal switching

between GND and Vin/3 to a signal switching between 2Vin/3 and Vin.

Timing between power stage gate signals is critical for reliability. Non-overlap

circuits are added to ensure none of the transistors are overstressed during transitions.
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For example, a non-overlap circuit is added between Top1in andBot1in to avoid shorting

Cf1 between Vin and GND during transitions. Also, a non-overlap circuit is added

between Top2in and Bot2in to avoid shorting Cf1 to Cf2 during transitions.

When switching from φ1 to φ2, if Mid1in/Mid2in signal switches from Vin/3 to

GND before Va2 and Vb2 switch from 2Vin/3 and Vin/3 to Vin/3 to GND, VMid1/VMid2

transistors will be overstressed. To ensure that this does not occur, a non-overlap circuit

is added to delay the negative edge of Mid1in and Mid2in signals with respect to the

rising edge of Top1in/Bot1in. This ensures that Mid1in/Mid2in will not switch to GND

while Va2 still equals 2Vin/3.

3.4.2 Proposed Level Shifter in FDSOI

The top switch gate signal VTop1 does require a level shifter to convert the FSM

output signal switching betweenGND and Vin/3 up to signal switching between 2Vin/3

and Vin. Figure 3.15 shows the proposed level shifter. The proposed topology is all

digital and ensures that no transistor exceeds the maximum voltage of Vin/3. FDSOI

body biasing is used to improve performance by reducing the threshold voltage when

turned ON and reducing leakage when turned OFF. The low input voltage is shifted-

up by the positive feedback action of the cross-coupled transistors. Connecting the

body of the cross-coupled transistors to their drains instead of their sources reduces

the strength of the pMOS latch [67], and hence enables fast transitions and reduces

the level shifter delay. Connecting the body of the top MOSFETS transistors to a high

voltage reduces the leakage power consumption. Simulations show that the delay of the

proposed topology is only 230ps with total power of 1.27nW at a switching frequency

of 1kHz.

3.4.3 FSM Operation

The output is regulated using constant ON-time pulse-frequency modulation

(PFM). The controller operation is illustrated in the inductor timing diagram in Fig-
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Figure 3.15: Proposed top switch level-shifter topology using body biasing in FDSOI (in = 0 :
Vin/3→ out = 2Vin/3 : Vin).

ure 3.16. The finite state machine (FSM) checks the comparator output every six in-

ductor switching phases. At the end of φ6, if the load did not receive sufficient energy

(i.e., Vout is below the reference voltage, Vref ), the comparator output is low, and the

FSM triggers new six inductor switching phases. But if the load has sufficient energy

(Vout > Vref ), the comparator output is high, and the converter goes to the freewheel

phase φFW . During the freewheel phase, if Vout goes below Vref , the comparator output

goes low and the FSM triggers new six inductor switching phases.

The FSM checks the comparator output and acts only at the end of φ6 for two

reasons. First, to not interrupt the charge balance of the flying capacitors. Second, if

the the FSM checks the comparator’s output at end of φ2, φ4, and φ6, and accordingly

switches to φFW in between, this will result in an effective switching frequency increase

of 3×, resulting in more losses.
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Figure 3.17: Micrograph of the fabricated MISIMO die in 28nm FDSOI.

3.5 Experimental Results

The proposed hybrid 4-level converter is implemented in 28nm FDSOI and oc-

cupies a total area of 1.5mm2. A die micrograph is shown in Figure 3.17. The inductor

is implemented in 0.4356mm2 using the top metal layer, and the flying capacitors are

implemented using high density MIM capacitors. Decoupling capacitors are imple-

mented by stacking MOS, MOM and MIM capacitors vertically. The chip is directly

wire-bonded to a PCB using chip-on-board packaging technology. The wirebonded
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Figure 3.18: Micrograph of the wirebonded chip on board.

chip-on-board used for testing is shown in Figure 3.18. There are many IO pads used

for testing, in real implementation, the area would be much smaller.

The fabricated converter supports an input voltage range of 2.8−4.2V while reg-

ulating an output power rail with a voltage range of 0.6−1.2V, and an output power

of 10µW−40mW. The proposed converter is PFM controlled with a maximum out-

put switching frequency of 200MHz, though due to the 4-level operation, the power

switches maximum switching frequency is only 67MHz.

Measured efficiency versus output power curves for various output voltages are

shown in Figure 3.19. Measurements reveal a peak efficiency of 78% at Vin=3.6V and

Vout=1V. All measurements include the power of the Vin/3 and 2Vin/3 rails, which in

this prototype are provided externally. It should be noted that similar rails would be

needed anyways in a conventional 2-level buck to drive the stacked transistors. Com-

pared to an ideal LDO (shown in dotted lines in Figure 3.19), the proposed modified

4-level converter shows improved efficiency of 39%−50.5% over (1/CR) = 3 − 7,
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Figure 3.19: Measured Efficiency versus output power for different Vout and Vin, alongside a
comparison with an ideal LDO.
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Figure 3.20: Measured efficiency versus output voltage for different Vin at ILoad = 12mA.

which exceeds prior-art Li-ion-compatible converters integrated in scaled CMOS, as

shown in Table 3.2.

Figure 3.20 shows the measured efficiency versus output voltage for different Vin

at ILoad =12mA. It is expected from (3.10) that the power losses reduce as Vin decreases,

and hence, efficiency increases (i.e., efficiency at Vin=3.6V is higher than efficiency at

Vin=4.2V in Figure 3.20). However, in the proposed design, the power switches over-

drive voltage, Vov, equals to Vin/3, thus, as Vin decreases, Vov decreases and the switches

ON resistance increases, thereby increasing the conduction losses. This explains why

the efficiency at Vin=3.3V degrades compared to efficiency at Vin=3.6V.

To test the transient behavior of the circuit, a load step is applied by turning ON

an external MOSFET switch in series with a test load resistor. Figure 3.21 shows that a

10µA to 1mA load step has negligible droop, and the output regulated voltage has only

12mV ripple with a decoupling capacitor 50nF.

Table 3.2 shows a comparison to other Li-ion-compatible fully-integrated. To

the best of the author’s knowledge, no fabricated prior-art fully-integrated converter
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Figure 3.21: Measured load step response at Vin=3.6V with negligible droop and 12mV ripple.

supported Li-ion in scaled CMOS (≤ 28nm) with fine-grain output voltage control for

DVS applications. Thanks in part to DCM-enabled PFM control, the converter achieves

a dynamic load range of 4,000× (10µW-40mW), which exceeds prior-art by ≥8.9×.

While the SC converters presented in [56,57,59] achieve higher power density than this

work, they are implemented in non-scaled technology (i.e 90nm, 65nm, 130nm), with

limited conversion ratios (1/CR = 2.8 in [56], 1/CR = 3− 4 in [57], 1/CR = 3− 3.7

in [59]).

3.6 Discussion

3.6.1 Power Density Limits in DCM

Despite the fact that DCM is favorable mode for low power applications as dis-

cussed in Section 3.4, DCM-operation limits the maximum output power of the con-

verter (and thus the power density), which is determined by the inductor peak current.

In DCM operation, the inductor peak current must be at least double the load current

(i.e., Ipk ≥ 2ILd). Therefore, the current capability of the converter, operating in DCM

is determined by its maximum Ipk. Designing a converter to operate in DCM with a

large Ipk can increase the converter current capability and reduce the converter switch-
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ing frequency as well, and hence, improve efficiency. However, in hybrid topologies, Ipk

is limited by the inductor value, the inductor series resistance, the maximum inductor

charging time (Ton), and the resistance of the employed switches. The inductor on-time

Ton must be less than the inductor resonance time, Tr, where Tr is defined as:

Tr = 2π
√
LCtot, (3.11)

where Ctot= Cf1//Cf2//CL. Hence, as the converter passives increase, Ton and Ipk can

be increased, and thus, the converter current capability and efficiency will increase ac-

cordingly. However, there are area limitations for fully integrated converters, so for a

converter to achieve maximum power (i.e power density) using the same passives value,

the converter can be switched to operate in continuous conduction mode (CCM) at high

load current. It can be shown that the 4-level and modified 4-level converters can be

operated in CCM mode to support higher power densities, though further details will be

subject to future research dissemination.

3.6.2 Flying Capacitors Choice

The flying capacitors voltage ripple, ∆Vc, is proportional to the charge/discharge

time (i.e., Ton), and inversely proportional to the amount of flying capacitor, Cf . In

SC converters, hard switching losses, which occur in the slow switching limit (SSL)

region [68], are proportional to ∆Vc (i.e., Pssl ∝ 1
FswCf

). Therefore, large flying capac-

itors are required to reduce the hard switching losses and improve efficiency. While in

hybrid converters, Cf is soft charged/discharged through the inductor, thus small flying

capacitance can, with a caveat discussed below, be used without sacrificing efficiency.

However, the voltage ripple on Cf can over-stress the power switches so Cf1 and Cf2

values are selected such that the voltage across the power switches doesn’t exceed their

voltage rating. The maximum voltage across the power stage transistors, Vmax, equals

to Vin/3 + ∆Vc. For Vin ≤ 4.2, Vmax ≤ 1.4 + ∆Vc. Therefore, for 1.5V-transistors,
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the maximum allowed flying capacitor ripple, ∆Vmax, is 100mV (i.e., ∆Vc ≤ 100mV ).

The value of the designed flying capacitor can then be computed using the following

formula:

Cf ≥
LI2pk

2Vin(1/3− CR)∆Vmax
(3.12)

3.6.3 Multi-Mode Operation

If the 4-level converter was to be implemented to operate over an output volt-

age range: 0 < Vout < Vin, operating mode 2 (Vin/3 < Vout < 2Vin/3) and mode 3

(2Vin/3 < Vout < Vin) would have to be enabled. In the 4-level converter (Figure 3.3

(b)), mode 2 and mode 3 can be enabled by changing the power stage gate signals in

each mode, hence, enabling the appropriate inductor switching phases in each mode

without any change in the power stage topology. Figure 3.22 (a) shows the 4-level con-

verter switching phases and inductor current paths in mode 2 and Figure 3.22 (b) shows

the equivalent gate signaling timing diagram. While Figure 3.23 (a) and Figure 3.23

(b) show the current path in different switching phases and the equivalent gate signaling

timing diagram, respectively for the converter operating in mode 3.

In the modified 4-level converter (Figure 3.3 (c)), mode 2 and mode 3 can only

be enabled by adding stacked switches to the power stage as shown in Figure 3.24.

The additional power switches are required to enable a new capacitors switching state

and reduce the voltage stress on the power stage transistors. Figure 3.25 shows the

modified 4-level converter switching phases and inductor current paths in mode 2 and

Figure 3.26 shows the equivalent gate signaling timing diagram. While Figure 3.27

(a) and Figure 3.27 (b) show the current path in different switching phases and the

equivalent gate signaling timing diagram, respectively for the converter operating in

mode 3.
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Figure 3.22: (a) Four-level converter current path in different inductor switching phases, op-
erating on mode 2: Vin/3 < Vout < Vin/3. (b) Equivalent Power stage gate signal timing
diagram.
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Vin)

.

3.7 Conclusion

This chapter demonstrated the feasibility of implementing a fully-integrated DC-

DC converter compatible with Li-ion battery voltage (2.8-4.2V), in scaled CMOS (28nm),

using only the available low-voltage transistors (1.5V) and on-chip passives. A modi-

fied 4-level converter, operating in DCM was implemented to achieve high efficiency

over load range of 4,000× (10µW-40mW) appropriate for IoT applications. The pro-

posed architecture utilizes the switching terminals of the flying capacitors as dynamic

power/GND rails for the power stage drivers to eliminate the need for complex power-

hungry stacked drivers with dedicated power rails and level shifters.
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Chapter 4

A Miniaturized Hybrid
Single-Inductor Multiple-Output
DC-DC Converter in 28nm FDSOI

As introduced in Chapter 1, the wireless sensor network device typically consists

of three main functional modules: sensors, a processing unit, and an RF transceiver.

The power management unit (PMU) is responsible for generating dedicated power sup-

ply rails for each module and delivering power efficiently. MISIMO energy harvester

architecture presented in Chapter 2 performed independent multiple load regulation us-

ing a single inductor to meet the small form-factor needs of IoT devices. Although the

proposed architecture is using bulky inductor (10µH) to achieve high efficiency but it

enables net-zero energy system with autonomous operation by simultaneously aggregat-

ing the maximum power from multiple energy source while also managing the charging

and discharging of a battery, all with a single inductor. In Chapter 3, a fully-integrated

Li-ion compatible hybrid DC-DC converter for single-output in 28nm FDSOI presented

to meet the small form-factor challenge of IoT and wearable applications while offering

superior performance compared to prior-art fully-integrated converters. A hybrid 4-

level topology proposed to achieve high efficiency while using the available low voltage

transistors and low-quality on-chip passives. Although the fabricated converter achieves

only 78% peak efficiency and integrating passives (i.e, inductor and capacitors) on 28nm

silicon might be expensive, it is very useful implementation if area is the biggest concern

because it eliminates the need for off-chip components.

In IoT applications; small size, long battery life (i.e, high efficiency), and low
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.

cost are three essential requirements. The work in this chapter presents a power manage-

ment solution that can balance the three requirements. As mentioned in Chapter 3, small

IoT and wearable devices implemented in scaled CMOS use Li-ion batteries with volt-

age range of 2.8-4.2V to supply their low power circuits operating at 0.6-1V. Typically, a

discrete power management integrated circuit (PMIC) implemented in larger-geometry

CMOS nodes (≥ 180nm), that can handle the high battery voltage and utilize bulky

off-chip inductor to achieve high efficiency. Then, multiple LDOs are implemented on-

chip in scaled-CMOS to supply different modules and perform dynamic voltage scaling

(DVS), as shown in Figure 4.1(a). The employed large off-chip inductors and discrete

components result in increased PCB design complexity/cost and increased overall sys-

tem size. In addition, the use of multiple LDOs for multiple outputs DVS results in

a dramatic efficiency degradation. Another conventional implementation is shown in

Figure 4.1(b), where multiple independent switching regulators and multiple inductors

are used to generate the multiple required supply rails. Although this is an efficient

power management implementation but this method is bulky, noisy, expensive and not

applicable for the small form-factor IoT applications. The objective of this work (Fig-

ure 4.1(c)) is to integrate the DC-DC conversion into the SOC itself on 28nm FDSOI
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Figure 4.3: Towards small form-factor H-SIMO for powering IoT applications.
.

and use switching topology with small off-chip passives to perform efficient indepen-

dent multiple load regulation at different voltage and load conditions.

This chapter presents a 5-level hybrid single-inductor multiple-output (H-SIMO)

DC-DC converter, shown in Figure 4.2 that enables a miniaturized, low cost, and effi-

cient Li-ion compatible power management solution for next-generation IoT and wear-

able devices by: 1) utilizing the 1V-thin-oxide transistor of the 28nm FDSOI to build

up the stacked power train necessary for 5-level converter without losing efficiency; 2)

connecting flying capacitors to the existing internal nodes in the power train to convert

the 2-level buck into 5-level, reducing the switching frequency by up to 76× for an up

to 21.5% efficiency improvement; 3) eliminating the need for bulky inductor, reducing

the area of the required off-chip passives by 12.55× and thickness by 3× (Figure 4.3);

4) performing efficient independent multiple load regulation using a single inductor em-

bedded in a hybrid architecture; 5) eliminating the need for a clock generation by using

the load comparators and zero-current-detector outputs as asynchronous clock for the

DC-DC converter; 6) allowing the thin-oxide power train to operate in the sub-threshold

at the startup during the power supply ramp up to charge the flying capacitors and avoid

over-stressing the thin-oxide top-switch that would nominally implemented using thick-
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Figure 4.4: Building buck converter power stage by stacking: (a) 1.5V-transistors (b) 1V-
transistors. (c) Converting the stacked thin-oxide 2-level buck into 5-level converter.

oxide transistor degrading efficiency.

This chapter is organized as follows: Section 4.1 provides an overview for the

conventional 2-level buck solution using thick-oxide and thin-oxide transistors, then in-

troduces the 5-level hybrid topology. Section 4.2 describes the power stage parasitic

model and the associated losses. Section 4.3 then describes the hybrid topology switch-

ing phases. While Section 4.4 describes the multiple-outputs regulation algorithm em-

ployed. Section 4.5 details the circuit implementation of H-SIMO architecture. Finally,

Section 4.6 describes H-SIMO startup.

4.1 Li-ion-Compatible DC-DC Converter

4.1.1 Stacked Buck in 28nm FDSOI

If a conventional 2-level buck converter were to be implemented with the thick-

oxide 1.5V-transistors available in the employed 28nm process, operating from a Li-ion-

compatible Vin ≤ 4.2V , at least three transistors would be required to make up a power
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switch, as depicted in Figure 4.4(a). Previously reported buck in scaled-CMOS [62, 63]

showed that stacking the available low-voltage transistors in a Li-ion-compatible buck

converter while achieving high efficiency is possible but with the use of a bulky off-

chip inductor. Prior work [62] achieved a peak efficiency of only 87.4% using L=10µH

(10mm × 10mm) while utilizing the high-voltage drain extended transistors through a

special process option, to help reducing the number of stacked transistors.

To achieve higher efficiency, thin-oxide 1V-transistors can be utilized and stacked

to build the buck converter as shown in Figure 4.4(b). At least four transistors are

required to block the 4.2V input voltage. Stacking lower voltage transistors would

enable switching the transistors at lower voltage (i.e., Vin/4 instead of Vin/3). Al-

though stacking 1V-transistors would add two extra switches to the power train, the

ON resistance, ron, and gate capacitance, Cg, of the 1V-thin-oxide transistor are lower

than the 1.5V-thick-oxide transistor (Cg,1V ≈ 0.6Cg,1.5V , ron,1V ≈ 0.68ron,1.5V , i.e.,

(RC)1V = 0.4(RC)1.5V ), reducing the power stage losses and making the overall ef-

ficiency higher. Although the overall improvement of efficiency is only ≈ 3.4% at

L=240nH, the thin-oxide implementation always offer lower power stage losses than

the thick-oxide implementation. It should be noted that l = 40nm is used for the thin-

oxide power switch sizing rather than the minimum length l = 30nm to reduce the

leakage losses.

Figure 4.5(a) and (b) show the current path in the inductor charging and dis-

charging phases for a buck converter using 1.5V-thick-oxide transistor and the equiva-

lent power stage gate signal timing diagram, respectively. While Figure 4.6(a) and (b)

show the current path in the inductor charging and discharging phase for a buck con-

verter using 1V-thin-oxide transistor and the equivalent power stage gate signal timing

diagram, respectively.
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4.1.2 Miniaturization: Hybrid DC-DC Converter

The small inductor size (nH range) results in high switching frequency that

causes high switching losses and efficiency degradation. This makes it difficult for prior

work [62, 63] to implement a Li-ion compatible buck in scaled-CMOS with a small

inductor. The switching frequency for a 2-level buck operation in DCM is given by:

Fsw−2L =
2ILdVinCR(1− CR)

LI2pk
, (4.1)

where ILd is the load current, CR is the conversion ratio (i.e., CR = Vout/Vin), and

Ipk is the peak inductor current.To achieve higher efficiency with smaller inductor, it is

advantageous to exploit the existing internal nodes of the stacked 2-level buck in Fig-

ure 4.4(b), and convert it into a 5-level converter by adding flying capacitors, as shown

in Figure 4.4(c). The 5-level hybrid converter in Figure 4.4(c) effectively reduces the

swing at the inductor terminal Vx from 0-to-Vin to 0-to-Vin/4. As a result, the switching

frequency of the 5-level converter operating in DCM is:

Fsw−4L =



2ILdVinCR(1/4−CR)

LI2pk
0 < CR < 1/4;

2ILdVin(CR−1/4)(1/2−CR)

LI2pk
1/4 < CR < 1/2;

2ILdVin(CR−1/2)(3/4−CR)

LI2pk
1/2 < CR < 3/4;

2ILdVin(CR−3/4)(1−CR)

LI2pk
3/4 < CR < 1.

(4.2)

Figure 4.7 shows the normalized switching frequency versus the conversion ratio

for the 2-level buck and the 5-level converter, operating in DCM with constant peak

current. The figure shows that for the same value of inductor, the 5-level converter

can reduce the switching frequency by > 76×, which is translated into up to 21.5%

improvement in the efficiency at L = 240nH , making this topology promising for a

miniaturized battery-connected DC-DC converter in scaled technology.

The 5-level converter has four different modes of operation to support an output

voltage from 0 to Vin, and the name 5-level comes from the fact that Vx node takes five
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Figure 4.7: Normalized switching frequency versus the conversion ratio, for the 2-level buck
and the 5-level converter, operating in DCM with constant peak current Ipk.

different values: 0, Vin/4, Vin/2, 3Vin/4, and Vin. More specifically, Vx switches be-

tween 0 and Vin/4 (mode 1) or Vin/4 and Vin/2 (mode 2) or Vin/2 and 3Vin/4 (mode 3)

or 3Vin/4 and Vin (mode 4), to enable output voltage range: 0 < Vout < Vin/4,

Vin/4 < Vout < Vin/2, Vin/2 < Vout < 3Vin/4, and 3Vin/4 < Vout < Vin, respec-

tively. At the boundary of the operating modes (i.e at CR = 1/4, 1/2, 3/4, 1), the

inductor current ripple is approaching 0 and the converter operates as SC converter. In

this prototype, mode 1 will be the primary mode of operation to target an output voltage

of 0.6 to 1.0V from a Li-ion battery that varies between 2.8-4.2V.

4.2 Power Stage Losses Analysis

As detailed in Section 3.3, the dominant power stage losses, Ploss, in an induc-

tive converter are comprised of conduction losses, Pcond, and switching losses, Psw,

(i.e., Ploss = Pcond + Psw). The conduction and switching losses are represented by an

effective resistance, Reff , and an effective capacitance, Ceff , respectively as follows:
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Pcond =

(
2

3
IpkILd

)
Reff , (4.3)

Psw = CeffFswV
2
in (4.4)

The efficiency of a DC-DC converter is given by the following equation:

η =
1

1 + Ploss/Pout
(4.5)

Figure 4.8 shows the power stage parasitic model of the three different topolo-

gies: 1.5V-thick-oxide buck, 1V-thin-oxide buck, and 5-level converter including the

computed effective resistance and capacitance. The aggressive scaling of interconnect

in 28nm CMOS technology makes the metal connections thinner and closely spaced,

thus, increasing the interconnect resistance and capacitance significantly. As a result,

the interconnections parasitic highly impacts the power stage losses and the overall effi-

ciency so it becomes a must to include the interconnect resistance and capacitance in the

parasitic model of the power stage. The dominant interconnect capacitance losses are

the coupling capacitors between the source and drain metal connections of the power

switch.

The computed Reff for the three different topologies operating in mode 1 (0 <

Vout < V in/4) is:

• 2-Level Buck (1.5V-thick-oxide): Reff = 3rswo,1.5/W + rL + rint

• 2-Level Buck (1V-thin-oxide): Reff = 4rswo,1/W + rL + rint

• 5-Level: Reff = 4rswo,1v/W + rL + 6CR rc + rint

where rswo is the transistor ON resistance per unit width, and rint is the intercon-

nect resistance. The computed Ceff for the three different topologies can be expressed

as following:
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Table 4.1: Effective resistance and capacitance for different topologies.

2-Level Buck
5-Level

1.5V 1V

Reff 3𝑟𝑠𝑤,1.5 + 𝑟𝐿 + 𝑟𝑖𝑛𝑡 4𝑟𝑠𝑤,1 + 𝑟𝐿 + 𝑟𝑖𝑛𝑡 4𝑟𝑠𝑤,1 + 𝑟𝐿 + 6𝐶𝑅 𝑟𝑐 +𝑟𝑖𝑛𝑡

Ceff

3.6𝐶𝑔𝑛,1.5 + 8.4𝐶𝑗𝑛,1.5
+ 𝐶𝑥 + 2.1𝐶𝑖𝑛𝑡

3.4𝐶𝑔𝑛,1 + 7𝐶𝑗𝑛,1 +𝐶𝑥 +

1.75𝐶𝑖𝑛𝑡
𝐾5𝐿(1.5𝐶𝑔𝑛,1 + 4𝐶𝑗𝑛,1 +𝐶𝑥/4 + 𝐶𝑝𝑎𝑑 + 𝐶𝑖𝑛𝑡)

𝐶𝑔,1 = 0.6 𝐶𝑔,1.5
𝑟𝑠𝑤,1 = 0.68 𝑟𝑠𝑤,1.5

• 2-Level Buck (1.5V-thick-oxide):

Ceff ≈ 3.556WCgno + 8.4WCjno + Cx + Cpad + 1.33Cint

• 2-Level Buck (1V-thin-oxide):

Ceff ≈ 3.375WCgno + 7WCjno + Cx + Cpad + 1.25Cint

• 5-Level:

Ceff ≈ K5L(1.5WCgno + 4WCjno + Cx/4 + Cpad + 0.5Cint),

where Cgno and Cjno are capacitance per unit width, Cx is the parasitic capacitance at Vx

node, Cpad is the capacitance seen at the pad, Cint is the interconnect capacitance, and

K5L is the multilevel converter improvement factor, described in details in Section 3.3.2.

For fair comparison between the three topologies, the effective capacitance is computed

at the same switching frequency. Thus, the total power stage capacitance is multiplied

by K5L, where K5L = Fsw/Fsw−2L (i.e., K4L = (1− CR)/(1/4− CR) for the 5-level

converter, operating in mode 1).

Table 4.1 summarizes Reff and Ceff of the three different topologies. It should

be noted that Ceff of the 5-level converter is significantly lower than Ceff of the 2-level

converter.
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Figure 4.9: Proposed hybrid single inductor multiple output (H-SIMO) power stage.

4.3 Power Stage and Switching Phases

Figure 4.9 shows the detailed schematic of the DCM-operated H-SIMO power

stage. Figure 4.10 shows the current path in the nine different inductor switching phases

in one H-SIMO switching cycle when VLd1 is selected as an output, along with the power

stage gate voltages in each phase. The voltage at the gate of power switches in each

phase is set such that the gate-to-source, Vgs, gate-to-drain, Vgd, and drain-to-source, Vds,

voltages of each power stage transistor never exceeds Vin/4. Thus, no transistor exceeds

its maximum voltage rating, even at the highest compatible Vin. Figure 4.11 shows the

corresponding inductor current waveform and the voltage at the inductor terminal Vx

node. The nine inductor switching phases can be described as follows:

• Phase φ1: Cf1 is charged, Cf2 and Cf3 are not connected, Vx = Vin/4, and Vp

connected to the output.
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Figure 4.10: H-SIMO current path along with the gate voltage of each power stage transistor in
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Figure 4.11: Inductor current waveform and voltage at Vx node equivalent to the nine inductor
switching phases shown in Figure 4.10.

• Phases φ2,4,6,8: Cf1, Cf2, andCf3 are not connected, Vx = 0, and Vp is connected

to the output.

• Phase φ3: Cf1 is discharged, Cf2 is charged, Cf3 is not connected, Vx = Vin/4,

and Vp is connected to the output.

• Phase φ5: Cf1 and Cf2 are not connected, and Cf3 is discharged, Vx = Vin/4,

and Vp is connected to the output.

• Phase φ7: Cf1 is NC, Cf2 is discharged, Cf3 is charged, Vx = Vin/4, and Vp is

connected to the output.

• Phase φFW : Cf1, Cf2, and Cf3 are not connected, Vx = 0, Vp = 0, the freewheel

switch is enabled, and the output is disconnected.

The inductor is time shared among the three output loads and the same nine

inductor switching phases enabled when VLd2 or VLd3 is selected as an output, as shown

in Figure 4.12.

4.4 H-SIMO Multiple Load Regulation

Section 2.3 described the different switching schemes for single inductor mul-

tiple load regulation and discussed the advantages and disadvantages of each scheme.

The switching schemes in Figure 2.12 for buck-boost converter can be applied to buck

converters as well. In scheme 1 and scheme 2, inductor switching cycle is dedicated
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Figure 4.12: Inductor current waveform for the time shared inductor among the three outputs.
Each output is selected for nine inductor switching phases.

for each load while scheme 3 suggested charging all loads in one switching cycle to

reduce switching frequency. Although scheme 3 can offer lower switching losses and

ripple than other schemes but can’t be employed in hybrid architecture because if the

output voltages of the three output loads are different, the inductor charging time, Ton,

will be different and the capacitors charge balance will not be maintained. Therefore,

scheme 1 and scheme 2 are the appropriate switching schemes for H-SIMO. As mention

before in Section 2.3, the controller of scheme 1 never switches to the next load until

the current load receives sufficient energy, making the high load dominates the inductor

causing cross regulation and voltage droop in case of load step. While scheme 2 limits

the number of cycles for each load to avoid cross regulation and voltage droop. H-SIMO

adopts scheme 2 and never switches to the next load before the end of the eight inductor

switching phases to maintain the capacitor charge balance. It also prevents charging

the same load in two successive switching cycles if other loads requires energy to avoid

cross regulation and voltage droop.
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Figure 4.13: Inductor current timing diagram describing the finite state machine (FSM) opera-
tion under different load conditions.

4.4.1 H-SIMO Event-Driven Asynchronous Controller

H-SIMO controller is event driven controller and doesn’t require external clock

except at startup. A slow clock (∼ 10kHz) is required during supplies ramp up at startup

to charge the flying capacitors, described later in Section 4.6. After that, the negative

edge of the chip RST pulse kick start the first inductor charging phase. Then during the

operation of the H-SIMO, there are three trigger sources: 1) the ON-time control block

the triggers the end of the inductor charging phase; 2) the zero current detector (ZCD)

output that triggers the start of inductor charging phase; 3) the load comparators outputs

that trigger new switching cycle during the freewheel phase.

4.4.2 H-SIMO Control Algorithm

The outputs are regulated using constant ON-time pulse-frequency modulation

(PFM). The controller operation is illustrated in the inductor timing diagram in Fig-

ure 4.13. The finite state machine (FSM) checks the comparator output every eight
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Figure 4.14: H-SIMO controller flowchart.

inductor switching phases. At the end of φ8, if all loads have sufficient energy indicated

by the load comparators outputs, the FSM triggers the freewheel phase φFW . During the

freewheel phase, if any of the loads comparator outputs go low, the new eight inductor

switching phases will be triggered by the comparator output of the load that requires

energy. The FSM will never select the same output for two successive cycles if other

outputs require energy to reduce cross regulation and avoid voltage droop.

Figure 4.14 shows the proposed H-SIMO control algorithm. The proposed al-

gorithm selects one of the three loads as an output for one or more switching cycles
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based on the load condition or enables the freewheel phase. The load condition is de-

fined by two signals Ldj cmp and ld needs energy, where j is the load index. The

ld needs energy signal is asserted if the output of any of the load comparators (i.e.,

Ldj cmp =′ 0′); which indicates that one of the loads require energy. The controller is

triggered only in φ8 when zero current is detected (ZCD =′ 1′) or in φFW if any of

the loads requires energy (i.e., ld needs energy =′ 1′). If any of the three loads have

an energy deficit (Ldj cmp =′ 0′), the controller triggers new switching cycle (8 phases)

for the selected output. Otherwise, the controller enables the freewheel phase. During

φFW , ld needs energy signal triggers the controller if any of the loads require energy

to enable new eight inductor switching phases.

4.5 H-SIMO Architecture and Circuit Details

Figure 4.15 shows the proposed H-SIMO architecture. It consists of a power

stage, non-overlap circuits, level shifters, drivers, load comparators, a ZCD circuit, and

a digital controller. The proposed H-SIMO architecture operates in discontinuous con-

duction mode (DCM) and independently regulates three different output power rails. As

mentioned earlier in Section 4.4.1, H-SIMO is self-clocked architecture, external slow

clock is required only during startup. All the transistors used in the Li-ion compatible

H-SIMO prototype are 1V-thin-oxide transistors except for the decoupling capacitors.

As a result, the delay and losses are low compared to the thick-oxide implementation.

4.5.1 Driver Circuits

Figure 4.10 shows the power switches gate voltages in the nine different inductor

switching phases. The voltage at the gate of power switches in each phase is set such

that the Vgs, Vgd, and Vds, never exceed Vin/4. Thus, no transistor exceeds its maximum

voltage rating, even at the highest compatible Vin. Figure 4.16 shows a timing diagram

including the inductor current waveform and the power switches gate voltages. It should
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Figure 4.15: Block diagram of asynchronous H-SIMO architecture.

be noted that gate signals: Stop2, Stop3, Smid1, Smid2, Sbot2, and Sbot3 are 3-level signals

and require special design for the corresponding power switches drivers.

The proposed detailed schematic of the drivers architecture is shown in Fig-

ure 4.17. The proposed drivers driving the power switches with 3-level gate signals

utilize the positive and negative switching terminals of the the flying capacitors as

power and ground rails to reduce the number of the required stacked transistors and

level shifters in drivers.

Figure 4.18 shows the equivalent drivers waveforms. The top switch gate volt-
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Figure 4.16: Power stage timing diagram showing the inductor current, the voltage at inductor
terminal Vx, and the power switches gate voltage in different switching phases.

age, Stop1, switches between 3Vin/4 and Vin and thus requires a level shifter to shift up

the input FSM signal switching between GND and Vin/4 to a signal switching between

3Vin/4 and Vin. Signals Sbot1, SLd1, SLd2, SLd3 and Sfw switch between GND and

Vin/4, and thus use a conventional 2-transistor inverter-based CMOS driver.

The drivers of the two middle switches with gate voltages Smid1 and Smid2 utilize

the switching positive terminal of Cf3 (Va3) and the switching negative terminal of Cf3

(Vb3) as power and ground rail, respectively. Since the voltage across the flying capac-

itors equals Vin/4, stacked drivers are not required, but rather conventional 2-transistor

inverter-based CMOS drivers is utilized to drive the 3-level gate signals and no level

shifters required. A non-overlap between gmid1 and gmid2 is added before the drivers.

The bottom switches with gate voltages Sbot2 and Sbot3 require drivers with

stacked transistors shown in Figure 4.17. Drivers Sbot2 and Sbot3 utilize the negative

switching terminals of Cf1 (Vb1) and of Cf2 (Vb2) as power/GND rails, respectively to
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Figure 4.17: Detailed schematic of H-SIMO power stage drivers architecture.

reduce the number of stacked transistors and level shifters. The input voltages of Sbot2

and Sbot3 drivers: g1 bot2, g2 bot2, g1 bot3, and g2 bot3, shown in Figure 4.18 require

level shifters to shift up the FSM signal switching between GND and Vin/4 to a signal

switching between Vin/4 and Vin/2.

The top switches with gate voltages Stop2 and Stop3 require drivers with stacked

nMOS transistors shown in Figure 4.17. Drivers Stop2 and Stop3 utilize the positive

switching terminals of Cf1 (Va1) and of Cf2 (Va2) as power/GND rails, respectively to

reduce the number of stacked transistors and level shifters. The Stop2 and Stop3 driver

waveforms are shown in shown in Figure 4.18. The input voltages of Stop2: g1 top2

and g2 top2 require level shifters to shift up the FSM signal switching between GND

and Vin/4 to a signal switching between Vin/2 and 3Vin/4. While the input voltages of

Stop3: g1 top3 and g2 top3 require level shifters to shift up the FSM signal switching
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between GND and Vin/4 to a signal switching between Vin/4 and Vin/2.

4.5.2 Level Shifters

The top switchM1 driver requires a level shifter to convert the FSM output signal

switching between GND and Vin/4 to signal switching between 3Vin/4 and Vin. The

drivers of M3, M6, and M7 require level shifter to shift up the FSM signal switching

between GND and Vin/4 to a signal switching between Vin/4 and Vin/2. While the

driver M2 requires level shifter to shift up the FSM signal switching between GND and

Vin/4 to a signal switching between Vin/2 and 3Vin/4.

Figure 4.19 shows the proposed level shifter. A single cell can shift the signal

by Vin/4. Then can be cascaded to achieve the desired level-shifting. The proposed

topology is all digital and ensures that no transistor exceeds the maximum voltage of

Vin/4. Hence, all transistors are 1V-thin-oxide. FDSOI body biasing is used to improve

performance by reducing the threshold voltage when turned ON and reducing leakage

when turned OFF. The low input voltage is shifted-up by the positive feedback action

of the cross-coupled transistors. Connecting the body of the cross-coupled transistors

to their drains instead of their sources reduces the strength of the pMOS latch [67], and

hence enables fast transitions and reduces the level shifter delay. Connecting the body of

the top MOSFETS transistors to a high voltage reduces the leakage power consumption.

4.5.3 Asynchronous Clock Generation

Figure 4.20 shows the circuit details of the asynchronous clock generation and

Ton control. The negative edge of the chip RST signal acts as the first trigger to kick-

start H-SIMO after startup (described later in Section 4.6). The ON time control bits,

Ton bit < 3 : 0 >, are the bits controlling the pulse width, Ton, of H-SIMO clock.

A binary-wighted MOM-capacitor delay-controlled line is used to generate the pulse

using the Ton bit < 3 : 0 > control bits, as illustrated in Figure 4.20. As shown in

Figure 4.20, the zero current detector output, ZCD, is the clock trigger if the converter
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is not in the freewheel phase (i.e., FW =′ 0′) or during the inductor discharging phase

(i.e., HSIMO CLK = 0). While during the freewheel phase (i.e, FW = 1), the

negative edge of the load comparators outputs (i.e., negative edge of ld needs energy

signal) are the H-SIMO clock triggers.

4.5.4 Duty-Cycled Zero Current Detector

The ZCD block shown in Figure 4.21 detects the inductor zero current crossing

by comparing the voltage at V x node to GND. For low inductor values (i.e., 240nH),

the ZCD design is challenging as the detector has to operate at very high speed. Fortu-
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Figure 4.21: Zero current detector.

nately, the voltage at Vx node changes from 0-to-Vin/4 so the input differential pair can

be implemented using common gate thin oxide rather than thick oxide, improving the

performance.

The ZCD is a power hungry block, as the detector has to operate at high speed in

order to avoid negative inductor current that results in efficiency degradation. To reduce

ZCD power, prior work has suggested digital calibration techniques for the inductor

discharging time to avoid the need for a power-hungry analog comparator [35]. How-

ever, this is not applicable for H-SIMO because the ZCD point changes every inductor

switching cycle due to the multiple load regulation. Thus, an analog ZCD is necessary.

Fortunately, it can be noted that zero current detection only needs to occur at the end

of the inductor discharging phase. Thus, to save power, the ZCD comparator is duty-

cycled to be enabled only during φ2,4,6,8 (i.e., zcden =′ 1′), which, importantly, is much

smaller than φFW at low load currents. Once the ZCD output triggers the end of φ2,4,6,8,

it is turned off the rest of the switching cycle, making the ZCD power consumption

negligible.
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Figure 4.22: H-SIMO startup sequence, the two signals: EXTCLK EN and RST PULSE
are generated to setup the startup sequence.

4.6 Startup

As mentioned earlier in Section 4.4.1, H-SIMO controller doesn’t require exter-

nal clock except at startup. A slow clock (∼ 10kHz) is required during supplies ramp

up at startup to charge the flying capacitors. After that, the H-SIMO is self-clocked.

Figure 4.22 shows the startup sequence. There are three different modes: startup, re-

set mode, operation. Figure 4.22 shows the digital circuits generating the two signals:

EXTCLK EN andRST PULSE necessary to trigger the different startup sequence.

Starting up the stacked thin-oxide H-SIMO power stage is critical and if it is

not planned properly, the high Li-ion input voltage can break the 1V-thin-oxide tran-
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sistors. Initially, the voltage across all the flying capacitors equals to zero. Hence, the

power stage input voltage, Vin, has to be limited to the maximum transistors voltage

rating in order not to break the top switch (i.e., Vin =′ 1.05V ′). Therefore, initially H-

SIMO power stage operates in sub-threshold, where the power switches switch at 0.25V

(Vin/4 =′ 0.25V ′) until the flying capacitor charge up and the supplies could be ramped

up to higher voltage up to 4.2V. The three flying capacitors Cf1, Cf2, and Cf3 reach

the steady state voltage 3Vin/4, Vin/2, and Vin/4, respectively in the startup mode. One

of the main advantages of utilizing the 1V-thin-oxide transistors in the power train is

the possibility of enabling sub-threshold operation at startup. The alternative solution

would be replacing the top switch with thick-oxide that would degrade the efficiency.

Once the RST signal asserted, The H-SIMO is in reset mode for one clock

period and the three flying capacitors hold the steady state voltage. During the reset

mode, the EXTCLK EN signal de-asserted and the external clock is disabled. At the

end of the reset mode, the negative edge of RST PULSE triggers H-SIMO operation.

4.7 Experimental Results

H-SIMO test-chip taped out in April 2018 and the chip recieved a week before

the thesis was due so measurement results in this section are just preliminary results.

The proposed H-SIMO converter is implemented in 0.42mm2 in 28nm FDSOI.

A die micrograph is shown in Fig. 4.23. Fig. 4.24 demonstrates correct operation of

H-SIMO by verifying the voltage at the internal switching nodes of the power stage

during startup. Measurement in Fig. 4.25 shows a load-step response measurement and

cross regulation test at Vin=4.2V. Here, a load step is applied on one of the rails, and the

measurement results demonstrate independent voltage regulation across the three loads

with only 30mV ripple and negligible droop. This measurement figure also demonstrates

the H-SIMO PFM control .

121



1

2

3

4

5

H-SIMO Power Stage + Level Shifters + Drivers [0.382mm2]

Zero Current Detector  [0.0000845mm2]

Load Hysteresis Comparators  [0.00083mm2]

H-SIMO Controller  [0.000153mm2]
Ton Control Block  [0.0331mm2]

M1 M2 M3 M4

M5M6M7M8 MLd1

MLd2

MLd3
MOM

Caps

13

2

Mfw

 Digital circuits 
for testing

5

4

184µm
1479µm

4
5

5
µ

m
2

3
0
µ

m
Figure 4.23: H-SIMO Test-chip.

4.8 Conclusion

This chapter presented a miniaturized hybrid single-inductor multiple-output (H-

SIMO) power management unit in 28nm FDSOI. H-SIMO converter independently reg-

ulates three different power rails while combining the hybrid architecture benefits. The

proposed H-SIMO utilized the 28nm 1V-thin-oxide transistor to build the 5-level con-

verter, reducing the switching frequency by up to 76× for an up to 21.5% efficiency im-

provement. As a result, the proposed H-SIMO eliminates the need for a bulky off-chip

inductor, reducing the area of the required off-chip passives by 12.55× and thickness by

3×.
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Chapter 5

Conclusion

Advances in wearable sensors technology, portable devices and Internet of things

(IoT) put a huge emphasis on building efficient power management unit with small

form-factor. This thesis presented energy harvesting and Li-ion compatible power man-

agement solutions that meets the needs of next-generation IoT devices in 28nm FDSOI.

The first project in Chapter 2 presented a power management unit that meets the

need of small-form-factor net-zero-energy systems by aggregating the maximum avail-

able power from three different energy sources while simultaneously regulating three

output power rails over a wide dynamic load range, while also managing the charging

and discharging of a battery, all in a single-stage single-inductor converter. The proposed

architecture uses hysteresis control to regulate the voltage of each harvester at their re-

spective maximum power points (MPP) using pulse frequency modulation (PFM) and

adaptive inductor ON time, all via a low-power event-driven controller. The converter,

fabricated in 28nm FDSOI, achieves a peak efficiency of 89%, and supports an output

power range from 1µW to 60mW, with efficiency >75% at Vout = 1V , and >69% at

Vout = 0.6− 0.9V , all with a quiescent power of only 262nW.

The second project in Chapter 3 presented a Li-ion compatible fully-integrated

hybrid DC-DC converter implemented in 28nm FDSOI. A modified 4-level converter

is proposed to achieve high efficiency while operating from the 2.8-4.2V Li-ion battery

range by using stacked 1.5V-transistors. The proposed driver architecture exploits the

internal nodes of the power stage as power/gnd rails for drivers, eliminating the need

for dedicated power rails, level shifters, or stacked drivers. The proposed converter op-

erates in discontinuous conduction mode (DCM) and regulates the output with constant
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ON-time pulse-frequency modulation (PFM), to achieve high efficiency across low load

range suitable for wearable/IoT applications. The fabricated chip regulates a 0.6-1.2V

output from a 2.8-4.2V input voltage over an output power range from 10µW to 40mW

with 78% peak efficiency, and switching frequency up to 200MHz. The converter occu-

pies 1.5mm2 of on-die area including a pair of 5nF flying capacitors and a 3nH inductor.

The third project in Chapter 4 presented a miniaturized self-clocked Li-ion-

compatible hybrid single-inductor multiple-output power management uni that simul-

taneously regulates three different output loads. using small footprint off-chip passives.

The proposed converter utilized the 28nm 1V-transistors to build up the 5-level con-

verter, reducing the switching frequency by up to 76× for an up to 21.5% efficiency

improvement. Thereby, eliminating the need for bulky inductor, reducing the area of the

required off-chip passives by 12.55× and thickness by 3×. The hybrid single-inductor

multiple-output converter fabricated in 28nm FDSOI.
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Appendix A

Evaluation of the Possible Number of
Levels and Multilevel Configurations
for N Capacitors

A.1 N + 2 Levels for N Capacitors

The conventional way of building multilevel converter is adding flying capacitor

to the internal node of the 2-level buck power train and adding power switches to the

top and the bottom of the power train. For every additional level, one power switch is

added to the top and one is added to the bottom and additional capacitor is connected

to the internal nodes. Figure A.1 shows a general topology for N capacitors multilevel

with 2N + 2 switches. This simple way of converting 2-level buck to multilevel results

in N + 2 level converter for N flying capacitors.

A.2 2N + 1 Levels for N Capacitors

Although the conventional way of realizing multilevel topologies, described in

Section A.1 can result in small number of switches and efficient topologies in some

cases, specifically scaled-CMOS Li-ion compatible converters but the number of levels

is proportional to the number of capacitors (i.e., N + 2). As a result, more capacitors

and larger area are required to build a multilevel converter with larger number of levels.

The objective of this section is to realize all the possible number of levels for a

given number of capacitors,N . The topologies resulted from this realization are not nec-
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Figure A.1: Conventional way of converting buck to multilevel.

essarily efficient topologies but could be useful if area is a big concern. As an example,

in Chapter 3, a modified 4-level converter was proposed to achieve higher power den-

sity than the conventional 4-level converter for same area if passives are implemented

on-chip.

For N flying capacitors, there are 3N − 1 possible capacitor states; each flying

capacitor is charging or discharging or not connected (NC). To support all the possible

flying capacitors states, for every additional level, two power switches added to the top

and the bottom of the power train and a flying capacitor, and two cross-switches are

connected to the internal nodes. Figure A.2 shows a general topology for N capacitors

multilevel that can support all the possible capacitors states with 4N switches. Differ-

ent flying capacitor states can be represented by M = 3N − 1 KVL equations in the

127



Cf(n-1)
Cfn

Vout

Vin

CL

S0

IL

S2(n+1)

S4n

Cf1

S4n-1

N capacitors

4N switches

VxVf1

+

-

Vf(n-1)+

-
Vfn

+

-

Figure A.2: General multilevel topology with N capacitors and 4N switches.

following form:

ain,iVin + ax,iVx +
N∑
j=1

ax,iafj,iVfj = 0 (A.1)

Where the input voltage coefficient, ain,i, the Vx coefficient, ax,i, and the fly ca-

pacitor coefficient, afj,i, for the steady state equation i = 1..M are defined in (A.2), (A.3),

and (A.4), respectively.

ain,i =

 1 Vin connected;

0 Vin not connected.
(A.2)

ax,i =

 −1 Vin connected;

1 Vin not connected.
(A.3)
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afj,i =


1 ↑ Cfj,i ;

−1 ↓ Cfj,i ;

0 NC Cfj,i

(A.4)

The M KVL steady state equations for N flying capacitors can be represented

by M × (N + 2) multiplied by (N + 2)× 1 matrix as follows:



ain,1 ax,1 ax,1af1,1 . ax,1afN,1

ain,2 ax,2 ax,2af1,2 . ax,2afN,2

ain,3 ax,3 ax,3af1,3 . ax,3afN,3

. . . .
. . .

ain,M ax,M ax,Maf1,M . ax,MafN,M





Vin

Vx

Vf1
. . .

VfN


= 0 (A.5)

By solving different combinations of M KVL steady state equations (i.e., N + 1

out of M equations at a time), the voltage at node Vx and the voltage across the flying

capacitors can be computed for different switching phases. As a result, the different

configurations for all possible number of levels can be deduced along with the corre-

sponding switching phases.

Two Capacitors Multilevel

Figure A.3 shows a general topology for a 2-capacitors multilevel converter with

4N = 8 switches. For two capacitors, there are 3N − 1 = 8 possible flying capacitor

states, which can be represented by eight KVL steady state equations by substituting in

(A.5). The eight KVL steady state equations for two flying capacitors can be represented

by 8 × 4 multiplied by 4 × 1 matrix by substituting in (A.2), (A.4), (A.3), and (A.5) as

follows:
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Figure A.3: Two capacitors multilevel topology.



1 −1 −1 0

1 −1 0 −1

0 1 −1 0

0 1 0 −1

1 −1 −1 1

0 1 −1 1

1 −1 −1 −1

0 1 −1 −1




Vin

Vx

Vf1

Vf2

 = 0 (A.6)

For two capacitors multilevel topology, the maximum possible number of levels and

the different possible configurations can be computed by solving the following KVL

equations (resulted from matrix in (A.6)):
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↑ Cf1 ⇒Vin − Vx − Vf1 = 0 (A.7)

↑ Cf2 ⇒Vin − Vx − Vf2 = 0 (A.8)

↓ Cf1 ⇒Vx − Vf1 = 0 (A.9)

↓ Cf2 ⇒Vx − Vf2 = 0 (A.10)

↑ Cf1 ↓ Cf2 ⇒Vin − Vx − Vf1 + Vf2 = 0 (A.11)

↓ Cf1 ↑ Cf2 ⇒Vx − Vf1 + Vf2 = 0 (A.12)

↑ Cf1 ↑ Cf2 ⇒Vin − Vx − Vf1 − Vf2 = 0 (A.13)

↓ Cf1 ↓ Cf2 ⇒Vx − Vf1 − Vf2 = 0 (A.14)

Matlab script used to solve the different combinations of steady state equations

in (A.7) to (A.14) using function nchoosek(n, k), which returns n!/k!(n− k)! different

combinations, where n is the number of steady state equations (i.e., 3N − 1) and k is the

number of variables (i.e., N + 1). The number of steady state equations describing a 2-

capacitors topology are 8 and the number of variables are 3, specifically Vx, Vf1, and Vf2.

Table A.1 details all possible switching phases for a 2-capacitors multilevel converter

including the flying capacitors state along with the corresponding KVL equation and

ON switches.

Matlab script computed the steady state voltages: Vx, Vf1, and Vf2 and reported

the corresponding three steady state equations for each switching phase, as shown in

Figue A.4. Table A.2 summarizes the possible configurations and number of levels for

a 2-capacitors multilevel converter based on a Matlab script output. The 2-capacitors

multilevel converter can be configured as a 3-level, 4-level, and 5-level converter. Ta-

ble A.2 shows the two possible configurations of 4-level converters described in details

in Chapter 3. While the conventional way to convert buck to multilevel described in Sec-

tion A.1 result in up to 4-level for 2-capacitors topology, this methodology that allows

all the capacitors states shows that 2-capacitors can enable up to 5-level converter.
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Table A.1: All possible switching phases for two capacitors multilevel.

State index no
Capacitors 

state 
Equation ON Switches

1 Cf1↑ Vin-Vx-Vf1=0 S1,4,5

2 Cf2↑ Vin-Vx-Vf2=0 S1,2,4

3 Cf1↓ Vx-Vf1=0 S2,3,6

4 Cf2↓ Vx-Vf2=0 S3,5,6

5 Cf1↑Cf2↓ Vin-Vf1+Vf2-Vx=0 S1,3,5

6 Cf1↓Cf2↑ Vx+Vf2-Vf1=0 S2,4,6

7 Cf1↑Cf2↑ Vin-Vx-Vf1-Vf2=0 S1,4,8

8 Cf1↓Cf2↓ Vx-Vf1-Vf2=0 S3,6,7

9 No change Vin-Vx=0 S1,2,3

10 No change Vx=0 S4,5,6

Three Capacitors Multilevel

The same methodology applied for 3-capacitors multilevel converter to find the

possible number of levels and configurations. Figure A.5 shows a general topology for

a 3-capacitors multilevel converter with 4N = 12 switches. For three capacitors, there

are 3N − 1 = 26 possible flying capacitor states, which can be represented by 26 KVL

steady state equations by substituting in (A.5). The 26 KVL steady state equations for

three flying capacitors can be represented by 26 × 5 multiplied by 5 × 1 matrix by

substituting in (A.2), (A.4), (A.3), and (A.5).

Table A.3 lists all the possible switching phases for a 3-capacitors multilevel con-

verter including the flying capacitors state along with the corresponding KVL equation

and ON switches. A Matlab script computed the steady state voltages: Vx, Vf1, Vf2, and

Vf3 and reported the corresponding four steady state equations for each configuration.

For a 3-capacitors multilevel converter, there

Table A.4 summarizes some of the possible configurations and number of levels

that could be implemented for a 3-capacitors multilevel converter based on a Matlab

script output. For the same number of levels, there are many possible configurations
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Figure A.4: Matlab workspace results.

reported by the Matlab and the choice is based on the designer to optimize efficiency.

Other than 3-level and 4-level, the 3-capacitors multilevel converter can be configured

as 5-level, 6-level, 7-level, 8-level and 9-level converter. The 5-level converter described

in details in Chapter 4 is shown in Table A.4 and it is also realized from the conventional

way of converting buck into multilevel, described in Section A.1.

While the conventional way of converting buck to multilevel described in Sec-

tion A.1 results in up to 5-level for 3-capacitors topology, this methodology that allows

all the capacitors states shows that 3-capacitors can enable up to 9-level converter.
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Table A.2: The number of levels and possible configurations for a reconfigurable 2-capacitors
multilevel converter.

Capacitor 

states
Vf1 Vf2 Vx

3-Level

10 Vin/2 Vin/2 0 Level 1

1,2,3,4 Vin/2 Vin/2 Vin/2 Level 2

9 Vin/2 Vin/2 Vin Level 3

4-Level 

Configuration 1

10 2Vin/3 Vin/3 0 Level 1

1,4,6 2Vin/3 Vin/3 Vin/3 Level 2

2,3,5 2Vin/3 Vin/3 2Vin/3 Level 3

9 2Vin/3 Vin/3 Vin Level 4

Configuration 2

10 Vin/3 Vin/3 0 Level 1

3,4,7 Vin/3 Vin/3 Vin/3 Level 2

1,2,8 Vin/3 Vin/3 2Vin/3 Level 3

9 Vin/3 Vin/3 Vin Level 4

5-Level

10 Vin/2 Vin/4 0 Level 1

4,6,7 Vin/2 Vin/4 Vin/4 Level 2

2,4 Vin/2 Vin/4 Vin/2 Level 3

2,5,8 Vin/2 Vin/4 3Vin/4 Level 4

9 Vin/2 Vin/4 Vin Level 5

Cf2

Cf3Cf1
Vout

Vin

CL

S1

S2

S3

IL

S4

S5

S6

S7

S12

S11
S9

S10

Vf1

+

-
Vf2

+

-
Vf3

+

-

S8

Vx

Figure A.5: Three capacitors multilevel topology.

134



Table A.3: All possible switching phases for three capacitors multilevel.

State index no
Capacitors 

state 
Equation ON Switches

1 Cf1↑ Vin-Vx-Vf1=0 S1,5,6,7

2 Cf2↑ Vin-Vx-Vf2=0 S1,2,5,6

3 Cf1↓ Vx-Vf1=0 S2,3,4,8

4 Cf2↓ Vx-Vf2=0 S3,4,7,8

5 Cf1↑Cf2↓ Vin-Vf1+Vf2-Vx=0 S1,3,4,7

6 Cf1↓Cf2↑ Vx+Vf2-Vf1=0 S2,5,6,8

7 Cf1↑Cf2↑ Vin-Vx-Vf1-Vf2=0 S1,5,6,12

8 Cf1↓Cf2↓ Vx-Vf1-Vf2=0 S5,8,9,11

9 Cf3↑ Vin-Vx-Vf3=0 S1,2,3,5

10 Cf3↓ Vx-Vf3=0 S4,6,7,8

11 Cf1↑Cf2↓Cf3↑ Vin-Vf1+Vf2-Vf3-Vx=0 S1,3,5,7

12 Cf1↓Cf2↑Cf3↑ Vx+Vf1-Vf2-Vf3=0 S2,5,8,10

13 Cf1↑Cf2↑Cf3↑ Vin-Vf1-Vf2-Vf3-Vx=0 S1,5,10,12

14 Cf1↓Cf2↓Cf3↑ Vx+Vf1+Vf2-Vf3=0 S3,5,8,11

15 Cf1↑Cf2↓Cf3↓ Vin-Vf1+Vf2+Vf3-Vx=0 S1,4,7,9

16 Cf1↓Cf2↑Cf3↓ Vx+Vf1-Vf2+Vf3=0 S2,4,6,8

17 Cf1↑Cf2↑Cf3↓ Vin-Vf1-Vf2+Vf3-Vx=0 S1,4,6,12

18 Cf1↓Cf2↓Cf3↓ Vx+Vf1+Vf2+Vf3=0 S4,8,9,11

19 Cf1↑Cf3↓ Vin-Vf1+Vf3-Vx=0 S1,4,6,7

20 Cf1↓Cf3↑ Vx+Vf3-Vf1=0 S2,3,5,8

21 Cf1↑Cf3↑ Vin-Vx-Vf1-Vf3=0 S1,3,5,12

22 Cf1↓Cf3↓ Vx-Vf1-Vf3=0 S4,6,8,11

23 Cf2↑Cf3↓ Vin-Vf2+Vf3-Vx=0 S1,2,4,6

24 Cf2↓Cf3↑ Vx+Vf3-Vf2=0 S3,5,7,8

25 Cf2↑Cf3↑ Vin-Vx-Vf2-Vf3=0 S1,2,5,10

26 Cf2↓Cf3↓ Vx-Vf2-Vf3=0 S4,7,8,9

27 No change Vin-Vx=0 S1,2,3,4

28 No change Vx=0 S5,6,7,8
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Table A.4: The number of levels and possible configurations for a re-configurable 3-capacitors
multilevel converter.

Capacitor 

states
Vf1 Vf2 Vf3 Vx

5-Level

28 3Vin/4 Vin/2 Vin/4 0 Level 1

1,6,10,24 3Vin/4 Vin/2 Vin/4 Vin/4 Level 2

2,19,4,20 3Vin/4 Vin/2 Vin/4 Vin/2 Level 3

9,23,5,3 3Vin/4 Vin/2 Vin/4 3Vin/4 Level 4

27 3Vin/4 Vin/2 Vin/4 Vin Level 5

6-Level

28 3Vin/5 2Vin/5 Vin/5 0 Level 1

6,10,17,24 3Vin/5 2Vin/5 Vin/5 Vin/5 Level 2

1,4,16,20 3Vin/5 2Vin/5 Vin/5 2Vin/5 Level 3

2,3,11,19 3Vin/5 2Vin/5 Vin/5 3Vin/5 Level 4

5,9,14,22 3Vin/5 2Vin/5 Vin/5 4Vin/5 Level 5

27 3Vin/5 2Vin/5 Vin/5 Vin Level 6

7-Level

28 3Vin/6 2Vin/6 Vin/6 0 Level 1

6,7,10,24 3Vin/6 2Vin/6 Vin/6 Vin/6 Level 2

4,16,17,20 3Vin/6 2Vin/6 Vin/6 2Vin/6 Level 3

1,3 3Vin/6 2Vin/6 Vin/6 3Vin/6 Level 4

2,11,14,19 3Vin/6 2Vin/6 Vin/6 4Vin/6 Level 5

5,8,9,23 3Vin/6 2Vin/6 Vin/6 5Vin/6 Level 6

27 3Vin/6 2Vin/6 Vin/6 Vin Level 7

8-Level 

Configuration 1

28 3Vin/7 2Vin/7 Vin/7 0 Level 1

6,10,13,24 3Vin/7 2Vin/7 Vin/7 Vin/7 Level 2

4,7,16,20 3Vin/7 2Vin/7 Vin/7 2Vin/7 Level 3

3, 17, 21, 26 3Vin/7 2Vin/7 Vin/7 3Vin/7 Level 4

1,14,22,25 3Vin/7 2Vin/7 Vin/7 4Vin/7 Level 5

2,8,11,19 3Vin/7 2Vin/7 Vin/7 5Vin/7 Level 6

5,9,18,23 3Vin/7 2Vin/7 Vin/7 6Vin/7 Level 7

27 3Vin/7 2Vin/7 Vin/7 Vin Level 8

Configuration 2

28 4Vin/7 2Vin/7 Vin/7 0 Level 1

7,10,12,24 4Vin/7 2Vin/7 Vin/7 Vin/7 Level 2

4,6,17,21 4Vin/7 2Vin/7 Vin/7 2Vin/7 Level 3

1,16,20,26 4Vin/7 2Vin/7 Vin/7 3Vin/7 Level 4

3,11,19,25 4Vin/7 2Vin/7 Vin/7 4Vin/7 Level 5

2,5,14,22 4Vin/7 2Vin/7 Vin/7 5Vin/7 Level 6

8,9,15,23 4Vin/7 2Vin/7 Vin/7 6Vin/7 Level 7

27 4Vin/7 2Vin/7 Vin/7 Vin Level 8

9-Level

28 4Vin/8 2Vin/8 Vin/8 0 Level 1

10,12,13,24 4Vin/8 2Vin/8 Vin/8 Vin/8 Level 2

4,6,7 4Vin/8 2Vin/8 Vin/8 2Vin/8 Level 3

16,17,20,26 4Vin/8 2Vin/8 Vin/8 3Vin/8 Level 4

1,3 4Vin/8 2Vin/8 Vin/8 4Vin/8 Level 5

11,14,22,25 4Vin/8 2Vin/8 Vin/8 5Vin/8 Level 6

2,8 4Vin/8 2Vin/8 Vin/8 6Vin/8 Level 7

9,15,18,23 4Vin/8 2Vin/8 Vin/8 7Vin/8 Level 8

27 4Vin/8 2Vin/8 Vin/8 Vin Level 9
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Appendix B

Multi-State Reconfigurable Switched
Capacitor DC-DC Converters

Dynamic voltage scaling (DVS) is used as an efficient power reduction technique

in digital circuits by scaling the voltage supply based on the operating mode to the

sub- or near-threshold regions [45]. On-chip DC-DC converters are implemented using

linear regulators or switching converters. Linear dropout regulators (LDO) have small

cost/size overhead but their efficiency is limited to the ratio of output to input voltage. In

contrast, reconfigurable switched capacitor (SC) converters can maintain high efficiency

across wide output voltage by enabling multi-ratio configuration modes at the expense

of increase in the area and design complexity.

Switched capacitor voltage regulators exhibit its peak efficiency at output volt-

age, Vout, equals to its maximum voltage, Vmax = CR.Vin, where CR is the conversion

ratio and Vin is the input voltage. Reconfigurable SC with multiple conversion ratios

can maintain high efficiency across wide range of output voltages [51, 61]. In [61], a

four 2:1 power stages cascaded in a recursive way is used to realize 15 conversion ratios.

However, this two capacitor states SC needs many capacitors and power transistors to

achieve large number of conversion ratios. In [69] and [70], 3-states SC introduced to

achieve more conversion ratios using the same number of fly capacitors.

This chapter presents the multi-state reconfigurable SC to realize the maximum

conversion ratios without adding flying capacitors or power switches. Figure B.1 shows

the expected efficiency of the three flying capacitors binary SC with 8 conversion ratios

versus the proposed multi-state reconfigurable SC that yields 23 conversion ratios using
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Figure B.1: The expected SC efficiency versus V out for the binary SC and the proposed multi-
state SC with three flying capacitors.

the same number of fly capacitors assuming Rout << RL. Simulations of three capaci-

tors multi-state reconfigurable SC with 23 conversion ratios mode on 28nm technology

show increase of up to 40% in the efficiency and reduction of up to 87% in the output

voltage ripple.

B.1 Reconfigurable Multi-State SC Analysis for
N Fly Capacitors

For N capacitors and 4N switches, there are 3N − 1 possible capacitor states;

each capacitor is charging or discharging or not connected (NC). Different capacitor

states can be represented by M = 3N − 1 KVL equations in the following form:
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ain,iVin + ao,iVout +
N∑
j=1

ao,iafj,iVfj = 0 (B.1)

Where the input voltage coefficient ain,i, the output voltage coefficient ao,i and

the fly capacitor coefficient afj,i for the steady state equation i = 1..M are defined

in (A.2), (??) and (A.4), respectively.

ain,i =

 1 Vin connected;

0 Vin not connected.
(B.2)

ao,i =

 −1 Vin connected;

1 Vin not connected.
(B.3)

afj,i =


1 ↑ Cfj,i ;

−1 ↓ Cfj,i ;

0 NC Cfj,i

(B.4)

The KVL steady state equations for the multi-state reconfigurable SC with N

flying capacitor and 4N switches can be represented by the following matrix:



ain,1 ao,1 ao,1af1,1 . ao,1afN,1

ain,2 ao,2 ao,2af1,2 . ao,2afN,2

ain,3 ao,3 ao,3af1,3 . ao,3afN,3

. . . .
. . .

ain,M ao,M ao,Maf1,M . ao,MafN,M





Vin

Vout

Vf1
. . .

VfN


= 0 (B.5)

The possible conversion ratios for SC with N capacitors can be computed by

solving different combinations of steady state equations in (B.5). Accordingly, for each

conversion ratio (CR), there are k switching states. The duty cycle of each switching

state Di (i = 1..k) can be defined as following:
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Di =
tφ,i
k∑
i=1

tφ,i

(B.6)

where tφ,i is the pulse width of capacitor state i.

In steady state, the charge conservation on each capacitor can be represented as

following:

k∑
i=1

afj,itφ,i = 0 (B.7)

The Energy Conservation law for SC converter QinVin = QoVout yields (B.8)

which is simplified in (B.9).

CR = Qin/Qo

=

k∑
i=1

ain,itφ,i

k∑
i=1

tφ,i

(B.8)

k∑
i=1

(ain,i − CR)tφ,i = 0 (B.9)

For a computed CR, The pulse width of each switching state tφ,i for i = 1..k is

computed by solving (B.7) and (B.9). Consequently, the duty cycle of each state Di is

computed from (B.6).

B.2 The Proposed Reconfigurable Multi-State
SC

Figure B.2 shows the proposed reconfigurable multi-state power stage which

consists of three capacitors and twelve switches. The proposed multi-state SC enables

23 conversion ratio modes. For three capacitors, there are 3N − 1 = 26 possible switch-
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Figure B.2: The three capacitor multiphase Power stage

ing states which can be represented by 26 steady state equations by substituting in (B.5).

Figure B.3 shows the configurations of the 4 different switching states in 3/10

conversion mode as an example and the ON transistors Si in each state. CR = 3/10 is

computed by solving the following KVL equations:

Vin − Vout − Vf1 − Vf2 − Vf3 = 0 (B.10)

Vout − Vf1 + Vf3 = 0 (B.11)

Vout − Vf1 + Vf2 − Vf3 = 0 (B.12)

Vout − Vf2 − Vf3 = 0 (B.13)

The proposed multi-state SC switch between 4 different configurations to result

in CR = 3/10. Solving (B.10), (B.11), (B.12) and (B.13) result in Vf1 = 2/5, Vf2 =

1/5, Vf3 = 1/10 and CR = 3/10. Substituting in (B.7) and (B.9):
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Figure B.3: Different switching states of the proposed SC in 3/10 conversion ratio mode.

tφ,1 − tφ,2 − tφ,3 = 0 (B.14)

tφ,1 + tφ,3 − tφ,4 = 0 (B.15)

tφ,1 + tφ,2 − tφ,3 − tφ,4 = 0 (B.16)

0.7tφ,1 − 0.3tφ,2 − 0.3tφ,3 − 0.3tφ,4 = 0 (B.17)

Solving (B.14), (B.15), (B.16) and (B.17) result in tφ,1 = 3, tφ,2 = 2, tφ,3 = 1

and tφ,4 = 4. The duty cycle of each state is computed by substituting in (B.6) which

result in D1 = 0.4, D2 = 0.3, D2 = 0.2 and D2 = 0.1.

The output voltage is regulated around the reference voltage Vref using pulse

frequency modulation (PFM). A clocked comparator is used to trigger switching to the

next capacitors state when Vout goes below Vref . A finite state machine (FSM) is used

to generate the appropriate capacitor configuration state based on the comparator output

and the SC conversion ratio mode.

Figure B.4 shows the output voltage and the clocked comparator output of the

multi-state SC in 3/10 conversion mode. The switching frequency of the output voltage

is 4x the converter switching frequency, hence the output voltage ripple is lower than the

142



V
(V

)
V

(V
)

V
(m

V
)

Vout

CLK

Comparator output

Tsw

0.1Tsw0.2Tsw0.4Tsw 0.3Tsw

ɸ4 ɸ1 ɸ2 ɸ3

Time(μs)

Figure B.4: Simulation results showing the output voltage and the clocked comparator output
in 3/10 conversion ratio mode at Vin=1V and Vref=200mV.

2-states converter. Figure B.5 shows the flying capacitors different states for CR = 4/7

along with their equivalent ON transistors and the duty cycle of each state. Figure

B.6 shows the flying capacitors configuration for CR = 3/4 and CR=1/2 where the

proposed multi-state SC is switching only between 2 states for these conversion ratios.

B.3 Simulation Results

The proposed reconfigurable multi-state SC with 23 different conversion ratio

modes simulated on 28nm technology with Cf1 = Cf2 = Cf3 = 5nF and CL =

10nF . Figure B.7 and Figure B.8 show the efficiency and the output voltage ripple,

respectively of the binary SC and the proposed multiphase SC for Vin = 2V and ILd =

10mA. The proposed SC result in an increase up to 40% in the efficiency and reduction
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up to 87% in the output voltage ripple. The voltage ripple is a form of a series loss in

the SC converters [50]. A typical binary SC would require more decoupling capacitors

or interleaving [50] to meet the ripple specifications.

B.4 Conclusion

A multi-state reconfigurable switched capacitor (SC) that enables more conver-

sion ratios without adding flying capacitors or power switches is presented. General

expressions for the maximum number of the possible capacitor states for N capacitors

derived along with their equivalent steady state equations. The proposed multi-state re-

configurable SC with three flying capacitors realize 23 conversion ratios and proved to

achieve higher efficiency compared to the binary SC which can only realize 7 conver-

sion ratios. Simulations on 28nm CMOS show increase of up to 40% in the efficiency

and reduction of up to 87% in the output voltage ripple.
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+40%

Figure B.7: Simulation results of the overall conversion efficiency of the conventional binary
SC and the proposed multi-state SC

-87%

Figure B.8: Simulation results of the output ripple of the conventional binary SC and the pro-
posed multi-state SC
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