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ABSTRACT OF THE DISSERTATION

Enabling Millimeter-wave Circuit Techniques for High Data Rate
Communication

by

Najme Ebrahimiseraji
Doctor of Philosophy in Electrical Engineering (Electronic Circuits and Systems)
University of California, San Diego, 2017

Professor James F. Buckwalter, Chair
Professor Peter Asbeck, Co-Chair

This dissertation has been mainly focused on reconfigurable mm-wave inte-
grated circuits for next generation wireless communication systems (namely, 5G).
One of the major approaches to making 5G a reality is the use of high-frequency sig-
nals in the millimeter-wave (mm-wave) frequency band to facilitate access to more
bandwidth. This can deliver faster and more reliable data to more users. This
dissertation contributes to making wideband, bidirectional, and scalable RFICs
for high data rate point-to-point communications over large distances in mm-wave
bands, particularly the E-band (71-76 GHz, 81-86 GHz). The E-band is a licensed
band in the US, with 10 GHz of bandwidth allocated to low-cost, high-capacity,
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and point-to-point communication. For backhaul base-stations or air-to-ground
communication, a scalable and large-element phased array is desired to acquire
the appropriate isotropic radiated power and signal to noise ratio. Additionally,
bidirectional operation supporting transmit (TX) and receive (RX) in a single aper-
ture is desirable to minimize the area and save power. This dissertation has focused
on new architectures for scalable, bidirectional, and wideband phased arrays using
IBM’s fastest SiGGe technology, 90 nm.

In this dissertation, the first E-band scalable phased-array transceiver is
proposed based on coupled oscillator architecture. Coupled oscillator phased ar-
rays have the advantage of low power and low complexity, resulting in an architec-
ture that easily scales to the number of elements as multiple die can be aggregated
to form a larger array through local oscillator (LO) power distribution and in-
termediate frequency (IF) power combining. However, silicon processes introduce
undesirable parasitics and manufacturing tolerances to the transistor and passive
devices. When multiple oscillators are present in a single die, the oscillators couple
through the substrate. The substrate coupling introduces additional parasitic cou-
pling paths between oscillators; this causes pulling and, consequently, amplitude
and phase variation between the oscillators. In addition, the parasitics from the
injection node to the substrate deviate the ILO performance from its ideal behav-
ior. Conventional analysis of the amplitude and phase noise typically ignores the
effect of the silicon substrate parasitic effects.

This dissertation investigated the nonlinear dynamics of an injection-locked
oscillator (ILO), where the effective circuit parameters of ILO performance were
observed. More specifically, new amplitude and phase equations are derived that
took into account the transistor’s device parasitics and silicon substrate’s parasitic
coupling effects, including the transistor injection node parasitic capacitance (Cp),
substrate parasitic conductive (Rs,) and dielectric (C;) features. The derived
models are compared with both the simulation and measurement results.

The proposed 2x2 transceiver phased array block diagram described in this
dissertation employs 4 injection-locked oscillators (ILOs) operating at a lower fre-

quency range (in this case, 1/4 of the desired LO frequency), followed by a fre-

Xviil



quency quadrupler, to form a beam in transmit and receive modes. The bidirec-
tional front-end is designed to operate at E-band within 3-dB bandwidth. Since
the ILO-based phase shifting is technically challenging at millimeter-wave bands
due to the parasitics of the injection circuitry and the oscillator phase noise trade-
offs, the high-frequency limitations of the TLO phase shifter is considered and wide
locking range and a less parasitic sensitive solution for current injection using
folded-cascode architecture is proposed. The proposed ILO-based phase array ar-
chitecture result in low phase noise and low channel to channel isolation supporting
6 Gb/s data rate at 256 QAM modulation.

The conventional architectures of the E-band transceiver require a wide
tuning range, around 10 GHz, for the LO signal and wide-bandwidth IF blocks.
The wide-bandwidth requirement of LO and IF frequency for mm-waves increases
the power consumption and complexity of the system. This dissertation proposes
a novel architecture, named the “Image-selection” E-band phased array. This new
architecture makes the upper-band (81-86 GHz) and the lower-band (71-76 GHz) of
the E-band spectrum images of each other in comparison to the LO signal, which is
located at the center frequency (78.5 GHz). Therefore, an image rejection architec-
ture is desired to select the wanted band while rejecting the other. The significant
advantage of this architecture is that it only requires an LO with the quadrature
phases within a tuning range lower than 1 GHz . This will relax the system de-
sign trade-offs to the circuit impairments. For bidirectional operation purpose and
preventing use of quadrature generation circuitry at direct intermediate frequency
(IF) or radio frequency (RF) signal paths, sliding-IF weaver architecture mixers
are employed with the phase inverter in the divider path to select the upper or
lower band. This architecture leads in to a flat conversion gain over the bandwidth
and low amplitude and phase imbalance. The achieved QAM modulation data rate
from this technique is the state of art,najmebiMon May 29 19:43:48 2017 9Gb/s
(64 QAM) with less than 5% EVM and 12 Gb/s (16 QAM) with less than 10%
EVM.

Xix



Chapter 1

High data-rate High-speed Wireless

Communications

Two major trends have emerged in wireless technology, these being ultra-
high-data-rate mobile communications and the massive connectivity of machines
through network protocols, called the Internet of Things (IoT), both of which ne-
cessitate a new wireless access technology, namely 5G [1,2]. The applications of
5G and IOT include smart cities, home automation, vehicle connectivity, cloud
computing services, e-health, and many more. Development of these new tech-
nologies require a significant flexibility in reliability, bandwidth, the maintenance
of ultra-low-latency connections and power efficiency. To meet these requirements,
academia and industry have made efforts to develop new system interfaces and
technologies such as massive multiple-input multiple-output (MIMO) antennas,
beamforming, operations at mm-wave frequencies, and scalable large-element radio
architectures, Fig. 1.1.  Millimeter-wave phased arrays have been demonstrated
for both 60-GHz short-range communications ( 3] to [12]) and point-to-point com-
munication at £ band (71-76 & 81-86 GHz) and W band (75-110 GHz), ( [13]
to [18]). Among the different mm-wave frequency and spectrum allocations, E-
band from 71-76 GHz and 81-86 GHz [19-22], provides the widest spectrum by
far having 5 GHz bandwidth per band, which makes it an excellent candidate for
multigigabit data rate over long distance, e.g 1 km, communications. The other

advantages of this frequency range, 71-86 GHz, is the low atmospheric loss com-
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Figure 1.1: Road to 5G.

pared to other mm-wave or microwave bands such as 60 GHz. Due to the short
wavelength, the antenna gain is high at this frequency band providing high di-
rectivity and high efficient beam-former. Recently, £ band has been proposed for
ground-to-air backhaul links to provide internet access to under-served areas where
infrastructure might be economically unfeasible [23]. In addition to these features,
the compatibility of £ band with other RF and millimeter-wave bands for access
networks make it a strong candidate for future 5G networks, Fig. 1.2. A scalable
phased-array is desired for backhaul base-stations communications to obtain the
desired signal-to-noise ratio (SNR) and effective isotropic radiated power (EIRP)
through spatial power combining and interference mitigation. Additionally, bidi-
rectional operation supporting transmit (TX) and receive (RX) in a single aperture
is desirable to save area and power while supporting multiple-input/multi-output
(MIMO) mesh networks [8,24]. Scaled CMOS and BiCMOS technologies allow
low-cost phased array integration. Specifically, SiGe BiCMOS has made signifi-
cant technology advancements to provide fr/ fia. as high as 300 GHz/350 GHz in
the 90-nm node [25,26]. Achieving high data rate communications for 5 G and IoT
applications requires developing new architecture and circuit techniques to provide
low complex and low power system to mitigate the nonideal impairments of wide
bandwidth circuits. The CMOS circuit is also prone to device mismatches and

other fabrication non-idealities requiring complex calibration blocks in a high data



rate quadrature amplitude modulation (QAM) systems.
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Figure 1.2: mm-wave E-band applications.

1.1 Injection-Locked Oscillator Phase Shifter, High-
frequency Design and Trade-offs

Synchronized and coupled oscillators have received attentions for different
applications. Nonlinear dynamics of oscillators have a great potential to realize
signal modulation and demodulation with low power. For example, for secure com-
munication, the inherent noise of coupled oscillators is added to the transmitted
signal and subtracted with a synchronized oscillator in the receiver side |27, 28|.
Coupled lasers have also rates due to fast dynamics [29-31]. For electronic systems,
phased array and grid amplifiers are two areas that could benefit from synchronized
nonlinear oscillators. Phased arrays increase the effective isotropic radiated power,
EIRP, and signal to noise ratio, SNR, of a communication link. Coupled oscillator
phased arrays have the advantage of low-power and low-complexity, providing a
phased-array architecture that easily scales the number of elements. However, the
size of the array decreases and the power required to lock the array increases with
larger variation between oscillator elements [32,33]. Silicon and Silicon-Germanium
BiCMOS integrated circuits are the important technologies for the implementation
of phased array systems in microwave and millimeter-wave regimes, primarily be-
cause of the low-cost of silicon processing and the yield of the processes. However,

silicon processes also introduce undesirable parasitics and manufacturing toler-



ances on the transistor and passive devices. As silicon processes scale, these para-
sitic effects are a greater percentage of the device parameters and these tolerances
strongly impact the nonlinear dynamics from a CMOS-based injection-locked oscil-
lator (ILO). For instance, recent technology nodes, such as 90-nm SiGe offer high
fr /fimae (300 GHz/350 GHz), however, these parameters vary as much as +/-20%.
Tuning range, phase noise, locking range, phase shifting range and power consump-
tion are common trade-offs for high-frequency, wideband oscillators and TLOs. Tt
is well-known that parasitics of MOSFETs and bipolar junction transistors (BJTs)
impact the tuning range and phase noise of the oscillator and locking range and
phase shift range of ILO. Therefore, the ILO-based phase shifting is technically
challenging at millimeter-wave bands due to the parasitic capacitance of the injec-
tion circuitry, which limit the ILO phase shifter performance for high-frequency
and wideband applications. In addition, when multiple oscillators are present in
a single die, the oscillators couple through the substrate. The substrate coupling
introduces additional parasitic coupling paths between oscillators, which causes
pulling and, consequently, amplitude and phase variation between the oscillators.

The substrate coupling effectively reduces isolation between each oscillator.

1.2 Scalable High Data-rate Phased Array using
Wideband Injection-locked Oscillator
Phase Shifter

Scalable phased arrays have been proposed in three different architectures:
digital /TF beamforming [34, 35|, RF phase shifting ( [6]to [12]) , ( [15|to [18]) and
LO phase shifting ( [3|to [5]), [13,14], [36,37], Fig. 1.3. Digital beamformers sup-
port phase-shifting in the digital domain and readily scale to multiple elements.
However, each signal path requires high linearity since the spatial filtering occurs
in the digital signal processing (DSP) unit and, therefore, requires high analog-to-
digital converter (ADC) resolution and dynamic range and typically incurs high

power consumption. Radio frequency (RF) phase shifting forms the beam before



the down-conversion mixer, relaxing the linearity requirement. However, RF phase
shifting introduces loss and mismatch to the RF signal. Therefore, calibration cir-
cuits are needed to compensate the loss [38]. Local oscillator (LO) path phase
shifting avoids loss and noise in the RF signal path and is well-suited for bidirec-
tional operation. By incorporating low-frequency LO and intermediate frequency
(IF) signals, an array chip can be scaled to multiple elements through combining
and splitting the IF and LO signals.

LO phase shifting was proposed with a central multi-phase voltage-controlled

Figure 1.3: Scalable phased-array architectures, a) digital Beam-former ), b) RF
phase-shifting , ¢) LO phase-shifting.

oscillator (VCO) that generates discrete phase states distributed to each array ele-
ment at the expense of significant area and power consumption [37]|. Additionally,
the phase resolution is limited to the number of distributed phases. An I/Q phase
interpolator was proposed at each mixer to compensate for phase skew, incurring
additional power penalties [13]. Injection-locked oscillators (ILOs) were originally
proposed for microwave phased arrays implemented with discrete devices [39,40]
and were proposed for CMOS integration as a low-power alternative to LLO phase
shifting [41-43]. In this scheme, the phase shift is introduced through injection
locking in oscillators |44]. However, the challenges and the trade-offs that ILO-
based phase shifter encounters at the high-frequency regime such as the phase
noise, injection circuit parasitics and substrare parasitice limits the ILO phase
shifter performance and the number of elements in the each of the scalable array
chip. Distribution of a millimeter-wave reference signal across the chip is also lossy
and reduces the locking range and increases the required power to lock the array

of phase shifters as described in chapter 1.1.



In this chapter, a fully-integrated 2 x 2 transmit and receive (transceiver)
phased array is presented for the first time that uses wideband (62-72 GHz) ILO
array for phase shifting. Fach array element front-end implements a wideband
bidirectional transceiver path that covers £ band. Considering the high-frequency
limitations of the ILO phase shifter, a wide locking range and less parasitic sensitive
phase shifter using a folded-cascode injection architecture is designed. A wideband
frequency multiplier designed that covers a 10-GHz tuning range with 23-dB power
gain. Several advantages are shown for the ILO-based phase shifter including low
amplitude variation across the phase range, low channel-to-channel isolation, and
small amplitude errors which are verified experimentally. In addition, the improved
phase noise of the injection locked system and low phase noise variation across the
phase shifting range result in a 256-QAM modulation over a 750-MHz bandwidth
for a data rate of 6 Gb/s.

1.3 A Novel Image Selection Bidirectional Archi-

tecture

To achieve a high data rate communication system high output power in
transmit mode and wide-band operation circuit blocks are required. These factors
will affect the error vector magnitude (EVM) of the communication system. Recent
work on E-band and W-band show enough amount of output power on the power
amplifier to transmit the required power calculated from the link budget, e.g 20
dBm. In addition, PA operation at back-off will insert the PA in the linear region
and hence, the AM-AM and AM-PM issues of the PA on the E-band and W-
band system can be neglected. Therefore, the wideband operation bandwidth
of the down-conversion or up-conversion mixers can be considered as the main
challenges. For example, the system presented in the past publications, [17,45-48|,
requires more than 15 GHz LO tuning range for the RF up/down conversion blocks.
Furthermore, generating the quadrature signals within the wide bandwidth LO
tuning range is challenging at mm-wave regime as it produces phase and amplitude

mismatch within the operation bandwidth. Different schemes have been used to



produce quadrature signals at mm-wave, such as quadrature VCO (QVCO) [49],
multi-stage polyphase filter (PPF) [50-52| or coupled line coupler [53]. The QVCO
[/Q generation scheme requires wide-band locking range over the wide LO tuning
range. Achieving wideband locking range from the oscillators over the mm-wave
range is very challenging and will lead to a power hungry system. Furthermore,
using a wideband multi-stage PPF as explained in [46,48] is also very lossy over the
E-band and produce large 1/Q imbalances. In addition, this scheme will be more
sensitive to the layout of the resistance and capacitance as the number of stages
increased. A compact layout for the 2-stage PPF is proposed in 48] to reduce the
mismatch originated from the device sizing and mm-wave interconnects. However,
it employs calibration circuit composed of switchable varactor and inductors with
switchable lines. This switchable inductor and varactor needs to be wideband
and are going to be lossy, which makes multi-stage PPF another power hungry
option. In addition, [47] proposes a load-intensive approach with a broadband
oscillator employing 45 degree power splitter in the quadrature generation path to
achieve lower amplitude and phase imbalance. However, they approach has the
limited bandwidth and they could only go up to 0.04 Gb/s data rate for the QAM
modulation. Another quadrature generation technique is the wideband hybrid
coupler. This technique produces lower loss and I/Q imbalance. However, it has
a very bad isolation between the ports ( 13 dBc), which makes it unfavorable
candidate for I/Q generation.

Consequently, the wide LLO tuning range is very challenging at the mm-wave
regime due to the lossy passive and parasitic elements. This results in conversion
gain variation over the required wide bandwidth operation, often more 10-dB con-
version gain variation across E-band. In addition, it deteriorates the phase noise
of LO, and most importantly the I/Q phase and amplitude balances. Therefore,
a complex and power hungry calibration circuits are required for compensation.
To relax the LO tuning range, this chapter proposes the image-selection planning
for the E-band transceiver. In this scheme, the LO tuning should be placed in
between the 71-76 GHz band (LSB) and 81-86 GHz band (USB). The resulting 3
GHz IF band is centered at 5 GHz. Consequently, this approach requires the LO to



tune across only 3 GHz tuning range with quadrature phases and phase inverting
option to select either the upper or lower image sides of LO with a 3 GHz IF band-
width. This chapter is demonstrates that this frequency plan reduces the tuning
range and results in more uniform circuit performance in terms of conversion gain
and TRR. The IRR is also subject to a smaller tuning range and therefore is not
prone to bandwidth induced amplitude and phase mismatch, which relaxes the

PPF requirements.

1.4 Dissertation Organization

Background material, previous work and the proposed and novel contribu-
tions have been mentioned in Chapter 1. The challenges of mm-wave high data
rate system and phased array has been outlined.

Chapter 2 presents the analysis of the ILO as phase-shifter. The non-linear
dynamics of an LC injection-locked oscillator are derived in the presence of non-
ideal effects originated from the integration of the oscillator on a silicon substrate;
i.e the injection circuit parasitics and the substrate parasitics. In other words, the
effects of substrate parasitics, Ry Csup, and injection transistor’s parasitic capac-
itor, C),, on amplitude and phase error of each ILO or two neighboring ILOs are
discussed. The locking parameters, injected current, quality factor, and frequency
detuning are discussed given the derived dynamics. The linear region performance
of the high-frequency TLO phase shifter is investigated and a novel injection cir-
cuitry for the wideband high frequency ILO is proposed. The silicon substrate
parasitic coupling effect on the array of ILO phase shifter is considered and the
two new amplitude and phase equations were derived and compared with both the
simulation and the measurements results.

Chapter 3 presents an L.LO-phase shifting approach based on injection-locked
oscillators for operation over 71-86 GHz. The implemented four oscillator array
operates at 1/4th of required LO tuning range and provides a power-efficient so-
lution for scalable mm-wave phased array. A frequency multiplier increases the

tuning range and provides 23-dB power gain to drive the bidirectional down/up



conversion mixers. The high-frequency limitations of LO-phase shifting based on
injection locking are mitigated by using folded cascode injection mechanism. This
technique improves the locking bandwidth of the array of ILO phase shifter. The
folded-cascode scheme compensates the effect of parasitic capacitance at the injec-
tion node and improve the locking range. A minimum 3-dBm injection power is
demonstrated to lock the 4 ILOs with 250-MHz locking bandwidth, +300 ° phase
shift range, and less than 1-dB amplitude mismatch. The cascode provides high
isolation between each phase shifter element to improve the channel-to-channel
coupling to under 0.5 dB. A 2x2 array is implemented with a bidirectional front-
end to support transmit and receive operations through a common aperture in
90-nm SiGe BiCMOS. The low amplitude and phase noise variation supports 6-
Gb/s, 256-QAM modulation for the implemented ILO system.

Chapter 4 presents a wideband, millimeter-wave image-selection architec-
ture based on a Weaver architecture at E-band. The principle operation of the
proposed architecture and its benefit on the QAM modulation signals are described
analytically. The architecture can be applied to multiple input/output (MIMO)
and phased-array systems. The circuit implementation of the two channel system
is presented in this chapter with the detailed description of the bidirectional cir-
cuit blocks. The bidirectional TX and RX measurement performed and showed
uniform performance over the two USB and LSB bands. Finally, it demonstrates
QAM modulation for transmitter with low EVM (< 5%) through a reduced 3 GHz

LO-tuning range that mitigates gain variation and amplitude/phase imbalance.



Chapter 2

Injection-Locked Oscillator Phase
Shifter, High-frequency Design and
Trade-offs

2.1 Non-linear Dynamics of LC Injection-locked Os-
cillator (ILO)

An electronic L.C oscillator is shown in Fig. 2.1 and consists of a resonant
tank circuit consisting of a parallel inductor, L, and a capacitor, C that stores elec-
trical energy. However, a portion of the energy is lost in the real resistance of the
capacitor and the inductor dampening the oscillation. This resistance illustrated
as Rp in Fig. 2.1 relates to the quality factor, Q, of the tank, which is defined by
the ratio of oscillation frequency to bandwidth. The Q can also be defined as the
ratio of the stored energy in the tank to the total energy loss per cycle [54]:

Energy stored

Q=2 (2.1)

X
m Energy dissipated per cycle

10
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Figure 2.1: Single-ended model of LC oscillator schematic.

The parallel resistance, R, of an LC tank is related to Q as follows:

Q WOL

R — 2.2

P = WOC Q ( )

This loss must be compensated to sustain the oscillation. An active negative
conductance g, is introduced with a FET or bipolar transistor as shown in Fig.
2.1. The equivalent admittance of the LC oscillator shown in Fig. 2.1 can be

written as

1 . 1
— ijC') + = — gn - (23)

Y, —
L (ja)oL Rp

where Y7, is the equivalent output admittance of the feedback transistor. The
oscillation occurs at fy when the imaginary part of Y7, is zero, i.e. the admittance
of the capacitor and inductor cancel. Therefore, the oscillation frequency is equal

to:
1

oV LC'

To start the oscillation, the negative conductance should be greater than 1/R,.

fo= (2.4)

The conductance of a FET transistor amplifier depends on its biasing condition,
Ip, and Vgg as gn= 2Ip/(Vags — Vin). The FET transistor starts working in the
linear small signal mode. In steady state, the transistor conducts current over
a short period of time and has a square-wave shape. The LC tank filters out

harmonics as found in the Fourier-series expansion:

. 4 = sin (2m(2k — 1 Al 1
iD—switching(t) = == ; o 1 o) =— [sin (27 fo) + 35in (6mfo)| (2.5)
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Figure 2.2: LC injection-locked oscillator: a) LC oscillator under unilateral in-
jection, b) single-ended half-circuit equivalent model |55, 56].

The schematic of an LC oscillator under injection is shown in Fig. 2.2.
The half-circuit equivalent model is illustrated in Fig. 2.2 b) including the lossy
LC tank, the amplitude of the switching transistor output current, 4/7/l,., the
amplitude I;,;, and phase 0;,; of the injection transistor. To solve the nonlinear
dynamics of an LC ILO, Kirchoff’s Current Law (KCL) is applied at the output
voltage with a time-varying amplitude A(t), and phase of 6(t) as suggested in [55]:

4 Iy,

1 . d ; 1 t ; 4Iosc i
— A+ C— (Ae?) + Z/ Ael?dr = e? +

3in; 2.6
R, dt T ‘ (2.6)

Where 0;,; = win;t + 1. By multiplying both sides of (6) by exp(-jé) we have

1 dA ao 1 ., [t , 4] AL,
—A “s . A— - —j0 A ]Gd _ osc ing j(gmj_g) 2
R, +Cdt+yc g / edr = ——+ ——¢ (2.7)

To solve this equation, we define two functions F; and F; as the real and imaginary

parts of the integral.
t t ¢
/ Aeldr = Fy +jF, = F, = / Asing, Fy = / A cost (2.8)

By replacing (2.8) in (2.7) to separate the real and imaginary part, the amplitude
and phase dynamics are derived as (2.9) and (2.10) respectively.

1 dA 1 1 . 4 4
EPA +C ’r + 7 Iy cosf + I Fy sinf = ;Iosc + ;Iinjcos (Oinj —0) (2.9)
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Figure 2.3: Injection-locked oscillator, ILO, amplitude/phase bifurcation dia-
gram for two different I;,,; /1,5 ratio 1/2 and 1/8.

do 1 1 4
A s il o N o
C -1 h sinf + 7 h cosb - injCos (Bin; — 0)

Equations (2.8), (2.9) and (2.10) are solved in MATLAB using function of “odel5s”

(2.10)

which is used to solve first-order derivative equations in the forms of dy/dt =
f(t,y). To find out the relation of amplitude, A, and phase, § with the ILO
parameters, the polar bifurcation diagram of A and 6 based on the equations of

(2.9) and (2.10 ) are plotted by changing various parameters.

2.1.1 Injection Current Ratio and Locking Range

One of the effective factors in ILO performance is the unilateral coupling
ratio, I;n;/losc, which is the ratio of injection current to oscillation current. The
A-0 polar bifurcation diagram for two values of 1/2 and 1/8 are illustrated in Fig.
2.3.

As the phase increases periodically over time, the amplitude converges to
constant value if the ILO reaches a steady-state condition. Converging to steady-
state point needs certain coupling ratio, for the injection ratio of 1/8 the amplitude
cannot settle to a constant value in the A-6 bifurcation, however, increasing the
ratio to 1/2 helps the system to converge to a constant amplitude as shown in Fig.
2.3. The time-responses of amplitude for various ratios of I;,;/l,s. are demon-

strated in Fig. 2.4. For small coupling ratio, the ILO is not able to converge
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A - amplitude, Volt
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Figure 2.4: Time response of amplitude, A, for various unilateral coupling
ratio, L/ Lose, for fin; — fo—=100 MHz and Q=5.

to constant amplitude and it exhibits amplitude fluctuation due to beat frequen-
cies. In other words, for smaller I;,,;/ I, the stability time-constant increases in

addition to smaller amplitude voltage magnitude.

2.1.2 Quality Factor and locking range

The quality factor, QQ, is another important parameter in characterizing
ILO behavior. The A-6 polar bifurcation diagram for two values of Q (5 and 20),
and for I;,;/I,sc=1/2 are shown in Fig. 2.5. A large value of ) prevents the
ILO from locking and it does not converge to the steady-state constant amplitude.
Larger QQ implies small locking bandwidth, as shown in Fig.2.1. In other words,
smaller () is required to have larger locking range at the expense of phase noise
degradation. The amplitude time response for different amounts of Q are plotted

in Fig. 2.6, which shows smaller Q) reaches steady state over shorter period.

2.1.3 Frequency Detuning and Phase shifting

When there is no injected current, I;,; = 0, the natural oscillation frequency

is wp = 1/v/ LC. The oscillator’s natural frequency can be varied across a tuning
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Figure 2.5: The amplitude/phase bifurcation diagram for two different Q of 5
and 20, Iinj/Iosc = 1/2, and fzn] - f0:100 MHz.
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Figure 2.6: Time response of amplitude, A, for different values of quality factor,
Q for Iinj/]osc = ]./2 and finj - f0:100 MHz.
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Figure 2.7: Time response of amplitude and phase of ILO under different fre-
quency detuning, f;,; — fo- (a) amplitude, A, (b) phase response warped to .

range while free-running. When a current is injected into the tank of the LC
oscillator at frequency, wj,;, the LC oscillator frequency can be pulled to the
same frequency as wj,; even as the injected frequency differs from the natural
frequency. The frequency detuning, Aw, is defined as the difference between the
natural frequency and the injected frequency, wy — w;y;, and results in a phase shift
of A¢ under locked conditions as illustrated in Fig. 2.7. Fig. 2.7 demonstrates
the ILO amplitude and phase behavior under different injection signal frequencies
and consequently frequency detuning, f;,; — fo. As the injection signal frequency,
finj, increases to the maximum locking bandwidth, wy,, the stability time constant
increases while the amplitude magnitude decreases. Therefore, detuning the locked
oscillator introduces amplitude variation in the ILO output. A feature of the phase
shifting produced by frequency detuning provides to the ILO output as shown in
Fig.2.7 b).

For example, under an injection signal at 19.3 GHz (T= 51.8 psec), 450
MHz detuning frequency introduce 10 psec time delay which is equivalent to 70
degree phase shifting of the ILO output. For injection frequencies outside the
locking bandwidth of TLO, the oscillator will remain unlocked. The A-6 polar
bifurcation diagrams for two detuning frequencies are shown in Fig. 2.8 and show
convergence to steady state does not happen when the frequency detuning exceeds

the locking bandwidth.
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Figure 2.8: The amplitude/phase bifurcation diagram for two different f;,; — fo,
100 MHz and 500 MHz (smaller and larger than locking bandwidth, (wr).

2.2 ILO phase shifter in Linear and Weak Injection

Regime

2.2.1 Simplified Dynamic Model of ILO

To understand the ILO phase shifter performance, a simple model is desired
to approximate the effects of circuit parameters based on equation 2.7. Reference

[55] solves 2.7 by using an auxiliary function F'(t):

t
F(t) = ej‘)/ Aelldr (2.11)
Differentiating both sides of (11) implies that:

dF  df

i =Alt) (2.12)

Equation (2.12) is a first-order differential equation with a time-varying input
amplifier A(t), and output F(¢). The cut-off frequency of filter is a complex
variable as jdf/dt. Under steady state, A(t) is constant and F(t) can be written

as follows for small detuning frequency value [55]:

7oAl A(t) N _jA(t) ( d@)

Ja  d ot (G —w)) T e
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Substituting (2.13) in (2.7) and separating real and imaginary parts, the simplified

model for amplitude and phase are derived:

dA

4
RC E + A= R(;[ + ]ijOS (ij - 6)) (214)

do wWo Iz'nj sin (Qmj — 0)
— = W + — 1
dt 2 Q ;] + Ljnj CcOoS (Qinj — 6)

(2.15)

At the steady-state condition, df/dt = w;,; and dA/dt = 0, the relation between
phase shift and frequency detuning, w;,; — wp, and also the maximum locking
bandwidth, wy,, are derived.

A¢p = sin™* (@ Lose (Wing — w0)> (2.16)

Wo [mj

o Wo Iinj
B 2 Q IOSC
The phase shift range, A¢, the locking range, wy, are the important pa-

W = Winj — Wo (2.17)

rameters defining the ILO phased shifter performance. As the simplified model
presented in (2.14) - (2.17) equate, the phase shift depends on three parameters:
the average quality factor of resonance tank, @, the frequency detuning, fi,; — fo,
and the ratio of the injected current to the oscillator current, ;,;/l,s.. The simpli-
fied single-sideband locking bandwidth, wy,, is related to the oscillator’s parameters
as stated in (2.17). The oscillator will lock to the injected frequency when the fre-
quency detuning falls within the locking range, w;. Therefore, the tuning range for
natural frequency of the oscillator should exceed the sum of desired RF band and
the locking range. To increase the locking range, either the ratio I;,,;/l,s. should
increase or the @ of the tank should decrease based on (2.17). Decreasing the @
degrades the phase noise of the ILO.

Given these equations the amplitude, A, and phase shift, A¢, versus w;,; —
wo are plotted in Fig. 2.9 a) and b) for different I;,;/I,s. ratios. As it was also
predicted in Section 2.1, increasing I;,,;/I,s. ratio increases the locking range band-
width with smaller phase shift slope implying smaller phase dynamic range, as

shown in Fig. 2.9 a). In addition, the amplitude variation for different I;,;/Iosc,
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Figure 2.9: Simplified model of phase shift and amplitude variation of ILO versus
of frequency detuning, wy — w;,; for different I;,,;/1,s. ratios.

shown in Fig. 2.9 b), demonstrates that smaller injection current results in smaller

amplitude variation.

2.2.2 Definition for Linear Phase Shift

Ideally, the phase shift that results from the ILO phase shifter is linear with
the frequency detuning. As shown in Fig. 2.9 a), the plot of A¢ versus Aw is an
arcsine function and saturates as the phase approaches £90°. In these regimes, the
frequency detuning does not change linearly as Aw changes. This is undesirable
from the standpoint of a phase shifter. A linear range of operation is found from

expanding (2.16), through a Taylor series. Using (2.17), the phase shift is expressed

3
Ag—2¥ L (%) + .. (2.18)

Wy, 6 wr,

as

The linear region is defined as the phase variation as a function of Aw with a
constant slope of 1/wy. The linear phase shift range is found by bounding the third
order term to a maximum deviation 6 ( in degrees) for the phase. Substituting this
bound into (2.18), the linear range of frequency detuning is related to the locking

range.

Aw < 05w, x V0 (2.19)

In other words, a phase deviation of 1 degree results bounds the desired frequency
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Table 2.1: Linear range performance of an ILO phase shifter and resulting phase

shift range

Normalized Linear Phase
Phase Deviation,f . Shift Range
Frequency Detuning
degree
( ) Aw/wr A¢ (degree)
0.5° 40% + 24°
1° 50% + 30°
2.5° 67.8% + 42.7°
2° 73% + 46.9°

detuning to 50% of the locking range. Substituting this limit into the phase shift
from (2.16), the maximum phase shift is £30 degrees. Table 2.1 summarizes the
trade-off between linear locking range and phase shift range for the ILO phase
shifter. Note that the phase deviation of 5° must be calculated with higher order
terms. Table 2.1 also suggests the linear locking range required to achieve the
desired phase deviation. Typically, the locking range is around 10% of the nominal
oscillator frequency for a tank with @ of 10 and I;;,;/1,s equal to 0.5. Therefore,
the linear frequency detuning to generate a 30° phase shift may be only around 5%
of the oscillation frequency. To increase the linear phase shift range, a frequency
multiplier is required. For example, multiplying the frequency by 4 increases the
linear phase shift of £46.9° to more than £+ 180° if a phase deviation of 5° is
tolerated. If a smaller phase deviation is required, more frequency multiplication
must be introduced.

The desired ILO phase shifter performance in a phased array should pro-
vide a phase shift range that covers 360° (+/-180°). In addition to linear phase
shift, minimum amplitude variation is desirable across the frequency detuning since
amplitude mismatch and variations affect the conversion gain and degrade the
peak-to-null ratio of array pattern. Additionally, the ILO should offer phase and
amplitude independence between each phase shifter. Phase and amplitude in-
dependence between phase shifters of each element is also desired to have more

isolation between them and minimize phase and amplitude errors.
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2.3 Device Parasitic Effecs on I1LO

Achieving the ILO locking range and tuning range at microwave and millimeter-
wave bands is challenging due to resistive and capacitive parasitic impedance at
the injection node. As (2.16 ) and (2.17) predicts, increasing I;y,;/l,s. increases
the locking range and provides finer phase resolution with larger amplitude vari-
ation. However, the increased injection current also suggests the need for larger
transistors to provide this current, adding more parasitic capacitance to the oscil-
lator tank, and therefore, reducing the effective locking range by absorbing fraction
of injection current and tuning range of natural frequencies. Therefore, I;,;/1,sc
needs to increase to have finer phase resolution resulting in wider injection transis-
tors W;,; and adding more parasitics. This suggests the need to carefully balance
the desired tuning range and locking range of the injection-locked oscillator phase
shifter.

A differential LC oscillator is designed and simulated in Cadence, and the
simulation results are compared with amplitude and phase equations of (2.14)
and (2.15). Fig. 2.10 illustrates mismatch exists between the simulations and
the simplified model. The mismatch occurs from neglecting parasitic capacitance
and inductance in the dynamic models. These parasitics have significant effects
at high-frequency applications, when the parasitic capacitance of devices to the
substrate creates an additional coupling path between the oscillator output and
the injection port but also between neighboring oscillators.

These parasitics to the substrate arise from the ILO injection circuit and
contribute three parasitic components: C,, Cyq and 7, as depicted in Fig. 2.11.
The gate-to-drain capacitance, Cyq, creates a path between input and output of
each ILO that reduces the isolation between each ILO phase shifter and is a source
of LO pulling. Furthermore, the output parasitic capacitance, C,, which captures
the injection transistors Cyg and Cy, reduces the oscillation natural frequency, wy,
* d 1 dC 1C

%2—270:—252. (2.20)

In addition, C), in parallel with output resistance r, absorbs some fraction of the
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Figure 2.10: Circuit simulation and simplified model comparison, a) phase shift,
b) amplitude variation versus frequency detuning.

Figure 2.11: ILO injection circuit including parasitics.

desired injection signal, reducing the locking bandwidth of the ILO as predicted
by 2.17.

To calculate the effect of the parasitics on the locking range, the parasitic
current needs to be calculated and added to (2.17). Equation (2.17) is a simplified
response of the first-order differential equation under weak injection condition and
presented in [55] but does not consider the high-frequency parasitic device model.
To modify the equation, , the ac current can be approximated as %Ipcsin(wmjt)
for a linear ILO under weak injection. Therefore, the injected current, I;,; and
dissipated current, I, are related to the parasitic and tank admittance.

Y. sCp + %

R L . 2.21
IZTLj YL SC"‘SLL"_RLP ( )
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Figure 2.12: Comparison between the theoretical expressions and circuit simu-
lation results (schematic-view) of locking-range, wy, as injection transistor width,
Winj, Cp/C and I;;/1 s increase at 19.3 GHz with W, = 100 pm.

By replacing s = jw;,;, where w;,; = wo + Aw and substituting this into (2.21),

the expression can be simplified to

T i(wo + Aw)C, + L
p | |1 .Mw) b re|, (2.22)
Lin; —JTw? &

When Aw >> 0 and R, and r, are large and their contributions to (2.22) are

negligible near the edge of the locking range, the equation simplifies to

Iy

_1G g w0y 16w
[inj

=5 Ut A ¥ Ay

This equation predicts that the effect of C,/C ratio is related to wo/Aw. If I;,,; =

1
1+«

(2.23)

I;, where « is found from (2.23), the wy, relation to C, is

Wo Il 1Cp
= 0 R 2.24
“LT90 I 200 (2.24)

Equation (2.24) shows the relation between the C,/C and I;,/I,s. to wr. As the
width of the injection transistor W;,; increases, g, the I;,;/I,s. ratio, and C,/C
will increase. When W,; is small, I;,;/1,s. dominates and (2.24) reduces to the
ideal expression in (2.17). When W;,; is large, C,/C becomes significant and
deviation is predicted compared to (2.17). An n-MOS oscillator with a common-
source injection transistor and n-MOS varactor for frequency tuning, shown in Fig.

2.11, is simulated and compared with (2.24) and (2.17). The results are plotted in
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Figure 2.13: Nonlinear variation of the quality factor, Q, of the frequency detun-
ing component, n_ MOS varactor, as analog voltage and correspondent capacitance
vary [57].

Fig. 2.12. In the simulation, the dc ratio of injection current, I;,,;/1,s., is constant
and set to 0.1 for the weak injection assumption. As Wj,; increases from 2.5um
to 40pum, Ijn;/1ose increases. The C,/C and I;,;/1,sc are captured separately and
inserted into (2.24). The free-running frequency changes as W,; varies and C,/C
was re-calculated using (2.20). The @ of the simulated ILO tank is dominated
by the varactor ), which is around 6. However, the varactor () varies with the
control voltage and, therefore, the capacitance varies as illustrated in Fig. 2.13.
The results plotted in Fig. 2.12 for three different ¢) values which demon-
strate good agreement between the locking range from (2.24) and circuit level
simulations that capture C,/C effects and also predict the equivalent @ of ILO
to fit the simulation (@ = 7). Moreover, the difference between the derived the-
ory, (2.24), and original expression in (2.17) for the same value of @ is equivalent
to 0.5(C,/C) X wy, illustrating that the locking range of ILO is bounded by the

parasitic capacitance and will saturate as C,/C becomes large.

2.4 Substrate Parasitic Coupling Effect on Array
of ILOs

Implementing an array of ILOs on a silicon substrate create an unwanted
coupling path between them due to the high-frequency conductivity and dielec-
tricity characteristic of Si-substrate. To revise the ILO amplitude-phase (A4 — 0)
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model to include substrate parasitic coupling from intrinsic transistor to substrate
and between adjacent transistors, the parasitic coupling path needs to be modeled.
Advanced CMOS and SiGe technology shrinks the device transistor implementing
on a Si substrate, which increases the device parasitic effects to the substrate.
Therefore, modeling substrate coupling to account for conductive and dielectric
material is important. Prior work [58,59] discusses a substrate coupling model as
a geometry scalable network of circuit elements. For instance, Fig. 2.14 shows an
equivalent circuit model presented in [59]. Each device has a junction capacitance
to the substrate,C;, depending on the device size and geometry. The resistive
coupling part of the substrate modeled by R, represents its conductivity and it
depends on the doping level of the substrate. A high resistivity substrate is com-
monly used for high-frequency applications; therefore, the dielectric behavior of
the substrate with its associated material cut-off frequency, Cl,;, must be consid-
ered. The substrate resistance is modeled as distributed resistors depending on the
different geometry distance path between each device, for instance, the resistance
from the device active region to its isolation box and the resistance between device
1 isolation box to device 2 isolation box in Fig. 2.14. For distant devices, the latter
part has a more significant effect which can be approximated as
Rsup = Psub% (2.25)
where pg,, is the substrate resistivity, D; is the distance between each device,
and Lp and Wp are the length and the width of the isolation box surrounding each
device. The associated capacitance of the bulk substrate, Cl,;,, which is shunted
to the substrate resistance, is approximated as

Psub€si
Csub -
Rsub

(2.26)

where e; is the Si-substrate permittivity. Equations 2.25 and 2.26 show
that the substrate has a time constant associated with R,,;,C,., equivalent to

the substrate bulk material properties, pg.€si, and corresponding to the cut-off
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Figure 2.14: An equivalent circuit for modeling substrate coupling proposed
in [59].

frequency.
1

fSUb - 27TRsuszub B 27rpsubgsi

~10GHz (2.27)

Eq. (2.27) explains that for frequencies around 10 GHz and higher than
that the substrate can not be accurately modeled only by its conductivity feature,
therefore, the dielectric capacitance must be considered. To take into account
the parasitic coupling effect in the ILO phase shifter performance, the parasitic
coupling current needs to be characterized. Fig. 2.15 illustrates the equivalent
model for parasitic coupling path between two neighboring oscillators. The uni-
lateral injection current, I;,;, is the desired coupling current that characterizes the
ILO behavior as described in sections (2.1) and (2.2). However, the bi-directional
parasitic current, I,, is an undesired coupling path that leads to deviation of the
ILO performance from its ideal behavior, thereby introducing phase and amplitude
errors to the output.

To calculate these amplitude and phase errors, the amount of parasitic
injection current, I,, needs to be evaluated first. As shown in Fig. 2.15 b), I, is
equal to the current passing through Cj as

d(V, = V)

iy = Oy === = =

d(Vy, —V3)

- (2.28)
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Figure 2.15: An equivalent circuit diagram for substrate parasitic coupling be-
tween two neighboring ILOs.

where two ILOs are represented by their associated amplitude, V;, and phase, 6; as
Vi = |Vilexp(jb1) and Vo = |Va|exp(j62). V, and V, are calculated by writing KCL

at the two interface nodes as:

d (Ve — V1) dVe=Vy) , Vo=V

4 = 2.2
C) ==+ o — 2 + =L =0 (2.29)

d(V, —V dv, -V, V, =V,
CjMJrCM (Vs ) + 2 =0 (2.30)

dt dt Rsub
Adding (2.29) and (2.30), and subtracting (2.30) from (2.29) result in:

Ve +V, = Vi + Vo = const. (2.31)

AV, ~ V) 2 ¢, d(Vi-1y)

Vv — 2.32
TR o R T as R Ll o ores To T (2:32)

Equation (2.32) shows that the phase difference, 6; — 65, between two ILOs is an

important parameter. If 6; — 05 is equal to zero, the circuit model shown in Fig.
2.15 b) can be modeled as an even-mode equivalent circuit, meaning that I, = 0.
On the other hand, for #; — 6, equal to 180 °, the circuit can be modeled as an
odd-mode equivalent half circuit loaded by parasitic C;, 2C,,;, and Rs,,/2 in each

side. This odd mode can be another representative model of the single transistor
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parasitic coupling path to the substrate, where the C, from Fig. 2.11 can be
approximated as (C}]|2Csu). Equation (2.32) is a first-order differential equation
with coefficients of p; and ps:

d(Ve = V)
dt

d(Vi—Va)

- (2.33)

+p1 (Ve —Vy) = p2

where p; = 2/ R (Cj + 2C5) and py = C;/(C; + 2Csy,) . Equation 2.33 can
be solved using the following well-known solution for the first order differential

equation:

Do nthy=att) 5 o) = o ([ u0ra0) +)  whereutn) el

dt )
(2.34)
Using (2.34) to solve (2.33) and consequently (2.32) b), we can represent V, and
V, in terms of V; and V; as follows:

JWing JWinj

1 1
Ve==(1+pp—— | Vi+=(1—pp—"— ]V, 2.35
2< p2]wmj+P1> ! 2( p2]wz‘nj+,01) 2 ( )

1 JWinj 1 JWinj
Vio==(1—p—"" |\ Vi+=|14p—— |V 2.36
Y2 ( P2 JWins + P2> P ( P2 JWing + P1 ? ( )

Therefore, 7, is derived as

i, =0 ———= = = C)

P ’ 277 JWinj + p1 dt
in terms of the difference between V; and V; and has the coefficient 0.5C; (1 —
p2(jwinj/jwinj + p1)) which contains all the required parameters for modeling the
substrate parasitic, Cj, p1, and ps and also the frequency dependence, w;y;. This
coefficient can be also separated into the real and imaginary parts as p3 — jp4 Where

ps and p4 are given as
CQ
J WsubWing

= 2.38
. 405Ub wz'an + w?ub ( )
pP3 = —Cj J J =-C;— P4 Wing (239)

o 2 2 T 5]
4Csub win]’ + Woub 2 Wsub
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where p; and py are as follows:

2 1
— ~ = W,y 2.40
o Rsub (Cj + 2C’sub) Rsuszub Wsub ( )
C; C;
- ~—1 (C; < Csup) (2.41)

P O 2C, 2w
Now, the derived parasitic current, i,, needs to be added to the KCL written at the
output of ILO in (2.7). By rearranging the revised KCL and using the techniques
explained in Section 2.2 that derived equations (2.11)-(2.13), the revised KCL is

as follows:
dA do Adb
A+R,C—+jR,CA— —2]QxA+jQ
dt dt Wo dt 9 42
4] 4[ d ‘ (242)
T

By separating the real and imaginary parts of (2.42) and setting the steady-state
condition, df/dt = w;,; and dA/dt = 0, the amplitude and phase dynamics are

derived as follows:

R,
— (4/7 (Lpse—1 + Lini—1 co8(0ipn; — 0
1 +Rpp4wm] ( / ( 1 Jj—1 ( J )) (2'43)

-+ Agwin]’ (p4 008(92 — (91) — pP3 sin(Qg — 6‘1))

A¢p = (0inj — 0)

— win—1 1 P3 2Q Ay
— sin < I ((1 +4 C) Winj — wg) i (2.44)
— ((pg 608(62 — 91) — P4 sin(GQ — 91)) X A2Rp wmj)

The revised amplitude dynamic(2.43) contains a decaying term (R, /(1 + R,pawin;))
which causes amplitude degradation, and an error term caused by adjacent ILO
amplitude and phase changes, 05, A>. The amplitude error is plotted in Fig. 2.16
for different C;/Cy, ratios versus relative phase of the two adjacent ILOs. The

unilateral injection of ILO;, I;,;1, is set to zero in order to only capture the in-
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Figure 2.16: Amplitude variation of ILO number 1 for various C;/Cj,, ratios as
the relative phase of two neighboring ILOs varies.

jection parasitic current effects and its corresponding amplitude error. The Cj is
the junction parasitic capacitor that depends on the size of the transistors. In Fig.
2.16, it is varied from 1 fF' to 20 fF with assuming Rg, = 1kQ and @ of 5. To
verify (2.43) and (2.44) with simulation, the two differential ILOs were simulated
in Cadence while their parasitic coupling path is modeled as shown in Fig. 2.15 b),
with series C;, and shunt R, Csup. The circuit simulation results for two values
2.5% and 10% for C;/Cy,, are also plotted in Fig. 2.16, which almost matches
the derived dynamic and parasitic coupling model and the circuit simulations.
Another observation is that the larger transistor has more parasitic to substrate
coupling and therefore, larger C;/Cly, ratio, causing larger amplitude error in the
ILO output.

Fig. 2.17 shows the amplitude error caused by different substrate resistiv-
ity as a function of phase changes for adjacent ILOs under the assumption that
C; =20 fF. As observed in Fig. 2.17, higher resistivity substrate or further dis-
tance between two neighboring ILOs is desired in order to have smaller amplitude
deviation. The revised phase dynamics are expressed in (2.44) has the frequency
bandwidth decaying term proportional to 1/R,;n;1(1 + p3/2C). Also, the phase
error term depends on the second ILO amplitude and their relative phase, 6; — 605.

As it is illustrated in Fig. 2.18 a), smaller ratios of C;/Cs,, and higher resistiv-
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32

ity substrates result in smaller phase error due to the substrate parasitic coupling
path.

To characterize the parasitic effect on the ILO with respect to device ge-
ometry, one may assume the two ILOs are relatively far from each other. In other
words, the amplitude of the second ILO, A, is zero. Therefore, the phase shift of
ILO due to the device parasitic is

P3N\ . 2Q A1
Ap = sin~ ! <((1 + 20) Winj WO) wo ) (2.45)

Rp [injl

where A; = R,I,s. This equation is a revision of equation (2.16) to include the
capacitance parasitic of the original ILO, with a term proportional to (14 (p3/2C))
that impacts the locking bandwidth. Note that under ideal assumption where the
parasitic capacitance path is neglected, replacing p; = 0 as C; = 0 in (2.45) will
result in (2.16) where any parasitic effects ignored.

The circuit simulation result of the phase shift versus frequency detuning
relation, (Apvs(win; —wop)) , for a single ILO with I;,;/Ios. = 1/5 is plotted in Fig.
2.19. The modified phase shift equation for single ILO, 2.45, is also plotted in Fig.
2.19 while the ratio of the parasitic capacitance, C}, to the tank capacitance, C, is
changed until it fits the circuit simulation results. The revised model in (2.45) can
be used to estimate the parasitic capacitance of the implemented ILO by finding
out for what value of C;/Cy, , the derived equation and circuit simulation results

match.

2.5 Proposed Folded-Cascode ILO

As it was explained in the previous sections, the ILO phase shifter is in-
fluenced by the circuit parasitics and introduces phase error, amplitude error, and
lower locking bandwidth. Therefore, lower parasitic sensitive circuit and technique
are required for implementing IL.O on silicon technology. To inject current into the

tank of the oscillator, common source or cascode amplifiers are commonly used.
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Figure 2.19: Phase shift versus frequency detuning of single ILO, both circuit
simulation results and modified dynamic equation, (2.45) comparison.

common-source transistor, Fig. 2.20(a), converts the gate voltage into drain cur-
rent, which can be coupled into the oscillator tank. A cascode amplifier, shown
in Fig. 2.20(b), improves upon the common-source transistor to reduce the Cy4
parasitic capacitance dependence by adding a common-gate transistor to provide
better isolation. Additionally, it offers higher output resistance, g,,r2, to the in-
jection node. However, the size, i.e. width, of common-source and common-gate
transistors are not independent parameters since both transistors are typically n-
MOS or p-MOS devices that are biased with the same dc current. Increasing the
common-gate transistor width adds more capacitance C, to the ILO output and
the trades-off of C,/C and g, remains. The size of the common-gate transistor
also impacts the headroom of the common-source transistor. In steady state, large
swing across the oscillator tank and injection transistors forces the transistors into
triode mode. Larger common-gate transistors limit the common source transistor

swing headroom and, therefore, reduce its injection transconductance, g,,.

A folded cascode solution is proposed here to overcome the headroom and
isolation challenges. In the folded cascode structure, the n-MOS common-source
transistor produces a dc and ac current. While the dc current is supplied by bias

transistors, the ac current flows into a p-MOS common-gate transistor as shown
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in Fig. 2.20(c) assuming the ILO tank as an equivalent load of a typical amplifier.
This modification shifts the parasitic capacitance from the injection node to the
folded node and relaxes the swing headroom issues as a separate dc current source
is used to bias the common-gate transistor. The folded cascode allows separate dc
biasing of common-gate and common-source transistors, giving the circuit design
more latitude to choose the cascode transistor width. The width of the common-
gate transistor, W;,;, is reduced to lower the C,/C ratio while the width of the
common-source transistor, Wy, is independently chosen to increase the g, and
Iinj/Iosc. In other words, the folded cascode has the advantage of larger output
impedance, g,,r2, and better isolation, but also relaxes the g,- C,/C trade-offs
described in the previous section.

Transistor-level simulations of three different circuit schemes are plotted in
Fig. 2.21 for different W;,,; and, therefore, I;;,; /5. The current ratio I;,;/Iosc is
set as small as 0.1, and only Wj,,; changes to verify the effect on g,,,- C,,/C trade-offs.
The results in Fig. (2.21) indicate that the common-source and cascode schemes
saturate as Wj,; increases due to the C, reduction, while the folded cascode reduces
the C,/C by controlling the folded transistor size, W, and provides extra g,, as
the folded transistor size is 2 to 4 times larger than W;,;. The circuit simulations
verify that the folded-cascode, injection-locking circuit more closely follows ideal

theory with an improved locking range given a dc current.
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Chapter 3

Scalable High Data-rate Phased
Array using Wideband

Injection-locked Oscillator Phase

Shifter

3.1 Scalable LO-shifting Transceiver Array Archi-
tecture

The conceptual block diagram of the scalable LO phase-shifting array is
shown in Fig. 3.1(a) where multiple die are aggregated through LO distribution
and IF combining or splitting. One significant advantage of LO phase shifting is
that the phase shift can be implemented at low-frequency and distributed across
the chip and then multiplied at each transceiver element. The advantages of low-
frequency LO distribution are that, first, the LO tuning range is also multiplied
and provides coverage over a wideband (but not larger from the standpoint of a
fractional bandwidth) and, second, a low-frequency LO signal avoids pulling from
the PA since the LO frequency well-separated from the RF band.

The proposed 4-element bidirectional phased array block diagram is illus-

trated in Fig. 3.1(b). The transceiver architecture implements a heterodyne fre-

36
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Figure 3.1: (a) Conceptual block diagram of scalable LO-path phased array. (b)
Proposed 2x2 bidirectional LO-path phased array block diagram. (c¢) Frequency
planning of E-band system.
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quency plan shown in Fig. 3.1(c) to eliminate the problems of direct-conversion
architectures, such as dc offsets, flicker noise, and IP2. Four VCOs are locked to an
external reference to provide channel selection and tune the frequency across the
band. In addition, each VCO provides phase shifting through injection locking.
The frequency of operation of each VCO is 15.5-18.2 GHz and is multiplied by four
(x4) to provide broader frequency range, 62-72.8 GHz, and also widen the phase
shifting range. Each of these four LOs drives a bidirectional up/down conversion
mixer in each single element of the phased array. The mixer’s RF and IF am-
plifiers are also designed to be wideband, 71-86 GHz and 2-18 GHz, respectively,
and combined in the output and input for bidirectional operation. The combiner
is designed to provide enough isolation between each RX and TX amplifier (Sec.
3.2.3). The IF ports of each element are also combined on-chip and further ampli-
fied by additional bidirectional IF amplifiers while routing through the chip to the
IF port.

With a 10-GHz LO tuning range (62-72.8 GHz) and wideband IF amplifiers,
the frequency plan uses the upper sideband of the mixing products and requires
filtering of the lower sideband products as shown in Fig. 3.1(c). To move the
sideband or image signals out of the band of interest, the lower L.O signal band,
62-67 GHz, and upper band LO signals, 67-72 GHz, select the lower (71-76 GHz),
and upper (81-86 GHz) bands of E band, respectively. If the IF signals are centered
at 9 and 14 GHz for lower and upper band, respectively, the image and sidebands
will move to the 53-58 GHz band, which are easily attenuated by RF filters and

antenna bandwidth limitations.

3.2 Wideband Bidirectional Circuit Implementa-
tion
3.2.1 1ILO Phase Shifter

Folded cascode architecture is the optimum scheme for current injection

in high frequency regime, which is verified in chapter analytically. The proposed
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Figure 3.2: Proposed folded-cascode ILO phase shifter.

folded-cascode ILO phase shifter is shown in Fig. 3.2. Cross-coupled p-MOS
transistors, Mi,_1p, offer lower flicker noise contribution compared to n-MOS tran-
sistors when biased at similar dc current. M, 9, are the common-gate p-MOS
transistors with half of the size of My, 1, with 120-nm length. Common gate in-
jection transistors are biased with Ms,_3;, current sources. The size of M3 controls
the admittance of the current source, which adds to the parasitic capacitance of the
folded node, INJ4 and I N Jp, detailed in the analysis of the locking bandwidth
from chapter 2. Moving the parasitic-sensitive node to the source of the injection
transistors, INJ, and IN.Jg, rather than the ILO output in the common-source
and cascode transistors is a significant advantage. M3 is sized to create larger
impedance than the 1/g¢,,2 at the interface node, (ﬁ | 7o) > g% , by adding
smaller capacitance, C'ys3, to the folded node. The common-source transistor pro-
vides injection current and ac coupling from the common-gate transistor and its
output impedance also creates a large impedance compared to 1/g,,2. Separate
biasing of the injection transistors relaxes the size constraints and provides two
degree of freedom for controlling the dc and ac injection current to the ILO.

The oscillator core schematic is illustrated in Fig. 3.3. As described in
Sec. 3.1, the LO tuning range covers 62-72 GHz. Since frequency multiplication
is employed, the required tuning range of oscillator, fro/4, is 15.5-18.2 GHz cor-

responding to 16% tuning range. The oscillator design is sensitive to the ¢ of
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Figure 3.3: Oscillator core schematic with inductor and 4-bit switched capacitors
layout illustration.

capacitors and inductors as well as the parasitics associated with routing. While
the interconnect inductance between the capacitors and the inductor could be
absorbed as a total tank inductance, the routing introduces mismatches as each
capacitor in the capacitor bank will not see the same inductance. For this rea-
son, this design sought to minimize the parasitic routing. Given the assumption
that 100 gm metal routing provides approximately 70 pH parasitic inductance, the
minimum tank inductor value is defined to be at least 3 times bigger than the
parasitic inductance, therefore, the inductor value was chosen to be 270 pH. The
inductor metal uses top metal layer of the technology with 15 pum width and 150 um
outside diameter. Metal-Insulator-Metal (MIM) capacitors offer smaller footprint
with 2.87 fF/um? density with @ of 20-30. Therefore, 4 bits of MIM capacitors
with Cynae/Cmin of 3 are used for coarse tuning. However, the capacitors are ar-
ranged symmetrically between the differential lines. Two symmetric positive and
negative metal lines branch out perpendicularly from each side of inductor and the
required capacitance bank is divided by half and distributed to right and left sides
as shown in Fig. 3.3. The biggest capacitance value is located closer to the core
as it contains the maximum energy transfer to the inductor. With this layout, as
each capacitor in capacitance bank turned on, both positive and negative lines see

the same amount of capacitance. For fine tuning, n-MOS varactors are used that
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Figure 3.4: Proposed ILO phase shifter simulation results in Cadence using par-
asitic extraction and EM simulator.
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extraction and EM simulator, a) phase shift VS Aw for different I;,,;/l,sc. b)
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limit the quality factor of resonance tank to 7. The varactors are controlled by
an analog voltage from 0 to 1.2 V to provide phase shifting along with frequency
tuning. The LO simulated tuning range is 21% (16.5-19.8 GHz) and the least
significant bit (LSB) of fine tuning of 3007350 MHz which is around two times
of the simulated LSB of coarse tuning (120-180 MHz). The simulated transient
response of the proposed folded cascode ILO phase shifter for different varactor
voltages is shown in Fig. 3.4. In this simulation, the LO is locked to the injected
signal with -10 dBm input power at 19.3 GHz frequency, and the LO coarse bits
are set to 0000 to oscillate near 19.3 GHz. Tuning the varactor provides frequency
detuning and, therefore, a maximum A¢ of 50 degrees is predicted with less than
10% amplitude mismatch, AA/A.

In addition, the proposed ILO performance in terms of phase shifting and
amplitude variation as detuning the ILO is plotted in Fig. 3.5 (a) and (b) respec-
tively for different ratio of I;,;/losc. For Ijn;/lose of 1/2, the simulation results
predict a 300-MHz locking bandwidth with 4+ 50 ° phase shift and under 0.5 dB
amplitude variation. While this injection current is larger than satisfied by the
weak injection assumptions, the underlying theory is still reasonably correct. Most
importantly, it is evident that another benefit of the reduced frequency detuning

requirement is the lower amplitude variation to achieve a given phase shift. The
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Figure 3.7: LO-path simulated conversion gain and maximum output power ver-
sus frequency.

amplitude variation as shown in Fig. 3.5 is explained by the variation of the var-
actor () as explained in chapter 2. As the varactor voltage changes, the varactor
capacitance varies nonlinearly, [57]. Additionally, the varactor @ changes as the
series resistance of the channel varies. For example, the capacitance values are
changing with smaller slope for w;,; —wo > 0 where 0.6 < V; < 1.2, and the @ is
larger. Therefore, the corresponding amplitude variation is smaller for w;,;—wy > 0
while for w;,; —wy < 0 where 0 < Vy < 0.6 the amplitude variation is larger as the

() is smaller.

3.2.2 Frequency Multiplier

To tune the phase of the oscillator linearly across the 71-86 GHz band,
the frequency multiplier and buffers are shown in Fig. 3.6. Firstly, the output
voltage of oscillator is buffered with two amplifier stages followed by two poly-
phase filter (PFF) stages with f; = 1/R;Cy and fy = 1/RyC5. The simulated PFF
has 2° degree phase imbalance and less than 1-dB quadrature mismatch within
the ILO tuning range (16.5 — 19.8 GHz) and 9-dB loss. The input buffer stages
compensate the PFF loss by providing 19-dB voltage gain. Circuit simulations
for R-C mismatch predicts less than +£1° quadrature phase mismatch and 1-dB
amplitude mismatch, resulting in under 0.5-dB power variation at the multiplier
output. In addition, the input buffer stage is a variable gain amplifier to calibrate
any uncertain and unpredictable mismatches raised from different conditions of

process, voltage, and temperature (PVT) variation. The quadrature signals drive
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Figure 3.8: Simulation results for 4xILO under 19.3 GHz injection frequency for
Iinj/Iosc = 1/5, 1/2 and two worst-case process conditions, a) amplitude variation
versus frequency detuning, Aw, b) phase variation versus frequency detuning, Aw.
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the transconductance, (Q1_4, of the quadrupler circuit, which are combined in the
output and connected to CG, @5, buffer. The quadrupler consumes 4 mA dc
current from 2.5-V supply voltage and provides 1-dB gain.

To increase the power delivered to up/down conversion mixer for higher
conversion gain, two wideband amplifier stages are used. This amplifier follows the
quadrupler operates from 62-72 GHz is depicted in Fig. 3.6. The first and second
stage HBT transistors are biased with 12 mA and 24 mA current, respectively, from
a 1.8-V supply. These amplifiers provide an average 15-dB voltage gain within the
bandwidth. Fig. 3.7 illustrates the P, and conversion gain of LO chain over
the frequency range which shows 10.2-dBm output power delivered to mixer with
23-dB power gain.

The simulated amplitude and phase shift range of the L.LO-chain under -10
dBm input injection power at 19.3 GHz is illustrated in Fig. 3.8 a) and b). The
output phase shift versus Aw for two I;,;/Ios. ratio of 1/2 and 1/5 shows +300°
phase shift with less than 0.8-dB amplitude variation. The simulation results
for slowest and fastest corner cases, SS 85°C' and FF —40°C', are also plotted.
Simulations for different PVT conditions, result in an average 100 MHz variation
in the free-running oscillation frequency. Using 4-bit digital coarse tuning with LSB
of 120-180 MHz and an analog-voltage controlled varactor with 300-350 MHz LSB
can re-tune the free-running oscillation frequency. The phase shifting performance
of ILO for these two corner cases from Fig. 3.8 a) and b) illustrates that for slowest
condition, SS 85°C', the locking range is reduced by at most 50% and the phase
shift range by 10%. The performance under the slow corner (SS 85°C') condition
is similar to the typical condition (TT 27°C) performance with smaller injection
ratio, I;n;/losc of 1/5. Consequently, the injection current ratio, I;,;/losc , can
compensate the locking range or phase shift range under different PV'T conditions.

To distribute the LO injection power to the common source amplifiers of
each ILO phase shifter of each channel, a tuned load amplifier centered at 18 GHz
resonates out the routing parasitic capacitance as shown in Fig. 3.9. The maximum
power transfer to each ILO minimizes the input sensitivity. The distribution of

injection signal and ILO tanks are located at the same frequency which is another
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Figure 3.10: Bidirectional front-end block diagram of each channel

feature of the proposed phase shifting approach. The disadvantage of sub-harmonic
injection which was used previously [5,42,43] is that a higher- () tank must filter out
the desired harmonic of injection signal which limits the locking range as described

in chapter 2.

3.2.3 Bidirectional Front End

The block diagram of the bidirectional front-end for each channel of phased
array is shown in Fig. 3.10. The mm-wave bidirectional front-end has been previ-
ously reported in [24] at 45 GHz and recently the wideband version at E-band was
proposed in [63]. The proposed wideband 62-72 GHz LO-path phase shifter in this
work is inherently bidirectional and produces a phase shift for both RX and TX
modes. Therefore, the RF and IF amplifiers are designed to be bidirectional and
wideband. At this frequency range, 71-86 GHz, the insertion loss of switches as
duplexer is very high; so this work uses a transmission-line network that combines
PA output and LNA input at the antenna and LNA output and PA input at the
mixer [24,63]. The TX/RX IF amplifiers operate from 2-18 GHz and are con-
nected at the input and output. Since the IF frequency is low, combiners are not
needed for IF amplifiers. Switching off the circuit biasing of the complementary
amplifier in half duplex operation provides enough isolation and high impedance
at the interface node. For the up/down conversion, the mixer is used as MOSFET
switches, which are inherently bidirectional due to the source and drain symmetry.
The mixer and IF amplifiers are differential while RF and LO amplifier blocks are

single ended. Therefore, two wideband baluns are implemented at both RF and
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LO ports of mixer.

PALNA The PA/LNA (PALNA) amplifier is shown in Fig. 3.11 and has three
amplifier stages controlled with base biasing circuits to enable operation. The first
transistor is optimized for low noise-figure and has a 10 um emitter length biased
at 15-mA dc current bias and degenerated with a 40 ym transmission line (T-line).
The T-line is a grounded coplanar waveguide (G-CPW) as shown in Fig. 3.11
and uses one layer below top layer with 7 um width and 8 um distance to ground
to provide 50 {2 impedance. The other two output stages are designed for high-
gain and are biased with 4 um emitter length. The input and output matching
network of the LNA create 50 {2 impedance at antenna and mixer port while the
interstage are matched for complex conjugate values. The PA contains 4 stages;
the final stage is a simple common-emitter structure with 40 ym emitter length
biased with 55 mA dc-current in class- A configuration. This provides 15 ohm PA
loadline impedance, which is transformed to 50 {2 at the output matching network.
The PALNA input/output matching is not affected by combiner transmission line
length. However, the combiner transforms the disabled amplifier stages input or
output impedance to a large impedance at the combined port. In TX mode, the PA
bias is enabled and LNA is disabled. Thus, the PA output is 50 {2 while the LNA
creates a low impedance; therefore, a proper transmission line length at the input
of LNA moves the low impedance of LNA input to high impedance at the interface
node [63]|. This scenario is also applied for the RX mode where the PA is disabled
and LNA is enabled. The combiner transmission line length provides impedance
transformation and isolation are also shown in Fig. 3.11. The transmission line
combiner adds around 1-dB insertion loss to the PA/LNA simulated performance,
which is favorable when compared to the insertion loss of a CMOS switch at this
band, 2-3 dB. Simulated results of the combined PALNA are shown in Fig. 3.12
and indicate 24-dB gain and 6.6-dB NF at 78 GHz in RX mode. For TX mode,
the gain reaches 32 dB, 14.5-dBm saturated output power, and 12% PAE at 78
GHz.
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Figure 3.11: Bidirectional wideband PA/LNA amplifier.
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49

PALNA & Mixer ILO Injection Current Distribution
"""" '
B et s '
s 1=
el & =[0osq i esc3i= 9 o3
-3 F e M
3 o . !
5| "Wall
g ; H =
O | ? : Lk
CH2 B ) [
e 2 T
PFF, Quadruple and Buffer Mixer PA LNA

Figure 3.14: A 2x2 phased-array transceiver micrograph.

Bidirectional Mixer and IFA  The bidirectional up/down converter is shown in
Fig. 3.13. The mixer is composed of four n-MOS transistors in a ring configuration.
In RX mode, higher linearity is desired while in TX mode higher delivered power
to PA and conversion gain is desired [63]. Therefore, in RX mode, the four n-MOS
transistors of mixers are biased with a 0.55-V supply voltage with zero dc-current
to create passive mixer for better linearity. Two stages common-emitter HBT
amplifier follows the mixer to compensate the loss. In this mode, the connected
IF' amplifier of TX is disabled by turning off its biasing while in TX mode, the TF
amplifier of RX is disabled. This creates big impedance at the interface node of
complementary circuit. In TX mode, in order to achieve higher conversion gain,
the four mixer transistors draw DC-current through the common-emitter HBT IF
amplifier, 7., which creates Gilbert-like active mixer. The output balun also
provides output matching for Gilbert mixer. In TX mode, Gilbert mixer provides
around 5.5-dB conversion gain and 3.5-dBm output power. In RX mode, the

conversion gain is 10.3 dB with -16.2 dBm input P,_45.

3.3 Phased array Measurement results

The micrograph of 2 x 2 phased array transceiver is shown in Fig. 3.14. The
circuit was implemented in 90-nm SiGe BiCMOS process with 10 metal layers
interconnection, 9 copper metal and one aluminum top layer and measures 3.4 x

2.1 mm? including pads and ESD. The technology offers HBT transistor with 300
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GHz/350 GHz fr/ fmas, metal-insulator-metal (MIM) capacitors, vertical-natural
(VN) capacitors and resistors. The chip is mounted on a Rogers 5880 printed
circuit board (PCB) with 10-mil thickness. Multiple dc pads were considered in
the chip in order to be able to better characterize single chain performance, and
all these dc, LO and IF pads were wire-bonded to the PCB traces. All the RF
pads of every element were probed with 1-mm coaxial (GSG) probes. The power
consumption of each block is as follows: 17 mW per VCO, 32 mW each quadrupler
and its buffers, and 40 mW injection current network (4 local buffers and tuned
load amplifier). Every bidirectional front-end also consumes 330 mW and 230 mW
in TX and RX mode, respectively.

3.3.1 Transmitter /Receiver Measurement

Fig. 3.15 shows the down-converted output spectrum of one channel using a
5-GHz IF frequency and 16.5-GHz LO, (66 GHz for 4xILO) to select the 71-GHz
channel. An off-chip, 76-GHz LO signal down-converts the signal to sidebands
at 5 GHz and 15 GHz, respectively. The LO leakage and sideband rejection are
higher than 40 dB. The saturated output power, Psar, for the four channels and
the average results over 71-86 GHz bandwidth are shown in Fig. 3.16 and also
compared with average simulation results. The average Pgar reaches maximum
value of 10 dBm and remains higher than 7.2 dBm over the 3-dB bandwidth.
The power measurement is performed by using W8486A for power sensing and

Agilent E4419B power meter for power reading. The average conversion gain of
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each channel is 24.5 dB in TX mode and the input return loss is better than 10
dB over the 71-86 GHz band.

The receiver NF of every array element is measured using the gain method
[57] and shown in Fig. 3.17. The average N F,,;, is 9.5 dB and remains below 14 dB
within 70-86 GHz. The average conversion gain of single element is around 26.2 dB
which is considered in NF measurement and also shown in Fig. 3.17 and compared
with circuit simulation results. In addition, the measured receiver RF port input
return loss is below 10 dB and the input compression port is better than -30.6
dBm over the bandwidth as shown in Fig. 3.18 with the simulation results. The
difference between simulation and measurement results, 2 dB of Ps4r and 5 dB
of conversion gain arise from underestimated loss in the interconnects and passive
elements. For example, the @) of capacitors simulated with a 2.5D electromagnetic
simulation (EMX) differs by a factor of 5 when compared to simulations based on
process design kit (PDK). An average 2 dB lower measured maximum available
gain for transistors and 1 dB/mm more loss for transmission line was found in
test cells, resulting in shifted measured gain and frequency response compared to

PDK-based simulations.

3.3.2 ILO Phase Shifter

The RF port of each element is probed to characterize the performance
under free-running and locked conditions. The measured VCOs have a tuning
range from 15.5 to 18.2 GHz as shown in Fig. 3.19(a), using the 4-bit digital control
word for coarse tuning and analog voltage, Vy. The least significant bit (LSB) of
the coarse tuning is equal to 140 MHz for low-frequency band (LB), i.e. 15.5 GHz,
and 170 MHz for high-frequency band (HB), i.e. 18.2 GHz. The analog fine tuning
is 280 and 350 MHz for the LB and HB, respectively. The measured locking range
is also illustrated in Fig. 3.19(b) versus detuning frequency and compared with
simulation result. The LO injected power is 3 dBm and the average ILO locking
range is approximately 220 MHz, close to the predicted 300 MHz by simulations.
The transient response of the locked transmitter is shown in Fig. 3.20 a) for 78°,

190°, and 290° phase shifts with analog fine tuning voltage, Vy. The channels are
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Figure 3.19: ILO average measurement for a) free-runing TR, b) locking range
when four phase shifters locked and simulation result.

vi=ov
Ag =0

B0 © 0
—— Trigger Signal — Trigger Sigrial Anritsu 68269A/NV Signal Generator Agilent 6 GHz Signal Generator
- . " S

L=0% T

Balun

Quinstar
Balanced Mixer
(75-110 GHz)

SMA 'I' 5-1'.:‘&}11
=1
-

Down-converted
signal <6 GHz

s
S Injection
i Reference Signal

Agilent E8257D Signal Generator

**10 MHz port of all equipments are connected for synchronization.

(b)

Figure 3.20: ILO phase shifter measured transient response (*.csv data) from
oscilloscope for single element locked at f;,; = 16.5GHz under different phase
shift, a) 78°, 190° and 290°b) measurement set-up.
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Figure 3.23: 2x2 ILO phase shifter placement and distance to each other, b)
amplitude error of OSC1 due to relative phase changes to other OSC and the
comparison with revised amplitude dynamic, (43).

locked through an Agilent source signal at LO port and the RF port is probed and
down-converted to lower frequency with a W-band mixer. The down-converted
signal is captured with real-time oscilloscope (DSO80604b) and compared with a
reference signal as a trigger, Fig.3.20 b) shows this. The measured phase shift and
amplitude variation for the four channels under 3-dBm injection power are shown
in Fig. 3.21 a) and b), respectively. The amplitude variation is under 1 dB and the
phase shift range is 300° as the ILO is detuned over the locking range.  High-
frequency coupling causes amplitude variation and errors between channels. Fig.
3.22 shows the amplitude variation of channel 1 when the TLO of other channels
varies. When the injected power is -5 dBm, the amplitude error is around -0.5 dB.
When the injected power is 3 dBm, the amplitude error is under -0.25 dB.

To verify the matching of the amplitude and phase dynamics that derived
in chapter 2.4 and expressed in equations (43) and (44) with the measurement
results, the ILO number 1 was probed while the other ILO2-4 were de-tuned sep-
arately over their locking range. The unilateral injection current of ILO1 did not
capture the effect of parasitic coupling path. The measurement results shown in
Fig. 3.23 b) demonstrate that ILO4 has the lowest amplitude error compared to
other TLLOs as it has the largest distance to ILO1. To approximate the substrate
parasitic coupling values, C'j, Cyup, and Rgyp, used in (43) and (44), these parame-

ters were swept separately to fit to the plots. For example, by assuming C; equals
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Figure 3.27: Phase noise variation to 12 dB theoretical value compared to LO
source versus scanning angle (phase shift) at different offset frequencies.

to 20 fF, the amplitude equation (43) will fit the ILO4 amplitude error curve at
R, equal to 8 k2, while it fits the ILO2 amp-error curve at 3.5 k€2. The distance
between ILO1-ILO4 is twice the distance be-tween ILO1-ILO2, which predicts the
parasitic R, must be twice in the former. This shows an acceptable agreement of
the derived amplitude and phase relations, (43) and (44), to be used for consider-
ing unpredicted parasitic coupling path in the design of injection-locked oscillator
circuit.

The TX and RX array patterns measurement setup is shown in Fig. 3.24.
The measured results are shown in Fig. 3.25 at 73 GHz and 83 GHz in both
TX and RX modes. Discrete phase shifters are inserted in RF path to emulate

the propagation delays of the antenna array. For the TX mode, two channels were



o8

M8190A 12 GSals Arbltrary Waveform Generator

Real-time Oscilloscope
DS080604b

g
ouAs
ZHWN 0}

ZHWN 0}

QuinStar |
Balanced

Down-convened S|gnal
<6 GHz

15.5- 18 2 GHz
Agilent E8257D Signal

DC-26 Generator _
GHz
Balun [ s
=
e = 8 s I
- B N
2 ° | Injection
2 T
3 En i3 'g Reference Signal

Agilent E8257D Signal Generator
** 10 MHz port of all are for synchr

Figure 3.28: Transmitter modulation setup.

_— . 0 0
~ ) _ PRI — P
g -10 J : @ -0 | w‘l1 g -10 {
Q 20 ] a 20 2 2 ‘
7] & e o @
V)| I Ly o o '
D g e 3 »
S ol e " 8 40 f i, S 4 i "
E ! ¥ E b E i WM‘
5 50 g™ After DPD | 5 50 After DPD “m‘ﬁ‘h R 0 U —r T W
Y| S — Before DPD |- Z 5 Before DPD " z 0, Before DPD

7 72 73 74 75 71 72 73 74 5 71 72 73 74 75

Frequency (GHz) ) Frequency (GHz) 5 Frequency (GHz)
1
e ® O & S W
T o T s 1TEEEiiiis us
- & & a4 o » v

1 e e e e Al 22233233 :

3 3 15

A5 A 0.5 0 05 1 1.5 15 4 0.5 0 0.5 1 1.5 45 A 0.5 0 0.5 1 15

Figure 3.29: Modulation measurements results for 16 QAM (3Gb/s), 64 QAM
(4.5 Gb/s), and 256 QAM (6 Gb/s).

probed while the discrete phase shifter set to a certain value. The ILO phase shifter
reproduces the pattern over the £300° phase shift range with continuous phase
resolution. The E-band front-end produces below 20-dB peak to null ratio which
reduces to 15 dB for the bigger beam steering angles as the phase shifter enters to
near the locking edge in these states. Operating near the locking edge increases
the amplitude mismatch and errors as illustrated in Fig. 3.21, which consequently
decreases the peak-to-null ratio in the overall array factor performance.

For ILO phase shifter, the phase noise contributes to the integrated phase

jitter. ILO phase noise follows the reference sources noise and jitter, therefore,
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—330° versus averaged P,,; for 256 QAM.

another limitation of phase resolution is the injection reference phase jitter. The

root-mean-square phase error can be estimated from the phase noise according to

¢RMS,source = \/2 X 1Of;:”" L df/107 (31)

However, multiplication by four will increase the error of ILO output by four as:

PRMS1L0ws _ \/1({84710) — 3.0, (3.2)

gbRMS,source

In other words, multiplication by four will add 20log,,4 = 12 dB to the
phase jitter of the signal source and the rms phase jitter is increased by a factor
of 4. However, the phase resolution variation as the phase shifter changes to
different state is also important which defines the phase error within scanning
angle. The phase noise of the RF output at 73 GHz is plotted in Fig. 3.26 for
different phase shifter states with a reference at 16.5 GHz. The locked transmitter
has -72.9 dBc/Hz at 10 kHz, -93.2 dBc/Hz at 100 kHz, and -112 dBc/Hz at 1
MHz. Integrating the jitter over a 100-MHz bandwidth and using (3.1) and (3.2)
results in roughly 2° rms phase uncertainty to the transceiver output. However, the
phase resolution is limited by the discrete phase shifter used in the measurement
setup. The theoretical difference between the RF output and injection source are

equal to frequency multiplication factor. To discriminate the transmitter phase
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noise from the down-converter phase noise, the phase noise of the LO provided
to the measurement discrete down-converter must be better than the injection
LO source, which has a noise floor of -124 dBc/Hz at 1-MHz offset and is 12 dB
lower than the RF output phase noise. The phase noise of the transmitter under
different steering angles and detuning frequency range is also shown in Fig. 3.27
for different offset frequencies. Multiplication by 4 degrades the phase noise by 12
dB but an additional 2.5 dB penalty is observed over the steering angles that cover
+/-180 degrees. This 2.5-dB phase noise variation across the scanning angle range

results maximum v 10(°-25) = 1.33° phase uncertainty to the transceiver output.

3.3.3 QAM Modulation

Complex modulation such as QAM modulation demonstrates multi-gigabit-
per-second data rates. At high frequency, PA non-linearity, L.LO leakage and phase
noise are the main constraints for QAM modulation. Injection locking improves
the transmitter phase noise as the locked oscillators track the reference phase noise
within the locking bandwidth as explained in Sec.3.3.2.

PA non-linearity distorts the transmitter output signal and poses a more
significant SNR degradation at peak power than the LO phase noise. Digital pre-
distortion (DPD) can be implemented to compensate the compression of the PA
[64,65]. The memory polynomial model (MPM) was used to model the LO-leakage,
[/Q imbalance impairment, amplitude-to-amplitude (AM-AM) and amplitude-to-
phase (AM-PM) compression of the PA as

y(n) = Z Z Cmr z(n —m) |z(n —m)|F ! + ¢, (3.3)

where K is the non-linearity order and M is the memory depth which were
set to 5 in our measurement setup. The dc offset, ¢;, is applied to the model to
compensate the LO leakage. The DPD modulation setup is also shown in Fig.
3.28. Firstly, arbitrary digital 1/Q data is generated using a 12 GS/s generator
and applied to the IF port of phased array and monitored on a single channel.

The down-converted output is captured by 6 GS/s real-time oscilloscope and pre-



Table 3.1: Mm-wave Phased Array Comparison, W-band and E-band
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[ [ [16] [ [17] [ [18] [ [5] [ [10] [[ This Work ]
[ Frequency (GHz) | 76-82 [ 70-100 ] 76-84 [ 60 [ 77 i 70-86 |
[ Function [ TX/RX | TX/RX | RX I TX I TX [ TX/RX ]
3-dB Bandwidth 6 20 8 5 2.5 16
(GHz)
# of Elements 8 RX, 8 4 16 4 4 4
TX
Phase Shifting Active RF Active RF Active RF LO Phase LO- 1/Q 2ILO
shifter 1pp
TX Gain / =10 N/A . 20 10.6 =20
element (dB)
TX Paat/ P =6 , 11 12.5 7.2-10
element (dBm)
TX output N/A N/A - N/A +10.2 +7.5
P;_4p (dBm)
RX Gain / =5 =25 11-16 _ - =20
element (dB)
RX input P1_4p5 10 35 26 . B -30.6
(dBm)
RX NF / element 17 <7 11.4-13 - - 9-14
(dB)
Constellation N/A 16 N/A N/A N/A 256 QAM
QAM-32
QAM
[ Data Rate (Gb/s) | N/A [ 10 [ N/A [ N/A [ N/A i 6 |
DC Power RX: 1.6 W TX/RX: RX: 1.2 W 147.5 460 mW/ RX: 286 mW,
TX: 0.94 0.5 W /Total mW /element element TX: 386 mA
W /Total /element /element
[ Area (mm?) | 26.1 [ 3.4 [ 31.9 [ 4.06 [ 2584 ] 7.1 |
Technology BiCMOS BiCMOS BiCMOS 65 nm BiCMOS BiCMOS
0.12pum 0.18um 0.12pum CMOS 0.12pum 90nm
1 PI=Phase Interpolator.2 ILO= Injection-Locked Oscillator.
Table 3.2: Mm-wave LO-path phase shifter comparison
[ [10] I ] I [a7] I [43] [ This Work |
LO-path Frequency (GHz) 50.3-55.5 43.7-52 24 42.75-49.5 62-72.8
Phase Shifting Technique 1/Q- PI 1/Q- PI ILO ILO ILO
Phase Shift Range (degree) N/A 157,90, 180 ° F180° £90° £300°
Phase Resolution (degree) N/A 45 ° Discrete 4° 22.5 " 2°75°
Amplitude Mismatch (dB) 1.5 ~4-1.6 1.5 +0.4 0.4-0.9
7 of Path 1 3 3 1 1
Power/total (mW) 362.7 515 24 35 %236
Technology BiCMOS 0.12um CMOS 90 nm SiGe 0.13um CMOS 65nm BiCMOS 90nm

* Limited to 5°by measurement equipment and 2°is from phase jitter.

** 4 VCO, 4 injection buffers + 4 quadrupler and buffers.
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distorted using MATLAB based on eq. (3.3). The new predistorted signal is resent
to the transmitter to linearize the PA. The input signal has 750 MHz bandwidth
and is located at a 4.5 GHz IF frequency. The input modulated signal bandwidth
and center frequency are chosen based on the 6 GS/s oscilloscope sampling rate.
Fig. 3.29 represents the results for 16 QAM (3Gb/s), 64 QAM (4.5 Gb/s), and 256
QAM (6 Gb/s) at a 7-dB average output back-off power before and after DPD.
DPD is shown to improve the ACPR of the output spectrum as it calibrates the
AM-AM and AM-PM PA non-linearity while the in-band improvement indicates
below 3% transmit EVM. The spurs were present both before and after DPD and
exist because of the out-of-band spurs that are present in the DAC. To observe the
effect of amplitude and phase noise variation on the ILO phase shifter near the edge
of the locking range, QAM modulation is applied on the locked transmitter under
three ILO phase state 0° ,+300°and —330° shown in Fig. 3.30. To compare them at
the same output power within the 750 MHz bandwidth, the amount of L.O injection
power for 0° state was around -13 dBm and for +300° state was around -10 dBm.
As the ILO approaches the edge of the locking range, the phase noise degrades by
2.5 dB and amplitude is reduced by 1 dB, resulting in under a 1% EVM variation
in the transmitter modulation signal which proves another significant feature of
ILO based phased array. The comparison of this work with other F- and W-band
phased array are shown in Table. 3.1. As it can be seen, it is the first phased array
above 70 GHz using ILO phase shifter which also provides operation over a 16-GHz
band. Table 3.2 also compares the proposed folded-cascode ILO phase shifter with
other state-of-the-art LO-path phase shifters. This work is the first ILO phase
shifter above 60 GHz is wideband and consumes only 60 mW per channel. It can

cover 300 ° phase shift range with low amplitude and phase error.
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Chapter 4

A Novel Image Selection

Bidirectional Architecture

4.1 EVM Degradation in Wideband Transceivers

For M-QAM communication systems, the signal to noise ratio (SNR) and
error vector magnitude (EVM) are related. On the other hand, SNR, bit-error rate
(BER) and signal-error rate (SER) are related to each other. Therefore, EVM is
also related to BER/SER as |66]:

3
Pe,s:4XQ(\/(M_1)EVM2) (41)
Py=1—(1-P,)% (4.2)

Fig. 4.1(a) illustrates the BER for 16 and 64 QAM. At a BER of 1077, the
EVM should be below 5% and 10% for 64- and 16-QAM, respectively. Lower EVM
is needed for higher order QAM that provides the benefit of more spectral efficiency.
However, the EVM is degraded by circuit nonidealities including local oscillator
(LO) leakage, LO phase noise, DC offset, conversion gain flatness, 1/Q mismatch
and non-linearity. The LO leakage and DC offsets are the common issues with

homodyne-based architecture and heterodyne schemes trade LO leakage for image

64
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Figure 4.1: Probability of bit error rate versus EVM.

rejection. Using a double-balanced mixer will also improve the LO to RF isolation
to suppress LO leakage. The nonlinearity of the PA is mitigated under back-off at
the cost of efficiency. The LO generation frequency path driving the quadrature
mixer causes sever issues for modulation constellation. Besides the LO phase
noise which rotates the constellation, the amplitude and phase mismatch of the
quadrature LO paths will degrade the EVM as not providing desired attenuation
of unwanted image band and flat conversion gain of mixer within the operation
bandwidth. In other words, the amplitude and phase mismatch both degrade the
IRR and cause unequal conversion gain within the modulated signal bandwidth.
For wideband mm-wave communication systems, 1/Q mismatch and LO phase
noise are the significant limitations to realize high-order QAM [48]. Assuming
each impairment is independent, the EVM of the affected of these impairments in

a heterodyne system is

EVM % \/EV My + EV Mo py (4.3)

Where the EV M ggr and EV Mpo_py are the EVM contribution of image
rejection ratio (IRR) and rms phase error of LO phase noise, respectively. Equation
(4.3) can be approximated considering the EVM of IRR and LO phase noise as

follows:
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Figure 4.2: EVM and circuit impairments: a) EVM dependence to IRR and
RMS value of LO phase noise, b) IRR dependence to I/Q amplitude and phase
imbalance.

Where 0% is the RMS value of the LO phase error caused by LO phase noise.

4.1.1 Phase Noise

The rms L.O phase error can be calculated from the phase noise spectrum:

02 = 2 x 10Ysm H N0 (4.5)

The phase noise power spectral density L (f) directly determines the inte-

grated phase error. For mm-wave applications that desire to cover a large frequency
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band such as E-band which covers 10 GHz bands over 15 GHz frequeny spectrum,
a large fractional bandwidth of LO is required to both tune the RF band and
channel bandwidth. For instances, recent work [17,45-48, 61| required a tuning
range of more than 15 GHz for the RF quadrature mixer to tune the IF signals to
E-band. This wide band width requirement of tuning range of LO has the severe
effect on both LO phase noise and IRR and therefore the EVM according to (4.4).

The phase noise is dependent to frequency and quality factor as:

x i(ﬁ Brr
QL fm fm

where fy is the oscillator carrier frequency, f,, is the frequency offset from the

L(f) ) =a(=—)", (4.6)

carrier, Brpg is the fractional bandwidth of oscillator, and @)y, is the loaded Q of
the resonator and is assumed to be directly related to the tuning range requirements
of the VCO, i.e. Q x fo/Bpr. From (4.6), the phase noise of the oscillator increases
with the tuning range requirements and, consequently, increases the EVM. For this
reason, many E-band solutions consist of separate frequency synthesizer solutions
for the upper band and lower band. Fig. 4.2a) demonstrates the EVM versus
rms phase noise for different IRR ratios. As it is shown, for a typical 30 dB IRR,
the rms phase error of less than 2 degrees is desired to achieve the required 5%
EVM for 64 QAM modulation. This 2 degree corresponds to an average from -115
dBc/Hz to -120 dBc/Hz at 1 MHz offset for LO phase noise according to (4.5).
Therefore, it will add stringent requirement on the oscillator design to meet the
phase noise requirement. Previous chapter proposed injection-locked technique to

achieve this low phase noise criteria for multi Gb/s data rate at E-bands.

4.1.2 Image Rejection Ratio

The IRR is related to the amplitude mismatch, AA, and phase mismatch,
A0 between the I and Q signal paths [57,67].

4.1
14+2(1+ AA)cos(Af) + (1 + AA)?

[RE= 1= 2(1 + AA) cos(Af) + (1 + AA)

(4.7)



68

45 10 5 0 5 10 15
Fractional Bandwidth (BFR) (%)

Figure 4.3: EVM versus LO fractional bandwidth.

For achieving an IRR of 30 dB, the for amplitude mismatch of £0.5 and +0.25
the phase mismatch must be lower than 1.75° and 3° according to (4.7) , Fig.4.2
b) illustrates this.

To learn the impact of large FBW on the I/Q imbalances and IRR, the
quadrature generation circuitry should be analyzed. The transfer function of single-

stage PPF for positive and negative frequencies are

1Frw

H(+w) (4.8)

1 + jTw

where 7 = RC' defines the pole of the filter. The magnitude of positive
transfer function shows the desired signal band-passing through the filter while
the negative part corresponds to the image attenuation, therefore the IRR equals

to:

1—7w
14+ 7w

IRR(w) = ’ (4.9)

Fig. 4.3 illustrates the EVM versus fractional bandwidth, as the fractional
bandwidth increases from 5% to 20%, the EVM increases from 1.3% to 5.3% mul-
tiplied by 4. If a 10% RC variation is accounted for, the EVM increases to 10%
and 4% for 20% and 5% FBW respectively.
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Figure 4.4: Frequency planning of E-band systems, a) conventional architecture,
[17,45-48,61], b) proposed image-selection architecture.

4.2 Frequency Plan for Low Fractional Bandwidth

The previous work on mm-wave transceivers and, in particular, for E-band
use the LO fractional bandwidth in the order of 20% [17,45-48,61]. Fig. 4.4
illustrate the frequency planning comparison between the conventional architecture
such as proposed in the previous work, [17,45-48 61|, and our proposed image
selection scheme. In the proposed architecture, the LO frequency should be placed
between the two upper (81-86 GHz) and lower band (71-76 GHz) of E-band. Since
77 GHz is commonly used for automotive radar, this frequency band is not required
and can be filtered out. The feature of the image selection architecture is that lower
and upper bands are images of each other,and selecting one band or the other allows
us to access both frequency bands with little tuning range variation. Therefore,
the image-selection architecture is a modification of a traditional image-rejection
architecture where a phase inversion is introduced to select either the upper and
lower band. The proposition of this idea is that this frequency plan reduces the
tuning range to less than 3 GHz and results in more uniform circuit performance in
terms of conversion gain and IRR. The IRR is also subject to a smaller tuning range
and therefore is not prone to bandwidth induced amplitude and phase mismatch,

which relaxes the PPF requirements and, therefore the EVM.
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4.2.1 Image Selection Architecture

For an image rejection architecture, the RF' signal must be operated with
quadrature mixers operate such that the two RF bands, 71-76 GHz and 81-86 GHz
are the images to each other. The most common image-rejection architectures are
Hartley and Weaver [57|. The Hartley architecture requires a quadrature phase
generation circuitry such as RC polyphase filter at the IF signal path for RX mode
or at the RF signal path in TX mode. Therefore it is an architecture that is
sensitive to the RF/IF signal path mismatches and gain flatness. The Weaver
architecture removes the Hilbert transform from the RF/IF signal path by adding
another quadrature mixer to the architecture. This relaxes the image-rejection
ratio (IRR) challenges as the quadrature generation is shifted to the LO path and
does not affect the direct IF /RF signal path.

In addition, the Weaver architecture is symmetric for both RX and TX
modes as the quadrature generation occurs at both RF and IF mixers LO paths.
Fig. 4.5 shows the proposed image-selection architecture for bidirectional opera-
tion. It employs sliding IF architecture using multiplier by four for driving the
LO port of RF-mixer and divider by four for driving the LO-port of [F-mixer. By
changing the quadrature LLO phases of either RF mixer, 4 fj,-drived mixer, or IF
mixer, f,/4-derived mixer, the upper and lower band can be selected. Since the
fi1o/4-derived mixer operates at lower frequency, implementing phase inverter at
this path save the overall DC power consumption of the system.

By this sliding-IF architecture, the required tuning range of the local os-
cillator is less than 1 GHz centered at 19.625 GHz, which gives the 4f;, centered
at 78.5 GHz within bandwidth from 77 to 80 GHz and f,/4 frequency detuning
between 4.5 to 5 GHz. The first RF mixer in down-conversion path, RX mode,
move the RF frequency band to the center of 4.5 GHz within 3 GHz bandwidth
which is also the operation bandwidth of the bandpass filter. The bandpass filter
filter out the other unwanted mixing product such as the 15 GHz mixing product
from TF mixer in TX mode. The second down-converter mix the first IF, f;p ,
with the fi,/4 , and move the signal to the second IF as f;p + f;,/4. This gives

the second IF to low IF or 10 GHz-centered frequency. To remove the interference
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Figure 4.5: The proposed bidirectional 71-86 GHz image-selection transceiver
uses sliding-IF Weaver architecture with phase selector in f,/4-path to select the
USB and LSB signals.
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Figure 4.6: Analytical model of proposed E-band image-selection architecture.

with the other microwave bands such as 2.4 or 5 GHz, the 10 GHz-centered one is

buffer by using a high pass filter.

To explain the principle operation of the image-selection system analyti-
cally, first the system in RX-mode considered. Fig. 4.6 shows the conceptual
model of the proposed system, where the wyo; and wpps represents the first and
second mixer’'s LO frequencies and a; and o represents the phase inverter func-

tion. For RX mode, the input signal, zzp(t) can be represented as:

JZRF(t) = AUBCOS<WUBt> + ALBCOS<WLBt) (410)

Where Ay, wup, Arg, and wy g, are the amplitude and angular frequency
of upper band (UB) and lower band (LB) of the input signal, respectively. Multi-
plying the input received signal, xgp(t), by the LO quadrature phases and filtering

the high-frequency components, the signals at points A and B are:
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Avp

xa(t) = - sin((wyp — wro1)t) + % sin((wror — wrp)t) (4.11)

A

=— gB sin(wrrit) +

B sin(wrpit) (4.12)

Where wyp>wro1> wrp, therefore the first IF frequency, wrri, equals to
WyB —Wro1 = Wro1 —wrp. For simplification, a unity amplitude of LO is assumed.
The signal at point B is:
_ Ayus A

5 cos((wrr1)t) + % cos((wrr1)t) (4.13)

[I)B(t)

After performing the second quadrature mixing function, the signals at points C,

and D are expressed as:

Ay

zo(t) = — ag B cos((wup — wro1 — wro2)t)

A
+ OCQ%B COS((&JLOl — WrLB — wLOQ)t)

A (4.14)

+ ag & cos((wup — wro1 + wro2)t)
— QQ% cos((wro1 — wrp + wro2)t)

AUB ALB

cos((wup — wro1 — wro2)t) — ar

zp(t) =ar cos((wro1 — wrp — Wro2)t)

A

+ o % COS((WUB — Wro1 + WLOQ)t)

A
+ ag LB

cos((wro1 — wrp + wro2)t)

(4.15)

The signals at points C and D are summed and passed through to the high-pass
filter:

A
uB COS((LUUB — Wro1 + wLOQ)t>

A
+ (ay — aQ)% cos((wrp — wro1 — wro2)t)

$1F<t) :(Oé[ + OéQ)
(4.16)
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The phase inverting function at the f;,/4 - LO path, o and ag, can change between
+1 and -1. Therefore based on the phase of the I and Q signals, o; and ag, the

upper or lower bands can be selected as:

ar = ag (USB — sel) =xp(t) = 242 cos((wyp — wrot + wros)t)

ar = —ag(LSB — sel) =xp(t) = —AéB cos((wrp — wro1 — wWro2)t)
(4.17)
Where w;pse centered around 10 GHz can span:
WrF2 = Wy — WLol +Wro2 = Wro1 +Wro2 — WLB (4.18)

Another main challenges of the Weaver architecture which is particular for
the receive mode is the secondary image problem. This problem originates when
a interfere component is located at 2wpps — wrr + 2wro1 at the input of the
receiver. This component will down-convert to 2wpos — wrr + wror after the first
RF down-conversion while the in-band input signal down-convert to wrr — wro1.
As a results, these two signals are image to each other with respect to the LO
signal of the second mixer, wros. This secondary image and the main signal will
down-convert to the same IF5 frequency, wros — Wrr + wro1 , after the second
down conversion. Using the band-pass filter centered at 5 GHz between the two
mixers remove this images problem.

Based on the analytical model of the system depicted in Fig. 4.6 for TX-

mode, the input signal at IF can be represented as:
I]F(t> = A[F COS(W[FQt) (419)

Where A;r and w;ps are the amplitude and angular frequency of the transmitted
signal at IF frequency which is amplified through the 10 GHz high-pass filter. This
high-pass filter also rejects the image of the input signal located at the f;,/2—wrpo,

which is at low-IF region. After the first quadrature mixing in TX mode, the signals
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at points A’ and B’ can be written as:

Arp Arp
z(t) = —ag % sin((wrpe — wro2)t) + ag % sin((wrpe +wro2)t)  (4.20)

A A
Ty (t) =ar % cos((wrre —wro2)t) + ag % cos((wrpa + wro2)t) (4.21)

The second terms of the above equations containing w;ps +wro2 mixing products.
This product will be filtered out by the band-pass filter between the mixers centered
at 5 GHz . The band-pass filter which is bidirectional is a RLC filter centered at
Wrre —wros - After the second quadrature mixing operation, the signals at points

C’ and D’ can be expressed as:

A
ro (1) = —ag % cos((wrrp2 — wro2 — wro1)t)
(4.22)
Arr
+ agQ T COS(((U[FQ — Wro2 + wLOl)t)
A IF
Ty (t) =ar e cos((wrp2 — wro2 — wro1)t) + ar e cos((wrp2 — wroz + wro1)t)
(4.23)
Adding the two signals will give the output signal at RF as:
Arr
zrr(t) =(as + aQ)T cos((wrr2 — wro2 + wro1)t)
(4.24)

A
+ (g — ag) % cos((wrpe2 — wro2 — wro1)t)

According to (4.18) the first term of RF signal contains the wyp and the
second them contains the lower band frequency, wpg. Similar to the RX-mode

analysis, based on the sign of the phase inverter of f,/4-path, the IF signal will
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move to the upper or lower band as:

ar =ag (USB — sel) =xrp(t) = A% cos((wrrp2 — wro2 + wro1)t)

oy = —OzQ(LSB — sel) :>ZL’[F(t) = —AéB COS((M[FQ — Wro2 — wLOl)t)

(4.25)

where the relations of wyp and wpp with the wips ,wro2, and wro are
expressed in (4.18).

Note in both the RX and TX modes, the image selection depends on the
gain in the T and Q paths being equalized according to

Aa +ar + ag
A(X—FCY[—OJQ

N2a

~Aa
The IRR will be shown to be improved with a VGA in the I and Q signal

IRR:'

. (4.26)

paths.

4.2.2 Multi-element Architecture Extension

The proposed image selection architecture can extended to multi-element
systems such as multiple input multiple output (MIMO) or phased array systems.
Fig. 4.7 a) illustrates the block diagram for a 4-element system incorporating
image-selection architecture. The system can employ an IF path or LO-path
phased shifting techniques With a single LO port centered at 19.625 GHz with
less than 1 GHz tuning range. The IF signal is located between 9-11 GHz routed
to each element will make the the implementation of IF or LO phase shifter feasi-
ble. For instance, each channel can have an injection-locked oscillator (ILO) phase
shifter that locks from the LO port injection. The low tuning range requirement
of LO will relax the local oscillator design as explained in chapter 2 and 3.

However, using two lossy passive mixer in each elements requires more power
consumption to achieve the desired conversion gain for transmitter/receiver. The
system is revised as shown in 4.7 b) to share the second conversion quadrature
mixer between the elements. The detailed block diagram of image-selection for a

multi-channel system shown in 4.7 b). Each element has a 4 f;o—derived quadra-
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ture mixer and passive mixer needed for have bidirectional operation.

The bidirectional variable gain amplifiers, A, are used in each elements to
compensate both amplitude mismatch of I and ) path and the mixer pass loss
and improve the IRR according to 4.26. The bidirectional operation of the VGA is
enabled by a biasing circuit of one VGA while disabling the complementary VGA.
The IF signals are at w;r and are combined/split in RX/TX mode to each other
to share the second down/up conversion quadrature mixer and its bandpass filter
in the image-selection block. Since w;py is between 3-6 GHz and the wavelength
of the signal is larger than the chip size, the associated routing loss and the I/Q
mismatches of IF; through the chip are negligible. The active combiner/ splitter
used in image-selection block to interface between the f1o/4 quadrature mixer with
other elements and their associated parasitics. In addition, they provide additional
gain to the transmit/receive path. The RLC bandpass filter is bidirectional and
shared between the combiner /splitter to filter out the unwanted mixing spurs and
provide matching between the combiner/splitter and the fro/4 quadrature mixer.
The high pass filter, A, also employed to both provide further variable gain to the
system while matching the system IF port. The equivalent block diagram of each
channel in TX and RX mode with their correspondence linearity and conversion
gain requirements are illustrated in 4.8 a) and b). Both A1l and A2 amplifiers have

stringent requirements for linearity in TX and RX mode, respectively.

4.3 Bidirectional Circuit implementation

4.3.1 Passive Mixer and VGA

The block diagram of E-band front-end of each element is shown in Fig. 4.9
a). The quadrature mixer composed of double-balanced passive mixer where each
of them consists of four n-MOS transistors in a ring configurations. The double-
balanced structure has the advantage of low RF to LO leakage and low even-order
harmonic distortion. The passive mixers are inherently bidirectional and therefore
suitable for the bidirectional operation of the transceiver. Despite that, they could

suffer from the trade-offs between conversion loss and isolation between RF, LO
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71-76 GHz
81-86 GHz

e < Image-selection
Bldlr?ctlonal Shared between elements
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Figure 4.7: Image-selection implementation on multi-element system, a) image-
selection block used in each single channel, b) image selection block shared between
elements.
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and IF ports. As the transistors are switching on/off with the period of LO,
choosing larger sizes of transistors improves the conversion loss while reducing the
isolation between the ports. Therefore, the size of transistors designed with the
width of 40pum (16 X 2.5um) equivalent to R,, = 12.5 2, and the minimum length
of 100 nm. The gate of transistors are also biased with 0.6-V DC voltage through
the 10 k{2 resistors to provide minimum conversion loss. The IF port of mixers are
also shunted with 15 k(2 resistors to prevent floating nodes.

The bidirectional VGAs at IF ports are also shown in Fig. 4.9b). The am-
plifier is using Heterojunction bipolar transistors (HBT) with emitter degeneration
configuration for obtaining better linearity. Since the HB'T transistor provides high
transconductance, g,,, the emitter degeneration resistor improves the linearity pro-
portional to (1 + ngE)3/2. The HBT transistor length are 8uum with the average
collector current of 4 mA from 2V supply voltage. To acquire the variable DC cur-
rent, the current source of the amplifier, M; — )3, varies from 150 uA to 1.2mA
by using 3-bit switching current mirror transistors. This current amplified by 10
through the MOSFET current mirror, M; — Ms. MOSFET current mirror is cho-
sen to prevent the DC base current dissipation inherent in HBT transistors. In
addition to variable current biasing, there is also a series TX/RX enabling switch
in the current source branch of M; — @3 to enable ON/OFF the current mirror
based on the operation mode of transceiver. As shown in 4.9a), the output of the
amplifier in TX mode is connected to the input of amplifier in RX mode and vice
versa. In each mode of operation, while the desired mode amplifier’s biasing is ON,
the complementary amplifier’s biasing becomes OFF. When each of the amplifier
get disabled, they should provide high impedance at the interface node with the
other amplifier. The load of the VGA is resistive as it operates at low IF frequency,
5 GHz. For example, In RX mode, while the VGA of TX amplifier is OFF, its
correspondence load resistors, R, with a series capacitance, Cj, create a shunt
path to the input of RX-VGA. This changes the matching impedance condition at
the TF and RF ports of the quadrature mixer. To reduce the loading effect and
the matching variation in each mode, the Ry, value of 230 (2 is chosen. In addition,

the load resistor should be chosen such a way that guarantee the linear operation
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Figure 4.9: E-band front-end for each element a) block diagram, b) 5-GHz IF
VGA, ¢) the LO one-stage PPF is trimmed with 3-bit switched capacitor bank.

regime within the variable gain range. Using the 230 ohm value for R, will set
the output DC voltage of the amplifier and consequently the linear voltage swing
ranges in the minimum and maximum gain states. With the degeneration resistor,
R., of 40 {2, the Spectre simulation predicts 5.5 -10 dB variable gain with 7 dB
power gain within 13 GHz 3-dB bandwidth. The simulated input P,_4p is around
7 dBm in the maximum gain state. This desired input P;_4p and variable gain are
compatible with the expected gain and linearity requirements of each block shown
in Fig. 4.8, where the linearity of TX-mode VGA is stringent. This amplifier
are also used to compensate the I/Q amplitude imbalances. The 3-bit switchable
current-biasing provides the minimum gain resolution of 0.2 to 0.5 dB.

Two quadrature mixers are connected at the RF ports in TX mode with a
simple T-junction layout. The input impedance at IF ports matches this impedance
to 50 ohm at the single RF port. The quadrature LO phases of the mixer have
square-shaped signals with 25% duty cycle. This assumption is valid under large
swing of LO, where the rise time is negligible. Under this assumption, the impedance

at the RF-port of quadrature mixer is approximated as [68]:
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Zi (w) = RSW -+ %Z}F((JJ — (JJ[F) (427)

where Rgy and Z;p are the mixer’s switch impedance and Z;p is the
impedance seen from the TF port of mixer at w;r. Given these impedance values,
the input impedance at RF port according to (4.27) is (7.5 — 53.5)(2 at 78.5 GHz.
A differential to single-ended balun with series capacitance is used for matching as
shown in Fig. 4.9a). The series capacitance of 100 fF with the shunt inductance
of 80 pH will move the low impedance of quadrature mixer’s RF port to 100
ohm differential output. The 100 fF capacitance employs the MIM capacitor for
high density layout to minimize routing and parasitic inductance. The differential
port of the inductance uses the second top metal layer of the technology with
the width of 7 um | thickness of 3 um, and 1.25 um vertical spacing between the
top and second top metal layers. The single-ended coil uses the 4 um thickness
top aluminum layer, LD, with the width of 7 um and inner dimension of 42 um.
The EM simulation predicts the inductance of 87 pH at 78.5 GHz and the mutual
coupling of 0.6 between the primary and secondary coils. Also, the EM simulation
indicates the overall RF balun loss below 1 dB with the gain imbalance of 0.65 dB
and phase imbalance of 5.4°at 78.5 GHz.

The simulated RF-port matching, Sj;, is plotted in Fig. 4.10 a) and is
below -15 dB 571 over 10 GHz bandwidth of E-band. The simulated S-parameters
at quadrature IF ports of mixer are also illustrated in Fig. 4.10 b). TThe IF port
matching is below -10 dB. The large signal simulation shows 12.5 dB conversion
loss and input Pp4p larger than 0 dBm of the whole E-band front-end block. The
simulation performed on the circuit from the IF port of mixer including VGAs to

the single-ended 50 ohm matched RF port.

4.3.2 Multiply by 4 Quadrature Frequency Generation

The LO generation circuit block diagram of each element is shown in Fig.

4.11. Tt acquires the same topology for multiplier by four frequency generation as
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Figure 4.10: Simulation of E-band front-end matching, a) RF-port, b) IF-port.

described in chapter. 3. The first stage is the LC tuned load amplifier centered at
19.5 GHz. This amplifier provides enough swing to compensate the 9 dB loss of
the following RC PPF. The PPF employs one-stage PPF as the tuning range of
the LO is below 1 GHz. The center frequency, 19.5 GHz, defines the resistance and
capacitance value equal to 882 and 92.6 fF', respectively. This PPF generates the
quadrature waveforms to drive the trans-conductance devices of quadrupler, ()1 —
(4 - The four common-emitter transconductance are 4 ym long and combined in
their collector output to generate the 4th harmonic. The output of the quadrupler
is buffered to the 10 um long common-base amplifier, ()5, consuming 4 mA current
from 2-V supply voltage. The quadrupler provides single-ended output with 1-dB
gain. To increase the power gain and provide differential signal, an additional
common-emitter amplifier is used, employing a single-ended to differential balun
as a load. The differential signals are needed to drive the PPF centered at 4 X f10,
78.5 GHz. The common-emitter transistor, (), has the length of 8 ym and biased
with 8 mA current. The inter-stage matching between the quadrupler’s output
and the buffer’s input , Qg, is also depicted in Fig. 4.11, consisting of a series and
shunt inductance with the length of 105 um and 85 pm. The balun designed for
matching the input PPF uses the top metal layer with the width of 7 um and inner
dimension of 42 um x 42 um for the single coil. The differential coil has the same
size and width but uses the second top metal layer with the series capacitance of
90 fF. This buffer, Qs, and its load provides 8 dB gain at 78.5 GHz.

The one-stage PPF used for quadrature generation at the 4 x f7o utilizes the

resistance and capacitance values of 65 ohm and 30 fF, respectively. To minimize
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Figure 4.11: Multiplier by four circuitry generation

the I/Q imbalance originated from the layout and process variations, AR and
AC, each resistors are constructed by three parallel resistors and each capacitor is
constructed by two series resistors [69], Fig. 4.12 shows this layout configuration
technique. Acquiring larger elements reduces process variations and in consequence
improve the circuit tolerance to the mismatches. Moreover, dummy resistors and
capacitors surrounds the PPF layout cell. The RC extraction for the cells and
EM simulations for the routing of PPF show 45° phase imbalance and +1.5 dB
amplitude imbalance at 78.5 GHz. This value corresponds to IRR less than 20 dB.
To improve the IRR and the amplitude and phase calibration, 3 bits switchable
n-cap varactor are employed at each positive and negative I and ) signal path,
Fig 4.12 illustrates this. The n-cap varactor has the width of 3 ym and length
of 0.5 um, providing minimum capacitance of 10 fF for Vgg = 0V and maximum
capacitance of 30 fF for Vg = 1.5 V. The simulation results clarifies that the 3-bit
calibration circuit can offer +£4° phase tuning with +0.25° phase resolution and
less than 0.25 dB to 0.5 dB amplitude mismatch. The PPF and the calibration
circuit has around 10 dB loss within operational bandwidth.

The differential output signal of PPF are amplified by two-stage amplifiers
to increase the power gain and the resulting conversion gain of the mixer. The
minimum required LO power for saturating the mixer conversion gain is 5 dBm.
The first and second stage amplifier consist of HBT transistors with the length of
8 um and 16 pm and biased at 10 mA and 20 mA, respectively. This two stage
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Figure 4.12: 4 x f;o PPF layout and the calibration circuitry.

amplifier provides 15 dB voltage gain.

The simulation results for differential 1/Q output signals of the LO-chain
illustrates in Fig. 4.13 a) and b) for before and after calibration conditions, respec-
tively. The average peak to peak voltage amplitude is 0.6 volt with 1 dB amplitude
mismatch and 5° phase mismatch before calibration. This can be improved to 0.25
dB and 2° amplitude and phase mismatch which required for obtaining an IRR of
30 dB.

4.3.3 Image Selection Circuit

The image selection block is shown in Fig. 4.14 and is shared between
elements. The combiner and splitter share the bidirectional bandpass filter (BPF)
connected to the fro/4 mixer. The BPF loads the combiner in RX mode while
producing an input matching network for the splitter in TX mode. In each mode
of operation, the complementary circuit is switched off with the TX/RX mode.
For the RX mode, the impedance seen at the fro/4 quadrature mixer creates
a low impedance path for the current combiner. For the TX mode, large-signal
simulations indicate that differential 1002 matching is the optimum impedance for
both linearity and conversion gain purposes. The BPF centered at 5 GHz, w;p1,
requires to match the combiner output to 100(2 differential at the fo/4 quadrature
mixer port, plane A. Simultaneously it should match the input of splitter to the
10042 differential impedance at this interface node, plane A.

Fig. 4.14 a) shows this bidirectional matching concept. Fig. 4.14 b) and ¢)
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illustrates the combiner and splitter circuit schematic, respectively. The combiner’s
transconductance transistors, ()1_o, use emitter-degeneration configurations with
4 — um length. The emitter-degeneration resistance is 70 ohm to improve the
linearity of combiner. The transistor, (03, amplifying the combined current has
the length of 8 — pum and biased at 10 mA wfrom 2-V supply voltage. For the
splitter circui, shown in Fig. 4.14 c), the transistor Q3 divides the current between
common-base transistors, ();_s. These transistor employs 30 ohm emitter degen-
eration resistance. The Q)1_o are 5 — um long and use resistive load, R , of 150
ohm to set the common-mode output DC-voltage to 1.2-V. The splitted current in
@12 flows to Ry and convert to voltage. The voltage signals routes through the
chip to each element as I and @ signals. Since the quadratured routing signals are
at 5 GHz, wrpr, the simulated associate loss is below 2 dB for 1-mm long routing
path. The normalized input impedance of splitter is at placed at 0.8 — j1.8 on
smith chart while the output impedance of combiner is at 0.8 — j0.8 at 5 GHz. The
BPF components value, R, L, and C which are shared is illustrated in Fig. 4.14
d). A series capacitance of 130 fF will move the splitter normalized impedance
from 0.8 — 71.8 to the combiner’s output impedance at 0.8 — j0.8. Consequently,
the remaining elements of BPF can be shared for each mode. Applying the shunt
resistance of 450-ohm parallel with single-ended inductance of 3.5 nH move the
impedance from 0.8 — j0.8 to (1 + j2.6). Employing a series capacitance of 250
fF move this resultant impedance to a single-ended 50 ohm at the mixer interface
node, plane A. The inductor used in the BPF has 4-turns utilizing top aluminium-
metal layer of the technology. To have the differential inductance of 7 nH, the
inductor outside diameter is 300 — um with the width of 7 — um and turn space of
5—pum. The simulated S-parameter result for matching at interface node, plane A,
is shown in Fig. 4.15 a). The BPF provides better than 10 dB Sy; for the required
3 GHz bandwidth.The large signal simulation of the bidirectional image selection
block is depicted in Fig. 4.15 b) when only one channel is ON. The large signal
simulation was performed on the block composed of quadrature mixer, combiner
and splitter with their bidirectional BPF matching network. The simulated power
gain of TX mode is 3.5 dB with -6.5 dBm input P,_4p, however a 3 dB lower power
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Figure 4.14: Image selection bock, a) shared interface between combiner and
splitter, b) combiner circuit, ¢) splitter circuit, d) bidirectional shared band-pass
filter.

gain should be accounted for splitter dividing function. The power gain for com-
biner is around 7 dB with -5.5 dBm input P;_4g. In the simulations, the passive
components, such as capacitors and inducto used in BPF are either extracted or
EM simulated.

The fro/4-derived mixer is also passive using n-MOS transistors as a switch
in a ring configuration. The size of transistors are 40 um/100nm . This passive
mixer has an average loss of 5 dB over the I F} bandwidth. The 10 GHz high pass
filter (HPF) is applied after this mixer to further compensate this loss in addition to
filter the unwanted image and mixing spurs. Moreover, the HPF provide matching
at the IF port of the chip. Fig. 4.16 a) illustrates the bidirectional configuration
of the filter with the schematic of each amplifier. The circuit employs the miller-
feedback configuration to improve the linearity of circuit in addition to provide a
resistive matching at mixer’s interface node, plane B. For example for RX mode,
to create 100 ohm differential input matching at mixer interface port, plane B, the

miller feedback is chosen to 200 ). The amplifier itself is a common-emitter HBT
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Figure 4.15: Simulation results for image selection block, a) Si;, b) Large signal
simulation results of image selection block (combiner/splitter and quadrature 5

GHz mixer).
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transistor with the width of 4 ym and biasing at 650 uA with the load resistance
of 310 (2. This values provide 1.8 V DC output voltage and 6 dB voltage gain,
A,. This will result in an input impedance of 66 {2 at the input of amplifier in RX

mode:

;o u 200

e =5 =0660 (4.28)

This equivalent Z;,of the miller amplifier in RX mode is shunted with the output
load, Ry, of the complementary amplifier in TX mode. Having TX load resistance,

R, equals to 200 {2 provides the mixer impedance at interface node of B as:

Zinptane—s = Zin | Ro—rx = 200 || 66.6 = 49.6 12 (4.29)

which is the desired 50 ohm single-ended matching. Note that similar to the
other bidirectional block of the system, the biasing circuitry of each amplifier are
switched ON and OFF based on the TX/RX operation mode. In addition to
that, another TX/RX enabling switches are applied in the miller feedback path
to prevent loading effect of the miller resistance of the disabled amplifier to the
complementary enabled amplifier. The switch size which is also shown in Fig. 4.16
is W/L = 60 pm/100nm to create small ON-resistance of 15 £2. It is also required
to provide large impedance in the OFF state.

This scenario is the same for TX-mode amplifier. To create 50-ohm input
impedance at IF port of the chip in addition to the amplification function, the
miller feedback resistance is set to 150 {2 for TX mode. Biasing the amplifier’s
transistor of 4 um length with 1.3 mA DC current and the Ry of 200 {2 provides

the amplifier’s equivalent input miller impedance as:

150
_ Z _
Zin - 1+R/i) - 1 + 2

=500 (4.30)
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Figure 4.16: a) bidirectional TX and RX configuration of 10 GHz HPF filter with
its schematic.

Considering the parallel loading effect of the RX- amplifier, Ry of 310 {2 will reduce
this impedance to around 45 (2. The small signal simulation result for input, S,
of TX amplifier at IF-port and Sy, of the input of RX-amplifier at mixer interface
port, plane B, are demonstrated in 4.17 a). The resistive miller feedback amplifier
provides band-pass filter performance with Si; better than 10 dB within 3 to 22
GHz bandwidth. The large signal simulation illustrates in Fig. 4.17 c¢) for each
mode of operation. Each amplifier provides an average gain of 6 dB with input
P,_4pof -8.5 dBm.

The large signal simulation for a whole designed Weaver building block from
IF port to LO port is shown in Fig. 4.18 at of 73.5 GHz. For this simulation the
VGAs are tuned to provide the same amount of maximum P,,; and conversion
gain, -2.5 dB, for both TX or RX states. This leads to the same P;_,p value.
The input P;_4g of both system is around -10 dBm which is near the expected
systematic analysis provided in Fig. 4.8. The simulation results for entire system
for one channel versus frequency are demonstrated in Fig. 4.19. By changing the
VGA current states from the low to high, the system provides the minimum and
maximum gain of -1.6 dB to 4 dB for TX mode and maximum and minimum gain

of -3 to 2.5 dB in RX-mode . The conversion gain variation over bandwidth is
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Figure 4.17: Simulation results: a) small signal S-parameter bidirectional simu-
lation, b) bidirectional large signal simulation.

0

Conv. galn (dB})

RX-mode

= TX-mode

A0 i i i i
- -15 -10 -5 ]
Input Power (dBm)

Figure 4.18: Large signal simulation of one channel from IF to RF ports for TX
and RX mode.

less than £0.4dB in each VGA state. The simulated IRR is also around 29 dB
corresponding to 2° phase imbalance and 0.25 dB amplitude imbalance at 470

quadrature mixer LO-path.

4.3.4 Divider by four and USB/LSB selection block

Fig. 4.20 demonstrates the block diagram of the quadrature LO frequency
generation of the second IF up/down converter. The LO generation block consists
of divider by four block and phase inverter to select the upper or lower band.
The dividing by four circuit is composed of two cascaded divider by two with

two input and output buffers operating at 19.5 GHz and 5 GHz, respectively.
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Figure 4.19: Simulation results for entire channel a) conversion gain versus fre-
quency, b) calibrated image-rejection ratio over frequency.

The divider by two is also composed of the D-latch current-mode logic (CML)
blocks. Fig. 4.20 illustrates the circuit schematic of the divider by two and the
buffers with their component values. The CML divider has moderate swing at the
input and output, where the output swing is proportional to Rplgs equivalent to
300 mV. The amplifier stage transistors, Mpap, are sized such that avoiding the
divider to enter the triode region and ensuring full swing experience. The size of
transistors, Mspap, are chosen to assure enough small-signal gain to exceed the
unity for regenerative mode operation. The circuit schematic of the input and
output buffers of the divider block is also presented in 4.20. The transistors and
component values are designed to set the divider input and output common-mode
DC voltages. The input buffer operates at 19.5 GHz and match each element LO
port to 50 ohm. Moreover, this buffer provide isolation between the large input
capacitance of divider by four and the LO port each element and as a result the
LO port of chip. The phase inverter schematic is also depicted in Fig. 4.21 a). The
phase inverter is composed of cascode amplifiers with common-emitter transistor
length of 8 — um and common-gate transistor length of 4 — ym. The phase of the
circuit is enabled by switching the base voltage of four common-gate amplifiers
to the ground or V.. . The phase inverter can provide variable gain of 17 dB
to 23 dB based on the variable DC current flowing through the current-mirror,
Qs — M. The variable gain can compensate the I/Q amplitude mismatch and
reduce the third-harmonic tone, 3f.0/4, generated from divider by four path. The

third-harmonic tone can produce undesired spurs falling into the IF2 band. For
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example for a 85 GHz input RF frequency, using 20 GHz LO frequency (4 fr.o = 80
GHz, fro/4 =5 GHz, and 3 f10/4 =15 GHz) will move the mixing spurs products
generated from fro/4 and 3f10/4 to the same I Fy frequency as frr—4fro+ fro/4
and frr—4fro—3fro/4 which is 10 GHz. To reduce the 3rd harmonic tone effect,
the phase inverter needs to operate in linear region at the expense of lower gain
and the resultant transceiver overall conversion gain. Increasing the current of the
phase inverter distorts the amplifiers transistor and increased the 3rd harmonic
tone. Fig. 4.21 b) shows the output voltage of the phase inverter versus frequency
for two collector current biasing of 2 mA and 4 mA. The large signal simulation
results for output power and the 3rd harmonic tone output power versus input
power is illustrated in 4.21 ¢). As 4.21 b) and c) illustrates, biasing the transistor
with lower current reduce the gain but improve the 3rd harmonic suppression.

The fo/4-derived mixer requires a minimum 0.6 V,_, voltage swing at its
LO port for having 5 dB conversion loss. The simulated output quadrature L.LO
signals of the divider by four block is shown in Fig. 4.21 a). The simulation shows
0.65 V,_, output voltage swing for I and Q signals with less than 1 dB amplitude
mismatch and 2 degree quadrature phase mismatch. The averaged overall gain of
the fro/4 frequency generation block is around 10 dB. The divider sensitivity to the
input voltage swing versus frequency is illustrated in Fig. 4.21 b). Fundamentally,
the divider circuit should oscillate at fro/4 using minimum input power to be
injection-locked. The simulation shows this condition occurs at 19.5 GHz for the
designed divider. In other words, to injection-locking the divider within the desired
LO bandwidth, 19-20 GHz, it requires below 0.2 V,,_, input voltage swing. This
corresponds to the simulated 10 dB voltage gain of fro/4 path.

4.4 Measurement results

4.4.1 Assembly

The chip micrograph mounted on a PCB board is shown in Fig. 4.23.
The system contains two channels and was implemented in 90-nm SiGe BiCMOS

process. Each channel contains a separate 71-86 GHz 1/Q mixer, 4xLO quadrature
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generation chain, and 5 GHz bidirectional VGAs. The 5-GHz I/Q IF signals of
each channel are combined and connected to the 5-GHz BPF and 5-GHz I/Q mixer.
The chip occupies 2.1 x 1.9 mm? including pads and ESD. The DC pads, LO and
IF pads are wire-bonded to the PCB, while the first layer of PCB uses 10 mil
thickness Rogers 5880 material for the high-frequency signal routing, i.e, IF (6-11
GHz) and LO (19-20 GHz). As the IF and LO ports of the chip are differential,
hybrid baluns are designed on the board with less than 3 dB loss and under 1 dB
amplitude imbalance and 8° phase imbalance within 3 GHz bandwidth.

The RF signal chain consumes between 120 and 150 mW for the IF VGAs
and 250 mW for the 4xLO and LO/4 circuitry.

4.4.2 TX measurements

To demonstrate the image selection concept, the state of the system is
configured for either USB (ajag = 00/11) or LSB (ajag = 01/10) modes. The
TX spectrum is plotted in Fig. 4.24 a) and b) for USB and LSB mode, respectively,
with phase inversion in the image-selection circuit. The IF and LO signals of chip
are located at 9 GHz and 20 GHz, respectively, equivalent to 84 GHz at USB and
76 GHz at LSB bands and 4 f;o leakage signal at 80 GHz. Using the 87 GHz LO
of the down-converted external mixer in measurement set-up will move the USB,
LSB and 4 f;o leakage signals to 3 GHz, 11 GHz and 7 GHz, respectively. The LO
leakage and IRR ratio in Fig. 4.24 are around 23 and 25 dB, respectively, without
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Figure 4.23: The designed board and chip micrograph.

calibration. The output power is also around -15 dBm which is near output P;_4p

of transmitter.

Large signal measurements results for continuous wave (CW) source versus
input power for the USB-mode and LSB-mode are shown in Fig. 4.25. Fig. 4.25 a)
plots the output power of the main signal, image signal and the LO-leakage, while
Fig. 4.25 b) plots the main and image signal conversion gain. The conversion gain
is plotted in Fig. 4.25 b) is approximately 2.5 dB in both modes and compresses

for an input power of around -15 dBm. For this equal conversion gain state, the
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measurements shows the IRR is 25 dB for the LSB mode and 23 for the USB mode
without optimizing the calibration conditions (VGA/PPF). The LO leakage is less
than -35 dBm across the power, however, the double-conversion architecture allows
the LO leakage to be easily filtered.

The conversion gain variation is measured at the 9-GHz IF signal of the chip
while the LO signal varies from 19 GHz to 20 GHz to sweep the LSB from 71.75
GHz- 76 GHz and the USB band from 81 GHz to 84.75 GHz. The large signal
performance versus input power, conversion gain and output power are plotted in
Fig. 4.26, illustrating the negligible variation of output result (<1 dB).

Fig. 4.27 a) and b) show respectively the output conversion gain and
power versus input power under two maximum and minimum gain conditions of
the VGAs. The VGA provides gain variation of TX front-end from -2.25 dB to 3
dB with the input P;_;p from -13.5 dBm to -17.5 dBm. The maximum saturated
output power that the front-end provides under these two extreme conditions varies
from -16 dBm to -12 dBm.

The output performance of the transmitter versus frequency for the two
extreme VGA states are presented in Fig. 4.28. The conversion gains across the
LSB and USB bands are plotted in Fig. 4.28 a) and compared with simulation
results from Fig. 4.19. The gain variation in the LSB mode is less than £0.4 dB
at the minimum and maximum VGA states while the gain variation is £0.5 dB in
the USB band for each of these VGA states. The conversion gain variation over
the entire 71-86 GHz band is around £0.75 dB. Fig. 4.28 b) illustrates the input
P, _4p variation over frequencies for the USB and LSB modes of the two VGA
states. The P,_4p values over the entire USB and LSB band vary less than £0.75
for max. VGA state and less than +1 dB for min. VGA state. The saturated
output power of the TX front-end varies from the minimum of -16 dBm to the
maximum of -12 dB, Fig.4.28 ¢) shows this. The variation of P, of entire band is
approximately less than +0.6 dB for the both max. and min. states of VGA.

The IRR for both USB and LLSB modes are plotted over the frequency band
in Fig. 4.29 a) for the before and after optimum calibration conditions. Before

using the 3-bit VGA and PPF calibration, the IRR at 73 GHz was measured to be
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Figure 4.26: Transmitter measured output power and conversion gain versus
input power for different frequencies for (fro = 19t020GHZ and f;r = 9GHZ)
a) LSB mode, b) USB mode.
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Figure 4.29: Before and after calibration performance for a) Image-rejection ratio
versus frequency, b) LO-leakage versus frequency.

19 dB. After calibration, the IRR increases to maximum 29 dB. At 83 GHz, the
minimum IRR is 17 dB and increases to 27 dB after calibration as illustrated in
Fig.4.29 a). The IRR measurements shows that these results provide reasonable
agreement with simulation in LSB mode under the assumption of 2°/ 0.25 dB
phase and amplitude imbalance. The LO-leakage of the transmitter which arises
from the multiplication of four path, 40, are presented in Fig. 4.29 b) for before
and after calibration. The LO-leakage at 73 GHz improves from 14 dBc before
calibration to 25 dBc after calibration, while at 83 GHz improves from 12 dBc to
24 dBc. In other words, an optimum calibration condition improves the L.O-leakage

by 10 dB.

4.4.3 RX CW measurements

The measured output spectrum of the receiver is shown in Fig. 4.30. The
chip sets at USB mode where a;ag = 00/11. The RF input frequencies of 82
GHz, USB, and 72 GHz, LSB, inserted to the RF port. As the block diagram of
frequency conversion in Fig. 4.30 illustrates, using the LO of chip at 19.25 GHz,
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Figure 4.30: Output spectrum of receiver and the and the frequency conversion
block diagram for USB mode with fysp at 82 GHz and frsp at 72 GHz using
fro=19.25 GHz.

move these USB and LSB signals at 5 GHz at [F1 band. This IF1 will mix with
fro/4 equals to 4.8125 GHz and 3f.0/4 equals to 14.4375 GHz. This conversion
generates IF output signals at (f;m1 + fro/4) =~ 9.8 GHz, (fim — fro/4) =~ 0.18
GHz and the third harmonic spur tone at (3fr0/4 — fir1) =~ 9.43 GHz.

Ideally, based on the USB/LSB mode, the desired RF band will move the
in-band signal to (frr1 + fro/4). On the other hand, the image band will move
the signal to fir — fro/4, sec. 4.2.1 explained this. The second conversion term,
frr1 — fro/4 will be filtered out as the system has a high pass filter centered at
10 GHz after the second down-conversion. Therefore, in order to measure the
IRR performance in RX mode, the input RF frequency should be located at the
image band while the front-end is set to the complementary USB/LSB state. This
will move the image signal at (f;r1 + fro/4) which is in the IF2 band and hence
will not be filtered out through the HPF. Fig. 4.30 shows the measured output
spectrum of the signal at image band in a red-colored plot. The image signal is
at 72 GHz, LSB band, while the system sets to USB mode. Applying the same
fro of 19.25 GHz moves the signal at image band to the IF2 band, 9.812 GHz.

The measurement shows 27 dB attenuation on a signal at image band, equivalent
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power and 4f;o LO-leakage power. b) main signal and image signal conv. gain.

to IRR of 27 dB. Moreover, under the same calibration condition, the RX system
provides LO-leakage rejection better than 25 dBc. However, the unwanted mixing
supers product generated by the 3rd harmonic tone of LO /4 circuitry, 3fr0/4, only
get suppressed by 22 dBc. This rejection of 3rd harmonic spur is less than the LO-
leakage rejection and IRR. This demonstrates the importance of linear operation
regime of the divider by four path and its phase inverter block, which was explained
in sec.4.3.4. Reducing the overall gain of the divider by four circuitry will reduce
the overall conversion gain but improve the 3rd harmonic spur rejection.

The RX large signal performance for the USB signal at 83 GHz and LSB
signal at 73 GHz are illustrated in Fig. 4.31 versus input power. The output
power and the conversion gain of the main tone and unwanted 3rd harmonic mixing
product tone versus input power are shown in Fig. 4.31 a) and b) respectively.
The maximum output power at IF frequency of both USB and LSB modes is
around -7.7 dBm. The suppression amounts for the LO-leakage , 3f.0/4 mixing
spur, and image reject ratio are around 25 dBc, 22 dBc and 27 dB, respectively.
Furthermore, Fig. 4.32 a) and b) presents the conversion gain and output power
respectively versus input power for the two maximum and minimum setting of
VGA. The measured conversion gain varies from -4.65 dB to -0.25 dB for the max
and min states while the Py, changes from -11.66 dBm to -7.43 dBm in these two
states, respectively. The input P;_;p reduced from -8.11 dBm for the min. VGA
state to -10.6 dBm for the max. VGA state.
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Figure 4.32: RX performance for two maximum and minimum VGA setting, a)
Conversion gain, b) output power at 73 GHz.

The performance of the receiver over the frequency for the maximum and
minimum states are illustrated in Fig. 4.33. The conversion gain shown in Fig.
4.33 a). The result shows the averaged value of -5.5 dB for the min. state and the
-1 dB value for the max. state. The gain variation is less +0.75 at the minimum
and maximum VGA power levels in LSB band while the gain variation is 0.8 dB
in the USB band. The conversion gain variation over the entire the 71-86 GHz
band is around 1 dB for RX mode. The maximum output power of IF signals
has an average power value of -12.5 dB for min. state and an average power level
of -8 dBm for max state. The amount of power variation is less than +0.5 dB for
each band and +1 dB for entire band, Fig. 4.33 b) shows this. Fig. 4.33.c) depicts
the input P;_y4p of the receiver that has the average magnitude of -10.5 dBm for
the maximum gain state which degrades to the averaged value of -8 dBm for the
minimum gain state. The input P;_4p variation over entire band is less than £0.75
dB. The NF is also represented in Fig. 4.33 d). It changes from a N F,,;, of 14 dB
for the min. gain state to N F,,;, of 20 dB for the max. gain state. The variation
over entire band is £1 dB.

The inter-modulation characteristic of the RX front-end is also measured
by applying two-tone test located at 83 GHz and 83.1 GHz at the RF port of the
receiver. Fig.4.34 a) illustrates the output IF spectrum for the -18 dBm input RF
power. The main tone and the inter-modulation tone down-convert to 9.975 GHz
and 10.075 GHz, respectively. The measured output power of main tone and the

inter-modulation tones as the input power changes are plotted in Fig. 4.34 b),
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Figure 4.33: The receiver performance versus frequency for the maximum and
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Figure 4.34: Measured third-order intercept point performance, a) output spec-
trum at the 83-GHz RF frequency for USB mode with -18 dBm input RF power,
b) measured TIP3 results for both USB and LSB mode.

showing an ITP3 equals to 0 dB for the front-end.

Fig. 4.35 a) and b) shows the channel to channel isolation performance of
the chip. For TX mode, the IF signal was inserted to the IF port of the chip while
one of the channel was ON and the other was ON or OFF. In other words, the CH2
were probed and its output power measured while CH1 is ON and CH2 becomes
ON or OFF. When both channels are ON, the maximum output power reduced
by 1 dB compared to the situation when only one of them is ON, Fig. 4.35 a)
shows this. In addition, when one of the channel is OFF while the other is ON,
the output RF signal and the 4 f;o-leaked signals at the RF port of ON channel
will leak to the other channel’s RF port. Fig. 4.35 a) also shows the amount of
leaked power of CH1 as ON channel to CH2 as OFF channel in TX mode versus IF

input power. As it is illustrated, the system has good amount of isolation, around
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Figure 4.35: Measurement results for channel to channel isolation performance,
a) TX mode, CH1 was ON and leaked to CH2 port, b) RX mode, CH2 was ON
and leaked to CHI1.
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Figure 4.36: Modulation setup using 65 GSa/s Arbitrary Waveform Generator.

40 dBc for 4 f1o leakage and 45 dBc for main signal leakage.

For RX-mode the same setup were performed. The RF signal was inserted
to the RF port of one of the channel which was ON while the other was OFF.
Fig. 4.35 b) shows the output IF power variation of the ON channel, CH2, versus
input RF power and the amount of leaked power, RF and 4f;o signals, to the
OFF channel’s RF port, CH1. As it is shown, for RX mode, the signals at the RF
port of ON channel will leak to the RF port of OFF channel. However it has the

rejection around 45 dBc , which shows very significant isolation performance.

4.4.4 QAM Modulation Measurements

The QAM modulation for transmitter are performed using the measurement
setup shown in Fig. 4.36. The modulated signal send to IF port using the 65 GSa/s
arbitrary waveform generator. The RF output signal is captured using DSO80604b
real-time oscilloscope which operates below 6 GHz. Therefore an external down
conversion mixer with LO frequency named fro .. in the figure is used for this
down conversion function. The output captured data were analyzed using the
89600 VSA software to characterize the modulation performance. The 89600 VSA
software is a comprehensive set of tools for signal demodulation and vector signal
analysis.

Figure. 4.37 shows the output measurement result for the modulated signal
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