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LEDs, as energy-efficient solid-state lighting devices, will replace conventional 

incandescent and fluorescent light bulbs in the next few years, resulting in tremendous 

energy savings. In addition to high lighting efficiency, LED bulbs have other advantages 

over traditional light sources including long life expectancy, easy maintenance and 

environmental friendly. Uniquely, LEDs can be switched on/off at very high speed 

without flickering to human eyes, which means the light can be modulated to realize 

visible light communications (VLC) while lighting. However, almost all reported VLC 

systems are based on discrete PCB board electronics that are needed to drive the LEDs 

and process the signals. While discrete and PCB electronics based VLC systems 

demonstrated the feasibility and capability, the fundamental problem arise in terms of the 

system size, performance, reliability and costs.  
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This thesis proposed the first reported Manchester modulation based transceiver 

integrated circuit (IC) for LED-based VLC system, including voltage & current reference 

generation, LED-based transmitter, optical receiver, Manchester encoding & decoding 

circuitry, digital control and full chip ESD protection. Before the integrated solution for 

VLC, discrete and PCB electronics based VLC system was at first built and 

demonstrated. The link performance, especially the noise performance, was studied at to 

provide initial guideline to the next step of integrated transceiver design. However, 

challenges arise in all aspects of integrating various electronics on a single chip and are 

mostly addressed in this thesis. Super high accuracy Bandgap structure with trimming 

and curvature correction was proposed to provide precise voltage and current source to 

the whole transceiver. Chopper modulation was further introduced to reduce the Opamp 

offset effect and low frequency noise.  For the lighting LED-based transmitter, pre-

equalization was employed to boost the modulation bandwidth of LED. At the receiver 

side, two important optical receiver structures, including singe photodiode and imaging 

receiver, was discussed and compared. The principles of Manchester encoding and 

decoding were then investigated and designed, from the perspective of both system level 

and IC design level. In addition, the transceiver features I2C programming interface. Last 

but not the least, full chip ESD protection was designed for this transceiver implemented 

in 0.18µm BCDMOS technology while field-dispensable ESD concept was proposed and 

verified for ultra-high speed IC implemented in 28nm CMOS technology.  
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Chapter 1 Introduction 

1.1 Background 

In the past few years, an unprecedented demand for wireless technologies has 

been taking place. Usually, the radio frequency (RF) is used for wireless data 

transmission, but it has its bandwidth constraints. One-way out of this is the utilization of 

the free, vast and unlicensed visible light spectrum. In addition, conventional lighting 

using incandescent and fluorescent lamps are well believed to be replaced by high 

efficiency lighting LED due to the benefits of low power, long-life, inherent safety and 

small integrated packaging [1]. It has long been known that light can be used for 

communications. Traditionally special lamps have been switched on and off rapidly in 

order to convey information and optical fibers can now carry data optically at rates of 

Gbits/s over long distances using coherent light from laser diode sources. However, it is 

also possible to modulate non-coherent light generated by lighting LED based lamps in 

order to carry large amounts of information over short distances without interfering with 

the intended function of illumination. If so, LED-based VLC systems will eventually 

realize the long-dreamed “communicate as you see” reality. Building into the existing 

LED lighting infrastructures, the novel LED-based VLC technologies will find countless 

applications in hospitals (where RF is prohibited), airports, shopping malls, warehouses, 

smart traffic controls, advertisements, etc.  

Since its first proposal, LED-based VLC technologies have gained global research 

interests with many test-bed system demos reported [2] - [6]. However, almost all 

reported VLC systems are based on discrete PCB board electronics that are needed to 



2 
 

drive the LEDs and process the signals. While discrete and PCB electronics based VLC 

systems demonstrated the feasibility and capability, the fundamental problem arise in 

terms of the system size, performance, reliability and costs. It is apparent that, in order 

for LED-based VLC applications become a true reality, integrated circuit based SoC and 

SiP (system on a chip or in a package) shall be the only solution in real world. A 

transceiver IC for LED-based VLC system shall ideally integrate all functions into one 

chip, including opto-electronic signal conversion, filtering, bandwidth enhancement, low-

noise pre-amplification, power amplification, analog-to-digital conversion and digital 

signal processing (DSP). A SoC chip also makes it easier to adopt complex modulation 

methods, e.g., orthogonal frequency division multiplexing (OFDM), to boost the wireless 

throughput of an LED-based VLC system [4]. 

1.2 Discrete Transceiver Design for VLC System and Demonstration 

The typical optical wireless communication system is shown in Figure 1.1. The 

information prior to modulator and transmission from the source to the receiver exits in 

the form of electrical form. Generally speaking, the transmitter consists of two parts, an 

interface part that modulates the input electrical signal and a light source driving part that 

translates the modulated signal into optical signal. Similarly, there are also two parts for 

the optical receiver, a light detector part that can translate the received optical signal into 

an electrical signal and a signal conditioning part that can demodulate and further process 

the input signal. In practical optical wireless links, both the transmitter and the receiver 

blocks are developed in a single chip called a transceiver. 
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Figure 1.1: Typical Optical Wireless Communication System. 

Figure 1.2 provides a block diagram overview of the VLC PHY with analogue 

transmitter and receiver (red part), and digital transmitter and receiver (black part) [7]. 

The analogue transmitter consists of a driving circuit (trans-conductance amplifier, TCA) 

and the LED. The receiver consists of imaging optics (positive lens), a color filter, a 

photodiode, a trans-impedance amplifier, and a band-pass filter. This data link as reported 

is bandwidth-limited on the transmitter side to around 12 MHz. Specifically speaking, the 

digital PHY on the transmitter side delivers an AC baseband signal (�_������) to a 

driving circuit (trans-conductance amplifier, TCA), which linearly amplifies the AC 

signal and transforms it into a current. Then it superposes the AC current onto a DC bias, 

which corresponds to the working point of the connected LED. The total current (�_	
�) 

is fed to the LED, which, in turn, emits a modulated optical signal _���. The received 

optical power (_���) impinges onto an optical concentrator (lens), is directed through an 

optical filter, and converted into a current �_�  in a photodiode. The current AC 

component of the current is then trans-impedance amplified (�_� ) and band-pass 

filtered (�_�, ������). 
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Figure 1.2: Block diagram of the VLC PHY cited from [7]. 

The main challenge for data transmission with a VLC system remains, however, 

the LED chip bandwidth itself, which varies between 10 and 20MHz [3]. To circumvent 

this limitation, different modulation schemes (depending on the throughput requirement) 

can be applied. Whatever modulation schemes are employed, synchronization is always 

an important issue for wireless optical communication system. For OOK based VLC 

system, the synchronization is usually achieved by a clock and data recovery (CDR) 

circuit, which can extract data and clock information from the received data sequence 

from the transmitter. For OFDM or DMT based VLC system, the synchronization is 

always realized by coding method, for example, using a specific data pattern in the front 

of every OFDM frame. As the OFDM signal is summation of multiple subcarrier signals, 

high bandwidth high sampling rate ADC is always needed to extract different subcarrier 

signals. And for proper detection and demodulation, OFDM receiver should include 
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synchronization, channel estimation and equalization, which greatly increase the 

complexity of the whole circuit. In addition, it requires much higher linearity for the LED 

driving circuits, LED optical modulation, light detection and amplification circuits.  

One of the most important projects involving VLC is OMEGA project [7], the 

Home Gigabit Access project. In 2008, they demonstrated a simple single phosphor-

based white-light LED and p-i-n photodiode prototype [7]. Within a very short distance 

(1 cm) to maintain a luminance of 700 lx at the detector plane, the system is able to carry 

out 40 Mb/s with OOK and 101 Mb/s with discrete multitone (DMT), which is known as 

OFDM in wireless applications. Later on, in 2009, they improved the rate of the system 

with OOK into 125 Mb/s at a range of 5m while having illumination levels at the receiver 

fit into the range recommended by the standard for (office) general lighting [9]. The same 

year, with both approaches of blue filtering and DMT, they were able to achieve 200+ 

Mb/s under 1100 lx illumination [10]. However, the distance is still as short as 0.7 m. 

Last year, they continued with several other prototypes. In [11], they showed an 

implementation of a real-time DMT-based visible-light link operating at 100 Mbit/s using 

a low-cost commercially available white LED for video streaming. In [12], they reported 

the demonstration of a visible-light link with OOK operating at 230 Mb/s with use of an 

Avalanche Photodiode (APD) and 125 Mb/s with use of a p-i-n photodiode, both without 

equalization. In [13], they managed to stream three HD videos simultaneously by a single 

LED at a distance of 1.2 m with the rate of 20 Mb/s for each. In [14], they finally 

achieved 500+ Mb/s, the fastest rate ever published until now, based on a commercial 
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thin-film high-power phosphorescent white LED, an APD, and off-line signal processing 

of DMT signals. 

We also built our VLC system demo. At the transmitter side, we used nine 1-chip 

lighting LEDs (OSRAM LCW W5AM), each with 69lm output under 350mA driving 

current and full beam angle of 17. These LEDs were driven by OOK signals from the 

laptop connected RS232 cable and a corresponding interface. At the receiver, a 

commercial photodiode (PDA10A) with an internal trans-impedance preamplifier was 

used. It has an active area of 0.8mm2 and an electrical signal bandwidth of 150MHz can 

be achieved. A concentrator is used in front of the photodiode, along with an optical 

band-pass filter (Thorlabs FB450-40) with a center wavelength of 450nm, and a full 

width at half maximum (FWHM) of 40nm and transmittance of about 70%. These 

components were used to expand the active receiving area and reduce the ambient light 

noise. The output electrical signal from the photodiode was also input into a laptop 

through a RS232 cable and corresponding interface. 

 

Figure 1.3: Demonstration of the system with eye diagram. 
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1.3 Integrated Transceiver Design for VLC System 

As mentioned above, almost all reported VLC systems are based on discrete PCB 

board electronics that are needed to drive the LEDs and process the signals. While 

discrete and PCB electronics based VLC systems demonstrated the feasibility and 

capability, the fundamental problems arise in terms of the system size, performance, 

reliability and costs. However, the System-on-Chip (SoC) paradigm satisfies these 

criteria by fabricating digital, analog and RF or power circuits on the same substrate to 

deliver solutions that are multi-functional due to the diversity of the circuits to be 

integrated and yet compact due to the use of a minimal number of off-chip components. 

Both these characteristics of SoC increase the speed of product-design cycles, lower 

manufacturing times, and conserve board area, thereby lowering costs overall. For 

example, integrated LED driving circuits enable integration of multiple functions on a 

single substrate to control LED device performance, luminance, and data modulation for 

intelligent VLC or smart lighting and at the same time drive the development of new 

lighting features or applications and enormous power savings. Strictly speaking, in order 

for LED-based VLC and VLP applications to become a true reality, integrated circuit 

based SoC and SiP (system in a package) shall be the one of best solutions in real world.  

A transceiver IC for LED-based VLC system shall ideally integrate all functions into one 

chip, including opto-electronic signal conversion, filtering, bandwidth enhancement, low-

noise pre-amplification, power amplification, analog-to-digital conversion and digital 

signal processing (DSP). A SoC chip also makes it easier to adopt complex modulation 

methods, e.g., orthogonal frequency division multiplexing (OFDM), to boost the wireless 
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throughput of an LED-based VLC system [4]. While the SoC paradigm offers solutions 

to the most important market demands, in doing so, it poses a number of design 

challenges for integration. 

The call for obtaining various functionalities from the same chip has led to the 

fabrication of dense analog circuits (e.g. references, regulators), digital blocks (e.g. 

microprocessors, DSPs), power management blocks (e.g. dc-dc converter) and RF 

electronics (e.g. oscillators, power amplifier) on the same substrate, consistent with the 

SoC approach. However, these environments are plagued by noise, generated by the 

switching of digital circuits, RF blocks, and dc-dc converters. This noise propagates onto 

the supplies through crosstalk, deteriorates the performance of sensitive analog blocks, 

like the synthesizer and VCO, and manifests itself as jitter in their respective outputs.  

Regarding to all these issues, we proposed the integrated transceiver for VLC 

system as illustrated in Figure 1.4 and the die photo is shown in Figure 1.5. For this 

integrated VLC transceiver prototype, LED-based transmitter, optical receiver, Phase 

lock loop (PLL), digital blocks, Manchester encoding/decoding circuits and 

voltage/current reference circuits were all integrated on a single chip implemented in 

TSMC 0.18µm BCDMOS. I2C programming interface was also employed to enable 

smart verification. Following I2C protocol, I2C slave and 8 digital registers were designed 

to realize up to 64 bits digital control, either for trimming or test multiplexer control. 

What’s more, featuring BGA bonding, the total size of the entire VLC transceiver is 2mm 

by 2mm. Total 25 IO pads were generated, including two pads for test mux output and 

two for I2C programming interface (SCL & SDA).  
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Figure 1.4: Illustration of the fully integrated transceiver IC for LED-based VLC system.  

 

Figure 1.5: Die photo of the proposed VLC transceiver featuring BGA bonding. 

From the circuit design perspective, the hierarchy of the proposed and designed 

VLC transceiver can be illustrated as in Figure 1.6. Analog circuits, including LED-based 

transmitter (Tx), optical receiver (Rx), Bandgap reference, and PLL, will be discussed in 

details in the following chapters. Digital circuits, consisting of I2C slave, I2C registers, 

signal start stop detection, counters and etc., are designed for I2C programming. And thus 
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power on reset (POR) circuits are needed to detect the power supply and correctly set the 

initial value of all the digital logic. I2C buffer is also needed to ensure the communication 

between I2C master (outside the VLC transceiver which functions as the controller) and 

I2C slave (inside the VLC transceiver) via the I2C bus lines (SCL and SDA). For each IO 

pad, individual ESD protection was designed and implemented. In addition, from the chip 

packaging perspective, full chip ESD pad-ring was also designed and optimized to avoid 

any possible ESD damage to the IO circuits. Due to limited number of pads, two analog 

test multiplexer and related buffers were designed to enable the testing of interested 

signals which didn’t have its specific pads. 
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Figure 1.6: Hierarchy of the proposed and designed VLC transceiver. 
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1.4 Contributions and Thesis Organization 

The presented work aims for the integration of VLC transceiver with Manchester 

coding and decoding in a mainstream CMOS process (TSMC 0.18µm BCDMOS). It is a 

contribution in the research for a first truly integrated single-chip VLC transceiver and 

Manchester coding CMOS implementation. 

Chapter 2 starts with general Bandgap design fundamentals, especially the factors 

that affect the accuracy of Bandgap circuit over process, power supply and temperature 

(PVT). According to these considerations, we proposed the ultra-high accuracy voltage 

and current reference generation for the whole transceiver based on Bandgap circuits with 

trimming and curvature current correction. Monte Carlo simulation results of the trimmed 

reference voltage and current will be provided and measurement results verified our 

design approach. In addition, chopper modulation will be introduced, which will greatly 

reduce the operational amplifier (Opamp) offset and low frequency noise. This structure 

was being implemented in a different process (Dongbu 0.18µm BCDMOS) and thus only 

simulation results will be discussed. 

Chapter 3 will treat the implementation of LED-based transmitter for VLC 

communication system. First, some basic optical transmitter design considerations and 

characterizations of lighting LEDs will be studied. As VLC features concurrent lighting 

and communication, lighting constrained modulation scheme, like flicker removing, 

dimming control and full brightness, must be considered. Most important of all, the 

modulation bandwidth limitation of lighting LEDs will be discussed and thus pre-

equalization is employed. Since there is the tradeoff between high current and high 
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bandwidth, BCDMOS technology, widely used for power management ICs, was chosen 

for this transmitter design because of its much higher current conductivity. Featuring 

broad bandwidth applications, multi-stage Cherry-Hooper amplifier topology was 

employed for the LED driver. 

Chapter 4 will be dedicated to VLC receiver design. Three optical receiver 

architectures, including single-element receiver, angle diversity receiver ad imaging 

receiver will be introduced and compared. Due to the design limitations, only single-

element receiver was designed in this BCDMOS implementation. But the design 

considerations for single element receiver can be applied to the cell design of diversity 

receiver or the pixel design of imaging receiver. The theoretical analysis of the trans-

impedance amplifier (TIA) will be presented and VLC specific TIA will be discussed in 

details. Post amplifier with offset compensation and comparator will also be studied. 

Simulation and measurement results will be provided as well. 

Chapter 5 focuses on circuit implementation of Manchester encoding and 

decoding for VLC system. Manchester modulation scheme is quite important to VLC 

transceiver due to its embedded timing properties. From the system level, the relationship 

between transmitter clock and receiver clock was derived in order to synchronize the 

transmitter and receiver. Therefore, the reference clock generation circuitry, based on 

charge pumped phase locked loop (PLL), was designed. And the loop dynamics and 

blocks design consideration will be provided. The simulation and measurement results 

will also be discussed.  
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Chapter 6 will mainly discuss the full chip IO design and testing. First, the full 

chip ESD design methodology and individual IO ESD protection was explored and 

designed for this whole transceiver implemented in TSMC 0.18µm BCDMOS process. 

Two types of ESDs were designed, one for digital & analog domain and the other for 

power domain. In addition, flip chip packaging based IO pad-ring was implemented for 

the VLC transceiver and regarding to several ESD issues, a brand new field-dispensable 

ESD concept was proposed and verified for ultra-high speed IC implemented in TSMC 

28nm CMOS technology. 

Chapter 7 will conclude with the main contributions and achievements of the 

presented work, and some suggestions for future research. 
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Chapter 2 Ultra High Accuracy Voltage and Current Reference 

2.1 General Bandgap Design Approach 

Precision Bandgap voltage references (BGR) have been widely used in mixed-

signal integrated circuits. The basic idea of BGR is to add a proportional to absolute 

temperature (PTAT) voltage to the emitter-base voltage (VBE) of bipolar junction 

transistor (BJT) [15], so that the first-order temperature dependency of the p-n junction is 

compensated by the PTAT voltage, and a nearly temperature independent output is thus 

generated. The PTAT voltage is actually the thermal voltage (��) of the p-n junction. The 

simplified schematic is depicted in Figure 2.1, where ��� is the Bandgap output while ��� 
is the input offset of the Opamp.  

 

Figure 2.1: Simplified schematic of Bandgap voltage reference with NPN ratio N = Q1:Q2 = 8:1. 

The reference voltage output voltage ��� can be expressed as: 
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��� � ��� � �1 � !"!#$ % &∆��� ( ���)      (2.1) 

where ∆V+, � V- ln N � 1�
2 ln N is the base-emitter voltage &���) difference between Q1 

and Q2 and N is their emitter area ratio.  

However, due to process variations, both the room-temperature Bandgap voltage 

and its temperature coefficient will deviate significantly from their nominal values. In a 

standard CMOS process, the resulting variation of the reference voltage could be a few 

percent over temperature [16], [17]. Error sources that degrade the precision of the 

Bandgap reference mainly include the process variation, the Opamp offset, and the 

nonlinear temperature dependence of ���. The first two error sources are mainly PTAT, 

while the last two are non-PTAT. The influence of these error sources on the precision of 

Bandgap references has been analyzed in details as shown in Table 2.1 [18]. Since PTAT 

errors always can be trimmed out using trimming techniques [16], [17], the error sources 

are thus divided into two categories, PTAT and non-PTAT. 

Table 2.1: Error sources in a typical CMOS Bandgap reference [18]. 
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2.2 Ultra-High Accuracy Voltage and Current Reference Design Methodology 

As summarized in Table 2.1, typical values and error contributions of the PTAT 

and non-PTAT error sources have been analyzed in detail. To compensate for PTAT 

errors, resistor trimming is normally used [16], [17] and actually widely employed in 

industry, especially for power management ICs. However, two major error source 

contributions, the temperature drift of the offset of a CMOS Opamp (± 8%) and curvature 

variation (± 0.2%), are usually non-PTAT. Therefore, a single room temperature trim will 

not be able to compensate for these sources of process variation, leading to a Bandgap 

voltage with significant residue temperature drift. To achieve higher precision, multiple 

temperature trimming has been used [16], [17], but this inevitably increases the 

production cost. To achieve high precision with a single room temperature trim, it is 

necessary to reduce the non-PTAT Opamp offset and also introduce curvature correction 

circuitry.  

2.2.1 Opamp Input Offset Reduction Techniques 

Low offset can be expected by using BJTs in the input differential pair of the 

Opamp, but this is not always possible in a standard CMOS process. One possible 

solution, which usually is to utilize very large MOSFET differential input pairs, requires 

large die area. To reduce the offset of CMOS Opamp in an area efficient way, dynamic 

offset cancellation techniques have been used in Bandgap references [19] - [21]. In [19], 

the auto-zeroing technique is used to reduce Opamp offset. However, due to the two-

phase operation of auto-zeroing, the output voltage is not continuous, and the noise 

aliasing associated with the sampling leads to increased low frequency noise. In order to 
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obtain a low-noise continuously available Bandgap voltage, the chopping technique has 

also been used in CMOS Bandgap references [20], [21]. However, the up modulated 

offset generated by chopper modulation results in high frequency (equivalent to the 

chopping frequency) ripple at the output of the Opamp. Reducing this ripple typically 

requires the use of some low pass filter, like RC filter and switched capacitor filter. The 

details of chopper modulation will be discussed in session 2.3.  

The ultra-high Bandgap circuit, implemented in the transceiver for VLC system, 

employed the first approach, using large size input MOSFET to reduce the Opamp input 

offset and common-centroid layout was also utilized to increase the input MOSFET 

symmetry. Per 500 runs of Monte Carlo simulations, 3σ input offset voltage of 1 mV was 

achieved across PVT. And stacked diode-connected NPN transistors (Q1&Q3, Q2&Q4) 

were also employed in each path featuring a larger emitter area ratio (i.e., Q1/Q2=24) to 

reduce the op-amp offset effect as depicted in Figure 2.2.  

 

Figure 2.2: Stacked bipolar and larger emitter area ratio (N = Q3:Q4 = Q1:Q2= 24:1) to reduce the Opamp 

input offset voltage effect on Vbg. 
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The Bandgap output voltage thus can be expressed as: 

��� � ��� � �1 � !"!#$ % &2∆��� ( ���)       (2.2) 

where ∆V+, � V- ln N,  with N � 24. 

2.2.2 Curvature Correction with Base Current Compensation 

The original discussion related with compensating VBE with a PTAT voltage 

assumes that VBE has a first order negative temperature coefficient. However, VBE is in 

fact slightly nonlinear as a function of temperature, and thus the Bandgap output voltage 

is not completely temperature independent. With a PTAT biasing current, the base-

emitter voltage VBE can be expressed as [22] 

���&9) �  ��: ( ;��: (  ���,�<= �
�< ( &> ( 1)�� �� �

�<    (2.3) 

Where ��: the extrapolated Bandgap voltage at zero degrees Kelvin, 9?  is the chosen 

reference temperature, T is the operating temperature, ���,�< is the base-emitter voltage at 

temperature 9? and > is a process related constant. It can be seen from this equation that 

���&9)  is inherently non-linear with temperature due to the logarithmic term that 

contains the ratio of the two temperatures. Generally speaking, Bandgap references are 

usually referred to as having first or second order compensation. A first order type is one 

whose design addresses only the linear terms, with the remaining terms being ignored. 

But for ultra-high accuracy Bandgap reference design, the second order type must be 

considered to overcome some of the non-linearity associated with the logarithmic term in 

addition to addressing the linear terms. Accordingly, several high order compensation 

methods have been proposed in [23] - [25]. Referenced to [25], the design and 
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implementation of the Bandgap circuit is further optimized by compensating the base 

currents of the bipolar transistors at the output branch and thus base current compensation 

circuit is utilized as shown in Figure 2.3.  

 

Figure 2.3: Schematic of the precision Bandgap circuit with base current compensation as highlighted in 

blue circle. 

2.2.3 Room Temperature Trim 

All the PTAT errors ideally can be removed by a PTAT room temperature trim. 

The number of trimming bits required can be calculated by comparing the resolution 

�!@� of the trimming network with the expected (or simulated across PVT) typical 

voltage spread �AB?@CD at room temperature as follows: 

9��EE��� F��G H I ���J KLM<NOPKQNR        (2.4) 

To achieve ±0.2% inaccuracy from -40oC to 125oC, the initial inaccuracy at the 

trim temperature (25 oC) is chosen to be �!@� I ��� S 0.2% S W
X I 500Z� , with an 
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assumption of ideal Bandgap output voltage ��� � 1.25�  as in [18]. According the 

Monte Carlo simulations over process and mismatch,  �AB?@CD of around 22mV can be 

achieved and thus 6-bit resolution should be enough for the trimming network. The 

conventional approach of trimming network is to trim the resistor value, e.g. R2 in Figure 

2.3, with MOSFET switches controlled by digital signals as depicted in Figure 2.4 (a). 

Assume resistor R2 consists of n unit resistors r (r = R2/n) in series and each unit resistor 

can be switched on/off controlled by the thermal codes or other coding methods like 

binary codes. For high accuracy Bandgap design, the MOSFET switch on resistance 

should be small enough to reduce its thermal effects and thus requires large W/L ratio, 

which will otherwise increase its thermal leakage at high temperature and distort the 

thermal properties of Bandgap output voltage. One way out of this is to use the current 

trimming method as depicted in Figure 2.4 (b). The trim current �[?\] can be generated as 

a small portion of the PTAT current. For this design, �̂ �_� was designed to be 5µA, and 

�[?\] was set to be 1 15`  of �̂ �_� or 0.33 µA. Depending on the directions of �[?\] and 

the number of unit resistors the trim current goes through, the Bandgap output voltage 

can be trimmed up or down accordingly. The detailed illustration of current trimming can 

be referred to Figure 2.5. Assume the trim current �[?\] � � goes through total k (0≤ k ≤ 

n) unit resistors, then the unit trim step equals � % � and the full scale trim range equals 

a� % b2 or a� % � % �. For 6 bit trimming, n = 32. For this design, unit poly resistance 

� � 1.62 dΩ then unit trim step � % � � 0.54E� and the full trim range equals a16E�, 

which is sufficient to cover voltage spread  �AB?@CD. 
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Figure 2.4: Trimming methods: (a) example of conventional resistor trimming; (b) current trimming. 

 

Figure 2.5: Detailed illustration of current trimming up and down. 

2.2.4 Bandgap Layout, Simulation and Measurement Results 

With curvature correction and current trimming technology, the core Bandgap 

circuit can be depicted in Figure 2.6. Monte Carlo simulations are conducted to verify the 

Vbg variations across the process corners and temperature. The typical value of this 
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Bandgap circuit is 1.2269V and each trim step is around 540µV. Based on 500 runs of 

MC simulation, a 3σ inaccuracy level of 0.15% can be achieved across PVT as depicted 

in Figure 2.7. Since Bandgap was trimmed at room temperature 25 oC, the voltage spread 

at 25 oC was around 540µV, which matched our designed trim step. Figure 2.8 

summarized the best trim code distribution of the 500 runs of Monte Carlo simulation, 

and the curve between best trim code and Bandgap output voltage Vbg are sketched in 

the center. With the full trim range &a16E�) for this design, the total trim spread (32mV) 

designed is larger than our initial design analysis with �AB?@CD � 22E�  (considering 

some design margin), and thus the best trim codes are barely distributed from 20 to 50. 

The layout of the entire Bandgap circuit is depicted in Figure 2.9, including bipolar array, 

two stage Opamp, current trimming network, constant-gm circuit, start-up circuit and 

matched layout of the PTAT current mirrors. 

 

Figure 2.6: Schematic of the precision Bandgap circuit added with trimming highlighted in blue circle. 
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Figure 2.7: 500 runs of Monte Carlo simulation of the Bandgap output voltage over process corners and 

temperature (-40oC - 125oC) shows 0.15% variation at 3V supply. 

 

Figure 2.8: Best trim codes distribution over Monte Carlo simulations and Bandgap output voltage Vbg 

across trim code (in the center). 
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Figure 2.9: Layout of the entire Bandgap circuit. 

Once the core Bandgap output voltage has been determined, various reference 

voltages can be generated from the regulator output voltage and then divided by the 

resistor ladders as depicted in Figure 2.10. Based on reference voltage �?@fg in Figure 

2.10, the reference currents for the entire transceiver were generated. Due to the negative 

feedback, unit reference current �?@f � 1Zh can be generated as �?@f � �?@fg b` i ��� b` . 

What’s more, various levels of reference current can be generated by paralleling the unit 

cells as highlighted in the dotted squares. The resistance of R can also be trimmed to 

achieve high accuracy by I2C writing to the control registers. Per 200 runs of Monte 

Carlo simulation for the unit reference current as depicted in Figure 2.11, 3σ inaccuracy 

of 4% can be achieved across PVT with best trim codes. Since �?@fg is almost constant 
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across temperature as Bandgap output voltage ��� and poly resistor always has negative 

temperature coefficient, the generated current exhibits PTAT features. 
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Figure 2.10: Reference voltage and current generation based on Bandgap output voltage. 

 

Figure 2.11: 200 runs of Monte Carlo simulation of the 1µA reference current over process corners and 

temperature (-40oC - 125oC) shows 3 sigma = 4% variation at 3V supply. 

As mentioned above, I2C programming interface was employed for smart control 

and verification purpose, including the testing of Bandgap output voltage via test mux 

output. Figure 2.12 shows the top-level simulation of Bandgap voltage testing results 

with I2C programming. In this example, trim code are varied from 0 to 1 to 3 to 5 by I2C 

writing the registers which control the trimming switches. From the simulation, Bandgap 
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trim step = 540 µV/code are also verified. As shown in Figure 2.13, PCB testing board 

for the VLC transceiver was designed with USB and I2C programming interface. The die 

(2mm × 2mm) for the entire VLC transceiver with chip scale flip chip packaging was 

attached to the PCB. The test bench of the VLC transceiver, including temp chamber, 

oscilloscope and power supplies, was illustrated as in Figure 2.14. HP34401A with a > 10 

GΩ setting was utilized to measure the Bandgap output voltage via test mux.  

 

Figure 2.12: Example of trimming control based on I2C interface, and Bandgap trim step = 540 µV/code. 

Bandgap output voltage of one sample was measured using different trim codes, 

one without curvature correction (Figure 2.15) and one with curvature correction (Figure 

2.16). For Bandgap without curvature correction, only 0.3% inaccuracy over temperature 

range from -40oC to 125oC was achieved with best trim code 12, while for Bandgap with 

curvature correction, 0.1% inaccuracy could be achieved also with best trim code 12. 

Comparing these two cases, it is obvious that curvature correction contributes to 

increasing the accuracy of Bandgap output voltage. And the proposed trimming 

methodology via I2C programming interface worked quite good as expected.  
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Figure 2.13: PCB design for entire VLC transceiver testing. 

 

Figure 2.14: VLC transceiver test bench. 
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Figure 2.15: Measurement of Bandgap output voltage without base current curvature correction: (a) 

absolute voltage, (b) inaccuracy. 

 

Figure 2.16: Measurement of Bandgap output voltage with base current curvature correction: (a) absolute 

voltage, (b) inaccuracy. 

2.3 Opamp Offset Reduction with Chopper Modulation 

As mentioned above, the efficient way to reduce Opamp input offset is based on 

chopper modulation. Chopper stabilization is a modulation technique that can be 

employed to reduce the effects of Opamp imperfections including noise (mainly 1/f 

noise) and the input-referred dc offset voltage. Basic choppers maintain the broadband 

noise characteristics of their input stage, but shift their input offset and low frequency 
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noise up to the chopping frequency, creating large ripple at the output. Basic auto-zero 

topologies do not shift their input offset to their auto-zero frequency like choppers, but 

overall input referred noise is increased due to aliasing or folding back of their broadband 

noise spectrum sampled during their zeroing cycle. A significantly increase in current 

consumption is required in auto-zero topologies in order to achieve the desired noise 

level after the noise aliasing or folding. Thus auto-zero topologies are not suitable for 

micro-power applications, like Bandgap circuit design. On the other hand, chopper 

modulation is widely implemented in precision Bandgap circuit, also featuring 

continuous time operation.  

2.3.1 Opamp Offset Reduction with Chopper Modulation 

As shown in Figure 2.17, the Opamp is chopped to reduce the offset due to the 

transistor mismatches. Different from the two stage Opamp, the Opamp used here is 

single folded cascode amplifier, mainly due to the consideration of stability issue. For 

two stage Opamp usually with miller compensation, the dominant pole locates at the first 

stage output. For chopper modulation, notch filter with large capacitor is always 

employed to remove the chopping ripple and this large capacitor will generate another 

low frequency pole which will complicate the closed loop stability of the whole Bandgap.  
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Figure 2.17: Chopped single-ended folded Opamp with notch filter. 

Because the signal path between choppers and is fully differential, the offset due 

to the mismatches of M1-M2 and M9-M10 can be completely removed by chopping. 

However, the mismatch errors of M3-M4 cannot be completely removed, due to the 

intrinsic asymmetry of the current mirror configuration. And the mismatch of M3-M4 

will cause some residue Opamp offset that can be expressed as 

�jA|!@�\Dl@ � ∆mn,o�p#," I q∆Krsn,o"
�p#," � �pn,o" ∆Krsn,o"

t�p#,"mn,o       (2.5) 

where �]W,J is the trans-conductance of input MOSFET M1 and M2, ∆��uv,t represents 

the threshold voltage mismatch, �]v,t and �v,t are the trans-conductance and current of 

M4 and M5. 
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The chopping ripple due to the up-modulation of the Opamp offset can be 

removed by embedding a switched-capacitor notch filter inside the feedback loop [25], 

[26]. As shown in Figure 2.17, the output current of the chopped Opamp is integrated 

synchronously via the sampling capacitor of the notch filter before being transferred to 

M1. As a result, the output voltage of the Opamp is a triangular wave, which is sampled 

by the notch filter every chopping cycle. The sample-and-hold operation ensures that the 

notch filter behaves as a band-stop filter at the chopping frequency, resulting in the ripple 

reduction.  

As shown in Figure 2.17, the notch filter can be implemented with two sample 

and hold circuits working in Ping-Pong mode. The sampling frequency is chosen to be 

half of the chopping frequency, so that sampling always takes place at the same slope of 

the integrated signal. By doing so, the nonlinearities of capacitors and only result in a DC 

level shift at the output of the notch filter, which can be suppressed by the Opamp’s large 

open-loop gain. At the worst case, a 100 mV DC level shift suppressed by an 80 dB 

Opamp DC gain gives only 10 µV input referred offset to the Opamp. 

2.3.2 Ultra-High Accuracy Bandgap Design with Chopper Modulation 

Figure 2.18 depicts the final schematic for the ultra-high accuracy Bandgap circuit, with 

chopper modulation, notch filter, curvature correction and current trimming. This new 

approach was implemented in Dongbu 0.18µm BCDMOS. The clock generation circuit 

for the chopper and notch filter was depicted in Figure 2.19. 
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Figure 2.18: Bandgap with chopper modulation, notch filter, curvature correction and current trimming. 
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Figure 2.19: Clock generation for chopper modulation and notch filter. 
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Chapter 3 LED-Based VLC Transmitter Concept and Design 

3.1 Lighting LEDs Characterizations 

There are two primary ways of producing high intensity white-light using LEDs, 

as shown in Figure 3.1 [28]. One is to use a phosphor material to convert monochromatic 

light from a blue or UV LED to broad-spectrum white light. The other is to use individual 

LEDs that emit three primary colors—red, green, and blue—and then mix all the colors 

to form white light.  

 

Figure 3.1: Normalized power spectral density for one-chip-type and three-chip-type lighting LED. 

 

Figure 3.2: Optical modulation of LEDs (a) Digital, (b) Analog. 
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Modulation techniques for radio wireless systems include amplitude, phase, and 

frequency modulation (AM, PM, and FM), as well as some generalizations of these 

techniques. A single electromagnetic mode is usually adopted for such modulation and 

the receiver front-end output is an electrical signal whose voltage is linear in the 

amplitude of the received carrier electric field. Compared with the RF systems, for the 

short- and medium-range optical wireless communication systems we considered, it is 

extremely difficult to collect appreciable signal power in a single electromagnetic mode. 

Commonly, the intensity modulation and direct detection (IM/DD) is adopted, where the 

desired waveform is modulated onto the instantaneous power of the carrier and a current 

proportional to the received instantaneous power (proportional to the square of the 

received electric field) is produced at the receiver. In intensity modulation, the source 

itself is directly modified by the information signal (analog or digital) to produce a 

modulated optical field. The concept of intensity modulation can be explained with the 

use of a graph illustrating the behaviors of a LED, for a digital or an analog signal, as 

sketched in Figure 3.2 (a) and Figure 3.2 (b) [29], respectively. 

For digital modulation, the LED diode is modulated by a current source, which 

simply turns the LED on and off. It has been widely used for its simplicity, in 

combination with encoding scheme as on-off-keying (OOK). For analog modulation, the 

DC bias is moved beyond LED diode turn on threshold, so that operation is along the 

linear portion of the power-current characteristic curve. Specially speaking, analog 

modulation requires a DC bias to keep the total driving current always in the forward 
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direction, otherwise, a negative swing in the signal current would reverse-bias the diode, 

shutting it off. For simplicity, assume the LED is driven by a sinusoid current: 

�w�x � �xy � �A^ G��&z�)        (3.1) 

where �xy  is the DC bias current, and �A^ sin&z�) is the signal current with �A^  as the 

peak current amplitude. Then the corresponding output power is given by 

w�x � xy � A^ G��&z�)        (3.2) 

where xy is the average power, and A^ is the peak amplitude of the modulated portion 

of the output power. Ideally speaking, the shape of the input-current variation is 

replicated by the optic power waveform due to the linear relationship between power and 

current. But in real optical system, LED is the main source of non-linearity, similar to 

power amplifier (PA) which is the main source of non-linearity in radio-frequency (RF) 

system. If very low distortion is required, for example, when orthogonal frequency 

division multiplexing (OFDM) is chosen as the modulation scheme of the system, the 

operating points and linearity of LED should be evaluated [30], [31]. And the accurate 

model of LED should be developed as well. Some techniques, including pre-distortion, 

have also been proposed to overcome the limitations on the system performance caused 

by the nonlinear characteristics of LEDs.  

One unique characteristic of the LED that differentiates it from the traditional 

light sources, like incandescent and fluorescent lamps, is that it can be modulated at a 

relatively high rate, enabling data transmission by the LED transmitters. The maximum 

bit rate the LED can be used is called LED’s modulation bandwidth. The LED could 

introduce large signal distortion for electrical signals if the signal bandwidth is much 
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larger than the LED modulation bandwidth. For one-chip-type lighting LED, the typical 

modulation bandwidth is usually limited to several MHz, due to the slow response of the 

yellow phosphor. In fact, it takes a certain time for the phosphor to absorb the blue light 

photon and emit another yellow light photon. This time period is usually large and 

therefore limits the modulation bandwidth of lighting LED of this kind. For the other 

kind of LEDs without phosphor, the measured modulation bandwidth is typically about 

20MHz for the three-chip-type LEDs, mainly limited by the internal electrical response 

caused by both the electron behavior inside the LED core and package of the LED chip. 

However, considering the lower cost of phosphor based LEDs, the one-chip-type lighting 

LEDs are more likely to be used in general illumination. 

  

Figure 3.3: Frequency response of one-chip-type lighting LED. 

According to those two causes of the modulation bandwidth limitation of lighting 

LEDs, corresponding pre-equalization measures can be taken to enhance the modulation 

bandwidth. The effect of the slow response of the yellow phosphor can be easily 

eliminated using an optical band-pass filter at the receiver to receive the blue light only 
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[32]. Improved modulation bandwidth can reach ~12MHz using this method as shown in 

Figure 3.3. Pre-equalization techniques to mitigate the effect of both single LED (Figure 

3.4(a)) [33] and LED array (Figure 3.4(b)) [34] electrical responses have also been 

proposed. Improved modulation bandwidths of 45MHz for single LED and 25MHz for 

LED array have been achieved in experiment. One big disadvantage of the above pre-

equalization techniques is their inability to adapt to different LEDs. In order to pre-

equalize different frequency responses of the LEDs, the values of the resistors, 

capacitors, and inductors in the equalization circuits have to be changed accordingly, 

which is almost impossible to realize in practical conditions, especially from the 

perspective of integrated circuit (IC) design.  

 

Figure 3.4: Pre-equalization of lighting LED using analog circuits (a) single LED, (b) LED array. 

Recently, there has been some research on using individual pixels in a micro light 

emitting diode array [35]. Smaller area micro-LED pixels generally exhibit higher 

modulation bandwidths than their larger area counterparts, which is attributed to their 

ability to be driven at higher current densities. The highest optical -3 dB modulation 
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bandwidths from these devices are reported to be in excess of 400MHz. The bandwidth 

of the integrated micro-LED/CMOS pixels is shown to be up to 185 MHz; data 

transmission at bit rates up to 512 Mbit/s is demonstrated using on-off keying non return-

to-zero modulation with a bit-error ratio of less than 1×10-10, using a 450 nm-emitting 

24µm diameter CMOS-controlled micro-LED. These results demonstrates the potential 

of micro-LED arrays for use as optical data transmitters, which also can be integrated 

with CMOS control electronics to provide a multi-element parallel data transmitter. This 

offers a novel way of generating modulated white light for VLC, circumventing the 

restrictions imposed on the bandwidth of lighting LEDs. More importantly, these results 

also emphasis the importance and necessity of integrated transceiver design.  

3.2 Lighting Constrained Modulation Scheme Design for VLC 

Relative high modulation bandwidth has enabled visible light communication 

using lighting LEDs as the transmitter, and realize concurrent communication and 

illumination. However, since visible light communication is combined with lighting, 

whether indoor residential lighting or outdoor signaling lighting, some lighting 

constraints have to be imposed on the modulation to make the transmitted light 

comfortable for human to perceive. Generally speaking, there are three principles: non-

flickering, easy dimming control, and full brightness. 

Flicker is defined as the fluctuation of the brightness of light that can cause 

noticeable physiological changes in humans. The flickering is caused from a repetition of 

lighting on and off or slow change of brightness in a time period. The maximum 

flickering time period (MFTP) is defined to describe the maximum time period that light 
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intensity can be changed, but the change of brightness cannot be recognized by human 

eyes. For example, there is the observed flickering in VLC with data rate lower than 

200bps, then MFTP = 1/minimum flickering free frequency (200Hz) = 5ms. To avoid 

such a flickering from VLC, the brightness of each MFTP must be all equal. 

To remove flickering, one solution is to make a ratio of positive and negative 

level per MFTP constant. Fortunately, some modulation schemes inherently have this 

kind of property, such as Manchester encoding and pulse position modulation (PPM). For 

instance, Manchester encoded data has 50% duty cycle while 2PPM has 50% and 4PPM 

has 25%. If we use this kind of modulation for data stream, flickering will not occur. But 

if NRZ OOK modulation is used, line code (e.g. Manchester coding) has to be adopted to 

make the ratio of 1 and 0 per MFTP to be constant at data stream. Currently line code 

4B6B and 8B10B are also proposed in the IEEE standard draft. As shown in Figure 3.5, 

the 4B6B expands 4-bits to 6-bit encoded symbols with 50% duty cycle. Using 4B6B 

code, there are also other features, such as DC balanced run length limiting code, error 

detection capability and allow reasonable clock recovery. The details of implementing 

line coding can be found in the VLC standard draft [36]. 

 

Figure 3.5: Illustrative comparison between non-encoded and 4B6B encoded symbols. 
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Last but not the least, full brightness is also a primary function of LED 

illumination. As a modulation of VLC might decrease the brightness of LED 

illumination, a modulation to support full brightness in terms of illumination is needed. It 

is desirable that VLC for illumination achieves the full brightness as much as LED light 

only for illumination do. 

In additional to the lighting constrained schemes, different communication related 

modulation techniques should be compared as well, and the bandwidth and average 

power requirement are often used as measures of comparison. Referenced to [37], 

bandwidth and power efficiency comparison of different modulation schemes are given 

shown in Figure 3.6. This comparison assumes an IM/DD channel and has been 

normalized to the On-off Keying (OOK) scheme. OOK is one of the preferred 

modulation techniques, and is also chosen for this VLC transceiver design prototype 

because it has good bandwidth efficiency and it is the easiest to implement. Due to 

consideration of flickering, we usually combine Manchester coding with NRZ OOK 

modulation. But it’s worthy to compare OOK with other modulation techniques widely 

used for optical wireless communication system, including pulse position modulation 

(PPM), pulse amplitude modulation (PAM) and phase shift keying (PSK). Compared to 

OOK, PPM presents a decrease in the average power requirement at the cost of 

increasing the bandwidth requirement. In addition, PPM presents a much better immunity 

to the near-DC noise from fluorescent lamps, in the sense that no information is carried 

by the DC component. Furthermore, for a given bit rate, the bandwidth that L-PPM 

requires is given by the factor L/Log2L, which means that for a large L, the power 
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requirement is much lower than that of OOK. But Frame and slot synchronization is one 

of the most important issues related to PPM. From this comparison, we know that 16-

PPM has the best bandwidth efficiency but it represents high power consumption and 16-

PAM has the best power efficiency but this is done at the cost of reducing bandwidth 

efficiency. Thus a compromise between power efficiency and bandwidth efficiency must 

be made.  

 

Figure 3.6: Comparisons between different modulation methods [37]. 

Schemes, such as L-PPM and OOK, suffer from ISI (due to multipath distortion) 

for data rates above 100 Mbps. Therefore, even if L-PPM scheme improves power 

consumption, it is not necessarily the most appropriate technique for high data rate 

applications (above 50 Mbps). This is not only due to the fact that the bandwidth 

requirement is high, but also because the f2 noise in the front-end amplifier increases. The 

subcarrier schemes, bipolar phase shift keying (BPSK) and quadrature phase shift keying 

(QPSK), both have a 1.5 dB power penalty when compared with OOK. Interest in such 

schemes is relatively limited although one of the main benefits of subcarrier modulation 
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is that the signal is moved away from the baseband interference of fluorescent lights. 

Such schemes would require the use of tuned front-end receivers with a sufficiently low 

Q to accommodate the signal bandwidth. Further, for high data rate systems (>50 Mbps), 

the subcarrier frequency would have to be on the order of a few hundred megahertz. 

3.3 Lighting LEDs Driver Design Considerations 

As discussed above, there are two basic optical modulations of LEDs, analog and 

digital. But before the optical modulation, we need to convert an incoming electrical 

signal to the required current to drive the LEDs, which is called LED driver or LED 

driving circuit. Actually LED-driving circuits have been widely investigated both in 

academic and industry, especially for backlighting purpose in industry. Several important 

driver solutions, including boost converter, fly-back converter and buck converter, have 

already been developed under various LEDs driving environments. But their designs 

mostly focus on the lighting efficiency and related control & protection functions, which 

are not the major concern of this VLC prototype. The key design considerations for this 

VLC transceiver are for communication purposes, especially with commercial one-chip-

type lighting LEDs. 

For digital modulation, to design an appropriate driver circuit for VLC system, the 

following basic items should be considered: (1) current requirement of LED: modulation 

depth and bias current; (2) rise and fall times of LED and components: related to 

maximum bit rate; (3) matching to the very low differential impedance of LEDs; (4) high 

power efficiency. For analog modulation, some other important items, especially high 

linearity, should be considered. In fact, the nonlinearity of the optical transmitter presents 
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a primary limitation to the performance of an optical transceiver. This nonlinearity 

produces intermodulation distortion that obliges to make compromises between the 

modulation depth, the channel spacing, and the type of modulation scheme. As a result of 

the severe penalties incurred by the inherent nonlinearities of the transmitters, such as 

power amplifier (PA) in radio frequency (RF) communication system and LEDs in 

optical wireless communication, various linearization schemes have been proposed and 

implemented [30], [31]. As this prototype is based on the digital modulation of LEDs, 

details of the linearization techniques won’t be discussed here. 

Generally speaking, from the perspective of communication circuits, there are two 

basic LED-driving topologies, single-ended mode (Figure 3.7(a)) and differential mode 

(Figure 3.7(b)). Single-ended mode, which is also called Bias Tee, is widely used for ac-

coupled solutions with discrete components. Compatible with high speed differential 

amplifiers, differential mode LED driver (Figure 3.7(b)) is implemented with a 

differential current steering switch and two current branches, one with real LED and the 

other with dummy resistor load which is equivalent to the resistance of LED. The 

differential input voltage swing �\g must be sufficient to obtain full or near-full switching 

in the circuit. The function of the dummy load bw�x is to improve the symmetry of the 

output stage. An asymmetric load configuration results in an input offset voltage, which 

can cause pulse width distortion (PWD). It also results in an undesirable modulation of 

the voltage across the tail-current source.  
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Figure 3.7: LED driving topologies (a) single-ended, (b) differential mode. 

Figure 3.8 depicts the proposed diagram of the entire VLC transmitter, with 

differential output stage. LEDs and RLED are designed outside the chip so that the VLC 

transmitter can accommodate various kinds of LEDs and power supply voltage. All the 

blocks inside the blue dotted line were designed on chip, including Manchester encoding, 

voltage & current reference, equalizer, LED driver and digital control blocks. Both bias 

( �xy ) and modulation currents (�|�D ) are derived from the Bandgap reference as 

discussed in Chapter 2 to maintain stable over temperature variations. The pre driver and 

main driver enlarge the input signal to have the capability of driving the large current 

switch stage. Pre-equalization is employed to boost the modulation bandwidth of LEDs, 

which will be discussed in detail later. As there is the digital circuitry for the modulator 

and voltage & current trimming, power on reset circuit is needed to make sure that the 

digital logic is correctly initialized. In addition, there are also some other advantages of 

implementing integrated LED driver such as current matching (brightness matching), 

brightness control, reduced board space compared to discrete solutions, and better 

efficiencies. 
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Figure 3.8: Block diagram of the whole LED driver. 

3.4 Transmitter Bandwidth Enhancement Techniques 

As discussed above, there are three major design concerns about the VLC 

transmitter design, including modulation schemes, LEDs driving circuit and optical 

modulation of LEDs. To improve the bandwidth of the entire VLC transmitter, the design 

strategies for both LEDs driving circuit and optical modulation of LEDs should be 

developed. Accordingly, several bandwidth enhancement techniques can be adopted to 

overcome the limitations separately. 

3.4.1 LED Driver with Feed-Forward Equalizer (FFE) 

For one-chip-type lighting LED, the yellow phosphor limits its modulation 

bandwidth to several MHz but modulation bandwidth can be improved to ~ 12MHz using 

blue optical filter before the photodiode and thus depends greatly on the blue light 

generation properties. From the perspective of blue light generation, the small signal 

modulation bandwidth of LEDs is determined by the minority carrier lifetime, τ, in the 
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light-emitting active region. The light output is proportional to the charge concentration 

in the active region. Therefore, τ determines the rate that the charge concentration builds 

up and decays and thus determines the rise and fall times. In order to boost the 

modulation bandwidth, a large current spike or overshoot can be injected into the LEDs 

on each rising edge to reduce rise time and a large current undershoot can be generated to 

sweep out any remaining injected carriers from the LEDs to reduce fall time. Figure 3.9 

(a) depicts the diagram of one square wave with overshoot on rising edge and undershoot 

on falling edge. Such a pre-equalization method has already been verified in [38], where 

the data rate of the white-light LED communication system can be increased to 10 Mb/s 

operation using 1 MHz bandwidth white-light LED. 

Actually, from the perspective of frequency domain, the solution is to provide a 

method of boosting purely the high frequency components of the signal, while leaving the 

low frequency components in their original state. The solution to achieve this is called 

pre-equalization or pre-emphasis (also called FFE), which can be simply realized using 2-

tap finite impulse response (FIR) filter as shown in Figure 3.9 (b). The purpose of pre-

equalization is to apply delay (Z-1) and inversion to the signal and then add it back to the 

original signal with the proper weight, thereby compensating the signal. From the 

frequency spectrum, with pre-equalization, higher frequency components (gray parts) are 

added to the original square waves (blue parts). It is necessary to select the optimum 

settings including delay time and tap coefficients for both pre-equalization because over 

compensation will probably add extra jitter which will close the eye and make it 

impossible for the receiver to interpret the information. To optimize the pre-equalization, 
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programmable delay and tap weight should be employed. And this configurability is also 

desirable because of the need for bandwidth and power scalability. Because of the 

accurate high frequency spice model of lighting LEDs, this configuration is especially 

important for driving lighting LEDs for the communication purpose. 

 

Figure 3.9: Timing and frequency diagram of FFE or 2 tap FIR filter. 

3.4.2 Multi-Stage Cherry-Hooper Amplifier Design for Pre-driver 

For commercial lighting LEDs, the transistors in the driver’s output stage have to 

switch large currents of up to hundreds of mA to the LEDs, also with bias currents of up 

to hundreds of mA depending specific LED driving current and modulation depth. Thus, 

large devices are required for the last stage current switch, and their current driving 

capability must be made sufficiently large. As a result, their input capacitance also 

becomes quite large, which means that the driver may not be able to drive this large 

capacitance at the required speed. It must also be taken into account that the input voltage 

swing necessary to switch the output stage may not produce a sufficiently large swing. To 
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resolve this, an element called a pre-driver is generally used to drive the output stage. The 

pre-driver must be able to drive a large capacitance load while keeping its input 

capacitance low. In general, the voltage swings created by the size of the pre-driver and 

of the transistor in the output stage must be jointly optimized for best rise and fall times 

of the driver. In addition, driving a heavy capacitive load, like the one introduced by the 

last stage current switch, demands a high power consumption. To deliver large current 

with very short rise and fall times is quite challenging since the bandwidth design is 

tradeoff for large current driving capability. 

Actually, the design strategy of pre-driver is quite similar to that of high-speed 

buffer chain with tapered multi-stage differential amplifier. Generally speaking, three 

useful techniques to increase bandwidth in CMOS technology are always employed, 

including shunting peaking, source degeneration and Cheery-Hooper topology. Shunt 

peaking allows the capacitance that limits the bandwidth to resonate with an inductor, 

thereby improving the speed but an inductor always requires much large die area and is 

not always available in digital or power process. Though some active inductor can be 

employed, it usually has a headroom problem that requires large supply voltage 

technology. The bandwidth of a differential amplifier can also be widened by including 

the resistance and capacitance between sources, which is called source degeneration but 

this is achieved at the cost of a reduction in the low-frequency gain.  

Last of all, for the differential amplifier, Cherry-Hooper topology is one of the 

most important structure that is widely used to enhance the amplifier bandwidth. A 

CMOS implementation of such a Cherry-Hooper amplifier and its small signal are 
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depicted in Figure 3.10 (a) and Figure 3.10 (b) separately. The Cherry-Hooper amplifier 

is composed of two gm stages, the first input stage, which converts the input signal to a 

current, and the second stage with a shunt feedback resistor to convert the current (ix) into 

the output voltage. 
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Figure 3.10: Cherry-Hooper amplifier: (a) CMOS implementation, (b) small signal model. 
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���� � �]Wbf         (3.6) 

z�vD� � �p"y�           (3.7) 

From above equations, the gain of Cherry-Hooper amplifier only depends on the 

feedback resistor (bf) and �]W while the bandwidth only depends on �]J and the load 

capacitance (�w). Therefore, for the Cherry-Hooper topology, the gain and bandwidth of 

the amplifier can be tuned independently of each other. As a matter of fact, the Cherry-

Hooper design essentially moves the design tradeoff from gain and bandwidth to 

gain/bandwidth and dynamic range. For example, to increase the gain either bf or �]W 

must be increased. If bf is increased too much, the voltage at the gate of M2 will be low 

which will reduce the output dynamic range. Increasing �]W requires I1 to be increased 

and thus the current through bw  and bf  will be increased which reduces the output 

common mode voltage and dynamic output range. The current through bw can be reduced 

by a reduction in �]J, but this will decrease the bandwidth and returns to the same gain 

or bandwidth design tradeoff. Similarly, the bandwidth design suffers the constraint as 

the gain. An increase in �]J requires raising the current I2, which will result in a larger 

voltage drop across bw lowing the output common mode. The resistor bw can be reduced 

to compensate for the increased current, but it must remain much larger than 1 �]J⁄ , 

because of the initial assumption of �]Jbw � 1.  

3.4.3 BCDMOS Implementation of the LED Driver 

Figure 3.11 sketches the topology of and the waveforms generated by the LED 

driver in featuring pre-equalization to enlarge the modulation bandwidth of lighting 
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LEDs in this design. The preamplifier (Amp), consisting of a several-stage Cherry–

Hooper amplifier, serves as the pre-driver for the whole LED driving circuit. The output 

stage is implemented with current-mode logic (CML), which is suitable for driving LEDs 

at various conditions. Figure 3.12 illustrates the driver schematic. The output stage has 

both main buffer and tap buffer units. The tap buffer block severs as the feed-forward 

equalizer and the width of the equalization pulse can be controlled by the delay trimming 

logic. In addition, the equalization path can be completely shut down by turning off the 

equalization switch (SW).  

For the commercial lighting LEDs used in our VLC systems, the typical driving 

current is around hundreds of mA, which is a big challenge to logic CMOS technology 

because the MOSFET has to be huge to drive such a large current at a modulation speed 

of tens of MHz. For this concern, a BCD process was used in this design where the power 

MOSFET has much higher current conductivity, i.e.,  �D�C[  around 600 µA/µm, which 

saves the area for the LED driver. Meanwhile, the high breakdown voltage (~ 22V) of the 

power MOSFET allows the LED driver to work under various power supply conditions. 
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Figure 3.11: A diagram for the LED driving circuit with a switchable and delay trimmable equalizer to 

enlarge LED bandwidth for VLC throughput. 
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Figure 3.12: Schematics for the LED driving circuits using BCD power MOSFETs: (a) Cherry-Hooper 

amplifier, (b) CML output stage with a tail current source. 
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3.5 Transmitter Layout, Simulation and Testing 

Figure 3.13 depicts the whole transmitter layout with trimmable delay lines, 

equalizer, and driver stages. The equalizer and driver stages are implemented with power 

MOSFET. 

 

Figure 3.13: Transmitter top layout with trimmable delay lines, equalizer, and driver stages. 

The entire VLC transceiver IC was mounted on a PCB board (Figure 2.13) to 

control the LED lighting source. The LED used for testing is Cree XRCBLU-L1-0000-

00H01. The modulation depth we chose was 100%, meaning the modulation current 

(�|�D ) turned on/off the LED without DC biasing current (�xy ). During verification, 

LEDs driving current was directly measured with the current probe (Tektronix MSO 

mixed signal oscilloscope), under different input data speeds. Figure 3.14 depicts the 

measured waveform of LED driving current at 1Mbps data input without pre-equalization 

while and Figure 3.15 depicts the measured waveform of LED driving current at 30Mbps 

data input with pre-equalization. From the measurements, the modulation current 



54 
 

generated by the LED driver is around 90 mA and the modulation bandwidth can be 

boost to 30MHz with pre-equalization.  

 

Figure 3.14: Measured LED driving current at 1Mbps data input without equalizer. 

 

Figure 3.15: Measured LED driving current at 30Mbps data input with equalizer enabled. 

Figure 3.16 depicts the system measurement result for the VLC system controlled by the 
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transceiver IC, which shows that it correctly transmits and receives the signal waveforms 

at 12MHz of the input data streams using commercial lighting LEDs (Cree XRCBLU-L1-

0000-00H01). A much higher data rate is expected if customer-designed low-capacitance 

LEDs would be available.  

 

Figure 3.16: Measurement of the LED VLC system, fully controlled by the transceiver IC designed shows 

the signal waveform received through the visible light transmitted from the LED bulb at 12MHz. 
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Chapter 4 VLC Receiver Concept and Design 

4.1 VLC Receiver Architecture 

Basically speaking, there are three optical receivers as shown in Figure 4.1: (a) 

single element receiver, (b) angle diversity receiver, and (c) imaging angle diversity 

receiver [39].  

A single element, typically consisting of a light concentrator, optical filter and 

photo-detector, receives signals from a wide FOV. This element collects not only the 

desired signal, but also unwanted ambient light noise. Steady light sources, such as the 

sun and incandescent lamps, lead to white, nearly Gaussian shot noise, while periodically 

modulated sources, such as fluorescent lamps, lead to a cyclostationary noise component. 

In addition, a wide-FOV receiver collects not only the primary beam, but also signals that 

have undergone one or more reflections from room surfaces, and are thus delayed. These 

reflected components, while increasing the collected signal power, lead to multipath 

distortion.  

Significant performance improvements can be achieved by using an angle-

diversity receiver, which utilizes multiple receiving elements that are pointed in different 

directions. The photocurrents received in the various elements are amplified separately, 

and the resulting electrical signals can be processed in one of several ways, such maximal 

ratio combining and select best method. Angle diversity receivers offer several 

advantages. They can achieve high optical gain over a wide field of view (FOV). And 

they can also significantly reduce the effects of ambient light noise, co-channel 

interference, and multipath distortion, due to the fact that these unwanted signals are in 
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many cases received from a different direction than the desired signal. In addition, the 

individual receiving elements can utilize narrow-FOV concentrators having very high 

optical gain and each photo-detector in the angle-diversity receiver is much smaller than 

the single detector in the conventional receiver. This reduces detector capacitance, 

potentially increasing receiver bandwidth and significantly reducing preamplifier thermal 

noise.  

 

Figure 4.1: Types of free space optical receiver: (a) single element receiver, (b) angle diversity receiver, (c) 

imaging angle diversity receiver [39]. 

But implementation of angle diversity using non-imaging elements requires a 

separate optical concentrator for each receiving element, which may be excessively bulky 

and costly. Thus imaging angle diversity receiver, consisting of a single imaging optical 

concentrator (e.g., a lens) that forms an image of the received light on a collection of 

photo-detectors (e.g., pixels), has been proposed. The concept of the imaging receiver is 

shown in Figure 4.1 (c). Each pixel as one photo-detector has much smaller FOV and 

capacitance. More importantly, such an array of pixels can be integrated with the 
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following CMOS circuits and readily available CMOS batch fabrication allows for very 

inexpensive production of such a receiver. 

Though there are still some different design considerations for single element 

receiver and each pixel in the imaging receiver, like TIA input current level and the 

settling time of LA with offset compensation, most of the design considerations of single 

element receiver can be applied to the design of each pixel in the imaging receiver, thus 

the first VLC receiver design will focus on single element receiver, including front-end 

design, noise analysis, and whole CMOS receiver design and testing. 

4.2 Single Element VLC Receiver Design and CMOS Implementation 

In relatively high noise environments due to ambient illumination, the 

performance of the optical receiver has a significant impact on the overall system 

performance. For a typical optical receiver, it consists of three basic blocks, front-end, 

linear channel and data recovery, as depicted in Figure 4.2. Front-end, including 

photodiode, pre-amplifier and/or optional automatic gain control (AGC), determines the 

noise performance of the whole receiver, which will be discussed in details in this 

section. The linear channel, including main amplifier (linear high gain amplifier), low-

pass/band-pass filter (optional for minimizing noise while not introducing much inter-

symbol-interference), and AGC, provides a large enough output voltage that can drive the 

data recovery circuits. The data recovery section consists of a clock-recovery circuit and 

a decision circuit. The clock-recovery circuits extract the clock information from the 

incoming data to enable proper synchronization of the decision circuit. Depending on 

different data format, the clock recovery methodology and thus the related recovery 
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circuitry are quite different. For this transceiver design, it is based on Manchester coding, 

and the related clock recovery methodology will be discussed in the next Chapter. A 

decision circuit is implemented to compare the input voltage with a threshold voltage at 

the time of decision determined by the clock-recovery circuit and deciding whether a “1” 

or a “0” was receiver. The clock-recovery circuit and decision circuit always can be 

combined together, called clock and data recovery circuit. 

 

Pre-amplifier Main-amplifier

Filter
Decision 
Circuit

Clock 
Recovery

Data

Automatic 
gain control

Automatic 
gain control

Front-end Linear Channel Data Recovery

 

Figure 4.2: Block diagram of the optical receiver. 

In summary, the three basic functions of a typical optical receiver are reshaping, 

retiming and regeneration. Reshaping means the pulse distortion caused by the channel 

response which can cause inter symbol interference (ISI) must be removed. Retiming 

ensures that the regenerated data signal has exactly the same rate as the original data 

signal. Regeneration is the process by which the receiver recreates the original data 

signal. In a word, beyond detection, a receiver must regenerate the original data signal 

with the least possible error probability or bit error rate, which will be discussed in details 

in this section. 
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4.2.1 Selection of Photo Detector 

For the single element receiver with one photo-detector, the selection of photo-

detector is quite important because it must convert an optical signal into an electric signal 

without introducing too much noise. For optical wireless detector, the role it plays 

demands that it should satisfy the stringent requirements of performance and 

compatibility.  

(1) High sensitivity at the operating wavelength; 

(2) High fidelity: to reproduce the received signal waveform with accuracy (for 

analog transmission, the response of the photo-detector must be linear, with 

regard to the optical signal, over a wide range); 

(3) Large detection area: to offer a large collection aperture and increase 

effective field-of-view (FOV); 

(4) Large electrical response to the received optical signal: the photo-detector 

should be able to produce an electrical signal as high as possible for a given 

amount of optical power; 

(5) Short response time: to support the system to operate at speeds up to tens of 

MHz; 

(6) Minimum Noise: dark currents, leakage currents, shot noise and etc.; 

(7) Other considerations: low cost, small size, high stability and reliability. 

4.2.2 Pre-amplifier Design Aspects 

The current generated from the photo-detector is usually converted to a voltage by 

pre-amplifier before the signal is further amplified. The current to voltage converter in 
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the front-end is perhaps the most important section of any optical receiver circuit, as it 

always determines the noise performance of the whole receiver. An improperly designed 

circuit will often suffer from excessive noise associated with ambient light focused onto 

the detector and therefore suffer from poor sensitivity and shorter operating ranges when 

used in ambient light condition. An ideal amplifier must have a reasonable dynamic range 

to avoid saturation due to the ambient illumination and to accommodate considerable 

variation in signal power as the link range varies.  Three common amplifier topologies 

shown in Figure 4.3 can be used to perform this function, high impedance amplifier, low 

impedance amplifier and trans-impedance amplifier (TIA).  

 

Figure 4.3: (a) High impedance amplifier (b) low impedance amplifier (c) trans-impedance amplifier. 

The high-impedance receiver has a characteristic b�D\�D@  time constant that is 

much longer than one bit period, which requires the use of an equalization filter to 

produce a correct output signal. It has been shown that this topology offers the best noise 

performance of the three, primarily due to the low noise contribution of the large sense 

resistor. However, this large sense resistor also causes it to have the lowest dynamic 

range of the three. In addition, the need for a matched equalization filter makes it more 

complex than the others. Conversely, the low-impedance receiver has a b�D\�D@  time 
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constant that is much shorter than one bit period. This alleviates the need for the 

equalization filter. Although the small sense resistance leads to the highest dynamic range 

of the three amplifiers, it also causes it to have the worst noise performance. 

The trans-impedance amplifier offers a compromise between these two extremes, 

offering decent dynamic range and noise performance while avoiding the complexity of 

the high-impedance design. This configuration largely overcomes the drawbacks of the 

high-impedance front end due to its low noise and the reduction of the high impedance 

through negative feedback. It provides a far greater bandwidth without equalization than 

the high-impedance front end, and it has a greater dynamic range, which makes it the 

preferred option in most wideband optical communication receivers. The amplifier acts as 

a buffer and produces an output voltage proportional to the photodiode current. 

4.3 VLC Specific TIA Design 

4.3.1 TIA with Ambient Light Cancellation 

As VLC features concurrent communication and illumination, ambient light 

background creates huge DC and low frequency noise at the input of the pre-amplifier 

and can probably saturate the input. There are two main approaches (Figure 4.4 (a) and 

(b)) to rejecting ambient light at the input of the preamplifier. The straight solution is to 

place a high-pass resistance–capacitance (RC) network at the input of the preamplifier, as 

depicted in Figure 4.4 (a). Here, the high frequency signal current passes through while 

the dc component is blocked and shunted away through resistor. 
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This solution has two major drawbacks. First, for monolithic implementations, 

large on-chip resistors and capacitors are required to achieve sufficiently low cutoff 

frequencies. These passive elements occupy area and are sensitive to parasitic coupled 

noise. Second, the bias voltage across the photodiode varies with the average 

photocurrent since the voltage at the anode is given by �D� S b. As a result, the signal and 

ambient light levels affect the overall receiver bandwidth. The alternative to a passive RC 

network is to use an active feedback loop around the TIA, which is called the adaptive 

DC cancellation circuit, as shown in in Figure 4.4 (b). It mainly consists of one DC level 

detection circuit and one voltage control current source (VCCS). According to various 

output DC voltage level, the VCCS will generate a related sink current at the TIA input 

and thus remove the DC input current �\g&��) from the total photo-detector generated 

current.  

Rf

 

Iin(DC)

Iin(AC)

Vout

Rf

 

Iin(DC)

Iin(AC)

Vout

DC Level 
DetectionVCCS

(a) (b)  

Figure 4.4: Ambient photocurrent rejection techniques: (a) Passive RC network; (b) Active feedback loop. 

Figure 4.5 depicts one possible solution of the active feedback system with 

ambient light cancellation circuit. The DC (or low frequency) cancellation circuit 

includes a low pass filter, an error amplifier and one NMOS M0 which acts as VCCS. 



64 
 

The low pass filter is coupled across the differential output voltage to sense a difference 

in the DC levels between V+ and V-. The error amplifier is coupled to an output of the 

low pass filter and generates a control voltage indicative of the difference in the DC 

levels between V+ and V-. The M0 (working as VCCS) then generates a current sink 

with a level that is determined by the control voltage, and the current sink is coupled to 

the input of the trans-impedance amplifier. 

Interference due to ambient light coming from sunlight and from fluorescent or 

incandescent lights plays an important role in defining the cut-off frequency. Sunlight is 

often characterized as an un-modulated source with a very high DC value. Light from 

incandescent lamps has strong frequency components at the electricity network frequency 

(typically 50 or 60 Hz) and a few harmonics. Light from fluorescent lamps, which are 

using electronic ballasts and modulate light at 15-20 kHz, can have significant frequency 

components even up to a few hundred kHz. Thus the high pass filtering generated by the 

closed loop must be designed to filter out the low frequencies and reduce interference.  
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Figure 4.5: Single-ended implementation with ambient light cancellation. 
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The characteristics of the feedback system with ambient light cancellation circuit 

also can be analyzed using the transfer function. Assuming at low-to-middle band 

frequency (less than TIA cutoff frequency), the loop gain of the feedback system is given 

by 

�&G)|�B@g � h�m_ S h@??&G) S �|:       (4.1) 

Where h�m_ is the DC gain of the TIA, and �|: is the trans-conductance of M0. The gain 

of the error amplifier h@??&G) is assumed to have a dominant-pole response, which is 

given by 

h@??&G) � _N<<&:)
W�� �M#`          (4.2) 

where where zBW is the dominant pole frequency of the error amplifier. 

The resulting closed loop frequency response of the whole feedback system with ambient 

light cancellation is  

�&G)|����@D � ��l[&�)
\��&�) � _r��W�u&�)|�MN� I h�m_ S ���M#��_r��_N<<&:)����M#   (4.3) 

It is obvious that the zero at zBW is much lower than the pole at z � h�m_h@??&0)�|:zBW. 

Thus the closed loop system exhibits a high-pass response with a cutoff frequency at  

zu^ � h�m_h@??&0)�|:zBW        (4.4) 

With a pass-band gain h�m_, which is the same as the case without ambient cancellation 

circuit and a DC and low frequency gain of W
_N<<&:)��� � 1, meaning that the ambient 

light background noise can be greatly suppressed. Since M0 is biased by the DC 

current �\g&xy), assuming M0 works on the saturation region, �|: is proportional to the 
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square root of �\g&xy) . Then the high pass cutoff frequency zu^ and ambient light 

rejection gain ����!@� are functions of the average photocurrent as shown below. 

zu^ i �|: i � �\g&xy)        (4.5) 

����!@� i W
��� i W

� m��&��)        (4.6) 

It is obvious that the high pass cutoff frequency increases and the ambient light rejection 

gain decreases (or the ambient light rejection efficiency increases) when the input 

average photocurrent increases. Frequency compensation is required to ensure the 

stability of the feedback loop, since error amplifier creates a low frequency pole at zBW, 

and there is another low frequency pole created at the TIA input due to photodiode 

parasitic capacitance and TIA feedback resistance. And sufficient phase margin should be 

met across PVT. Besides stability, zBW must also be designed to limit the maximum high 

pass frequency in order to prevent the amplifier from filtering the signal.  

4.3.2 Design of the Shunt-Shunt TIA 

The TIA topology used in this work is the so-called shunt-shunt feedback TIA. A 

negative feedback network senses the voltage at the output and returns a proportional 

current to the input. This type of feedback has the advantage that it lowers both input and 

output impedance. As a result, the closed-loop bandwidth is increased by the loop gain. 

Figure depicts a general schematic of the shunt-shunt feedback TIA. The photodiode is 

represented by the current source �D\� in parallel with the junction capacitance �D\�. The 

TIA consists of a voltage amplifier with DC gain A0 and feedback resistance Rf. The 

input capacitance �\g  and output capacitance ��l[  are determined by the sizes of the 
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transistors that constitute the voltage amplifier. �g@}[ is the input capacitance of the next 

stage. Rout is the TIA output resistance and is usually much smaller than Rf. 
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Figure 4.6: The shunt-shunt feedback TIA: (a) general schematic, (b) small-signal equivalent circuit. 

The analysis of the small signal equivalent circuit, results in the following trans-

impedance gain 

��m_ � K���\P�� � �r��,�
�"Q�Q������r����r���# �� �Q��Q���$���r���# �Q�������r���# ¡�W

    (4.7) 

With 

��m_,: � !�_�_��W ( !���_��W I bf        (4.8) 

�\g� � �\g � �D\�         (4.9) 

��l[� � ��l[ � �g@}[         (4.10) 

Assuming the second pole the TIA locates at much higher frequency than the first pole, 

and  



68 
 

h: � 1 I h:          (4.11) 

b�l[ � bf          (4.12) 

b�l[��l[� � bf�\g�         (4.13) 

The new can derive the well-known expression for the TIA bandwidth 

H¢�m_ � _�,r��J£!�y��r         (4.14) 

h:,�m_ is the gain of the TIA core amplifier, �\g� is the total input capacitance, including 

�D\�D@ , determined by the photodiode topology, and �\g , which increases for larger 

transistor dimensions. bf  usually cannot be made too small for gain and noise 

considerations. The dominant pole, which determines the bandwidth in this case, is 

located at the input node �\g. Due to the feedback loop, the resistance at this node is 

divided by the loop gain, which results in a factor h:,�m_  increase of bandwidth. 

Therefore, h:,�m_ has to be maximized during the design process.  

The most widely used topology of TIA, implemented in many variants and 

technologies, is the TIA with common source input stage, as depicted in Figure 4.7. 

Transistor M1 is the common source transistor, which realizes amplification. The source 

follower (M2) isolates the drain of M1 from the loading effect of both bf and the input 

capacitance of the subsequent stage. In addition, the output resistance of the source 

follower is only 1 �],|J⁄ , which is always much less than bf. The open loop gain of the 

TIA core amplifier h:,�m_ � �],|W �D�,|W⁄ , assuming the output conductance of the 

current source can be neglected.  
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Figure 4.7: CS TIA with source follower. 

But the gain h:,�m_ is the intrinsic gain of MOS transistor M1 and typically less than 

40dB, depending on biasing and process parameters. This is too low to achieve a high 

trans-impedance bandwidth product, especially for large photodiode capacitance. Another 

disadvantage of this topology is that the stability is strongly dependent on �D�,|W. The 

non-dominant pole of this topology locates on the input gate of M2, and is given by 

�gD i  �PR,�#J£y�"           (4.15) 

��J is the parasitic capacitance at the gate of M2. For a closed loop feedback system, if 

the system is stable, then the non-dominant pole cannot be smaller than the gain 

bandwidth product (if �gD � H¢, then the phase margin is 45o). For stability issue,  

f�P�¤r�� I
 �PR,�#"¥��"��,r��"¥Q����r

� ; �D�,|W=J !�y��r�p,�#y�" ¦ 1      (4.16) 

Thus the stability of the system is strongly dependent on ; �D�,|W=J
, which would require 

sufficient safety margin in the design across PVT as  �D�,|W  is strongly process 

dependent. To obtain a high bandwidth in combination with a large core amplifier 

gain h:,�m_, a 3-stage amplifier was proposed as shown in Figure 4.8. Each stage features 
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an inverter stage, with diode-connected NMOS load transistor. The output resistance is 

now determined by W
�p,�", and the voltage gain of each stage is given by 

h: � �p,�#��p,�n�p,�"          (4.17) 

The analysis shows that the ratio A0 is only process dependent through the square root of 

the ratio of motilities, and thus relax the system stability safety margin in the design 

across PVT. 
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Figure 4.8: A three stage TIA with gm/gm’ amplifying stage (single-ended) [40]. 

Following the core circuit, a single-to-differential (S2D) converter (Figure 4.9) with 

automatic dc-cancellation and a CML output buffer capable of driving next stage 

(limiting amplifier) are included [41]. 
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Figure 4.9: Singe to differential converter with CML output. 
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Figure 4.10: Differential implementation of TIA with ambient light cancellation. 

The pseudo-differential trans-impedance amplifier can advantageously allow a 

conventional single-ended system to achieve a differential architecture with minimal 

modification and without adding extra components. Figure 4.10 depicts the pseudo-

differential trans-impedance amplifier with a DC compensation circuit that provides 
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continuous tracking of amplitude and DC correction and was implemented in this design. 

The DC cancellation circuit minimizes the signal distortion by sensing the DC levels of 

the differential pair of the output voltages. However, the penalty of using the DC 

cancellation circuit is that the whole loop with negative feedback typically responds 

slowly (or requires a long time to settle to a final state) due to bandwidth requirements. 

Similar to the single-ended case, to obtain a high bandwidth in combination with a large 

core amplifier gain h:,�m_ , a 3-stage differential amplifier was proposed as shown in 

Figure 4.11. More importantly, the input stage was designed to be rail-to-rail, which 

greatly increased the input dynamic range. And the differential error amplifier in the DC 

cancellation loop was also designed to be with rail-to-rail input as shown in Figure 4.12, 

helping to relieve the design challenge for the TIA core amplifier. 
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Figure 4.11: A three stage differential TIA amplifying stage with rail-to-rail input stage. 
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Figure 4.12: Rail-to-rail differential input error amplifier. 

The AC simulation results of the three-stage differential TIA as plotted in Figure 

4.13 was done with various DC current levels (from 10uA to 500uA). The simulation 

results also verify the analysis above that the high pass cutoff frequency increases and the 

ambient light rejection gain decreases (or the ambient light rejection efficiency increases) 

when the input average photocurrent increases. In the time domain, the dc photocurrent 

rejection circuit with negative feedback cam minimize the average differential output 

voltage. Figure 4.14 (a) shows representative differential outputs from the preamplifier 

without DC photocurrent or feedback cancellation circuit. When a DC component is 

added, the outputs shift away from each other as in Figure 4.14 (b), resulting in some 

common-mode offset. When the feedback cancellation circuit is further enabled, the 

common-mode offset will be extracted from the low pass filter and drive the error 

amplifier to raise the gate voltage of transistor M0, causing the device to begin drawing 

the dc component away from the preamplifier input. When the outputs (V+ and V-) have 
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finally settled, the signal common-mode offset caused by the DC photocurrent will be 

eliminated as shown in Figure 4.14 (c). However, in reality, due to mismatches, there will 

probably be some residue offset, which could be further reduced by the next stage of post 

amplifier with offset compensation. 

 

Figure 4.13: AC simulation results with various DC current levels (from 10uA to 500uA). 

 

Figure 4.14: Differential output waveforms (a) Without DC photocurrent or feedback cancellation circuit, 

(b) With DC photocurrent added and without feedback cancellation circuit, (c) With DC photocurrent 

rejection and with feedback cancellation circuit. 
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Figure 4.15 depicts the simulated eye diagram with 50Mbps Manchester encoded data 

input under 3.5V power supply, with 500µA DC photocurrent and 100µA AC 

photocurrent. 

 

Figure 4.15: TIA output eye diagram with 50Mbps Manchester coding data input. 

4.4 Post Amplifier and Comparator Design Considerations 

4.4.1 Offset Compensation Limiting Amplifier 

The purpose of the post amplifier, sometimes called receiver main amplifier 

(RMA) is to amplify the small signal from the front-end amplifier to a level that is 

sufficiently high for reliable operation of the clock and data recovery circuit. For a typical 

optical receiver, RMA is always called as “broadband amplifier”, as the bandwidth of 

RMA is made much larger than the font-end amplifier, thus RMA has little effect on 

receiver bandwidth. Specifically speaking, the bandwidth of the receiver is mainly 

controlled by the photodiode, front-end amplifier and/or following filters. There are some 
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main design specifications for RMA, including the voltage gain, noise figure, the input 

dynamic range and so on. Two main types of RMA are generally used: (1) limiting 

amplifier (LA) and (2) automatic gain control (AGC) amplifier. If low distortion is 

mandatory, then AGC must be used. If nonlinear distortion can be tolerated, then LA is 

preferred. Due to the digital modulation characteristics of Manchester encoded data, 

nonlinear distortion is not a big concern and thus LA is adopted for this design. 

As the output from the trans-impedance amplifier is often too small (~ mV), it is 

necessary to further amplify the signal, but the DC offset (~ mV, mostly caused by input 

MOSFET mismatch) at the input of LA must not be amplified to prevent output voltage 

saturation. The general approach was depicted in Figure 4.16. It mainly consists of three 

parts, the offset compensation, low-pass filter and n-stage core amplifier. The offset 

compensation, actually the first stage of the LA, has two differential inputs, one pair is 

used for the input signal and the second pair is used for the offset compensation voltage, 

directly from the low pass filter, which extracts the averaged value of amplifier output 

voltage. A simple analysis shows that the LA offset can be removed based on the offset 

compensation topology. However, in real case, the offset cannot be completely removed 

due to two reasons: (1) the finite loop gain; (2) the second pair used for offset 

compensation also has its own offset voltage. An additional error amplifier can be added 

between the low pass filter and the offset compensation stage, increasing the total loop 

gain. With additional error amplifier, the stability issue may be taken into consideration. 

For this design for tens of MHz VLC system, the amplifier doesn’t have to be fast, large 

transistors with good matching properties can be used to make input offset much smaller. 
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Figure 4.16: Offset compensation limiting amplifier topology 

Based on the offset compensation structure depicted in Figure 4.16, the idea of offset 

compensation can also be understood using the equations from (4.18) to (4.21). Assume 

the limiting amplifier input voltage is V§¨ with offset voltage V©ª, and g¬W is the trans-

conductance of input MOSFET M1. Following the first stage, there are the n-stage core 

amplifiers with total gain A:̈.  

�W � �]Wb®&�\g � ���) ( ��l[¯̄ ¯̄ ¯° ± �W² � �]Wb&��� ( ��l[¯̄ ¯̄ ¯)    (4.18) 

��l[ � h:g · �W ± ��l[¯̄ ¯̄ ¯ � h:g · �W²        (4.19) 

��l[¯̄ ¯̄ ¯ � �p#!_��W��p#!_�� · ��� I ���        (4.20) 

��l[ � h:g · �W I �]Wbh:g�\g        (4.21) 

From equation (4.21), it is obvious that the offset voltage is greatly reduced with the 

offset compensation stage. Due to the low pass properties in the feedback loop, the whole 

offset compensation circuit not only suppresses the unwanted offset voltage, but also 

some important low-frequency components of the input signal. In other words, the offset 
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compensation introduces a low-frequency cut-off in the overall LA frequency response 

(high pass filtering properties). For the typical configuration of offset compensation 

topology, the cut-off frequency is given by 

�w´ � _µ��M�W
J£!¶y¶           (4.22) 

Where h���B is the total loop gain of the offset compensation loop, for the case in Figure, 

h���B can be estimated as �]Wbh:g. 

Since both LA (due to offset compensation) and TIA (ac coupling input) appears 

high pass filtering in the frequency response, or low frequency cut off appears in the 

frequency response, the effect of high pass filtering on random binay sequency should be 

well understood. For simplicity, a first order high pass filter with capacitor C and resistor 

R shown in Figure 4.17 is analyzed [42]. The cut-off frequency can be easily derived 

�w´ � W
J£!y          (4.23) 

For a random binay sequency input, each transition immediately appears at the 

output, but when receiving a long string of ones or zeros, the output voltage drifts. As a 

result, the bits after each long run suffer from a large (temporary) DC shift, making it 

difficult to set a decision threshold. The above effect is called basline wander or DC 

wander, because the instantaneous DC value of the output waveform changes randomly. 

Sometimes, this phenomenon can also be viewed as ISI, because each bit level depends 

on the preceding pattern. To minimize baseline wander and data dependent jitter, the time 

constant · � b� must be sufficiently larger than the longest possible data run of ones and 

zeros.  
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Figure 4.17: Effect of high-pass filtering on random binary data. 

Fortunately, for Manchester encoded data input, the high pass filtering issue can 

be relaxed, since the longest data run of ones or zeros is always 2. But the values of b´ 

and �´ must also be large enough to obtain a small cut-off frequency. For this design, 

MiM-capacitors with a high capacitance per unit square and high-ohmic poly resistors are 

chosen to realize such high RC values. While a low cut-off frequency is needed to 

minimize ISI and jitter, the main disadvantage is the long compensation settling time. For 

most point-to-point communication links, long compensation times are acceptable, but 

they pose a severe obstacle for upcoming many-to-one links like imaging receiver which 

will be discussed later. Each input channel may have different power levels and therefore 

demand different offset settings of the amplifier. The speed of the offset compensation 

loop will therefore determine how quickly one can change between channels. And thus it 

will also determine the working speed for multiple channel receivers, like imaging 

receiver with select best combination techniques, which will be discussed later in this 

chapter. 
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4.4.2 Five-Stage Cherry Hooper Amplifier 

Featuring both high gain and high bandwidth, broadband LA core amplifier is 

always designed with cascading several amplifying stages to achieve high gain 

bandwidth product, which will be discussed in detail as follows. Assuming N = n 

identical second-order stages are cascaded, the overall transfer function of the n-stage 

core amplifier is then given by 

h��?@ � ¸ _�
� R¹�$"�Jº� R¹�$�W»

g
        (4.24) 

where h:  is the DC gain of each stage. A second-order system with ¼ � √2 2`  has a 

maximally flat response and corresponds to a second-order Butterworth filter. Also, it can 

be proven that for this type of filter zg � zvD� . Under these conditions, the overall 

bandwidth of a core amplifier consisting of N = n cascaded second-order Butterworth 

stages is given by 

�vD�,��?@ � �vD�,: · � √2� ( 1o
        (4.25) 

Compared to a single stage, the gain-bandwidth extension factor of N = n cascaded stages 

can be derived: 

¾�¤¿�<N¾�¤� � h��?@,:
W�#� · � √2� ( 1o

        (4.26) 

where h��?@,: � h:g  is the total DC gain of the core amplifier. The gain-bandwidth 

extension given by is plotted versus the number of stages N for different values of the 

total DC gain of the core amplifier (noted as ����_À���) in Figure 4.18. It is obvious that 
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the gain bandwidth extension factor will increase to the saturation level when the number 

of stages continues to be added. 

 

Figure 4.18: Gain-bandwidth extension as a function of the number of stages N in a post-amplifier. 

Actually, for large enough values of N = n, the bandwidth and gain-bandwidth extension 

can be further approximated as 

�vD�,��?@ I �vD�,: · :.Á
√go          (4.27) 

¾�¤¿�<N¾�¤� I h��?@,:
W�#� · :.Á

√go � _¿�<N,��_¿�<N,�� · :.Á
√go       (4.28) 

Then the number of stages corresponding to this maximal �H¢��?@  can be found by 

minimizing the denominator � � �h��?@,:� √�o ,  

W
x

Dx
Dg � W

tg ( W
g" �� h��?@,:        (4.29) 

This equation becomes zero for � � 4�� h��?@,: . It is clear that the optimal N = n 

corresponding to a maximal GBW is always quite high. For example, for the core 

amplifier with DC gain h��?@,: = 20, then optimal value n � 4ln h��?@,: � 12. But as 



82 
 

depicted in Figure, the gain bandwidth extension factor gradually goes to saturation after 

certain values of N. For instance, with h��?@,: � 20, if N goes from 5 to 12, the gain 

bandwidth extension factor 
¾�¤¿�<N¾�¤�  only increases by 11 %. Furthermore, when N is high, 

the gain per stage is small, making the noise contributed by all of the stages significant. 

In addition, a lot of stages also correspond to a high power dissipation and a large chip 

area. For these reasons, typical high-gain LAs employ no more than five stages. As 

discussed in 3.4.2, for the differential amplifier, Cherry-Hooper topology is widely used 

to enhance the bandwidth. Different from the pre driver design to drive large current to 

lighting LEDs with tapered multi-stage Cherry-Hooper amplifiers, five identical cascaded 

Cherry-Hooper amplifiers are implemented for the LA. Though the bandwidth of LA is 

the limiting factor for the whole VLC system, much higher speed LA would be desired if 

the modulation bandwidth of lighting LEDs can be boosted to much higher frequency, 

like micro-LED pixels are employed [35]. 

4.4.3 Rail-to-Rail Input Comparator 

After RMA has linearly amplified the small signal from the front-end amplifier to 

a sufficient high level, there is a binary decision circuit which determines the output 

voltage from the linear channel of the RMAs (whether a bit is zero or one) by comparing 

the sampled output voltage with some threshold voltage �[Â , which is located at the 

midpoint between the zero and one levels. This decision circuit, normally called 

comparator or 1-bit ADC, can separate the signal from the noise. In fact, the comparator 

can produce an output signal that is thousands of times higher in amplitude than the input 
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signal. But, to insure that the comparator can faithfully extract the signal of interest, the 

signal must be greater in amplitude than any noise by a sizeable margin. Since the 

communication speed (~ tens of Mbps) is mainly limited at the transmitter side, the 

design of the comparator is quite straightforward. And thus the design detailed will not be 

discussed here. Specially speaking, the comparator in this VLC receiver as depicted in 

Figure 4.19 was designed with differential rail-to-rail input and single-ended rail-to-rail 

output. 
 

VDD

Vb1

Vb2

Vip

Vin
Vout

 

Figure 4.19: Differential rail-to-rail input and rail-to-rail output comparator. 

4.5 Single Element VLC Receiver Layout, Simulation and Testing Results 

The top layout of whole VLC receiver, including differential TIA with ambient 

light cancellation circuit, limiting amplifier with offset compensation, rail-to-rail 

comparator and Manchester decoder, is depicted in Figure 4.20.  
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Figure 4.20: Whole VLC receiver layout with differential TIA, LA, Comparator and Manchester Decoder. 

The whole VLC receiver was simulated with 500µA DC photocurrent and 100µA 

signal photocurrent under 3.5V power supply and the input signal was Manchester 

encoded. Figure 4.21 plotted the transient waveforms of main receiver signals for 

50Mbps Manchester encoded data input. 9�h_�Ã��  & 9�h_�Ã��  are the differential 

output of the TIA, 	h_�Ã��  & 	h_�Ã��  are the differential output of the limiting 

amplifier and ��E�_�Ã� is the voltage output of the comparator. The VLC receiver was 

also tested based on the test bench as depicted in Figure 2.14 and the voltage output of 

the comparator can be measured via test multiplexer for various input NRZ data speed, 

like 50Mbps (Figure 4.22).  
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Figure 4.21: Simulation results of main receiver signals @ 50Mbps Manchester data input. 

 

Figure 4.22: Measurement results of comparator output results with 50Mbps NRZ data input. 

 
 
 
 
 
 
 
 



86 
 

Chapter 5 Manchester Encoding and Decoding Implementation 

5.1 Introduction 

Manchester coding is one of the most important line coding schemes used in 

optical communications. For Manchester coding, each “0” is transmitted as a “1” 

followed by a “0” and each “1” is transmitted as a “0” followed by a “1” as shown in 

Figure 5.1. Then the DC component of the encoded signal is always constant and a 

transition is introduced at the middle of each data bit, which can be used to recover the 

clock at the receiver. Thus Manchester encoding is a suitable solution to modulation for 

LED VLC system due to its flicker removal and self-clocking nature. Similar to other line 

coding techniques, Manchester coding introduces extra transitions, and in the process 

increases the overall bandwidth of the signal. As a result, the price paid for Manchester 

coding is the doubling of the effective bit rate on the communication system. 

 

Figure 5.1: Example of Manchester encoding. 

5.2 BPSK Demodulator and Data Detector 

Manchester encoding actually is a special case of binary phase-shift keying 

(BPSK), where the data controls the phase of a square wave carrier whose frequency is 

the data rate. In a BPSK signal, both the rising edge for a “0” (Figure 5.2 (a)) and the 
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falling edge for a “1” (Figure 5.2 (b)) occur at the same point (i.e. in the middle of the 

symbol time: TBPSK/2). Thus, detection of either edge can be used as a reference in the 

clock and data recovery unit to extract a clock from the received carrier and also generate 

the desired bit stream simultaneously (Figure 5.2 (c)) [43]. 

 

Figure 5.2: Analog and digital waves of logic (a) “0”, (b) “1” symbols and (c) diagram of clock & data 

detection based on edge detection. 

 

Figure 5.3: Block diagram of the data detector. 

As shown in Figure 5.3, the data detector consists of an edge detection unit and its 

resetting block. The edge detector, which contains two D flip-flops, is used to 

differentiate between rising and falling edges of the BPSK signal. Obviously, it is 
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necessary to reset the D flip-flops after each edge detection, but it should also be noted 

that between any two (or more) consecutive similar symbols, an edge occurs that must 

not be detected as a change in the received data. Hence, for proper operation of the 

demodulator, a reset signal is needed after each symbol time is over and before the edge 

of next symbol, which takes place in the middle of it. To generate this signal, a 3-bit 

asynchronous counter has been designed in such a way that it starts counting after the 

detection of each edge. The most significant bit (MSB) of the counter goes high between 

0.5TBPSK and TBPSK. The counter’s MSB in conjunction with a power-on-reset (POR) 

signal makes the reset signal required to initialize the D flip-flops and the counter at start 

up, and also to prepare them for the next carrier cycle. By using this mechanism, a data-

rate-to-carrier-frequency ratio of 100% can be achieved. 

 

Figure 5.4: Two worst cases for determining the range of fosc. 

A free running ring oscillator generates a clock signal (����), which is used to prepare a 

clock (�	d\g) for the counter. The oscillator frequency range for proper operation is 
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determined by the required activation time of the reset signal, which needs to be between 

0.5TBPSK and TBPSK. As shown in Figure 5.4, to make MSB of the 3-bit counter go high 

(i.e. to make the count of the counter go from 3 to 4) between 0.5TBPSK and TBPSK, we 

need to have: 

39��� Å 0.59�^AÆ         (5.1) 

49��� Å 9�^AÆ          (5.2) 

�ÇÈLÉÊ Ë 9��� Ë �ÇÈLÉt          (5.3) 

4��^AÆ Ë ���� Ë 6��^AÆ        (5.4) 

Thus, the frequency of the oscillator can be chosen within the following range: 

���� � 5��^AÆ          (5.5) 

5.3 Manchester Encoding and Decoding Circuit Design 

Both Manchester encoder (Figure 5.5) and decoder (Figure 5.6) can be realized in 

all digital formats, which is perfect for IC design. The Manchester encoder circuit mixes 

the non-return-to-zero (NRZ) bit stream with the transmitting clock. Due to delay 

requirement for clock and data recovery, 5 times reference clock (equation 5.5) should be 

provided to the Manchester decoding circuit. Figure 5.7 depicts the simulated Manchester 

encoded data and its recovered clock and data after Manchester decoding circuit. It is 

clear that the recovered data and clock match precisely with the input data and clock. 

Compared to the usual non-return-to-zero (NRZ) code, the main advantages of 

Manchester encoding are (1) Easy in recovery of timing information; (2) No data patter 

dependency; (3) Fixed DC content; (4) Prevention of long strings of 0’s or 1’s thus 
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helping in decision level control and avoiding gain instability effects. For NRZ coded 

data input, specific clock and data recovery circuit (CDR) should be employed to recover 

both data and clock information from the input data sequence. 

Q

Q

D

Data Input

Manchester 
Data Output

Tx CLK  

Figure 5.5: A simplified diagram for the Manchester encoder circuit in the VLC transmitter. 
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Figure 5.6: A diagram for the all-digital Manchester data and clock recovery circuits in the receiver. 

 

Figure 5.7: Simulated Manchester encoded data at transmitter side and the recovered clock and data at 

receiver side match well, with the reference clock 5 times input clk. 
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Figure 5.8 depicts the measured Manchester encoded current without equalization to 

drive white LEDs at 10 KHz input data and 50 KHz transmitting clock. 

 

Figure 5.8: Measured Manchester encoded current without equalization to drive white LEDs at 10 KHz 

input data and 50 KHz transmitting clock. 

5.4 Reference Clock Generation 

5.4.1 Proposed PLL Topology for Reference Clock Generation 

A block diagram of a commonly used charge pump based PLL [44] is presented 

in Figure 5.9, consisting of a voltage-controlled oscillator (VCO), a phase-frequency 

detector (PFD), a charge pump (CP), and a loop filter (LF). The PFD compares the phase 

difference between the VCO output clock (ÌF_�	d) and a reference clock (b��_�	d), 

and then sends the phase difference information to the CP. When out of lock, the PFD 

also detects frequency differences in order to prevent harmonic locking. When close to 

lock, only phase differences are detected. The CP is comprised of two switched current 

sources, providing charging current and discharging current to the loop filter. The current 
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sources are activated through two switches, which are controlled by the output of the 

PFD. A net charge is dumped into or withdrawn from the LF, which contains a charge-

integrating capacitor, depending on the phase difference information. The resulting 

control voltage (�À���) varies the VCO output frequency. Charge integration in loop filter 

and integration of frequency to generate a phase out of the VCO leads to a second-order 

loop. In order to stabilize the system, a zero must be introduced into the loop, by adding a 

resistor in series with the filter capacitor. When phase is locked, the phase error is zero 

and �À��� remains stable. 

 

Figure 5.9: Diagram of charge-pumped based PLL. 

Figure 5.10 depicts our proposed PLL topology for Manchester reference clock 

generation, which employs a voltage-controlled ring oscillator to produce the multiple 

clock phases that can be used in data multiplexing. A voltage regulator is utilized in this 

design to power the VCO since the loop filter cannot supply the required amount of 

oscillator switching current. In order to set the VCO supply to a voltage approximately 

equal to �À���, a unity-gain feedback configuration is formed with a differential amplifier 
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driving the output PMOS current source. High frequency switching noise from the 

oscillator can be filtered out with a large decoupling capacitor placed at the regulator 

output. In addition to the charge integrating capacitor C1 and R1 in series, another 

capacitor C2 is introduced to reduce �À��� ripples but due to PLL closed loop stability 

requirement, C2 should be like ten times smaller than C1. Based on this topology, 5 times 

input clock can be generated at the divider-by-N output. 
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Figure 5.10: A diagram for the charge pump based PLL to generate 5 times of clock for the Manchester 

data and clock circuits. 

5.4.2 Power Supply Regulated VCO 

Coupled ring oscillator [45] as shown in Figure 5.11 is implemented in this 

design, as CMOS inverter based delay element allows for low voltage operation and 

enables easy portability between different process technologies. Unlike a single-ended 

ring oscillator, this coupled ring oscillator can provide complementary clock phases.  
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Figure 5.11: Coupled ring oscillator. 

The oscillation period is set by the VCO’s regulated supply voltage (ideally �y[?�) and is 

proportional to the delay element output time constant 

9Kyj i 2�@ff9x � JgN��yÍ�ÎqÍ�Î&K��<µ�K�Ï)       (5.6) 

where �@ff is the effective number of delay elements in the ring, �Kyj is the delay stage 

load capacitance, and ÐKyj and �[Â are the fitted trans-conductance factor and threshold 

voltage of the VCO transistors. Thus, the VCO gain is 

dKyj � ÑfÍ�ÎÑK��<µ � qÍ�ÎJgN��yÍ�Î        (5.7) 

For this design implemented in a 0.18µm BCDMOS technology, the typical VCO gain is 

about KÓÔÕ = 400 MHz/V. 

To provide the VCO driving current and generate the adaptive supply of VCO, a 

voltage regulator is always needed [46]. The regulator is a differential amplifier driving a 

PMOS current source in a unit-gain feedback configuration as shown in Figure 5.12. The 

differential amplifier is designed with rail-to-rail input (as depicted in Figure 4.12) to 

accommodate large �À��� variation, and thus increase the VCO output frequency range. 
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The decoupling capacitor CD at the output of the regulator was employed to filter out high 

frequency noise, but the added capacitance may adversely affect the stability of the 

regulator.  Therefore, frequency compensation is necessary to ensure regulator stability 

due to the presence of two poles from the differential amplifier and the filtered regulator 

output. Also, the regulator bandwidth must be sufficient enough to not affect the overall 

loop dynamics and the total regulator bandwidth is usually set to roughly ten times the 

PLL loop bandwidth. In the implementation, the regulator’s dominant pole is formed with 

the large decoupling capacitor (CD ~ 5pF) placed at the VCO supply. Another proposed 

technique is the use of replica feedback compensation, which relaxes the trade-off 

between amplifier bandwidth and supply rejection. 
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Figure 5.12: Decoupled VCO with regulator and decoupling capacitor. 

5.4.3 PFD, Charge Pump and Loop Filter Design 

The PFD as depicted in Figure 5.13 shows the implementation of a Phase 

Frequency Detector (PFD), consisting of two D-type flip-flops and one delay line. One 

flip-flop output (UP) enables a positive current source and the other flip-flop output (DN) 

enables a negative current source. If IN+ leads IN-, then UP continues to produce current 
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and �À��� rises steadily as the UP continues to charge the capacitor C1. On the other 

hand, if IN- leads IN+, then DN continues to produce current and �À��� decreases due to 

the capacitor discharging. Thus PFD senses the transitions at the input and output, detects 

phase or frequency differences, actives the charge pump and changes �À��� accordingly.  

Ideally speaking, if the input and output transitions are the same (IN+ = IN-), the 

PFD simply produces UP = DN= 0, the charge pump remains idle and C1 sustains a 

constant control voltage �À���. However, several imperfections in the PFD/CP circuit 

lead to high ripple on the control voltage �À��� even when the loop is locked. The ripple 

will modulate the VCO frequency, producing a waveform that is no longer periodic. The 

PFD/CP non-idealities includes the skew between up and down pulses, charge sharing 

between parasitic capacitances, mismatch between UP and DN currents, channel length 

modulation, charge injection and clock feed through of the UP/DN switches. 
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Figure 5.13: Diagram of PFD and charge pump (CP). 

Especially speaking, the charge pump’s noise power converted to the PLL output can be 

expressed as [47] 
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∆Ö�l[,y^J¯̄ ¯̄ ¯̄ ¯̄ ¯̄ ¯ � 4×J Jm�"¯̄ ¯
mM"¯̄¯ JØ�QLr��É         (5.8) 

where 9!A� denotes the width of the Up and Down pulses in the locked condition, 9yÆ is 

the PLL output clock period, �gJ²  is the noise of each current source (as a mismatch 

between UP/DN currents), and �B is the mean value of the UP and DN charging currents. 

For charge pump based PLL design, 9!A�  as the PFD reset pulse width is needed to 

eliminate the dead zone of charge pump current. Thus the current mismatch of UP and 

DN currents should be designed as small as possible. Several techniques, including 

reduction of channel length modulation and skew reduction, have been widely 

investigated. As far as concerned, the PLL implemented in this VLC transceiver focuses 

mainly on the 5 times clock generation for the delay requirement of Manchester decoding 

other than the phase noise or stringent jitter requirement. However, the specs for phase 

noise and jitter should also be developed in future.  

To reduce the ripple on the control voltage, cascoding devices were added to the current 

mirror in order to reduce the channel length modulation for the charge pump as shown in 

Figure 5.14. The design permits 4-bits of digital adjustment for charge pump current that 

varies from 1µA to 8µA. In this implementation of the adjustable charge pump current, 

the loop gain of the PLL can be varied with a linear quantization level and the bandwidth 

can also be investigated and tested accordingly. 
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Figure 5.14: Schematic of charge pump with 4-bit programmable current. 

5.4.4 Differential to Single-ended Converter (D2S) and Divider Design 

After the differential VCO output, the differential-to-single-ended converter 

circuit, shown in Figure 5.15, can produce a 50% duty cycle single-ended output [48]. It 

is composed of two opposite phase NMOS differential amplifiers driving two PMOS 

common-source amplifiers connected by an NMOS current mirror. The two NMOS 

differential amplifiers are constructed from symmetric load buffer stages using the same 

NMOS current source bias voltage as the driving buffer stages so that they receive the 

correct common-mode input voltage level. They provide signal amplification and a dc 

bias point for the PMOS common-source amplifiers. The PMOS common-source 

amplifiers provide additional signal amplification and conversion to a single-ended 

output through the NMOS current mirror. Because the two levels of amplification are 

differentially balanced with a wide bandwidth, the opposing differential input transitions 

have equal delay to the output.  
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Figure 5.15: Differentia to single-ended converter with 50% duty cycle output. 

Divider-by-5 circuit has been implemented as shown in Figure 5.16 and the detailed 

timing diagram is depicted in Figure 5.17. 
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Figure 5.16: Logic design for divide by 5. 

 

Figure 5.17: Timing diagram for divider by 5 circuit. 



100 
 

5.4.5 PLL Layout, Simulation and Measurement 

Figure 5.18 depicts the top PLL layout with PFD & CP, loop filter, regulator, VCO, D2S 

and divider. The reference clock for Manchester decoding can be measured at the divider 

output via test mux under the test bench similar to that in Figure 2.14. Under VDD = 3.5V, 

PLL can work well for input clock frequency from 5MHz to 25MHz.  

 

Figure 5.18: PLL layout with PFD&CP, loop filter, regulator, VCO, D2S, and divider. 

 

Figure 5.19: Measurement of generated 50MHz reference clock for Manchester decoding with 10MHz 

input clock under 3.5V power supply. 



Figure 5.19 depicts the measured 50MHz reference clock waveform for Manchester 

decoding with 10MHz input clock. When the input clock frequency increases to 2

the generated reference clock automatically changes to 1

matches our design goal. When the input clock frequency further increases to 30MHz or 

decreases to some frequency lower than 5MHz, PLL will lose lock.

Figure 5.20: Measurement of generated 1
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depicts the measured 50MHz reference clock waveform for Manchester 

10MHz input clock. When the input clock frequency increases to 2

the generated reference clock automatically changes to 110MHz, which perfectly 

matches our design goal. When the input clock frequency further increases to 30MHz or 

quency lower than 5MHz, PLL will lose lock. 

Measurement of generated 110MHz reference clock for Manchester decoding with 2

input clock under 3.5V power supply. 

depicts the measured 50MHz reference clock waveform for Manchester 

10MHz input clock. When the input clock frequency increases to 22MHz, 

0MHz, which perfectly 

matches our design goal. When the input clock frequency further increases to 30MHz or 

 

Manchester decoding with 22MHz 
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Chapter 6 Full Chip ESD Pad-ring Design and Testing 

6.1 Full Chip ESD Design for VLC Transceiver 

For the whole transceiver design on a single chip, the last but not the least, ESD 

protection is quite important to the success of the whole transceiver. In this chapter, the 

principles of ESD protection, ESD design strategies and ESD implementation in this 

transceiver will be discussed and analyzed. 

6.1.1 Introduction to ESD Protection 

In the last 40 years, with the development of integrated circuit (IC) which 

integrates thousands of electronic cells and function circuits into a small die on a silicon 

substrate, ESD has gained more and more attentions both in academic and industry, 

because the small ICs are extremely sensitive and vulnerable to the high voltage and 

current generated by ESD [49]. Transient ESD high voltage usually causes IC dielectric 

breakdown, while ESD high current often generates massive heat in silicon and finally 

burn down the ICs, as shown in Figure 6.1.  

 

Figure 6.1: ESD could produce severe damages to ICs. 
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Different measures and standards were developed and applied in the whole 

process of IC manufacturing, assembling, verification and transportation, to prevent the 

increasing cost because of ESD damage. In addition, various off-chip and on-chip ESD 

protection structures and solutions were designed and employed in ICs to handle the ESD 

transient high voltage and current. Generally speaking, all ESD protection structures or 

circuits in integrated circuit system aim to realize two functions during ESD stressing: 

provide low-resistance ESD current shunting path, to prevent thermal damage in circuits 

generated by high ESD current, and clamp ESD voltage surging at pads to safe level, to 

avoid dielectric breakdown, especially for MOS gate oxide. Besides providing 

dependable ESD protection to the circuits, ESD protection structures should also avoid 

inducing too much parasitic effect, such as parasitic capacitance and extra noises, into the 

circuits and affect the function of circuits, especially for high-speed or high-frequency 

applications.  

The discharging I-V curves of typical ESD protection structures can be classified 

into two categories: diode-type and bipolar-type [50]. The diode-type ESD protection 

structure, as shown in the Figure 6.2 (a), will be triggered to discharge ESD current at the 

"trigger point" after the voltage on device reaches its turn-on voltage, called "triggering 

voltage" (Vt1). The discharging resistance of the I-V curve is called "on-resistance" (Ron). 

The lower the Ron, the lower the clamping voltage that the ESD protection structure 

could provide. When the ESD current exceeds its ESD current handle ability, the ESD 

protection structure will breakdown and cannot recover. On the other hand, as shown in 

Figure 6.2 (b), when the ESD voltage stress on the bipolar-type ESD protection structure 
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reaches its trigger point, instead of discharging ESD current immediately, it will firstly go 

into a state of negative resistance until the device voltage reduces to the holding voltage 

"�Â", or holding point. This behavior, also known as "snapback", will clamp the ESD 

voltage on device to a low level and hence protect the inner circuits from dielectric 

breakdown. After holding point, the ESD protection structure begins to discharge ESD 

current in a low-Ron state until it reaches the device thermal breakdown, or second 

breakdown. The voltage at the second breakdown is called "Vt2", while the current at the 

second breakdown is called "It2".  

 

Figure 6.2: (a) diode-type and (b) bipolar-type discharging IV curves. 

The triggering voltage, current and time (Vt1, It1 and t1), holding voltage and 

current (�Â and �Â), discharging on-resistance (Ron), and second breakdown voltage, and 

current (Vt2, It2), are all critical feature parameters of ESD protection structures. As 

illustrated in Figure 6.3, the region between inner circuit breakdown voltage (VBR) and 

power supply voltage (VDD) with proper safety margins (at least 10%), with current 

bounded by the total on-chip supply current (IDD), is called “ESD Design Window” [50], 

which must be followed in practical ESD protection designs. Vt1 has to be less than VBR 
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because the ESD protection structure should be able to turn on before the inner circuit is 

broken by the ESD stress, while Vt1 also needs to be higher than VDD since the ESD 

protection structure should be kept off during inner circuit normal operation. In addition, 

the restrictions to ESD protection structure �Â  and �Â are the requirements of latch-up 

immunity. To prevent ESD protection structure causing any latch-up issues, this rule 

about I-V curve holding point must be followed. Similar to Vt1, Vt2 has also to be less 

than VBR to avoid any breakdown in inner circuits. Moreover, It2, the second breakdown 

current of the ESD protection structure, is the highest current that semiconductor P-N 

junction can maintain, which can be used to represent the structure ESD protection level. 

The higher the It2, the higher the ESD protection level device could provide. The other 

critical ESD protection design specs is to ensure that the triggering time for ESD 

protection structure (t1) is less than the typical rising time (�?) of incoming ESD pulse 

waveforms per given testing standards, i.e., t1 < �? . That means the ESD protection 

device should be fast enough to turn on during ESD transient. 

 

Figure 6.3: Typical ESD design window. 
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6.1.2 Full Chip ESD Design Implementation 

Various ESD protection structures have been developed and applied in different 

circuits and designs of CMOS technology. However, almost all of them are based on 

several basic ESD protection structures, including diode (or diode string), BJT, 

MOSFET, and silicon controlled rectifier (SCR). While the design details of individual 

ESD structure will not be discussed here, the session will focus on the full chip ESD 

design strategies, especially the ESD pad-ring design for the whole transceiver. 

Ideally, a good practical ESD protection solution must ensure complete ESD 

protection for the whole IC chip, as illustrated in Figure 6.4 [50], where ESD protection 

structures are used for all I/O pad to protect against all possible ESD pulse modes, i.e., 

positive (PD) and negative (ND) to VDD, and positive (PS) and negative (NS) to VSS, as 

well as a number of power clamping devices for all supply lines to defend against 

possible ESD surges from VDD to VSS (DS) or vise verse (SD). In fact, full-chip complete 

ESD protection scheme is ideal and should be considered with allowed costs and parasitic 

effects and thus practical IC products may adopt partial ESD protection only. 

 

Figure 6.4: Complete full-chip ESD protection scheme. 
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Another big concern for the full chip ESD design is the multi-power domain 

usually implemented for the full chip design. Take this VLC transceiver for example, 

three power domains, including digital domain (up to 5V), analog domain (up to 5V) and 

power domain (up to 30V), as depicted in Figure 6.5, has been utilized. Specially 

speaking, the power domain was implemented in the LED driving output stage design to 

accommodate various kinds of LEDs driving conditions. Based on ESD design window, 

different ESDs should be developed for these different power domains. For this VCL 

transceiver, two types of ESD were designed, one for both the digital and analog domain 

(Figure 6.6) and the other for the power domain (Figure 6.7). Figure 6.6 depicts the 

simplified schematic and correlated layout. For this first type of ESD (Figure 6.6), it 

works like the power clamp, with large MOSFET as the ESD current conducting path. At 

normal condition, the gate voltage of the MOSFET was pulled down to ground while the 

MOSFET will be turned on with the ESD transient current. The resistor value and the 

parasitic capacitance of the diode should be optimized to meet the HBM/CDM 

specifications. For the second type of ESD (Figure 6.7), diode type with special doping 

levels was adopted.  

 

Figure 6.5: Full chip ESD design under multi power domains. 
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(a) Simplified Schematic (b) Layout

I/O

GND

 

Figure 6.6: ESD design for digital and analog domain (a) simple schematic, (b) layout. 

(a) Simplified Schematic (b) Layout

I/O

GND

 

Figure 6.7: ESD design for power domain (a) simple schematic, (b) layout. 

Once the ESDs have been determined for each IO, the whole chip layout with IO 

pads and ESD distribution should be considered. Typically speaking, there are two types 

of full chip IC assembly methods, wire bonding and flip-chip. Due to such advantages as 

flexible chip-to-package interconnection process, high yield interconnection processing 

and easy programming, wire bonding has been widely used in industry. And the pad-ring 

design for this structure was quite straight forward as shown in Figure 6.8. In this typical 

example, all the pads are located around the center core chip while one ground bus and 

one power bus are designed surrounding between the core chip and IO pads. For this 
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implementation, PD diode (D1) and PU diode (D2) are utilized, as shown in the zoom in 

area. But the disadvantages of wire bond, including slower interconnection rates due to 

point-to-point processing of each wire bond, long chip-to-package interconnection 

lengths, degrading electrical performance and larger footprint required for chip to 

package interconnection, also limits its application in certain areas where the chip size or 

the electrical performance matters a lot. As an alternative packaging approach, flip chips 

(Figure 6.9) have recently gained popularity among manufacturers of cell phones and 

other small electronics where the size savings are valuable. For this VLC transceiver 

implemented in BCDMOS technology, chip scale flip chip packaging was employed. As 

shown in the designed PCB for VLC transceiver (Figure 2.13), the package of VLC 

transceiver, featuring the same area as the die size, was directly attached to the PCB. But 

the top level ESD pad-ring design issues arise due to the fact that the pads are metalized 

on the surface of the chips other than surrounding them and conventional approach of 

ESD pad-ring design for wire bond packaging is no longer feasible for flip chip 

packaging. For wire bond packaging, due to the parallel ground and power bus 

surrounding the pads, the ESD current discharging paths for each IO are almost the same 

either from IO to power bus or from IO to ground bus, and so are the parasitic resistances 

introduced by the current discharging path. As known, the typical low resistance of 

designed ESD when discharging ESD current is at most several Ω. If the parasitic 

resistance introduced by the current discharging path is large enough to change the 

discharging resistance, the It2 and thus the ESD protection level will be degraded.  
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Figure 6.8: Example of ESD pad-ring design for wire bonding based IC chips. 

For a typical IO distribution of the VLC transceiver as depicted in Figure 6.9, one 

ground pad (GND) and ground bus were employed and there has to a ESD current 

discharging path between each IO and the ground (either GND or ground bus). However, 

due to different layout approaches and thus probably different current discharging paths 

(as shown in Figure 6.10, paths of version A and B), the real ESD protection level will 

vary depending on IO locations even if the utilized ESDs are exactly the same. To 

investigate the IO pad-ring design effect on the ESD protection level, different layout 

approaches were intentionally applied to two VLC chips, version A (red) and version B 

(green) in Figure 6.10. Two pads (SCL and SDA) used for I2C interface are taken as 

example as shown in Figure 6.10. 
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Figure 6.9:  Pad-ring design implementation for flip-chip based VCL transceiver. 

 

Figure 6.10: Flip chip ESD current possible conducting paths for SCL and SDA: version A and version B. 

6.1.3 ESD Testing and Analysis 

HBM ESD performance is characterized by TLP testing. Figure 6.11 presents the 

measured I-V curve for the two types of ESD as depicted in Figure 6.6 and Figure 6.7 by 

TLP testing. It can be seen that the first type of ESD protection device designed for both 

digital and analog domain is triggered at Vt1~8.2V and then starts discharging in low-R 
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(~ 1Ω) status as plotted in Figure 6.11 (a). Similar results can be reached for the power 

domain ESD as plotted in Figure 6.11 (b). Different from the snapback characteristics of 

first type of ESD, the second type of ESD shows the feature of diode as designed. 

 

Figure 6.11: TLP testing results (a) digital and analog domain ESD, (b) power domain ESD. 

As mentioned above, two ESD pad-ring patterns of version A (VA) and version B 

(VB) are employed for two separate VLC chip. Take SCL and SDA with the same 

individual ESD for TLP testing example, as shown in Figure 6.12 and Figure 6.13. 

Obvious different ESD protection levels can be observed for VA and VB due to different 

discharging resistances caused by parasitic resistances, even if the triggering and holding 

points are the same. Take It2 as the protection level, from VA to VB, around 40% 

performance degradation were observed for both SCL and SDA. For power management 

ICs and other low speed (< 1GHz) ICs including this VLC transceiver, over-designed 

ESDs could be applied in consideration of the parasitic resistance. But for high speed 

applications where ESD parasitic capacitance matters, the ESD protection level should be 

carefully designed. For current industry requirement, HBM 2KV (equivalent to It2 = 

1.33A) are always required. Therefore, for the ESD pad-ring design for high speed ICs, 
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some specific techniques should be and are now being developed at our lab. For example, 

some algorithm of optimum ground pad allocation and metal routing can be automatically 

generated in consideration of ESD design levels or some new concept like dispensable 

ESDs (to be introduced in next session) can be used. 

 

Figure 6.12: SCL ESD TLP testing results with version A (VA) and version B (VB). 

 

Figure 6.13: SDA ESD TLP testing results with version A (VA) and version B (VB). 
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6.2 Field-Dispensable on-Chip ESD Protection for Ultra-High-Speed ICs 

6.2.1 Introduction 

ESD protection is required for all ICs to prevent ESD damages to ICs and 

electronic products including consumer electronics (e.g., smart phones and tablets) and 

enterprise systems (e.g., backbone networks, main frame servers and big-data storage 

banks) [49], [50]. Unfortunately, all existing on-chip ESD protection solutions inevitably 

introduce parasitic effects, such as capacitance (CESD) and noises, which seriously affect 

IC performance featuring extremely high data rates (20-100Gbps, giga bits per second), 

very high-frequency (>10GHz) and broadband *multi-GHz) [49] - [53]. Great efforts 

have been devoted to develop various low-parasitic ESD protection structures [54] - [58]. 

In addition, mixed-mode ESD design methods were developed to minimize CESD and 

novel ESD-IC co-design techniques were reported to optimize chip level performance [53] 

- [58]. However, for >20Gbps ICs, the inevitable ESD impacts will set the upper limit for 

the data rates that may be practicably achieved because CESD cannot be zero regardless of 

any design optimization. Novel ESD protection solution is hence desired to break the 

deadlock of ESD protection and IC data rates. From the perspective of production, 

different electronic systems will have different sensitivity to ESD failures and hence 

different requirements for ESD protection. For certain systems, e.g., next-generation 

infrastructure backbone systems featuring extremely high data rates (20-100Gbps), ESD 

protection must be in place until the system installation is done. After installation is done, 

ESD failure shall no longer be a “live” threat to the systems, unlike the case for consumer 

electronics, such as smart phones and tables, for which ESD damage is always there. On 



115 
 

the other hand, the performance, e.g., the required ultra-high data rates, of such 

mainframe systems must be maintained at the desired high level for daily applications. 

Hence, the on-chip ESD protection structures may be physically removed after the 

system installation in order to recover any ESD-induced data rate reduction if no ESD 

solution of CESD=0 is possible. Recently, one novel fuse-based field-dispensable ESD 

protection technique was developed for beyond-20Gbps high-throughput ICs [59].  

6.2.2 Field-Dispensable ESD Protection 

Figure 6.14 describes the new whole-chip fused-based field-dispensable ESD 

protection circuit concept that consists of a high-speed IC core and a set of fuse-based 

dispensable ESD structures at each I/O pad. The fuse structure is connected between an 

ESD protection device and GND/VDD bus. An ESD protection device is optimized for 

minimum CESD while providing the required ESD protection. ESD-IC co-design is a 

useful technique for design trade-off at whole chip level. However, the optimized ESD 

device still has non-zero CESD that will inevitably reduce IC data rates, which becomes 

unacceptable to 20+Gbps systems (e.g., optical link transceiver ICs of up to 100Gbps). 

Consider field application scenarios, when a mainframe system is installed in a relatively 

“ESD-safe” location and ready for high performance operation, the fuse will be blown 

out by field programming controlled by the on-chip logics to physically remove the ESD 

protection structures, hence achieving the desired CESD=0F state. Therefore, the IC shall 

return back to its originally designed high-data- rate mode to enable high performance for 

the mainframe systems. 
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Figure 6.14: Conceptual schematic for high-speed IO circuit with fuse-based field-dispensable ESD 

protection network. The fuses are controlled by a logic circuit. 

The fuses used in the design are specially designed metal lines and vias in the 

back end of line (BEOL) of standard CMOS technologies. The ESD metal fuse is 

different from the fuse commonly used in programmable memories, which consists of a 

low-R silicide film and a high-R poly-Si wire where a large programming current change 

the memory states between low-R and high-R, while keeping the electrical connection 

[60]. On the contrary, the ESD fuse used for the dispensable ESD protection must be 

blown out, therefore, physically removes the ESD device to ensure CESD=0F. On the 

other hand, the fuse must sustain both normal operation and typical ESD currents.  

The novel fused-based dispensable ESD proteciton circuit was designed and 

inplemented in a 28nm CMOS process, which features all-copper one poly and ten metal 

level interconnects. The metal levels were named M1, Mx, My and Mr as described in 

Table I. To accurately characterize ESD metal behaviors for practical on-chip ESD 

protection circuits, we designed a large group of metal line test patterns with different 

width (W) and length (L) for each metal layer as shown in Table I. Comprehensive 
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characterization for these ESD metal line test patterns was conducted using a 

transmission line pulsing (TLP) tester (Barth 4002+) specifically for transient ESD 

testing. Based on human body model (HBM) ESD test model, TLP pulse width of 100ns 

is used to evaluate the energy and heating effects. Figure 6.15 shows measured maximum 

current capability (Imax) for different metal layers of varying line widths. The Imax 

measured by transient ESD TLP and DC stressing (to identify the metal melting 

threshold) are compared with the maximum allowable DC and AC current in normal 

operation defined in the design rules for the CMOS process. It clearly reveals that, by 

using suitable metal line, the fuse can be easily blown out as needed. However, the metal 

fuses stay safe and robust under normal DC and AC operational currents, as wel las the 

targeted ESD transients. In this design, metal layer M7 and M8 were selected for to make 

the metal fuses. 

Table 6.1: 28nm CMOS Metal Interconnect Features 

Metals# Thickness* Dielectrics Length (µm) Width (µm) 

M1 9% ILD1 50, 150 1.5, 2.5, 4.5 

Mx 9% ILD1 50, 150 1.5, 2.5, 4.5 

My 19% ILD2 50, 150 3.0, 6.0, 9.0 

Mr 125% ILD3 50, 150 3.0, 6.0, 9.0 

# x=2, 3, 4, 5, 6; y=7, 8; r=9, 10 for top metals. 

* Weighting factors for thickness used for universal foundry technologies. 

6.2.3 Field-Dispensable ESD Protection Design 

Figure 6.16 describes the circuit schematic including the high-speed transceiver 

I/O circuit blocks and the dispensable ESD network at both input and output ports. The 



I/O link circuitry uses equ

caused by frequency-dependent channel losses and current mode logic (CML) buffers at 

output. The ESD network consists of optimized diode ESD protection devices, and the 

fuse connected between t

Figure 6.15: BEOL metal interconnect characterization for a 28nm 1P10M CMOS by TLP and DC melting 

testing, which are compared with the normal DC 

for sample test metal lines: (a) M1 layer, (b) Mx layer, (c) My layer and (c) Mr layer
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I/O link circuitry uses equalizers at input to cancel the inter-symbol interference (ISI) 

dependent channel losses and current mode logic (CML) buffers at 

output. The ESD network consists of optimized diode ESD protection devices, and the 

fuse connected between the ESD protection device and GND/VDD buses at each I/O pad.

 

BEOL metal interconnect characterization for a 28nm 1P10M CMOS by TLP and DC melting 

testing, which are compared with the normal DC and AC operation current limits set by the Design Rules 

for sample test metal lines: (a) M1 layer, (b) Mx layer, (c) My layer and (c) Mr layer. 

symbol interference (ISI) 

dependent channel losses and current mode logic (CML) buffers at 

output. The ESD network consists of optimized diode ESD protection devices, and the 

buses at each I/O pad. 

BEOL metal interconnect characterization for a 28nm 1P10M CMOS by TLP and DC melting 

and AC operation current limits set by the Design Rules 
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Figure 6.16: Simplified schematics for the 20+Gbps I/O contains the new fuse-based field-dispensable 

diode ESD protection circuit (a) input; (b)output. 

Figure 6.17 shows a logic control network where a silicon controlled rectifier 

(SCR) current switch is connected to the fuse. Considering that actual high-speed data 

link ICs have hundreds of I/O pads, in this prototype design, the ESD fuses are controlled 

by switches through on-chip logics for field programming, as depicted in Figure 6.14. An 

SCR switch is used in the design because it can be readily controlled at the gate by a 

logic signal and its snapback I-V feature allows high burning current flowing into the 

fuse. The diode ESD devices are optimized for >1kV HBM ESD protection. The ESD 

devices are placed  at I/O as shown in Figure 6.18. For comparison, four metal fuse splits 

were designed as shown in Table II: 1) a 4-line metal line cluster of 4µm wide, each with 
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a 1µm notch on both sides; 2) the same as in 1), but without a notch; 3) a 2-line cluster 

with each metal line of 8µm wide and with notches; and 4) a pair of 8µm wide metal line 

using M8 and M9 without a notch where the vias between M8 and M9 serve as the fuse. 

The notches are designed to intentionally create a localized hot spot to trigger DC current 

“crowding” for easy fuse blow-out. The notches in the metal line clusters are aligned with 

a shift from line to line for easy fuse burn-out. Table II shows that the measured DC 

melting current for the splits 1-4 are 0.19A, 0.46A, 0.55A and 0.59A, respectively. 

 

Figure 6.17: Example schematic for a logic-switch-fuse-ESD network for the new field-dispensable ESD 

protection circuit. 
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Table 6.2: Fuse Design Splits and Measured Fuse Melting Currents 

 

 

Figure 6.18: Layout for the high-speed IC with the new fuse-based dispensable ESD protection structures. 

The dispensable ESD devices are marked by the dashed blue boxes. Different fuse design splits, using 

metal lines of varying widths in different metal layers, and vias are designed for system evaluation of the 

fuse programming characterization. 

6.2.4 Characterization and Discussions 

Complete ESD and circuit measurements were conducted including TLP, DC and 

S-parameter testing. Figure 6.19 presents the TLP testing results for the circuit, showing 
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HBM ESD protection level of 1.5kV at the input port. Figure 6.20 depicts the leakage 

testing results for the I/O circuit before and after ESD stressing (500V step in TLP 

zapping), which shows that leakage current increases dramatically after ESD failure 

occurs. Similar results can also be obtained for the circuit at the output ports, as shown in 

Figure 6.21 and Figure 6.22. The data rate of the circuit was evaluated by measuring the 

circuit return loss curve against the return loss mask per the CEI-28G-SR standard [61].  

 

Figure 6.19: TLP testing reveals ESD I-V and leakage current at input port (I/O to GND under negative 

ESD stressing (i.e., NS mode) for the circuit (DUT) with the dispensable ESD protection structure. 
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Figure 6.20: Measured normal IC leakage current at input port (I/O to GND, NS mode) of the circuit 

before/after ESD stresses shows ESD failure threshold. 

 

Figure 6.21: TLP testing reveals ESD I-V and leakage current at output port (I/O to GND under negative 

ESD stressing (NS mode) for the circuit (DUT) using the dispensable ESD protection structure. 
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Figure 6.22: Measured normal IC leakage current at output port (I/O to GND, NS mode) of the circuit 

before/after ESD stresses shows ESD failure threshold. 

Full ESD testing was conducted using the Barth 4002 TLP tester with a step of 

500V. An Agilent E8364B Network Analyzer was used to measure the return loss at both 

input and output ports for the fresh IC, and the same IC after each TLP stress test step. 

Figure 6.23 and Figure 6.24 are the measured return loss curves at both input and output 

ports, which clearly show that the ESD protection level at input and output are 1300V 

and 1500V, respectively. When ESD failure occurs, the I/O return loss performance 

drops dramatically. The I/O data link was designed for >20Gbps demonstration. Figure 

6.25 and Figure 6.26 show that, without any ESD parasitic capacitance, the measured 

data rates are 17Gbps at input and 22Gbps at output, which was the original design target. 

Figure 6.23 is measured return loss at input, which readily shows that, while passed the 

1kV ESD target, the minimized CESD still reduce the data rate down to 9.5Gbps. After 

removal of the dispensable ESD device by blowing out the fuse, the tested data rate 

recovers to 17Gbps as shown in Figure 6.25. Similarly, Figure 6.24 is measured return 
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loss for the output, which shows that the ESD device substantially reduced the t

to 12Gbps. However, after ESD removal, the data rate returns back to 22Gbps as shown 

in Figure 6.26. Although actual throughput, like eye dia

for the incomplete data link circuit designed, the measured return loss variation clearly 

confirms that even an optimized ESD device can significantly affect data rate of very

high-speed ICs. The new fuse

solution to >20Gbps systems in infrastructure systems.

Figure 6.23: Measured input return loss for the high

the data rate of 9.5Gbps, dropped from 17Gbps designed originally due to C

same after ESD stresses until ESD failure occurs
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loss for the output, which shows that the ESD device substantially reduced the t

to 12Gbps. However, after ESD removal, the data rate returns back to 22Gbps as shown 

. Although actual throughput, like eye diagram testing, could not be tested 

for the incomplete data link circuit designed, the measured return loss variation clearly 

confirms that even an optimized ESD device can significantly affect data rate of very

speed ICs. The new fuse-based field-dispensable ESD circuit concept is a potential 

solution to >20Gbps systems in infrastructure systems. 

 

Measured input return loss for the high-speed circuit under different ESD stresses shows that 

the data rate of 9.5Gbps, dropped from 17Gbps designed originally due to CESD effect, remains about the 

same after ESD stresses until ESD failure occurs. ESD failure collapses the data rate. 

loss for the output, which shows that the ESD device substantially reduced the throughput 

to 12Gbps. However, after ESD removal, the data rate returns back to 22Gbps as shown 

gram testing, could not be tested 

for the incomplete data link circuit designed, the measured return loss variation clearly 

confirms that even an optimized ESD device can significantly affect data rate of very-

nsable ESD circuit concept is a potential 

speed circuit under different ESD stresses shows that 

effect, remains about the 



Figure 6.24: Measured output return loss for the high

the data rate of 12Gbps, dropped from 22Gbps designed originally due to C

same after ESD stresses as long as no ESD failure occurs

Figure 6.25: Measured input return loss for the high

data rate to 9.5Gbps, which is recovered to the originally design target of 17Gbps (without ESD protection) 

by removal of the dispensable ESD protection devices.
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Measured output return loss for the high-speed circuit under different ESD stresses shows that 

the data rate of 12Gbps, dropped from 22Gbps designed originally due to CESD effect, remains about the 

same after ESD stresses as long as no ESD failure occurs. ESD failure collapses the data rate.

 

Measured input return loss for the high-speed circuit shows that CESD substantially reduces the 

data rate to 9.5Gbps, which is recovered to the originally design target of 17Gbps (without ESD protection) 

by removal of the dispensable ESD protection devices. 
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speed circuit under different ESD stresses shows that 

effect, remains about the 

ESD failure collapses the data rate. 

substantially reduces the 

data rate to 9.5Gbps, which is recovered to the originally design target of 17Gbps (without ESD protection) 



127 
 

 

Figure 6.26: Measured output return loss for the high-speed circuit shows that CESD substantially reduces 

the data rate to 12Gbps, which is recovered to its originally designed target of 22Gbps (without ESD 

protection) by removal of the dispensable ESD protection devices. 
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Chapter 7 Conclusions 

This dissertation reported the first integrated transceiver for VLC system with 

Manchester coding and decoding implemented in a mainstream CMOS process (TSMC 

0.18µm BCDMOS). In consideration of a truly integrated single-chip VLC transceiver, 

challenges and possibilities are discussed and investigated on the block level. Prior to 

integrated transceiver design, PCB based discrete transceiver was designed and the 

physical layer characteristics of the lighting combined VLC were investigated 

systematically, which provided sufficient guideline to next step of the integrated 

transceiver design.  

Ultra-high accuracy voltage and current reference circuits were at first 

investigated and designed. The core Bandgap circuit was designed with the proposed 

current trimming and curvature current correction. From Monte Carlo simulations, a 3σ 

inaccuracy 0.15% was achieved for the reference voltage and a 3σ inaccuracy 4% was 

achieved for the current reference over PVT. From several Bandgap output voltage 

measurement results, 0.1% inaccuracy was observed from -40C to 125C. Regarding to 

Opamp offset, which is one of the largest error sources for Bandgap circuit, chopper 

modulation was introduced to reduce the offset and low frequency noise. This new 

Bandgap circuit was implemented in different process (Dongbu 0.18µm BCDMOS) and 

some simulation results were discussed. 

As VLC features concurrent lighting and communication, lighting constrained 

modulation schemes have been discussed. According to the modulation bandwidth 

limitation of lighting LEDs, pre-equalization and multi-stage Cherry-Hooper amplifier 
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was employed. From LED driving current measurements, the modulation bandwidth of 

lighting LEDs can be boost up to 30MHz.  And measurement of the LED VLC system, 

fully controlled by the transceiver IC designed, showed the signal waveform received 

through the visible light transmitted from the LED bulb could be at least 12MHz. 

At the receiver side, three basic optical receiver architectures were analyzed and 

compared, but due to the design and process limitations, only single-element receiver was 

designed in this TSMC 0.18µm BCDMOS implementation. The theoretical analysis of 

the trans-impedance amplifier (TIA) was presented and VLC specific TIA was discussed 

in details and designed for this VLC transceiver. Post amplifier with offset compensation 

and comparator was also analyzed and designed. Measurements showed up to 50MHz 

bandwidth could be reached for the whole receiver. 

The CMOS implementation of Manchester encoding and decoding for VLC 

system was one of the key feature of the designed transceiver. From the system design 

perspective, the relationship between transmitter clock and receiver clock was derived in 

order to realize synchronization between the transmitter and receiver, which was also 

verified by top-level simulation of VLC transceiver with Manchester modulation. 

Accordingly, the reference clock generation circuitry, based on charge pumped phase 

locked loop (PLL), was designed. Measurements showed PLL could work well for input 

frequency from 5MHz to 25MHz. Manchester encoded data waveform can also be 

observed from the measurements.  

At last, the full chip ESD design methodology and individual IO ESD protection 

was explored for this whole transceiver with flip chip packaging. Two types of ESD were 
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designed, one for the digital & analog domain (up to 5V) and the other for the power 

domain (up to 30V). HBM TLP testing results verified our initial design goal. From chip 

level layout, ground pads and metal line distribution related ESD issues arise when 

transferring the packaging methods from wire bond to flip chip. It was firstly reported 

and analyzed in this thesis and measurement results also verified it. In addition, regarding 

to several reported ESD issues, a brand new field-dispensable ESD concept was proposed 

and verified for ultra-high speed IC implemented in a 28nm CMOS technology. 
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