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This thesis focuses on the design of e�cient, highly integrated antennas for millimeter-

wave systems. Two gaps in the exisiting literature are addressed. First, the sinuous antenna

on silicon dielectric lenses is explored. The antenna is demonstrated to be an excellent

option for integrated systems requiring high-gain, dual-linear polarization, and a multi-

octave bandwidth. A design with cross-pol below -17 dB, polarization variations less than

±5�, and stable impedance properties over a 4:1 bandwidth is demonstrated.

Second, silicon RFIC antennas are studied, with the goal of achieving a high level
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of integration and a design scalable to frequencies beyond 100 GHz. A novel solution is

proposed, which uses a dielectric superstrate layer to enhance the e�ciency and gain of

standard patch and elliptical slot antennas. Compared to a stand-alone W-band patch in

a standard CMOS process, the proposed solution yields a 7 dB improvement in antenna

e�ciency. Because all of the metal layers are integrated on chip and the required dielectric

layer is not electrically thin, the superstrate-loaded antennas are an excellent candidate for

high-e�ciency on-chip antennas beyond 100 GHz.
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Chapter 1

Introduction

1.1 Millimeter-wave Antenna Integration

The millimeter-wave band spans from 30 to 300 GHz or, inversely, the wavelengths

between 1 and 10 mm. Millimeter-wave applications have traditionally focused on military-

grade imaging, security systems, and radio-astronomy. In addition, improved semiconductor

technology has advanced potential commercial pursuits, including high data-rate wireless

networks, HD-video transfer, biomedical imaging, and low-cost collision avoidance systems.

All of these systems require broadband, highly integrated antenna solutions. To this end,

millimeter-wave frequencies are appealing because the shorter wavelengths enable antenna

designs with small physical dimensions, high e�ciency, and high directivity. This represents

a major advantage compared to microwave frequencies, where the antenna designer is of-

ten challenged to miniaturize dimensions to fractions of a wavelength (typically alongside

impractical demands for wide bandwidth and high e�ciency).

Unfortunately, the reduced wavelength presents new di�culties. In terms of inte-
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gration, minimizing physical separation and transitions between the RF components is of

paramount importance for a high e�ciency system. Physically short transmission lines be-

come be electrically long at millimeter-wave frequencies, introducing substantial loss. Bond-

wires introduce parasitic reactance and loss that can be di�cult to compensate, particularly

as frequencies extend beyond 100 GHz. Coaxial components become fragile and lossy, and

they are often replaced by waveguide components. However, waveguide systems can be

expensive and bulky, and they are inherently band-limited.

1.2 Planar Millimeter-wave Antennas

Given these limitations, much millimeter-wave system design has focused on highly

integrated solutions, with all of the passive and active RF components integrated on a sin-

gle chip. This requires planar antennas with high-e�ciency and good radiation properties,

a requirement that can be thwarted by coupling to substrate modes. In the theoretical

case, where the substrate is treated as an infinite dieletric layer, power coupled into sub-

strate modes is a loss mechanism. In practical configurations with a finite dielectric layer,

substrate-mode power degrades antenna patterns, reduces gain, and increases coupling to

other components on-chip.

To illustrate the e↵ect of surface-wave coupling, consider an infinitesimal slot on an

infinite dielectric layer (Fig. 1.1). Losses occur in the form of backward radiation (Pback)

and surface-wave power (Psw). Assuming lossless materials, the radiation e�ciency can be

written

⌘rad =
Prad

Prad + Pback + Psw

(1.1)
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Figure 1.1: Slot antenna on a thick dielectric superstrate. (a) Top view. (b) Side view.
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where Prad is the radiated power, Pback is the backward radiation, and Psw is the power

coupled to surface-wave modes. The loss mechanisms can also be written

⌘back =
Pback

Prad + Pback + Psw

(1.2)

⌘sw =
Psw

Prad + Pback + Psw

(1.3)

where ⌘back and ⌘sw are the loss factors for the backward radiation and surface-wave power,

respectively.

The e↵ect of the superstrate height on these losses is illustrated in Fig. 1.2(a);

substrate permittivities of "r = 4.0 and 11.9 were analyzed. The backward losses decrease

as the layer thickness is increased, rapidly approaching the half-space limit [1]

⌘back =
1

"
3/2
r + 1

. (1.4)

In contrast, the surface-wave losses increase dramatically as the thickness increases (Fig.

1.2(a)). For a layer thickness h < �d/4, all of these losses are in the TM0 mode, which has

no cut-o↵ frequency. As the layer thickness increases beyond a quarter dielectric wavelength,

additional higher-order modes are also active, and the majority of the antenna power is

transfered to surface-wave modes.

As a result, the radiated e�ciency (Fig. 1.2(b)) is highest for a thin dielectric layer.

Previous work suggests that desirable thicknesses are less than 0.04�d for slot antennas or

0.01�d for dipoles [2]. At millimeter-wave frequencies, such substrates become very thin.

Antennas on thin membranes can still be structurally practical if they are integrated on a
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thicker wafer, but because they radiate as if suspended in free-space, additional superstruc-

tures are required to make them unidirectional. Pyramidal horns are an attractive solution

to this problem [3–5], but they are limited to a bandwidth less than 20%.

Alternatively, the e�ciency on a thick substrate can be improved by using a pair

of slot antennas (Fig. 1.3(a)). If h = �d/4 thick, the thick dielectric results in a nearly

unidirectional pattern, and only the TM0 mode is below cut-o↵. The e↵ect of d on losses

and radiated e�ciency is illustrated in Figs. 1.3(b) and (c), respectively. Surface-wave losses

are minimized when the d is approximately �TM�0/2 and coupling to the TM0 mode is

cancelled in the x-direction. Surface wave losses can be further reduced by using arc-slots,

which cancel coupling to the TM0 mode more e↵ectively in all directions [6]. Increasing the

number of elements can also reduce surface-wave losses [7]. However, the dependence on

array spacing and layer thickness limits the bandwidth over which this approach is e↵ective.

1.3 Integrated Lens Antennas

To eliminate surface-wave losses altogether, planar antennas are often placed on a

dielectric lens with an extended hemispherical profile, like the configuration illustrated in

Fig. 1.4 [8–12]. Like the thick substrate layer, a su�ciently high "r lens results in nearly

unidirectional patterns, but the lens does not support substrate modes. In addition, the

extended profile provides additional control over the focusing properties of the antenna [8].

To reduce the e↵ect of reflections at the lens-air interface, a dielectric matching layer can be

placed on the hemipherical surface of the lens [13].

In general, the performance and bandwidth of such the dielectric-lens antenna is
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Figure 1.2: Radiated and surface-wave power for a Hertizian slot on an infinite dielectric
with thickness h and relative permittivity "r = 4.0 or 11.9. (a) Surface-wave (⌘sw) and
backward radiation (⌘back) losses. (b) Radiation e�ciency.
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Figure 1.4: Planar antenna wafer with an extended hemispherical lens.

limited by the planar feed. For good patterns and e�ciency, the feed antenna must radiate

in broadside direction, and the E- and H-planes should be symmetrical in the dielectric half-

space. Also, the feed pattern should be narrow enough to illuminate the transition between

the hemispherical lens and the extension at less than -10 dB relative to the peak level [14].

Dual slots [8,9] and slot rings [11] yield excellent patterns on dielectric lenses, but these

antennas are limited to an operational bandwidth of ±10 – 15%. For wideband solutions,

planar log-periodic [10, 12] and spiral antennas [15, 16] have been implemented on lenses.

However, log-periodic antennas su↵er from cross-pol levels between -5 and -15 dB on a silicon

lens, and their polarization angle varies ±22.5� [10]. Spiral antennas only result in circularly

polarized patterns. Nevertheless, frequency independent, self-complementary antennas are

appealing in wideband applications because their bandwidth is determined only by their

minimum and maximum dimensions. Given the limitations of these options, wideband,

dual-polarized planar feeds for dielectric lenses remain an important topic of research.

8



1.4 RFIC Antennas

Recently, advances in semiconductor technology have enabled the development of

silicon RFICs for applications beyond 100 GHz [17]. At millimeter-wave frequencies, the

traditional wirebond packaging introduces substantial parasitic reactance and loss. These

parasitics must be compensated [18] or avoided entirely. A variety of clever packaging alter-

natives using solder bumps [19, 20] or EM-coupling [21, 22] have been proposed. However,

these antenna-in-package solutions are impractical at frequencies beyond W-band frequen-

cies, resulting in a strong push for on-chip antennas.

A representative stack-up for a standard CMOS process is illustrated in Fig. 1.5.

It consists of a bulk silicon layer that is electrically thick (> 200µm) at millimeter-wave

frequencies. The silicon is low-resistivity to prevent transistor latch-up in digital circuits

(0.01 – 15 ⌦-cm, depending on the process). The metal layers are embedded in the Back-

End Oxide Layers (BEOL); the total thickness of the BEOL is typically 5 - 15 µm, resulting

in a small separation between the top and bottom metal layers. Finally, each of the metal

layers has minimum and maximum density limits. This means large metal patterns and

ground planes may need to be meshed, and unused interconnect layers will need to include

additional metal fill (shown on metal layer E1 in Fig. 1.5).

In much of the early work, standard planar antennas were simply placed on the

top metal layer and impedance matched. A number of antenna variations were reported,

including dipoles [23], monopoles [24], inverted-F antennas [25], and Yagi-Uda designs [26,27].

Because of losses in the low-resistivity silicon layer, these antennas su↵er from low e�ciency

and gain. These designs are strongly a↵ected by the size of the silcon wafer and the antenna

9



hox = 11 μm
Antenna Layer (MA)

Stripline Layer (E1)
4 μmGround Plane (LY)

3 μm

~250 μm

Silicon  (εr = 11.9, ρ = 13 Ω-cm)

SiO2 (εr = 11.9) 4 μm

Polyimide Passivation Layer (Top of RFIC)

4 μm

M1 - M3

Figure 1.5: Stack-up for the IBM8RF (0.13 µm) process.

placement on-chip, due to strong coupling to the TM0-mode in the silicon. They can also

be detuned by other components on the wafer.

In view of the di�culties presented by the bulk silicon layer, it is tempting to isolate

the antenna from the silicon by placing a ground plane in the silicon back-end. To this

end, on-chip microstrip [28] and slot [29–31] antennas have been proposed. However, with

< 12 µm total thickness in the back-end oxide layers, the antennas are too close to the backing

ground plane to achieve high e�ciency. Furthermore, the e�ciency of these antennas are

substantially a↵ected by any metal fill requirements, which further reduce the e↵ective oxide

height and antenna-to-ground separation.

As an example, Fig. 1.6 presents the simulated gain of W-band on-chip patch antenna

in the IBM8RF stack-up (simulated results were obtained using ANSYS HFSS [32]). The

separation between the slot radiator and the ground plane (hox) is only 11 µm and corre-

sponds to a thickness �d/145 at 94 GHz. The resulting e�ciency is 17% for the simplified

configuration with no metal fill. The gain and e�ciency are further degraded by the addition

of shorted metal fill on the E1 layer. Although the oxide thickness could be increased by
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Figure 1.6: Gain of a patch antenna in the IBM8RF stack-up. Results compare the e↵ect
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placing the ground plane on the bottom metal layers, LY was selected because M1 – M3

are very thin and would require a mesh ground plane. In addition, it is desirable to reserve

the lower metal layers for DC and control routing [28].

Because of the inherent limitations of the RFIC stack-up, many of the previously

proposed solutions couple to an o↵-chip element that does the “heavy lifting.” In [33],

bond-wires were used to create a loop antenna; in [34], this approach was used to design a

Yagi-Uda antenna. High-resistivity silicon lenses are an attractive solution as well; on-chip

slot antennas with silicon lenses were described in [35–38]. The radiation e�ciency on the lens

is limited by losses in the low-resistivity silicon layer. Compared to the planar alternative,

the losses are substantially reduced because they are the only result of attenuation through

the lossy layer, rather than trapped surface waves.

Another option is to use on-chip transmission lines to electromagnetically couple to an

o↵-chip antenna element. The transmission line ground plane isolates the antenna from losses

in the silicon substrate. For example, in [39–42], on-chip microstrip lines electromagnetically
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couple to a patch or slot-ring on a superstrate layer. Compared to the on-chip patch antenna

(Fig 1.6), the increased separation between the patch radiator and the ground plane produces

substantially improved radiation e�ciency. At W-band, e�ciency > 60% has been reported

[41,43]. Superstrate antennas have been demonstrated for 77-GHz automotive radar [44] and

a 120 GHz distance sensor [45]; these systems were packaged with wirebonding for the DC

lines, control lines, IF signals, and reference signals. This approach has also been combined

with horn antennas for additional gain in [43].

Alternatively, an on-chip slot was used to excite a high-permittivity dielectric res-

onator antenna (DRA) in [46]. This approach has the added benefit of reducing the on-chip

space requirements. In [30], the author reported an elliptical-slot antenna with a quartz di-

electric lens. The extended hemispherical lens produced a high directivity pattern, and the

antenna e�ciency was increased by the contact with the electrically large quartz dielectric.

Unfortunately, these solutions increase the complexity and cost of the system, and

some of them become impractical as the frequency extends beyond 100 GHz. Thus, there is a

need for a more fully integrated solution, one that minimizes or eliminates the requirements

for o↵-chip components, and this is the goal of the second half of this thesis.

1.5 Thesis Overview

1.5.1 Sinuous Antennas on Dielectric Lenses

The first part of this thesis considers the sinuous antenna as a wideband feed for a

silicon lens antennna. The goal was to identify an alternative to the traditional planar log-
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periodic antenna, with a specific focus on a dual-linear polarized antenna with low cross-pol

and stable polarization angle.

The sinuous antenna was introduced by DuHamel [47] and operates on the same prin-

ciples as the spiral antenna, supporting a traveling wave that radiates e↵ectively from regions

at a certain radii. However, compared to the spiral antenna, the sinuous is a more flexible

design, capable of supporting dual-linear or dual-circular polarization. The sinuous antenna

has been well-studied in various configurations and it is known to exhibit good polarization

purity. However, the impedance and radiation patterns have not been thoroughly analyzed

or characterized on dielectric lenses.

To this end, Chapter 2 presents a detailed study of the sinuous antenna on silicon

lenses. To assess its suitability as a feed for a silicon lens, the half-space radiation patterns

of the antenna are carefully studied, particularly in regards to the selection of the log-

periodic expansion rate. Then, a detailed methodology for simulating the radiation patterns

through the silicon lens is discussed. Finally, all theoretical and simulated results for the

antenna impedance and radiation patterns are compared with careful experimental work on

a microwave-frequency scale model.

1.5.2 Superstrate-Loaded RFIC Antennas

The second part of this thesis focuses on a novel approach to RFIC antenna design.

Previous work on RFIC antennas can be divided into two categories:

1. Fully integrated antennas. These solutions are entirely on-chip, without any additional

o↵-chip components. These antennas are low-cost and easy to implement; they are
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also easily scaled to frequencies beyond 100 GHz. However, their performance is poor,

with low e�ciency and gain.

2. EM-coupled o↵-chip components. The solutions eliminate bonded packaging, but utilize

o↵-chip components (e.g. patch antennas, DRAs, lenses) to achieve high e�ciency and

gain. The o↵-chip components increase the cost and complexity of the solution, and

some of these solutions are di�cult to scale to higher frequencies.

The work presented in this thesis attempts to bridge the gap between these two approaches,

specifically focusing on a solution that is scalable to frequencies > 100 GHz. With this goal

in mind, the superstrate-loaded design is introduced as a means to achieve high e�ciency

from an on-chip antenna. This approach uses an on-chip patch or slot antenna, which is

isolated from the bulk low-resistivity silicon by a backing ground plane [30]. All of the metal

layers are built in the RFIC back-end, but the antenna is loaded by an o↵-chip superstrate

layer that is approximately one quarter-wavelength thick. No metal patterning or alignment

is needed on the superstrate layer, and it is easily incorporated into the chip packaging.

Because the layer is electrically thick (�d/4), this design is readily scaled to frequencies

above 100 GHz.

Chapter 3 identifies the theoretical framework from which the antenna performance

can be understood and developes an analytical model capable of predicting the antenna radi-

ation e�ciency and gain. This model is used to present a parameter study of the superstrate-

loaded designs, and guidelines for the antenna design are developed. In addition, a method

for full-wave simulations is also discussed.

In Chapter 4, the superstrate loaded design is applied to an on-chip elliptical slot
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antenna. The antenna was implemented in the IBM8RF (0.13 µm) process, satisfying all of

the standard process requirements and design rules. In Chapter 5, this work is extended in

a more detailed experimental study, which compares the performance of several superstrate-

loaded patch antennas with their bare (fully integrated) equivalent. This work validates the

theoretical model, and it provides insight regarding the limitations imposed by the process

stack-up.
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Chapter 2

Dual-Polarized Sinuous Antennas on

Silicon Dielectric Lenses

In this chapter, the design, analysis, and performance of a sinuous antenna on a silicon

lens (Fig. 2.1) is presented. A theoretical, frequency-independent impedance is derived,

and deviations from this ideal are explored for the case of lens-backed antennas. Next, an

analytical method to calculate the antenna patterns is decribed. Finally, experimental results

for the antenna impedance and radiation patterns are presented. Although this antenna

is intended for use at millimeter-wave frequencies, all simulations and measurements are

conducted for designs scaled to < 30 GHz. This simplifies the antenna fabrication and

measurement, and the results are general enough to extend to higher frequencies.
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Figure 2.1: Sinuous antenna with extended hemispherical silicon lens.
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Figure 2.2: Design parameters of the basic 4-arm sinuous antenna.

2.1 Principles of Operation

2.1.1 Sinuous Antenna

The sinuous antenna is the log-periodic structure shown in Fig. 2.2, with a switch-

backed curvature defined by the expression [47]

� = (�1)k · sin

⇡ · ln (r/Rk)

ln ⌧

�
± � (2.1)

where (r,�) are the cylindrical coordinates of the planar curve; Rk is the inner radius of the

kth cell; and ⌧ , ↵, and � are fixed design parameters for the antenna. The expansion rate

⌧ establishes the scaling ratio for each successive cell, such that Rk+1 = ⌧Rk. In general, it

should be as close to unity as the fabrication constraints allow [48]. The angular dimensions

of each arm are established by ↵ and � (Fig. 2.2).

The sinuous antenna supports a traveling wave that radiates e�ciently when the
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length of a single cell, Ln, is an odd multiple of one-half guided wavelength [47]. The

smallest radius at which this applies is approximately

Ract =
�g

4(↵ + �)
(2.2)

where �g is the guided wavelength of the traveling wave [47]. In this region, the current at

the end of the cell has reversed phase and direction relative to the start of the cell. Thus,

the two sections of traveling-wave current combine coherently, and each arm radiates a

linearly polarized field. By appropriately phasing each arm of the antenna, linear or circular

polarization can be obtained.

For the purposes of this analysis, a dual-linear sinuous antenna is examined with

N = 4 so as to support two orthogonal polarizations. Analysis is restricted to a self-

complementary design (↵ = ⇡/4, � = ⇡/8), and a comparative study of various expansion

rates (⌧ = 1.1, 1.3, and 1.5) is included. The theoretical treatment of frequency-independent

structures suggests that an antenna approaches the ideal in the limit ⌧ ! 1, but as shown

in the inset of Fig. 2.2, the trace width shrinks quickly with reductions in ⌧ . As a result,

fabrication limits restrict the minimum acceptable expansion rate.

2.1.2 Extended Hemispherical Lenses

For slot antennas on a dielectric half-space, the front-to-back ratio is "3/2r [1]. For

an elementary slot on silicon ("r = 11.7), this results in backward radiation loss < 5%.

Thus, when a planar antenna is placed on an electrically large hemispherical silicon lens, the

pattern becomes nearly unidirectional. The hemispherical lens is appealing because it does
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(a) (b) (c)

Figure 2.3: Radiation focusing on a hemispherical lens with (a) no extension, (b) hyper-
hemispherical extension, and (c) synthesized ellipse extension.

not support trapped substrate modes, but it provides no additional increase in directivity,

despite its size. It is also particularly sensitive to feed misalignment and lens reflections,

resulting in poor radiation patterns.

To focus the antenna radiation, an additional dielectric extension is included between

the planar feed and the hemisphere, as illustrated in Fig. 2.1. Increasing the length of

the extension increases the angle of incidence at the surface of the hemisphere, bending the

transmitted rays toward boresight (as shown in Fig. 2.3). The length of the extension can

should be optimized based on the planar feed and the application, but two extension lengths

are particularly common:

• Hyper-hemispherical. (Lext = Rlens/
p
"r) At this extension length, the antenna gain

increases by a factor of "r, irrespective of lens diameter. This configuration is useful

in Gaussian-beam systems, coupling well to a converging beam [49].

• Synthesized ellipse. In this configuration, the extension length is chosen to approxi-

mate the geometry of an elliptical lens. The refracted rays are approximately parallel,

resulting in a di↵raction-limited pattern and maximum directivity. On silicon, this
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corresponds to Lext = 0.3898Rlens [8].

Each of this configurations is depicted in Fig. 2.3.

2.2 Antenna Impedance: Theory

Booker’s relation establishes the impedances of two-terminal complementary struc-

tures as

Z1Z2 = ⌘
2
/4 (2.3)

where ⌘ is the intrinsic impedance of the surrounding medium, and Z1 and Z2 represent

the terminal impedance of the dipole and slot structures, respectively. For the case of a

self-complementary structure, Z1 = Z2 = ⌘/2 at all frequencies [50].

Because the dual-polarized sinuous antenna is a 4-terminal structure, a more general

N -terminal analysis is required to identify its impedance. In [51], Deschamps derives a

real-valued, frequency-independent impedance for self-complementary structures with N -

fold rotational symmetry. The impedance depends on how the terminals are connected to

each other and to the source and is conveniently described in terms of the admittance matrix

2

66666666664

I1

I2

...

IN

3

77777777775

=

2

66666666664

Y11 Y12 . . . Y1N

Y21 Y22 . . . Y2N

...
...

. . .
...

YN1 YN2 . . . YNN

3

77777777775

·

2

66666666664

V1

V2

...

VN

3

77777777775

. (2.4)

where Vk and Ik represent the terminal voltage and incoming current on the kth arm, respec-
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Figure 2.4: Source configuration for linearly-polarized sinuous antenna.

tively. Without loss of generality, we can simplify the notation with the requirement that

P
Vk = 0 and

P
Ik = 0. Because of the rotational symmetry of the structure, the matrix

can be completely described by a single row. Thus, it can be rewritten [51]

2

66666666664

I1

I2

...

IN

3

77777777775

=

2

66666666664

Y0 Y1 . . . YN�1

YN�1 Y0 . . . YN�2

...
...

. . .
...

Y1 Y2 . . . Y0

3

77777777775

·

2

66666666664

V1

V2

...

VN

3

77777777775

(2.5)

where [51]

Ym =
4

N⌘
· sin (✓/2)

cos (m✓)� cos (✓/2)
(2.6)

and ✓ = 2⇡/N .

For the case of the dual-linear sinuous antenna, the preferred feeding mechanism is

illustrated in Fig. 2.4, where the source (or detector) is attached between opposite arms. In
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this configuration, the source conditions are

V1 = �V3 = Vin/2 (2.7)

I1 = �I3 = Iin (2.8)

Since Y1 = Y3 in the admittance matrix, the voltage and current on the remaining terminals

are set to zero without loss of generality. The input impedance is calculated by solving (2.6)

for Rin = Vin/Iin, and results in

Rin =
2

Y0 � Y2
=

⌘p
2

(2.9)

which corresponds to an impedance of 267 ⌦ in free space.

For a su�ciently large lens with a matching layer, the lens can be treated as a half

space with permittivity, ✏r. Traditionally, planar structures on a half-space are analyzed

using an e↵ective permittivity of [1]

"e↵ =
"r + 1

2
(2.10)

and ⌘e↵ = ⌘0/
p
"e↵ . Thus, based on (2.9), the theoretical impedance for the linearly polar-

ized sinuous antenna on silicon is approximately Zin = ⌘e↵ /
p
2 = 106 ⌦.

Unfortunately, once the sinuous antenna is placed on a dielectric, it is no longer a

self-complementary structure [1]. Fig. 2.5(a) presents the simulated input impedance on

dielectric half-spaces with di↵erent values for "r. The simulated values were obtained using
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Figure 2.5: Simulated results for (a) normalized input impedance and (b) reflection coe�-
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IE3D since it supports simulation on a dielectric half-space and provides horizontal (in-plane)

internal ports [52]. For purposes of comparison, the impedance values were normalized to

the theoretical input impedance (Zin = ⌘e↵ /
p
2), and the frequencies were normalized to

account for the e↵ect of changing "e↵ . The return loss in a Z0 = Zin system is shown in Fig.

2.5(b). In all cases, the impedance exhibits log-periodic fluctuations due to non-idealities in

the antenna structure on a dielectric lens, and these variations increase for larger values of

"r.

The impedance for three di↵erent expansion rates on silicon is shown in Fig. 2.6(a).

All design variations exhibit log-periodic fluctuations in impedance, but these variations

increase as ⌧ is reduced. This occurs because of the sharper bends in the geometry for lower

expansions rates. Practically, the reduction in ⌧ increases the peak S11 from -11.5 dB for

⌧ = 1.5 to -9.5 dB for ⌧ = 1.1 (Fig. 2.6(b)).

2.3 Radiation Patterns: Simulation

2.3.1 Methodology

Typically, the sinuous antenna on a silicon lens is too large to simulate using full-wave

methods. Instead, the patterns are determined using a hybrid Geometrical Optics-Physical

Optics (GO-PO) method. A detailed description of the GO-PO approach is provided in

Appendix A, but the basic steps are as follows [8, 13]:

1. Simulate the patterns into a dielectric half-space. First, the current distribution of

the antenna is simulated. The current distribution depends approximately on "eff =
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("r + 1) /2. Then, the current distribution is integrated to determine the radiated

pattern in a semi-infinite "r half-space.

2. Apply GO inside the lens. Rays are traced from the center of the feed antenna to

the surface of the lens. Each ray is scaled according to the complex-valued half-space

pattern. Fresnel transmission and refraction are used to determine the field distribution

just outside the lens surface.

3. Apply PO just outside the lens. The fields just outside the lens are expressed as

equivelent electric and magnetic currents. These currents are integrated to obtain the

far-field radiation patterns.

The analytical results presented in this chapter neglect any power reflected from the surface

of the lens. A single-layer Rexolite matching cap is included in the calculation of the Fresnel

transmission and reflection coe�cients, and any residual reflected power is neglected. In

practice, some of the power reflected power perturbs the current distribution on the planar

feed, and some is reflected from the ground plane and re-radiated, primarily in the sidelobes

[13].

The accuracy of the GO-PO method relies on the assumption that the lens is electri-

cally large. Previous analysis demonstrated good agreement between the GO-PO approach

and the full-wave solutions for lenses with 2Rlens � 3�0 [53].

2.3.2 Half-Space Patterns

The sinuous antenna is too complex for a closed-form solution, so the half-space

patterns were calculated using Momentum, a full-wave Method of Moments solver included
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Figure 2.7: Ratio of power radiated into dielectric half-space of "r for an elementary slot,
dual slots, and the sinuous antenna.

in Agilent ADS [54]. The structure was simulated using magnetic currents, so that the

non-metallic (slot) portion of the antenna was meshed. Each arm of the sinuous antenna is

terminated by shorting it to the infinite ground plane that surrounds the sinuous structure.

The antenna is designed to operated from 6 – 24 GHz on silicon, with a maximum outer

dimension of 18.7 mm.

Fig. 2.7 presents the e↵ect of "r on the front-to-back ratio of the sinuous antenna

on a dielectric half-space, compared with an elementary slot and typical dual-slot design [8].

On silicon, 95% of the power is radiated into the dielectric, resulting in 0.2 dB loss to the

air side. The amplitude and phase of the simulated half-space patterns for ⌧ = 1.1, 1.3, and

1.5 are shown in Fig. 2.8. At higher frequencies, the patterns become rippled in amplitude

and phase. This occurs because the antenna does not achieve complete radiation from at the

first active cell, so additional power is radiated from larger cells. For a sinuous antenna on

silicon, these e↵ects appear when the bandwidth exceeds one octave. Reducing ⌧ provides
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some improvement in the H-Plane, but it does not improve the patterns in the E-Plane. The

log-periodic variation in the polarization angle are presented in Fig. 2.9(a). For ⌧ = 1.1, the

angle varies only ±1� and increases to ±11� for ⌧ = 1.5. This performance is mirrored in

the peak cross-pol (Fig. 2.9(b)), which also increases for larger values of ⌧ . (Ludwig’s third

definition is used in the cross-polarization calculations [55].)

2.3.3 Patterns on Dielectric Lens

To assess the radiated properties of the sinuous antenna on the extended hemispherical

lens, the GO-PO method was applied to the 6 – 24 GHz design with ⌧ = 1.3. The calculations

were performed for a silicon lens with a diameter of 2.5�0 at the lowest frequency (2R = 127

mm).

The e↵ect of the extension length (Lext) on the antenna directivity and Gaussian

coupling e�ciency at 12 and 24 GHz is shown in Fig. 2.10. The directivity increases until

the pattern becomes di↵raction-limited at the elliptical point, near Lext = 0.38Rlens. In

contrast, the Gaussian coupling e�ciency is degraded as Lext increases, and particularly

after the hyper-hemispherical point (Lext = R/
p
"r). The is also an observable ripple in

the Gaussicity at 24 GHz, compared to 12 GHz. This occurs because of the ripples in the

amplitude and phase of the half-space patterns, illustrated previously in Fig. 2.8.

The co- and cross-polarized patterns at the hyper-hemispherical point and the ellip-

tical point are presented in Fig. 2.11 and 2.12, respectively. The hyper-hemispherical lens

exhibits the e↵ects of the rippled feed patterns at higher frequencies. However, there is no

ripple in the main beam at the elliptical point. Clearly, imperfections in the feed pattern
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are less important as the lens becomes di↵raction-limited.

2.4 Experimental Results

2.4.1 Impedance Measurements

To measure impedance, a sinuous antenna with ⌧ = 1.3 was etched on 0.635 mm

thick Rogers RO3010 substrate ("r = 10.2) and placed on a ceramic lens with "r = 12 and

a diameter of 15.2 cm. The antenna was designed to operate at 1 – 4 GHz so that the feed

dimensions would be large enough for a mechanically reliable coaxial connection with low
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Figure 2.11: Simulated patterns on silicon lens with 2R = 127 mm and f = 6 – 24 GHz
with lens extension at the hyper-hemispherical point. (a) Planar cuts. (b) 3-D patterns.
Contour lines are spaced every 3 dB.
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(a) (b)

(c)

Figure 2.13: Two-layer coax-to-antenna transition for di↵erential impedance measurements
at 1 – 4 GHz, with (a) antenna layer, (b) trace layer, and (c) three-dimensional view for one
polarization.
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Figure 2.14: Measurement and simulation for di↵erentially-fed sinuous antenna on a half-
space with "r = 12. Reflected power in time domain, including lens reflections. The high-
lighted region represents the duration of the band-pass gated measurement.

parasitics. The antenna was di↵erentially fed using the antenna transition shown in Fig.

2.13. The outer conductors were soldered directly to the antenna arm, and the center pins

were connected to each other through a trace on the opposite side of the board.

An Agilent 5071C ENA, a 4-port network analyzer, was used for the di↵erential

impedance measurements. The time-domain reflection for the di↵erential signal is shown in

Fig. 2.14, and the measurements were gated to include only the reflections in the time region

highlighted. The time-domain gating was selected to exclude most of the lens reflections.

This emulates the impedance of the sinuous antenna on an infinite half-space or on a lens

with a wideband matching layer. The coax-to-antenna transition was included in the gated

signal.

The resulting return loss is shown in Fig. 2.15(a), together with simulated values

obtained using HFSS [32]. The HFSS model includes the 0.635 mm "r = 10.2 substrate, but
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the lens is replaced by a half-space with "r = 12 and terminated with a Perfectly Matched

Layer. The HFSS model also includes the full coax-to-antenna transition, which was essential

in obtaining good agreement between simulations and measurement.

The measured return loss was de-embedded and converted to a di↵erential input

impedance (Fig. 2.15(b)). The result is slightly rippled due to standing wave e↵ects on the

coaxial lines. There is also a slight peak in the impedance around 2.4 GHz that results from

imperfect removal of the lens reflections. Nevertheless, this result compares favorably with

the di↵erential impedance of 106 ⌦ predicted by the analysis in Eq. 2.9, or a driven input

impedance of 53 ⌦.

2.4.2 Radiation Patterns

To measure the radiation patterns, an 8 – 24 GHz sinuous antenna was placed on a

0.254 mm Rogers RO3010 substrate ("r = 10.2). Unlike the simulated antennas presented

previously in this chapter, no ground plane was included, and the outside of the sinuous

arms were left open-circuited without a resistive termination. The PCB antenna is shown

in Fig. 2.16(a).

A Schottky diode was placed at the center of the antenna, and the orthogonal po-

larization was terminated with a 100 ⌦ resistor. The diode detector was biased at a small-

signal resistance of approximately 200 ⌦ in parallel with the 0.08 pF junction capacitance

(Zdiode = 81 � j98 ⌦ at 12 GHz). The orthogonal polarization was terminated in 100 ⌦

however, extensive measurements indicated that the patterns were not a↵ected by the ter-

mination of the the second polarization ports, due to the high isolation between the two
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Figure 2.16: (a) Sinuous antenna and diode/resistor placement. (b) Sinuous antenna
configuration for pattern measurements on a silicon lens.
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Figure 2.17: Radiation patterns for sinuous antenna on 2R = 50.8 mm lens at 22 GHz.
Patterns are shown with and without a 3.15 mm Rexolite matching layer. (a) E-Plane. (b)
H-Plane.

40



polarizations. The dimensions of the diode detector limited the minimum gap at the feed

point, e↵ectively setting the maximum frequency to around 24 GHz. Given the maximum

frequency, the value of ⌧ was limited by the minimum trace width available in a chemical

etching process. Thus, the antenna was designed with ⌧ = 1.3, resulting in 60 µm traces in

the smallest cells.

The feed was placed on a silicon lens ("r = 11.7) with 2R = 101.6 mm, and patterns

were measured with extensions at the hyper-hemispheical and the elliptical point. A quarter-

wave Rexolite matching layer with "r = 2.54 was attached to the hemispherical surface

to eliminate lens reflections. An ideal quarter-wave matching layer for silicon would have

"r = 3.4, the Rexolite material was selected because it is low-cost and easily machined. To

cover the full frequency range of the antenna, three di↵erent matching layers were used with

tml = 2.13, 3.15, and 5.44 mm.

The use of a matching layer can provide a substantial improvement of the radiation

patterns. A comparison of measured patterns at 22 GHz for a sinuous antenna on a lens

with 2R = 50.8 mm is shown in Fig. 2.17. In the H-plane, the sidelobes are substantially

increased, and in the E-plane, the main lobe is widened and slightly rippled. The degraded

patterns from an unmatched lens are the result of reflected power. In ray-tracing terms, this

power can be doubly reflected and re-radiated. It also perturbs the current on the sinuous

feed, disrupting radiated power from the structure.

The patterns were measured in an anechoic chamber at the University of California

in San Diego (Fig. 2.16(b)). The lens was placed on an azimuth positioner, and a standard

horn transmitted the RF signal amplitude modulated at 1 kHz. Coaxial lines were connected

directly to the outer arms of the the sinuous antenna. The lines provided the bias current
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Figure 2.18: Measured and simulated polarization variations.

and fed the detected 1 kHz signal to a lock-in amplifier.

The varations in the in the polarization angle were measured over the full frequency

range of the antenna. The angle was identified by rotating the orientation of the standard

horn until the received power at the detector was at a minimum. Comparisons between the

measurement and simulation are shown in Fig. 2.18. The results show < ±5� variation over

the full bandwidth of the antenna. The polarization variations appear to be log-periodic in

character, although it is di�cult to be certain over the limited bandwidth of the antenna.

The is also a slight discrepancy at the lower end of the frequency range. This appears to be

the result of a small air gap where the bias lines puckered the 10 mil substrate slightly.

The measured patterns are shown in Figs. 2.19 and 2.20, where they are compared

with the GO-PO predictions. At the hyper-hemispherical point (Fig. 2.19), the antenna is

more susceptible phase errors from feed misalignment [8], resulting in discrepancies between

measurements and simulation. At the elliptical point (Fig. 2.20), the measured results match

the GO-PO simulations well. The measured cross-pol is < �17 dB across the operating band
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Figure 2.19: Measured and simulated H- and E-plane patterns on silicon lens with hyper-
hemispherical lens with 2R = 101.6 mm at 9 GHz, 15 GHz, and 21 GHz.
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of the antenna. The 3-D antenna patterns are quite symmetrical (circular) with low sidelobe

levels. They are o↵set from center due to a small alignment error of the sinuous antenna on

the lens (Fig. 2.21).

2.5 Summary

This chapter presented an analysis and experimental study of the sinuous on dielectric

lenses. The key findings are as follows:

• Deschamps’ theoretical impedance provides a good approximation of the antenna im-

pedance. The presence of a dielectric half-space “breaks” the self-complementary struc-

ture, resulting in log-periodic impedance variations. Still, the sinuous on silicon is

matched to the theoretical impedance with S11 < �10 dB.

• GO-PO analysis is reliable for a su�ciently large lens. Full-wave simulations for the

half-space patterns are required.

• A lower expansion rate produces less rippled half-space patterns and lower cross-pol.

When optimizing for radiation patterns, ⌧ should be minimized. Typically, the mini-

mum manufacturable trace width will limit ⌧ .

• Experimental results confirm stable polarization and low cross-pol on silicon lenses.

With ⌧ = 1.3, measured polarization variations are < ±5�. Cross-pol is below -17 dB.

This work indicates that the sinuous antenna represents a superior alternative to tra-

ditional log-periodic designs, which exhibit large polarization variations and high cross-pol
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(-5 dB) on silicon. To our knowledge, no other dual-polarized planar antenna has been pre-

sented with comparable performance over a multi-octave bandwidth. Future work includes

scaling the antenna to millimeter-wave and THz frequencies. In addition, work is underway

for the integration of the sinuous antenna in a wideband, quasi-optical system. For super-

conducting applications, this includes microstrip feeds along the antenna arms, since the line

losses are very low in these applications [56].

This chapter is largely a reprint of material published in IEEE Transactions on An-

tennas and Propagation, 2012; J. M. Edwards, R. O’Brient, A. Lee, and and G. M. Rebeiz.

This chapter also includes some materials from IEEE Antennas and Propagation Symposium

Digest, 2010; J. M. Edwards and G. M. Rebeiz. In both cases, the dissertation author is the

primary author of the source material.
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Chapter 3

Patch Antennas with Thick

Superstrates: Theory

In this chapter, the superstrate-loaded design (Fig. 3.1) is introduced as a means

to achieve high e�ciency from an on-chip antenna, and an analytical model is developed

to demonstrate the e�cacy of the superstrate layer. The e�ciency of patch antennas has

been described analytically in terms of quality factor in [57] and [58], and a similar approach

can be used to demonstrate the e↵ect of a superstrate layer on the integrated antenna

performance. The traditional patch antenna models assume an electrically thin substrate,

and electrically small patch dimensions are assumed in the calculation of surface-wave losses.

These approximations do not hold for the thick superstrate, and more general expressions

for the antenna radiated fields and Q are derived in this chapter. The analytical model is

based on an equivalent transmission-line model derived in [59].
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Figure 3.1: Simplified stack-up and layout for theoretical analysis of a rectangular mi-
crostrip antenna with a superstrate.

3.1 Analytical Model

To understand the impact of the superstrate layer on the antenna radiation and

e�ciency, an analytical model will be developed for the simplified stack-up in Fig. 3.1. For

convenience, the analytical model will be developed for a rectangular patch, but the general

conclusions also hold for cavity-backed elliptical slot designs discussed in the next chapter.

The patch antenna is fabricated on a thin layer of oxide ("r1 = 4.1), with height hox ⌧ �d.

The superstrate layer is of arbitrary thickness and permittivity. The e↵ect of hox, hss, and

"r,ss will be considered in the analysis. However, since the oxide height is dictated by the

RFIC process, the design optimization depends primarily on the superstrate parameters.

It is assumed that the patch resonates with a TM100-mode excitation and supports

an x̂-directed current distribution given by

Jsx = cos(⇡x/L). (3.1)

The patch dimensions are L = 800 µm and W = 1.4L and are not retuned for each variation
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Figure 3.2: Equivalent transmission line model for superstrate-loaded patch antenna. (a)
Planar stack-up and parameters. (b) Stack-up parameters translated to a transmission line
model.

in hox and hss. Although changes in the dielectric layer heights a↵ect the resonant antenna

dimensions in practice, it is not enough to have an appreciable e↵ect on the analytical results.

Fringing fields are also neglected, and it is assumed that "eff = "r = 4 in the rectangular

cavity model. Because the oxide underneath the antenna is so thin, these simplifications are

justified with minimal loss in accuracy.

3.2 Radiated Fields

The radiated fields for the superstrate-loaded patch are calculated using reciprocity

and an equivalent transmission-line model (Fig. 3.2). This chapter uses the results provided

by Jackson et al. in [59]. The radiated field from an infinitesimal dipole at the interface
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between "r1 and "r2 can be written [59]

E
hd

✓
(r, ✓,�) = � cos ✓ cos�

✓
j!µ0

4⇡R

◆
e
�jk0R G(✓) (3.2)

E
hd

�
(r, ✓,�) = sin�

✓
j!µ0

4⇡R

◆
e
�jk0R F (✓) (3.3)

The functions G(✓) and F (✓) are derived from the transmission-line models for the TM -

and TE-modes, respectively. They depend on the parameters of the dielectric stack-up and

the angle of incidence (✓). In the interest of continuity, expressions for G(✓) and F (✓) are

specified in Appendix B.

To account for the current distribution on the patch antenna, superposition is applied

based on the TM100 current distribution, specified by (3.1). In terms of the solution for a

Hertzian dipole, the radiated fields from the patch can be written

~E(r, ✓,�) = ~E
hd(r, ✓,�) · ~IR (3.4)

where ~IR is calculated from the integral

~IR =

ZZ
~Jse

j(kxx0+kyy
0)
dx

0
dy

0
. (3.5)

For the x̂-directed current in Eq. 3.1, the integral can be solved in closed-form:

~IR = âx
2WL

⇡
· cos(kxL/2)

1� (2/⇡)2(kxL/2)2
· sin(kyW/2)

kyW/2
(3.6)

where kx = k0 sin ✓ cos� and ky = k0 sin ✓ sin�. The total radiated power is given by the
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integral of the far-field Poynting vector, or

Psp =
1

2⌘0

ZZ ⇥
|E✓|2 + |E�|2

⇤
r
2 sin ✓ d✓ d�. (3.7)

The radiated power was computed for superstrate layers with variable thickness and "r =

4.0, 6.5, and 11.7. The results of this analysis are presented in Fig. 3.3(a). Each curve is

normalized to P0, the radiated power for the patch antenna alone (hss = 0). The radiated

power peaks when hss is near odd multiples of �d/4.

The e↵ect of the superstrate on the antenna directivity is shown in Fig. 3.3(b).

The directivity increases as the superstrate thickness increases, until it reaches a peak near

hss = 0.2�d. As the superstrate thickness is increased further, the directivity falls o↵ until it

reaches a minimum at the point where Prad reaches its peak. The directivity varies 1.9 dB

between the peak and the minimum.

To understand the variations in the directivity, the radiation patterns for the super-

strate-loaded designs are compared with the patterns for a bare patch. The patterns with

hss selected for peak directivity is shown in Fig. 3.4(a); the patterns with hss set for peak

radiated power are shown in Fig. 3.4(b). When hss = 0.2�d, the directivity peaks because

the E-plane patterns have narrowed, but the H-plane is relatively unchanged. In contrast,

when the superstrate thickness is set to maximize Prad, the E-plane is more narrow, but the

H-plane broadens, resulting in a minimum in the antenna directivity.

A physical interpretation of the superstrate e↵ect follows from the equivalent trans-

mission-line model (Fig. 3.2), in which the radiation resistance of the patch current is

in parallel with a shorted stub. Because the stub is electrically short, it is equivalent to
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Figure 3.3: E↵ect of superstrate height and permittivity assuming an oxide height hox =
10 µm at 94 GHz. (a) Normalized radiated power. (b) Directivity.
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Figure 3.4: Radiations pattern comparison with and without superstrate layers. hox =
10 µm and f = 94 GHz. (a) hss set for maximum directivity. (b) hss set for maximum Prad.

a small shunt inductor, which dominates the equivalent source impedance. The resulting

low-impedance source couples poorly to the 377 ⌦ impedance of free space. However, the

introduction of a superstrate layer provides a means to transform the free-space load to a

lower equivalent impedance. When the thickness of the layer approaches �d/4, the super-

strate acts as a quarter-wave transformer, improving coupling to free-space and increasing

the radiated power.

This use of a single-layer superstrate should be distinguished from the well-known

transverse-resonance method [59]. In the transverse-resonance approach, multiple dielectric

layers are used to provide a lensing e↵ect, resulting in high-directivity patterns [60–62]. In

contrast, this analysis demonstrates that the single-layer superstrate layer works by improv-

ing the coupling to free space with a minimal change in antenna directivity.
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3.3 Surface-Wave Losses

The primary drawback of a thick superstrate layer is increased coupling to substrate

modes in the superstrate layer. For an infinite layer, the power coupled to these surface-

wave modes is absorbed as loss, reducing radiation e�ciency. In practical configurations

with finite layers, the surface-wave power is radiated from the edges, disrupting radiation

patterns and reducing antenna gain. In addition, substantial coupling to substrate modes

can degrade isolation from other on-chip elements, and it can increase mutual coupling in

antenna arrays.

The evaluation of surface-wave losses can be simplified by using the magnetic radiator

model [57] of the patch antenna. Since hox ⌧ �d, the antenna can be approximated as a

magnetic current on the ground plane, given by

~Meq =

8
>>><

>>>:

ây x = ±L/2

±âx sin
�
⇡x

L

�
y = ±W/2

(3.8)

To simplify the analysis further, the oxide layer is neglected, and substrate modes are cal-

culated for an "r2 layer of thickness hss. This approximation is justified because hox ⌧ �d.

In addition, grounded-CPW is typically used for RFICs, so the top ground plane will isolate

the superstrate layer from the oxide a short distance away from the patch.

The TM modes supported by the superstrate layer satisfy the eigenvalue equation [63]

�z tan(�zhss) = "r2 · q (3.9)
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where

�z =
q
"r2k

2
0 � �2

⇢
(3.10)

q =
q
�2
⇢
� k

2
0 (3.11)

and �⇢ is the propagation constant of the guided surface-wave mode. Similarly, the super-

strate supports TE modes that satisfy the eigenvalue expression [63]

��z cot(�zhss) = q (3.12)

where �z and q are given by Eqs. 3.10 and 3.11. The lowest-order TM0 mode has no cut-o↵

frequency; the TE1 mode is triggered when the superstrate is approximately �d/4.

For a substrate mode with a guided wavelength �g = 2⇡/�⇢, it is well known that two

in-phase slots spaced a distance �g/2 apart cancel much of the coupling to the surface wave,

resulting in high e�ciency [6,64,65]. Similarly, the radiating edges of the patch antenna can

provide some cancellation of the surface-wave losses, with losses minimized when L ⇡ �g/2.

However, unlike the twin slots, the patch length cannot be selected to minimize surface wave

coupling. L is dictated by the resonant length for the TM100 cavity mode.

Fig. 3.5 presents �g/2 for the TM0 and TE1 modes at 94 GHz, calculated by solving

the transcendental equations of Eqs. 3.9 – 3.12 for "r2 = 4.0, 6.5, and 11.7. At cut-o↵,

the guided wavelength is close to the free-space wavelength, �0. As the substrate thickness

increases, it asymptotically approaches �d. When the TE1 mode is triggered for hss > �d/4,

there are two active substrate modes with di↵erent guided wavelengths. Since it is not

possible to simultaneously eliminate both modes, it is necessary to choose a small enough
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Figure 3.5: Substrate mode calculations for superstrates with "r2 = 4.0, 6.5, and 11.7 at
f = 94 GHz. (a) Half-wavelength for TM0 and TE1 modes. (b) Ratio of surface wave power
to radiated power as a function of superstrate height (hss).
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hss that the TE1 mode is not triggered.

The resonant patch length, assuming an SiO2 ("r1 = 4.1) substrate, is also illustrated

in Fig. 3.5. For a silicon substrate, nearly perfect cancellation may be possible with a single

element. For substrate with lower values of "r2, L is not large enough to provide an optimal

design. However, better cancellation requires an array of two or more patch elements.

A method for analyzing the e�ciency of magnetic radiators on thick substrates is

presented in [65], and this approach was used to identify the ratio of power lost to substrate

modes, or

⌘sw =
Psw

P
M

rad
+ Psw

(3.13)

where Psw is the total power coupled to substrate modes, and P
M

rad
is the power radiated by

~Meq. (Expressions for Psw and P
M

rad
follow directly from the results detailed in [65] and are

specified in Appendix C.) The results of this analysis are presented in Fig. 3.5. As expected,

the best cancellation is achieved with the silicon substrate. In addition, the substrate mode

power increases dramatically once the the TE1 mode is active, resulting in surface-wave

losses that exceed > 80%.

Depending on the permittivity of the superstrate layer, this approach increases surface-

wave losses by 0.4 – 2.0 dB. Nevertheless, a net improvement in antenna e�ciency and gain is

expected, based on the increase in Prad presented in Fig. 3.3. This is verified by calculating

the antenna e�ciency in the next section.
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3.4 Antenna E�ciency and Quality-Factor

The antenna quality factor, Q, is defined

Q = !
Ws

P
(3.14)

where Ws is the energy stored in the rectangular cavity, and P is the total accepted input

power. Assuming the patch is operating at resonance, it is shown that [57]

Ws =
hox

4
µ0WL. (3.15)

The power term, P , can be split into the space-wave (radiated) power, dissipative losses,

and substrate-mode losses. This yields an expression for the loaded Q

Q = [1/Qsp + 1/Qc + 1/Qsw]
�1 (3.16)

whereQsp, Qc, andQsw are the space-wave, conductor-loss, and substrate-loss quality factors,

respectively. For simplicity, dielectric losses are neglected, because conductor losses dominate

the antenna performance for thin oxide layers.

Once the loaded Q is determined, the radiation e�ciency for the patch antenna follows

directly:

erad =
Q

Qsp

. (3.17)

It is clear from this expression that e�ciency is improved by minimizing the space-wave Qsp

and maximizing the loss-related Q.
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3.4.1 Space-Wave Q

The space-wave Q follows directly from the analysis for Psp presented in Section 2.2.

It can be written

Qsp =
⇡
3 · (hox�0)/(WL)

RR h
|A✓

Rx
|2 + |A�

Rx
|2
i
sin ✓d�d✓

(3.18)

where

A
✓

Rx
= � cos ✓ cos� ·G(✓) · IRx (3.19)

A
�

Rx
= sin� · F (✓) · IRx (3.20)

based on the the radiated electric field. Functions F (✓) and G(✓) depend only on the

dielectric stack-up, and the expressions are provided in Appendix C. IRx accounts for the

finite current distribution Jsx and is specified in Eq. 3.6.

3.4.2 Conductor Q

The conductor quality factor is determined from the rectangular cavity model and

can be expressed as [57]

Qc =
⌘0

2
· k0hox

Rs

(3.21)

where ⌘0 is the intrinsic impedance of free space, k0 is the free-space wavenumber, and

Rs =
p

(!µ0) /(2�) for metal layers with conductivity �. (For all of the analysis presented,

� = 3.8⇥ 107 S/m for aluminum.) Using this expression, Qc is directly proportional to hox,

and it is independent of the superstrate thickness.
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3.4.3 Surface-Wave Q

Because the magnetic radiator model is used to calculate the surface wave power, it

is best to calculate the surface-wave Q from ⌘sw and Qsp:

Qsw = Qsp ·
1� ⌘sw

⌘sw
(3.22)

which follows from the definition of Q and ⌘sw. Note that the definition of ⌘sw neglects any

dissipative (conductor) losses.

3.4.4 E�ciency and Gain

The e�ciency is evaluated using (3.17) for a range of hss values (Fig. 3.6(a)). As

expected from the calculations for Psp, the e�ciency peaks near hss = �d/4, and the peak

e�ciency improves for increased "r2. It is also clear that the e�ciency improves with the

superstrate layer, despite the increased surface-wave losses. Compared to an e�ciency of

14% for the bare rectangular patch on 10 µm of oxide, peak e�ciencies of 28, 45, and 59%

are achieved for "r2 = 4.0, 6.5, and 11.7, respectively.

The antenna gain is shown in Fig. 3.6(b), given by G = erad D. Since the antenna

directivity peaks at 0.2�d and the e�ciency peaks 0.25 – 0.28�d, there is a range of values

for hss over which the gain is relatively flat. This eases the tolerance requirements for the

superstrate thickness, and improves the gain bandwidth for the patch antenna.
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f = 94 GHz, with patch dimensions L = 800 µm and W = 1.4L.

62



3.5 HFSS Simulations for Infinite Dielectrics

3.5.1 PML Substrate Termination

The use of an electrically thick, infinite superstrate is particularly challenging for

full-wave simulations. Planar Method of Moment solvers use infinite dielectric layers, and

substrate modes losses are automatically included in the results. However, most of these

2.5-D solvers are not compatible with electrically thick layers. Many use port solvers that

assume electrically thin layers, and some include this assumption in the Green’s functions

as well.

An alternative is to use a 3-dimensional solver, such as ANSYS HFSS [32]. This type

of software places no restrictions on the thickness of the dielectric layers. However, additional

care is needed to ensure that surface-waves are terminated properly at the boundaries of the

problem domain, and that these losses are included in the final calculation of radiation

e�ciency. Since the stack-up of infinite dielectrics presents an inhomogeneous structure at

the edge of the model domain, a Perfectly Matched Layer (PML) is needed to terminate the

structure and emulate an infinite dielectric structure. The PML is a layer of lossy dielectric

that attenuates the fields at the boundary of the 3-D model, while minimizing any spurious

reflections at the interface.

A typical PML configuration is shown in Fig. 3.7(a), with the radiated fields calcu-

lated over the air boundary (Srad) as shown. However, the surface-wave mode is not entirely

contained in the dielectric layer. Some of the surface-wave power is included in the near-to-

far-field transformation, resulting in an inflated value for the radiation e�ciency. Instead,

an internal PML is suggested, as shown in Fig. 3.7(b). In this configuration, the PML on
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Figure 3.7: Cross-section of simulated HFSS volumes for patch antenna with infinite di-
electric superstrate layers. (a) Standard configuration with external PML. (b) Configuration
with internal PML; surface-wave fields are attenuated prior to radiation boundary.
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the superstrate attenuates the surface-wave mode, and the superstrate layer appears infinite

in extent. The substrate mode is strongly attenuated before the radiation boundary, so the

surface-wave contribution to the radiated power is substatially reduced.

3.5.2 Simulation vs. Theory

To verify the theoretical model, the analytical results are compared with the full-

wave simulations obtained using HFSS. The substrate layers, including the superstrate, were

terminated with an internal PML. In Fig. 3.8, theory and simulation vs. variations in "r2

are considered. For each parameter variation, the patch length is retuned for resonance

at 94 GHz. As the superstrate permittivity increases, the fringing fields at the patch edge

increase, and the resonant length is reduced. These variations in patch length are summarized

in Table 3.1. The patch width was set as W = 1.4L. Theoretical data is presented for the

patch length from the cavity model (L = 800 µm), and for the retuned values presented in

Table 3.1. The full-wave simulations are more consistent for L = 800 µm. This is because

the increased fringing fields compensate for the reduced patch length.

Similar comparisons were performed for variations in hss and hox, using a quartz

superstrate. The results are presented in Fig. 3.9(a) and (b), respectively. In all HFSS

simulations, the patch length was retuned for resonance at 94 GHz; the theoretical values

are for L = 800 µm. When the superstrate is included, the full-wave simulations produce

e�ciency values that are slightly larger than the analytical predictions, resulting in a relative

error of 10 – 15%. The error increases when more power is coupled into substrate modes,

suggesting that the di↵erence in e�ciency is the result of imperfect attenuation of the sub-
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Table 3.1: Resonant Patch Length

"r2 hss (µm) L (µm)

4.0 400 760

6.2 320 740

10.2 250 720

11.7 225 700

4 6 8 10 12
0.2

0.3

0.4

0.5

0.6

εr2

e r
ad

Theory, Constant L
Theory, Re-tuned L
HFSS, Re-tuned L

Figure 3.8: Comparison of simulation and theory vs. superstrate permittivity. Theoretical
results for L = 800 µm and for retuned L values listed in Table 3.1. hox = 10 µm and f =
94 GHz.
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strate modes in the PML. This illustrates the inherent di�culties in full-wave simulations of

the dielectrics.

Fig. 3.9(b) also presents the e�ciency over a range of values for hox, comparing a

microstrip antenna with and without a 400 µm quartz superstrate. As the oxide thickness

increases, the conductor loss drops, but the substrate losses are unchanged. Eventually, the

surface-wave losses dominate, limiting the e�ciency of the superstrate loading antenna to

68%. For the rectangular patch with a 400 µm quartz superstrate, the e�ciency for the two

configurations is equal when hox = 35 µm ⇡ �d/50. Therefore, superstrate loading is only

useful for increasing radiation e�ciency when a patch-type antenna is integrated on a very

thin substrate.

3.6 Summary

This chapter presented an analytical model and theoretical results for on-chip patch

antennas with a dielectric superstrate. The key findings are as follows:

• A superstrate layer 0.2 – 0.28�d thick improves the e�ciency and gain of an on-chip

patch antenna. The patch antenna on a thin oxide layer su↵ers from low radiation

resistance, and the superstrate layer acts as an impedance transformer to 377 ⌦.

• Increasing the superstrate permittivity increases the maximum gain and e�ciency.

However, additional design tradeo↵s are inherent in the superstrate material selec-

tion. In particular, increased permittivity requires a thinner superstrate layer and

finer tolerances on the superstrate thickness.
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Figure 3.9: Comparison between analytical results and HFSS simulations at 94 GHz . (a)
E�ciency vs. superstrate height for "r2 = 3.8 and hox = 6, 11, and 22 µm. (b) E�ciency
vs. hox for a bare microstrip antenna and one with a 400 µm superstrate.
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• Full-wave simulations with HFSS require an internal PML to attenuate the surface-

wave modes. The internal PML ensures that e�ciency values accurately account for

surface-wave losses.

• The superstrate layer is most e↵ective when the patch antennas are on a thin oxide

layer, typical of RFIC stack-ups. As the oxide thickness increases, conductor losses

drop, and superstrate surface-waves become the dominant loss factor.

The results presented in this chapter suggest that a thick superstrate layer can yield

substantial improvements in e�ciency and gain, compared to a bare on-chip patch antenna.

The next two chapters present practical designs for the superstrate-loaded antennas, using

rectangular microstrip antennas and cavity-backed elliptical slots. Measured results are

presented that validate the analytical model and the e�cacy of the superstrate design.

This chapter includes some materials published in IEEE Transactions on Antennas

and Propagation, 2012; J. M. Edwards and G. M. Rebeiz. The dissertation author is the

primary author of the source material.
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Chapter 4

High-E�ciency Elliptical Slot

Antennas with Quartz Superstrates

This chapter presents the design of an on-chip elliptical slot antenna with a quartz su-

perstrate, illustrated in Fig. 4.1. Although the theoretical discussion in Chapter 3 considered

rectangular patch antennas, the general principles hold equally well for the cavity-backed el-

liptical slot. The slot-type antenna is appealing for on-chip applications because it helps

satisfy the minimum metal density requirements. For the slot case, the antenna is always

enclosed in in a cavity to ensure that no fields are coupled into the parallel-plate mode. The

cavity enclosure is illustrated in Fig. 4.1(a).

The antenna was implemented in the IBM8RF (0.13 µm) process. The detailed stack-

up is shown in Fig. 4.2. The slot antenna is on the top metal layer, and the backing metal

(LY ) is also the ground plane for the rest of the RFIC transmission lines. The resulting

separation in only 11 µm and corresponds to a thickness �d/145 at 94 GHz. On such a thin

layer of oxide, the slot antenna characteristics resemble those of a patch antenna, with most
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Figure 4.1: Elliptical-slot antenna design. (a) Layout and design parameters. (b) Stack-up
for on-chip elliptical slot antenna with a quartz superstrate for improved e�ciency.
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hox = 11 μm
Antenna Layer (MA)

Stripline Layer (E1)
4 μmGround Plane (LY)

3 μm

hss = 400 μm

~250 μm
Silicon  (εr = 11.9, ρ = 13 Ω-cm)

SiO2 (εr = 4.1)

Quartz (εr = 3.8)

4 μm

Polyimide Passivation Layer (Top of RFIC)

4 μm

M1 - M3

Figure 4.2: Detailed stack-up for IBM8RF (0.13 µm)process and quartz superstrate.

of the current concentrated on the inner elliptical plate. As a result, the cavity-backed slot

also su↵ers from low e�ciency on the thin oxide of the RFIC back-end. The oxide thickness

could be increased by placing the ground plane on the bottom metal layers. However, LY

was selected because M1 – M3 are very thin and would require a mesh ground plane. In

addition, it is desirable to reserve the lower metal layers for DC and control routing [28].

4.1 Design

4.1.1 Parameter Variations

To assess each of the elliptical antenna design parameters, a simplified version was

simulated using ANSYS HFSS [32]. The stripline feed on layer E1 is was replaced by a

vertical lumped port from the ground plane (LY ) to the edge of the elliptical patch (MA),

and no metal fill was included. The antenna parameters are selected for peak radiation

e�ciency, neglecting mismatch losses. Unless otherwise noted, the dimension for the elliptical
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Table 4.1: Default Design Parameters

Parameter Value

a 470 µm

b 1.6a

wslot 80 µm

hss 400 µm ("r = 3.8)

hox 11 µm ("r = 4.1)
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hox = 11 μm

Figure 4.3: E↵ect of quartz superstrate height on an elliptical slot e�ciency and gain.
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slot are listed in Table 4.1.

A quartz superstrate was selected for this design. As discussed in Chapter 3, this

reduces the achievable gain. However, the quartz superstrate is thicker and less prone to

cracking. It is also less sensitive to the thickness tolerances of the superstrate. Fig. 4.3

presents the e�ciency vs. quartz superstrate height. For the bare elliptical slot antenna

(hss = 0), the e�ciency of the antenna is 16%. The e�ciency peaks at 37% for hss = 400 -

450 µm, with a corresponding gain of 4.8 dB and a directivity of 9.2 dB. These results are

consistent with the analytical results for the rectangular patch antenna, presented in Section

II.

Next, the antenna parameters are considered. 2a is analogous to L on the rectangular

patch, and it determines the resonant frequency of the antenna, as shown in Fig. 4.4(a).

The radiation e�ciency peaks near the antenna resonance, as shown in Fig. 4.4(b). There is

also a slight increase in the e�ciency as a is reduced and the operating frequency increases;

this is because the oxide and superstrate height are electrically thicker at higher resonant

frequencies.

The e↵ect of the slot ellipticity (b/a) is shown in Fig. 4.5. Increasing the ellipticity

improves the antenna e�ciency, and it has a small e↵ect on the frequency of operation. How-

ever, for b/a > 1.7, the excitation of higher-order modes causes a sharp drop in performance.

In terms of input impedance, increasing the ellipticity results in reduced input resistance at

resonance.

The slot width (wslot) does not have a substantial e↵ect on the antenna performance,

assuming it is large enough to avoid interaction with the fringing fields (i.e. wslot > 2hox).

For this analysis, it is 80 µm, or approximately �d/20.
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Figure 4.4: E↵ect of a on (a) antenna impedance, and (b) radiation e�ciency for b/a = 1.6.
hss = 400 µm for all cases.
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Figure 4.5: E↵ect of ellipticity b/a on (a) input impedance and (b) radiation e�ciency for
a = 470 µm.
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with 400 µm quartz superstrate.

4.1.2 Comparison with Rectangular Patch

To demonstrate the advantage of the elliptical antenna, a rectangular patch was also

analyzed using full-wave simulations. The rectangular patch was designed with L = 760 µm

and W = 1.4L for peak e�ciency and resonance at 94 GHz. A square patch with L =

780 was also considered. The antennas were simulated with a 400 µm quartz superstrate

("r = 3.8), and their e�ciencies are presented in Fig. 4.6. Like the elliptical slot, increasing

the patch width increases the antenna e�ciency. The elliptical slot exhibits a higher peak

e�ciency than the rectangular patch, but the e�ciency of the elliptical slot falls o↵ faster

above 100 GHz due to the excitation of higher-order modes on the elliptical resonator. The

improvement in e�ciency with the elliptical slot antenna is the result of more e↵ective

canceling of substrate modes in the quartz.
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4.2 On-Chip Implementation

A W-band elliptical slot was designed for the IBM8RF process. As illustrated in in

Fig. 4.2, the slot antenna was placed on the top metal layer (MA) and the backing ground

plane was located on layer LY . The elliptical dimensions were selected for peak e�ciency at

94 GHz, with a = 470 µm, b = 1.6a = 750 µm, and wslot = 40 µm. A 400 µm thick quartz

superstrate was used with the dimensions 2.5 x 1.5 mm2.

The antenna was fed using a stripline trace on on interconnect layer E1, which was

electromagnetically coupled to the antenna. The length of the stub, lstub, was adjusted to

achieve resonance at 94 GHz (Fig. 4.7). The width of the stub was limited to 25 µm, based

on the maximum allowable trace width for the E1 layer. The EM-coupled feed lowered the

input resistance to approximately 12 ⌦, so a quarter-wave impedance transformer was used

to match the antenna to 50 ⌦. Referenced to the input of the quarter-wave transformer, the

simulated e�ciency was 40%. The stripline feed is attractive because it is isolated the feed

line from the e↵ects of the superstrate edge. However, a stripline-to-microstrip transition [66]

is required for compatibility with other on-chip circuits.

In order to satisfy the 10% metal density requirements in the IBM8RF process,

squares of metal fill were placed on E1, as shown in Fig. 4.1. Inside the slot, the mini-

mum metal density was maintained, since the antenna performance is most sensitive to fill

in this region. Outside the slot, a high metal density was used, alleviating some of the

requirements near the radiating edges. The E1 fill outside the slot was connected to both

MA and LY , enclosing the antenna in a cavity and ensuring no power was lost to the TEM

parallel-plate mode. Inside the slot-ring, the E1 fill was shorted to the LY ground because
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Figure 4.7: Antenna impedance for variations stripline stub length, lstub.
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Table 4.2: Antenna Configuration and Performance

Superstrate (mm2) Feed Metal Fill E↵. Direct. Gain

Infinite Ideal None 36% 9.2 dB 4.8 dB

1.5 x 2.5 Ideal None 56% 7.1 dB 4.6 dB

None Ideal None 17% 7.3 dB -0.4 dB

1.5 x 2.5 GCPW None 52% 7.0 dB 4.2 dB

1.5 x 2.5 GCPW 10% 38% 6.9 dB 2.8 dB

None GCPW 10% 10% 7.1 dB -3.0 dB

1.5 x 2.5 Stripline None 40% 7.0 dB 3.1 dB

1.5 x 2.5 Stripline 10% 29% 6.7 dB 1.2 dB

None Stripline 10% 9% 6.6 dB -4.0 dB

the process design rules forbid floating metal. The addition of the metal fill reduced the

e↵ective oxide height, degrading the antenna e�ciency to 29%. It also introduced addi-

tional reactive loading on the antenna, lowering the resonant frequency to 89 GHz with a

superstrate, and 92 GHz without a superstrate.

Table II summarizes the e↵ect of each practical modification to the basic elliptical slot

designs, starting with an ideal, internal-port feed and an infinite superstrate. For consistency,

each design variation listed in Table II has been retuned to 94 GHz. The finite substrate

increased the antenna e�ciency but reduced the directivity, resulting a 0.3 dB drop in peak

gain. Due to the low-Q tuning stub, the stripline feed degraded the antenna gain by 1.4

dB. The 10% metal fill introduced an additional 1.9 dB loss. For comparison, the antenna

was also simulated with a grounded-CPW (GCPW) feed [67] and a quarter-wave impedance

transformer matched to 50⌦. The e�ciency and gain are much better in this configuration,

so it is recommended that a GCPW is used to replace the stripline tuning stub in future

work. The elliptical slot can potentially result in a gain of 2.8 dB at 94 GHz with a 400 µm
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Figure 4.8: On-chip antenna and TRL de-embed plane.

quartz superstrate. The elliptical slot performance without a superstrate is also shown. For

all configurations, the quartz superstrate improves the antenna gain by 5 dB or more.

4.3 Measurements

4.3.1 S-Parameters

The input impedance of the elliptical slot antenna was measured using a millimeter-

wave Agilent network analyzer. The antenna was placed on the metal probe station chuck

and was fed using a coaxial GSG probe with a 100 µm pitch. Custom TRL standards were

used to de-embed the measurement of the microstrip line; the de-embed plane is labeled in

Fig. 4.8.

The impedance was measured with and without the 400 µm quartz superstrate, and

the results are shown in (Fig. 4.9). The measured results indicate that the antenna has

a 2:1 V SWR bandwidth of 3.9% with a superstrate, and a bandwidth of 3.7% without a
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Figure 4.9: Measured S11 (a) with 400 µm quartz, and (b) without quartz. Simulations
are shown using a stack-up based on the nominal dimensions, and for a modified (fitted)
stack-up modified within process tolerances.
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Figure 4.10: (a) Set-up for gain and pattern measurements. (b) Photo of probe station
measurement set-up for gain and E-Plane pattern measurements.

superstrate. There is a small frequency shift for both cases, likely due to variations in the

material properties and layer thicknesses. Each oxide layer and thick metal layer (MA and

E1) is specified to a tolerance of ±0.5µm. Simulations were run to consider the e↵ect of

stack-up variations. The observed frequency shift is consistent with a total oxide height

reduction of 0.5 µm and an 0.25 µm increase in the thickness of E1. This simulations for

this stack-up variation are also shown in Fig. 4.9.
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4.3.2 Radiation Patterns and Gain

The antenna gain and radiation patterns were measured using the far-field measure-

ment set-up shown in Fig. 4.10(a). The antenna was placed on the metal chuck of the

probe station, and the probe station and equipment were covered with millimeter-wave ab-

sorber to reduce unwanted reflections and standing waves (Fig. 4.10(b)). The calibrated

84 – 96 GHz signal was fed to the on-chip antenna-under-test (AUT) through a WR-10

GSG probe (100 µm pitch). Based on the manufacturer-provided data, a loss of 1.5 dB was

included for the waveguide probe. An additional loss factor of 0.3 dB was assumed for the

GSG-to-microstrip transition [39, 41].

The signal was received by a rectangular horn, placed a distance R = 30 cm away, and

was amplified by a WR-10 LNA. The gain of the receive horn was Gr = 22 dB, based on an

independent measurement using a similar power meter set-up in an anechoic chamber [41].

The LNA was characterized using a waveguide network analyzer, and GLNA = 22.0 – 30.6 dB

between 84 and 96 GHz. Finally, the received power was measured using an Agilent W8486A

power meter. The AUT gain was then calculated from the Friis transmission equation

Pt

Pr

=

✓
�0

4⇡R

◆
Gt(GrGLNA) (4.1)

where Pt is the power at the antenna input, accounting for the losses in the probe and

the GSG pad; Pr is the power received at the horn; and Gt is the gain of the on-chip

antenna. Return loss was not calibrated out of the measurement. Due to the di�culty

of measuring the radiated fields on the metal probe station, and considering the variety

of di↵erent calibrations required for the measurement, the accuracy of the measurement is
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estimated to be ±1 dB [41].

The measured gain with and without a quartz superstrate is presented in Fig. 4.11(a)

and (b), respectively. To ensure consistency in the gain comparison, the gain was measured

by scanning ±5� in the E-Plane for the maximum received power near boresight. For the

antenna with quartz, the measured gain peaks at 0.7 dB at 89 GHz. Without quartz, a peak

of -5.7 dB at 90 GHz was measured. The antenna gain improves 6.4 dB with the superstrate

layer. This is slightly better than the simulated gain improvement due a frequency shift for

the antenna without a superstrate.

4.4 Summary

This chapter presented the design and characterization of an on-chip elliptical slot

antenna with a quartz superstrate. The key findings are as follows:

• The superstrate layer provides improved e�ciency and gain improvements for the

cavity-backed elliptical slot on thin oxide. The results and are consistent with those

demonstrated theoretically for a rectangular patch. In particular, gain peaks when the

quartz superstrate is 0.2 – 0.29�d.

• The elliptical slot provides a modest improvement over the rectangular patch. This is

because of the wider spacing between the radiating edges at resonance, which provides

improved cancellation of substrate modes.

• Tuning stubs are attractive for merging frequency for peak e�ciency and resonance,

but can reduce gain due to low transmission-line Q. In particular, the stripline feed
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was appealing because it isolated the transmission line from the quartz edge. However,

the stripline tuning stub introduced substantial loss.

• Metal fill for the interconnect layers must be included in simulations for final designs.

Adding fill to satisfy metal density requirements reduces the antenna gain and e�-

ciency, due to an e↵ectively reduce oxide height. It also lowers the resonant frequency

of the antenna, due to increased capacitance to the ground plane.

• The e�cacy of a superstrate layer has been demonstrated theoretically, in full-wave

simulations, and in measurements. For a W-band antenna in the IBM 8RF process,

the addition of a quartz superstrate provides a 6.4 dB improvement in the measured

antennna gain.

These results indicate that the elliptical slot design is compatible with a standard

CMOS process, and substantial performance improvements are possible by implementing

the superstrate-loaded approach. Although the antenna design shifted in frequency from the

94 GHz ISM band, the results are still consistent with the expectations from theory and

simulation, and they validate the theoretical results presented in Chapter 3.

Chapter 4 is largely a reprint of material published in IEEE Transactions on Antennas

and Propagation, 2012; J. M. Edwards and G. M. Rebeiz. This chapter also includes some

materials from IEEE Antennas and Propagation Symposium Digest, 2011; J. M. Edwards

and G. M. Rebeiz. In both cases, the dissertation author is the primary author of the source

material.
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Chapter 5

Experimental Study of

Superstrate-Loaded Microstrip

Antennas

Having demonstrated the e↵ectiveness of a quartz superstrate with a standard RFIC

process, this chapter pursues a more detailed study of superstrate-loaded microstrip anten-

nas. Antenna variations are presented for several combinations of oxide thicknesses and

superstrate layers. The results demonstrate the limitations imposed by the oxide thickness,

typically dictated by the process stack-up and layout requirements. In addition, the e↵ect

of the superstrate permittivity is demonstrated experimentally, validating the theoretical

predictions presented in Chapter 3.
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Figure 5.1: (a) Rectangular patch design parameters. (b) Stack-up for antenna study.
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5.1 Design and Optimization

For this experimental study of the superstrate-loaded antennas, microstrip-fed rect-

angular patch antennas (Fig. 5.1(a)) were designed for the simplified stack-up illustrated in

Fig. 5.1(b). Designs were considered for hox = 5 µm and 10 µm, and quartz ("r2 = 3.8) and

silicon ("r2 = 11.9) superstrate layers. For each combination of hox and hss, L was tuned for

resonance at 94 GHz, with W = 1.4L. As discussed in Chapter 3, the increased ratio of W/L

increases the antenna gain and e�ciency compared to a square patch. The antennas were

fed with a 25 ⌦ microstrip line; the reduced line impedance was selected to reduce losses in

the long feed line. A quarter-wavelength transmission line section was used to match the

patch edge impedance to the 25 ⌦.

The metal layers for the fabrication are all 0.5 µm thick gold (� = 4.5 ⇥ 107 S/m).

The SiO2 layer has a relative permittivity "r1 = 4.1 and a loss tangent of 0.001. The

superstrate layers were simulated as lossless materials, unless otherwise noted. All of the

designs were tuned and optimized in ANSYS HFSS, a full-wave solver based on the Finite

Element Method [32]. It was assumed that the ground plane was infinite, and the silicon

wafer (under the ground plane) was excluded from the basic design simulations. The oxide

and the superstrate layers were simulated as infinite layers and terminated in the internal

PML structures discussed in Chapter 3.

5.1.1 Superstrate Optimization

The e↵ect of hss on the e�ciency and gain are shown in Fig. 5.2 and Fig. 5.3

for quartz and silicon superstrates, respectively. The results of this analysis are shown for
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Figure 5.2: Antenna performance vs. quartz superstrate height at 94 GHz for hox = 5 and
10 µm. (a) E�ciency. (b) Directivity and gain.
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10 µm. (a) E�ciency. (b) Directivity and gain.
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hox = 5 µm and 10 µm. The simulated e�ciency exhibits peaks for hss ⇡ �d/4, as expected

from the analytical model. However, due to the variations in the antenna directivity, the

gain remains flat over a range of values for hss. The superstrate is optimal when the layer

thickness is between 0.2�d and the cut-o↵ frequency for the TE1 substrate mode. For quartz,

the desirable range for hss is between 325 and 460 µm; over this range, the gain variation is

less than 0.4 dB. For silicon, the range is 185 – 240 µm, with gain variations less than 0.7

dB. Thus, the silicon superstrate is more sensitive to the tolerance variations in the material

thickness, but it provides an additional 2 – 3 dB e�ciency improvement compared to quartz.

As expected, a reduced oxide height has a dramatic e↵ect on the antenna gain and

e�ciency for all superstrates. With a quartz superstrate and 5 µm oxide the antenna gain

peaks at -0.7 dB, compared to 3.8 dB when hox = 10 µm. With a silicon superstrate, the

antenna gain improves to 2.1 dB for hox = 5 µm, compared to 5.4 dB with 10 µm oxide.

Since hox will be dictated by the process stack-up and the layout requirements, these results

illustrate how significant the process specifications are in determining the achievable antenna

gain.

The e↵ect of losses in the superstrate layer are consider in Fig. 5.4. HFSS simulations

were run for loss tangents between 0.001 and 0.02. Even when the loss tangent is 0.02, the

losses in the superstrate have a limited e↵ect on the antenna e�ciency. This suggests that the

losses due to the conductor-Q (calculated in Chapter 3) still dominate the antenna e�ciency,

and even a lossy superstrate layer can provide a considerable improvement in the antenna

performance.

94



80 85 90 95 100 105
0.0

0.2

0.4

0.6

0.8

Frequency (GHz)

E
ffi

ci
en

cy

0.001
0.004

0.020
0.010

tan δ

Quartz

Silicon

0.3 dB

0.7 dB

Figure 5.4: E↵ect of loss tangent in quartz and silicon superstrate layers.

Table 5.1: Superstrate Design Parameters

Superstrate hss hox lp wp lqw wqw

Quartz 360 µm 5 µm 758 µm 1061 µm 325 µm 46 µm

Quartz 360 µm 10 µm 756 µm 1058 µm 320 µm 49 µm

Silicon 210 µm 5 µm 727 µm 1018 µm 275 µm 48 µm

Silicon 210 µm 10 µm 705 µm 987 µm 255 µm 60 µm

5.1.2 Single-Element Designs: Summary

Four rectangular patch antennas were designed for the experimental study, one for

each combination of hox (5 or 10 µm) and superstrate material (quartz or high-resistivity

silicon). The superstrate thicknesses were selected based on the optimization results in Figs.

5.2 and 5.3 and available material thicknesses. The quartz layer was 360 µm and the silicon

layer was 210 µm. The tuned design parameters are summarized in Table 5.1.

The performance of each of the design variations are summarized in Table 5.2. The

simulated performance of these designs are shown in Fig. 5.5 and Fig. 5.6 for 5 and 10 µm

oxides, respectively. The superstrate-loaded designs are also compared with the performance
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Table 5.2: Simulated Performance Summary

hox Superstrate E↵. Direct. Gain BW (S11 < �10dB)

5 µm None 3.2% 7.3 dB -7.5 dB —

5 µm Quartz 9.0% 8.6 dB -1.5 dB 5.0%

5 µm Silicon 21.2% 8.9 dB 1.8 dB 6.2%

10 µm None 12.2% 7.3 dB -1.5 dB —

10 µm Quartz 30.5% 8.4 dB 3.2 dB 3.2%

10 µm Silicon 47.5% 8.8 dB 5.4 dB 5.5%

of an unloaded (bare) rectangular patch. To save space on the wafer, the quartz-loaded design

was reused to measure the antenna performance without a superstrate layer. Although the

resonant frequency of the unloaded antenna shifts 2 – 3%, the o↵set is small enough to provide

a good performance comparison for the peak gain and e�ciency. However, the comparison

does not provide a fair assessment of the unloaded antenna bandwidth. Because the unloaded

antenna dimensions are not optimally impedance matched for this configuration, their S11

bandwidth is not specified in Table 5.2.

5.1.3 Superstrate Edge Transition

For the experimental test structure, the superstrate layer was finite to allow access

to probe pads and diode detectors. Due to dielectric loading of the transmission line under

the superstrate, a discontinuity in the microstrip trace width occurs at the superstrate edge

(to maintain constant Z0 [68]). To design the full feed structure, the transmission lines were

simulated using Sonnet [69], a full-wave solver for planar circuits. The lines were simulated

for the unloaded, quartz-loaded, and silicon-loaded conditions. The characteristic impedance

(Z0) and e↵ective permittivity ("eff ) are illustrated in Fig. 5.7. The parameters for the 25 ⌦
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Table 5.3: Z0 = 25 ⌦ Line Parameters

hox Superstrate Width (w25) "eff

5 µm None 28 µm 3.67

5 µm Quartz 26 µm 4.33

5 µm Silicon 20 µm 6.22

10 µm None 54 µm 3.58

10 µm Quartz 47 µm 4.05

10 µm Silicon 36 µm 6.29

case are summarized in Table 5.3

To reduce the return loss at the superstrate edge, transmission lines with Z0 = 25 ⌦

were used and the transition in line width was achieved with a linear taper. The taper length

was fixed at a 75 µm length. The return loss for the tapered structure was simulated in

ANSYS HFSS [32], and the results are illustrated in Fig. 5.9. To ensure that the transition

is not too sensitive to the superstrate edge alignment, the return loss is also shown with

±30 µm o↵sets from the center of the tapered transition.

In practice, the edge transition can be avoided if all of the RF circuits are under

the superstrate layer. However, due to the reduced line width (Fig. 5.7), this may result

increased transmission line losses for higher values of "r2.

5.2 Comparison with Traditional RFIC Stack-up

The simplified stack-up shown in Fig. 5.1(b) is useful for the general-purpose study

that is the goal of this chapter. Nevertheless, these antennas are intended for use in CMOS

RFICs, and it is worth exploring how the rectangular patch in the simplified stack-up com-

pares to a similar design integrated in a standard process.
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Figure 5.7: Microstrip line Z0 and "eff vs. trace width. Results are shown for unloaded,
quartz-loaded, and silicon-loaded lines on (a) 5 µm and (b) 10 µm oxide.

100



Line Width (µm)

Lo
ss

 (d
B

/m
m

)

None
Quartz
Silicon

0 20 40 60 80

2.5

2.0

1.5

1.0

0.5

0.0

(a)

Line Width (µm)

Lo
ss

 (d
B

/m
m

)

None
Quartz
Silicon

0 20 40 60 80

2.0

1.5

1.0

0.5

0.0

(b)

Figure 5.8: Microstrip line loss vs. trace width. Results are shown for unloaded, quartz-
loaded, and silicon-loaded lines on (a) 5 µm and (b) 10 µm oxide.

101



75 µm

Microstrip layer

Ground plane

Superstrate
Edge

y

x

z

x

(a)

Frequency (GHz)

S
11

 (d
B)

0 µm Offset
-30 µm Offset

+30 µm Offset

85 90 95 100 105
-30

-25

-20

-15

-10

(b)

Frequency (GHz)

S
11

 (d
B)

0 µm Offset
-30 µm Offset

+30 µm Offset

85 90 95 100 105
-30

-25

-20

-15

-10

(c)
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The IBM8RF (0.13 µm) process stack-up is illustrated in Fig. 5.10. This process

was used to develop the W-band ellipitical slot antenna presented in Chapter 4. The metal

layers in the IBM8RF process are aluminum (� = 3.8⇥ 107). The patch antenna is located

on the top metal layer (MA), and the backing ground plane is on layer LY , resulting in

an oxide height of 11 µm. Although the oxide thickness could be increased by placing the

ground plane on layers M1 – M3, these layers are thinner and would require a mesh ground

plane. In addition, it is often desirable to reserve the lower metal layers for DC and control

routing.

As illustrated in Fig. 5.10, the interconnect layer E1 includes squares of metal fill,

which are required to satisfy minimum metal density specifications. Adding metal fill in-

creases the coupling to the ground plane, lowering the radiation e�ciency. It also reactively

loads the antenna, lowering the resonant frequency. For the IBM8RF process, a 10% metal

density with 100 µm tiling was required. The E1 metal squares were 32x32 µm2. Both

shorted and floating metal fill variations were considered. The shorted fill was connected to

the ground layer on LY ; the floating fill passes through 30x30 µm2 openings in the ground

plane and are connected to the low-resistivity silicon.

In Fig. 5.11, the simulated performance for the IBM8RF antenna is compared with

the designs on 10 µm oxide. The IBM8RF designs were simulated without E1 fill, and with

a 10% density E1 fill in floating and shorted variations. Each design was retuned to achieve

resonance at 94 GHz. Although previous design studies have suggested that the floating fill

results in better e�ciency [40], both fill variations appear to result in similar performance

for this particular design. At 94 GHz, the antenna e�ciency in the 8RF process is similar

to the e�ciency achieved on 10 µm oxide (summarized in Table 5.2). Once the metal fill
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is added, the radiation e�ciency drops to 22% with a quartz superstrate, and 47% with a

silicon superstrate.

5.3 Experimental Results

5.3.1 Test Structures and Layout

Each of the design variations listed in Table 5.1 was fabricated in the NANO-3 fa-

cilities at the University of California, San Diego. Examples of the fabricated antennas are

pictured in Fig. 5.12. The feed structures included the transition at the superstrate edge,

followed by a 25 ⌦ transmission line feed. For the probe-fed test structures, long feed lines

were used to mitigate the probe scattering observed in Chapter 4. A quarter-wave line then

transformed the impedance to match the 50 ⌦ GSG-to-microstrip transition. For the 2-

element array (Fig. 5.12(b)), the antennas were combined using a lossless T-junction and a

quarter-wave impedance transformer matched the antenna directly to 50 ⌦.

The GSG-to-microstrip transition is illustrated in Fig. 5.13(a). To simplify the

antenna fabrication, the transition was designed without vias; radial stubs provide an RF

short from the ground pads to the microstrip ground layer. A gradual transition is used to

convert the CPW-mode of the pads to the microstrip mode, resulting in a good match over

a wide bandwidth.

Given the di�culties posed by the probe-fed pattern measurements, additional test

structures were designed for diode detectors (Fig. 5.13(b)). Radial stubs were used to create

an RF short to ground for the single-ended detector circuit, and to isolate the rest of the RF
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Figure 5.12: Photo of fabricated antennas with 100 µm pitch GSG probe feeds. (a) Single
element. (b) 2x1 array.
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Figure 5.13: (a) GSG-to-microstrip transition for probe-fed measurements. (b) On-wafer
detector diodes for pattern measurements.

circuit from the bias/IF lines. Although it was not possible to reliably measure absolute gain

with this approach, the on-chip diode detector enabled pattern measurements in an anechoic

chamber, eliminating scattering from the probe station and the probe itself. The on-chip

detector also emulates a practical on-chip configuration more reliably than the probe-fed

measurements.

5.3.2 S-parameter Measurements

The S-parameter measurements were conducted using an Agilent network analyzer

with a millimeter-wave extension. The antennas were placed on the metal chuck of the

probe station, and they were fed using a GSG waveguide probe with a 100 µm pitch. The

antenna measurements were calibrated using custom TRL standards to de-embed the probe-

to-microstrip transition. The de-embed plane is illustrated in Fig. 5.12.
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Figure 5.14: Simulated and measured return loss for single element antennas on 5 µm oxide
with (a) no superstrate, (b) 360 µm quartz superstrate, and (c) 210 µm silicon superstrate.
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Figure 5.15: Simulated and measured return loss for single element antennas on 10 µm oxide
with (a) no superstrate, (b) 360 µm quartz superstrate, and (c) 210 µm silicon superstrate.
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Figure 5.16: Simulated and measured S11 for 2x1 arrays with 210 µm silicon superstrates.
Array spacing = 1.6 mm = 0.5�0 at 94 GHz. (a) hox = 5 µm. (b) hox = 10 µm.
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Figure 5.17: Measured S11 with di↵erent o↵sets in the silicon superstrate alignment (hox =
10 µm).

Single Element Antennas

The measured S11 for the antennas on 5 and 10 µm oxide are shown in Fig. 5.14

and 5.15, respectively. Each of the measured results are compared with HFSS simulated

performance. The HFSS models included the transition at the superstrate edge. They were

also adjusted to account for a small o↵set in the fabricated oxide height (�0.25 for the 5 µm

stack-up, +0.5 µm for the 10 µm stack-up). These o↵sets are comparable to the tolerances

expected in a standard process, and the resulting frequency shift is less than 2% for all of

the antennas. The HFSS-simulated S-parameters were then included in an ADS model that

accounted for additional losses in the microstrip feed lines. Having accounted for fabrication

tolerances, the agreement between simulation and measurement is very good.

Two-Element Antenna Arrays

In Fig. 5.16, the measured and simulated S-parameters for the 2x1 arrays on 5 and

10 µm oxide are shown. Like the single-element results, the simulated results were obtained
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using an HFSS. The model included a finite superstrate the tapered transition. In addition,

the lossless T-junction, including the quarter-wave impedance transformation to 50 ⌦ was

simulated using Sonnet [69]. The full structure, including sections of microstrip transmission

lines, was then combined and simulated in ADS [54].

Alignment Test

To determine the e↵ect of silicon edge alignment, the antenna S11 was measured

with the silicon edge at the center of alignment markers. Then, the silicon was o↵set to

completely cover and uncover the alignment markers (o↵sets > ±25 µm). The results of

these measurements are shown in Fig. 5.17. It is clear that the antenna impedance is

insensitive to slight o↵sets in the superstrate edge alignment.

GSG Transition

Although TRL standards were used to de-embed the antenna S-parameters beyond

the GSG-to-microstrip transition, it was desirable to characterize the structure for the gain

measurements discussed in the next section. To characterize this transition, a manufacturer-

provided SOLT standard was used to de-embed the measurements to the probe tips. Then,

the S-parameters of the “through” standard (back-to-back transition) were measured to

determine the impedance match and loss on the structure. The return loss (S11) is shown in

Fig. 5.18(a). The return loss for the back-to-back transitions is better than -15 dB from 70

– 110 GHz.

112



Frequency (GHz)

S
11

 (d
B)

80 90 100 110
-35

-30

-25

-20

-15

-10

10 µm Oxide
5 µm Oxide

(a)

Frequency (GHz)

Lo
ss

 (d
B)

10 µm Oxide
5 µm Oxide

80 90 100 110

1.5

1.2

0.9

0.6

0.3

0.0

(b)

Figure 5.18: Measurement of GSG-to-microstrip Though standard. The measurement was
calibrated to the probe tips using an SOLT standard. (a) S11. (b) Loss.
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Figure 5.19: Set-up for probe-fed gain measurements. (a) Tx chain, AUT, Rx chain. (b)
Probe station set-up.
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The loss was calculated from the S-parameters of the back-to-back transitions:

Loss =
1

2


10 log

|S21|2

1� |S11|2

�
(5.1)

On 5 µm oxide, the average loss from 90 – 98 GHz was 0.9 dB. On 10 µm oxide, the average

loss was 0.6 dB. These values were included in the gain measurements discussed in the next

section.

5.3.3 Gain Measurements

The antenna gain was measured using the probe-fed set-up shown in Fig. 5.19(a).

The antenna was placed on the metal chuck of the probe station; millimeter-wave absorber

covered the surrounding surfaces and measurement equipment to reduce unwanted reflections

(Fig. 5.19(b)). A 90 – 98 GHz signal was fed to the antenna-under-test (AUT) through a

WR-10 GSG probe (100 µm pitch), and a 20 dB coupler was used to monitor the input

power to the probe. The directivity of the 20 dB coupler was measured separately using the

power-meter set-up. Based on manufacturer-provided data, 1.5 dB loss was included for the

waveguide probe; the measured loss for the GSG-to-microstrip transition was also included

(0.6 dB and 0.9 dB for 5 and 10 µm oxide, respectively). Line standards were measured

to determine the losses on the 2.0 mm feed lines (1.2 dB on 10 µm oxide, 2.8 dB on 5 µm

oxide). These losses were calibrated out of the measurement as well, referencing the gain

measurement to the input of the lqw quarter-wave impedance transformer.

The signal was received by a cylindrical horn, placed a distance R = 30 cm away, and

was amplified by a WR-10 LNA. The gain of the receive horn was Gr = 22 dB, based on an
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independent measurement using a similar power meter set-up in an anechoic chamber [41].

The LNA was characterized using a waveguide network analyzer, and GLNA = 22.0 – 30.6

dB between 90 and 98 GHz. Finally, the received power was measured using an Agilent

W8486A power meter.

The AUT gain was then calculated from the Friis transmission equation

Pt

Pr

=

✓
�0

4⇡R

◆
Gt(GrGLNA) (5.2)

where Pt is the power at the antenna input, accounting for the losses in the probe and

the GSG pad; Pr is the power received at the horn; and Gt is the gain of the on-chip

antenna. Return loss was not calibrated out of the measurement. Due to the di�culty

of measuring the radiated fields on the metal probe station, and considering the variety

of di↵erent calibrations required for the measurement, the accuracy of the measurement is

estimated to be ±1 dB [41].

The measured gain for each design variation on 5 µm and 10 µm oxide are shown in

Fig. 5.20 and 5.21, respectively. Each of the quartz- and silicon-loaded designs is compared

with the the unloaded design; however, only simulated gain is presented for the unloaded

antenna on 5 µm oxide, because there was not su�cient dynamic range in the set-up to

reliably measure such a low-gain antenna. For both the simulated and measured data, the

gain values are referenced to the input of the quarter-wave tranformer.

To ensure consistency in the gain comparison, the gain was measured by scanning

±5� in the E-Plane for the maximum received power near boresight. The measurements are

rippled over frequency, due to standing waves in the measurement set-up and scattering from
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Figure 5.20: Measured gain for supestrate-loaded patch antennas on 5 µm oxide, compared
with unloaded antenna. (a) Quartz superstrate. (b) Silicon superstrate.
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Figure 5.21: Measured gain for superstrate-loaded patch antennas on 10 µm oxide, com-
pared with unloaded antenna. (a) Quartz superstrate. (b) Silicon superstrate.
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Figure 5.22: Measured and simulated gain for two-element array with silicon superstrate.
Results compared for 5 µm and 10 µm oxide.

the probe. However, it is clear that the measured results compare very well with simulations,

and that the superstrate is e↵ective in increasing the antenna gain. On 10 µm oxide, the

measured gain is improved 4.3 dB, and it improves by 7.2 dB with silicon. For 5 µm oxide,

the gain enhancement is larger: 7 dB with quartz, and 10.5 dB with silicon.

In addition to the single element design variations, the gain of the two-element silicon-

loaded array (Fig. 5.12(b)) was also measured. The experimental results are compared with

simulations in Fig. 5.22. For the 2x1 array with silicon, gain of 4.2 dB is achieved on 5 µm

oxide; on 10 µm oxide, the gain is 7.6 dB.

5.3.4 Pattern Measurements

The radiation patterns were measured in a millimeter-wave anechoic chamber at the

University of California, San Diego. A W-band signal was AM-modulated with a 1 kHz
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Figure 5.23: Measurement set-up for supestrate-loaded antenna patterns. (a) Tx/Rx chain.
(b) Photo of antenna in anechoic chamber. (c) Photo of assembled single-element patch
antenna with silicon superstrate.
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square wave and transmitted by a standard rectangular horn. The antenna-under-test was

placed on an azimuth positioner a distance 30 cm away.

The patterns were measured using the on-wafer Schottky diode detector (Fig. 5.13(b)).

The detector was biased at a small signal resistance of approximately 100 ⌦ in parallel with

the 0.05 pF junction capacitance, resulting in a diode impedance of 10�j30 ⌦ at 94 GHz. The

detector is not well matched to the 25 ⌦ system but was su�cient for measuring normalized

radiation patterns. The 1 kHz detected voltage was measured using a lock-in amplifier.

The patterns were measured for the unloaded single-element antenna (Fig. 5.24), a

single element with a silicon superstrate (Fig. 5.25), and a 2x1 array with a silicon superstrate

(Fig. 5.26). The radiation patterns for the antenna with a quartz superstrate are not shown,

because the radiation patterns are very similar to the radiation patterns with the silicon

superstrate. Both of the single element patterns are very rippled, with deep dips and nulls

in the E-plane. In extensive simulations, in was not possible to account for this e↵ect with

a finite ground plane or misaligned superstrate. It appears to be the result of scattering

from bias tracing and bondwires o↵-chip, which are electically large at W-band frequencies.

However, the scattering e↵ects are reduced with the increased directivity of the 2x1 array.

The patterns for the array are substantially improved and compare well with simulations;

the patterns are better even in the E-plane, which is not changed by the array factor.

These results indicate that the low-gain single elements are not only a↵ected by

scattering in the probe-fed measurements. They are also vulnerable to scattering from the

IF and DC bias bondwires and o↵-chip lines. Thus, the e↵ect of packinging structures on

radiation patterns must be considered as part of the overall design of single-element antennas.

In particular, it appears that the antenna may be less susceptible to scattering from o↵-chip
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Figure 5.24: Measured and simulated radiation patterns for rectangular patch without
superstrate at 92, 94, and 96 GHz. (a) E-plane Patterns. (b) H-plane patterns.
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Figure 5.25: Measured and simulated radiation patterns for rectangular patch with 210
µm silicon superstrate at 92, 94, and 96 GHz. (a) E-plane Patterns. (b) H-plane patterns.
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Figure 5.26: Measured and simulated radiation patterns for 2x1 patch array with 210 µm
silicon superstrate at 92, 94, and 96 GHz. (a) E-plane Patterns. (b) H-plane patterns.
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components in the H-plane [41]. Alternatively, these e↵ects can be reduced or eliminated

when the directivity is increased with an antenna array.

5.4 Summary

The chapter described the detailed design and experimental verification of superstrate-

loaded on-chip antennas. The work validates the theoretical description introduced in Chap-

ter 3, and it extends the narrower experimental work presented in Chapter 4. The key

findings are as follows:

• The theoretical predictions presented in Chapter 3 are validated. Specifically, increased

"r2 is shown to increase the radiation e�ciency and gain.

• Increasing the superstrate permittivity imposes some fabrication limitations. With in-

creased "r2, a thinner superstrate layer is required, and the tolerance on the physical

thickness is reduced.

• Single-element radiation patterns are susceptible to scattering from bonding structures,

which can substantially degrade the patterns. These e↵ects are reduced in array con-

figurations, even for a two element array.

These results are easily extended to other superstrate materials, which may be de-

sirable in light of packaging or cost constraints. As shown in this chapter, the e�ciency

improvements are substantial even if the superstrate material has a tan � as high as 0.02.

Given the flexibilty and simplicity of implementation, the superstrate-loaded antenna repre-

sents a very desirable solution for high-e�ciency on-chip antennas.
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Chapter 6

Conclusion

6.1 Summary

This thesis presents two solutions for millimeter-wave antennas, each focusing on a

di↵erent challenge presented by integrated antennas beyond 60 GHz.

Chapter 2 presented the design and characterization of a sinuous antenna on a silicon

lens. This work demonstrates a planar feed with low cross-polarization and stable impedance

properties over a multi-octave bandwidth. Compared to traditional planar log-periodic de-

signs, which su↵er from ±22.5� polarization variations and -6 dB cross-pol on silicon, simu-

lation and experiment indicate that the sinuous antenna has only ±6� polarization variations

and < -17 dB cross-pol. The work in this chapter details a methodology for simulating the

antenna patterns, the results of which are consistent with measured performance. The theo-

retical half-space impedance—and deviations from the theoretical ideal—are also discussed

and verified in measurements.

The rest of this thesis introduces superstrate-loaded microstrip antennas for on-chip

126



applications. This work provides an appealing solution for standard CMOS processes, iso-

lating the antenna from the low-resistivity silicon wafer and achieving high e�ciency. All of

the metal layers are integrated in the silicon back-end, and the only o↵-chip addition is a

single dielectric layer, which does not require precise edge dimensions or alignment.

Chapter 3 discusses the theoretical background of the superstrate-loaded antennas,

starting from an equivalent transmission line model. The model is developed numerically

and is used to provide physical insight about the antenna operation. It is then used to pro-

vide physical guidelines for the design and optimization of the superstrate-loaded antennas.

In addition, a simulation approach is discussed, specifically accounting for the challenges

introduced by an electrically thick dielectric layer.

This theoretical background is then applied to an on-chip, cavity-back elliptical slot

in Chapter 4. The elliptical slot was designed and implemented in the IBM8RF (0.13 µm)

process. A detailed parameter study of the elliptical slot design is presented, and the e↵ect of

the quartz superstate layer is demonstrated. The fabricated antenna achieves 30% radiation

e�ciency and 0.7 dB gain, and the addition of a quartz superstrate layer is shown to improve

the antenna gain by > 6 dB.

Finally, Chapter 5 presents a thorough experimental study of superstrate-loaded rect-

angular patch antennas. The antennas were fabricated in two simplified stack-ups with 5

and 10 µm oxide between the patch element and the backing ground plane. Designs were

implemented with quartz ("r = 3.8) and silicon ("r = 11.9) superstrate layers. The results

demonstrate the enhanced e�ciency possible with the superstrate-loaded designs, partic-

ularly as the permittivity of the superstrate layer is increased. By studying an antenna

designs for varying oxide thickness, the limitations imposed by the process stack-up was also
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demonstrated. The on-chip antennas are uniformly sensitive to the oxide thickness, which

is dictated by the process stack-up. Nevertheless, with a silicon superstrate layer, it was

possible to achieve 2.6 dB gain at 94 GHz on a thin (5 µm) oxide layer.

6.2 Future Work

Work on the sinuous antennas is ongoing, particularly as it relates to full-scale

antenna-coupled bolometers for radioastronomy. Of the remaining design issues, one of

the major questions is the integration with other circuits. For radio-astronomy applications,

a microstrip feed to a duplexer, triplexer, or channelizer is desirable. The work presented in

this thesis resolves the question of the antenna impedance, but the best method to integrate

the feed lines remains an open question.

Because microstrip lines are not inherently balanced, previous work has used a bal-

anced microstrip feed structure [56]. In a traditional microstrip-fed dipole, the antenna can

become unbalanced due to current flow at the edge of the microstrip ground plane (analogous

to the current flow on the outer shield of a coaxial line). This has led previous researchers

to introduce quarter-wave slots in the ground plane edge as a current choke [70]. However,

for the case of the microstrip-fed sinuous antenna, the antenna arms serve as the ground

plane, and there is no radiating edge for unbalanced current to flow. In the opinion of this

author, this unique property of the sinuous feed should allow for a single-ended system.

Nevertheless, this question merits a full experimental examination, comparing the balanced

feeds currently in use with a single-ended variation.

In terms of the high-e�ciency on-chip antenna designs, a variety of problems and
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questions remain open for consideration. For the superstrate-loaded designs, it may be

possible to design an impedance surface that could simulataneously prevent surface-wave

losses and increase gain. More generally, very little has been done to achieve wide bandwidth,

end-fire radiation, or dual-polarization from an on-chip antenna, and these properties may

be necessary to to enable millimeter-wave and THz RFICs in certain applications. Finally,

integration of these antennas with frequency multipliers and detectors is currently underway,

with particular interest in wafer-scale arrays. High-e�ciency on-chip antennas, in parallel

with advances in millimeter-wave CMOS circuits, represent promising advances on the path

to a fully-integrated, low-cost millimeter-wave system.
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Appendix A

GO-PO Method for Dielectric Lenses

This chapter describes the hybrid Geometrical Optics–Physical Optics (GO-PO)

method for calculating the radiation patterns from a planar source on a lens. This ap-

proach was used to calculate the radiation patterns for the sinuous antenna presented in

Chapter 2. It is applicable for any slot-type feed for which the radiation pattern in a di-

electric half-space is known. The half-space pattern can be determined analytically or using

full-wave simulations. For the sinuous antenna, half-space calculations were simulated using

Agilent ADS Momentum [54].

The accuracy of the GO-PO analysis relies on two assumptions. First, it is assumed

that the lens is electrically large. This ensures that GO can be applied inside the lens,

and that the lens surface can be treated as locally planar in the calculation of Fresnel

reflection/transmission coe�cients. It also justifies a model in which all rays emanate from

the center of the planar feed. The second assumption is that lens reflections can be neglected.

In practice, this means matching layers should be used on the surface of the lens. The e↵ect

of the matching layers should be included in the Fresnel transmission coe�cients.
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A.1 Surface Parameterization

To calculate the patterns for a lens of arbitrary shape, we parameterize the lens

surface r = (x, y, z) in terms of the spherical coordinate angles � and ✓. Then we calculate

the surface tangent vectors ~r✓ = @r/@✓ and ~r� = @r/@�. From the tangent vectors, the

surface normal n̂ is given by

n̂ =
~r✓ ⇥ ~r�

k~r✓ ⇥ ~r�k
(A.1)

and the infinitesimal surface area dS is

dS = k~r✓ ⇥ ~r�k d✓ d�. (A.2)

The surface parameters for an extended hemipherical lens and an elliptical lens are calculated

next.

A.1.1 Extended Hemispherical Lens

The coordinate system and dimensions for the extended hemispherical lens is shown in

Fig. A.1(a). The surface consists of two regions: the hemispherical portion and a cylindrical

extension. The hemispherical portion is parameterized

x = Rlens · cos� sin ✓ (A.3)

y = Rlens · sin� sin ✓ (A.4)

z = Rlens · cos ✓ (A.5)
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Figure A.1: Coordinate systems and dimensions for (a) extended hemispherical lens, and
(b) elliptical lens.
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over the angles ✓ = [0, ⇡/2] and � = [0, 2⇡). The surface normal is

n̂ = âr = âx cos� sin ✓ + ây sin� sin ✓ + âz cos ✓ (A.6)

and dS = R
2 sin ✓ · d✓ d�. The parameterization of the cylindrical portion is

x = Rlens · cos� (A.7)

y = Rlens · sin� (A.8)

z = �Rlens · tan
⇣
✓ � ⇡

2

⌘
(A.9)

over the angles ✓ = [⇡/2, ✓max] and � = [0, 2⇡). The surface normal is

n̂ = âr = âx cos�+ ây sin� (A.10)

and the surface element is

dS =
R

2
lens

cos2 (✓ � ⇡/2)
d✓ d�. (A.11)

The planar feed can be anywhere at the base of the extension, on the z = �Lext plane. For

a well-designed feed antenna, the extension should be illuminated with a low percentage of

the radiated power; in this case, the cylindrical section of the lens can be neglected.

A.1.2 Elliptical Lens

An elliptical lens with eccentricity e =
p

1� (b/a)2 = "
�1/2
r and a source at the

second focus (z = �F = �A/
p
"r) produces a di↵raction-limited pattern. For such a lens,

133



the axes are related according to

A =
Bp

1� 1/"r
(A.12)

where A and B are the major and minor axes, respectively. The parameterization for the

elliptical surface is

x = B · cos� sin ✓ (A.13)

y = B · sin� sin ✓ (A.14)

z = A · cos ✓ (A.15)

The corresponding surface normal is

n̂ =
âxA · cos� sin ✓ + âyA · sin� sin ✓ + âzB · cos ✓

A2 sin2
✓ +B2 cos2 ✓

(A.16)

and the surface element is

dS = B · sin ✓
�
A

2 sin2
✓ +B

2 cos2 ✓
�1/2

d✓ d�. (A.17)

The focal point of the elliptical lens is at r = (0, 0,�F ). However, the analysis described in

this chapter is valid for a planar feed anywhere on the z = �F plane.
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Figure A.2: Refraction of transmitted fields at lens surface.

A.2 Incident Field

Geometrical Optics is applied to calculate the fields incident on the surface of the

lens. The ray path in the lens is given by

~v = (xs � x0)âx + (ys � y0)ây + (zs � z0)âz (A.18)

where (xs, ys, zs) is the surface location and (x0, y0, z0) is the center of the feed antenna. The

total electric field at the lens surface is then proportional to

~Ei = ~EHS(✓
0
,�

0)
e
�j ~kd·~v

k~vk (A.19)

where kd is the vectoral propagation constant in the dielectric (parallel with ~v), and ~EHS(✓0,�0)

is the complex-valued radiation pattern in the dielectric half-space.

The fields just inside the lens surface are decomposed into their TE and TM com-
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ponents. These are calculated using perpendicular and parallel basis vectors for the lens

surface [71]

p̂? =
n̂⇥ v̂

kn̂⇥ v̂k (A.20)

p̂k = p̂? ⇥ v̂ (A.21)

where v̂ = ~v/k~vk. Thus, the TE- and TM-mode electric fields are E
i

? = ~E
i · p̂? and

E
i

k =
~E
i · p̂k, respectively.

A.3 Transmitted Fields

At the lens-air interface, the fields are refracted as illustrated in Fig. A.2. The

transmitted fields propagate along the vector [71]

ŝ = v̂ cos( tr �  i) + p̂k sin( tr �  i) (A.22)

where  i is the angle of incidence, and  tr is the transmitted angle given by Snell’s Law

sin tr =
p
"r sin i. (A.23)

Then the total field just outside the lens is

~E
t = p̂?

�
⌧?E

i

?
�
+ ŝ

�
⌧kE

i

k
�

(A.24)

~H
t =

1

⌘0
ŝ⇥ ~E

t (A.25)
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Figure A.3: Refraction angles and dimensions through a single matching layer.

where ⌧? and ⌧k are the Fresnel transmission coe�cients for the TE and TM modes, respec-

tively.

For the single matching layer in Fig. A.3, the Fresnel coe�cients are [13]

� = �12 +
⌧12⌧21�23P

2
d
Pl

1 + �12�23P
2
d
Pl

(A.26)

⌧ =
⌧12⌧23Pd

1 + �12�23P
2
d
Pa

(A.27)

where �AB and ⌧AB are the half-space reflection and transmission coe�cients for a wave in

Medium A incident on an interface with Medium B. For the TE mode, they can be written

�?
AB

=
nA cos i � nB cos tr

nA cos i + nB cos tr

(A.28)

⌧
?
AB

= 1 + �?
AB

(A.29)

and for the TM mode

�k
AB

=
�nB cos i + nA cos tr

nB cos i + nA cos tr

(A.30)
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k
AB
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nA
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1� �k

AB

⌘
(A.31)

where nA and nB are the refractive indices for medium A and B, respectively. The terms

Pd, Pl, and Pa account for path lengths through the matching layer and are defined [13]

Pd = exp

⇢
�jk2tml

cos ml

�
(A.32)

Pl = exp

⇢
2jk1tml sin ml sin i

cos ml

�
(A.33)

Pa = exp

⇢
2jk3tml sin ml sin tr

cos ml

�
(A.34)

where tml is the matching layer thickness,  ml is the angle of refraction in the matching layer,

and kA is the wave-number in Medium A.
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A.4 Physical Optics: Pattern Calculation

Having calculated the fields just outside the lens, equivalent electric and magnetic

current densities are calculated on the surface of the lens:

~Js = n̂⇥ ~H
t (A.35)

~Ms = �n̂⇥ ~E
t (A.36)

where n̂ is the lens surface normal. As a consequence of Schelkuno↵’s Equivalence Principle,

the equivalent surface currents on a closed surface can be used to determine the fields outside

the surface. The lens surface at the air-dielectric interface is not closed. However, if we

assume the lens is on an infinite ground plane, image theory can be applied to obtain an

equivalent closed surface. The integration is then performed over S + Simg (Fig. A.4).

In the far field, the radiation from the lens is proportional to [63]

E✓ = �(L� + ⌘0N✓) (A.37)

E� = L✓ � ⌘0N� (A.38)

where (N✓, N�) and (L✓, L�) are the spherical vector components of the superposition inte-

grals

~N =

ZZ

S+Simg

~Js e
jk0 r dS (A.39)

~L =

ZZ

S+Simg

~Ms e
jk0 r dS (A.40)
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where ~Js and ~Ms are the equivalent real and image surface currents on S and Simg, respec-

tively.
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Appendix B

Radiated Field Functions: Two-Layer

Stack-up

This appendix specifies expressions for the radiated fields for a Hertizian dipole in

the stackup illustrated in Fig. B.1. This stack-up is slightly more general than the variation

used in Chapter 3. The dipole is at a height z0 < hox above the ground plane, allowing for

additional oxide thickness above the top metal layer.

The radiated fields were derived by Jackson et al in [59] using the approach described

in Appendix B. The radiated field for a Hertizian dipole is expressed

E
hd

✓
(r, ✓,�) = � cos ✓ cos�

✓
j!µ0

4⇡R

◆
e
�jk0R G(✓) (B.1)

E
hd

�
(r, ✓,�) = sin�

✓
j!µ0

4⇡R

◆
e
�jk0R F (✓) (B.2)

The functions G(✓) and F (✓) are dependent on the dielectric stack-up. They can be written
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Figure B.1: Simplified stack-up and layout for theoretical analysis of a rectangular mi-
crostrip antenna with a superstrate.

[59]

G(✓) = 2
T

Q+ jP
(B.3)

F (✓) = 2
T

M + jN
(B.4)

where

T =
sin(�1z0)

cos(�1hox) cos(�2hss)
(B.5)

Q = tan(�1hox) +
"r1

"r2

n2(✓)

n1(✓)
tan(�2hss) (B.6)

P = � "r1

n1(✓)
cos ✓


1� "r2

"r1

n1(✓)

n2(✓)
tan(�1hox) tan(�2hss)

�
(B.7)

M = tan(�1hox) +
n1(✓)

n2(✓)
tan(�2hss) (B.8)

N = �n1(✓) sec ✓


1� n2(✓)

n1(✓)
tan(�1hox) tan(�2hss)

�
(B.9)
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and

�1 = k0 n1(✓) (B.10)

�2 = k0 n2(✓) (B.11)

with

n1(✓) =
p
"r1 � sin2

✓ (B.12)

n2(✓) =
p
"r2 � sin2

✓ (B.13)

and k0 is the free-space wavenumber.
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Appendix C

Magnetic Current Model: Radiation

and Substrate Modes

The calculation of surfave-wave and radiated power from the patch antenna is pre-

sented in this appendix. The patch antenna will be analyzed using the simplified stack-up

illustrated in Fig. C.1 and the magnetic current model [57]

~Meq =

8
>>><

>>>:

ây x = ±L/2

±âx sin
�
⇡x

L

�
y = ±W/2

(C.1)

The results follow directly from the analysis in [65] and are summarized here for completeness.

The TM -modes supported by the superstrate satisfy the eigenvalue equation

�z tan(�zhss) = "r q (C.2)
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where �z =
q
"r2k

2
0 � �2

⇢
, q =

q
�2
⇢
� k

2
0, and �⇢ is the propagation constant of the guided

surface-wave mode. The total power coupled to the mth TM mode is

P
TM�m

sw
=
!"0"r2

8⇡hTM

eff

2⇡Z

0

|�IGx sin�+ IGy cos�|2 d� (C.3)

where h
TM

eff
= H + 1/(q qs) and qs = (1 + 1/"r)(�⇢/k0)2 � 1. IGx and IGy are the vector

components of the superposition integral

~IG =

ZZ
~Meq(x

0
, y

0) ej(�xx
0+�yy

0)
dx

0
dy

0 (C.4)

and for ~Meq given by (C.1)

IGx =
4�x

(⇡/L)2 � �2
x

cos

✓
�xL

2

◆
sin

✓
�yW

2

◆
(C.5)

IGy =
4

�y
cos

✓
�xL

2

◆
sin

✓
�yW

2

◆
(C.6)

where �x = �⇢ cos� and �y = �⇢ sin�. Similarly, the TE modes satisfy the trancendental

equation

��z cot(�zhss)q (C.7)

and the power in the n-th TE mode can be calculated

P
TE�n

sw
=

�
2
z

2⇡!µ0h
TE

eff

2⇡Z

0

|IGx cos�+ IGy sin�|2 d� (C.8)

where h
TE

eff
= H + 1/q, and (IGx, IGy) are given by (C.5) and (C.6).
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Figure C.1: Simplified stack-up and layout for surface-wave analysis of magnetic radiator
model.

The total power coupled to substrate modes is the sum of the power in each mode

above cut-o↵:

X

m

P
TM�m

sw
+
X

n

P
TE�n

sw
(C.9)

for m = 0, 2, .... and n = 1, 3, .... The lowest order mode supported by the grounded super-

strate is the TM0 mode, which has no cut-o↵ frequency. The TE1 mode is triggered when

the substrate height is approximately �d/4.

The radiated electric field for the magnetic current model is

E
M

✓
(r, ✓,�) = � jk0

4⇡r
GM(✓) e�jk0r

·
⇥
� sin�IM

Rx
+ cos�IM

Ry
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E
M

�
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· cos ✓ ·
⇥
I
M

Rx
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sin�

⇤
(C.11)
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when GM(✓) and FM(✓) are given by

GM(✓) =
2 · "r2 cos ✓

"r2 cos ✓ cos(�2hss) + jN2(✓) sin(�2hss)
(C.12)

FM(✓) =
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(C.13)

and N2(✓) =
p
"r2 � sin2

✓ and �2 = k0N2(✓). ~I
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M

Rx
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M

Ry
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I
M

Rx
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· cos
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2
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(C.14)

I
M

Ry
=

4

ky
· cos

✓
kxL

2

◆
sin

✓
kyW

2

◆
(C.15)

where kx = k0 sin ✓ cos� and ky = k0 sin ✓ sin�. The total radiated power is then computed

from the integral

P
M

rad
=

1

2⌘0

ZZ ⇥
|EM

✓
|2 + |EM

�
|2
⇤
r
2 sin ✓d✓d�. (C.16)
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