
UC San Diego
UC San Diego Electronic Theses and Dissertations

Title
An electronic equalization technique for nonlinear dispersion compensation in optical fiber 
communications links

Permalink
https://escholarship.org/uc/item/1pq073cx

Author
Metzger, Andre G.

Publication Date
2011
 
Peer reviewed|Thesis/dissertation

eScholarship.org Powered by the California Digital Library
University of California

https://escholarship.org/uc/item/1pq073cx
https://escholarship.org
http://www.cdlib.org/


UNIVERSITY OF CALIFORNIA, SAN DIEGO 

 

An Electronic Equalization Technique for Nonlinear Dispersion 

Compensation in Optical Fiber Communications Links 

 

A Dissertation submitted in partial satisfaction of the requirements 

for the degree Doctor of Philosophy 

in 

Electrical Engineering (Applied Physics) 

 

by 

Andre G. Metzger 

 

 

Committee in charge: 

Professor Peter M. Asbeck, Chair 
Professor Chung-Kuan Cheng 
Professor Ian A. Galton 
Professor Clifford P. Kubiak  
Professor Lawrence E. Larson 
 
 

2011



 

  

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

 

Copyright 

Andre G. Metzger, 2011 

All rights reserved. 



 

 iii 

 

 

The dissertation of Andre G. Metzger is approved, and it is acceptable in 

quality and form for publication on microfilm and electronically: 

 

 

___________________________________________________________ 

 

 

___________________________________________________________ 

 

 

___________________________________________________________ 

 

 

___________________________________________________________ 

 

 

___________________________________________________________ 

Chair 

 

 

 

University of California, San Diego 

2011 

 



 

 iv 

DEDICATION 

To Robert and Silvia, my dear parents, you have worked as hard as I have to get 

me through this. To Marco, my brother, and to Linda, Lucas, and Maia. In loving 

memory of Olga Arnone, my dearest cousin, and my friends Luca Bernardini and Joanna 

Sada De La Cruz. 

 

 

 

 

 

 

 

 

 

 



 

 v 

TABLE OF CONTENTS 

Signature Page .................................................................................................................iii 

Dedication ........................................................................................................................iv 

Table of Contents .............................................................................................................v 

List of Figures ..................................................................................................................vi 

List of Tables ...................................................................................................................xv 

Acknowledgements ..........................................................................................................xvi 

Vita ...................................................................................................................................xix 

Abstract of the Dissertation………………………………………………………...xxii 

CHAPTER 1: Introduction ..............................................................................................1 

CHAPTER 2: Simulation of Optical Fiber ......................................................................81 

CHAPTER 3: Architecture Development ........................................................................118 

CHAPTER 4: Design and Implementation ......................................................................180 

CHAPTER 5: Test and Measurement ..............................................................................270 

CHAPTER 6: Analysis and Optimization .......................................................................302 

CHAPTER 7: Conclusions and Future Work ..................................................................334 

Appendix A: Matlab Dispersion Code .............................................................................345 



 

 vi 

LIST OF FIGURES 

FIGURE 1-1: Optical fiber ..............................................................................................3 

FIGURE 1-2: Photo of fiber optic cable being installed ..................................................4 

FIGURE 1-3: Components of a long-haul optical fiber link ...........................................7 

FIGURE 1-4: Graphical depiction of OOK modulation ..................................................8 

FIGURE 1-5: Bandwidth of an optical source .................................................................9 

FIGURE 1-6: Transient waveform and spectrum of NRZ data .......................................10 

FIGURE 1-7: WEST – WDM with electronic switching technology .............................13 

FIGURE 1-8: Propagation by total internal reflection .....................................................17 

FIGURE 1-9: Attenuation vs. wavelength in SSMF .......................................................20 

FIGURE 1-10: Graphical representation of chromatic dispersion ..................................21 

FIGURE 1-11: Index of refraction vs. wavelength for silica fiber ..................................22 

FIGURE 1-12: The Chromatic Dispersion coefficient D of SSMF .................................23 

FIGURE 1-13: Birefringence of optical fiber ..................................................................24 

FIGURE 1-14: PMD results from two orthogonal modes ...............................................25 

FIGURE 1-15: Direct modulation vs. optical modulation ...............................................29 

FIGURE 1-16: Waveform characteristics of a directly modulated source ......................30 

FIGURE 1-17: Heterojunction laser diodes .....................................................................31 

FIGURE 1-18: A cleaved InGaP/GaAs DFB and DBR laser diode ................................33 



 

 vii 

FIGURE 1-19: Frequency chirp of a directly modulated laser ........................................34 

FIGURE 1-20: Schematic diagram of a Mach-Zehnder modulator .................................36 

FIGURE 1-21: Schematic of a DFB laser integrated with an EA modulator ..................37 

FIGURE 1-22: A basic Vertical Cavity Surface Emitting Laser (VCSEL) .....................39 

FIGURE 1-23: Spectral width of optical sources at 1.3nm .............................................39 

FIGURE 1-24: An EDFA incorporated into a link using a coupler ................................40 

FIGURE 1-25: Three energy levels of Erbium ions Er3+ in silica glass ........................41 

FIGURE 1-26: The PN and PIN photodiode detector .....................................................44 

FIGURE 1-27: An avalanche photodiode detector (APD) ..............................................46 

FIGURE 1-28: A symbolic representation of a phototransistor. .....................................47 

FIGURE 1-29: Envelope and carrier of an OOK modulated signal ................................49 

FIGURE 1-30: Coherent detection ..................................................................................50 

FIGURE 1-31: Jitter measurement from an eye diagram ................................................52 

FIGURE 1-32: Simulation of an optical link with nonlinear distortion ..........................54 

FIGURE 1-33: On optical fiber link featuring an electronic equalizer ...........................62 

FIGURE 1-34: Simple high-pass and low-pass LC filter equalizers ...............................65 

FIGURE 1-35: Block diagram of a 5-tap transversal filter equalizer ..............................66 

FIGURE 2-2: Block diagram of a 27 PRBS generator .....................................................83 

FIGURE 2-2: Input signal conditioning with low-pass filtering .....................................85 

FIGURE 2-3: Graphical depiction of UFDS output signal normalization ......................94 



 

 viii 

FIGURE 2-4: 10Gbps UFDS simulation with dispersion constant set to 1.35 ................95 

FIGURE 2-5: UFDS simulations varying amount of chromatic dispersion ....................96 

FIGURE 2-6: A 10Gbps UFDS simulation at 1.35 including noise ................................98 

FIGURE 2-7: Analysis of low-pass filter coefficient in UFDS .......................................100 

FIGURE 2-8: UFDS simulation of normalized eyeopen vs. Dv (fiber length) ................101 

FIGURE 2-9: Normalized eyeopen vs. Dv (fiber length) with noise ...............................102 

FIGURE 2-10: UFDS, source with chirp vs. chirp-free with Dv=1.1 ..............................105 

FIGURE 2-11: UFDS, source with chirp vs. chirp-free with Dv=1.0 ..............................105 

FIGURE 2-12: FOLD sim. with MZ-modulator at 10Gbps from 50-300km ..................108 

FIGURE 2-13: FOLD sim. with laser diode at 10Gbps from 50-150km ........................110 

FIGURE 2-14: FOLD sim. of waveform of 10Gbps with MZ-modulator ......................111 

FIGURE 2-15: Eye diagram and histogram of FOLD sim. at 0km vs. 150km ...............112 

FIGURE 2-16: Finding the optimum sampling point at maximum eye opening ............113 

FIGURE 3-1: Graphical representation of an N-tap linear filter equalizer ......................121 

FIGURE 3-2: A NLC Eq. using N1 previous bits and a tapped-delay line ......................124 

FIGURE 3-3: A Nonlinear Cancellation Eq. with two decision circuits .........................124 

FIGURE 3-4: A functional block diagram of a Maximum Likelihood Detector ............126 

FIGURE 3-5: Functionality of a 4-bit custom NLC Equalizer ........................................129 

FIGURE 3-6: Custom NLC Eq. with pattern dependent tapped linear filter...................131 

FIGURE 3-7: Custom NLC Eq. with analog input splitter options .................................133 



 

 ix 

FIGURE 3-8: A CML sample and hold circuit with an associated simulation ...............134 

FIGURE 3-9: 2:1 digital mux & analog switch, 2-bit DAC & 2-input summer .............136 

FIGURE 3-10: Graphical depiction of a 3-Bit 9-Sample MLD Equalizer ......................139 

FIGURE 3-11: Block diagram of a custom full MLD Equalizer .....................................140 

FIGURE 3-12: Two MLD equalizers with 4-bit comparison windows ..........................142 

FIGURE 3-13: Depiction of the 4-bit alterative MLD’s functionality ............................143 

FIGURE 3-14: Block diagram of a 4-Bit MLD Eq. w. 2 prev. decided bits ...................144 

FIGURE 3-15: An absolute value function using a custom CML |V| circuit ...............145 

FIGURE 3-16: Graphical depiction of a forward-looking DPR equalizer ......................148 

FIGURE 3-17: A 6-bit address vector is fed to an LUT memory ...................................149 

FIGURE 3-18: Depiction of a forward-looking DPR Eq. and reduced DPR Eq. ............151 

FIGURE 3-19: Three DPR Equalizer input options ........................................................152 

FIGURE 3-20: A DPR equalizer with a tapped transmission line input .........................153 

FIGURE 3-21: 2 latches in series combined to create a flip-flop ....................................155 

FIGURE 3-22: Detailed view of a serial DPR equalizer .................................................156 

FIGURE 3-23: Parallel implementation of a forward-looking DPR equalizer ................158 

FIGURE 3-24: Divided implementation of a DPR equalizer. .........................................159 

FIGURE 3-25: Signal analysis is aided by custom pattern parsing code ........................165 

FIGURE 3-26: Pattern eye diagrams of 010 and 101 patterns at 150km ........................166 

FIGURE 3-27: Matlab simulation of a custom MLD equalizer ......................................167 



 

 x 

FIGURE 3-28: A waveform w. samples taken x1 per bit shows averaging funct. ..........170 

FIGURE 3-29: Pattern parsed eye diagrams with sample times and thresh levels ..........171 

FIGURE 3-30: Portion of the summary file from the DPR equalizer simulation ...........172 

FIGURE 3-31: LUT size vs. maximum length of fiber that can be equalized ................174 

FIGURE 4-1: Band diagram shows Si Bipolar vs. GaAs HBT .......................................185 

FIGURE 4-2: Skyworks InGaP/GaAs HBT technology .................................................186 

FIGURE 4-3: A high speed Cross-Point switch with 160Gbps throughput ....................187 

FIGURE 4-4: Layout placement for Eq. with single or double ADC .............................189 

FIGURE 4-5: 32 pin package from MSI selected for the design .....................................191 

FIGURE 4-6: Chosen I/O configuration for the 32-pin Equalizer package ....................193 

FIGURE 4-7: Equalizer IC block diagram with 3 ADC’s and 64-bit LUT .....................196 

FIGURE 4-8: A simple graphic depiction of the functionality of a DPR Equalizer .......197 

FIGURE 4-9: A block diagram of the DPR Equalizer’s clock selection circuit .............201 

FIGURE 4-10: A typical flash ADC block diagram ........................................................206 

FIGURE 4-11: Schematic of the decision circuit used in the Equalizer’s ADC .............208 

FIGURE 4-12: A 2-bit flash ADC block diagram, including bypass circuitry ...............209 

FIGURE 4-13: Full ADC top-level schematic diagram including FIFO elements .........211 

FIGURE 4-14: Full ADC placed into a simulation with controllers and drivers ............212 

FIGURE 4-15: Inputs and outputs of a transient simulation of the ADC ........................213 

FIGURE 4-16: Eye diagram characterization of a decision circuit. ................................215 



 

 xi 

FIGURE 4-17: Transient simulation for decision circuit characterization ......................216 

FIGURE 4-18: Decision circuit characterization; amplitude & phase margin. ...............218 

FIGURE 4-19: Simplified block diagram for a static memory cell .................................223 

FIGURE 4-20: A CML flip-flop as a high speed unit memory cell ................................225 

FIGURE 4-21: Typical examples of high speed SRAM memory cells ...........................226 

FIGURE 4-22: A novel CML high speed memory cell for the DPR Eq. ........................230 

FIGURE 4-23: Custom DPR Eq. memory cell including Boost and Sense ....................231 

FIGURE 4-24: Depiction of operation modes of the DPR Eq. memory. ........................233 

FIGURE 4-25: 64-bit memory array made up of 8 rows and 8 columns ........................234 

FIGURE 4-26: Force-sense amplifier of the LUT memory.............................................235 

FIGURE 4-27: LUT memory’s row and column NOR decoder circuit ..........................236 

FIGURE 4-28: Block diagram of the LUT Column Driver. ............................................238 

FIGURE 4-29: The LUT memory’s single-ended Row driver circuit .............................239 

FIGURE 4-30: A block diagram highlighting the 64-bit LUT ........................................240 

FIGURE 4-31: Critical path simulation used to observe transient signals ......................241 

FIGURE 4-32: Voltage on cross-coupled inverter of an individual memory cell ...........242 

FIGURE 4-33: Eye diagram of LUT memory’s critical path simulation ........................244 

FIGURE 4-34: CML Flip-Flop layout vs. a unit memory cell of this work ....................245 

FIGURE 4-35: How memory array scales in size with increasing N ..............................246 

FIGURE 4-36: Power vs. number of bits for the memory of this work. .........................247 



 

 xii 

FIGURE 4-37: Equalizer clock and data output driver schematic ..................................249 

FIGURE 4-38: Full top-level schematic layout of the DPR Equalizer ............................250 

FIGURE 4-39: Equalizer die layout with key components indicated..............................251 

FIGURE 4-40: full circuit sim. of both read and write modes at 5GHz ..........................253 

FIGURE 4-41: Cadence sim. shows functionality & performance at 5GHz ...................254 

FIGURE 4-42: Eye diagram of the equalizer’s clock and data output at 10GHz ............255 

FIGURE 4-43: 32 pin package from MSI with a die is shown mounted .........................257 

FIGURE 4-44: Die attach and wire bond of an equalizer to a package ...........................258 

FIGURE 4-45: This photo details the wirebonding used in the assembly .......................259 

FIGURE 4-46: Prototype equalizer board made in UCSD fabrication facilities .............262 

FIGURE 4-47: Shows how the test board interfaces with a heat-sink sub-module.........263 

FIGURE 4-48: Photo of board showing center-cut and heat sink tab .............................264 

FIGURE 4-49: The main heat sink pressed against the sub-module heat-sink ...............265 

FIGURE 4-50: Photographs of the Equalizer board and fan assembly ...........................267 

FIGURE 5-1: Equalizer configured for a direct digital programming test ......................272 

FIGURE 5-2: Photographs of Equalizer test bench and test module ...............................272 

FIGURE 5-3: Input timing diagram of ECL functionality test ........................................273 

FIGURE 5-4: ECL low-speed functionality read/write test ............................................275 

FIGURE 5-5: Functionality of a 4-bit custom NLC Equalizer ........................................278 

FIGURE 5-6: Package module and die of a CMOS to CML level shifter ......................280 



 

 xiii 

FIGURE 5-7: Description of low speed analog functionality test ...................................281 

FIGURE 5-8: Results of an analog functionality test with an 85MHz clock ..................282 

FIGURE 5-9: Test configuration for the high frequency switching test .........................287 

FIGURE 5-10: Outputs at 500MHz, 2.5GHz, and 5GHz ................................................289 

FIGURE 5-11: Test configuration for pattern read/write tests ........................................291 

FIGURE 5-12: Output of a low speed version of the pattern read/write test ..................290 

FIGURE 5-13: A16-bit binary pattern aligned to a CLOCK/32 signal ...........................292 

FIGURE 5-14: Response of Eq. at 500MHz to a short digital test pattern ......................293 

FIGURE 5-15: 3GHz Pattern read/write test ...................................................................294 

FIGURE 5-16: Block diagram of the test bench used for equalization tests ...................295 

FIGURE 5-17: PMD emulator circuit block diagram and eye diagram ..........................297 

FIGURE 5-18: Analysis of the PMD circuit’s cable delays and attenuators. ..................298 

FIGURE 5-19: Equalization at 500MHz for short sample patterns .................................299 

FIGURE 6-1: Measurement of veyeopen and Vm on an eye diagram ..................................306 

FIGURE 6-2: Spectrum of PRBS data with varying amount of filtering ........................308 

FIGURE 6-3: Transient sim. for accuracy and response time characterization ..............312 

FIGURE 6-4: Results of accuracy and response time characterization. ..........................312 

FIGURE 6-5: A pattern parsed 175km waveform generated by Optiwave .....................316 

FIGURE 6-6: An eye diagram for the signals of Figure 6-5 is shown ............................317 

FIGURE 6-7: Critical patterns at 175km are compared and overlaid .............................318 



 

 xiv 

FIGURE 6-8: Chart used to find patterns that will generate errors. ................................320 

FIGURE 6-9: The optimum eyeopen is located at the optimum sample time .................322 

FIGURE 6-10: The maximum eyeopen at all three ACTUAL sample times ..................323 

FIGURE 6-11: BER vs. link length of a long-haul fiber-optic link.................................326 

FIGURE 6-12: BER vs. link length of a fiber-optic link varying power .........................328 

FIGURE 6-13: A 3-element vector used to describe the input to the equalizer ..............329 

FIGURE 6-14: 3-D plotting of the analog input vector. ..................................................330 

FIGURE 6-15: 3-D plotting of the analog input vector in Matlab ..................................330 

FIGURE 6-16: Output of a “box” simulation developed for BER analysis ....................332 

 



 

 xv 

LIST OF TABLES 

TABLE 3-1: Equalizer configurations considered in scaling studies ..............................173 

TABLE 4-1: Equalizer die inputs and outputs, as limited to 32-pin package .................192 

TABLE 4-2: Preliminary power budget from estimates of unit cells ..............................204 

TABLE 4-3: Final power budget of DPR Equalizer ........................................................252 

TABLE 6-1: List of possible patterns for a 3-bit sample window ...................................315 



 

 xvi 

ACKNOWLEDGEMENTS 

To my advisor, Prof. Peter Asbeck 

Sincerest thanks to my advisor and committee chair, Prof. Peter Asbeck, for his 

technical support and guidance over the last decade of study. Prof. Asbeck brought me 

into his research group as a young inexperienced undergraduate circuit designer and 

basically made me the designer and researcher that I am today. Infinite thanks for all your 

time and efforts, I have learned so very much from you over the years, and I will always 

be grateful. 

To my Ph.D. Committee 

Thank you so very much for participating in my doctoral studies here at UCSD 

and contributing greatly at my qualifying exam and Ph.D. Defense. Your comments and 

insight are greatly appreciated. Thank you for believing in my research and my ability as 

a researcher. 

A very special thank you 

A very special thank you to Peter Zampardi, Charles Chang, Hongxiao Shao, 

Jeremy Rode - these friends and colleagues of mine made immense contributions to this 

Dissertation on a technical level and put a great amount of effort into seeing me graduate. 

Theresa Leyva of Skyworks Solutions – I am indebted to you for many many hours of 

help. Thank you to Prof. Sorin Voinigescu, Prof. Tony Chan Carusone, Gopal Raghavan, 

Zhihao Lao, and Steve Beccue for technical conversation and help including circuits and 

systems advice that improved my ability and understanding of the problems at hand. To 



 

 xvii 

KC Wang, Ravi Ramanathan, and Ken Weller; thank you so very much for the constant 

encouragement all the financial support that was essential to me completing my studies. 

To Skyworks, UCSB, and Optiwave 

I would like to acknowledge Skyworks Solutions Inc for the fabrication of the 

GaAs IC and assistance in prototyping. Prof. John Bowers at UCSB and Dr. Sheng-Zhou 

Zhang for access and assistance with the simulator FOLD. And of course, I am very 

grateful to Optiwave Systems Inc. for granting me access to Optisystem software which 

proved to be an essential tool in the most critical signal analysis of this Dissertation. 

To my family 

The support from my family throughout this time is immeasurable. My parents 

continued to feed me and put a roof over a head as I lost hair and grumbled around the 

house because of my graduate school projects. Even as they watched my room pile up 

with garbage because I no longer had time to clean, they still continued to love and 

support me, although my mother and brother yelled at me frequently for this. Somehow 

thought all of it, my parents created an environment that stimulated both my brother and I 

to aim for our Ph.D’s. I need to thank my family for always being there to support me 

financially when I “stumbled” along the way. My brother fixed all my cars for me during 

my Ph.D. career and straightened me out when I needed to be. In the end, I have no idea 

how Mom, Pop, and Marco put up with me as I pushed my way through this. But so glad 

I could make you proud after all this time. Love you guys very much. 

To my friends and colleagues 

To Prof. Asbeck’s High Speed Device Group - finally it is time to GAGTHOH! I 

was helped so much along the way by Robb Johnson, Ed Chen, Rebecca Welty (thanks 



 

 xviii 

especially for helping me make Equalizer board v1.0!), Gary Hanington, Matt Wetzel, 

Charles Chang, Jeff Kaiser, Calogero Presti, and Nick Farcich… and don’t forget Nick – 

you’re next to graduate! And it’s been fun for me to help the newer generations of HSDG 

students along the way: Yu Zhao, Tsai-Pi Hung, and Johana Yan. At Skyworks Solutions, 

besides the people I’ve specially thanked the list is very long: Nick Cheng, Hugh Finlay, 

Kevin Choi, Kai Kwok, Cristian Cismaru, Mark Banbrook, Doel Roy, Caroline Sequeira, 

and Ziv Alon are just a few that have helped or had to put up with me. To Karen 

Wiktorowicz: isn’t it incredible that after all these years, our graduation vs. retirement bet 

finally ended up in a tie? 

To my close friends that have encouraged me so much along the way, thank you. I 

cannot forget to send a special thanks to Claudia Lugmair, Laura Saitta, Glen Kobayashi, 

Crystal Lau, Damiano Buscemi, Sandro Saitta, Chicca Martinelli, Cecilia Stagni, and 

Valentina Marchetti. If you helped me along the way and you are not on this short list, 

you know who you are and I thank you for being there for me. 

 

Co-authored material: 

Chapters 4 and 5 in part co-authored by Prof. Peter M. Asbeck and in part published as: 

A. G. Metzger ,  P. M. Asbeck, “A Nonlinear Electronic Equalizer Implemented 

in InGaP/GaAs HBT Technology for Dispersion Compensation of Gigabit Optical 
Fiber Links”, Compound Semiconductor Integrated Circuit Symposium, Nov. 

2006, pp: 145-148. 

A.G. Metzger, P.M. Asbeck, “A 64-bit High-Speed Read-Write Look-Up Table 
Memory Implemented in GaAs HBT”, Bipolar/BiCMOS Circuits and Technology 

Meeting, Oct. 8-10, 2006 pp: 1-4.  



 

 xix 

VITA 

2011: Doctor in Philosophy in ECE, University of California, San Diego 

2002 - Present: Senior Design Engineer, Skyworks Solutions Inc. 

2000 - 2002: Design Engineer, Conexant Systems / Mindspeed Tech. Inc. 

1999: Master of Science in ECE, University of California, San Diego 

1995: Bachelor of Science in ECE, University of California, San Diego 

 

PUBLICATIONS 

[1] C. D. Presti, A. G. Metzger, H. M. Banbrook, P. J. Zampardi, P. M. Asbeck, 
“Efficiency Improvement of a Handset WCDMA PA Module Using Adaptive Digital 

Predistortion”, 2010 IEEE MTT-S International Microwave Symposium Digest 
(MTT), Issue Date: 23-28 May, 2010, pp: 804 - 807 

[2] A.G. Metzger, R. Ramanathan, J. Li, H.C. Sun, C. Cismaru, H. Shao, L. Rushing, 
K. P. Weller, C.J. Wei, Y. Zhu, A. Klimashov, Y.A. Tkachenko, B. Li, “An 

InGaP/GaAs Merged HBT-FET (BiFET) Technology and Applications to the Design 
of Handset Power Amplifiers”, IEEE Journal of Solid-State Circuit, vol. 42, no. 10, 
October 2007. 

[3] Y. Zhao, A.G. Metzger, P.J. Zampardi, M. Iwamoto,; P.M. Asbeck, “Linearity 

Improvement of HBT-Based Doherty Power Amplifiers Based on a Simple 
Analytical Model”, IEEE Transactions on Microwave Theory and Techniques, vol 

54,  issue 12,  Part 2,  Dec. 2006, pp: 4479-4488. 

[4] R. Menozzi, E. De Iaco, G. Sozzi, P. Cova, N. Delmonte, P. Zampardi, K. Kwok, 
C. Cismaru, A. Metzger, “Electro-thermal simulation of semiconductor devices and 
hybrid circuits”, Conference on Optoelectronic and Microelectronic Materials and 

Devices, Dec. 6-8, 2006, pp:1-6. 

[5] A. G. Metzger ,  P. M. Asbeck, “A Nonlinear Electronic Equalizer Implemented in 

InGaP/GaAs HBT Technology for Dispersion Compensation of Gigabit Optical Fiber 
Links”, Compound Semiconductor Integrated Circuit Symposium, Nov. 2006, pp: 

145-148. 



 

 xx 

[6] A.G. Metzger, P.M. Asbeck, “A 64-bit High-Speed Read-Write Look-Up Table 
Memory Implemented in GaAs HBT”, Bipolar/BiCMOS Circuits and Technology 
Meeting, Oct. 8-10, 2006 pp: 1-4. 

[7] C.J. Wei, A. Metzger, Y. Zhu, C. Cismaru, A. Klimashov, P. Zampardi, R. 
Ramanrata, Y.A. Tkachenko, “DC/RF and Statistic Modeling of Four Terminal 

InGap/GaAs Bifet for wireless application”, European Microwave Integrated Circuits 

Conference, Sept. 10-13, 2006, pp: 300 – 303. 

[8] Tsai-Pi Hung; Metzger, A.G.; Zampardi, P.J.; Iwamoto, M.; Asbeck, P.M.;, 
“Design of high-efficiency current-mode class-D amplifiers for wireless handsets”,  

Transactions on Microwave Theory and Techniques, IEEE, Vol. 53,  Issue 1,  Jan. 
2005, pp: 144-151. 

[9] Tsai-Pi Hung; Metzger, A.G.; Zampardi, P.J.; Iwamoto, M.; Asbeck, P.M. “High 

efficiency current-mode class-D amplifier with integrated resonator”, IEEE MTT-S 
International Microwave Symposium Digest, June 6-11, 2004, Vol. 3, pp. :2035 – 
2042. 

[10] M. Iwamoto, A. Williams, P.-F. Chen, A. Metzger, L. E. Larson, P. M. Asbeck, 
“An extended Doherty Amplifier with High Efficiency over a wide Power Range”, 

IEEE Transactions on Microwave Theory and Techniques, Dec 2001. 

[11] M. Iwamoto, A. Williams, P.-F. Chen, A. Metzger, C.-Z. Wang, L. E. Larson, P. 
M. Asbeck, “An extended Doherty Amplifier with High Efficiency over a wide 

Power Range”, IEEE MTT-S 2001 International Microwave Symposium Digest, vol 
2, May 2001, p. 931-934. 

[12] J. Keyzer, J. Hinrichs, A. Metzger, M. Iwamoto, I. Galton, P. Asbeck, “Digital 

Generation of RF Signals for Wireless Communications with Band-Pass Delta-Sigma 
Modulation”, IEEE MTT-S 2001 International Microwave Symposium Digest, vol 3, 
pp. 2127-2130. 

[13] A. G. Metzger, C.E. Chang, K.D. Pedrotti, S.M. Beccue, K.C. Wang, P.M. 
Asbeck, “A 10-Gb/s High-Isolation, 16x16 Crosspoint Switch Implemented with 
AlGaAs/GaAs HBT’s”, IEEE Journal of Solid State Circuits, vol. 35, (no. 4), April 
2000, p. 593-600. 

[14] P. Yu, P. Asbeck, D. Ralston, A. Metzger, Y. Kang  “Optoelectronic receivers with 

Application to Photonic ADCs”, IEEE Lasers and Electro-Optics Society, vol 1, 13th 
Annual Meeting, Nov 2000, p.258–259. 

[15] G. Hanington, A. Metzger, P. Asbeck, H. Finlay, “Integrated DC-DC converter 
using GaAs HBT technology”. Electronics Letters, vol.35, (no.24), IEEE, 25 Nov. 

1999. p.2110-12. 



 

 xxi 

[16] C.E. Chang, K.C. Wang, A. Campana, A. Metzger, P.M. Asbeck, S.M. Beccue, 
"High Speed Cross-Point Switches", International Journal of High Speed Circuits, 
vol.9, (no.2), World Scientific, June 1998. p.505-548. Additionally released as book 
chapter: K.C. Wang, editor, “High-Speed Circuits for Lightwave Communications”, 

World Scientific, 1999. 

[17] K.D. Pedrotti, C.E. Chang, A. Price, S.M. Beccue, A.D. Campana, G. Gutierrez, D. 
Meeker, D. Wu, K.C. Wang (Rockwell Science Center) A. Metzger, P.M. Asbeck 
(UCSD), D. Huff, N. Kwong, M. Swass (Ortel), S.Z. Zhang, J. Bowers (UCSB), 
"WEST 120Gb/s 3x3 Wave Division Multiplexed Crossconnect", 1998 Optical Fiber 
Communications (OFC) Conference, Feb 23-25, San Jose, CA, TuJ7.  

[18] C. Chang, K.D. Pedrotti, A. Price, A.D. Campana, D. Meeker, S.M. Beccue, D. 
Wu, K.C. Wang (Rockwell Science Center), A. Metzger, P.M. Asbeck (UCSD), D. 
Huff, N. Kwong, M. Swass (Ortel), S.Z. Zhang, J. Bowers (UCSB), "40 Gb/s WDM 
Cross-Connect with an Electronic Switching Core: Preliminary Results from the 
WEST Consortium", 1997 IEEE Lasers and Electro-Optics Society (LEOS) 
Conference, Nov 10-13, 1997, San Francisco, CA, pp. 336-337. 

[19] A. Metzger, C.E. Chang, P.M. Asbeck, K.C. Wang, K. Pedrotti, A. Price, A. 
Campana, D. Wu, J. Liu, and S. Beccue, "A 10Gb/s 12x12 Cross-Point Switch 
Implemented with AlGaAs/GaAs Heterojunction Bipolar Transistors", 1997 GaAs IC 
Symposium Technical Digest, Oct 12-15, Anaheim, CA, pp. 109-112. 

[20] K.C. Wang, S. Beccue, C. Chang, K. Pedrotti, A. Price, K. Runge, D. Wu, R. Yu, 
P.M. Asbeck, A. Metzger "HBT technologies and circuits for TDM and WDM optical 
networks", 1996 IEEE Lasers and Electrro-Optics Society (Leos) Conference, Nov 
18-19, 1996, Boston, MA, pp.209-10 vol.2. 



 

 xxii 

ABSTRACT OF THE DISSERTATION 

 

An Electronic Equalization Technique for Nonlinear Dispersion 

Compensation in Optical Fiber Communications Links 

 

by 

Andre G. Metzger 

 

Doctor of Philosophy in Electrical Engineering (Applied Physics) 

University of California, San Diego, 2011 

Professor Peter M. Asbeck, Chair 

 
 

Gigabit optical fiber communications channels typically exhibit linear and 

nonlinear distortion as a result of non-ideal transmitter, fiber, receiver, and optical 

amplifier components. Transmitted data bits begin to spread and overlap as a result of 

chromatic and polarization-mode dispersion in the fiber, which is exacerbated by the 

finite spectral width of the modulated optical source. The pulse spreading is pattern-

dependent and thus can be characterized as intersymbol interference, with associated 

jitter influenced by the bit rate, component choices, and link length. Any uncompensated 

link has a maximum data rate and/or maximum transmission length beyond which 

irresolvable bit errors will be incurred; compensation is required to further increase data 
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rates and/or extend transmission length. Optical correction methods are effective for 

chromatic dispersion compensation but are difficult to implement for polarization-mode 

dispersion, which can vary over time and atmospheric conditions. Electronic equalization 

on the receiver side of the link is an attractive low cost conceptual solution, but is 

complicated by the nonlinearities introduced by the magnitude-squared response of the 

optoelectronic receiver. 

This work describes the development, analysis, and implementation of a 

technique for purely electronic compensation of both linear and nonlinear distortion 

mechanisms. The proposed circuit is composed of one or more Analog-to-Digital 

Converters (ADCs) and a Look Up Table (LUT) memory. Samples of photodetector 

output signal data taken at various points in time are fed to the LUT which links received 

vectors to an estimate of the transmitted pattern. The size and complexity of the design 

can be scaled and its configuration can be optimized for the compensation of a particular 

fiber channel. 

A high-speed electronic equalizer, composed of 3 independent and bypassable 

2-bit ADC’s and a 64-bit LUT, has been demonstrated in this work using InGaP/GaAs 

HBT technology. The circuit includes a novel memory cell design to implement the LUT.  

With optimized settings, the equalizer is able to distinguish between transmitted 1’s and 

0’s up to 5GHz with dispersion over 3 bit periods, using select distortion examples for 

which a standard decision circuit fails. 

A method to approximate the Bit Error Rate (BER) of the equalized system is 

applied to analysis of the equalization technique using extensive fiber simulations and a 

numerical equalizer model. The results indicate that the best results can be obtained when 
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the fiber communications channel is tuned to optimize transmission. In these conditions, 

system simulations indicate that the system with the equalizer can outperform systems 

with a standard decision circuit by extending transmission lengths in some cases as much 

as 60% at 10Gbps. 

 



CHAPTER 1: Introduction 

1.1. Overview 

Mankind has become increasingly dependent on the transmission of large 

amounts of data over large spatial distances, but as data rates increase traditional 

networks are challenged. Over modest distances, the attenuation of conventional coaxial 

cable and twisted pair connections are becoming ever more impractical as bit rates are 

extended [1.1-Booth]. Optical fiber, on the other hand, can handle high bit rates with very 

low loss. But even optical fiber networks suffer from significant nonidealities that result 

in bandwidth limitations for fiber-optic communications channels. This thesis work 

describes a new technique to optimize the performance of fiber-optic channels; this 

chapter focuses on understanding the fundamental problems, provides a review of 

existing performance enhancing techniques, and summarizes the research results of the 

thesis 

This chapter reviews current lightwave communications systems, with particular 

focus on long-range systems, along with the most prominent optical fiber and component 

nonidealities. Imperfect transmitter, receiver, and optical amplifiers are considered, but 

the primary focus is placed on the optical fiber’s distortion mechanisms. Of particular 

interest are the linear and nonlinear components of the fiber’s frequency dispersion 

characteristics, but other distortion mechanisms that effect data transmission are also 

reviewed. These linear and nonlinear distortion mechanisms can be directly associated 

with bit errors at the output. The discussion proceeds to describe methods to mitigate 

1 
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these problems with system upgrades are that include changes in the optical components 

and/or electrical components. Methods to increase the transmission bandwidth on 

existing fiber links that require minimum infrastructure upgrades are particularly 

advantageous. Electronic equalization on the receiver side is reviewed as an attractive 

option; known linear and nonlinear equalizer topologies are discussed. The limitations of 

a practical circuit building blocks needed for the implementation are discussed. At the 

end of the chapter, the research accomplishments in this thesis are reviewed, and a 

description of the organization of the remainder of the thesis is provided. 

 

1.1. Fiber Optic Networks 

1.1.1. Introduction 

To meet the tremendous demand for transmitted data that is expected in the near 

future, existing fiber links and related technologies must be pushed beyond their current 

limitations or completely overhauled. The volume of data transported over fiber networks 

is fueled by demands for faster transmission of bandwidth-intensive applications such as 

multi-media broadcasting, remote data networking, online gaming, and high-definition 

video broadcasts. 
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(a)     (b) 

Figure 1-1: (a) optical fiber (b) transports large quantity of data through modern computer 
networks 

 

Fiber links are categorized by their length and data rate; requirements and 

available budget varies greatly as function of these two parameters as well as the number 

of users or subscribers. Long-haul links connect cities or countries and are at least 50km 

in length. Metro links, more formally known as Metropolitan Area Networks (MAN), are 

1-50km in length and connect nearby cities [1.2-Ghani]. The multiple-subscriber 

environment of long-haul and metro links allows the use of high-end transmitter and 

receiver components, and upgrades of these components can be made with little budget 

impact on a per-user basis. But this is certainly not the case for the optical-fiber of metro 

and long-haul links; transmitters and receivers are few and far in between when 

compared to the extensive amount of fiber in the ground or under the sea. Even in a large 

multiple-subscriber environment, the cost of a fiber upgrade is notable. Fiber links under 

1km in length are more varied in form and function; this “short-range” sector includes 

general use Optical Ethernet, campus networks, as well as very specialized high speed 

parallel computer mainframe interconnects. Here the budget is more of a function of the 

application and end-user. 
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In the design of long-haul and metro optical-fiber communication links, the 

nonidealities of the fiber require that a compromise be reached between data rate and 

transmission distance; in other words, higher data rates are possible over shorter links. 

Industrialized countries of the world are currently upgrading long-haul fiber links with 

data rates of 155 and 622 Megabits per second (Mbps) to systems supporting 2.5 and 10 

Gigabits per second (Gbps) [1.3-Odlyzko, 1.4-Nouchi]. In many cases existing fibers can 

support higher data rates when used with modern transmission, amplifier, and receiver 

technologies. But when the optical fiber of the link is outdated, longer links can be 

challenging to upgrade even when modern transmission components are used. Upgrading 

fiber lines can be very expensive, possibly on the order of a million dollars per mile. The 

installation of an intermediate transmit/receive station is also costly and not always 

possible. As a result, very often the objective is to find ways to maximize the data rate 

and/or transmission length using the existing fiber. 

 

 
Figure 1-2: Workers installing fiber-optic cables in trenches. 

 

Even more modern optical fibers have nonidealities that must be coped with. 

Though it is not possible to use fiber designed for 2.5Gbps and lower for links at 40Gbps 
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and above, challenges exist when trying to upgrade more modern long-haul 10gbps 

systems to 40Gbps and higher. As bit rates are increased, nonidealities become apparent 

in long stretches of even the best available optical fibers; minute imperfections can 

become prohibitive limitations. The challenge of how to maximize the data rate without 

compromising data integrity remains. 

Next generation short-range serial lightwave communication systems will be able 

to handle data rates in the 80-100 Gbps range, as evidenced by recent calls for 100 Gbps 

Ethernet (100GE) [1.5-Duelk, 1.6-Dickson]. Short-range optical communications for 

commercial markets and military applications differ from long-haul because a fiber 

upgrade over a short distance is far less restrictive in terms of cost. In addition, because 

short-range communications are either peer-to-peer or all subscribers are locally present, 

techniques such as coding can readily be used to increase the integrity of data 

transmission. This is very different from short-range applications designed for home use, 

where the cost of high-end optical components may be well beyond the target cost of the 

system. To make high speed optical transmission links available to the general public, the 

use of low cost fibers, transmitters, and receivers must be considered. 

The work of this thesis is primarily focused on improving the transmission length 

and integrity of long-haul optical fiber links, but it will be apparent that some of the 

concepts will be applicable to metro and short-range optical interconnects, Optical 

Ethernet, and other general purpose optical communications links. 
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1.1.2. Components of an optical fiber link 

A basic long-haul optical fiber communications link is shown in Figure 1-3(a). 

The components are an intensity modulated electrical-to-optical converter, length(s) of 

optical fiber, one or more optical amplifiers, and an optical-to-electrical converter. The 

optical amplifiers are almost exclusively Erbium Doped Fiber Amplifiers (EDFAs). Most 

long-haul systems will use a semiconductor laser source, which ideally is fixed single 

frequency (a coherent source) source, and an optical modulator that acts as a shutter. The 

optical fiber for a long-haul link is usually Standard Single Mode Fiber (SSMF), but 

could also be a more modern single-mode fiber with superior transmission characteristics. 

The optical receiver is usually a light sensitive diode that is biased as a detector. The 

photodetector converts incident optical energy into electrical current. The optical receiver 

is followed by a transimpedance amplifier that converts and amplifies small current 

spikes to a 50ohm driver, a limiting amplifier that adaptively amplifies this signal, and 

last, a Clock and Data Recovery (CDR) circuit. In the longer link of Figure 1-3(b), a 

repeater station with CDR function is included at a midpoint of the link, which could also 

be representative of a network hub or TDM/WDM switch point. 
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Figure 1-3: Components of a long-haul optical fiber communications link (a) with intermediate 
optical amplifier (EDFA) and with (b) intermediate repeater station with CDR. 

 

1.1.3. Modulation format and spectral bandwidth; impact on CDR 

Fiber systems use digital amplitude modulation to optically transmit data down a 

length of fiber, similar to an AM radio broadcast but with only two (digital) states. The 

optical transmitter, nominally broadcasting at 1.55m fixed wavelength, is intensity 

modulated by the gigabit data stream. This form of optical intensity modulation is known 

as On OFF Keying (OOK) and is graphically depicted in Figure 1-4. Though other 

transmission schemes such as phase/frequency modulation are possible and may have 

some advantages, these data formats are not presently used in commercial applications 

[1.7-Agrawal]. 
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(c)

(b)

(a)

(c)

(b)

(a)

 
Figure 1-4: Graphical depiction of an optical source that is ON-OFF Keyed by a digital data 

stream; (a) the digital signal to be transmitted is multiplied with the (b) the carrier 
signal at 1.55m to produce the (c) OOK modulated signal to be transmitted. 

 

Ideally, the optical source is at a single frequency (known as a coherent source) 

and the spectral width of transmitted optical signal is the same as that of the digital data 

being transmitted. The transmitter is ideally a coherent (single frequency laser) optical 

source that is turned ON-OFF by an electronic driver. Alternatively, the transmitter 

consists of a coherent source whose optical emission is turned ON-OFF by an optical 

modulator, operating like an optical shutter to the laser source. 

 



 9

freq

am
pl

itu
de

f

ideal
real

 
Figure 1-5: Bandwidth of an ideal “coherent” single frequency optical source to an imperfect 

source, such as a VCSEL or LED (see Section 1.2.8.2). 

 

Serial data can be transmitted in either Non-Return to Zero (NRZ) or the Return 

to Zero (RZ) format [1.8-Sunnerud]. The NRZ format transmits a single data bit with 

every clock cycle, for example a 10Gbps NRZ data stream features a 10GHz clock, but 

the fundamental frequency of the transmitted data being transmitted is only 5GHz. The 

RZ format, infrequently used in fiber-optical data transmission systems, inserts a zero 

between every bit being transmitted, and thus the data stream has a fundamental at 

10GHz. The clock frequency’s strong presence in the spectrum of RZ signals improves 

the response of CDR circuits in these systems. But NRZ format is considered most 

advantageous because the reduced bandwidth of the data results in less stringent 

requirements on the modulation and receiver components. But a potential problem with 

NRZ format is that long strings of 1s or 0s will result in a total absence of any transitions, 

making it difficult for a CDR to acquire a clock from the incoming data stream. When the 

data is heavily dispersed or distorted, the assumption that a jitter-free clock can be 

extracted and properly centered on the incoming NRZ data signal may be overly 

optimistic [1.17-Razavi]. 

Figure 1-6(a) shows a transient waveform of a pseudo-random digital data 

sequence. The bandwidth limitations of the system cause the rising and falling edges of 
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the ideal pulse sequence to be smoothed. An eye diagram is constructed by triggering the 

x-axis to retrace on a multiple of the clock frequency, in this case every once every three 

clock cycles. In the case of Figure 1-6(b) the eye is open, indicating that 1’s and 0’s can 

be correctly distinguished. In the power spectrum plot of Figure 1-6(c), we see that in 

fact NRZ data has a zero at the clock frequency. The RZ format (not shown) would have 

a peak at the clock frequency. 

 

(b)

(a)

(b)

(a)

     
(a),(b)      (c) 

Figure 1-6: (a) Transient waveform and (b) eye diagram of pseudo-random data source (c) the 
frequency spectrum of NRZ data has a zero at the clock frequency. 

   

1.1.3. Transmission standards for multiplexing and switching multiple 

data streams 

Fiber-optic communications links are almost exclusively based on digital 

modulation of an optical source, optical transport, direct detection with a photodiode, and 

electrical switching systems. A network of fiber-optic links can be established as a ring or 

set of point-to-point interconnects between various locations. Local networks are linked 
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to national and international networks through network switching stations, where 

common communication standards must be applied to transmit, direct, and decode the 

data at the various levels of digital hierarchy. 

Long-haul optical-fiber communications systems must allow the transmission of 

multiple data streams on the same line to maximize the throughput and divide the cost of 

the expensive systems. Multiple data signals are combined using Time, Frequency, and 

Code Division Multiplexing (TDM, FDM, and CDM). The SONET (Synchronous 

Optical Network) telecommunications standard is based on TDM. It was developed to 

facilitate international communications in the 1980’s [1.9-Agrawal]. Today, SONET 

remains the core telecommunications infrastructure standard in North America, Europe, 

and Asia [1.10-Ramaswami]. SONET Optical Communications (OC) standards such as 

OC-12 (622 Mbps), OC-48 (2.5 Gbps), OC-192 (10 Gbps), and OC-768 (40 Gbps) are 

established formats. 

Modern systems take advantage of FDM to further expand the bandwidth of TDM 

communications links. Optical signals at multiple frequencies, or optical wavelengths, are 

combined in parallel and transmitted across the same fiber link. In fiber-optics, this is 

more commonly known as Wavelength Division Multiplexing, or WDM. Early WDM 

systems were able to transmit 2-4 wavelengths, or colors, down the same fiber channel, 

and because unlike electrical signals, the optical signals do not interfere, the transmission 

bandwidth of the same fiber could be doubled or even quadrupled. Modern Dense WDM 

(DWDM) techniques can be used to produce communications channels containing 100 or 

more wavelengths for a net data transport of up to a terabit per second [1.11-Ciena]. In 

these systems, an individual optical transmitter and individual detector are dedicated to 
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each color, which are precisely tuned to the desired wavelength. In practice, the colors 

are all in the infrared spectrum and the signals are closely spaced in a very narrow 

transmission band about the 1.55m wavelength, where the attenuation of optical fibers 

is at a minimum. 

CDM has applications in current short-range transmission systems; it is attractive 

for high speed LAN because many users can simultaneously transmit data over a 

common fiber channel [1.12-Zhang]. Though coding will be discussed, CDM is not 

readily applicable to current long-haul communications systems. 

 

1.1.4. Switching systems, optical amplifiers, and repeaters (Clock and 

Data Recovery) 

Electrical switching systems make the most practical and flexible network 

communication hubs, in particular when a fiber channel takes advantage of WDM. In this 

manner, appropriate data channels can be selected from specifically tuned receivers and 

electronically directed to the properly tuned optical transmitter. An early implementation 

of such a system was demonstrated as part of the DARPA funded WEST program, WDM 

with Electronic Switching Technology, and is depicted in Figure 1-7  [1.13-Pedrotti, 

1.14-Chang]. This system used a programmable high speed electronic crosspoint switch 

to direct data from one channel to the next [1.15-Metzger]. 
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Figure 1-7: WEST – WDM with electronic switching technology 

 

Research in purely optical transport systems have shown that peer-to-peer links 

with very high data rates are possible. Multi-path optical switches have been 

demonstrated  [1.16-Agilent] and make a network of optical links possible. Optical 

switch systems have some applications, but in a practical multiple-subscriber 

telecommunications system, frequent conversion to and from the electrical domain is 

needed to add, drop, or combine electronic data channels with the fiber network. Because 

of this, the commercial viability of purely optical transport and switching systems is 

limited by cost and flexibility. The reliance of modern systems on electronics for switch 

operations is noteworthy in regard to the context of this thesis. 
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Still, there are frequently cases in long-haul optical communications when the 

optical signal strength must be restored but conversion to the electrical domain is not 

required. In these situations, an optical amplifier can be used. In other circumstances, 

both the signal strength and the signal integrity must to be restored. Currently, data 

restoration must be performed in the electrical domain. Repeater stations or network 

switch hubs use Clock and Data Recovery circuitry (CDR) to generate a clock signal 

from the incoming data, and then the CDR uses this clock to identify and regenerate the 

digital data [1.17-Razavi]. This both replenishes signal amplitude and restores the Signal 

to Noise Ratio (SNR) to acceptable levels. Ideally, a repeater is placed at a network hub 

such that the signal regeneration function can be combined with de-serializing, switching, 

serializing, and data re-routing. Here again, reliance on the electrical domain is 

noteworthy. 

The regular conversion to and from the electrical domain enables the use of 

relatively low-cost electronics to perform additional functions. From this perspective, one 

can begin to see the value of researching electronic signal processing techniques to 

extended data rates over existing fiber lines as an alternative to the use of bulky and 

expensive optical techniques with the same objective. Though optical solutions may be 

more effective, they are not as flexible or easily tuned as electronics. It is clear that any 

improvement that can be made in the electronic domain may go beyond simple cost 

savings. An additional advantage is that additional circuitry may be readily integrated 

with existing electronics on the transmitter or receiver side. 
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1.2. Transmission in Optical Fibers 

1.2.1. Introduction 

A fiber-optic communications channel is composed of a number of components, 

all with their own particular nonidealities, any one of which can limit the data rate or 

maximum transmission distance. In long-haul systems where many miles lie between 

repeater stations, often the fiber-optic cable itself is the largest limitation. In these cases, 

the maximum bit rate or maximum transmission distance before the signal becomes 

corrupted depends on a number of effects, principally Chromatic Dispersion (CD) and/or 

Polarization Mode Dispersion (PMD). 

When fiber’s material characteristics are combined with the electromagnetic 

equations that represent propagation in optical waveguides, terms that represent non-zero 

Group Velocity Dispersion (GVD) are revealed. Most GVD problems are linked to 

systems using SSMF, where the CD minimum is at 1.3m, but systems must operate at 

the attenuation minimum and EDFA operational frequency of 1.55m. Because the signal 

being transmitted has finite bandwidth, CD causes transmitted pulses to progressively 

expand as the signal travels down a length of fiber. In a scenario with mild dispersion, the 

receiver’s decision circuit might require that its sampling point or its decision threshold 

be adjusted to achieve lowest bit error rate. In cases of strong CD, adjacent bits can 

spread to the point of overlapping, such that a standard decision circuit may no longer be 

able to correctly decode incoming data. Though CD is mostly linked to SSMF, PMD can 

distort outgoing waveforms even when modern fibers are used. At bit rates of 10Gbps 
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and greater, modern fiber links have trouble managing PMD and the pulse spreading that 

results can cause bit errors at the receiver. 

Received waveforms are also adversely affected by amplitude and impurity 

sensitive nonlinearities in optical fibers, interference phenomenon in multi-wavelength 

systems, bandwidth expansion of the optical source due to nonideal transmitter elements, 

and the loss of information that takes places during the optoelectronic conversion by a 

photodetector. The understanding of these elements is critical to the study of 

compensation systems. 

Additive noise increases the probability of error on the receiver. Noise is added to 

the system as the signal is converted from electronic to optical domains, transverses 

stretches of optical fiber, passes through optical amplifiers, and also when it is received 

by a nonideal photodiode. Complicating matters, during long stretches of fiber the 

signal’s amplitude is reduced by loss mechanisms, further degrading the signal to noise 

ratio. When the total noise in the system becomes comparable to the signal strength, bit 

errors at the receiver will exceed maximum allowable specifications.  The system’s Bit 

Error Rate (BER) can be calculated and used as a metric to evaluate the compensation 

techniques discussed in subsequent chapters. 

 

1.2.2. Basic signal propagation in optical fiber 

Optical fiber is made up of a silica core with a certain index of refraction 

surrounded by a thick cladding of slightly lower refractive index. This is shown in 

Figure 1-8(a). Signal propagation in optical fiber is explained with electromagnetic 
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theory, but simple optics can also be used to facilitate the understanding of signal 

waveguiding. 

When light passes from one medium to another, it changes direction according to 

Snell’s law 2211  sinsin nn  , where 1n  and 1 are the index of refraction and incident 

angle of the entrance media, and 2n  and 2  define the exit media [1.18-Ramo]. When the 

incident angle is larger than the critical angle c , all light will be reflected back into the 

entrance media; this condition is known as total internal reflection. Setting  902 , the 

critical angle is solved in radians as: )arcsin(
1

2
1 n

n
c  . Typical values for the index of 

refraction of optical fiber core and cladding are n1 = 1.5 and n2 = 1.48 respectively. This 

results in a large critical angle, but the small core diameter ensures that the incident angle 

remains close to 90 . Thus, only a subtle difference in index is sufficient results in 

forward propagation as indicated in Figure 1-8 (b), which graphically depicts a situation 

with two modes.  
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Figure 1-8: (a) Cross section of an optical fiber and (b) propagation by total internal reflection 
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1.2.3. Single Mode vs. Multimode Optical Fibers 

The two main categories of fiber used in lightwave communications are defined 

by the modes that can be supported; these are Multimode Fiber (MMF) and Single-Mode 

Fiber (SMF). The fiber’s core diameter determines the number of electro magnetic modes 

the fiber can support. MMF features a relatively large core (≥ 50 microns) that allows the 

use of lower precision connectors and components; this facilitates alignment to 

transmitters and receivers thereby reducing assembly costs. The smaller core of SMF 

(<10 microns) necessitates more expensive connectors and interconnection methods. 

MMF is the lowest cost solution, but is a poor choice for long-haul and most 

metro links. MMF is affected by Modal Dispersion, a dispersive distortion that can 

greatly limit the bandwidth and length of the link. Different modes propagate with 

slightly different velocities down the fiber (characterized by the Fiber’s Differential 

Mode Delay - DMD), but the differences are great enough that the resulting pulse 

spreading can cause excessive bit errors to occur at transmission distances as short as 200 

meters when transmitting at 10Gbps, even when the source is a near ideal optical 

modulator [1.19-Diyana]. As a result, MMF is only taken into consideration for 

short-range links, and increasingly it is being substituted out in favor of the more 

economical variants of SMF. 

For high speed data transmission over long distances, the only reasonable choice 

is SMF. For very high speed data transmission over short distances, SMF is also the best 

choice. The diameter of the SMF’s core is chosen such that only a single Transverse 

Electromagnetic (TEM) mode can be excited, though wave equations reveal that SMF 

supports two orthogonally polarized TEM solutions of the mode [1.18-Ramo]. With 
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DMD completely eliminated, bit rates and transmission distances can be dramatically 

extended when compared to MMF. But SMF also has its limitations. The most notable of 

these are attenuation, Chromatic Dispersion, and Polarization Mode Dispersion. 

 

1.2.4. Loss Mechanisms in Single Mode Fibers 

The loss mechanisms in SMF relate more to the manufacturing process and the 

intrinsic properties of silica material than to the specific design of the fiber’s core and 

cladding. The attenuation minimum of pure silica is near 1.55m, as indicated in 

Figure 1-9 [1.20-Agrawal]. But a significant component of the loss in optical fibers can 

be attributed to (Rayleigh) scattering caused by the impurities in the silica, [1.21-

Tsujikawa]. Traces of residual water are the source of the dominant OH impurity. More 

specifically, the absorption peak of the indicated loss profile matches the peak absorption 

of OH molecules; OH is formed when hydrogen atoms, originating from residual H2O, 

combine with oxygen in the glass. Improving the fabrication process can reduce impurity 

presence in the fiber and increase transmission range, but the minimum loss at 1.55m is 

set by the intrinsic properties of the silica. As a result, long-haul fiber links must operate 

at 1.55m. EDFAs can be designed to perform well at this wavelength, so at least loss 

can be well accounted for. 
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Figure 1-9: Attenuation vs. wavelength in SSMF. Intrinsic loss (indicated by the dashed line) is 
from material absorption in the silica. The total loss profile (solid line) includes 
scattering from impurities, such as residual water vapor [1.20-Agrawal]. 

 

1.2.5. Chromatic Dispersion in Standard Single Mode Fibers and 

Dispersion Shifted Fibers 

Standard Single-Mode Fiber (SSMF) uses a single index of refraction shift 

between core and cladding to perform optical waveguiding. SSMF was deployed 

extensively in the 1980’s and 1990’s and makes up a very large percentage of fiber 

currently in the ground and undersea. But SSMF systems are afflicted with an inherent 

Chromatic Dispersion problem that can be very troublesome at bit rates of 2.5Gbps and 

above. The problem stems from SSMF’s dispersion minimum at 1.3m, which does not 

equal to the wavelength for minimum loss that occurs at 1.55m (where the systems must 

operate). 
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Chromatic Dispersion (CD) refers to the fact that optical signals at different 

frequencies propagate with different velocities. As a result, a modulated optical signal 

(such as shown in Figure 1-10) which is composed of a range of frequencies covering the 

transmitted signal’s bandwidth or greater, will be distorted after propagating over a 

sufficiently long fiber. A primary result of CD is slow rise and fall times (edge rates), this 

can lead to increased pattern dependent jitter (see Section 1.2.11). When pulses overlap 

over transmission distances less than the standard length between optical repeaters, data 

will be lost in the transmission. 

 

Intersymbol interference
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Figure 1-10: Graphical representation of chromatic dispersion over a communications channel. 

 

Silica fibers show a slight variation in refractive index n as a function of 

wavelength. This is the source of Chromatic Dispersion (also known as Group Velocity 

Dispersion) in SSMF. The variation can be predicted for silica fiber with models based 

on the Sellmeier equation [1.22-Ghosh]. The index n vs. wavelength is plotted for fused 

silica in Figure 1-11  [1.23-Goff].  
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Figure 1-11: Index of refraction vs. wavelength for silica fiber: this variation is the source of 

Chromatic Dispersion in SSMF [1.23-Goff]. 

 

The velocity of light in a material with index of refraction is predicted by n
c

p  . CD is 

a variation in velocity of transport vs. frequency. The plot indicates that shorter 

wavelengths, or blue portion of the spectrum, have refractive index less than longer 

wavelengths, or red portion of the spectrum; thus blue signals travel slower than red 

signals in the fiber, causing pulses to be spread. 

Since the deployment of SSMF, engineers have developed more advanced SMF 

structures to reduce the adverse effects of CD. Dispersion Shifted single-mode Fiber 

(DSF) has a multi-layer cladding structure; the multiple index steps in the cladding tune 

the optical propagation parameters such that the CD minimum of the fiber is shifted to 

1.55m. This almost completely eliminates transmission problems related to CD. Fibers 

have also been engineered to produce a strong negative dispersion coefficient at 1.55m. 

Spools of Negative Dispersion of Fiber (NDF) can be used to counter the effects of CD in 
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lightwave systems. This approach and other techniques to manage CD will be reviewed 

in Section 1.3.2. 

Figure 1-12 shows a plot of chromatic dispersion vs. wavelength for SSMF and 

DSF. The dispersion coefficient for SSMF, which is derived in Section 2.2.3, is noted as 

zero at = 1.31m, but it is notably positive, 15 kmnm
ps

  at = 1.55m. DSF is 

engineered to be zero at = 1.55m where losses are minimum and EDFAs operate. The 

plot also notes other engineered fibers types denoted as NZ-DSF, or non-zero DSF. Such 

fibers can be used to make positive or negative corrections to dispersion in a fiber link; to 

be discussed further in Section 1.3.2. 
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Figure 1-12: The Chromatic Dispersion coefficient D of SSMF, with a minimum at 1.3m, is 
compared to that of DSF with a dispersion minimum at 1.55m [1.23-Goff]. 
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1.2.6. Polarization Mode Dispersion in Single Mode Fibers 

Manufacturing tolerances and environmental conditions can also limit the 

performance of SMF. When the SMF is perfectly symmetric, both allowed TEM 

polarizations have the same propagation constant. But practical fiber is birefringent, as 

shown in Figure 1-13. The slightly imperfect symmetry between x-axis and y-axis results 

in two minutely different propagation constants, which can result in severe pulse 

spreading at high bit rates. This problem is known as Polarization Mode Dispersion. 
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Figure 1-13: Practical fiber is birefringent due to slight asymmetries between x and y axis. This 

leads to Polarization Mode Dispersion (PMD), which results in pulse spreading. 

 

With any transmitted signal, the power is divided between the two polarization 

modes, as shown in Figure 1-14(a). If the propagation constant differs between the two 

modes, the portion of the signal in one polarization mode will travel faster down the fiber 

than the portion of the signal in the alternate polarization, as indicated in Figure 1-14(b). 

Pulse spreading between modes is on the order of 0.5ps/km, or 50ps over 100km of fiber, 

so PMD is not really a concern below 10Gbps, but it represents an increasingly difficult 

problem as bit rates are increased to 10Gbps and above [1.24-Cisco]. Fortunately, over 
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the length of the fiber link, variation in birefringence causes signal power to be shifted 

back and forth between polarization modes such that actual pulse spreading seen at the 

output is lower than the worst-case analysis given.  

 

  
(a)      (b) 

Figure 1-14: SSMF supports two orthogonal modes. (a) symmetric propagation modes are an 
intrinsic part of birefringent SSMF (b) asymmetric propagation modes leads to PMD 

 

PMD is difficult to predict or to control; it has been known to gradually shift over 

time as a connection ages, or shift more rapidly when tracking changes in ambient 

temperature and barometric pressure. And because polarization angle changes rapidly, it 

is not safe to assume that there is sufficient power in any one of the polarizations at the 

receiver side, so it is not possible to simply filter out one polarization and use only the 

other, both must be used. PMD problems can be addressed by improvements in the SMF 

and PMD compensation techniques. Fibers with tighter manufacturing tolerances can 

reduce the effects of PMD. Alternatively, specialized or Polarization Maintaining Fibers 

(PMF) have been engineered to help equalize propagation constants and/or manage the 

two TEM modes in SMF. In PMF, the symmetry is strongly broken (e.g. a highly 
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elliptical core) such that the polarization along the principal axis is maintained all the way 

to the output [1.25-Damask]. Since the second polarization is never excited, PMD does 

not occur. But such fibers have practical problems, such as higher losses than ordinary 

SMF and higher costs. PMD compensation techniques will be discussed further in 

Section 1.3.2. 

It is also necessary to give note to Polarization Dependant Loss (PDL). The 

analysis of the interaction between PMD and PDL is becoming an important topic for 

recent optical networks, where several optical components have PDL. Losses related to 

polarization changes are usually insignificant when single optical components or fiber 

links are considered, but when the additive effects of multiple daisy-chained components 

are considered, PDL combined with PMD effects cause problems at the receiver that are 

difficult to predict. Methods for estimation of PMD induced distortions have to be 

modified to account for PDL effects [1.26-Gisin]. 

 

1.2.7. Other Nonlinearities Resulting from SMF Transmissions 

The fiber nonidealities reviewed to this point have predominantly linear 

characteristics. In Section 1.2.10 it will be shown that data recovery can be complicated 

after direct detection by a photodiode that, as per the diagram of Figure 1-15, is placed 

before the receiver’s decision circuitry. But there are additional fiber nonidealities to be 

considered that can add significant amount of distortion to a fiber channel’s output, 

including prominently nonlinear response characteristics. Fiber nonlinearities fall into 

two general categories: those related to material scattering and those related to co-
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propagation in a multiple channel environments such as WDM. The fiber nonidealities 

mentioned in this section will be alluded to at various times in this thesis work; specific 

equations and derivations are included in referenced texts and publications. 

In Section 1.2.4, losses due to OH impurities were seen to be a dominant loss 

mechanism in optical fibers at wavelengths shorter than 1.55m. Nonlinearities related to 

material scattering are derived from the interaction of light waves with impurities in the 

silica and molecular vibrations (phonons) in the silica. Rayleigh scattering, a major 

source of fiber losses, is an example of elastic scattering where the frequency of the 

scattered light remains unchanged [1.7-Agrawal]. When the scattering is instead related 

to vibrations associated with optical phonons of the impurities, the effect is called Raman 

scattering; acoustical phonons are instead associated with Brillouin scattering [1.27- 

Smith]. The two processes are not much concern for lightwave systems at low channel 

powers because the amount of power loss through spontaneous scattering is relatively 

small. However, they become stimulated when higher power level signals are passed 

through the fiber and they affect the performance of lightwave systems considerably [1.7-

Agrawal].  Raman and Brillouin scattering effects are compounded as a function of the 

amplitude of the optical photon stimulation; feedback effects between the optical 

intensity and the phonons result in a nonlinear amplitude and phase distortions [1.7-

Agrawal, 28-Urquhart, 29-Ruffin]. The resulting distortion effects are known as 

Stimulated Raman Scattering (SRS) and Stimulated Brillouin Scattering (SBS).   

In contrast to Rayleigh’s scattering, which is elastic (causes only losses), SRS and 

SBS have inelastic scattering that causes downward frequency shifts of the transmitted 

signal. Both SRS and SBS are understood to be the result of a conversion of a photon to a 
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lower-energy photon such that the energy difference appears in the form of a phonon. 

SRS is attributed to optical phonons, or vibrations of silica molecules, while SBS is 

attributed to acoustic phonons [1.7-Agrawal]. The distortions are amplitude as well as 

frequency sensitive because the impurity’s energy absorption profile might be greater at 

one part of the signal’s spectrum than the next. 

 It can be shown that there will be a slight dependence of the refractive index in 

the fiber as a function of light intensity. In fact, detailed analysis of signal propagation in 

SMF with the Nonlinear Schrödinger Equation reveals this effect that could be described 

as an undesired intensity dependent phase shift. This phenomenon is referred to as Self 

Phase Modulation (SPW) because the signal propagating inside a nonlinear medium is 

able to modulate its own phase. The nonlinear phase shift increases with the link length 

and is further enhanced by EDFAs, where signal amplitudes are either higher or being 

amplified [1.7-Agrawal]. 

In a system where more than one frequency is transmitted such as with WDM, 

nonlinearities result from a phenomenon known as Cross-Phase Modulation (XPM). 

XPM involves nonlinear phase shift proportional to the power of a co-propagating 

channel. In the case of multi-channel systems, XPM is calculated from the entire set of 

co-propagating channels [1.7-Agrawal].  When two or more channels are transmitted 

simultaneously over the same fiber, a distortion related to inter-channel crosstalk can 

occur known as Four-Wave Mixing (FWM). Fundamentally, FWM can be viewed as a 

scattering process in which two photons of interfere. FWM is reduced by carefully 

spacing the channel separation, where equally spaced channels result in the largest 

amount of FWM [1.7-Agrawal]. 
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1.2.8. Electical to optical conversion - transmitter technologies 

1.2.8.1. Transmitter technologies and modulation techniques 

A modulated optical source is used to upconvert the digital data to be transmitted 

to the optical wavelength. This process of electrical to optical conversion is often less 

than ideal; important metrics are the maximum switching speed, the spectral width of the 

optical source signal, and the width of the modulated data’s spectrum. An optical source 

at the desired wavelength is required, usually 1.55m, and modulation controller. If the 

optical source has a finite spectrum or it’s phase and/or frequency shift during 

modulation, other distortion mechanisms in the fiber link can be accentuated. 

The highest quality transmitters make use of a single-frequency optical source 

that is steady-state ON, whose light output is modulated by an optical shutter, known as 

an optical modulator. The modulator is driven by an electrical data signal, creating an 

OOK source for fiber transmission.  This modulation techniques are shown in 

Figure 1-15(a). 
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(a)      (b) 

Figure 1-15: Electrical data (baseband) is multiplied with a carrier at 1.55m to produce the 
modulated data using either (a) Direct Modulation vs. (b) optical modulation 
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Direct Modulation (DM) is a less expensive solution because only a single optical 

element is used to perform both the function of the source and the modulator. An OOK’d 

signal is created when the optical source (a semiconductor laser) is directly modulated 

between ON-mode and OFF-mode by an electrical driver (Figure 1-15(b)). The resulting 

signal will however be less ideal than the externally modulated case, and can have 

overshoot, undershoot (shown in Figure 1-16), and frequency chirp, which will be 

discussed in Section 1.2.8.2. DM edge-emitting laser systems are readily applicable to 

2.5Gbps long-haul systems, but can limit performance of systems at 10Gbps [1.30-

Wedding]. 

 

 
Figure 1-16: Overshoot and undershoot of the amplitude of a directly modulated optical source 

[1.23-Goff] 

 

1.2.8.2. Edge-Emitting Lasers 

An edge-emitting laser is the most practical choice for the source of a high 

performance medium or long-haul system is a laser. Edge-emitter semiconductor lasers 

have sufficient power and performance for fiber-optic applications, and specialized 

structures have been developed that further increase the coherence and lasing efficiency.  
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A standard Fabry-Perot edge emitting InGaAsP/InP laser diode can be designed 

to operate at 1.55um. The PN junction is degenerately doped such that a forward bias on 

the diode brings the Fermi levels to a state of “population inversion”, as indicated in 

Figure 1-17(a) and 1-17(b) [1.31-Neamen]. A semiconductor laser is thus “pumped”, or 

given the energy needed for lasing, by the forward biased diode current. The 

manufacturing is relatively inexpensive as the wafer cleave provides naturally reflective 

facets at each end of the laser cavity, as shown in Figure 1-17(c) [1.31-Neamen]. When 

biased above the lasing threshold current, the laser has stimulated emission at the 

bandgap energy, or Ebg = h, where Plank’s constant h = 6.626 x 10-34 is given in joules-

seconds and the optical frequency 
cv   is determined by the wavelength  and speed 

of light c. 

 

  
(c) 

Figure 1-17: A heterojunction laser diode (a) degenerate doping profile (b) population inversion 
at lasing threshold (c) edge emitting laser diode [1.31-Neamen] 
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For fiber optic applications, more modern Distributed FeedBack (DFB) or 

Distributed Bragg Reflector (DBR) edge emitting laser structures are preferred. These 

structures integrate a diffraction grating directly into the structure, as shown in 

Figure 1-18. In the DFB laser, the Bragg grating is separated from the active section of 

the diode. The tuning of the Bragg grating is a key part of the design. Only a select 

wavelength is reflected back into the cavity, forcing a single resonant mode within the 

laser [1.32-Verdeyen, 1.33-Bruce]. This results in a stable, very narrow bandwidth 

output. DFB lasers can also be fine tuned, typically under 5nm, by controlling the 

temperature of the laser diode cavity [1.34-Tromborg]. A DFB laser has a spectral width 

as small as 1230nm when operated in CW mode, but can also perform well in a directly 

modulated DM system.  

In a DBR laser the Bragg grating is integrated with the “gain section”. Like the 

DFB, the grating pitch controls the resonant wavelength of the structure. Once 

manufactured, the DBR can also be actively tuned by controlling the temperature of the 

laser diode cavity, and the results produce a wider tuning range [1.33-Bruce]. But a DBR 

is more expensive to fabricate than the DFB. The DFB has the additional advantage of 

requiring less threshold current to operate and in general can achieve higher output 

powers than a DBR. 
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(a)      (b) 

Figure 1-18: Photo of a cleaved (a) InGaP/GaAs DFB and (b) DBR edge-emitting laser diode 

 

When a laser source is Directly Modulated, spectral broadening can occur as a 

result of amplitude overshoot, undershoot, or ringing problems, as was shown in Figure 

1-16. For the most part this ringing can be reduced or completely removed by tuning (for 

example, low-pass filtering) the output characteristics of the electrical driver. But during 

the ON-OFF transitions, the modulated output of the laser can also show a finite amount 

of frequency overshoot and/or undershoot. This frequency shifting is known as the 

frequency chirp of the laser, and is shown graphically in Figure 1-19 [1.35-Huff]. Laser 

chirp is much more challenging to contain, and the spectral broadening worsens the 

effects of Chromatic Dispersion by increasing the spectral content of the modulated 

signal. But the chirp patterns are also strongly pattern dependent. If not properly 

accounted for, laser chirp can thus have a significantly negative impact on the BER of a 

communications channel [1.36-Kim]. 
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Figure 1-19: Positive and negative frequency chirp of a directly modulated laser [1.35-Huff]. 

 

1.2.8.4. Modulator technologies 

To avoid most of the problems associated with Direct Modulation, an optical 

modulator is used. Mach-Zehnder (MZ) and Electro Absorption (EA) modulators are 

discussed in this thesis. Both EA and MZ modulators have superior bandwidth and then 

DM laser sources. External modulators can be bulky, though integrated DFB laser/ EA 

Modulators have been demonstrated and are available. Transmitters based on optical 

modulators remain generally too expensive for short-range and consumer applications but 

very practical for medium and long-haul systems requiring the state-of-the-art 

performance. MZ modulators are more expensive to manufacture than most EA 

modulators and are relatively bulky, but provide the best possible performance.  

The Mach-Zehnder Modulator is constructed from a MZ interferometer built from 

waveguides and couplers on a Lithium Niobate (LiNbO3) substrate [1.37-Soref]. The 

optical input signal, such as one provided by a DFB laser emitting constant power at a 

single wavelength, is split into two arms before being recombined in a coupler (see 
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Figure 1-20). The optical path lengths in the two arms are nearly identical, and without 

external stimulus the signals in the two arms of the MZ interferometer are in phase and 

interfere constructively at the output; this will be referred to as the ON state. To modulate 

the optical signal, a slight difference in path length is created using the electro-optic 

effect; an applied voltage induces a change in refractive index of the LiNbO3 material 

[1.10-Ramaswami]. Depending on the applied voltage, the optical signals split down the 

two paths of the MZ modulator will be recombined either constructively (ON state) or 

destructively (OFF state). In the OFF state, a  phase shift is introduced between the two 

arms of the modulator, leading to destructive interference and nothing at the output. 

The LiNbO3 MZ modulator is the preferred choice for long-haul systems as it 

produces the least amount of nonlinear distortions during ON-OFF Keying. Narrow 

bandwidth MZ Modulators have been used to demonstrate fiber links of record distances 

and record rates. But LiNbO3 MZ modulators require an electrical driver with both high 

performance and high voltage swing requirements. This generally excludes Silicon based 

technologies for the driver; GaAs or InP based hybrid traveling wave amplifiers are 

sometimes required to drive the modulator [1.38-Wang]. MZ modulators can also have 

frequency chirp induced by residual phase modulation effects [1.39-Brosson, 1.40-

Koyama], but the chirp of an MZ modulator can be controlled relatively well, which can 

be used to the advantage of the system designer [1.41-Penninckx]. A Multiple Quantum 

Well (MQW) MZ Modulator structure is one example of how the chirp of modulator can 

be tuned, in this case using bandgap engineering [1.42-Yu].   
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Figure 1-20: Schematic diagram of a Mach-Zehnder modulator [1.10-Ramaswami]. 

 

An Electro-Absorption Modulator is also designed and tuned using waveguiding 

and bandgap engineering. The EA modulator has inferior performance when compared to 

the MZ modulator, but is more compact and less expensive to integrate into a system. 

Publications have demonstrated clear superiority of the EA Modulator over direct laser 

modulation. EA modulators have the key advantage that they can be switched with 

voltages sufficiently low to be driven by less-specialized silicon technologies. As a result, 

the EA modulator shows strong potential for integration onto micro-modules with silicon 

multiplexers and drivers. 

The EA Modulator is typically implemented as an edge-cleaved MQW bandgap 

engineered waveguide structure that can be manufactured in a process similar to that used 

in DFB laser diodes [1.43-Dagli]. The laser source is aligned such that light must pass 

through the EA Modulator before reaching the optical-fiber’s input. The EA Modulator 

operates by the Franz-Keldysh effect; an electric field applied to electrodes on the 

modulator results in shrinking the bandgap. The change in bandgap modifies the 

absorption spectrum of the EA modulator, causing incident photons at the wavelength of 

interest to be absorbed or transmitted [1.10-Ramaswami]. And because the InGaAsP/InP 

material system is compatible for both DFB and EA Modulator components at 
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=1.55m, in some cases an EA modulator can be integrated with a DFB laser [1.44-

Johnson]. An schematic drawing of an integrated DFB / EA Modulator structure is shown 

in Figure 1-21 [1.45-Dagli].  EA modulators also suffer from some frequency shifting 

during modulation, but unlike the MZ modulator the chirp of the EA modulator is 

difficult to engineer [1.45-Kim]. 

 

           
Figure 1-21: Schematic of a DFB laser integrated with an EA modulator [1.45-Dagli] 

 

The switching speed of the EA modulator is limited by the capacitance of the 

electrode which forms an RC time constant with the impedance of the electrical driver 

and/or the electrical transmission line impedance. Higher-performance EA modulators 

can be made as a traveling waveguide structure [1.46-Kawano, 1.47-Chiu]. In this 

variant, the electrode capacitance is designed as part of the transmission line being 

driven. In this manner, the electrode capacitance is distributed and the RC time constant 

does less to limit the modulator switching speed [1.43-Dagli]. 
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1.2.8.5. Low cost solutions 

When needs are less stringent, such as a source for a short-range or inexpensive 

multimode system, one can make use of VCSELs (Vertical Cavity Surface Emitting 

Lasers) or LEDs (Light Emitting Diodes) as the optical source. These merit consideration 

because of size, cost, and manufacturing advantages, but the applications must be able to 

tolerate a wider spectral width and lower peak intensities. It would be unusual to find a 

lower quality optical source such as a VCSEL or an LED used with an expensive optical 

modulator; these sources are more likely to be used in directly modulated systems [1.48-

Larsson]. It will thus be expected that the transmission bandwidth will be limited by the 

switching speed of the VCSEL or LED. The lower peak output power relative to DFB 

lasers limits the usefulness of VCSELs and LEDs to short-range or LAN fiber 

applications [1.23-Goff]. The particularly slow response times of LEDs make them very 

difficult to use other than in commercial applications with bit rates lower than 270Mb/s 

[1.23-Goff]. 

VCSEL technology, where the reflective facets are made from vertically grown 

superlattices, has considerable manufacturing advantages when compared to 

edge-emitting laser technology. VCSEL performance has improved considerably over 

recent years, but the spectral width, efficiency, and peak power level is still sub par 

compared to that of edge-emitting lasers [1.32-Verdeyen]. But VCSELs have the 

advantage of enabling parallel integration; an attractive option when transmitter arrays 

are considered. VCSELs are being researched for applications involving high speed 

parallel optical links between mainframe computers and/or large data storage systems 

[1.49-Savage]. 
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Figure 1-22: A basic Vertical Cavity Surface Emitting Laser (VCSEL) structure [32-Verdeyen]  

 

LEDs are of interest for short-reach links and multi-mode consumer discretionary 

product developments where cost is just as important as performance, if not more [1.50-

Randel]. An LED can be directly modulated for such applications, but its broad spectrum 

make it a very poor choice for anything other than a short-range link or a consumer item.  

 

   
(a)    (b) 

 
 (c)    (d) 

Figure 1-23: Spectral width of optical sources at 1.3nm (a) edge emitting Fabry-Perot (b) edge-
emitting DFB laser (c) surface-emitting LED, and (d) edge-emitting LED [1.23-Goff] 
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1.2.9. Optical Amplifier technologies 

The invention of the EDFA in the late eighties gave significant momentum to the 

development of modern fiber-optic communication systems. An in-line optical amplifier 

can be used to restore signal amplitude without conversion into the electrical domain, but 

a fiber-amplifier will not remove any linear or nonlinear distortions that build up along 

the length of the fiber transmission (see Section 1.1.4). The Erbium-Doped Fiber 

Amplifier (EDFA) is very effective in-line optical amplifier for both short and long-haul 

fiber-optic communications links. EDFAs operate well at 1.55m where SSMF fiber has 

a minimum loss, but dispersion is nonzero.  The basic configuration for incorporating the 

EDFA in an optical fiber link is shown in Figure 1-24; an optical pump and coupler are 

required. Considering losses only, the amplified signal can be transmitted through some 

60-100km before further amplification is needed [1.51-Alegria] 

 

 
Figure 1-24: An EDFA is incorporated into the link using a coupler to combine the pump signal 

with the incoming and outgoing fiber line [1.51-Alegria]. 

 
 

Ionized Erbium in silica glass results in the formation of three energy levels as 

shown in Figure 1-25. A pump laser is used to promote electrons to from E1 to E3. 

Electrons at E3 rapidly decay to E2 and then spontaneous photon emission occurs as the 
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electrons randomly drop to from the E2 to the E1 energy state. The spectrum that can be 

amplified by this process, or gain spectrum, is broadened by Stark band splitting effects; 

and the dopant Erbium one is able to achieve gain at wavelengths from 1.5m to 1.6m 

[1.10-Ramaswami].  

 

 
Figure 1-25: Three energy levels of Erbium ions Er3+ in silica glass. The up-arrows indicate 

pump wavelengths, down-arrows the wavelength of emission 

 

An EDFA has additive noise and will also amplify any existing noise that was 

generated in the transmission system. The principal source of noise in EDFAs is 

Amplified Spontaneous Emission (ASE), which has a spectrum approximately the same 

as the gain spectrum of the amplifier. Noise figure in an ideal Fiber Amplifier is 3 dB, 

while practical EDFAs can have noise figure as large as 6-8 dB [1.52-Mears]. 

To amplify at 1.3m system designers have the option to use Semiconductor 

Optical Amplifiers (SOAs) or Raman Amplifiers [1.10-Ramaswami]. The SOA is a 

device similar to a semiconductor laser diode. The incident light is amplified within a 

cleaved semiconductor diode structure. SOAs are not as effective amplifiers as EDFAs, 
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but have applications in DWDM. The Raman Amplifier uses Stimulated Raman 

Scattering to provide amplification, where the fiber-nonlinearity (SRS) is excited by a 

high power laser. The Raman Amplifier can be designed to operate over a fairly wide 

range of frequencies but is not commonly used in fiber-optic transmission systems. 

 

1.2.10. Optical to electrical conversion, receiver technologies 

1.2.10.1. Photodetectors and Direct detection 

For electronic communications, a fiber-link must be terminated with a device that 

can convert light energy to electrical energy. Direct detection with a photodiode is the 

most practical way to convert optical energy to electrical pulses. Unfortunately some 

information needed to reconstruct the original signal is lost in the process. 

In a simple AM radio, the signal is carried as the envelope of an RF carrier signal. 

A diode detector on the radio receiver, a square law detector (see Figure 1-26(a)), tracks 

the envelope power and thus extracts the signal being broadcast. The phase information 

of the carrier is lost. OOK’s modulation for fiber-optic system was described in 

Section 1.1.3, and has many similarities with AM radio, including the detector’s 

response. A photodiode also follows square-law detection; the output current is directly 

proportional to the magnitude squared of the incident optical energy. If Xopt(t) is the 

incident photon intensity, excluding amplification or loss in the photodetector, the output 

after direct detection, ydd(t), will be:     2
tXty optdd   where Xopt(t) is the incident optical 

energy and ydd(t) is the output current from the direct detection circuit. This output 
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current can be converted to a 50-hm environment with a transimpedance (TIA) and 

preamplifier / Limiting Amplifier stage. 

 

1.2.10.2. The PN and PIN Photodiode detector and Avalache photodiode 

A slab of direct-bandgap semiconductor material of length L will absorb a 

percentage of incident photons at an intrinsic wavelength defined by the energy bands of 

the material. Electron-hole pairs will be generated in the material, which can be 

converted to an electrical sense current (process described in Figure 1-26(b-e)). The 

efficiency of the conversion is determined by the efficiency parameter: 

L

in

abs e
P

P   1       (1.1) 

where  is the absorption coefficient of the material. Without an applied bias, the 

generated electron-hole pairs will recombine in natural relaxation processes. But if the 

absorption occurs in the depletion region of a reverse biased diode, the electron-hole pairs 

are swept away by the electric field and become an electric current. The performance of a 

photodiode can be in part characterized by its responsivity,  , which is defined by the 

average amount of current Ip that is produced from incident optical power Pin:  

24.1
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where  is the is the wavelength of the carrier frequency fc, h is Plank’s constant, e is the 

charge of an electron, and c is the velocity of light in a vacuum [1.10-Ramaswami]. The 

output current of the diode is inp PI  , and the units are AmpsWatts
Watts

Amps
 .  Since 
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the input to the diode is power (light intensity), then Ip is proportional to Volts2, and the 

photodiode is shown to be a square law detector. 

 

 

(b)
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(a)     (b) 

Figure 1-26: (a) PN-junction diode’s I-V curve indicating square-law region of operation. 
Photovoltaic effect on p-n junctions. PN junction diode: (b) showing majority carrier 
holes and electrons. (c) with reverse-bias applied (d) simplified band diagram in 
reverse-bias (e) incident photon creates an electron-hole pair; carriers swept away by 
electric field as reverse-bias current. 

 

To increase the responsivity of a photodetector diode, a lightly doped intrinsic 

semiconductor layer is introduced between the P-type and N-type semiconductors, 

creating a PIN diode. The depletion region, where electron-hole pairs are readily 

generated, is spread over the entire intrinsic semiconductor area. By this means, the PIN 

diode is more efficient device for light absorption than a PN junction diode, and the 

optical-fiber’s output can be more easily aligned to a larger photosensitive target. Still, 

direct detection by photodiode can be challenging because the signal intensity of at the 

output of the fiber can be very small, especially for a long-haul link. For both the PN and 
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PIN diode, ultimately only one electron-hole pair can be generated for every incident 

photon that is absorbed. 

 

1.2.10.3. The Avalache photodiode detector 

The Avalanche Photodiode (APD) can be used to increase the optical to electronic 

conversion gain. If electron-hole pairs generated in the depletion region of the diode are 

subjected to a very high electric field, they can acquire sufficient energy to knock more 

electrons from the valence band into the conduction band, which can generate yet more 

electron-hole pairs. This process, known as avalanche multiplication, can result in very 

large currents and is sometimes uncontainable and/or self-destructive once initiated. An 

APD is specially designed to operate in avalanche mode and the responsivity of the 

photodetection is enhanced by multiplicative current gain, Gm. 

APDs can be bandwidth limited by carrier transit time, RC time, and avalanche 

build up time. A practical implementation of an APD is shown in Figure 1-27, where 

Kito et al. flip-chip mounted an APD onto a TIA and preamplifier to reduce parasitic 

loading and thus increase bandwidth [1.53-Kito]. With a resulting bandwidth of about 

7GHz, this is an example of an APD able to be used in a 10Gbps NRZ system. Using 

waveguide structures and the thinning of epi layers, the bandwidth of advanced APDs 

have been measured to be above 20GHz, suitable for 40Gbps NRZ systems [1.54-

Campbell]. 
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(a)       (b) 

Figure 1-27: (a) A typical APD structure for 10Gbps transmission, highlighting the micro-lens 
that must be aligned to the fiber output, and the epi-layers of the structure (b) 
bandwidth vs. multiplication factor for variants of the APD; the dashed line shows 
that the gain-bandwidth product of device variants are limited 80GHz [1.53-Kito] 

 

1.2.10.3. Phototransistors 

InP phototransistor technology is an alternative way to increase conversion gain 

in fiber receivers. A carefully designed epi-layer structure in the collector renders the 

reverse-biased base-collector junction sensitive to 1.m light. Light collected in the 

reversed biased base-collector junction is amplified by bipolar transistor action [1.55-

Sze]. The structure benefits not only from very high conversion gain, but also the 

photo-transistor can be integrated with transistor amplifier stages on the same die. The 

base of the transistor is typically left floating as shown in Figure 1-28, though a DC bias 

applied to the base has been show to improve the conversion gain [1.56-Chen] . The 

dimensions of the transistor must accommodate the output of the fiber or dimensions 

aligned to a lens structure. The speed of the phototransistor is limited by an RC time 

constant formed by the base-to-emitter capacitance Cbe and emitter load resistor Re. 

Phototransistors are not known to be as fast as photodiodes; so despite the benefits of 
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higher integration photodiodes remain the preferred choice for detection in high speed 

fiber-optic links. 

 

 
Figure 1-28: A symbolic representation of a phototransistor. The base is typically left open and 

the optical signal is absorbed in the epi layers of the special base-collector junction. 

 

1.2.10.4. Noise in the photodetector 

In addition to the photocurrent due to the signal, there are thermal and shot noise 

currents in generated in the photodetector. The total current generated by the PN, PIN, 

APD, or phototransistor is the combination of the signal current with the noise currents. 

Important to note, the noise carried on the input signal will also need to be included 

before any Bit Error Rate (BER) calculation is attempted. Photodetector noise can be 

analyzed in a steady-state environment with a constant optical power applied. The total 

output signal current Itot is equal to the constant response current Ic and the varying noise 

thermal noise current it and shot noise current is: stctot iiII  . Noise in PN and PIN 

diodes are dominated by the thermal component, and thermal noise is white. The thermal 

noise in a photodetector is determined by the Johnson noise of the resistance of the load 

being driven, where the load is a critical part of the detector-TIA design. Because of this, 

the optical to electrical converter cannot be characterized with a thermal noise figure 
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unless the TIA is included. If the useable frequency response of the coupled response of 

the photodetector and TIA is defined by the bandwidth Be, the Boltzmann’s constant kB, 

temperature T, TIA load resistance RL, then the thermal noise current has variance: 

   eLBthermal BRTk42       (1.3) 

The dominant noise source of active detectors such as the APD or phototransistor 

is the shot noise component. The bandwidth of the shot noise is also white across the 

useable bandwidth of the photodetector, but the response of the photodetector is Gaussian 

vs. frequency, thus the shape of is vs. frequency follows suit (as is it vs. frequency). In 

APDs, the increased shot noise contribution specifically arises from the random nature of 

the avalanche multiplicative gain. APDs with higher gain comes at the cost of higher 

noise figures, highlighting a necessary trade-off in APD design. If the active 

photodetector’s bandwidth is Be, an electron’s charge is e, and the (noise-free) constant 

current response is Ic, the variance of shot noise is given by ecshot BeI22  . 

 The total noise added by the photodiode or phototransistor is summed as follows: 

thermalshotpd
22        (1.4) 

 

1.2.10.3. Nonlinear analysis of direct detection 

Direct detection is a process that inherently eliminates phase information [1.57-

Winters]. This can be explained by examining the signal envelope and carrier frequency, 

as labeled in Figure 1-29. Fiber transmission and its associated nonidealities occur at and 

around =1.55m, the carrier wavelength. The envelope of the OOK signal alone does 

not reveal the specific phase and frequency content of carrier signal. 
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carrier signal
at =1.55m

envelope
carrier signal
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Figure 1-29: Analysis of a OOK modulated optical signal shows how phase and frequency 

content is contained in the carrier at =1.55m, which is the wavelength at which 
fiber nonidealities operate. 

 

If the fiber has 1st order chromatic dispersion causes pulse spreading. In the 

optical domain, this distortion is purely linear. The rising and falling edges of the pulses, 

containing higher frequency components, will travel at a slower rate through the fiber, 

causing pulses to spread over a length of SSMF. The higher frequency content of the 

edges is equivalently represented by phase changes in the signal. As the signal travels 

down the fiber, the phase changes in the signal are shifted due to CD, resulting in 

amplitude changes in the envelope; in short, the distortion is PM-to-AM. 

To completely remove the distortion at the output, the received signal must be 

passed through the inverse transfer function of the fiber link. But because the carrier 

signal’s specific phase information is lost, the exact transfer function cannot be recreated. 

If the chromatic dispersion was purely an AM-to-AM distortion, this would not be 

problematic. However, because the transmission has PM-to-AM distortions, it is not 

possible to recreate the inverse transfer function of the fiber transmission without the 

carrier signal’s phase information. 
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1.2.10.3 Coherent Detection 

A coherent detector combines the optical signal of interest with a signal from 

local fixed-wavelength source through an optical hybrid mixer; the response is then sent 

to a photodetector as shown in Figure 1-30 [1.58-Becker]. When the phase and 

polarization of the two sources are perfectly matched the input signal is amplified and the 

power seen by the photodetector is given by: 

         tffaPPaPtfPtfaPtP LOcLOLOLOcr   2cos22cos22cos2
2

     (1.5) 

 
where P is the input signal power, PLO the local oscillator power, and a = 1 or 0 

depending on the bit being transmitted, and fc carrier frequency, and flo the local oscillator 

frequency [1.10-Ramaswami]. Unlike direct detection where the output signal is 

proportional only to the output power, it is clear that in coherent detection the resulting 

photodiode current is proportional to the optical field [1.59-Winters]. The two incident 

signals are in fact converted to an electrical signal at a microwave frequency by the 

photodiode [1.60-Gagnon]. 

 

Photodetector

Laser

local oscillator

coupler

Signal Photodetector

Laser

local oscillator

coupler

Signal

 
Figure 1-30: A coherent detector combines the incoming light signal with a local oscillator 

through a coupler/ hybrid mixer and sends the response to the photodetector. 
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In practice, the phase and polarization mismatch between the local oscillator and 

input signal varies with time, and this can be problematic for this type of system. As a 

result, coherent detectors are seldom used in long-haul fiber-optic links. But an advantage 

of this receiver system is that much like a radio receiver, tuning the local oscillator also 

tunes the frequency selection, which can be useful for WDM systems. When the phase 

and polarization of the two sources are perfectly matched the input signal is amplified 

and noise at the receiver is basically limited to the shot noise of the local oscillator, which 

is also advantageous [1.58-Becker]. 

In contrast to direct-detection, it is possible to build a coherent detector system 

that extracts not only an optical signal’s amplitude information, but the phase and 

polarization as information as well [1.58-Becker]. A coherent detector of this nature 

would allow the complete transfer function of the fiber to be revealed after detection, 

making it possible to generate an inverse transfer function to correct the fiber’s 

distortions. If coherent detectors become more widely used in fiber-optic transmission, 

the retention of the phase information would be highly beneficial for electronic 

equalization schemes. Unfortunately coherent detectors capable of extracting both 

amplitude, phase, and polarization require frequent fine tuning and are costly, bulky, and 

sensitive to environmental changes. 

 

1.2.11. Eye diagram analysis and BER calculation 

 
The challenge with fiber transmission is preserving signal quality during the data 

transfer. An unknown digital input pattern of 1's and 0's should produce the same output 



 52

pattern with limited phase and amplitude variations vs. distance, otherwise data will be 

lost. To characterize the transmission quality, an eye diagram is generated. The x-axis of 

an oscilloscope is triggered by an exact multiple of the clock period, typically in the 

range of x1 to x3, such that multiple traces are registered and overlapped on the screen. 

Figure 1-31 shows an eye diagram that is triggered at x3 the clock period.  

 

Time Jitter Rise/Fall time

Noise Floor Maximize Eye Opening  
Figure 1-31: Jitter measurement from an eye diagram; as characterized by spacing between 

adjacent bit transitions or as the width of a bit transition. Jitter can be pattern 
dependent or pattern independent. 

 

Various critical parameters that characterize a data signal can be directly read off 

the eye diagram. Rise time, fall time, jitter, eye opening, and noise are indicated in the 

figure. If the transmission were perfect, the output would only be a time delayed exact 

replica of the input signal. But with nonideal components this is not the case, pattern 

dependant amplitude and pattern dependant time variations can distort the output, 

commonly known as inter-symbol interference (ISI). Amplitude variation is usually due 

to low-pass filtering, but can also come from overshoot and ringing in driver circuitry, 

both of which reduce the eye opening. Noise is introduced into the system, primarily 

from usage of active components, and the Signal to Noise Ratio (SNR) is degraded as the 

noise floor increases in amplitude relative to the signal strength. Phase variation with 
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time is called jitter; the point in time that defines the bit separation (in the middle of the 

bit transition region) becomes blurred and more difficult to define [1.61-Metzger]. The 

amount of time variation (in seconds) is a measure of jitter. Jitter also corrupts the 

response of clock recovery circuits, introducing unwanted phase variations into the 

extracted clock.  

In nonlinear transmission, bits can be affected by both the patterns that are ahead 

and behind it. For example, with classic memory effects (low-pass filtering) the shape of 

a transmitted bit associated with a 1 will be different depending on the pattern that it 

followed. When nonlinear fiber effects are considered, there can also be pattern 

dependant distortion based on the pattern coming after it. In Section 1.2.7 the 

interference effects of FWM distortions in multi-channel environments were considered, 

crosstalk from FWM may also add to jitter at the receiver. 

The quality of the transmission of any link can be characterized by the Bit Error 

Rate (BER). The BER is defined not as the number of error bits received per second, but 

instead as the average probability of identifying a bit incorrectly [1.7-Agrawal]. Most 

optical communication standards require a BER of less than 10-9. In Chapter 6 the BER 

of the system will be approximated from the ratio of the minimum eye opening to the 

maximum eye opening and the noise in the system. 
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1.3. Dispersion Compensation 

1.3.1. Introduction 

Non-compensated links have maximum data rates and/or maximum transmission 

lengths beyond which un-resolvable bit errors will be incurred. Dispersion compensation 

techniques play an important role in increasing the data content and transmission distance 

of optical fiber links. Optical, optoelectronic, and purely electronic dispersion 

compensation techniques have been developed to mitigate the effects of Chromatic 

Dispersion (CD) and Polarization Mode Dispersion (PMD). 

 Figure 1-32 provides simulation results showing the linear and nonlinear 

distortions that can be present at the receiver of a fiber-optic link. The simulation shows 

that the signal has been corrupted to the point that it may no longer be interpreted 

properly with a decision circuit alone at the receiver. 
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Figure 1-32: Simulation of an optical communications channel with linear and nonlinear 

distortion components. 
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When the fibers and components cannot be upgraded by physical or budget 

limitations, there are a number of techniques that have been developed to increase the 

tolerance of communications channels to linear and nonlinear distortion. Perhaps the 

most logical approach is to attempt to compensate for optical distortion directly in the 

optical domain before any phase information is lost by the photodetection. Optical 

dispersion compensation is usually based on a tuned crystal at the receiver side or a spool 

of specialized negative dispersion fiber on the receiver side. These techniques are very 

effective at removing effects of CD. But PMD and other fiber nonlinearities are not as 

predictable or as easy to manage using optical compensation techniques. 

Fine-tuning the optical modulator or laser driver using a technique sometimes 

known as Dispersion Supported Transmission (DST) can also enhance tolerance to fiber 

nonidealities. DST can be combined with optical or electronic dispersion compensation to 

achieve greater gains. There is also reason to consider system level changes to improve 

performance, such as what could be done introducing coding schemes or changing the 

transmission scheme completely.  

Electronic dispersion compensation may not be the most ideal solution to fiber 

dispersion problems, but it may be the most cost effective and most flexible. Also very 

important, because an electronic equalizer can in many cases be quickly retuned or 

reprogrammed, electronic dispersion compensation may be a more effective way to 

address PMD than optical dispersion compensation systems. A simple linear equalizer 

can be made with a series of passive filters. But when distortion takes place due to both 

linear and nonlinear mechanisms, a linear equalizer circuit at the receiver will not be able 
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to fully compensate the link, so architectures featuring nonlinear operations will also be 

considered. 

 

1.3.2. Optical dispersion compensation 

Optical compensation techniques offer an effective solution to CD and are 

frequently used to extend the bit rate in SSMF links [1.62-Jopson]. There are also more 

advanced optical compensation techniques in research and development that have also 

shown promise in mitigating the effects of PMD. But in general, optical compensation 

techniques are costly, sometimes bulky, and require custom tuning to compensate a 

specific link. Once configured, they are able to track only subtle variations in time at best. 

In addition, optical CD and PMD compensators are linear only, as discussed in 

Section 1.3.2, but fiber transmission results in both linear and nonlinear distortion 

components, suggesting that linear dispersion compensation is sometimes insufficient. 

In Section 1.2.5 it was revealed that SSMF has a positive dispersion coefficient. If 

a section of fiber with a strong negative dispersion slope were inserted on the receiver 

side of the link, much or all of the chromatic dispersion could be corrected before the 

conversion to the electrical domain. In concept, this seems like an ideal method to 

compensate for CD. The results can in fact be good, but they are unfortunately not ideal. 

Although the NDF has a strong negative dispersion coefficient, relatively long spools are 

required to compensate CD on long haul links and NDF is both lossy and noisy. As a 

result, to drive the NDF, one or more EDFAs are needed, which will add more collective 
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noise to the system. Another complication, NDF can also be susceptible to a large amount 

of PMD. 

A chirped optical filter element known as a Bragg Grating can be used to 

implement the inverse transfer function of CD. As an example, Garthe et al. demonstrated 

compensation using Bragg Gratings on a 160km SSMF link at 10Gbps [1.63-Garthe]. A 

Bragg Grating can be made as a stand-alone optical filter or with less expensive processes 

that combine the Bragg Grating within a (somewhat) standard optical fiber by chirping 

the doping profile. This profile can be made with the excitation of exposure 

photosensitive dopants. Thus a tuned manufacturing process must be developed to use 

Bragg Gratings in commercial applications, as every fiber link requires a different 

amount of compensation, depending on link components and length. But similar to NDF, 

though some vendors have found a way to mechanically tune the filter a small amount to 

track variations in the link, the tuning range is very limited in any such system, so it will 

be difficult or impossible to track variations over time. 

As discussed in Section 1.2.6, despite improvements in manufacturing and 

design, both SSMF and DSF remain afflicted by PMD, which are very difficult to predict 

and control at bit rates of 10Gbps. An Optical PMD compensation systems use a 

polarization controller to split the output of the fiber into the two principal polarizations. 

Then, a differential delay is applied before the two polarizations are recombined [1.64-

Yu]. In this method, the reverse transfer function of the PMD is generated. But because 

the PMD effects are somewhat random or time/temperature dependent, an active device 

that responds to feedback is required, making optical PMD compensation systems 

expensive and complex. One method to adaptively track correct for PMD is to use 
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mechanical elements to stress and squeeze a PMD sensitive fiber on the receiver side, just 

after the polarization splitting is done. The amount of PMD and polarization angle is 

tracked by low speed electronics, which use RF modulated transmissions on the same 

fiber link to track changes in PMD [1.65-Yi]. 

 

1.3.3. System upgrades as an alternative to dispersion compensation 

We have discussed the difficulties of increasing data rates on long-haul SSMF 

systems from OC-48 (2.5Gbps) to OC-192 (10Gbps). Migration to OC-768 (OC-768), 

even with optical dispersion compensation is difficult, as the CD of SSMF will cause the 

short 25ps to completely overlap over a relatively short length of fiber. Eventually, the 

only solution to further increase data rates will be an upgrade fiber lines and end-link 

technology (transmitters, receivers, and circuitry of repeaters/network/switch hubs). If we 

consider a four-fold increase in bit rate to be a “generation” of fiber link, it should be 

expected that system level changes that require new end-link technologies and sometimes 

new fibers every 2nd or 3rd generation. Though much of the end-link technology has 

changed, many fibers have been in place through 155Mbps, 650Mbps, 2.5Gbps 

generations. Of all recent upgrades, WDM technology may have made the greatest 

impact by dramatically increasing data throughput on existing fiber lines (see 

Section 1.1.3). 

A fiber upgrade from SSMF to DSF and/or PMF resolves problems related to CD 

and reduces problems related to PMD. DSF is already prominent in Japan, but less 

common in the United States. Studies have shown that modern fibers may be able to 
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provide excellent transport media for data rates up to and possibly beyond 160Gbps, but 

even with PMF there is not a clear resolution to the problems associated with PMD and 

the other fiber nonlinearities discussed in Section 1.2.7. With existing technologies, some 

form of dispersion compensation will be required, and optical dispersion compensation 

may not resolve all the problems that will be encountered going forward. Technology 

research that may change future system requirements are transmission systems operating 

at 1.3m, and soliton transmission systems. 

 

1.3.4. Transmitter modifications: Dispersion Supported Transmission 

In recent years, there have been many advances in the field of Dispersion 

Supported Transmision (DST). DST systems increase the usability of existing systems, 

which often may include less expensive transmitter and receiver components, in lieu of 

any other upgrade or dispersion compensation system. The both the benefits of DST and 

the limitations have been well documented [1.66-Bungarzeanu]. 

Increasing the bit rates in existing lower cost DM systems is critically important; 

migration to more expensive external modulator type transmitters is not always possible.  

Laser technologies that reduce the output spectrum of the transmitter (see 

Section 1.2.8.2) have been discussed as a way to reduce the effects of CD in SSMF. The 

problems associated with the frequency chirp of lasers in DM systems were also 

reviewed. In DM systems, much of the chirp is due to thermal effects. If for example, a 

long string of 0’s were followed by a long string of 1’s, the transmitter’s output 

characteristics would show pattern dependence as a result of shifts in the temperature as a 
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function of pattern being transmitted. Pattern dependence of laser chirp can be reduced if 

the transmitter temperature fluctuations can be reduced. This can be done by 

compromising the extinction ratio and increasing the DC operating point of the laser. 

Some DST systems take advantage of this by not fully ON-OFF Keying the transmitter. 

Of course, appropriate adjustments must also be made on the receiver circuitry and 

possibly also at the system level to accommodate the changes in the transmitter 

modulation. 

Other DST systems take advantage of the transmitters chirp characteristics to 

extend bit rates and/or transmission length. If the transmitter chirp is tuned to take 

advantage of the link characteristics, pulse compression can occur instead of pulse 

dispersion can occur during transmission. This would be possible if a chirp opposite to 

the characteristics shown in Figure 1-19 could be obtained, with rising edges shifting the 

frequency downward and falling edges shifting the frequency upwards. Obtaining 

Achieve by adding frequency or phase modulation, “Dispersion supported transmission” 

(FM), is not trivial. 

If the amount of pulse compression is able to reduce or perhaps completely negate 

pulse spreading attributed to CD, bit rates and, transmission lengths, and BER can be 

extended beyond those of a system with a standard transmitter. Junginger et al. 

transmitted over 253km at 10Gbps using a DM laser system [1.67-Wedding]. In another 

example, Nakamoto et. al demonstrated 10-Gbit/s over 80-km of SSMF using a negative-

chirp electro-absorption modulator integrated DFB laser diode and an avalanche 

photodiode (APD) receiver. This was accomplished without the use of optical amplifiers 

or dispersion compensation fibers [1.68-Nakamoto].  



 61

1.3.5. Coding schemes 

The use of Coding schemes such as Salomon & Forward Error Correction 

techniques (FEC) can greatly improve the effectiveness of most any network where such 

a scheme is possible [1.69-Cai]. Forward error correction inserts predetermined bit 

patterns within the transmitted bit sequence, primarily where there is likely to be 

problems with a transmission due to pattern dependence. When the receiver side picks up 

the predetermined patters, it is able to distinguish and remove the added bits from the 

transmitted data. In a highly distorted binary communications channel, long complex 

codes are required to achieve low BER with FEC. To render such a system adaptive such 

as to accommodate the time-varying distortion characteristics of optical communications 

channels, still greater length error protection codes will be required  [1.70-Djordjevic]. 

Standard FEC inserts 2 extra bits for every 8. “Super FEC”, being seriously considered 

for problematic 10 and 40Gbps transmissions, requires yet more overhead, approximately 

20% [10-Ramaswami]. The overhead requirement is that the total amount of data being 

transmitted is increased, and transmitter and receiver elements must be able to support the 

higher bandwidth transmission. 

Because SONET/SDH has no distinct data source but rather, a multitude of 

signals from different origins multiplexed together, FEC schemes are difficult to 

implement. If these system-level problems are overcome, high speed FEC is expected to 

gain popularity as it can be of great help when coping with dispersion problems in 

10Gbps systems. Specialized chip sets are currently in development to handle 12Gbps 

transmission rates, which will support 10Gbps data combined with FEC codes. 
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1.3.6. Electronic dispersion compensation  

1.3.6.1 Overview 

Since conversion from optical to electrical pulses is a requirement in current 

optical fiber communications systems, it is not difficult to imagine that additional 

functions could be implemented in the electrical domain. One such function could be an 

electronic equalizer, which can be included on the receiver side of a fiber 

communications channel as shown in Figure 1-33. An electronic equalizer can be used to 

extend the minimum distance between repeaters or allow the bit rate of a distortion-

limited fiber communications channel to be increased. 
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Figure 1-33: On optical fiber communications link featuring an electronic equalizer on the 
receiver side. (a) A Linear Electronic Equalizer is placed after the TIA and the LA. 
(b) A Nonlinear Electronic Equalizer typically follows a clock recovery module as 
both clock and data inputs are required. 

 

Electronic equalization can consist of RF filtering, Digital Signal Processing 

(DSP) and mixed-signal functions. Equalization is widely used in telephone systems, 

wireless receivers, and magnetic recording. Magnetic recording has among the most 
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complex implementations; long sequences of weights and summers are used in feedback 

loops to create vectors that carefully track the magnetic head to drive response and 

compensate for low speed effects such as temperature and wear and tear [1.71-

Bergmans]. However, with the exception of simple single-stage linear equalizers, 

equalization is a relatively new concept to fiber-optic communications [1.57-Winters]. 

An electronic equalizer is most advantageous when analog functions and digital 

functions are adaptively tuned and programmed to fit a specific link. If custom tuning can 

be avoided, then no specialty manufacturing would be required for any given link and 

dispersion compensation could be achieved at a significantly lower cost than optical 

solutions. Moreover, with an effective adaptive tuning algorithm, an electronic equalizer 

could be used to correct for both CD and PMD, which would be a notable advantage.  

In this section, linear and nonlinear electronic equalization concepts will be 

reviewed. Linear equalization supports the highest bit rates, but nonlinear techniques 

benefit from architectures that can recover incoming data even when the received eye is 

fully closed by taking into account unique pattern dependencies at the output. The 

benefits and limitations of electronic equalization will be discussed in further detail in the 

studies of Chapter 3. 

 

1.3.6.2. Linear electronic compensation techniques 

A linear equalizer is a form of a filter that provides emphasis to certain elements 

in a spectrum while attenuating others. It is of interest in a variety of applications to 

change the relative amplitudes of the frequency components in a signal or perhaps 
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eliminate some frequency components entirely. Linear time-invariant (LTI) systems that 

change the shape of the spectrum are often referred to as frequency-selective filters, but 

in certain applications such filters are referred to as linear equalizers [1.10-Ramaswami].  

The simplest equalizing filter can be made from an LC filter network, and a 

number of examples in literature can be cited where LC filters have been successfully 

applied to reduce jitter and increase the eye opening on gigabit circuits [1.13-Pedrotti]. 

An LC filter is a first order equalizer circuit that can be inserted in the signal path before 

decision circuit to increase the eye opening, in particular when slow rise and fall times 

(edge rates) are adversely impacting BER. In Section 1.2.5 it was noted that pattern 

dependant jitter results when edge rates are particularly slow. A simple LC high-pass 

filter equalizer, as exemplified by the T-filter shown in Figure 1-34(a), effectively boosts 

transition times from high to low and low to high by selectively filtering out low 

frequency components of the signal, reducing jitter and increasing BER. The eye opening 

can be visibly improved by this action as the eye’s center crossing level is effectively 

increased in amplitude. 

Fiber-optic networks can also benefit from low pass filtering. For example, if a 

signal’s overshoot is causing a ringing effect that would be best dampened or attenuated, 

an equalizer with a low pass filter characteristic is desirable. A simple low-pass -filter is 

shown in Figure 1-34(b). Frequency selective equalizer networks can be cascaded to 

obtain higher order responses or used to define a more complex or multiple pass-bands. If 

the pass-bands can be adaptively adjusted to track changes in the link over time, a 

fiber-optic system will have greater benefits. 
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Although most of the discussion of this thesis is based on equalization on the 

receiver-side of a fiber-optic link, it will also become apparent in the studies of 

Chapters 2, 3 and 6 that some filtering (or perhaps an equalizing filter) on the transmitter 

side might also benefit the system by improving BER. 

 

 
(a) 

 
 (b) 

Figure 1-34: Simple LC filter equalizers: (a) high-pass T filter network (b) low-pass -filter 
network  

  

LC filter equalizers can correct only a minimal amount of linear distortion. More 

effective linear equalizers can be made if delay lines and linear summing elements are 

used in addition to the filter elements [1.72-Yi]. Figure 1-35 shows the block diagram for 

a classic transversal filter equalizer, which is based on a tapped and weighted delay line 

[1.10-Ramaswami].  Transversal filters can be designed to equalize any type of linear 

distortion (under circumstances where all magnitude and phase information is presently 
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available for the tapped delay line), and the taps can also be made to be adaptive. But the 

transversal filter will be notably less effective after phase information associated with the 

optical signal is lost in the electronic domain after direct detection. 

 

 

Figure 1-35: Block diagram for a 5-tap transversal filter equalizer with time delay elements  and 
variable weight coefficients wo, w1… w4 [1.10-Ramaswami]. 

 

The example transversal filter of Figure 1-35 samples the signal at 5 taps. 

Variable weights w0, w1,.. w4 amplify or attenuate the input signal at points in time 0, 

,… 5 The 5 respective outputs are subsequently summed together and sent to a decision 

circuit. A transversal filter equalizer can also be implemented with DSP as a discrete-time 

filter for low data rate applications. A popular discrete-time form of the transversal filter 

equalizer is the Finite Impulse Response (FIR) filter [1.71-Bergmans]. By contrast, the 

circuits that will be considered in this thesis in Chapter 3 will be based on topologies 

that can be implemented at much higher frequencies (microwave frequencies), such that 

the equalizer does not compromise the data rate of the fiber link. 
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1.3.6.3. Nonlinear Electronic compensation techniques 

When distortion takes place in an optical fiber link due to both linear and 

nonlinear mechanisms, a linear equalizer circuit at the receiver may not be able to fully 

compensate the link. Linear equalizers will also not be able to predict or compensate 

PMD [1.62-Jopson]. A purely nonlinear equalizer, or an analog equalizer with nonlinear 

features, may be able extend link lengths or data rate beyond what can be compensated 

with a linear equalizer. 

An electronic equalizer can acquire a nonlinear response if mixed-signal and/or 

digital circuit operations are used. A nonlinear equalizer can make use of analog to digital 

converters, digital to analog converters, and high speed digital memories to extend 

performance beyond that of linear equalizers, but this comes at the cost of added 

complexity: namely a larger die size, a slower clock rate, and higher power consumption. 

With higher complexity, the most severe implication is that the fiber’s maximum data 

rate may be limited by the clock rates in the equalizer circuitry and/or response times 

through feedback loops. This is possibly why, until recently, nonlinear equalization has 

not been seriously considered for fiber-optic applications. But the aggressive advances 

that have been seen in integrated circuit technologies have made nonlinear equalization a 

viable solution [1.57-Winters]. 

In addition to considering the highest possible bit rates achievable in a fiber-optic 

system, when evaluating equalization techniques one needs to consider also the 

transmission distance (which exacerbates signal distortion). A figure of merit for an 

equalizer could be the transmission distance multiplied by the bit rate. Using this 

guideline, recent work demonstrates that nonlinear equalizers are able to compensate 
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longer links at higher bit rates than linear equalizers [1.73-Garg, 1.74-Koffers, 1.75-

Sewter]. This is because nonlinear equalizers can be designed to be more effective 

against pattern dependent distortions that can occur as a result of the combination of the 

linear and nonlinear distortions that occur during data modulation, transmission, and 

reception. But decoding incoming signals after the phase information is lost (a byproduct 

of direct detection) is a challenge. A number of nonlinear architectures based on both 

novel and previously reported techniques are reviewed in Section 3.2.3. The nonlinear 

equalization method of this work is subsequently developed and then demonstrated in 

later sections of this thesis. 

 

1.4. Summary of thesis 

1.4.1. Accomplishments 

This dissertation analyzes and demonstrates a novel electronic technique that 

allows data transmission over a fiber communications channel at bit rates or transmission 

lengths that would otherwise produce bit errors due to corruption by dispersive distortion 

mechanisms. A rationale for utilizing electronic dispersion compensation rather than 

optical compensation is presented based on cost advantages and most importantly, the 

ready adaptability to resolve time-varying effects such as polarization mode dispersion. 

Fiber link simulations were used to aid the development of an equalization 

technique. A simulator was developed as part of this work to represent chromatic 

dispersion and then the results were compared to an existing university-developed 

software package. Architecture simulations developed in this work show that pattern 
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recognition can be used as a method for equalization on the receiver side of a fiber 

channel. A novel electronic equalization technique targeted for single chip integration is 

developed around this concept. Unlike more traditional equalization techniques based on 

linear filters, the high speed Digital Pattern Recognition (DPR) Equalizer architecture of 

this work will enable real-time tracking of both linear and nonlinear distortion 

mechanisms. Electronic pattern recognition, based on multiple-samples per bit period on 

the receiver side, is used to mitigate the effects of fiber dispersion and other transmission 

problems. Samples of analog data taken at various points in time are fed to a Look Up 

Table (LUT) memory which links received vectors to an estimate of the transmitted 

pattern. The architecture uses no high speed feedback loops; this allows the circuitry to 

be clocked at frequencies near the maximum clock rate of the given technology. 

Demultiplexing and parallel processing at low data rates is avoided and data can be 

processed directly at the incoming bit rate. Within reasonable limitations, the equalizer 

can be scaled and its configuration optimized for the compensation of a particular fiber 

channel. 

As a proof of concept, a high speed electronic equalizer is designed and fabricated 

in InGaP/GaAs HBT technology. The circuit implementation features three independent 

and bypass-able 2-bit Analog to Digital Converters and a novel high speed bipolar 

memory circuit with state-of-the-art design and performance. Low frequency tests are 

developed to validate functionality. To evaluate the circuit at high frequencies, an 

alternative to a full-scale fiber-optic test bench is developed. A 4-level logic signal is 

generated that emulates critical features of Polarization Mode Dispersion. Using this 

PMD emulator, equalization tests using a number of short repetitive patterns are 
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conducted at clock frequencies up to 3GHz. The PMD emulator disperses data pulses 

over three bit periods so that the output eye diagram is completely closed and detection 

with a conventional single-threshold decision circuit is impossible. On the other hand, the 

InGaP/GaAs equalizer is shown to be able to correctly identify these strongly dispersed 

patterns, indicating that the InGaP/GaAs HBT equalizer can operate at gigabit data rates. 

With some limitations, laboratory tests are extended to indicate functionality up to 5GHz. 

Above 5GHz tests are limited by available equipment, but simple toggle tests indicate 

that the equalizer is bandwidth limited and will produce bit errors if clocked above 5GHz. 

The laboratory tests results are used to analyze the performance of the 

InGaP/GaAs equalizer, and a number of factors that may have limited the performance of 

the equalizer are uncovered. But because of the inability to access key internal nodes on 

the IC, many conclusions about the equalizer’s performance are based on theoretical and 

simulation analysis. The experimental ADC’s key performance metrics were 

characterized in a series of simulations and a simple model that can be used in numerical 

simulations is presented. 

Thermal effects, power routing limitations, and the unwanted byproducts of long 

interconnects may have also limited the performance of the equalizer. Power density on 

the die is higher than recommended and much effort was needed to remove heat through 

a large heat shunt on the back of the test board. Limitations in metal routing layers on the 

die may have resulted in a power grid insufficiently wide to meet the power requirements 

of the IC; and as a result there is likely a measurable voltage drop at the center of the die 

due to resistance in the power lines. The inductance on the ground plane may have lead to 



 71

power-line bounce from digital switching noise. All these complications likely limited the 

high speed performance of the experimental circuit and functionality at higher speeds. 

To further analyze the theoretical performance of the proposed equalizer system, 

advanced optical-fiber communication simulation tools are used to generate signals that 

result from a wide variety of optical communication channels. The output data streams 

are analyzed in a numerical simulation of the equalizer, and the outcome of a standard 

decision circuit is compared to that of an equalizer, where the equalizer topology is of the 

same complexity as the InGaP/GaAs implementation. Results show that some 

nonlinearities of the fiber can help extend data rates and/or improve BER for both the 

decision circuit and the equalizer. However, when linear dispersion terms dominate a 

given communication link, it is found that the performance benefits of an electronic 

equalizer of any kind are limited. This indicates that the best results will be obtained 

when both the electronic receiver and the communication link are tuned and optimized. 

New techniques are developed to optimize the equalizer configuration and circuit 

programming. A method to approximate the Bit Error Rate of the equalizer is derived, 

and it is shown how programming and configuration optimization can be used to 

minimize BER. When the programming and configuration are optimized to a given fiber 

channel, the high speed DPR Equalizer topology is shown to have the potential to 

significantly extend the transmission length while maintaining or improving the BER 

required for long-haul systems. 

Future work in the development of electronic equalizers must continue to take 

into account both linear and nonlinear elements of the fiber; long-haul systems will 

require that the entire transmission path be optimized if long-haul transmission distances 
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are to be extended. Future embodiments of the DPR equalizer are suggested to be 

designed into a process technology with more aggressive lateral scaling such that 

integrated controllers and higher density memories can be realized. Coding is also 

discussed as a viable approach to avoid certain pattern sequences that are difficult to 

interpret with an electronic equalizer. 

 

1.4.2. Thesis structure 

Chapter 1 of this thesis provides background information on fiber-optic 

communications systems useful for providing a context to the accomplishments of this 

work. Chapter 1 also identifies the primary elements that limit high bit rate 

communication, and particularly focuses on chromatic and dispersion in the fiber-optic 

cable. System upgrades and dispersion compensation techniques are reviewed. In 

Chapter 2 a simple simulation approach for chromatic dispersion in optical-fiber systems 

is developed. The results are compared to signals generated by another available 

fiber-optic simulator package. In Chapter 3, the signals generated are used to help 

define, validate, and scale a novel architecture for an electronic fiber equalizer using 

numerical simulation tools to model the proposed topology and quantify the expected 

dispersion at the equalizer input. 

The circuit design, simulations, and layout details of an InGaP/GaAs HBT 

equalizer are shown in Chapter 4, with a novel high speed memory circuit highlighted in 

detail. The laboratory tests, associated results, and some results analysis are shown in 

Chapter 5. Chapter 6 further analyzes the equalizer’s ADC and a simple model is 
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developed that can be applied to a numerical model of the equalizer. Chapter 6 then 

extends system validation by applying signals generated with commercial fiber-optic 

communications software to the numerical model of the equalizer. Techniques for 

equalizer programming optimization are provided as well as a method to approximate the 

Bit Error Rate of the equalizer. Chapter 7 provides a summary and conclusion, as well as 

giving suggestions to future work on the topic.  
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CHAPTER 2: Simulation of Optical Fiber 

2.1. Overview 

Fiber simulations developed in this chapter will enable the study of electronic 

equalization techniques. A simple fiber communications channel with Chromatic 

Dispersion (CD) can be modeled by a small set of representative equations and is 

implemented in a mathematical simulator. The UCSD Fiber Dispersion Simulator 

(UFDS), implemented in Matlab, is able to emulate CD in single-mode fiber as well the 

chirp of a non-ideal optical modulator and the magnitude-squared response of a 

photodiode detector. Simulation variables are configured to represent source noise, the 

time response of driver circuits, varying amounts of fiber dispersion, and the time 

response of the receiver circuitry. 

The waveforms generated by UFDS contain many critical characteristics of a 

fiber communications channel, but do not include higher order dispersion terms and other 

nonlinear effects that can be generated as the signal transverses a long fiber link. For this 

reason, UC Santa Barbara’s Fiber Optic Link Demonstrator (FOLD) software is also 

utilized. With both linear and nonlinear characteristics included, FOLD simulations 

provide more valuable insight for electronic equalization studies.  

The simulation work in this chapter provides a general, but perforce incomplete, 

analysis of the possible received signals in optical fiber systems. In the extended analysis 

of electronic equalization in Chapter 6, a commercially available fiber-optic link 
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simulator is used to further the understanding of distortions in single mode fiber links 

where the results can be compared to those obtained with UFDS and FOLD. 

 

2.2. Development of the UCSD Fiber Dispersion 

Simulator (UFDS) 

2.2.1 Introduction 

This section describes a simple simulation program implemented in Matlab used 

to study the linear and nonlinear distortions that occur in a fiber transmission system. The 

components included are a pseudo-random signal generator, a low pass filter, frequency 

chirp in the optical source, chromatic dispersion in the fiber, and a square-law 

photodetector on the receiver. The specific program code is found in Appendix A. 

The calculations are all performed in discrete time with sampling frequency fs 

taken to be 32 times the clock rate fc of the digital data. From communications theory, a 

train of discrete samples can properly represent any analog waveform when the Nyquist 

Criterion is met [2.1- Oppenheim]. In this case, the sampling frequency is well over twice 

the maximum frequency of interest within the received waveform, thus the discrete time 

sequence provides a valid representation of the signal. As is customary in Matlab 

simulations, calculations are performed in the frequency domain using the Fast Fourier 

Transform and Inverse FFT to convert to and from the time domain. 
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2.2.2. Input signal generation 

The input binary data stream is created using an algorithm that generates a 

Pseudo-Random Bit Sequence using a serial shift-register and a single XOR gate as 

shown for a 27-1 sequence generator in Figure 2-1. The XOR operation takes the output 

of the last shift register and the input from a select tap point and feeds the results back to 

the input of the shift register, creating a sequence of length 2N-1, where N is the number 

of elements in the shift register. This random number generation technique is preferred to 

random computer generated data because the specific output sequences can be matched to 

those generated in commercially available digital testers. 

  

   
(a)      (b) 

Figure 2-1: (a) Block diagram of a 27-1 PRBS is generated using shift registers and an XOR gate. 
(b) A portion of a created 27-1 PRBS and ideal eye diagram. 

 

The generated PRBS is then transformed to a discrete time representation where 

random noise and jitter can be added to the sample train and filtering functions applied. 

To approximate the frequency limitations of the electrical and optical source driver, the 

source signal can be sent through a classical low-pass filter function and computed in 
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continuous time or through a discrete time filter. In the classical approach, the filter 

function hlp is chosen as Bessel-type to take advantage of its even phase response with 

frequency. The bandwidth of the filter is typically selected to be 6 times the clock 

frequency to match expected waveforms in 10gbps systems. The low-pass output 

response xlp(t) is computed in the frequency domain to reproduce the time domain 

convolution of the input signal x(t) with the filter function hlp:     lphtxtxlp  . 

Alternatively, filtering to the Nth order can be done directly in discrete time using the 

Finite Impulse Response (FIR) function:    



N

i
i inxknxlp

0

, where k0, k1… kN are the 

filter coefficients [2.2- Biran]. 

Though less representative than a 3rd order Bessel function, a simple single-pole 

loss-less RC filter with N=1 and k0 =1 provides sufficient signal conditioning for this 

work. The second filter coefficient, denoted as klpf in the equation that follows, is chosen 

as a number less than or equal to 1 and the resulting expression is: 

     1 nxknxnxlp lpf . This computation carries a portion of the previous sample 

into the current sample, and the low pass filtering can be viewed as a memory effect. 

Figure 2-2 shows transient waveforms, eye diagrams, and frequency spectrum of the data 

as klpf is steadily increased. It is clear that a modulated waveform with a greater amount 

of low pass filtering has a reduced spectral bandwidth. The nominal value for klpf is 

chosen as 0.88. 
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(a)     (b) 

 

(c) 

Figure 2-2: Input signal conditioning using a single pole discrete time low pass filter. The filter 
parameter klpf  is stepped from 0.4, 0.8, 0.88 and 0.93. The (a) transient waveforms, 
(b) eye diagrams, and (c) spectrum of the resulting signals are plotted for 10gbps 
signals. 

 

2.2.3. Derivation of equations defining Chromatic Dispersion 

Section 1.2.5 reviewed the effects of Chromatic Dispersion where pulse spreading 

results when optical signals of different wavelength propagate with different velocities in 



 86

the fiber. The equations governing CD are now reviewed, and from this formulas to be 

used in a numerical simulation are derived. 

An On-OFF Key (OOK) modulated signal at the optical carrier frequency o is 

represented by     tjetatx 0  where a(t) is the modulation related to the bit sequence 

and o is the carrier frequency, or more specifically, the angular frequency of the light 

source. At the output of an ideal fiber of length  , the signal will appear with a phase 

shift and/or time delay represented by        tj oetaty , where , the propagation 

constant, represents the change in phase per meter at distance  . 

    tj oetatx             tj oetaty  
 

The phase constant  must be proportional to frequency for the transmission of 

the wave to be undistorted in the time domain. The velocity of propagation is a function 

of the index of refraction of the medium, which is ideally constant over all frequencies. 

For the transmission to be dispersion free, all frequency components (or wavelength 

components) that make up the signal must travel at the same phase velocity p  so that 

they arrive at the end of the waveguide at the same time, or as a group:  


 

n

c
p        (2.1)   

where c is the speed of light and n is the refractive index of the medium. When p  is 

constant, this is the condition for no dispersion. The index of refraction of fused silica 

varies with frequency (see Section 1.2.5); the variation is approximated by the Sellmeier 

equation [2.3-Ghosh]. The most basic principle that results in chromatic dispersion in 
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fiber-optic waveguides is that the velocity of propagation is not exactly equal for all the 

frequency components that make up x(t). Equating sides of the equation given in eq. (2.1) 

for p , the important relation is found for the phase propagation constant : 

 
c

n
         (2.2) 

From this it is apparent that  is a function of  due to the variation in n. 

Regardless of this variation, if the signal being transmitted were single frequency 

(or more specifically if the signal had constant amplitude A with signal defined by 

  tj
sf Aetx 0  rather than amplitude defined by a(t) with signal defined by 

    tjetatx 0 ) there would be no pulse broadening. The velocity of propagation would 

be a constant determined by 
o

o
psf


  , where psf  is the phase velocity at single 

angular frequency . But this is not the case when the modulation is defined by a(t), 

Standard Single Mode Fiber (SSMF) will suffer from pulse broadening that will disperse 

the signal as a function of distance. 

The effects of fiber dispersion can be approximated by expanding the equation for 

the phase propagation constant  in a Taylor series expansion about the frequency 

difference  - o, where o is the carrier frequency [2.4-Marcuse]: 
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this can be re-written substituting in representative constants 0, 1… N : 

         3
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1   (2.4) 
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The term 



d

d
1  is the inverse of the group velocity 

1
1
  g . The parameter 

2

2

2 


d

d
  is known as the Group Velocity Dispersion (GVD) parameter;  is 

responsible for pulse broadening or 1st order CD and is in units of seconds2. The term 

3

3

3 


d

d
  corresponds to second order dispersion, which has nonlinear properties but is 

less prominent than . Greater terms correspond to higher order dispersion components 

that are generally insignificant. For the scope of this work, and higher terms can be 

disregarded. 

But in OOK modulation, the transmitted sequence has finite bandwidth defined by 

the digital data sequence a(t), as per Section 1.1.3. The spectral content of a(t), or 

baseband spectrum, is shifted up to the carrier frequency, in the modulation process. 

When the optical carrier is assumed to be an ideal single frequency source, the baseband 

spectrum will define the entire spectral width of the optically modulated signal. Then b 

can then be used to describe the baseband angular frequency for any given value of : 

0 b        (2.5) 

If o is a single frequency source, b contains the same spectral width of x(t). In this 

manner, it is mathematically equivalent to perform all calculations at about b rather than 

about the carrier frequency o. This simplifies the calculation because the actual carrier 

frequency becomes arbitrary. 

In numerical calculations, quantities are computed at specific distances   along 

the fiber. If the Taylor expansion of the mode-propagation constant  of eq. (2.4) is 
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multiplied by   on both sides and frequencies written in terms of b as per eq. (2.5), a 

few useful interpretations can be made. More importantly, calculations can be completed 

at baseband rather than the carrier frequency, which greatly simplifies the computation: 

  3
3

2
210 6

1

2

1
bbb   (2.6) 

Similar to the interpretations of eq. (2.4), the first term, 0  corresponds to the phase 

delay of the signal at distance  , the term 



d

d
 1  is the group delay to arrive at 

distance  , and: 

 2

2

2 


d

d
d         (2.7) 

represents the amount of 1st order Group Velocity Dispersion (GVD) reached at distance 

 . The parameter d can be more readily used in computations. 

The parameters  and  are related to the refractive index n and its derivatives 

through the relations [2.5-Agrawal, 2.6-Boucouvalas]: 

g

g

vc

n

d

dn
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11
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   (2.9) 

where ng, not to be confused with the index of refraction n, is the group velocity 

refractive index and vg is the group velocity. The group index expresses the wavelength 

dependence of the refractive index: 



d

dn
nng  . 
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A simpler way to parametrize dispersion effects for any given fiber is needed. For 

this purpose the dispersion parameter D is developed from d  for a specified length  of 

fiber: 

2
2

2

2

2 2

1

2
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D

d

d
d


     (2.10) 

solving for D the relation below is found: 
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22
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c

c

d

d
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      (2.11) 

D is the parameter of choice for specifying the dispersion performance of fiber 

optic cable. It is evident that dispersion is related to the curvature, or second derivative, 

of n vs , as calculated at the wavelength of interest o. In Section 1.2.5 a typical value 

for the dispersion parameter of SSMF at  = 1.55m is 
nmkm

ps
D


15 . 

 

2.2.4. Computation of Chromatic Dispersion and photodetection 

Using the derivations for d  and D of eq. (2.5) and eq. (2.12), the dispersion 

effects can now be calculated.     tj
b

betatx   defines the envelope of the OOK 

modulated signal.  txb  and has the Fourier transform    



0

dtetaA tj
b

b . The 

baseband spectrum of the output signal after a length of fiber   will be defined as B(b): 

 bA       bB   
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Phase velocity p  and group velocity g  correspond to an overall time delay, neither are 

related to the resulting waveform or pulse spreading. If phase shifts linear in frequency 

are omitted, then the output B(b) can be written as: 

    2
bdj

bb eAB        (2.12) 

The expected signal at the output y(t) is obtained through calculation in the 

frequency domain and then reverting back to the time domain using the Inverse Fast 

Fourier Transform (IFFT): 

    2 djeAifftty       (2.13) 

     









 





 deAdeBty dbb jtj
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tj
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2

2

1

2

1
 (2.14) 

The IFFT takes a sum of frequencies and recreates the time domain signal. In Matlab, the 

integral is done as a summation rather than an integral, where the frequency step  is 

each discrete time sample    i , where i is the step. 

     








i

jtj
b

dbeAty
2

2

1
  (2.15) 

Each frequency step  is defined by 
comp

s

total N

f


 21
 , where total  is the total 

duration of the time record, fs is the frequency step, and Ncomp is the total number of 

discrete time steps, or total computation length. 

In the calculations of UFDS, all variables are normalized to a frequency of 1 

hertz. The dispersion coefficient of eq. (2.12) in UFDS becomes the normalized 
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parameter DU, also absorbing the length   of the link and speed of light c, such that 

cD
DU



1
  (see code of Appendix A). The longer the line length that is to be 

represented, the smaller the resulting constant DU. It will be shown that typical values 

that represent SSMF fiber lengths from 0km to 300km will have 0250 ..  UD . It can 

be shown that for a 10Gbps signal transmitted over 100km SSMF, 1.1
100


kmUD . 

95.0
100


kmUD  is an approximate representation of 175km of SSMF. DU vs. length is not 

a linear relation, 0km (no notable dispersion) for 0.4
100


kmUD . 

The last step in the computation that is required is to convert optical energy to 

electrical pulses using direct detection with a photodiode. As described in Section 1.2.10, 

the detected output of the fiber link ydd(t) will be the magnitude squared of the received 

signal y(t): 

    2
tytydd       (2.16) 
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2.2.5. UFDS generated waveforms (noise-free) 

To simplify analysis of various transmission simulations, the minimum eye 

opening received is used as a metric for comparison. Performing the function of an 

adjustable amplifier, the input and output waveforms are gain-adjusted and DC 

level-shifted in UFDS to produce a normalized output. The input amplitude is always set 

to have peak-to-peak amplitude of 1. At the output, the signal is level-shifted such that 

sequences of repetitive 0’s (such as 000 or 00000) result in an average amplitude of 0, the 

parameter levadjust records the shift. Then, sequences of repetitive 1’s (such as 111 or 

11111) are amplified to produce an average amplitude of 1. The gain required to make 

this transformation is recorded as the parameter gainadjust. In this manner, slow edge 

rates or overshoot at the output, due to pulse spreading or other effects, are normalized 

relative to the input. For the cases analyzed in this thesis, an algorithm searched for a 

sequence of five sequential 1’s or 0’s was used. When such a pattern was found, the 

central three bits were included in the data to be averaged. An example of computation 

using this algorithm is shown in Figure 2-3.  
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Figure 2-3: Graphical depiction of UFDS output signal normalization technique 

 

Figure 2-4(a) shows a simple simulation with the UFDS dispersion constant DU 

set to 1.35; this results in a notable amount of dispersion but the eye is still clearly open. 

The original data sequence is plotted vs. time and compared to the low pass filtered input 

to the fiber (discrete low pass filter coefficient = 0.8) and the waveform received after 

dispersion and direct detection. Representative eye diagrams are shown in Figure 2-4(b) 

and (c). In this case, the received eye diagram remains open, but significant pulse 

spreading and pattern dependence can be noted when compared to the input eye diagram. 

The output parameter eyeopen is indicated; relative to the total received signal amplitude, 

eyeopen is notably smaller on the received waveform than on the input waveform.  

To locate the optimum sample point with the maximum eyeopen, an algorithm is 

developed that scans the eye from 1st to 32nd (final) sample point. In Figure 2-4(d) shows 

that the sample with the maximum eye opening can be identified and then quantified in 

this automated process. 
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Figure 2-4: 10 Gbps simulation with UFDS dispersion constant set to 1.35 and lpf constant=0.8 
(a) transient plot overlay, (b) noise-free input eye diagram with maximum eye 
opening eyeopen indicated, (c) output eye diagram with eyeopen and crossover point 
indicated, (d) graphical determination of eyeopen parameter (including gainadjust). 

 

Figure 2-5 illustrates a series of simulations where DU is steadily decreased from 

3 to 0.8 so that the progression of Chromatic Dispersion can be better understood. When 

DU= 1.0 the eye is completely closed, indicating that a standard decision circuit will fail. 

When DU is reduced to 0.8, a complete reversal of the 1’s and 0’s is evident.  

It is possible that a nonlinear electronic equalizer will be able to properly decode 

these signals. Visual analysis of the distortion when DU= 0.8 indicates that to decipher 

this signal, a receiver circuit would have to have its threshold should shifted on a 
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bit-by-bit basis such that an alternative threshold level is used when a certain pattern is 

triggered. A nonlinear equalization technique known as Nonlinear Cancellation will be 

reviewed in Chapter 3 that can implement this function. But the results at DU= 1.0 may 

prove more challenging to interpret. For an infinitely long sequence of 1’s and 0’s it 

would be difficult to identify the transmitted data. It seems there is a critical distance 

where the received pattern goes completely flat and cannot be recognized when only CD 

is considered. In subsequent sections it will be evident that this behavior is unique to 

systems afflicted only with 1st order CD; signals exhibit different characteristics when 

more nonlinear elements are included (and excited) in the simulation. 

 

 
Figure 2-5: Matlab-based UFDS simulations showing different amounts of CD, as would be seen 

as a signal transverses loss-less fiber of increasing length. 
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2.2.6. UFDS generated waveforms with input noise 

With noise added to the simulation, the relative eye opening will be reduced. A 

randomly generated noise source can be added to the discrete time pulse train 

representing the input signal (described in Section 2.2.2). In UFDS, the noise is added 

before the dispersion computation, but noise could also be scaled and added to the output; 

the latter can be used in post-processing of FOLD and other simulator signals. The noise 

in UFDS is generated on the same 32-samples-per-bit time scale as the input signal. The 

noise with amplitude vn is randomly generated and then passed through a single-pole 

low-pass discrete-time filter of value vnlpf. Timing noise commonly known as jitter (see 

Section 1.2.11) is also added to the system by randomly time-shifting the input signal by 

amount jn (in units of time samples, where the default is 32 samples per bit), but the 

amount of shifting vs. time is also low-pass filtered with low-pass filter coefficient jnlpf. 

This simple technique for addition of white noise is problematic when a sequential train 

of high amplitude random numbers result for vn. A smoothing algorithm is developed in 

addition to the filtering of vnlpf to de-randomize these sequences when they occur. 

In Figure 2-6 an aggressive amount of noise is added to a simulation with DU 

=1.35, specifically: vn=0.5, vnlpf=0.88, jn=26, and jnlpf=0.97. The results can be directly 

compared to those of Figure 2-4 that shows noise-free simulation results with DU =1.35. 

By comparison, eyeopen has been notably reduced by the aggressive noise addition to the 

input. The lateral eye opening (not specifically tracked or indicated) is also reduced in 

magnitude. 
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Figure 2-6: Fiber simulation with UFDS dispersion constant set to 1.35 and low pass filter (lpf) 
of =0.8 in the input, as in Figure 2-4 but with more aggressive noise added. (a) 
transient plot overlay, (b) input eye diagram, (c) output eye diagram (d) graphical 
determination of eyeopen parameter. 

 

In Chapter 6, a technique to approximate the BER of the system is determined by 

the ratio of the minimum eye opening to the maximum eye opening in relation to the 

noise in the system. Greater noise will be an inevitable byproduct of longer transmission 

lengths in real systems, and optical or electrical amplifiers will augment any existing 

signal noise. To successfully extend transmission lengths, an electronic equalizer may be 

required to not only respond to patterns, but also improve immunity to noise and jitter.  
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2.2.7. Effects of low pass filtering input on chromatic pulse spreading  

In Figure 2-2 of Section 2.2.2, the spectral content of the input signal was shown 

to decrease as the low-pass filter coefficient was increased. The equations of 

Section 2.2.3 and 2.2.4 indicate that an input signal with broader spectral content will 

result in a greater amount of CD-induced pulse spreading at the output. It is desirable to 

validate this behavior with UFDS and determine if an optimum low pass filter setting can 

be found that minimizes the effects of CD.  

The analysis is done primarily using eye diagrams and measurements of 

normalized eyeopen, but it is also of value to observe a few transient simulations as the 

low pass filter coefficient is varied. These representative waveforms are shown in 

Figure 2-7 while plots of eyeopen will follow in Figure 2-8. Clearly, transient signals 

show that both overshoot and ringing are reduced when the low pass filter constant is 

increased. But as discussed in Section 2.2.5, with DU = 1.0 it will be difficult or 

impossible to properly identify the received sequence with a standard decision circuit. 
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Figure 2-7: Analysis of UFDS with dispersion constant DU =1.0 shows how choice of low pass 

filter coefficient may greatly influence ability to recognize transmitted patterns on the 
receiver side. 

 

To extend the analysis, an automated simulation set is implemented to track 

eyeopen vs. DU. The low pass filter steps are chosen to match those used in the simulation 

of Figure 2-2. The results are shown in Figure 2-8, where DU decreasing indicates the 

fiber link length increasing. The greater the value of eyeopen, the lower the expected bit 

error rate at the receiver. Beyond the point where the trend lines intersect eyeopen=0, a 

simple decision circuit will not be able to properly decode the PRBS sequence being 

transmitted. This indicates that the system benefits from greater low-pass filtering as the 

fiber length is increased (DU decreased), but there is little or no benefit to low-pass filter 

shorter links. Figure 2-8 visibly indicates that setting the single-pole low pass filter 

coefficient to lp = 0.88 is a good compromise of eyeopen over representative short-range 

transmissions (DU = 1.5) and long range transmissions (DU = 0.95). It would be of 

interest to attempt this same experiment with higher-order low-pass input filters as they 
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would likely show greater improvements are possible, but understanding the trend is most 

important and further exploration to optimize the input filter will not be pursued. 

 

length of fiber increasing

Du=1.1 
represents
approx 100km

 
Figure 2-8: UFDS simulation tracking normalized eyeopen of the received signal as a function of 

UFDS’ dispersion constant DU, the latter representative of fiber length. The effects of 
dispersion while the input signal’s low pass filter constant is varied are shown.  

 

When the same simulation set also includes noise, it will be shown that some of 

the benefits of greater low-pass filter coefficients are lost. The results plotted in 

Figure 2-9(a) show that with a moderate noise addition (parameters configured as 

vn=0.2, vnlpf=0.88, and jn=0), lp=0.88 retains a clear advantage over the very lightly 

low-pass filtered lp=0.40 signal, but the advantage is less apparent when compared to the 

lp=0.8, and 0.93 filtered signals. Figure 2-9(b) shows a simulation with an aggressive 

amount of noise added to the source signal, the same conditions used to create the plot of 

Figure 2-6; specifically: vn=0.5, vnlpf=0.88, jn=26, and jnlpf=0.97. In this simulation set, 

the benefits of the highly low-pass filtered lp=0.93 fall to the levels of lightly low-pass 

filtered lp=0.4 signal. Figure 2-9(b) also shows that lp=0.80 has overtaken lp=0.88 as 
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the optimum filter coefficient. From this study it can be concluded the benefits of 

low-pass filtering are lost when the noise floor approaches the minimum value of 

eyeopen. Thus, to optimize the low-pass filter selection, the noise of the system must be 

taken into consideration. 

 

length of fiber increasing

 
(a) 

length of fiber increasing

 
(b) 

Figure 2-9: UFDS simulation tracking normalized eyeopen of the received signal as a function of 
UFDS’ dispersion constant DU (a) with modest noise added and (b) with aggressive 
noise added. When compared to Figure 2-7, it is found that additive noise negates 
some of the advantages of greater low pass filter constants.  
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2.2.8. Frequency chirp of optical source 

Dispersion can be exacerbated when the optical carrier frequency o shifts during 

ON-OFF modulation. This nonideality is known as frequency chirp, noted in 

Section 1.2.8, introduces additional spectral broadening by shifting the frequency of the 

carrier o as a function of the input data sequence and a settling time. It will be shown by 

simulation that chirp results in greater dispersion at the output of a SSMF link. The 

frequency chirp of a directly modulated laser source is often too problematic for long-

haul fiber communications [2.7-Tromborg]. The Mach-Zehnder optical modulator, 

preferred for long-haul fiber communications, has frequency chirp can be modeled in a 

straightforward fashion [2.8-Koyama, 2.9-Brosson]. 

Like the dispersion computation, in UFDS, the calculation is simplified by 

performing the operation at baseband. Frequency chirp can be modeled as a phase change 

in the baseband center frequency b as a function of time, where 0 b  is 

expressed as in eq. (2.6). The amplitude of frequency shift with respect to time fs(t) can 

be approximated as a function containing a weighted derivative of the amplitude x(t): 

 
dt

dx
ctf fs       (2.17) 

The weight cf is known as the chirp factor, and is used to adjust the magnitude of the 

chirp to fit the amount of distortion in a given optical modulator. Clearly, the frequency 

shift described by fs(t) is nonzero only when the value of x(t) is changing; in other 

words, chirp operates primarily on the rising and falling edges of an OOK signal, as 

expected. When there is no change in x(t), the amount of frequency shifting will be zero. 
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A frequency shift can be represented as a phase change in time, and modifying the 

input signal’s phase is the most practical way to mathematically apply the frequency shift 

to the signal to model the chirp of a modulator. The phase change in time, shift(t), can is 

computed by low passing fs(t) to fit the characteristics of the modulator (optional), then 

integrating fs(t), as indicated in eq (2.17).  

     dttft schirp  2     (2.18) 

The computed phase changes are then used to modify the chirp free result of eq. (2.15): 

     tj
ch

chirpetyty      (2.19) 

The specific Matlab code for this operation is shown in Appendix A. 

 

2.2.9. UFDS waveforms with non-zero chirp 

If a source with a nonzero chirp factor is used, the results are expected to have a 

greater amount of distortion. Chirp and convergence parameters are fit to match the 

expected performance of a 10Gbps MZ modulator. In Figure 2-10, a simulation with 

DU=1.1 with and without frequency chirp is compared. The results show that modulator 

chirp adds a notable amount of distortion to the output waveform. In Figure 2-11, the 

same simulation is performed but with DUdecreased to 1.0 and 0.9. With DU= 1.0 the 

alternating 1’s and 0’s are hard to distinguish from one another, and at DU= 0.9 the eye 

will be closed. Overall, the results do not appear to be too different than the simulations 

with a chirp-free source; chirp adds to the pulse spreading, similar to the effect of 

reducing DU. 
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Figure 2-10: Simulation with UFDS with DU = 1.1 (~100km SSMF), comparing a (a) chirp-free 

transmitter to (b) source with chirp typical of 10gbps MZ modulator 
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Figure 2-11: Simulation with UFDS with DU = 1.0 (~150km SSMF), comparing a (a) chirp-free 

transmitter to (b) source with chirp typical of 10gbps MZ modulator 
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2.2.10. Applicability of UFDS 

The UFDS simulation developed in Matlab provides insight into the waveforms 

obtained with chromatic dispersion, and how the output waveforms are sensitive to 

specific parameter settings. There is the concern of how to best choose the parameters for 

dispersion and chirp to properly match a physical system. There is also the concern of 

how to account for additional dispersion mechanisms and nonlinearities that need 

consideration in the development of an electronic equalizer. With so many possible 

component choices available to the system designer, a likely conclusion is that a great 

variety of distortions might be expected at the receiver of a real system. It is important to 

characterize the most significant distortion mechanisms with a fiber link simulator. 

 

2.3. Simulation with Fiber Optic Link Demonstrator 

2.3.1. Introduction to FOLD 

To predict nonidealities in fiber transmission beyond the abilities of the UFDS, 

simulation using a program called Fiber Optic Link Demonstrator (FOLD) has been used, 

thanks to the approval of Prof. John Bowers of UC Santa Barbara and help from Dr. 

Sheng-Zhou Zhang. FOLD, developed in part for the DARPA funded WEST program 

[2.10-Chang, 2.11-Pedrotti], is now supported as a part of a commercially available fiber 

simulator sold by RSOFT corporation of New Jersey [2.12-Rsoft]. 

In the primary simulation, parameters are configured to describe a 10Gbps system 

with a Mach-Zehnder modulator as the optical source. A second system simulation uses a 

directly modulated laser diode as the optical source. The resulting output waveforms are 
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post processed and analyzed with Matlab code developed in this thesis. The FOLD 

simulations provide useful insight in the subsequent design of a fiber equalizer. 

  

2.3.2. FOLD generated waveforms – external modulator 

The primary simulation set used FOLD to simulate a long-haul fiber link with an 

external modulator at the source. The simulator represented the modulator with 

characteristic rise times, fall times, and chirp of a typical 10Gbps LiNbO3 Mach-Zehnder 

modulator (see Section 1.2.8.4). The fiber used CD characteristic of SSMF and amplitude 

sensitive nonlinear fiber distortions: Stimulated Raman Scattering (SRS) and Self Phase 

Modulation (SPM) (see Section 1.2.7). 

Representative simulations over fiber length varying from 0 to 300km were 

carried out. Of particular note are bit-30, 31, and 32 of Figure 2-12, where a 101 pattern 

begins to shows a critical error become prominent as the fiber length is increased. Bit-31 

is visibly transformed from a 0 to a 1 as transmission length is extended from 0 to 200km. 

At 100km, there is reason to believe that a standard decision circuit will be able to 

correctly identify the incoming data, but there is little room for error. At 150km and 

greater lengths, it will not be possible to properly interpret bit-31 with a standard decision 

circuit. The 150km link length will be of particular interest going forward and will be 

analyzed in greater detail in Section 2.3.4 that follows. 
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(a) 

 
(b) 

Figure 2-12: Externally Modulated Signals at 10Gb/s: Simulation results from FOLD for a 
typical 10Gb/s Modulator at distances of (a) 50km, 100km, and 150km and (b) 
200km, 250km, and 300km (Courtesy of Shengzhou Zhang, UCSB, and WEST 
consortium) 
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2.3.3. FOLD Simulations with a direct modulated laser source 

Simulations in FOLD with parameters to model a directly modulated laser diode 

source result in signals with a large amount of overshoot. The representative simulations 

represent optical links of length varying from 0 to 100km. The results in Figure 2-13 

show extensive peaking that could complicate transmission in a long-haul system at 

10Gbps. But the results are slightly misleading as much of the overshooting can be lost 

due to bandwidth and amplitude limitations on the photodetector, transimpedance 

amplifier, and in particular after the Limiting Amplifier (LA); since the LA is designed to 

perform this very function. The peaking is so severe that the simulations of Figure 2-13 

are actually plotted only after a limiting function was applied during post-processing. 

Henceforth, the Mach-Zehnder modulator is taken as the preferred source. 
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Figure 2-13: Modulated Laser Signals at 10Gb/s: Simulation results from FOLD for a typical 

10Gb/s Laser. Peaks are clipped by limiting function. Signals generated with 
assistance from Shengzhou Zhang, UCSB, and WEST consortium 

 

2.3.4. Detailed analysis of FOLD optically modulated waveforms 

transmitted over a 150km link 

An objective of the studies with FOLD is to identify conditions where the 

received data will no longer be interpreted by a standard decision circuit. Figure 2-14 

highlights the received waveform of a 150km fiber link driven by an MZ modulator. The 

plot shows that a single pulse influences both the bit before it and the one trailing it such 

that alternating sequences of 1’s and 0’s begin to overlap. Of key concern is the case of 

bit-31 as identified in Figure 2-12. The problem is visible on the 1-0-1 data pattern 

received from 0.5ns to 0.8ns of Figure 2-14; a standard decision circuit will not be able 
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to distinguish between 0-1-0 and 1-0-1 patterns, and possibly other patterns as well. The 

receiver will require some form of compensation or correction system to properly 

interpret the received data. Among possible options, the compensation system at the 

receiver could very well be a nonlinear electronic equalizer. 
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Figure 2-14: Transient simulation using FOLD of a 10Gbps link over 150km of fiber with an MZ 

modulator source. 

 

The eye diagram of the 150km output signal in Figure 2-15 shows the eye is 

closed and a histogram of the output confirms that 1’s and 0’s overlap, meaning that no 

linear electronic equalizer would be able to properly interpret the received signal pattern 

(see Section 1.3.6.2). Thus this signal makes an excellent target objective for nonlinear 

equalization. 
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Figure 2-15: Eye diagram and associated histogram of a 150km link simulated with FOLD with a 

Mach-Zehnder modulator as the source. 

 

Post-processing techniques developed in UFDS to add noise and calculate 

eyeopen are implemented can be applied to signals generated in FOLD. Figure 2-16 

shows a plot eyeopen as a function of bit sample, where 32-samples compose a single bit. 

An algorithm finds the optimum threshold point of the FOLD signal when the eye is 

open. This algorithm is applied to analysis of output signals from 50km to 150km link 

lengths in a noise free environment. Then, as per the simulation shown in Figure 2-9(a), 

a moderate amount of noise is added to the FOLD signals; namely, a 200mV amplitude 

(vn=0.2) noise source with a (rather strong) noise filter/smoothing coefficient of 0.88 

(vnlpf=0.88). Figure 2-16 includes this second set of simulation curves that can be 

compared to the noise free waveforms. 

Even without noise, at 100km the output waveform can be marginally recognized 

with only a standard decision circuit. The relative eye opening for the 100km signal is 
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small (~100mV) and as a result, the Bit Error Rate is likely to be high. The 150km link 

remains completely closed even without noise. It is evident that the 100km and 150km 

FOLD simulations will make excellent test vehicles for electronic equalization. 

 

 
Figure 2-16: An algorithm is developed to find the optimum sampling point and associated 

maximum eye opening. A single bit spans 32 samples. The results indicate that the 
eye will be completely closed at 150km regardless of additive noise 

 

2.3.5. Applicability of UFDS vs. FOLD 

UFDS is a very useful tool that has helped characterize and understand the 

fundamental distortion mechanisms associated with Chromatic Dispersion. It has also 

provided useful insight to source tuning, basic modulator chirp, and square law 
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photodetectors. UFDS has the advantage of flexibility as the equations and code can be 

directly modified. But FOLD has furthered the knowledge of fiber-optic link performance 

by enabling simulation with more advanced optical transmitter models and allowed the 

inclusion of amplitude-sensitive nonlinear fiber distortions. Though only two link 

configurations are simulated, the FOLD simulations provide valuable insight into what 

can be expected at the receiver of a fiber optic link that includes nonlinear fiber 

distortions. These additional distortion mechanisms appear to have a significant effect on 

the received waveforms, and the observations noted will play an important part in the 

equalizer architecture development of Chapter 3.  
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2.4. Conclusions 

A numerical simulator is developed that is able to predict the performance of a 

basic fiber-optic communications link using Matlab. This tool, developed exclusively for 

this thesis, was named UFDS, UCSD Fiber Dispersion Simulator. Equations for 

Chromatic Dispersion, photodetection, and modulator chirp are derived and implemented. 

Then, UFDS is used to analyze representative fiber-links of different lengths. Source 

tuning and the effects of noise are experimented with using UFDS. It is found that the 

transmitter can be optimally tuned to improve the performance of any system. The results 

obtained with UFDS are then compared to UC Santa Barbara’s Fiber Optic Link 

Demonstrator (FOLD) software. The results indicate that equations representative of 

Chromatic Dispersion are insufficient to capture all the distortions expected in a real fiber 

link. But the UFDS simulator developed is useful to further the understanding of key 

distortion mechanisms addressed in Chapter 1 including source nonlinearities, chromatic 

dispersion, and direct detection.  

A fiber link that includes fiber transmission nonlinearities is simulated with 

FOLD and shown to have a completely closed eye after 150km of optical fiber. This 

signal is selected as a specific target for equalization, and the expected error patterns are 

identified. Signals generated by FOLD are used in this thesis in conjunction with UFDS’ 

results to help define, scale, and validate a novel architecture for an electronic fiber 

equalizer in Chapter 3. Optical fiber simulation work is extended in the analysis of 

Chapter 6 where a commercially available fiber simulator is accessed. 
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CHAPTER 3: Architecture Development 

3.1. Overview 

In this chapter, a nonlinear equalizer architecture for correction of fiber-optic 

transmission impairments is developed with the aid of numerical analysis and simulation 

tools. The development begins with a study of potential equalizer architectures suitable 

for the receiver side of a gigabit fiber transmission system. Key benefits and weaknesses 

of standard architectures are discussed; modifications that may improve the performance 

of a circuit implementation of these topologies are reviewed. As a result of the analysis, 

three custom nonlinear equalizer architectures that respond to bit patterns (instead of only 

single bits) are proposed. The response is further improved with the development of 

innovative front-end topologies that allow the capture of multiple samples per bit and the 

fine-tuning of specific sample times without increasing the operating clock rate of the 

equalizer. 

Fiber-link simulators are a key part of the architecture development. Simulations 

validate the equalizer topologies and define the limitations of the equalizer embodiment 

and scaling. Signals generated by fiber-link simulators are analyzed and then used in 

numerical equalizer simulations. Signal analysis is aided by custom program code that 

parses the incoming data into patterns sets, which simplifies individual pattern analysis. 

Additional code is developed to numerically simulate equalization. Equalization 

techniques are advanced until the nonlinear equalizer architecture of this work is defined. 

118 
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The high speed Digital Pattern Recognition Equalizer (or DPR Equalizer) 

topology that is ultimately chosen for this dissertation quantizes the input signal at the 

incoming bit rate and creates a digital vector representation of the input over a span of 

past, present, and future incoming bits. The input vector then addresses a high speed 

Look-Up-Table (LUT) that determines the equalizer’s response, where any unique input 

vector has its own output. The DPR Equalizer’s Analog to Digital Converters (ADC) and 

LUT memory must be configured to match the characteristics of the fiber link while 

remaining within practical limitations of the selected IC technology. System 

configuration and programming techniques required to use the equalizer are discussed. In 

subsequent chapters, the DPR Equalizer, as defined in this chapter, will be designed, 

tested, and analyzed. 

 

3.2. Analysis of Electronic equalization techniques 

3.2.1. Overview 

Complex nonlinear equalizer filters for magnetic recording, telephone systems, 

and other applications are typically implemented with high density Digital Signal 

Processing (DSP), where analog data is sampled, processed in discrete time, and then 

reconverted to the analog domain if needed. The application of a nonlinear equalizer to 

fiber-optic communication was proposed by Winters et al. in 1990 [3.1-Winters] and was 

overviewed in Section 1.3.6.2. But the very high data rates supported by fiber-optic 

networks greatly limit what can be done in regard to the amount of computations and 

signal processing that can be done. 
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Linear equalizers, including the Linear Transversal Filter of Chapter 1, have 

applications in the compensation of fiber impairments, but greater expectations are placed 

on nonlinear equalizer architectures. Known Nonlinear Equalization techniques reviewed 

in this section are the Decision Feedback Equalizer (DFE), Nonlinear Cancellation (NLC) 

Equalizer, and Maximum Likelihood Detector (MLD) Equalizer. Block diagrams, 

necessary circuit components, feedback loop delay, and flexibility are criteria used to 

down-select from the various equalization approaches so that a favorable approach can be 

determined for the work of this thesis. 

 

3.2.2. Equalizers with Linear Response 

In the review of Section 1.3.6.2 and then the simulations of Chapter 2, it became 

apparent that a linear response is insufficient to correct fiber distortion mechanisms that 

have both linear and nonlinear properties. But a number of high speed nonlinear equalizer 

topologies retain linear equalizer components to improve the response. Figure 3-1 shows 

a block diagram for a generalized Linear Filter Equalizer with N taps and a summer 

inserted into the signal path before the decision circuit. This is functionally identical to 

the Transversal Filter that was shown in Figure 1-35. Delay and weight variable elements 

can passive, mechanical, or electrically controlled; for example, electrically controlled 

capacitive tuning by means of a varactor diode. Prior to the decision circuit, all high 

speed filtering and equalization remain in the analog domain.    
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Figure 3-1: Graphical representation of an N-tap linear filter equalizer, with time delay elements 

T and variable weight coefficients c1, c2,… cn. 

 

Linear equalizers can be rendered adaptive to track slow variations in time. 

Feedback loops can be implemented in the analog domain, digital domain, or with DSP. 

Besides adjusting the filter function (taps and delay lines), low speed control loops can be 

used to adjust the threshold level of the decision circuit, if for example, signal power 

varies over time. Adjustments based on averaging are a standard part of linear equalizers. 

Two well-known methods to render linear equalizers adaptive are the Least Mean-Square 

algorithm (LMS) [sometimes referred to as the Minimum Mean-Square Error algorithm 

(MMSE)], and the Zero-Forcing algorithm (ZF) [3.2-Bergmans]. 

Because linear equalization is done before the decision circuit, it does not require 

a synchronized clock, and the precautionary statements of Section 1.1.3 are not 

applicable. In fact, a linear equalizer will not only improve the quality of the incoming 

data signal, but will also improve the quality of a clock that can be extracted from the 

received data. A linear equalizer reduces jitter and improves the rise and fall times of the 

incoming data, thereby causing the eye to become more clearly defined, more open. A 

CDR circuit will be able to extract a clock with lower jitter and phase noise from this 

signal than the un-equalized version. 



 122

 

3.2.3. Equalizers with Nonlinear Response 

Most nonlinear methods make use of the results of a decision circuit or ADC to 

derive information from future and/or past bits. This requires that a synchronized clock 

be available, but as discussed, the extracted clock may not be ideal. Regardless, it is 

expected that substantial performance improvements, namely extended bit rates and/or 

transmission distances, may be achieved by using nonlinear methods over purely linear 

methods [3.3-Katz]. 

Unlike a linear equalizer that makes general improvements to the entire range of 

signals, a nonlinear equalizer will be able to associate certain received patterns with a 

targeted response, improving the odds that the received signal will be properly 

recognized. Still, the amount of compensation possible remains limited; as discussed in 

Section 1.2.10, the inverse transfer function of the fiber transmission can never be 

completely extracted from the received electrical signal as long as the phase information 

is lost by the photodetector.   

A Nonlinear Cancellation equalizer uses knowledge of previously decided bits 

and estimates of future bits to adjust the threshold of a decision circuit as a function of 

the incoming pattern [3.4-Biglieri]. Ideally, the decision threshold is adjusted up or down 

to be halfway between the expected signal levels for each bit to be detected. The shifting 

of the threshold level as a function of received and/or incoming pattern is a highly 

nonlinear operation. 
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When only previously detected bits are used to make the decision, the technique is 

known as Decision Feedback Equalization [3.5-Proakis, 3.6-Garg, 3.7-Yu]. The major 

disadvantage of DFE is error propagation. This can happen if an incorrect decision is fed 

back and then subsequently affects the next few symbols, leading to multiple errors 

following the first one. Still, in most cases the DFE architecture is expected to be a more 

effective compensator than a Linear Filter Equalizer [3.8-Qureshi], but the amount of the 

noise in the system can alter this conclusion. In general, up to some noise level, a DFE 

will perform better than a Linear Filter Equalizer, but after a critical noise floor is 

surpassed, the DFE will under-perform the linear equalizer due to multiple error 

propagation. 

By also referencing future bits, the NLC equalizer topology has some 

improvements over DFE. In the example of Figure 3-2, a single detector is used to 

account for both future and past bits [3.1-Winters, 3.9-Wang]. An analog tapped delay 

line is used to reduce distortion caused by future bits. The decision threshold is adjusted 

as per the DFE, using previously detected (“decided”) bits only. The threshold is 

determined by a high speed Look Up Table (LUT), which is indexed by a history of the 

decided pattern. A LUT is a memory with design optimized for fastest read-out speed. 
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Figure 3-2: A Nonlinear Cancellation Equalizer using N1 previous bits and a tapped-delay line 

for reduction of intersymbol interference from N2 future bits [3.1-Winters].  

 

To help in the estimation of future bits, one can implement NLC using estimates 

of future decisions as well as information on previously decided bits. The Nonlinear 

Canceller shown in Figure 3-3 features two threshold detectors to help in this operation 

[3.1-Winters]. To improve the estimate of future bits, a tapped delay line is used before 

Threshold Detector 1, but not before Threshold Detector 2. The threshold for Threshold 

Detector 2 is determined by a high speed LUT that is fed by a recent history of decided 

bits and estimates for a number of future bits. 

 

v(t) Threshold
Detector 2

Lookup
Table

T (N1-1)T

OutputDelay

Tapped
Delay Line

Threshold
Detector 1  

Figure 3-3: A Nonlinear Cancellation Equalizer with two decision circuits uses a decision to help 
in the estimation of future bits and a history of past decisions [3.1-Winters].  
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Another effective equalization scheme is based on Maximum Likelihood 

Detection (MLD). In this approach, blocks of N analog or digital samples are compared 

to a reference library of 2N possible waveforms, each of which is a possible vector 

solution [3.10-Haunstein]. The solution that has the closest Euclidean distance to the 

received vector is chosen [3.1-Winters, 3.11-Saif]. The specific comparison operation is 

as follows: Each sample of the incoming data is compared to the associated sample of 

each possible solution in the reference library. Then, the magnitude of the received 

sample is subtracted from the reference sample, and the total of all N samples compared 

are summed for each reference. Last, a bank of comparators determines which of the 

summed solutions is the smallest. The smallest result will be the closest reference vector 

to the received signal, and thus represents the best estimate of the received signal. 

An MLD equalizer can be very effective when programmed properly, but long 

sequences may be needed if the distortion is severe (such as when the received eye is 

closed). For high speed operation, the associated circuit complexity scales to 

unmanageable levels as sequence lengths are extended. An MLD equalizer is also 

difficult to render adaptive, complex computations are required in the feedback loops 

[3.2-Bergmans]. 

 



 126

Input
signal

(N samples long)

ref_1

ref_2

ref_2N

compare N samples of input
to N samples of  ref_1

compare N samples of input
to N samples of  ref_2

compare N samples of input
to N samples of  ref_2N

output

ch
o

o
se

 r
ef

er
en

ce
 c

lo
se

st
to

 i
n

p
u

t 
si

g
n

al

Input
signal

(N samples long)

ref_1

ref_2

ref_2N

compare N samples of input
to N samples of  ref_1

compare N samples of input
to N samples of  ref_2

compare N samples of input
to N samples of  ref_2N

output

ch
o

o
se

 r
ef

er
en

ce
 c

lo
se

st
to

 i
n

p
u

t 
si

g
n

al

 
Figure 3-4: A functional block diagram of a Maximum Likelihood detector. 

 

3.3. Customization of Nonlinear Equalizers 

3.3.1. Overview 

Recent publications have demonstrated mixed-signal nonlinear fiber-optic 

equalization [3.6-Garg, 3.12-Koffers, 3.13-Kasturia, 3.14-Katz, 3.15-Chunmin], but 

electronic equalizers are not currently widely deployed in commercial metro or long-haul 

systems. It is possible that future electronic equalizer designs, more flexible and effective 

than current designs, may someday replace more expensive optical compensation 

techniques. This section develops and evaluates three custom nonlinear Equalizer 

strategies: a Nonlinear Canceller (NLC), a Maximum Likelihood Detector (MLD), and a 

Digital Pattern Recognition (DPR) equalizer. The most attractive approach will be chosen 

and then analyzed in greater detail. The chosen equalizer architecture must find a 

favorable compromise between computation time and computation speed, so that a 

gigabit communications channel can be effectively compensated. 
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The high speed electronic equalizer implementations that are proposed make use 

of circuits with both linear and nonlinear response.  Analog, mixed-signal, and digital 

circuit techniques are explored. Some of the nonlinear equalizers benefit from both high 

speed mixed-signal computations and slow high-precision feedback loops to fine-tune 

equalizer parameters to the received signal pattern. Slow feedback loops are usually 

necessary to track gradual variations over time, but the details of the circuit designs are 

not as critical as for the high speed functions. 

To a large extent, the precision of high speed analog circuitry is determined by the 

allowed settling time. Similarly, digital computations are the fastest when precision is 

low. Equalizer topologies are thus presented with both analog and digital perspectives, 

but mixed-signal circuitry is favored when the circuit complexity can be greatly reduced. 

And, because most nonlinear equalizers must make adjustments at a very fast rate, in both 

cases the computations and the precision of these computations must be compromised. 

 

3.3.2. A custom Nonlinear Cancellation Equalizer 

3.3.2.1. Custom NLC Equalizer: Conceptual Analysis 

A variation on the Nonlinear Canceller architecture is now proposed. An 

illustration that depicts the functionality of the NLC equalizer is shown in Figure 3-5. A 

window in time, 4-bits long, is captured and used in the nonlinear equalization process. In 

this example, each bit has 3 samples (thus it has x3 oversampling), which can be stored in 

analog or digital form. 
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This equalizer topology takes into account both future and past decided bits to 

determine the value of the present bit. Specifically, two past bits and estimates of the 

present and future bits are used to determine the present bit. The captured 4-bit window 

has values defined as Bit1-Bit2-Bit3-Bit4. As described, the analog content in each bit 

period is approximated by 3 captured samples. The input pattern shown in Figure 3-5 

was intended to be a 0-1-1-0 pattern, and in the example, Bit1 and Bit2 have already been 

properly determined as 0 and a 1, respectively. In the calculation for Bit3, the analog 

weights selected by the results of Bit1 and Bit2 are intended to improve estimates of 

future bits. In other words, the weights attempt to remove the influence of past bits (Bit1 

and Bit2) that overlap and modify the signal in the time space allocated for the yet to be 

decided bits (Bit3 and Bit4). 

In Figure 3-5, the captured samples are shown as dots on the solid signal line, the 

weights are shown on dotted weight lines. A sum vector is determined as each element in 

Bit3 is added (or subtracted) with the associated weight for that sample. Next, the all 

elements of the sum vector are added together. If the result is greater than a certain 

threshold level, then Bit3 will be determined to be a “1”; if below, Bit3 will be 

determined to be a “0”. In the example, Bit3 is clearly a “1”, and the NLC equalizer 

operation has been successful. 
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Figure 3-5: This 4-step illustration depicts the functionality of a 4-bit custom NLC Equalizer. 
The captured samples are represented by dots on the input signal line (solid); the 
weights are indicated by dots on the dashed line. (4) shows the solution determined 
by samples+weights. In this example, a “1” is determined to be the solution for Bit3. 

 

 It is noted that an equalizer with a 4-bit window is fundamentally asymmetric; 

the bit to be decided cannot be preceded and followed by the same number of bits when 

the window contains an even number of bits. In this example, the bit to be decided will be 

Bit3, but it may be more advantageous (depending on the distortion) to instead attempt to 

resolve Bit2. The asymmetry does not adversely affect the results of this example. 
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3.3.2.2. Custom NLC Equalizer: basic block diagram 

A block diagram for the custom Nonlinear Canceller architecture is shown in 

Figure 3-6. Shown are full or partial bit delay elements D, Flip-flop elements FF, 

summer blocks , Sample and Hold functions S/H, and the analog multiplexer switch 

functions AMUX. This special multiplexer is digitally switched but has an analog output; 

perhaps it would be more appropriately referred to as an electrically controlled analog 

switch, but the proposed circuit for AMUX is based on a CML (digital) multiplexer. The 

front end is similar to a transversal filter but the tap weights are set according to 

previously detected bits ws0, ws1… wsn, and the operator is a summation rather than a 

multiplication. The prediction of future bits is improved by decisions on past bits using a 

summation with a specifically chosen weight. These weights are changed at the clock rate 

of the incoming data. 

Most signal processing is intended to be mixed-signal. The weights are stored 

digitally in a LUT with a low speed Digital to Analog Converter (DAC) at each output.  

Neither the LUT or the DAC need to be high speed as long as all outputs remain active. 

The appropriate output is selected at the by a high speed selection circuit: a multiplexer 

with an analog output. The output of the AMUX is the weight, which is added (or 

subtracted) with the value held by the S/H circuit. The results for each bit are then 

summed, and the solution determined by a decision circuit. 

The equalization could be implemented digitally if the Sample and Hold elements 

were replaced with full Analog to Digital Converters (ADCs) and the output of the LUT 

were binary, such that a digital summer could calculate the sum of the input signal and 

the selected weight. The characteristics of the available technology could determine if the 
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calculations are better performed by mixed-signal approximations or by digital 

computation. In either case, settling times and/or bit precision will have to be 

compromised to maintain high speed operation. 

Adaptation might be possible at a slower rate clock, perhaps 1/16th rate, using a 

circuit that compares the calculated output to the actual derived output. From this an error 

term is computed that can be used in a slow feedback loop with an adaptation algorithm. 

An analog error output  is shown in Figure 3-6, but again, the output and error 

determination could be implemented with a DAC and all digital functions, if preferable. 
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Figure 3-6: A custom Nonlinear Cancellation Equalizer with pattern dependent tapped linear 

filter at input. An error term  is also computed that can be used for adaptation. 
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3.3.2.3. Custom NLC Equalizer: input circuit design 

An equalizer targeted for ultra-high bit rate operation will challenge the integrated 

circuit technology and circuit design. At these rates, it is difficult to capture more than 

one sample per bit period, or to fine-tune a specific sample time without shifting the other 

samples concurrently. But with only one sample per bit and the sample time locked to the 

center of the bit period, it may not be possible to gather sufficient information about the 

incoming signal. To improve this, two innovative front-end topologies are proposed that 

are capable of capturing multiple samples per bit using multiple S/H circuits, delay lines, 

and splitters. 

Figure 3-7 shows two analog input topologies that could be used with the NLC 

equalizer. In Figure 3-7(a), a transmission line is tapped at multiple points; at each point 

a sample is taken. The distance between sample points is determined by the delay of the 

signal as it travels down the transmission line. In Figure 3-7(b), a (buffered) splitter is 

used to launch the signal down N different transmission lines of varying length. This 

allows simultaneous sampling of various points along the input waveform to occur. 

Though a limited amount of electronic tuning is possible, a disadvantage of the proposed 

front-end circuits is that the delay lines cannot be easily tuned to track gradual changes or 

time-varying distortions.  
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Figure 3-7: A custom NLC Equalizer analog input options (a) delay-line implementation (b) 

splitter implementation. 

 

3.3.2.4. Required circuit elements 

Most of the circuit elements needed to implement the custom NLC Equalizer 

described are fairly standard in CMOS component libraries. But the highest speed logic 

circuits are implemented with Current Mode Logic (CML), Source Coupled FET Logic 

(SCFL), or similar current-steered logic variants (see Section 4.2). A literature review 

reveals promising high speed bipolar transistor (CML) implementations of multiplexers, 

flip-flops, and read-write memories [3.16-Wang, 3.17-Runge, 3.18-Metzger], which can 

be used as a basis for conceptual validation of a high speed electronic equalizer. On the 

other hand, the memory cells that are required are used primarily in read-out mode does 
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not have to be high speed. The NLC Equalizer can tolerate a slow-read and a slow-write 

LUT memory if the mulitplexer handles all the high speed selection.  

High speed ADC and DAC elements will be needed if a digital approach is taken. 

These specialized mixed-signal circuits that can be implemented in a variety of ways 

[3.19-Johns, 3.20-Jespers]. A sample and hold circuit is often used at the front-end of an 

ADC; it is a challenging circuit to design but the S/H is well documented in literature 

[3.21-Poulton, 3.22-Shahramian, 3.23-Jensen]. The example shown in Figure 3-8 uses a 

diode bridge as a low-capacitance ON-OFF analog switch that is controlled with the 

current steering of a bipolar CML differential pair. 

 

 
Figure 3-8: A CML sample and hold circuit with an associated simulation showing near-ideal 

functionality. In sample mode (clk high), the output follows the input, in hold mode 
(clk low), the last value seen across the Chold is held constant at the node out.  

 

Digital circuits to implement summation and multiplication functions are well 

known [3.24-Sedra], but for high speed operation, simplicity is essential and it is 

worthwhile to attempt to implement these functions with custom mixed-signal circuitry. 

The Gilbert cell can be used to perform multiplication [3.25-Gilbert]. In Figure 3-9, a 
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traditional CML 2-to-1 multiplexer is converted to a custom analog 2-to-1 multiplexer 

switch simply by adding appropriate emitter degeneration. The multiplexer switch 

implements the function of an analog switch or pass-gate as long as the signal is small 

enough to be linearly amplified by the differential pair. The signal range is extended by 

the emitter degeneration resistors, which are really the only difference between that and 

the standard multiplexer. Similarly, a 2-bit DAC is converted to a 2-input linear summer 

circuit with the use of emitter degeneration, also linear over a limited range. The summer 

element appears frequently in the block diagram of Figure 3-6. 

The Gilbert cell multiplier and analog summer are greatly reduced in size when 

compared to digital multipliers or digital summers, but depending on the accuracy 

required, may not settle as fast as a digital version. Still, some initial conclusions about 

the architecture can be drawn without attempting to select and optimize all these circuit 

functions. 
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Figure 3-9: The CML 2:1 digital multiplexer is transformed into a switch with analog switch 
characteristics using emitter degeneration. Likewise a 2-bit DAC is transformed into 
a 2-input analog summation circuit with linearizing emitter degeneration. 

 

3.3.2.5. Custom NLC equalizer: preliminary conclusions 

There is much value in the idea of sampling or quantizing the signal at various 

points simultaneously and then processing this information in parallel. If the custom input 

circuit described in Section 3.3.2.3 is found to be advantageous, it could be implemented 
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with little impact on the clock rate of the system if the samples were taken at various 

points along a distributed transmission line or with a splitter feeding a number of delay 

lines of different length. In practice, the actual number of samples per bit in a real 

implementation may only be one, in particular if the computations are slowed down by 

the added complexity a system using multiple samples or if the tapped transmission line, 

as described, cannot be accommodated by the system 

  The NLC Equalizer design provides various innovative concepts, including the 

adjustment of the weights as a function of the captured data pattern, a low speed LUT 

memory that is accessed by high speed multiplexers, and an error output made available 

for slow adaptive tuning. By distributing operations across a delay line, the NLC 

Equalizer essentially acts as a Nonlinear Transversal Filter. 

In general, the added complexity of this topology, when compared to the simple 

topology of Figure 3-2 or Figure 3-3, may not provide sufficient gains to justify it. The 

NLC equalizer architecture requires that decisions be made at the bit rate, but three gate 

delays are required per decision and the calculations require feedback from the decided 

bits. This complexity will limit the maximum clock frequency. Another disadvantage is 

that the application of weights to every possible incoming bit pattern is difficult to 

analyze individually, and it not clear that all possible distortions can be corrected with the 

NLC equalizer’s compensation technique. There is also nothing done to reduce the pass-

down of errors classic to NLC Equalizers and DFE topologies, where a single error leads 

to multiple subsequent errors. 
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3.3.3. A Custom Maximum Likelihood Detector architecture 

3.3.3.1. A custom full MLD Equalizer: signal analysis 

 
Graphical depictions of signals in a custom 3-Bit 9-Sample equalizer, based on 

Maximum Likelihood Detection (MLD), are shown in Figure 3-10. In this example, the 

comparison window is 3-bits long (Nw=3), and the window contains a total of 9 sample 

points; thus each bit is oversampled at x3 (contains 3 sample points per bit). This 

equalization technique will be known as the full MLD approach, for reasons to that will 

be explained in later sections. 

The full MLD equalizer is expected to be most effective if only one bit is 

determined per comparison cycle; namely, bits 1,2, and 3 are used to determine the 

central bit, Bit2, and this process is repeated every clock period. To make this 

determination, each input sample in the captured window of data is compared to the 

associated samples held in the reference library memory; which in this case holds 

wN2 =23=8 possible waveforms. The full MLD equalizer then determines by calculation 

which reference is most similar to the input signal. From this comparison the correct 

sequence, and thus correct bit, is determined. 
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Figure 3-10: Graphical depiction of the signals in a 3-Bit 9-Sample full Maximum Likelihood 

Detector (MLD) Equalizer. The comparison window is 3-bits long and the bit to be 
determined is the central bit. 

 

3.3.3.2. A Custom full MLD Equalizer: basic block diagram 

A block diagram of custom full MLD equalizer is shown in Figure 3-11. As per 

the previous example, the capture window is 3-bits wide with x3 oversampling, and the 

reference library contains eight possible solutions. In the block diagram the delay 

elements D shown correspond to 1/3 of the bit period, as per the NLC Equalizer. The V 

block represents the function |V|: the absolute value of the difference between two 

inputs. The other elements are as defined in the explanation of the NLC Equalizer of 

Figure 3-6. 
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The captured samples are operated on, sample by sample, against analog values 

stored in the 8 sample memory block using the |V| function. The absolute value is used 

because of the interest in knowing how different each sample is from its associated 

library element, not specifically if it is greater or less than that element. Next, the full 

MLD equalizer must decide which of the 8 sample memory blocks contains the most 

likely solution, and when one is selected, what the output bit will be. The solution is 

stored in a dedicated 8 bit sample memory directly adjacent to a 9-to-1 comparator mux 

that ultimately chooses the most likely sequence. This result is then fed to a Flip-Flop 

memory cell that will hold this solution until the solution for the next bit comes available.  
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Figure 3-11: Block diagram of a custom full MLD Equalizer 

 

The block diagram for the full MLD equalizer is shown with mixed-signal 

functions rather than digital functions with the idea that a mixed-signal approach might 

reduce circuit complexity and thereby increase the maximum data rate. It may in fact be 
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more advantageous to do all computations in digital format rather than mixed-signal, but 

this choice does not affect the fundamentals of the MLD equalizer being shown. Also, as 

per the NLC equalizer, it is not clear from this review that x3 oversampling is needed, 

and the full MLD equalizer could just as well be implemented with D corresponding to a 

full bit delay (no oversampling). If a total of only three samples are used, the complexity 

of the MLD implementation is greatly reduced, which might have the added benefit of 

higher possible clock rates. 

 

3.3.3.3. A downselecting MLD Equalizer: an alternative implementation 

A potential problem with the full MLD Equalizer topology described is one of 

scaling. With a 3-bit window, a comparison is made between 8 possible references; a 

fairly manageable size. But if a larger window size is needed, the number of required 

comparisons balloons exponentially. For a 4-bit window, 24=16 comparisons are 

required, 32 comparisons for a 5-bit window, and so forth. Figure 3-12(a) defines the 16 

comparisons required for a 4-bit window full MLD equalizer. The more comparisons that 

are needed, the longer the circuitry will take to settle on a decision. 

To reduce the scaling problem, an alternative MLD equalizer topology is 

proposed that uses a history of decided bits is to downselect from the 16-elements in the 

reference library prior to the comparison. Figure 3-12(b) shows a bank of four 4-to-1 

analog multiplexer switches (custom circuit to be described in Section 3.3.2.4) 

introduced into the decision path. The analog multiplexer switches are set according to 

decisions made on the first 2-bits in the window, reducing the original 16 possible 

solutions to only 4.   
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(a)      (b) 

Figure 3-12: A MLD equalizer with a 4-bit comparison window (a) the full MLD topology uses a 
comparison to 16 library elements (b) an alternative MLD topology downselects to 4 
possible solutions before the comparison is made. 

 

A graphical example of a downselected 4-bit pattern set, based on two previous 

decisions, is shown in Figure 3-13. The choices made for Bit1 and Bit2 are used to 

remove 12 elements from the detection algorithm. With 3-samples per bit, each element 

in the downselected library contains 6 sample points, while the full 4-bit comparison 

method would contain 12 samples per library element. 
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Figure 3-13: A graphical depiction of the 4-bit alterative MLD topology’s functionality. The 

knowledge of two past bits reduces the comparison set to only 4 options. 

 

The additional 4-to-1 analog multiplexers are introduced into the custom MLD 

equalizer’s block diagram in Figure 3-14. The downselection technique has thus 

introduced an additional delay element into the block diagram of Figure 3-11; an 

additional circuit with finite settling time. 

As per the full MLD equalizer, there is nothing to specifically prevent the 

downselected MLD equalizer to be implemented with digital functions. The only 

specialized mixed-signal circuit that would be required would be one or more ADCs on 

the input to quantize the signal. Likewise, it may also be sufficient to capture only one 

sample per bit, depending on the compensation requirements. 
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Figure 3-14: Block diagram of a 4-Bit MLD equalizer using a history of two previously decided 
bits to reduce the comparison size. The analog MUX is a special mixed-signal circuit. 

 

3.3.3.4. Required circuit elements for full and downselecting MLD Equalizers 

Besides the circuits previously shown in Figure 3-9, an additional circuit element 

needed to implement this topology is the |V| function. A possible analog 

implementation for this function is shown in Figure 3-15 below. The circuit is simple 

and the function is accurate in the linear transition area of the differential input. Selecting 

bias and load resistors typical to CML circuitry designed for the given clock rate, the time 

to settle within 20% of the |V| circuit’s final value is expected to match the delay time 

of a 2-input NOR gate. With the same design, it would take approximately twice the 

delay time of a 2-input NOR gate to reach 10% of its final value. If this delay time is 
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problematic, the resistor values can be reduced to achieve a faster settling time, and the 

design problem becomes a power vs. speed compromise, or an accuracy vs. settling time 

compromise. 

 

 
(a)      (b) 

Figure 3-15: (a) An absolute value function using a custom CML |V| circuit and (b) the 
simulated DC response of the |V| circuit to a balanced differential input. 

 

3.3.3.5. Custom MLD Equalizer: preliminary conclusions on the full and 

downselecting topologies 

The full MLD equalizer proposed uses all feed-forward processing, there are no 

feedback loops. Thus, though the operations indicated in the block diagram of 

Figure 3-11 may be rather complex, the actual delay time of the forward computation 

may not adversely affect the system as long as the clock rate of the equalizer can be 

maintained. The greatest requirement is that each circuit, analog or digital, must settle 

before the next incoming bit needs to be decided. However, if the settling time of any 

individual calculation approaches the bit period, an intermediate flip-flop memory cell 

can be introduced into the feed-forward path to ensure that a decision is finalized in the 
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allotted time frame within a clock period. As long as each individual calculation can 

settle within a bit period and a large number of bits (bit window size, total number of 

samples, or samples requiring high precision) are not required to compensate fiber 

transmission impairments, the forward-looking approach of the full MLD equalizer 

topology is believed to have great merit. A small amount of latency in the MLD equalizer 

is not expected to be a problem for the fiber link. 

The full MLD equalizer has the advantage that both past and future bits are used 

in the determination of the correct solution. In addition, a single bit error will not trigger 

multiple subsequent errors, as can be a problem with the DFE and the custom NLC 

equalizer of Section 3.3.2.1. What remains questionable is if an equalizer of this 

complexity can operate at sufficiently high bit rates to be appealing for the use in 

fiber-optic systems. A second critical question: a mixed-signal implementation has the 

benefit of size reduction, but are the gains lost to a negative impact on precision or 

maximum bit rate? 

The downselecting MLD equalizer variant of Section 3.3.3.3 has more circuit 

complexity but becomes a much more reasonable solution large windows of data must be 

captured and processed to properly compensate the given communications channel. But 

as before, when future decisions depend on past determinations, any single error will be 

fed back into the next decision and can lead to multiple errors. 

Both the full and the downselecting MLD architectures must be configured in 

advance, but there is no simple way to set all the references in the library, nor is there a 

straightforward method to render either MLD equalizer topology adaptive. Most likely, a 

training sequence would be used to program and update each stored reference pattern. 
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During equalizer training, transmission down the fiber link would be interrupted, and the 

details of this operation would have to be worked into the communication system for 

such an equalizer to find a real-life application. 

 

3.3.4. Digital Pattern Recognition Equalizer 

3.3.4.1. DPR Equalizer: Conceptual Analysis 

A unique topology based on the concept of pattern recognition is developed. The 

proposed implementation utilizes digitally programmable equalization to compensate for 

dispersion on the receiver side. The idea of a maximum likelihood detector is extended 

into the idea of a pattern recognizing detector. The objectives may be difficult to obtain: 

simplified computations, fast response time, and improved accuracy relative to the other 

equalization techniques discussed in this chapter. The accuracy improvement is 

accomplished by greatly expanding the possible solution set; in fact, every possible 

solution that can be discerned from the quantized input data is included. The MLD 

equalizer uses N bits of captured data points to choose one of 2N possible solutions. The 

Digital Pattern Recognizing (DPR) equalizer has a unique response for all possible 

patterns that can be detected, where the number of samples and accuracy of each sample 

define the size of the solution set. But for the DPR to be more effective than the NLC and 

MLD equalizer in a real implementation, the actual computation complexity and 

computation time must be simultaneously reduced. 

A window of captured data that contains total number of samples Ns digitized with 

bit accuracy Nb is defined. The total number bits in the input vector address Na is 
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described as bsa NNN  . The solution set then contains aN
solN 2  possible solutions. 

Figure 3-16 graphically depicts an analog signal sampled once per bit and a second 

signal sampled three times per bit, both over a three-bit window. In Figure 3-16(a), the 

input address is 6 bits long resulting in 64 possible solutions; in Figure 3-16(b), Na is 18 

bits long and Nsol = 262,144 (262.144 Kbits). The accuracy of the equalizer is expected to 

improve with the increasing the address vector length, but to obtain the increased detail 

of (b), it will be evident that a much greater complexity DPR equalizer will be required.  
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Figure 3-16: Graphical depiction of a forward-looking DPR equalizer (a) 3-bit window, 1-sample 

per bit, 2-bit accuracy (3 threshold levels) (b) same as (a) but with 3-samples per bit. 
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In the case of Figure 3-16, bit2 is to be determined. The quantized information 

from leading, central, and trailing bits, help decipher the value of this bit. The solutions, 

or equalizer outputs, are contained in a high speed LUT that uses the input vector as the 

solution’s digital memory address. The LUT thus links received vectors to an estimate of 

the transmitted bit. The size of the LUT memory matches the size of the solution set: 

aN
solN 2 .  

Figure 3-17 shows a 3-bit sample window transformed by a 2-bit ADC into a 

6-bit digital address vector. When properly configured and programmed such that critical 

patterns can be uniquely distinguished from one another, the DPR equalizer will be able 

to accurately decide between a transmitted 1’s or a transmitted 0’s, even when the 

received eye diagram is completely closed and linear equalization techniques fail. A new 

window of data is sampled and sent to the LUT every clock period. Because no previous 

solution is used in the equalization, the approach is forward-looking only. 

 

01 - 00 - 11

..0…1...

3-bit window, 1-sample per bit

2-bit 
ADC

6-bit address vector

 
Figure 3-17: A 3-bit window, 1-sample per bit, 3-threshold levels is transformed into a 6-bit 

address vector. Once per bit period, the address is sent to the LUT and a result is 
found for the bit to be determined. 
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3.3.4.2. DPR Equalizer: Reduced scaling technique 

The size of the required memory for a forward-looking DPR equalizer can easily 

become very large. Figure 3-18(a) shows an input data sequence spanning 4 bits with x3 

digital oversampling, so there are a total of 12 samples. As in the examples of Figure 3-5 

and Figure 3-13, Bit1 and Bit2 are past bits, Bit3 is the bit to be determined, and Bit4 is a 

future bit. With an accuracy of only 2-bits per sample, a forward-looking DPR equalizer 

will have a 12x2 = 24 bit input address and a very large 224 bit solution set (16.777 

Mbits!). In comparison, the MLD equalizer of same scaling has only 16 possible 

solutions, though some 12x16=192 calculations still must be computed in parallel. 

Similar to the approach used in the NLC equalizers and downselecting MLD 

equalizer of Section 3.3.3.3, a possible way to reduce the size of the solution set while 

maintaining the equivalent of a 4-bit input window is to use information from previously 

decided bits to reduce to number of possible solutions for the bit to be determined. In 

other words, the deciphering of the bit to be determined is aided by an estimate of future 

bits and a history of past bits. An example of a signal in a reduced DPR equalizer is 

shown in Figure 3-18(b). The size of the solution set is defined by 6 samples with an 

additional 2 bits of historical data. With 2-bit accuracy on each sample, the input address 

will be (6x2)+2 = 14 bits long, resulting in a more manageable 214 bit solution set 

(16.384 Kbits). The solution set is reduced by a whopping 1024 times when compared to 

the size of the forward-looking DPR equalizer needed to decode the signal of 

Figure 3-18(a).  
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Figure 3-18: Graphical depiction of a DPR equalizer (a) forward-looking only (b) a reduced DPR 

equalizer that uses past history to reduce the size of the possible solution set. 

 

3.3.4.3. DPR Equalizer: input circuit options 

Similar to the front end designs for the NLC and MLD equalizers shown in 

Figure 3-7, innovative front-end topologies can be used with the DPR equalizer to enable 

the capture of multiple samples per bit. As shown in Figure 3-19(a) and (b), this can be 

achieved using multiple ADCs combined with delay lines and/or splitters. The use of 

parallel ADCs rather than a single oversampled ADC (running at a higher multiple of the 

clock frequency) is beneficial as high speed ADC design is challenging. 

On the other hand, if it is determined that a single sample per bit is sufficient to 

compensate the distortion of a particular link, the input topology of Figure 3-19(c) is 

favorable. A shift register of M-bit depth follows the ADC and retains a recent history of 

current and previous samples. The data is fed in one side and comes out the other and; for 

this reason, sometimes a shift register is referred to as a FIFO (Feed In, Feed Out). 
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Sample values held in the FIFO are fed to the LUT once per clock cycle, such that the 

received signal can be decoded bit by bit, in the forward-looking fashion. 

An input circuit that can operate in either serial or parallel mode would be most 

flexible. This is the case of the input circuit shown in Figure 3-19(d). To realize this, 

electronic switches (multiplexers) are located within the shift register. In the parallel 

operation mode, the ADC outputs are switched directly to the LUT inputs. In the serial 

operation mode, multiplexers are configured such that data passes from in1, through a 

single ADC, and then fed to the FIFO; thus reproducing the operations of Figure 3-19(c). 

The cost of this greater versatility: M multiplexers within the shift register and N-1 

unused ADCs when the input circuit is set to serial operation mode. 
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Figure 3-19: DPR Equalizer input options (a) delay-line implementation (b) splitter 
implementation (c) single ADC (d) flexible interface, works with (a), (b), or as (c). 
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3.3.4.4. DPR Equalizer: basic block diagram 

In the block diagram of Figure 3-20, a delay-line implementation is chosen for 

the front end of the equalizer, allowing multiple samples to be taken per bit or adjusted as 

needed. Each ADC has independently variable threshold levels, and the delay elements 

are mechanically tuned. This gives the front-end circuit a great deal of flexibility; 

multiple variables can be adjusted to optimize the input sampling. The previously 

described pattern recognition technique is used to produce an estimate of the transmitted 

bit. The solutions of past bits are made available to the LUT (shown in red), in the event a 

reduced DPR equalizer implementation is to be attempted. 
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Figure 3-20: Block diagram for a DPR equalizer with a tapped transmission line input. The 

feedback paths for a reduced DPR equalizer implementation are also shown. 
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3.3.4.5. Required circuit elements for DPR Equalizer 

The design of a gigabit DPR equalizer is most challenged by the high speed ADC 

and LUT circuits. If the required LUT memory is small, then likely the most difficult 

element to design will be the gigabit ADC, in particular if precision greater than 2 or 3 

bits is needed. But if the threshold levels of the ADC are made variable, then in most 

cases a 2-bit ADC (three variable threshold levels) will suffice. Without a front-end 

sample and hold circuit, a low-precision Flash ADC might be expected to be able to work 

near to the clock rate of a flip-flop in the same technology [3.20-Jesper]. But a S/H circuit 

on the front-end of the flash ADC, such as the circuit shown in Figure 3-8, may be 

needed to ensure that the conversion is done accurately [3.21-Poulton]. The required 

settling time of the S/H circuit may impact the performance of the ADC [3.22-

Shahramian, 3.23-Jensen].  

If the required LUT is small, say 64 bits or less, then possibly the entire memory 

cell can be built directly from flip-flop circuits. The fastest memory cell in any 

technology is in fact, the flip-flop, which can read-in or store no more than 1-bit. A basic 

CML flip-flop is shown in Figure 3-21. The maximum clock frequency of a flip-flop is 

known to be about 3
1  to 2

1  the ft of any given technology. Flip-flops make up the FIFO 

(shift register) and also a large part of the ADC design. However, due to size and power 

requirements, this cell is not suitable for larger scale high speed memories. 
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Figure 3-21: Two latches in series with alternating clock inputs combine to create a flip-flop; a 

high speed memory cell. A CML variant is shown. When CLKB is high, a positive 
feedback loop is formed to hold (or “latch”) the last setting on the load resistors. 

 

If the LUT size can be held under 256-bits, it may be possible to clock the DPR 

equalizer at frequencies near to the maximum clock rate of the given technology. But in 

some of the examples of Section 3.3.4, LUT sizes in the range of 1Kbit or greater have 

been discussed. A review of literature shows that it is very difficult to design a 1Kbit or 

greater sized memory that can respond within an acceptably short amount of time such 

that the LUT can be clocked at 10GHz, or even a 2.5GHz clock for that matter [3.26-

Zampardi, 3.27-Kwok, 3.28-Bushehri, 3.29-Kobayashi]. In order for a DPR equalizer to 

be useful in metro and long-haul fiber-optic links, either the size of the LUT must be 

significantly reduced, the bit rate of the system reduced, or the architecture re-designed 

such that data is processed in the equalizer in parallel, at a lower bit rates. 
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3.3.4.6. DPR Equalizer, alternative topologies, parallel processing 

The DPR equalizer merits attention, but it has been shown that there is reason to 

be concerned about the complexity and maximum obtainable clock speed. The reduced 

DPR equalizer of Section 3.3.4.2 alleviates some of these concerns, but may still result in 

a circuit that is not applicable to high speed optical networks. In this section, parallel 

processing techniques are reviewed to determine if the clock rate of the most critical 

component, the high speed memory, can be reduced without compromising the clock rate 

of the system. 

The simplest DPR equalizer configuration, the serial-only version of 

Figure 3-19(c), is explored in greater detail in Figure 3-22. When no oversampling is 

used, the size of the LUT memory is determined by NxM, where N the bit resolution of 

the ADC and M is the bit-length of the sample window; or in this case, the depth of the 

shift register. Some latency between the input and output of the equalizer is not a concern 

as long as the solution to bit3 follows on the clock cycle immediately after the solution to 

bit2, and so forth.  
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Figure 3-22: A more detailed view of a serial implementation of a DPR equalizer. A shift register 

holds current and past data samples that are then fed to the LUT. A latency of a few 
clock cycles is acceptable between input and output of the circuit. 
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To reduce the response-time of a higher complexity system, the possibility of a 

parallel implementation is considered. This is similar to the work done by Waegemans et. 

al [3.30- Waegemans]. A system with clock rate cr is converted to parallel processing by 

demultiplexing the signal at the rate of cr into pp parallel paths, completing calculations 

with circuitry synchronized to a clock running at r
p

cp 1 , and then recombining the 

parallel paths with a multiplexer, again triggered at the full rate clock cr. Because the 

forward-looking DPR equalizer has no requirement for high speed feedback, the 

conversion of the single input DPR equalizer into a variant with parallel processing can 

be done in similar fashion. But the requirement for a shift register on the front-end must 

also be accounted for. 

In Figure 3-23, an equalizer with a 3-bit capture window and 2-bit accuracy, 

normally requiring a 64-bit LUT running at cr, now has results processed by 4 LUTs 

running at ¼ rc . The equalizer operates in parallel on individual 3-bit sections of 

incoming data: LUT1 can operate on bits 1-3, LUT2 can operate on bits 2-4… and so 

forth. The demultiplexing takes place on signals at the shift register’s output; each 

parallel LUT section must receive the correct samples with the correct timing. With four 

parallel paths, the shift register length must be doubled and the fan-out tripled. So 

unfortunately, what is gained in clock rate reduction is partially lost to the complications 

distributing the synchronized signal. But the parallel processing scheme of Figure 3-23 

becomes a sensible solution if a 64-bit LUT does not respond quickly enough to be 

clocked at the full clock rate. 
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Figure 3-23: Parallel implementation of a forward-looking DPR equalizer. LUT1 operates on 

bits1-3 while LUT2 operates on bits2-4… The compensated signal is constructed 
from the four outputs. 

 

A divided processing topology is also possible, based on the reduced DPR 

equalizer architecture. In this case, rather than demultiplexing to a lower clock frequency 

and processing in parallel, in the divided topology, the data is instead divided between 

downscaled parallel memories that are all clocked at the full rate.  In Figure 3-24, a block 

diagram illustrating this technique is shown. With the delay D set to one full bit period, 

this equalizer processes a 4-bit window of data. More specifically, samples from two 

future bits (including the bit to be determined) is used along with decisions from two past 

(decided) bits to come to a solution. 

To achieve the same accuracy, a serial (standard) forward-looking DPR 

implementation would use a 4-bit window with 2-bit accuracy and require a 256-bit LUT. 

A serial (standard) reduced DPR equalizer would require a 2(4+2) = 64-bit LUT. A 

forward-looking DPR equalizer using parallel processing, as shown in Figure 3-23, 

would require four 256-bit LUTs running at ¼ the clock rate. But in Figure 3-24, the 

same accuracy is achieved using four 16-bit LUTs running at the full clock rate. The 64 
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possible solutions are divided amongst four 16-bit LUTs. All four LUTs process a 

solution each clock period, but only the solution from one LUT is chosen by the 4-to-1 

multiplexer; as indexed by the previous two decided bits. In this example, the maximum 

memory size has been reduced by a factor of four, but the transistor count is also greatly 

reduced when compared to the parallel processing implementation of Figure 3-24. This 

divided approach could be very useful if implementing a high speed equalizer in a 

specialized high speed technology that is only effective with low levels of integration, 

such as GaAs HBT or GaAs PHEMT technologies [3.16-Wang]. 
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Figure 3-24: Divided implementation of a DPR equalizer replaces one 256 bit memory with 4 

16-bit memories; this implementation uses a parallel processing technique. 

 

3.3.4.7. DPR Equalizer: preliminary conclusions 

A forward-looking DPR topology seems to be the best choice for a equalizing a 

gigabit fiber transmission system. This topology also avoids a situation where feedback 

from a previous error leads to a multitude of sequential errors in future bits. The latency 

from input to output of the equalizer is also not critical in the forward-looking topology 

as long as a solution can be found once per clock cycle. Without feedback requirements, 
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flip-flop shift registers can be inserted as intermediate stepping points between logic 

circuits with the longest gate delays. 

As long as all critical patterns can be uniquely identified by the input circuitry, the 

DPR equalizer should produce more accurate results than the NLC and MLD equalizers. 

But in the presence of noise, it will be more difficult for the DPR equalizer to distinguish 

between received input patterns. Because the DPR equalizer does not have the option to 

do calculations in analog form, the only way to increase the noise immunity of a DPR 

equalizer without increasing it’s size is to optimize the sample times and threshold values. 

If the DPR equalizer’s size is not yet determined, the quantity and resolution of the 

samples can be increased to improve error margins, but this must come with the cost of 

increased circuit complexity – a larger LUT. If the required LUT cannot perform at the 

desired clock rate, then there remains the possibility of attempting a reduced or divided 

DPR equalizer configuration. These techniques will help relax the demands on the LUT, 

but add complexity to other parts of the equalizer circuitry. 

Calculations based on layout dimensions and circuit simulations will be used in 

Section 4.5.8 to evaluate how large the LUT can actually be scaled. Research of prior 

publications suggests that an LUT of greater size than 256 bits and a Flash ADC of 

resolution greater than 4-bits will struggle at a 10GHz clock rate; a 2.5GHz maximum 

operating frequency may be a better assumption if a DPR equalizer of this scale is needed 

(see Section 4.5.9). For 10GHz operation, it is believed that the LUT resolution should be 

no greater than 64-bits and the ADC resolution should be no greater than 2-bits. 

The true value of the DPR equalizer concept is best evaluated using the results of 

fiber-optic transmission simulations in conjunction with numerical equalizer simulations; 
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the fiber simulations were described in Chapter 2 and preliminary results of the 

numerical equalizer simulations will be highlighted in Section 3.4. When comparing to 

the NLC and MLD equalizer techniques, simulations may show that certain equalizer 

topologies better accommodate certain distortions than others. But the expectation is that 

the DPR equalizer, with its flexible front-end design and fully programmable 

configuration, can be well-matched to compensate the widest variety of linear and 

nonlinear transmission impairments. What remains to be found is, can the DPR equalizer 

do so within the limitations defined by the circuit simulations of the ADC and LUT? A 

simulation with detailed and accurate circuit simulation or behavioral modeling of these 

circuit elements will be required to reach the most complete answer, but a simplified 

numerical simulation can be used to quickly assess ideas and make valid approximations, 

as will be shown in the sections that follow. 

 

3.4. Numerical Equalizer Simulations and Signal Analysis 

3.4.1. Overview, approach, and target sequence 

To determine how to best electronically compensate a given optical-fiber 

communications link, a series of simplified numerical equalizer simulations can be 

performed before an equalizer architecture and scaling is chosen. In this manner, the 

circuit of least complexity that meets all system criteria can be chosen prior to embarking 

into an extensive design process. The addition of a few simple nonidealities can improve 

the accuracy of preliminary performance approximations without the need of a detailed 

circuit design and extensive SPICE simulations. A pattern parsing technique is developed 
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to aid in the analysis of fiber transmission simulations and receiver optimization. The 

parsing allows separate investigation of any individual pattern that needs to be recognized 

and corrected. 

A 150km long-haul optical-fiber link is set as the target for an electronic fiber 

compensation system. The results of numerical simulations of the two most promising 

custom architectures, the MLD and DPR equalizers, are shown and compared. The DPR 

Equalizer is chosen as the most effective topology for Equalization. In Chapter 6, 

numerical simulations of the DPR Equalizer will be extended to include additional 

waveforms, configuration optimization, approximations for noise, and a calculation for 

the expected Bit Error Rate (BER). 

 

3.4.2. Simulation length, noise, and jitter 

In Section 2.3.4, a signal generated by FOLD representative of the output of a 

150km long-haul fiber-optic communications channel was presented. The eye was 

completely closed and the distortion mechanisms from each bit had spread forward over 

one future bit period and backwards to over one past bit period. Because the pulse 

spreading was relatively contained but a standard decision circuit could not decode the 

received waveform, this signal (or any signal with distortions of similar magnitude) was 

identified as the reasonable target for the electronic equalization work of this thesis. 

In a noise free environment, if a single (but complete) 27-1 PRBS is captured, 

sufficient information will have been gathered to determine the functionality and 

effectiveness of an electronic equalizer. This is because a 27-1 pattern includes pattern 
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variation up to seven bits long. Consider the seven-bit binary sequence X1-X2-A-B-C-X3-

X4. If bit B is taken as the central bit (bit to be determined) and the dispersion or 

distortion mechanism spreads over one full bit period, then A and C are immediately 

effected by B. Likewise, A is immediately effected by X2 and C by X3. If the effects are 

longer than one bit period (up to two), then A is immediately affected by both X1 and X2, 

and similarly C is affected by X3 and X4. Thus, in this example, a 27-1 PRBS captures all 

possible patterns needed from past and future bits when B is to be determined; and a 

noise-free simulation beyond 128 bits is unnecessary. 

When random noise and jitter are included in the simulation, the 27-1 pattern 

needs to be captured numerous times. Two or even three or four runs of the 27-1 pattern 

will not capture all possible distributions, as per Figure 2-9(b), which shows a noisy line 

extrapolation despite a simulation length of 512 bits. But for the sake of efficiency, 

simulation times with noise will regardless run no longer than 512 bits; some 

approximations will be made to interpret the results. 

It is assumed for all the analysis presented in Chapter 3 that a perfectly jitter-free 

clock can be extracted and properly centered on the incoming data signal. As discussed in 

Section 1.1.3, this is not always the case, in particular when the signal is highly 

dispersed. But an error analysis that includes non-ideal CDR performance is beyond what 

is needed for the preliminary architecture evaluations of this chapter. 
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3.4.3. Pattern analysis of Target Sequence 

To more closely analyze pattern dependence at the fiber output, a pattern parsing 

algorithm is developed. The algorithm works by aligning the original sequence with the 

distorted signal, identifying samples associated with input data pattern sets, and then 

places these samples into an appropriate bin. The bit length of the pattern being captured 

determines the number of bins needed to contain the sample sets; for a pattern that is n 

bits long there will be y=2n bins. Each time a specific n-bit sequence is found, the 

samples associated with that sequence are captured and stored in the correct bin. After a 

long simulation, each bin will contain samples from multiple occurrences and the sample 

content will resemble an eye diagram for that specific pattern. 

Pattern parsing, as described, allows the optimum sampling point(s) and threshold 

levels to be found for each and every of the y patterns in the set. The parsing aids 

equalizer design by allowing one to optimize threshold levels and sample times for each 

possible pattern rather than trying to determine this from a completely closed eye 

diagram or from tedious point-by-point analysis of a transient signal. The parsing 

technique is particularly helpful when the eye diagram is completely closed, but can be 

helpful in reducing BER even if the eye is open.  

In Section 2.3.4, detailed transient analysis, eye diagrams, and histograms of zero 

crossings on a 150km link with an MZ modulator were shown. Analysis of the transient 

waveform shown in Figure 2-14 showed that there was a problem distinguishing a 1-0-1 

sequence from a 0-1-0 sequence, but it would be difficult from the closed eye diagram of 

Figure 2-15 to know how to optimize weights or a Look-Up-Table to this distorted 

waveform. 
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This received signal is now put through a 3-bit pattern parsing algorithm and the 8 

resulting eye patterns that result are shown in Figure 3-25. Eye diagrams specific to each 

of the eight possible 3-bit input patterns are shown; thus the diagram includes a complete 

(but pattern-parsed) history of the 27-1 PRBS. The patterns are parsed based on 

information on the original (undistorted) sequence and synchronization of the output 

waveform to the original sequence. The center of the bit is indicated and is the nominal 

time to sample the sequence, but depending on the equalizer configuration, this may not 

be the optimal time to sample the sequence. 

 

    
Figure 3-25: Signal analysis is aided by custom program code that parses the incoming data into 

patterns set. In this example all possible patterns for a 3-bit sequence are shown. The 
red dashed line indicates the center of the bit. 
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With pattern parsing enabled, the specific patterns that are closing the eye can be 

compared and overlaid. In this case, the most problematic 3-bit patterns are the 0-1-0 

sequence and the 1-0-1 sequence. As highlighted in Figure 3-26, it is not possible to 

identify one from the other using a single threshold level; one or both of the patterns 

remain ambiguous for any single threshold level. The MLD and the DPR Equalizers will 

instead use information from previous and future bits to resolve these patterns. 

 

threshold
level

bit to be determined 
is a “0”

bit to be determined 
is a “1”

threshold
level

bit to be determined 
is a “0”

bit to be determined 
is a “1”

 
(a)     (b) 

Figure 3-26: A single threshold level cannot properly distinguish between a 010 and a 101 on 
this pattern. Information from the leading bit and trailing bit will be required to 
decipher the central bit. 

 

3.4.4. Simulation of an MLD Equalizer 

A Matlab representation of the 3-bit 9-sample full MLD equalizer described in 

Section 3.3.3 is developed. In the mathematical model, sampling is considered to be ideal 

(sample times indicated with asterisks) and precise (analog) values are used for both the 

sampled input signals and the references. Summer and comparator circuits are also 

assumed to be precise and distortion-free. A target 150km input sequence generated with 

FOLD (Section 3.4.3) is used to demonstrate the architecture. Using MLD equalization 

on the receiver side, error free transmission is demonstrated. 



 167

In the Figure 3-27, a portion of the output summary text file and two plots 

generated by the numerical simulation are shown. As the functional diagram of 

Figure 3-10 indicates, a window of input data is captured and compared to each of the 

eight library references once per clock cycle. In the example shown, the mapping to the 

3-bit reference for 1-0-1 is the closest solution and the correct solution, but the 1-0-0 

reference lies in close proximity. In this particular case, because only the central bit is to 

be determined, either choice results in the correct decision for Bit2. Because the MLD 

Equalizer properly identifies each and every sequence, the conclusion is that the full 

MLD equalizer is a viable approach for the compensation of fiber-optic link distortions 

such as those of the 150km target sequence. 
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Figure 3-27: Matlab simulation of a custom MLD equalizer: a plot of the sampling on the input 

sequence, a plot showing the analysis of a captured 3-bit window of data, and a 
portion of the output summary text file is shown 
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There is reason for some concern; the simulation works quite well when precise 

samples of the input signal are used and precise analog values are stored in the reference 

memory, but the error margins will decrease if lower precision values are used. 

Simulations of critical analog circuit elements in Section 3.3.3.4 indicated that the 

settling time might not be sufficient to obtain the needed precision at high bit rates. 

Similarly, high accuracy digital circuitry could limit the maximum bit rate of the system 

and require that a compromise between precision and bit rate be made. More extensive 

simulation, including noise sources, would be needed to make a more definite conclusion, 

but from what has been simulated here, it appears that the MLD equalizer system can be 

very effective at lower bit rates, but may not be the best choice for a system designed to 

work at maximum possible bit rate. 

 

3.4.5. Simulation of an DPR Equalizer 

3.4.5.1. Overview 

Using similar techniques as with the MLD equalizer simulation, a numerical 

simulation of the DPR equalizer is developed with the purpose of learning the 

effectiveness and optimum scaling of this equalizer topology. The objective is to find a 

high speed topology that can be integrated onto a simple single chip; one that might 

someday become a low-cost electronic compensation scheme for many fiber-optic 

networks. The parallel processing topologies for DPR equalizers that were developed in 

Section 3.3.4.6 may be able to compensate longer links, but may also require a multi-chip 
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solution and have complex packaging requirements. Dealing with such complications are 

beyond the scope of this thesis; focus is maintained on a single-chip solution. 

The 150km FOLD link that was described in Section 3.4.3 was again the target 

for equalization. To cover a distortion that can spread signal content forward and reverse 

one full bit period, a sample window that contains at least 3 bits will be needed. If the 

3-bit window was coupled with 3-bit ADCs (with 8 digital output levels), this should 

result in a DPR Equalizer with plenty of resolution and flexibility. In this case, the 

resulting memory would be 29=512 bits in size and would be addressed by a 3x3=9 bit 

vector. 

For a demonstration circuit designed for 10GHz operation, a smaller memory 

would be preferred. If the threshold levels are carefully adjusted, three 2-bit ADCs should 

suffice. This would result in a 6-bit address vector and a 64-bit LUT memory. This 

configuration, highlighted various times in Section 3.3.4.1, is chosen for further 

simulation and should be sufficient to equalize the target 150km link. To understand how 

to compensate longer links or more severe distortions, a scaling simulation is performed. 

A set of scaling simulations are performed and confirm that a 64-bit DPR equalizer is the 

minimum size equalizer that can compensate a 150km link, and that higher complexity 

DPR equalizers will be required to compensate longer links. 

 

3.4.5.2. Simulation of a 64-bit DPR Equalizer  

A Matlab numerical model of a DPR equalizer with three 2-bit ADCs and a 64-bit 

LUT memory is developed to evaluate this equalizer topology. For the purpose of a 

preliminary analysis, and all digital functions are assumed to have an ideal response. A 



 170

simple model that averages the input for 20% of the total bit period is used. Thus, the 

sampled value is averaged in time from 10% before the desired sample time to 10% after 

the desired sample time. This models an ADC of limited bandwidth, giving more realism 

to the numerical simulations. Figure 3-28 shows samples being captured on the target 

150km waveform, and highlights the closed eye diagram of the distorted signal to be 

compensated. 
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Figure 3-28: (a) A waveform with a sample taken once per bit. Note that the samples do not lie 

exactly on the waveform due to implemented averaging function. 

 

Figure 3-29 shows the eye diagrams for each of the eight possible patterns after 

parsing. Relative to Figure 3-25 the input is amplified, 3 threshold levels are added per 

bit, and the sample times are shifted and optimized to the 150km waveforms. In the 

example provided, the 9 ADC threshold levels are set symmetrically. The problematic 

patterns 0-1-0 and 1-0-1 that could not be resolved with a single threshold level can be 

identified when multiple threshold levels are combined with information from past and 

present bits. Using the sample times and threshold values indicated, the DPR Equalizer is 
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able to compensate the 150km target waveform; the outcome of the simulation is 

positive! 
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Figure 3-29: Eye diagrams for each of the eight possible patterns after parsing, as was done in 

Figure 3-25. In addition, signals are amplified, 3 threshold levels are added per bit, 
and the sample times are shifted and optimized.   

 

In the Matlab simulation that was developed, the DPR Equalizer’s response to 

each sample window is recorded in a log file. A portion of a log file is shown in 

Figure 3-30(a). The records track how each window of sampled data was translated into 

a 6-bit digital address vectors by Equalizer’s ADCs and FIFO. This vector is then used to 
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reference a particular location in the LUT memory where the solution bit lies; the correct 

value of the central bit in the sample window. At the conclusion of the simulation, the 

DPR Equalizer simulation provides a summary of results that show which memory cells 

have been utilized in the equalization. The outcome of the simulation with a 150km target 

input is shown in Figure 3-30(b); in this case, only 28% of the 64-bit memory array was 

utilized to compensate the signal. The amount of memory usage is expected to go up 

when noise is present in the system. 

 

…
Bit # 26: Reading a 1 from address 001011 or address 11
This corresponds to the window : 0  1  1
Bit # 27: Reading a 1 from address 101100 or address 44
This corresponds to the window : 1  1  0
Bit # 28: Reading a 0 from address 110011 or address 51
This corresponds to the window : 1  0  1
Bit # 29: Reading a 1 from address 001100 or address 12
This corresponds to the window : 0  1  0
Bit # 30: Reading a 0 from address 110011 or address 51
This corresponds to the window : 1  0  1
…
…

Screen Output: Numerical DPR Equalization

mem tracking variable for lutsize=64, shows which cells 
have changed

1     0     0     1     0     0     0     1
0     0     0     1     1     0     0     1
0     0     0     0     0     0     0     0
0     0     0     0     1     0     1     0
0     0     1     1     0     1     0     0
0     0     0     0     1     0     0     1
1     1     1     1     0     0     0     0
0     0     0     0     1     0     0     1

19 of the total 64 bits have been used, or 29.7% of the total 
memory

Screen Output: DPR EQ Memory Use

 
(a)      (b) 

Figure 3-30: (a) A portion of the summary file provided by the Matlab simulation of a DPR 
equalizer (b) A final summary shows which memory cells were utilized in the 
equalization of the 150km target input signal. 

 

3.4.5.3. Scaling simulations of an DPR Equalizer 

Matlab simulations of DPR equalizers of different scaling are performed to 

determine the viability of the approach for longer optical-fiber links and the minimum 

size requirements. Table 3-1 shows some the equalizer configurations that were 

considered for high speed single chip solutions; the listed configuration 1–2–1 intends an 

equalizer with a 3-bit sample window, a 2-bit ADC in the center, and two 1-bit decision 
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circuits to lead and follow the center bit. The focus is on DPR Equalizer configurations 

that can be practically implemented; ones that present a viable trade off between 

complexity and functionality. For a 10Gbps application, it is decided that the ADCs 

should be limited to 3-bit precision. A memory sized no greater than 128-bits is preferred 

but for the purpose of this study, the LUT memory is allowed to scale as large as needed. 

The assumption is that parallel processing techniques could be used if a large LUT 

memory is required to compensate the distorted waveform. 

 

Table 3-1: A few of the possible equalizer configurations that were considered in high 
speed DPR equalizer scaling studies. The examples provided are targeted towards 
single chip high bit rate applications. The 64-bit configuration with 2-2-2 resulted as 
the preferred solution. 

16-bit LUT (4-bit address): 1 - 2 - 1
1 - 1 - 1 - 1

32-bit LUT(5-bit address): 1 - 3 - 1
1 - 1 - 1 - 1 - 1 

64-bit LUT(6-bit address): 2 - 2 - 2
1 - 1 - 2 - 1 - 1
1 - 1 - 1 - 1 - 1 - 1

128-bit LUT (7-bit address): 2 - 3 - 2
1 - 1 - 3 - 1 - 1
1 - 2 - 2 - 1 - 1
1 - 2 - 1 - 2 - 1 

16-bit LUT (4-bit address): 1 - 2 - 1
1 - 1 - 1 - 1

32-bit LUT(5-bit address): 1 - 3 - 1
1 - 1 - 1 - 1 - 1 

64-bit LUT(6-bit address): 2 - 2 - 2
1 - 1 - 2 - 1 - 1
1 - 1 - 1 - 1 - 1 - 1

128-bit LUT (7-bit address): 2 - 3 - 2
1 - 1 - 3 - 1 - 1
1 - 2 - 2 - 1 - 1
1 - 2 - 1 - 2 - 1 

 
 

 

Figure 3-31 shows a plot of the results of the simulations where the maximum 

length of fiber that can be equalized is compared to the total number of bits in the Look-

Up-Table. These results can be used to determine the simplest (or smallest scaling) DPR 

equalizer that will be needed to identify patterns transmitted over any given length of 

fiber. The fiber simulations are based on a FOLD modeling of long-haul nonlinear fiber 
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links using Mach-Zehnder modulator sources. This particular simulation is noise-free, but 

data could be re-tabulated with varying degrees of (equivalent input) noise on the input 

for greater accuracy. 

The scaling simulation is not refined for highest accuracy, but the extrapolated 

linear fit suggests that a 64-bit DPR equalizer is the minimum size equalizer that can 

compensate a 150km link, and that a higher complexity DPR equalizers will be required 

to compensate a signals with greater amount of pulse-spreading/dispersive effects. 
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Figure 3-31: The equalizer’s LUT size is plotted against the maximum length of fiber that can be 

equalized. The results can be used to determine the minimum required equalizer 
scaling for a fiber-optic link of a given length. 
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3.4.6. Conclusions on architecture selection and scaling 

The performance and viability of the two most promising nonlinear equalizer 

architectures are evaluated with numerical simulations in Matlab software. Waveform 

data from the fiber-link simulator FOLD was imported into Matlab for system evaluation. 

Program code is developed to represent an MLD Equalizer with a 3-bit window and 9 

samples per window, and a DPR Equalizer with a 3-bit window and 64-bit LUT memory. 

The response of both circuits to a 150km target sequence was analyzed. The DPR 

Equalizer topology was preferred to the MLD Equalizer due to concerns over possible 

noise sensitivity that was revealed in the numerical simulations. Also taken into 

consideration were the circuit requirements of the MLD Equalizer, where settling time 

and/or precision limitations could become problematic in an actual implementation. With 

the exception of the front-end ADC, the DPR Equalizer is based on largely digital 

circuitry, which is considered advantageous. 

 

3.5. Conclusion 

After a review of relatively standard linear and nonlinear equalizer topologies, 

three custom equalizer architectures are developed and studied: a Nonlinear Canceller 

(NLC), a Maximum Likelihood Detector (MLD), and a High speed Digital Pattern 

Recognition (DPR) Equalizer. The equalizers contain mixed-signal circuitry and are 

targeted for ultra-high bit rates; all three designs push the limits of the chosen integrated 

circuit technology.  Of the three custom equalizer approaches, the DPR Equalizer stood 

out as the most promising; the DPR Equalizer was determined to be the architecture of 



 176

choice to compensate a (FOLD generated) 150km of SSMF long-haul fiber-optic link run 

at a 10Gbps data rate.  

Using only forward-looking computations, the DPR Equalizer can be 

programmed to compensate almost any possible distortion as long as a unique input 

vector to represent this distortion exists and can be recognized. A data vector created 

from the sampled input data is used to address a high speed Look-Up-Table (LUT). The 

LUT associates input data vectors with an output, providing a solution for each bit being 

determined by the operation. The process is repeated every clock cycle. 

A DPR Equalizer with three 2-bit ADCs and a 64-bit Look-Up-Table (LUT) 

memory is chosen as the main focus for this work. It is targeted for circuit design, layout, 

test, and analysis in the remaining chapters of this thesis. Numerical simulations of the 

DPR Equalizer, using signals generated in FOLD, confirm that the chosen configuration 

will be effective in compensating long-haul links up to 150km in length where the eye 

diagram is completely closed. Simulations show that the DPR Equalizer would need to be 

scaled to a larger size if a signal with greater amount of distortion/dispersion needs to be 

compensated.  
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CHAPTER 4: Design and Implementation 

4.1. Overview 

Chapter 4 discusses the design and implementation of a high speed Digital 

Pattern Recognition (DPR) Equalizer. Incoming (dispersed) waveforms are digitized 

using the Equalizer’s high speed Analog-to-Digital Converter (ADC) and then the 

resulting vector transforms are interpreted with the help of the integrated high speed 

Look Up Table (LUT) memory. The numerical simulations of Section 3.3.4 (which 

brought to the conclusion found in Section 3.4.8) show that a 2-bit ADC coupled to a 64-

bit LUT is sufficient in size to digitize signals distorted over 150km of SSMF at a 

10Gbps data rate. As highlighted in Section 3.3.4.7, for added flexibility the 

implemented equalizer IC will have a total of three independent and bypassable 2-bit 

ADCs and which, in certain alternate settings, can interface in parallel to the 64-bit 

programmable LUT memory. 

The equalizer acts as a fully programmable pattern recognition circuit. Digitized 

input vectors, representing the input waveform, are associated with known patterns so 

that the incoming data can be digitally decoded. The DPR Equalizer architecture of this 

work enables the circuit to directly process data at the incoming bit rate such that 

demultiplexing and parallel processing at low data rates is avoided. For a 10Gbps link, 

the ADC must sample the input waveform every 100ps and the LUT should produce a 

result before next input arrives or alternatively, simply be able to process results at a 

10GHz clock rate. An implementation that meets these requirements will demonstrate the 
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concept of a high speed DPR Equalizer and validate the feasibility of such a system for 

modern fiber optic dispersion compensation systems. 

As a technology must be chosen for the circuit implementation, Chapter 4 begins 

by overviewing available semiconductor technologies. The most critical selection criteria 

for the project are identified and it is found that, at the time of fabrication, bipolar 

technologies are favored over CMOS technologies for the high speed electronic 

equalizer. A readily available InGaP/GaAs Heterojunction Bipolar Transistor technology 

is chosen for the application. The advantages of this choice as well as the challenges of 

this choice are addressed in the chapter. 

Chapter 4 proceeds to review circuit designs, simulations, power budgets, and 

layouts of the various circuit subsections and the finalized circuit. Detailed circuit 

components include an ADC, a FIFO, a novel Look-Up-Table memory, and an output 

driver. At the SPICE simulator level, focus is on the two most critical circuit elements, 

the ADC and the LUT memory; these two key building blocks play the biggest role in 

defining the equalizer design and performance. Where performance is expected to be 

limited by physical features and interconnect lengths, approximations for layout parasitic 

elements are introduced into the simulations. Parasitic elements are determined by the 

circuit physical layout development, which is developed in parallel to the circuit 

schematic design. 

The floorplan of the entire IC is developed initially around input/output pad 

placement and subsequently refined by power density estimates and the results of critical 

path simulations. A critical path simulation analyzes signals over a section of the 

schematic with the worst-case (longest) on-chip interconnects and includes estimates for 
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parasitic inductance and capacitance of these interconnects. The critical path simulation 

approach simplifies design optimization and greatly reduces simulation time vs. a design 

approach based on simulations of a complete schematic (large). But the floorplan must 

also account for power density; thus a layout with optimum interconnect lengths is 

compromised by power distribution requirements; power consumption must be 

distributed about the chip rather then densely packed in one area to maintain spec-

compliant high frequency performance and avoid device reliability problems. 

During floorplanning, the pad locations are matched to a commercially available 

package. The package, in turn, is matched to a custom high speed test board. The test 

board utilizes a unique center-cut which allows a metal heat-sink to be affixed directly to 

the backside of the package. Compromises are made between power density, interconnect 

lengths, and bias currents until the project is finalized. The resulting design is a feasible 

implementation of a 10Gbps nonlinear fiber equalizer circuit. 

 

4.2. Technology Selection 

4.2.1. Technology considerations: FET vs. Bipolar 

CMOS is by far the most dominant technology for high speed computing and 

memory applications; it features high-density integration, extremely low power 

dissipation, and low cost. But FET technologies have inherent series resistance in the 

channel that can slow down static memory circuits. To decrease channel ON-resistance 

and increase transconductance, large FET widths are required. Although CMOS 

technologies have now exceeded 200GHz ft and 100GHz fMAX, large gate width NMOS 
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structures were significantly slower in high speed switching applications than microwave 

bipolar transistors at the time the IC to be described was fabricated. High 

transconductance and low output resistance make bipolar technologies intrinsically well 

suited for applications where high switching speeds and long line drivers are required. 

The long lines that will need to be driven in the equalizer design will be RC-time 

constant limited rather than fan-out limited. For best performance, Current Mode Logic 

(CML) is used to drive the resistive loads with rapidly switching currents [4.1-Rein]. 

CML-based logic can be implemented in CMOS or bipolar technologies. To reduce 

switching time, load resistances must be reduced and the interconnect lines made as short 

as possible. The best results are expected if the current in each line driver can be 

increased without significantly increasing the dimensions of the driver. The electrical 

benefits of the bipolar transistor can be exploited to design dense high-current drivers 

[4.2-Dickinson]. By comparison, CML implemented in CMOS, also known as Source 

Coupled Logic families, require larger area transistors to obtain the same current drive, 

and these larger devices will be weighted down with an increase in parasitic capacitances 

proportional to the increase in device area. Thus, at the time the IC of this work was 

fabricated, the best choice for the high speed digital switching functions of the Equalizer 

was a bipolar technology. 

The performance of the mixed signal functions of the equalizer must also be 

considered; an Analog-to-Digital Converter (ADC) with the fastest possible clock rate 

and response time is to be implemented into the front-end of the equalizer. In high speed 

ADC design, bipolar technologies been demonstrated to have a significant advantage 

[4.3- Nielsen, 4.4-Poulton]. The highly reproducible base-emitter junction simplifies 
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high-precision references without compromising switching speed. Bipolar-based 

technologies made an excellent choice for the high speed ADC that the Equalizer 

required. 

 

4.2.2. Technology considerations: III-V’s vs. Si and BiCMOS 

A Silicon Bipolar transistor’s band diagram is shown in Figure 3-1. The emitter 

design is compromised by the high doping required in the base to reduce base transit time 

[4.5-Sze]. The GaAs HBT uses bandgap engineering to optimize bipolar transistor action. 

The heterostructure of the GaAs HBT’s base emitter junction allows a highly doped base, 

while simultaneously maintaining a lightly doped wide bandgap emitter [4.6-Sze]. The 

GaAs collector can be designed with a higher breakdown voltage with less high 

frequency performance compromises than can be done in silicon, enabling a number of 

specialty applications, such as high-power broadband line drivers [4.7-Lao] and excellent 

microwave power amplifiers [4.8-Zampardi]. A downside of using a wide bandgap 

material such as GaAs to make a bipolar transistor is the turn-ON voltage of the device, 

which is considerably higher than it’s silicon counterpart. A mixed-signal GaAs HBT 

process features a VbeON in the range of 1.35V - 1.4V while the VbeON of typical mixed-

signal Silicon Bipolar processes range from 0.75V to 0.8V. 
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Figure 4-1: A band diagram highlighting the differences between Si Bipolar vs. GaAs HBT. 

 

A few other advantages of GaAs HBT processing include substrate conductivity, 

available metal layers, processing costs, and turn time. The GaAs HBT substrate is near-

ideal for microwave performance, where damage implants are used to obtain resistivity 

on the order of megaohms per square. GaAs HBT processing is also compatible with gold 

interconnects, which is ideal for high frequency circuit design. High performance GaAs 

HBTs can be obtained using relaxed lithographies, and the number of layers needing to 

be processed are but a few when compared to Silicon processes. Thus relative to silicon, 

GaAs HBT mask costs are inexpensive, the processing costs are low, and the processing 

time is much faster [4.8-Zampardi].  For a low-density demonstration circuit where un-

compromised performance is the main objective, GaAs HBT is an excellent technology 

choice.  

 



 186 

4.2.3. GaAs HBT technology description 

 

 
Figure 4-2: Skyworks InGaP/GaAs HBT technology. 

 

Skyworks Solution’s mixed-signal InGaP/GaAs HBT process was made available 

for the research of this Thesis. The same production facility supports a GaAs HBT 

process for the wireless handset market in very high volume, where GaAs HBT is the 

dominant technology [4.9-Weitzel].  A lateral image of the active device used for mixed-

signal applications is shown in Figure 4-2. This technology features a 50GHz ft / 50GHz 

fMAX that has been proven to be sufficiently fast to demonstrate mixed-signal circuits with 

a 10GHz clock rate. The physical characteristics of the GaAs HBT technology include a 

minimum emitter size of 1.4x3.0m, a double non-self aligned base contact, a Beta of 

about 100, three layers of interconnect metal, and integrated Schottky diodes and MIM 

capacitors [4.10-Huang]. High speed LSI circuits were previously demonstrated in this 

technology; one pertinent example is the 16x16 Crosspoint Switch for fiber optic 

networks shown in Figure 4-3 [4.11-Metzger] that demonstrates that the technology is 
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not only fast enough to demonstrate record-breaking performance, but also mature 

enough to yield a circuit of this complexity. 

 

 
Figure 4-3: A high speed Cross-Point switch with 160Gbps throughput was fabricated in the 

same InGaP/GaAs HBT technology selected to demonstrate the Equalizer. 

 

4.3. Floorplanning, Package Selection, and basic Block 

Diagrams 

4.3.1. Overview 

In this section we create a basic floorplan for the High speed Pattern Recognition 

Equalizer of this work. The IC’s basic floorplan is designed around preliminary block 

diagrams, power consumption estimates, and around the pin-out of the package that the 

IC will be mounted in. A readily available commercial package that is believed to be the 

best compromise between broadband performance requirements, power dissipation 
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approximations, and number of available Input/Output (I/O) pins is selected for the 

project. By carefully designing the flooplan around the package I/O and the package 

limitations, high performance can be obtained without the need for an expensive custom 

assembly.  

 

4.3.2. Placement Strategy 

Often the most critical part of any high speed circuit design is the placement of 

key building blocks, key I/O package pins, and associated I/O drivers that are determined 

during preliminary floorplanning. Long interconnect lines result in slow RC charging 

times and reduce the maximum clocking speed of the circuitry. To minimize the parasitic 

effects of long interconnects, the first inclination might be to try to pack the high speed 

circuitry as close together as possible. On Silicon-based technologies where the substrate 

has high thermal conductivity, this can be a good strategy. But when designing in GaAs, 

one must take the poor thermal qualities of the substrate material into consideration. High 

packing density is acceptable only to the point that the maximum recommended junction 

temperature of the devices does not exceed reliability limits.  

With 3 high speed ADCs and a 64-bit LUT running at a 10GHz clock rate, power 

consumption is expected to be high and power density across the die must be observed 

and controlled carefully. The best placement strategy for GaAs IC design is one that finds 

the optimum compromise between interconnect length and power density; both are 

critical to the performance and reliability of the circuit. As specific power consumption 
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and schematics cannot be known until the design is completed; estimates of the power 

and interconnect requirements are used during the preliminary floorplanning stages. 

 

4.3.3. Preliminary Floorplan 

The preliminary floorplan is developed around the basic block diagrams 

developed in Section 3.3.4. Three ADCs will be incorporated into the input circuit as 

previously shown in Figure 3-20. The input configuration shown Figure 4-4 

accommodates single ADC or triple ADC operation modes. The ADCs and custom FIFO 

are placed on the left side of the die and the memory on the right side of the die. The 

memory array is expected to occupy most of the die; X-address are placed on the left 

side, Y-address decoders are placed along the bottom, and sense amplifier(s) along the 

top of the memory block. This makes a good starting point for a practical layout 

implementation. 

 
(a)      (b) 

Figure 4-4: Layout placement will be such that the two input configurations can be used: (a) 
single input ADC with fixed sample spacing (b) parallel input with three ADCs and 
adjustable delay lines used to set an optimum sample spacing. 
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4.3.4. Package Selection and I/O Placement 

High speed 50-ohm I/O and control I/O requirements need to be strategically 

associated with a package that accommodates the performance requirements of the die, is 

able to dissipate the heat generated on the die, and is within the budget limitations of a 

university sponsored research project. To support broadband signal content from DC-

10GHz, it is desirable to have a smooth microwave transition from the die to package and 

also from the package to the printed circuit board. A custom package could be designed 

with an excellent broadband interface; this would be an ideal solution if a commercial 

product were being developed, but costs associated with custom package manufacturing 

far exceed the limited university budget. 

A commercially available 32-pin multi-lead frame produced by MSI (Mini-

Systems, Inc.) meets the package requirements and expected form factor of the die. More 

specifically, the inner cavity can comfortably hold a die with dimensions up to x=3.0mm 

and y=3.0mm. The IC is expected to be in the range of 2.0 to 3.0mm per side and thus the 

spacing from the bond pads to the package traces can be kept short; bondwires are 

anticipated to be approximately 0.5mm in length. A 0.5mm bondwire will add roughly 

0.5nH of series inductance to the signal line, an amount that is relatively easy to design 

into the 50-ohm interface. A photograph of the MSI package is shown in Figure 4-5. 
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Figure 4-5: A 32 pin package from MSI is selected for the design. The package cavity 

dimensions are 3mm x 3mm. 

 

A PCB with 50-ohm microstrip lines can be made to match the width of the MSI 

package’s lead frames. This can be used to create both a mechanically smooth and a 

microwave “smooth” transition from the driver’s output to the PCB trace as the signal 

travels from the bondwires and through the MSI lead frames. With careful PCB design, 

measured insertion loss from DC to 10GHz could be excellent. PCB design details, 

including the equally critical heat-sink design, follow in Section 4.8. A 50-ohm CML 

driver (back-terminated in 50-100 ohms), will be designed to interface the 50-ohm output 

transmission lines [4.11-Metzger, 4.12-Metzger]. The driver will be highlighted in 

Section 4.5.10. 

 The 32 package pins are allocated to circuit I/O pins. The IC design is to be 

optimized around this package and I/O placement. Table 4-1 shows how pins are chosen 

to be allocated, with a brief description of the purpose of each I/O. Control functions will 

be at ECL levels while high speed lines will be at CML levels. Each of the equalizer’s 

three high speed analog inputs will have an associated enable control, digital bypass 

input, and three reference levels that can be set or left floating. 
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Table 4-1: Equalizer die inputs and outputs, as limited to 32-pin package. Note that “Pin 

Count” does not correspond to a specific pin number and the I/O are grouped by 

function, not by location. 

     

PIN NAME PIN COUNT LEVELS FUNCTION
GND 0 0V Global Ground (distributed)

VEE 0-4 -7V Power Pins - at least 4, distributed

EN1 5 ECL Enable Analog Input 1

IN1 6 -1V to 0V High speed analog input 1

A1B0 7 CML input-1 bit-0 for ADC bypass mode

A1R1 8 float or -1V to 0V Analog input 1, reference level 1

A1R2 9 float or -1V to 0V Analog input 1, reference level 2

A1R3 10 float or -1V to 0V Analog input 1, reference level 3

EN2 11 ECL Enable Analog Input 2

IN2 12 -1V to 0V High speed analog input 2

A2B0 13 CML input-2 bit-0 for ADC bypass mode

A2R1 14 float or -1V to 0V Analog input 2, reference level 1

A2R2 15 float or -1V to 0V Analog input 2, reference level 2

A2R3 16 float or -1V to 0V Analog input 2, reference level 3

EN3 17 ECL Enable Analog Input 3

IN3 18 -1V to 0V High speed analog input 3

A3B0 19 CML input-3 bit-0 for ADC bypass mode

A3R1 20 float or -1V to 0V Analog input 3, reference level 1

A3R2 21 float or -1V to 0V Analog input 3, reference level 2

A3R3 22 float or -1V to 0V Analog input 3, reference level 3

P0 23 ECL Program input 0

P1 24 ECL Program input 1

CLKAI 25 ECL Program clock for ADCs

CLKMI 26 ECL Program clock for memory

BYPB 27 ECL Bypass control NOT

BIT 28 CML high speed program BIT input

WRI 29 CML READ/WRITE mode select

CLKI 30 CML High speed clock input

OUT 31 CML High speed data output

CLKO 32 CML High speed clock output  
 

Figure 4-6 is a drawing that shows the locations of the 32-pins in the I/O 

configuration that is chosen for implementation on the high speed DPR Equalizer. What 

is not obvious from the diagram is the backside ground connection. The entire metal 

backside of the package serves as a large common ground plane; multiple bondwires 

from the IC can be used to provide a very low impedance path to ground. If the GSG 

style output configuration can be maintained at all I/O, there should be at least twice as 

many ground pads as signal pads, which will be helpful. A low impedance ground 

connection will both improve stability and also high frequency performance. Heat 

generated on the die will have to be dissipated through the backside ground plane. A 

package with a metal backside is a very appropriate choice for a die that is expected to 
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have relatively high power consumption. Heat will be removed through a backside heat-

sink assembly that will be shown in the PCB design of Section 4.8.5. 
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Figure 4-6: Chosen I/O configuration for the 32-pin Equalizer package. 

 

Not all desired I/O could be accessed with only 32 pins available; the current 

configuration does not allow access to the ADC’s internal outputs or the FIFO output. 

This is unfortunate as pins to monitor the ADC transformation and FIFO output would 

have been very useful for eventual laboratory evaluation of the part. In addition, one or 

more ground connections through the package pins would have been desirable such that 

ground could be routed through the lead frame and not just through to the backside. 

Though the backside ground connection will be very low impedance, routing this 

backside ground to the top-side of a PCB and adding bypass capacitors between VEE and 
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GND will not be trivial in this configuration. These problems are addressed in 

Section 4.8. 

Additional ground pins could also be used to isolate the ADC’s analog front-end 

ground from the rest of the Equalizer. As will be discussed in Section 4.4.7, an isolated 

“analog” ground connection can improve the sensitivity of the ADCs. In the current 

package, such isolated grounds could only be included at the expense of removing other 

needed I/O. If alternatively, a larger package that could accommodate more I/O was 

chosen, longer bondwires that would be inevitably required to accommodate a larger 

cavity opening could limit high frequency performance. Moreover, a commercially 

available package with greater than 32 pins that could also meet the performance 

requirements of this project was simply not available. A custom package design would 

have been required to accommodate the extra pins; this would carry an expense far 

beyond the budget of this project. For these reasons, the pin down-selection that resulted 

in Table 4-1 was absolutely necessary such that only 32 connections are used. 

 

4.3.5. Block diagrams and Desired Operation Modes 

4.3.5.1. Block Diagrams 

The equalizer is designed such that a number of operation modes are possible 

with the same IC. First a detailed block diagram is highlighted. In the sections that 

follow, first high speed equalization modes, then the programming modes will be 

discussed. The added flexibility of various operation modes gives the user more than one 
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option when trying to choose the best method to identify and decode waveforms distorted 

by optical transmission. 

The simple block diagram for the DPR Equalizer that was shown in Figure 3-20 

is now shown in more advanced form in Figure 4-7 below. The outputs of the three input 

ADCs are selected and routed using three 2-bit 2-to-1 Multiplexer circuits. These 

electrically controlled switches have one input and two possible outputs. The Multiplexer 

function is combined into the front end of a CML flip-flop. When the output from the 

first ADC is directed through the flip-flop chain in a serial fashion, the Multiplexer/Flip-

Flop circuits form a 2-bit wide FIFO register chain 3-bits deep. The outputs of each 

Mux/FF bit pair in the FIFO feed X and Y address decode chips for the 64-bit LUT, such 

that a new 6-bit address vector is presented to the memory on each clock cycle. The 6-bit 

address vector enables a single memory cell in the LUT array to be read from or written 

to. The command to read or to write is given to the R/W Interface, a circuit element that 

acts both as a sense amplifier and a write amplifier to the selected memory cell.  

Low speed programming inputs are also included in the block diagram. The 2-bit 

serial programming input PROG allows the user to directly access the R/W interface (or 

sense/write amplifier) of the 64-bit LUT from a slower digital system, such as a computer 

or digital pattern generator. Because controller systems will have much slower edge rates 

than the high speed digital circuitry, elements such as CMOS or TTL logic interface 

circuits must be included on all low speed control lines and Schmitt Triggers must be 

included on all low speed clock input control lines. Higher speed writing and LUT 

control can come from the 50-ohm input WRI, which is also indicated as a 2-bit input in 

Figure 4-7. On Table 4-1 this reference is to both input pins BIT and WRI. 



 196 

Clock and output drivers are excluded from Figure 4-7, but are critical parts of 

the design. Also, the design and placement of the clock distribution network is very 

important to the high speed performance of the project. The clock input must distributed 

and buffered across the die such that all circuits can communicate in a synchronous 

fashion at full bit rate. An output that is easy to interpret is also needed. 50-ohm data and 

clock output driver circuits are also important elements that will need o be included in the 

design and strategically placed. 
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Figure 4-7: Equalizer IC block diagram showing 3 individual ADC’s, high speed FIFO, and 64-

bit Look Up Table. 

 



 197 

4.3.5.2. High speed Equalization Modes 

High speed equalization modes will include single ADC, triple ADC, and ADC 

bypass modes; the simplest way to operate the equalizer will be in single ADC mode. In 

this case, after the equalizer has been programmed, the threshold levels on ADC-1 are set 

(labeled as 2-bit A/D 1). Next, the analog input signal at IN1 is sampled at the clock rate 

of the incoming data. The FIFO will be set such that Mux/FF-1 (controlled by EN1) 

selects ADC-1, then the Mux/FF FIFO registry chain will retain this data for the next two 

clock cycles. A set of three sequential 2-bit analog samples make up a 6-bit address 

vector and will be referred to as a sample window. The 6-bit address points to a specific 

state stored in the LUT, and this stored bit is subsequently presented at the Equalizer 

output as the solution bit for this particular sample set. The equalizer should have been 

programmed such that the output bit corresponds to the solution for the central bit in the 

3-bit sample window. The simple graphic that was captured in Figure 3-8 below captures 

the concept of the 3-bit sample window and basic DPR equalizer functionality. 
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Figure 4-8: A simple graphic depiction of the functionality of a DPR Equalizer of this work. A 3-

bit sample window (with 2-bit precision) being translated to a 6-bit address vector 
and subsequently used to index a 1-bit solution stored in a 64-bit LUT. 
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In triple ADC mode, the objective will be to use unique delays and threshold 

levels to optimize sample window to obtain lowest Bit Error Rate (BER) possible. 

However, operation in triple ADC mode will be much more complex than single ADC 

mode. In triple ADC mode, the threshold levels are set for ADC-1, (uniquely on) ADC-2, 

and (uniquely on) ADC-3. Next, the equalizer memory is programmed appropriately. 

Then, the input signal is split externally using a 1-to-3 splitter, and a pre-determined 

amount of delay is added to the signals before they reach the inputs IN1, IN2, and IN3. 

The analog signal is then sampled simultaneously at IN0, IN2, and IN3 at the incoming 

data’s clock rate. Same as before, the sample window will be composed by three sample 

sets, but in this case the samples were captured in parallel at IN1, IN2, and IN3, and the 

spacing between these samples is not necessarily one bit period, but instead set to some 

optimum sample spacing. The FIFO is essentially bypassed by the settings on the Mux 

switches and the 6-bit address vector is created by the three 2-bit parallel input streams 

rather than a serial combination of current and previous samples. These results will be 

identical to single ADC mode if the delay between the three inputs is sequentially set to 

one clock period and all threshold levels are set to the same levels.  

In the event an external ADC is to be used, an ADC bypass mode is incorporated 

into the equalizer front-end. This mode can be used to equalize with external ADC 

(which could be of higher precision) or to directly access the LUT memory for some 

other purpose. This mode could also be used for low speed testing or for debugging 

purposes. In ADC bypass mode, the Equalizer can be configured for 2-bit serial or 6-bit 

parallel inputs simply by redirecting the Mux/FF switches. A bypass enable control, 
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BYP_B enables the ADC to accept two digital inputs rather than a single analog input. 

Up to six single-ended high speed digital lines can be read at the input pins IN1, A1B0, 

IN2, A2B0, IN3, and A3B0.  

 

4.3.5.3. Programming Modes 

The LUT memory will be designed so that it can be written to both at low speed 

from a system controller/computer or at high speed from a 50-ohm source. The design of 

the LUT will prioritize read-out speed, so the maximum clock rate of the write function 

may be compromised relative to the maximum clock rate of the read function. Still, if the 

data stream to be equalized is coming in at a rate that is below or equal to the maximum 

clock speed of the write function, basic equalizer programming will be able to be done in 

the equalizer’s pattern program mode. In many cases this will be the simplest way to 

program the equalizer. 

A pattern program operation will be able to be done in any high speed 

equalization mode when the solution bit stream is presented to the CML input BIT and 

when the CML input WRI is held high. When write mode is enabled by a digital “1” at 

WRI, the equalizer will be writing to the equalizer memory according to the value 

provided at the BIT input and the address provided by the sample window. If instead the 

WRI input is set to a digital “0”, the value held at the BIT input will be ignored and the 

equalizer will be reading the values previously stored in the LUT memory. In both cases, 

the address to be written to will be defined by the address vector, which is derived from 

the input sample window; same for pattern program as it is for high speed equalization. 

The advantage of pattern programming is that it is very fast and efficient when the 
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solution bit stream can be provided at the same bit rate as the communication channel. Of 

course, the solution bit stream must be properly synchronized to the analog input 

sequence (or to the digital address sequence if in ADC bypass mode). 

The problem with pattern programming is that it is highly unlikely that the entire 

memory will be written to. In essence, if the programming sequence did not trigger all 

possible states (as an example, certain states will be triggered only when noise is present), 

then the program will not be as effective as it should be. During subsequent equalization, 

noise on the input channel may result in an address selection that was not defined in the 

pattern program, essentially an unknown. These are states that could have been accounted 

for when programming from a well-designed (low speed) equalizer system controller. 

In an actual equalizing receiver system, programming information is more likely 

to come from a low speed controller. The equalizer will be specially designed to accept 

low speed serial inputs from an external controller or computer that is expected to come 

in a more typical format such as at CMOS or TTL and also have rather slow edge rates. 

Though far less common, an interface that uses ECL logic is particularly attractive 

alternative for this application because no additional power supplies will be needed to 

accommodate it. Fortunately, ICs that directly convert TTL or CMOS to ECL levels are 

readily available. As the Equalizer is already pad limited, ECL levels are determined to 

be the best choice for the Equalizer’s low speed programming interface. 

The ECL interface circuit sends serial program data through to the Mux/FF FIFO 

register chain during a programming operation. In Figure 4-7 the low speed inputs are 

shown in combined form as the 2-bit input PROG; on Table 4-1 these correspond to the 

input pins P0 and P1. Each program vector will consist of serial data that is 2-bits wide 
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and 4-bits deep, where 6 of the 8 bits correspond to the LUT address, one bit is used to 

specify if it is a read or write command, and the last bit specifies the “bit” value to be 

written. The “bit” input will be ignored if the Equalizer is specified to be in a read-out 

state rather than a write state. 

In high speed equalization modes, all circuit elements are clocked together at the 

full bit rate. But to enable serial programming as described, the programming and FIFO 

registry chain must be clocked separately from the LUT memory. This allows the FIFO 

outputs to become fully populated with the next address to be written before the LUT is 

clocked. Without separating the clocks, low speed programming would not be possible. 

To enable this function, two low speed ECL clock inputs as well as a high speed CML 

clock input must be present on the chip. In addition, a clock selection circuit must be 

included in the circuit design. The clock selection circuit is shown in the block diagram 

of Figure 4-9 below. 

 

 
Figure 4-9: A block diagram of the DPR Equalizer’s clock selection circuit. This allows the user 

to select a 50-ohm single clock or two individual Schmitt Triggered ECL-leveled 
clocks for low speed programming operations. 
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When a high speed clock is required, all circuitry will be driven by the 50-ohm 

CML input CLKI. During low speed serial programming, the un-terminated ECL clock 

input CLKAI will be used for the front-end circuits (ADCs and FIFO) while the LUT 

memory and output buffers will instead be controlled by the un-terminated ECL input 

CLKMI. In this manner, during serial programming the FIFO can be pre-loaded with 

data before the memory is accessed.  

A last but very important detail included in Figure 4-9 is the Schmitt Trigger 

block. A Schmitt Trigger circuit will be designed and utilized on all low speed data inputs 

to ensure no false triggering. It is very important to prevent false triggering of the high 

speed logic when a slow changing edge is presented at the input [4.13-Horowitz]. Only a 

slight bit of noise on the line when the low speed clock signal is near to the mid-level of 

the logic will result in a false clock trigger as the response time of the GaAs input 

circuitry is expected to be so much faster than the controller circuitry. The program data 

lines will have sufficient time to settle between clock cycles, but when a clock line is 

false triggered, erroneous data will be immediately inputted into the system. 

 

4.3.6. Preliminary Power Budget 

As noted in Section 4.3.4, the cavity opening of the MSI package is 

approximately 3mm x 3mm, or 9mm2. But the GaAs die should not completely consume 

the entire package cavity as down bonds will be required, so a die larger than 

approximately 2.6mm per side would be problematic. A reference for maximum power 

density on a GaAs IC die is 1 W/mm2 average power density and 2 W/mm2 peak power 
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density (maximum local power density) when the GaAs die is 125mm thick. If peak 

power densities are surpassed, maximum recommended junction temperatures may be 

exceeded and device reliability as well as performance may be compromised. Using this, 

a power budget where an upper limit is set to about 6.75 Watts. The power supply is 

expected to be –5.2V to accommodate the CML flip-flops, so the maximum constant 

(DC) current should be no more than 1.3 amps. 

GaAs HBT CML high speed differential pairs need to run as high as 4mA per 

stage to achieve performance at 10GHz clock rates, in particular when lines of reasonable 

length are to be driven. This will allow the use of 100ohm load resistors with 400mV 

on-chip voltage swings, typical for high performance GaAs HBT CML logic. Emitter 

follower stages may run as high as 2mA per buffer, or 4mA per pair. From this, a 

high-performance CML flip-flop, with two differential stages and 2 emitter follower 

pairs, could consume as much as 16mA, or 83mW. Lower power CML flip-flops may 

consume about half that. On the other extreme, output buffers will consume quite a bit 

more power as the final output stages will have a 25ohm load if the back-termination is 

chosen to be 50ohms; thus a 16mA output stage will be needed. An output driver, in its 

entirety, may consume up to 160mW of power. Both data and clock output drivers will be 

needed, but the on-chip clock distribution circuits may be among the most power hungry 

of all when considered in their entirety. The combined power of the three ADCs may also 

be large, but of course the most challenging element will the 64-bit LUT memory and all 

associated row and column drivers. 

If each of the 64 LUT memory cell consumes 4mA, and each of the eight row and 

eight column decoders and drivers consume 20mA, then the total power in the memory 
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cell will be just about 3 Watts. If 1 Watt is allocated to the output buffers and clock driver 

network, 0.33 Watts are allocated to the FIFO, then no more than 0.75 Watts are 

available to each of the three ADC circuits, this will keep the total power below 6.75 

Watts. In regards to circuit design, keeping the LUT memory and all associated decoders 

and drivers down to 3 Watts while achieving record breaking performance may be the 

biggest challenge that is presented. The preliminary power budget is summarized in 

Table 4-2 below. 

 

Table 4-2: Preliminary power budget from best-guess estimates of current consumption 
per unit cell results in an estimate of 6.93 Watts. This is near to the 6.75 Watt target 
that was set to keep power density at a reasonable level. 

CIRCUIT
Target Current 

(mA)

Target Power at    - 

5.2V (mWatts)
Quantity

Total Target 

Current (mA)

Total Target 

Power (mWatts)

ADC 144 748.8 3 432 2246.4

FIFO element 16 83.2 4 64 332.8

Bit & Write Inputs 50 260.0 1 50 260.0

LUT Memory Cell 4 20.8 64 256 1331.2

Row Decoders 4 20.8 8 32 166.4

Column Decoders 4 20.8 8 32 166.4

Row Drivers 16 83.2 8 128 665.6

Column Drivers 16 83.2 8 128 665.6

Clock Distribution 128 665.6 1 128 665.6

Output Buffers 32 166.4 2 64 332.8

Other 20 104.0 1 20 104.0

Total Power 

(Watts)
6.937  

 

4.4. Front-End Circuit Design 

4.4.1. Overview 

This section will describe the design of a high speed Analog to Digital Converter 

(ADC) for use in the front end of a fiber dispersion equalizer circuit implemented in 

InGaP/GaAs HBT technology. The equalizer converts received signals from the analog to 

the digital domain by one or more of the ADC converters described here, and then the 
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received data is combined into signal vectors that are associated with an estimate of the 

transmitted pattern by the subsequent circuitry. 

The ADC design is a 2-bit flash with three adjustable reference levels but without 

an analog sample-and-hold; the ADC more closely resembles three parallel decision 

circuits than a classic ADC. A total of three of these specialized ADCs are incorporated 

into the design as was discussed in Section 4.3.5. In addition, a digital bypass feature is 

incorporated into the circuitry such that inputs can be fed in digitally for a purely digital 

interface or such that an external ADC can be used. 

The circuits are developed and then optimized by simulation using GaAs HBT 

simulation models in a SPICE simulator. The equalizer’s specialized ADC is 

characterized as three parallel decision circuits and the results compared to similar work 

in published literature. Compromises in the ADC design to best accommodate the 

equalizer’s other requirements are discussed. 

  

4.4.2. Flash ADC design 

The equalizer requires a very fast analog to digital converter. In reference to 

Section 3.3.4.5, the fastest topology is the flash ADC, where an example is shown in 

Figure 4-10 [4.14-Maxim]. The front-end of a flash ADC typically an analog 

sample-and-hold circuit (see Section 3.3.2.4 and Section 3.3.4.5). This is followed by a 

series of comparator cells and a resistor ladder of bit-step increasing threshold levels. The 

analog input AIN feeds all the inputs and the top and bottom ladder references REF+ and 

REF- are external and/or isolated. The analog sample-and-hold circuit can be omitted if 
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the comparators are able to convert the input signal directly with sufficient precision. 

This is the case for the specialized 2-bit ADC of this work. 

A comparator is used to determine if the signal has exceeded a given level then a 

flip-flop is used to subsequently store the finding of the compare operation. The number 

of flip-flop/comparator pairs required for an N bit precision converter is 2N
 – 1. Thus a 2-

bit ADC requires 3 comparators and a 4-bit ADC requires 15 comparators. The output of 

the flash ADC is in a “thermometer code”, where each bit represents a specific voltage 

level. Digital logic is then used to convert the thermometer code to binary format or to an 

alternative format such as gray scale. 
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Figure 4-10:  A typical flash ADC block diagram. For an N bit converter, the circuit employs 

2
N
-1 comparators. 
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4.4.3. Design of the Equalizer’s ADC Decision Circuitry 

The fundamental building block of a flash ADC is the decision circuit. In digital 

circuit design, a decision circuit is synonymous with a flip-flop circuit (see Figure 3-21 

and further explanation in Section 4.5.3), but the decision circuit for an ADC uses a 

comparator before a flip-flop to increase the accuracy and suppress injection of digital 

switching noise (known as the kick-back effect). When combined, the circuit functions as 

a clocked comparator. 

A CML decision circuit is schematically shown in the simplified schematic of 

Figure 4-11(a). The front-end comparator (or digital pre-amp) is constantly comparing 

the input to a reference level; then, the flip-flop takes the result of this comparison only 

when a falling clock edge triggers it to change from track mode into hold mode. The 

binary value that results from the decision remains held by the cross-coupled differential 

pair of the flip-flop register until the next clock cycle. An emitter follower pair isolates 

the single-ended pins AIN and REF from the differential pair comparator, and a second 

emitter follower pair isolates the comparator from the flip-flop latches. This last buffer 

stage helps to drive the latch but also attenuates kick-back noise that originates from the 

switching of the flip-flop circuits. A VCS generator circuit supplies a reference level to 

the current mirrors of the comparator and latch. 

The final schematic of a decision circuit used in the 2-bit flash ADC includes 

circuitry to enable ADC bypass functions. This includes a VCS generator with an enable 

function that is dedicated only to the comparator (to isolate from any switching noise 

from the flip-flop), and a (second) selectable comparator that is used only when the 

bypass function is enabled. A schematic with ADC bypass circuitry is shown in 
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Figure 4-11(b). The input comparator’s VCS generator, differential pair and four emitter 

followers are biased at 2mA each. Within the flip-flop register, the first latch consumes 

5mA, the second 6mA. Thus, the total power consumption of the threshold decision 

circuit is about 120mW when a –5.2V power supply is used.  

 

comparator 
differential pair flip-flop

VEE

AIN

OUT

clk

clk

clk
OUT

input emitter follower 
buffer pairs

REF

vcs

latch latch

VCS 
generator

vcs

comparator 
differential pair flip-flop

VEE

AIN

OUT

clk

clk

clk
OUT

input emitter follower 
buffer pairs

REF

vcs

latch latch

VCS 
generator

vcs

 
(a) 

AIN

REF

CLK
CLKB

OUT

OUTB

comparator differential pair 
and bypass function pair

input emitter follower 
buffer pairs

flip-flop

VCS biasing circuitry

vcs

B
Y

P

B
Y

P
B

AIN

REF

CLK
CLKB

OUT

OUTB

comparator differential pair 
and bypass function pair

input emitter follower 
buffer pairs

flip-flop

VCS biasing circuitry

vcs

B
Y

P

B
Y

P
B
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Figure 4-11: Schematic of the decision circuit used in the Equalizer’s ADC: (a) A simplified 

schematic highlights the comparator and isolation buffers. (b) The actual schematic is 
slightly more complex as it includes a digital bypass function and dedicated VCS 
biasing circuitry. Power consumption is about 120mW at Vee = -5.2V. 
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4.4.4. Full ADC design 

To form a 2-bit ADC, the input signal amplitude must be placed somewhere 

between three threshold levels; thus the full ADC contains three decision circuits similar 

to those shown in Figure 4-11. The decision circuits are labeled in the block diagram of 

Figure 4-12 as the combination of a preamp block (front-end comparator circuitry) and 

two latch blocks (or a flip-flop). As per the diagram, in some cases it is possible to place 

logic between latches. The three reference levels ref1, ref2, and ref3 are connected 

through a reference resistor ladder.  On a falling clock edge, the value on node AIN will 

be compared simultaneously by three decision circuits. The result will be a 3-bit 

thermometer code representation of the digitized signal, which is subsequently translated 

to a 2-bit gray-scale code by a single AND gate. 
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Figure 4-13 shows a top level schematic of the implemented 2-bit flash ADC. 

The schematic also includes the associated elements of the Equalizer’s FIFO and ADC 

selection circuitry: two 2-to-1 mulitplexers and 2 of the 6 (total) FIFO flip-flop registers. 

The multiplexers direct the output of the associated ADC to the FIFO when the specific 

ADC is enabled. The registers in the FIFO make the results available to the LUT memory 

(these functions are further discussed in Section 4.3.5). 

The core of the Equalizer’s 2-bit Flash ADC are three ADCSUBx decision 

circuits; the internals highlighted in the schematics of Figure 4-11. Threshold levels are 

set by an integrated resistor ladder or can be overridden with references provided by 

external power supplies. Reference lines have large capacitors that are schematically 

placed within the decision circuit blocks; these serve to bypass any AC noise to ground. 

A single AND gate within the block ADCBITH transforms thermometer code to 2-bit 

binary. The ADC digital bypass function is included within the blocks ADCBITH and 

ADCSUBLSH if a purely digital input is required or an external ADC is to be used (see 

Section 4.3.5.2). The two ADCSUBH do not require a bypass function, these incorporate 

dummy bypass circuitry to mimic the loading on ADCSUBLSH. 
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Figure 4-13: Full ADC top-level schematic diagram including associated FIFO elements. 

 

One design objective of the ADC was to remain within or below a power budget 

of 750mW per ADC. In reference to Figure 4-11(b), each of the three decision circuits 

consumes 120mW and the bypass and 4th logic block ADCBITH about the same. The 

ADC’s local clock buffer consumes only 30mW. With the Mux and FIFO elements 

excluded from the sum, the total power consumption of the ADC is about 510mW. Thus, 

the ADC has remained within the allocated power budget. The ADC’s power 

consumption will be noted in a finalized design power summary that will be given in 

Table 4
-
3 of Section 4.6.3. 
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4.4.5. Functional Simulation of the Equalizer’s integrated ADC 

A simulation bench for the ADC is shown in Figure 4-14 where the block ADCH 

contains the entire circuit of Figure 4-13. A 3-stage clock driver is included; it is built 

from schematic components previewed in Figure 4-9. The clock driver buffers the 

sinusoidal input CLKI no more and no less than what will be done in the Equalizer 

application while also generating a differential signal to drive the ADC’s registers at the 

correct levels. Similarly, external controller circuits are used to create a proper interface 

to the ADC’s enable and bypass circuits. An external VCS generator is also included; this 

provides a reference level to all the current mirrors of the ADC with the exception of the 

input comparators; these have dedicated VCS generators as per Figure 4-11(b).  
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Figure 4-14: The ADC schematic of Figure 4-14 is placed into a simulation along with 

controllers, a bias generator, and clock driver circuitry. In this manner, the 
simulations mimic how the ADC will function when integrated into the equalizer. 

 

Functionality of the ADC circuit is shown with the input and output signal plots 

of Figure 4-15. The inputs are a piece-wise linear multilevel waveform created with 
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Matlab software and synchronized to 5GHz clock signal (captured at the node CLK of 

Figure 4-14). The output of the ADC is in gray scale but as there is no need to interface 

any external components; the 2-bit gray scale encoding can be maintained and passed on 

as is to the LUT in lieu of traditional binary. The proper translation of each of the four 

levels is indicated in the figure along with a translation table where the MSB is indicated 

as BIT1 and the LSB as BIT2. 
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Figure 4-15: Inputs and outputs of a transient simulation of the ADC front-end circuitry. A 

multilevel input signal at 5GHz is used to show the proper translation of analog 
levels into 2-bit gray scale. 

 

4.4.6. ADC Characterization 

Some of the classical ways of characterizing an ADC, such as Effective Number 

of Bits (ENOB) [4.15-Demler], do not make much sense when so few bits are involved. 
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As a result, the high speed 2-bit ADC of this work is better characterized as three parallel 

decision circuits and compared to literature accordingly. In fact, when one looks at the 

high speed DPR equalizer application, the equalizer’s ADC is utilized more like three 

parallel decision circuits than an ADC. And as the size of the LUT scales by 2N, a lower 

precision front-end ADC is preferable even if a DPR Equalizer were commercialized. 

In the numerical simulations of Chapter 3 the threshold levels were set 

asymmetrically to very specific levels to be able to identify key patterns. The 

performance of the front-end circuitry should then be evaluated by how small a 

difference that can be identified and how wide the window of time is needed to be to 

identify that value. This is much more applicable than an ENOB determination.  

A graphical representation of an eye diagram generated from a pseudorandom 

input sequence is shown in Figure 4-16. The parameters indicated describe how a 

decision circuit can be characterized. A decision is made once per bit period when the 

circuit is triggered by a clock signal; typically on the falling edge of a synchronized 

clock. In the case shown, the threshold reference level is taken as the mid-point of the full 

input voltage range. To achieve optimum BER, the sample should be captured within a 

certain phase margin and have amplitude greater than a certain minimum amplitude; this 

term is synonymous with the decision circuit’s input sensitivity. Below this minimum 

signal level the decision will have an ambiguous result. The minimum amplitude 

requirement increases with the amount of phase offset, where the optimum phase point is 

indicated. The minimum amplitude at optimum phase point describes the peak 

performance that can be obtained from a given decision circuit in a specific test 
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environment. This minimum value will increase as noise and cross-talk levels rise or if 

the clock frequency is raised. 
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Figure 4-16: An eye diagram is generated from a pseudorandom input sequence, the amplitude 

(volts) is on the y-axis and time is on the x-axis. A decision circuit is characterized by 
the min amplitude that can be recognized at a given phase angle relative to the clock. 

 

The phase margin of a decision circuit can be calculated as follows: 

  hsM B   1360  where B is the bit rate, s is the setup time of the flip-flop, and 

h is the hold time of the flip-flop [4.16-Pedrotti]. The phase margin can alternatively be 

measured in a given system by determining the difference between the minimum and 

maximum phase angles that can be tolerated. A full decision circuit characterization by 

measurement steps the input signal amplitude and clock phase over various frequencies 

while maintaining an acceptable BER. Just as the minimum recognizable input signal 

amplitude increases as phase offset increases, the phase margin decreases as the input 

signal amplitude decreases. As part of the design cycle, the characterization 

measurements described can be done by simulation. 
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In Cadence’s Spectre simulator, the output of the decision circuit is analyzed 

while the input is driven with a PRBS and the clock is progressively delayed relative to 

the input data stream. Time delay increments that are 1/20th of the clock cycle are used 

and the rise time and fall time of the input signal are each set to 10% of the clock period. 

The input signal amplitude is progressively decreased until the output is lost for all phase 

angles. The characterization is repeated at various clock frequencies. 

An example simulation set at 10GHz is shown in Figure 4-17. The input PRBS 

has an amplitude of 10mV peak-to-peak and the clock delay is stepped from 0ps to 100ps 

in increments of 5ps. In this manner, clock and data alignment are explored over a full 

360 degree offset range with 20 simulations. The highlighted output trace shows an 

example result when bit errors occur as a consequence of the amplitude and clock/data 

misalignment. 
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Figure 4-17: Decision circuit characterization at 10GHz with a 10mV peak-to-peak PRBS input. 

The highlighted outputs traces show bit errors that result from the input signal 
amplitude and clock and data misalignment. 
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A simulation set is run at different data rates so that the roll-off of input 

sensitivity and phase margin can be tracked versus clock frequency. The results of ten 

simulation sets at three different frequencies are plotted in Figure 4-18. External noise 

sources, parasitic capacitances, parasitic inductances, and package parasitics are not 

included; it should be understood that the results shown here are somewhat idealized. 

Figure 4-18(a) details the degradation of input sensitivity as clock and data phase offset 

are increased. While the input sensitivity and misalignment tolerance is very high at 

5GHz, the minimum input signal required is far greater at 15GHz and the phase margin 

degradation is far more dramatic. Figure 4-18(b) plots the absolute minimum amplitude 

that can be correctly detected on the y-axis (minimum amplitude at optimum phase) vs. 

frequency on the x-axis, while the phase margin is plotted on the right y-axis. 

As the frequency is increased from 5GHz to 15GHz, the minimum input signal 

that can be detected increases from 3mV p-p to 10mV p-p. The phase margin degrades 

from approximately 320 to 240 degrees. At the frequency of interest, 10GHz, the 

minimum recognizable input is 4mV p-p and the phase margin is 250 degrees; again, this 

is the result of a noise-free and parasitics-free simulation. Above 15GHz the main factor 

limiting performance was not the decision circuit’s input sensitivity, but the frequency 

response of the clock buffering circuitry; namely, a large amount of attenuation was seen 

at frequencies above 15GHz. This will be discussed further in [x] [check] Section 4.7.8. 
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Figure 4-18: Decision circuit characterization (a) the phase margin decreases as the input signal 
amplitude decreases until a minimum is reached (b) the minimum amplitude and 
associated phase margin are plotted vs. frequency 

 

4.4.7. ADC Design Compromises 

Because the input is single-ended, noise on the signal, reference, or power lines 

will degrade minimum amplitude sensitivity and the phase margin. This could include 

both white noise and synchronized noise, such as digital switching noise transmitted 

through the power lines into the decision circuit’s input comparator. Uncorrelated 

cumulative noise sources are added as the square root of the sum of the squares. 

Kick-back effects from digital switching can also be expected to increase when parasitics 

are included, and also expected to increase in magnitude as a function of clock frequency. 
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The expected result is that the minimum amplitude sensitivity will need to be increased 

when these effects are taken into consideration, but that the trend vs. frequency is 

expected to remain as shown in the plots of Figure 4-18. Experimental measurements of 

the actual die will follow in Chapter 5 and some additional analysis in Chapter 6. 

An effective way to reduce power line noise in single-ended system is to isolate 

analog power lines from digital lines, often going as far as using a separate power plane. 

This reduces the amount of currents being switched through the power lines for the 

single-ended circuitry. If furthermore the impedance of the connections to the dedicated 

analog power and ground planes can be lowered with the use of multiple bonds and/or 

wider and/or shorter traces to the power planes, the noise immunity will be expected to 

improve.  

Unfortunately, due to I/O and pad limitations, the ADCs in this work share 

ground and supply connections with the high speed digital address decoders and memory 

circuits. To reduce the power line impedances as much as possible in these conditions, 

the ADCs are placed at the edge of the equalizer die in close proximity to the bondwires 

and on-chip bypass capacitors. 

 

4.4.8. Comparison to Literature 

Though the decision circuit of this work is specialized for the Equalizer’s 2-bit 

flash ADC application, it will still be worthwhile to compare the performance to other 

decision circuits that have been published in literature. The most notable difference is that 

the Equalizer’s decision circuit makes use of internal clock buffers as the circuit is 
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located within an ADC rather than being a stand-alone unit. The clock buffers are not 

designed to go much above 12GHz in frequency and thus they limit the frequency 

response of the other embedded circuits. In the case of a stand-alone decision circuit, the 

clock can be driven directly by a high frequency 50-ohm source. As a result, the 

performance comparison to literature will be far from one-to-one.  

Still, the initial simulations of Equalizer’s decision circuit compare well to 

published literature. Experimentally, K. Runge et. al reported a decision circuit that had 

80mV pp sensitivity at 10GHz (or 10Gbps) with a phase margin that was 292 degrees. At 

20GHz the circuit responded to a 430mV pp input with a phase margin of 132 degrees. 

This was implemented using an AlGaAs/GaAs process with an emitter size of 

1.4x3.0m2 and an ft and  fmax of about 55GHz; a process very similar to Skyworks 

Solution’s process [4.17-Runge]. Using more a recent technology and test equipment, L. 

Samoska et. al reported 30mV pp sensitivity at 10GHz and about 65mV pp at 20GHz in 

an InP process with an fmax of 160GHz and and ft of 106GHz. For a 65mV pp input at 

20GHz, the phase margin was reported as 300 degrees [4.18-Samoksa]. 

In the somewhat idealized simulations of Section 4.4.5, it was noted that at 

10GHz the Equalizer’s decision circuit had a minimum recognizable input of 4mV p-p 

and the phase margin is 250 degrees. When compared to the measurements of Runge and 

Samoska, the Equalizer’s decision circuit seems to have much higher precision but a 

more limited bandwidth; this would be an excellent result for a decision circuit that was 

designed for a high speed flash ADC. But it is difficult to compare simulations to actual 

measurements; it will be a significant accomplishment if performance near to this level 
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can be maintained even when realistic noise sources and parasitics are added to the 

simulation. 

 

4.5. Memory Design and Output Drivers 

4.5.1. Overview 

High speed data processing frequently requires a number of read/write memory 

cells that can be driven at the maximum clock rate. These functions are typically fulfilled 

by single-bit Current Mode Logic (CML) latching flip-flop circuits, as detailed in 

Section 3.3.4.5. CML flip-flops are very fast but require many transistors and demand 

high power; this greatly limits how many can be assembled into a small area. In the case 

of the DPR equalizer where a 64-bit memory will be required, it will be shown in 

Section 4.5.8 that power requirements for an array built from single-bit latching flip-flop 

circuits starts to become unreasonable; an alternative circuit topology must be found to 

meet the target power budget defined in Table 4-2. Special attention needs to be given to 

the design of the custom memory to ensure that the speed of the entire system is not 

limited by its performance. 

To fulfill the requirement for a 64-bit memory capable of running at 10GHz, a 

custom memory topology is developed. To simultaneously achieve low power and high 

switching speeds, inactive cells are held in a standby condition and activated cells are 

current boosted during a read or write operation. In addition, selection and sense circuitry 

are shared between rows and columns. Switching speeds are shown to approach those of 

a CML flip-flop, but the footprint of each memory cell is small enough that it can be 



 222 

scaled in size to form an 8x8 memory array. When clocked at 10GHz, a 23-ps delay time 

through the worst-case path in the memory array is measured in a simulation that includes 

approximations of parasitic elements on interconnects and power lines. This is a notable 

accomplishment when the complexity of the memory cell is taken into consideration. 

This work was presented at the 2006 IEEE BCTM Conference in Maastrict, the 

Netherlands: “A 64-bit High speed Read-Write Look-Up Table Memory Implemented in 

GaAs HBT Technology” [4.19-Metzger]. 

 

4.5.2. Simplified Memory Block Diagram 

A static read/write memory array has function and form that can be depicted with 

the simple memory block diagram of Figure 4-19(a). The main features are an x-address 

decoder, an y-address decoder, and a sense amplifier that is used for both reading and 

writing operations. A memory cell within the array is selected when its x (or row) enable 

line and y (or column) enable lines are simultaneously called. The output of the selected 

cell will be interpreted or forced to a different level by a sense amplifier that operates 

through the memory column lines. 
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(a)     (b) 

Figure 4-19: (a) simplified block diagram for a static memory cell and associated (b) timing 
diagram showing the delays associated with obtaining an output when any given 
memory cell is addressed 

 

A memory timing diagram that can be associated with the memory of 

Figure 4-19(a) is shown in Figure 4-19(b). In the example, the ADDRESS remains 

valid for tCYC, but the previous ADDRESS remains valid until the time tD. DATA OUT, 

corresponding to the new ADDRESS, appears after the address access time tAA is 

succeeded and remains valid during tv. The data must become valid before a new cycle 

tCYC begins and remain valid long enough for the result to be interpreted or data will be 

lost. 

Most memory designs are concerned with the worst-case address access time tAA; 

the total delay time to obtaining a read-out (or write confirmation) after an address 

request has been received. But in the case of an open-loop data processor such as the 

proposed DPR Equalizer, the latency of the memory is not a real concern as long as the 

memory is able to respond to requests sequentially at the clock rate of the system. In 
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other words, it is acceptable to have a fixed delay from the inquiry to response time as 

long as no data is lost. This allows the memory to incorporate successive re-timing stages 

and/or digital delay stages within the logical calculations and memory read/write 

functions. This, in turn, allows the system and memory to maintain a very high clock rate. 

 

4.5.3. Circuit Design - Background 

A CML flip-flop is the fastest single-bit memory circuit. A schematic of a bipolar-

only implementation is shown in Figure 4-20. It is composed of two cross-connected 

CML latches (previously shown in Figure 3-21) that are triggered by the CLK and 

CLKB signals. A simple two-transistor voltage reference circuit is included in the 

schematic that generates a VBE tracking voltage at the node VCS. The VCS reference 

regulates the current through the various current sources at the tails of the differential 

pairs and emitter followers in the flip-flop, or better, the current sources mirror the 

current of the reference circuit. When CLK is high, the circuit is tracking the differential 

input voltage at IN; when CLK is low, the circuit will hold the value previously held at 

IN independent of the present value at IN. The CML flip-flop shown can be referred to as 

a digital track-and-hold circuit; this should not be mistaken with the analog sample-and-

hold circuit referenced in Section 4.4.2 that is often found in the front-end of ADCs. 
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Figure 4-20: The highest speed unit memory cell for bipolar technology is the CML flip-flop. 
The CML flip-flop is difficult to scale down size and power and thus is useful for 
only single bit memories or small memory arrays. 

 

The CML flip-flop, though very fast, is difficult to scale down in size and or in 

power. A 64-bit memory built from a bank of high speed latching CML flip-flop circuits 

becomes impractically large and power hungry. It is important to consider more dense 

memory topologies, such as high speed SRAM (Static Random Access Memory) circuits 

as well as low speed programmable high speed ROMs (Read-Only memory); also known 

as LUTs (Look Up Table). 

Figure 4-21(a) shows a typical example of an NMOS static random access 

memory (SRAM) unit cell while Figure 4-21(b) shows a conventional bipolar variant 

[4.20-Hodges]. In these examples, both memory cells feature a cross-coupled RTL 

(Resistor-Transistor Logic) inverter as the core, which are bi-stable in either the “1” or 

“0” state. This cell has positive (or regenerative) feedback such that a binary “1” or “0” 

will be stored indefinitely at nodes A and B unless the source or emitter coupled pair is 
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forced beyond the threshold point. A CMOS implementation, not shown, could be 

implemented in similar form to Figure 4-21(a) but with the resistor loads replaced with 

PMOS transistor loads. 
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Figure 4-21: Typical examples of high speed SRAM memory cells; an NMOS variant in (a) and 
a Bipolar variant in (b). 

 

The source coupled NMOS SRAM uses pass gates to enable the read or write of 

the bit at nodes A and B. When the WORD line is raised to a logical high, the addressed 

gate can be read from or forced into a new state with the applied voltages at BIT and 

BITB. The density of MOS transistors can be very high and the power consumption very 

low; this makes MOS-based memory the most practical choice when the devices are 

available. 
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Still, for small high speed memories (as an estimate, less than 1k bits), the bipolar 

transistor remained the best choice at the time of fabrication of the equalizer IC. The 

bipolar device, with it’s notably higher transconductance, had a significant advantage in 

regards to line driving capability, and in array structures most often this will be the factor 

that limits speed the most. 

In a bipolar-only process, the design of the memory cell is slightly more complex 

as it is not possible to implement a pure pass gate in this technology. Instead, bipolar 

SRAM takes advantage of a special dual-emitter transistor structure and the sharp 

exponential turn-on current vs. voltage characteristics of the bipolar transistor. Current is 

steered between the two emitters depending on the base-emitter voltage difference. The 

bipolar memory cell is “enabled” when the ROWU and ROWL lines are raised to logic 

“high” levels. Once enabled, the output can either written to or read from the COL and 

COLB lines, where “B” denotes the complementary signal. In read mode, current is 

pulled from emitter-1 of q1 and q2 and then the output compared at nodes BIT and 

BITB. In write mode, the levels at BIT and BITB are used to force the voltages stored at 

nodes A and B beyond the threshold point for switching. This is done by driving past the 

switch point, but never by driving the devices into saturation. 

 

4.5.4. New Memory Cell Development 

4.5.4.1. Individual Memory Cell 

In the design of conventional bipolar memory cells, one must trade off the 

response time of the memory with the total power consumption [4.21-Heald, 4.22-
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Zampardi]. A short analysis conventional bipolar SRAM of Figure 4-21(b) reveals the 

design criteria that need be taken into consideration when determining the best 

compromise. Afterwards, the design of a novel memory cell that improves the power vs. 

speed trade off is presented. 

The charge time of any given ROW line is determined by the impedance seen by 

the combination of memory cells on that line. Memory cells with smaller load resistors 

will have ROW lines that charge faster, but the ROW driver must be able to supply more 

charging current. In addition, with smaller load resistors, each memory cell will consume 

more current in standby mode. Observing Figure 4-21(b), it can be noted that standby 

currents can be reduced if ROWU is allowed to sit at a reduced logical low voltage (as 

close as possible to ROWL). But increasing the voltage swing on this node will also 

increase this node’s charging time; thus, to maintain the same speed with a larger voltage 

swing on ROW, a higher power ROW driver (not shown in Figure 4-21) must be used.  

The force and sense times (where sense/force = read/write) of the activated 

memory cells are likely the most critical delay times in the design of the conventional 

bipolar SRAM. Once selected and enabled, the binary value stored in the memory cell’s 

cross-coupled bipolar pair must be read out through the appropriate COL lines. Smaller 

load resistors in the memory cell improve the speed of the read/write operation once the 

cell has been activated, but just as with the ROW design, increased speed comes only at 

the cost of increased active and standby current consumption. A method that would 

reduce standby currents without compromising memory switching speed would be useful. 

= 
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To achieve a sub-50ps read-out time with a conventional SRAM array with eight 

memory cells per row and eight memory cells per column (to form an 8x8 memory 

array), load resistances must be in the 100ohm range, but to meet the power targets load 

resistance need to be in the 400ohm range. A new memory cell design is required that can 

allow the designer to independently control standby current and load resistor value. If the 

reduction of RC charge and discharge times can be decoupled from total power 

consumption, the peak performance can be obtained without the risk of high temperature 

performance degradation and/or reliability concerns. 

Figure 4-22 shows the new unit cell developed for the DPR Equalizer, a circuit 

that could be also useful to any high speed low-density memory application. For the 

fastest switch times, the memory cell and supporting circuitry are based exclusively on 

Current Mode Logic (CML). Standby current is set by the current source qcs and 

reference voltage VCS. Larger resistors r12 and r22 are cross-connected to define a 

positive feedback condition for the differential pair formed by q12 and q22. This 

maintains a bi-stable differential voltage across nodes A and B, which will assign a 

digital high or low to the memory cell. The memory state is held by this cross-coupled 

transistor pair in a relatively low-current stand-by state, until the cell is activated with an 

address selection. 

When ROW is brought to a logical high, the voltages at nodes A, B, as well as 

AA, and BB are raised and all of the eight memory cells on the selected ROW are 

enabled for a read or write operation through both YCOL1 and YCOL2 lines which have 

identical logic (as opposed to complimentary logic). Memory cell full-activation occurs 

when both the appropriate ROW line and COL currents are activated. Line driver 
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transistors q11 and q21 pull a “boost” current from load resistors r11 and r21 to drive 

sense lines YCOL1 and YCOL2. 

The resistors r11 and r21 are set to [x]150ohms while r12 and r22 are set to 

[x]350ohms. The standby current, determined by VCS and qcs, is set to 2mA; the boost 

current is set to 6mA for each COL line. When an individual cell is activated, total 

current of the memory cell and the column drivers will be 14mA. All GaAs HBT bipolar 

transistors are minimum sized [x][2.2 x 2.2]um2 devices with dual base contacts with the 

exception of q11 and q21 which are sized larger at [x][2.2 x 6.0]um2 to be able to handle 

the higher boost currents. 
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Figure 4-22: A novel CML high speed memory cell is developed that does not compromise 

switching time for static power consumption. Individual memory cells are addressed 
by ROW and COLumn selection: X-selection pulls entire ROW high while a Y-
selection sends a boost current down the set of activated YCOL lines. The current 
boost allows a quick read/write of internal node voltages A and B with low RC time 
constants and thus very fast switching times. 
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4.5.4.2. Memory Cell with Column Lines and Sense Output 

A single memory cell is shown with the associated force-sense amplifier and 

column “boost” circuit in Figure 4-23. Each column features two column “boost” 

circuits, where the boost current comes when current is steered through qcs1 and qcs2 

and when the y-address decoder (not shown in Figure 4-23) enables the appropriate 

column. At the top of each column, there is a force-sense amplifier, where a section of 

the amplifier is shown with qse1 and qse2. The memory cell, with memory state stored 

across nodes A and B, is repeated 64 times in 8 columns and 8 rows. 
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Figure 4-23: Custom memory cell for the DPR Equalizer including Boost and Sense sections. 

Boost current enabled by Y-decode, tri-level logic at WRI controls read and write 
operation. The output of the read and write operations will appear at OUT. 

 



 232 

Figure 4-24 repeats the schematic image that was shown in Figure 4-23 but adds 

a depiction of currents through the column driver, memory cell, and sense amplifier for 

three operation modes. Standby mode is depicted in Figure 4-24(a) while read and write 

modes are depicted in Figure 4-24(b). In standby mode, ROW is kept at a logical low 

and the column boost is turned off as boost current is steered away from qcs1 and qcs2 

by a logical low also on COL. ROW uses custom single-ended logic where –1.4V 

indicates a logical “1” and –2.0V indicates a logical “0”. As previously mentioned, each 

column driver circuit is driven by 6mA such that the pair draws 12mA in either standby 

or read/write mode. COL uses –2.4V as a logical “1” and –2.8V as a logical “0”. The 

row and column drivers will be detailed in Section 4.5.5.  

For a read operation, WRI is set to the exact mid-level of the memory logic. In 

this case, the mid-level value is –0.25V and the full voltage swing of WRI and it’s 

complement WRIB is 0.5V; a logic “high” is 0V (ground) and a logic “low” is –0.5V. 

Current source qcs1 (enabled by external column y-address decoders) steers current 

between qse1 and the selected memory cell’s q11 COL driver. In short, qse1 and q11 

form a differential CML pair, where the load transistors are rs1 and r11 (r11 and q11 are 

located in the memory cell as labeled Figure 4-22). The read function is differential, so 

the same boost and comparison occurs between the transistors qse2 and q21. A 

differential reading of the memory state stored on nodes A and B will be produced at 

OUT and OUTB. 

If a write operation is desired, ROW and COLumn selection are used to select 

and activate a memory cell the same way as was done for the read operation. However, 

for write mode, WRI must be set to a differential logic level rather than kept at mid-level. 
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If a “1” is to be written, then WRI must be put to a logic “1” (0V) and WRIB must be set 

to a logic “0” (–0.5V). This operation will cause the memory state of the selected unit cell 

will be overwritten rather then read-out, and the new value of the memory cell will be 

produced at OUT.  
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Figure 4-24: Depiction of operation modes of the DPR Equalizer’s memory cell. In (a), the 

memory cell is shown in STANDBY mode with ROW= 0, COL= 0, WRI=X, and YBST 
(boost) current steered to VEE from the ground node. The memory value is held on A 
and B. In (b) a memory cell is selected for READ when ROW=1, COL=1, WRI= mid-
level or for WRITE when ROW=1, COL=1, and WRI= the state to be written. The 
READ output or WRITE input is produced at OUT. 

 

4.5.4.3. Memory Array and Sense Amplifier 

The memory cells of Figure 4-22 are laid out in an 8x8 array, such that column 

lines are shared between eight vertically aligned cells and row lines are shared between 

eight horizontally aligned cells. The memory array is depicted in Figure 4-25, where a 

“memslice” denotes a block of 16 memory cells. As was discussed in Section 4.5.4.2, the 
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ROW lines are single-ended, while the COL lines are routed as matched pairs rather than 

in a differential fashion. The ROW inputs of each “slice” are staggered such that the 

input to the upper row comes from the left side and the input to the lower row comes 

from the right side. In Section 4.6.2 it will be shown that staggering the row drivers in 

this manner allows the layout to be more compact and distributes the heat of the power-

hungry row drivers over a larger area. COL lines are shown coming in from top and 

bottom, but in the layout the column drivers are all on the bottom and the selection slice 

“selslice” is placed along the top of the 8x8 array. 
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Figure 4-25: The 64-bit memory array is made up of 8 rows and 8 columns of memory cells. 

Row drivers are staggered on left and right sides, column drivers are placed on the 
bottom; the force-sense amplifier is on the top. 

 

The force-sense amplifier denoted as “selslice” in Figure 4-25 is highlighted in 

Figure 4-26. It is essentially an 8-to-1 multiplexer composed of eight differential pairs 

which correspond to qse1 and qse2 from Figure 4-23. The eight read-write transistor 
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pairs have collectors tied to a common output load resistor set: rs1 and rs2, as denoted in 

both Figure 4-23 and Figure 4-25. The column drivers activate just one of the eight 

differential pairs and comparisons occur between levels at the bases of qse1 and qse2 to 

internal levels in the activated memory cell, as depicted in Figure 4-24 and described in 

Section 4.5.4.2. The single bit output appears in differential form across rs1 and rs2 at 

the node OUT.  
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Figure 4-26: The force-sense amplifier of the LUT memory is similar to an 8-to-1 multiplexer 

composed of eight transistor pairs and a single pair of load resistors. Only one of the 
transistor pairs will be active at any given moment. 

 

4.5.5. Design of Decoders, Row drivers, and Column drivers 

4.5.5.1. Row and Column Decoders 

The row and column decoder logic circuit featured in Figure 4-27 is a 

single-ended NOR gate with inputs A, B, C and complementary outputs NOR and OR. 

The single-ended NOR gate is much more simple in CML than a differential NOR 

design, but the response time of the single-ended circuit will of course be a little slower. 
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But because a retiming flip-flop will be used between the logic and the column and row 

drivers, the single-ended gate will have about 50pS to settle when the circuit is clocked at 

10GHz, which will be manageable. 

The node REF is a reference level at mid-logic and VCS is a voltage level used to 

keep the NOR gate’s current source biased “on”. The current source ensures that a 

constant current will be steered through either the left or the right side of the differential 

pair(s). If either A, B, or C is higher than REF, the current will be steered through the 

load resistors such that the NOR output will go to a logical “low”. If REF is higher than 

A, B, and C, NOR will go to a logical “high. The single ended logic levels use 500mV 

swing and the REF level is set to -250mV.  
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Figure 4-27: LUT memory’s row and column NOR decoder circuit. The input is single-ended so 

500mV levels are used on logic inputs A, B, and C. 
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4.5.5.2. Column Drivers 

The column driver with associated logic and re-timing block is shown in 

Figure 4-28. As per the simplified schematic of Figure 4-12, the NOR gate is placed 

between two latches that make up a flip-flop; the leading latch is external to Figure 4-28. 

The output of the re-timing stage XLATCH feeds two individual column driver circuits. 

The schematic of a column driver circuit is highlighted; one collector is the output, the 

other is connected directly to ground. In Figure 4-23 a column driver pair is shown with 

collectors YCOL1 and YCOL2 connected to a memory cell and a force-sense transistor 

pair. 

The schematic of XLATCH is identical to that of Figure 3-21 but with a second 

VBE diode introduced into the output path. This drops the -1.4 to -1.8V seen at the output 

of the latch’s emitter followers to -2.8 to -3.2V at the output of the XLATCH circuit. The 

column driver’s bias current is defined by the column driver input node that sits at -2.8V; 

the one that is at a logical high. This results in -4.2V at the emitter of the active HBT in 

the column driver’s differential pair and places 1V across the two parallel 333ohm tail 

resistors. The bias current of the column driver is then set by the current through the tail 

resistors: 1/(333/2) = 6mA such that the pair of column drivers consume 12mA. To 

ensure that the differential pair will switch as fast as possible, the bias current is designed 

to remain constant whether the specific column driver is activated or not activated.  
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Figure 4-28: After y-address logic is decoded, the output is retimed and the column drivers are 

driven by a retiming latch. The column driver pair (one in each of the eight columns) 
is incorporated into the lower half of Figure 4-23. 

 

4.5.5.3. Row Drivers 

Details of the row driver is shown in Figure 4-29. Like the column driver of 

Figure 4-28, the row driver is selected by an address decoder and then driven by a 

retiming latch. The row driver itself is a cascoded differential pair design with an emitter 

follower output stage. The cascode stage helps speed switching time of the differential 

pair by eliminating miller capacitance related to the CBC of the switching stage. To 

achieve this, it’s important that the emitters of the cascode stage are not allowed to drift 

during long sequences of 0’s or 1’s. A 2mA bias “keep-alive” current is bled off the 

emitter of each cascode transistor for this purpose. This locks the emitters of the cascode 

stage to GND - (1xVBE). Without the keep-alive current, the cascoded row driver could be 

come subject to large amounts of pattern dependant jitter. 
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The output of the row driver is a large emitter follower stage. This provides the 

ROW line both with current drive and a single VBE level shift that the memory cells 

needs. When a given row driver is selected, the row driver provides the drive current 

needed for the entire row as well as for the activated memory cell. Even when the x-

decoder logic does not select the given row driver, the OUT node provides the bias 

current needed by the inactive memory stages. 

 

GND

VCS

VEE

OUT

IN IN

 
Figure 4-29: The LUT memory’s Row driver’s output is single-ended and incorporates a 1xVbe 

drop. With 500mV of output swing, the output ranges from –1.4V to –1.9V, 

 

4.5.6. Complete Memory Array 

Block diagrams of the full memory circuit are shown in Figure 4-30. As shown in 

Figure 4-30(b), columns and rows are placed staggered on both sides of the memory 

array to keep interconnect lines as short as possible and evenly spread power-hungry row 

line drivers across the die. An additional clock delay is inserted before a final retiming 
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flip-flop. An individual memory cell is selected with a 6-bit address vector that is made 

available every clock cycle at the output of the FIFO. The leading 3-bits are used to 

decode the X-axis coordinates (ROW) and the trailing 3-bits are used to decode the Y-

axis (COL). The sense amplifier sits at the top of the memory array. When flip-flop 

retiming stages are taken into account, latency through memory circuit (alone) is 2 clock 

cycles. The clock is delayed additional 20ps through the final and most critical stage to 

aid in resolving the extended delay time that is expected for the memory to respond. 
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(a)      (b) 

Figure 4-30: (a) A block diagram highlighting the 64-bit LUT memory of the equalizer. The 3x2 
bit FIFO provides the data for the x and y decoders. The ADCs and other equalizer 
components are omitted for simplicity. (b) Detailed block diagram of memory cell 
indicating staggered placement strategy for row and column drivers 

 

4.5.6. Memory Cell Simulations using Critical Path Analysis 

Design optimization was done by simulating the critical path using interconnect 

capacitance estimated from preliminary layouts. A full SPICE circuit schematic is driven 

by a pseudo-random source with a 5GHz clock source. The chosen simulator is 

Cadence’s SPECTRE analog simulator. A PRBS is used at the input to call out arbitrarily 
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chosen addresses while the memory is synchronously toggled between read and write 

modes at various times during the transient simulation. In this manner, the speed of both 

read and write functions can be observed. A top-level schematic highlights the critical 

path in Figure 4-31. 
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Figure 4-31: A critical path simulation was used to observe transient signals along a worst-case 

path on the die and optimize drivers accordingly.  
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The operation of one of the memory cells in the critical path is highlighted in 

Figure 4-32. In this figure, transient signals are captured within this particular cell that 

was activated at various times in the critical path simulation. When the row is enabled but 

the cell not specifically selected (indicated as “row enable”), the voltage on cross-coupled 

inverter is raised but the value held on the cross-coupled differential pair is neither read 

out nor written to. If instead the memory is enabled and the specific cell is selected for a 

“read operation”, the row selection enables the memory cell to respond to a current boost 

from the selected column drivers. Current is pulled from the cross-coupled outputs of the 

differential memory cell, but the memory state is not corrupted or switched. If instead a 

“write” operation is called for, the row and column drivers again identify a specific 

memory cell, but the voltages set on the WRITE node cause the cross-coupled inverter to 

be forced to change state. 
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Figure 4-32: Voltage on cross-coupled inverter of an individual memory cell as it goes first 

through a write operation, then an enable without read or write, and last, a read 
operation. 
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Figure 4-33 shows the output eye diagram of the memory as simulated with a 

5GHz clock. The simulation analyzes performance of an individual memory cell along 

the critical path, and is used to determine the latency in read and write modes. In this test, 

the memory is toggled between read and write mode. Vertical markers on the eye 

diagram are used to measure the worst-case time delay from the rowdriver’s output to the 

sense amplifier’s output; the most critical delay path on the chip. The output is bi-modal: 

two distinct switch times are identified, which can be shown to correspond to read mode 

and write mode. The latency in read mode is very fast, only 22ps. Write mode is the 

slower of the two, with a 52ps delay time on the most critical path. This result suggests 

that the circuit will be able to run in read mode at the target clock frequency of 10GHz, 

but that write mode may need to occur at a slightly lower frequency, such as 5GHz. The 

critical path simulation shows that the CML LUT memory functions near the maximum 

clock rate of the technology. 
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Figure 4-33: Transient simulation at 5GHz with parasitics where memory toggled between read 
and write mode. The output is bi-modal: two distinct switch times are identified 

 

4.5.8. Memory Cell Scaling Analysis 

If in future variants one were to attempt to scale the LUT larger, the topology is 

such that if there are N memory cells, then N  rows will be needed with N  row 

drivers, N2 column amplifiers, and N2  sense transistors. How the interconnect 

capacitance and fan-out increases with area is now analyzed. First, the advantages of the 

custom cell vs. a standard D-flip-flop are reviewed. In Figure 4-34(a), a reduced layout 

of a D flip-flop in the selected GaAs HBT technology is found to be of size 80m x 

125m = 10000m2. The memory array of this work is 50um x 70m = 3500m2, as 

shown in Figure 4-34(b). The savings in area is thus a factor of 2.8. Comparatively, the 
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cell of this work is 35% of the size of a D flip-flop. The total memory area will increase 

quickly as the size of the memory is increased, as indicated in Figure 4-35.   

 

size array unit

50um x 70m

size FF (not minimized here)

80um x 125m
 

(a)     (b) 

Figure 4-34: (a) CML Flip-Flop layout vs. (b) layout of a unit memory cell of this work 

 

 
 
Figure 4-35: Simple depiction showing how memory array scales with increasing N.  
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Looking in detail at the reduction in power of the D flip-flop vs. the cell of this 

work, both power and area are taken into consideration. To maintain switching speed, Ic 

is increased by approximately: 
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where the following approximations are used:   fFCload 50   and   
m

fF
C erconnect



1
int   

The Flip-Flop’s power will be scale linearly with RL and IFF as indicated. 

Constants a and b specify start and growth constants. In this case, start capacitance is the 

load (approximately fixed), and the growth element is due to the interconnect. RL scales 

as: 
Nba

RL



1  , IFF scales as: NbaIFF  , and thus overall power scales as: 

NNkNkIVP FFee  21      (4.2) 

When looking at the memory array power estimates, specific to the cell of this 

work, it is found that the array power is sub-linear. The difference is that the cell bias 

current is constant - does not change with N. The number of column and row drivers 

scale with sqrt(N). Specifically, RL scales as: 
Nba

RL



1 , IROW & ICOL scale as: 

NbaIFF  , and so the overall power scales as: 

    )(2 NbaNVNIVP eecellee       (4.3) 

which can be simplified to: 

  NaVNbIVP eecellee 22       (4.4) 
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Essentially, the power savings is not only due to the lower power consumption per 

cell, but also to the reduced interconnect length that must be driven. This is accounted for 

in the RC time in the equation. 

To further justify the development of the custom memory cell of this work, in 

Figure 4-36 the power and area of a CML Flip-Flops vs. the memory cell of this work 

are plotted. At a 64-bit memory size, the power savings are from 4 Watts to 

approximately 2.35 Watts; a power savings of 1.65Watts, or 41%. 
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Figure 4-36: This plot compares power vs. number of bits for a CML Flip-Flops vs. the memory 

array of this work 
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4.5.9. Clock and Output Drivers 

Shown below is representative block diagram of the multi-stage output buffer that 

was implemented for the design of the equalizer’s drivers. Simulations showed that the 

single ended outputs could be sensitive to any sort of interference or cross-talk. The use 

of a common VCS generator could be enough to induce jitter in the output through the 

coupling of the output lines through the Cbc of the current source transistor. Thus, all the 

single ended output drivers used a dedicated VCS generator. 
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(b) 

Figure 4-37: (a) Equalizer clock and data output driver simplified schematic. The larger 
differential pairs are composed of multiple transistors. (b) The actual schematic uses 
a cascaded output stage, emitter degeneration, and diode level shifters to equalize 
Vce voltages in the current mirrors 

 

4.6. Completed Circuit and Layout Details 

4.6.1. Complete block diagram 

The complete block diagram of the equalizer is shown in Figure 4-38. Three 

ADC blocks are noted along with a clock driver/clock selection elements, the memory 

cell, and output driver block. 
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Figure 4-38: Full top-level schematic layout of the DPR Equalizer. Three ADC blocks are noted 

along with a clock driver/clock selection elements, the memory cell, and output 
driver block. 
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4.6.2. Layout details 

The circuit layout is shown in Figure 4-39, with key components of the equalizer 

indicated. Chip dimensions are 2.85mm x 2.85mm. The chip contains 550 transistors and 

the power dissipation is 8.2W at –5.2V 

64 bit
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Figure 4-39: Equalizer die layout with key components indicated. 

 

4.6.3. Power Consumption Summary  

Power density must be analyzed in both local and global perspectives. Locally, 1 

Watt per mm2 is an advisable target that will be able to keep junction temperatures below 

reliability limits. This number can be exceeded within reason when good heat sinking is 

present. With a 2.85mm x 2.85mm = 5.7mm2 die size, the advisable power should not 

exceed more than 6-7 watts. The actual circuit’s power dissipation when complete was 

nearer to 8W. This corresponds to 1.4 watts per mm2.  
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Table 4-3: Final power budget from actual current consumption of each unit cell. Total 
power exceeds 6.75W target by about 1 1/2 Watts. 

CIRCUIT Current (mA)
Power at - 5.2V 

(mWatts)
CIRCUIT ESTIMATES Estimated Current

Estimated Power 

(mWatts)

ADCH 164.793 856.9 ADC1 + 1/3 FIFO 165.3 859.7

ADCH 164.793 856.9 ADC2 + 1/3 FIFO 165.3 859.7

ADCV 164.793 856.9 ADC3 + 1/3 FIFO 165.3 859.7

BITBLK 80.779 420.1 Bit & Write Inputs 50.0 260.0

MEMORY 815.894 4242.6 All Memory Elements 576.0 2995.2

OUTBLK 91.8 477.4 Output Buffers 64.0 332.8

CLKBLK 71.154 370.0 Clock Distribution 128.0 665.6

OTHER 29.994 156.0 Other 20.0 104.0

Total Power 

(Watts)
8.237

Total Estimated 

Power (Watts)
6.937  

 

4.7. Full Circuit Simulation 

4.7.1. Simulation Description and Setup 

To validate circuit functionality and evaluate the expected performance of the 

completed circuit, a series of simulations were devised that allowed us to test the 

completed equalizer. A short 50ns simulation is highlighted in this section to show 

functionality at 5GHz; then, the clock frequency and associated input signals are 

increased to 10GHz to evaluate performance. The impact of bondwire parasitics on the 

simulation results are observed. 

The input signals AIN, CLKI, BIT, and WRI are shown in Figure 4-40. The input 

is a piece-wise linear multilevel waveform created with Matlab software, this signal is 

synchronized to the 5GHz input clock. The 200ps period of CLK is indicated. To test the 

equalizer in both read and write modes, BIT and WRI sequences are also provided. When 

WRI is low the equalizer will be in read mode and BIT will be ignored, when WRI is high 

the equalizer will be trained according to the input at BIT and the input vectors created by 

AIN. 
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Figure 4-40: A full circuit simulation tests the equalizer in both read and write modes at 5GHz 

with a multi-level input sequence on the analog input. The input signals AIN, CLKI, 
BIT, and WRI are shown. The clock input is sinusoidal and a 200ps period is 
indicated. 

 

4.7.2. Functional Simulation at 5GHz 

Cadence’s “node set” command is used to set initial conditions in the memory 

array. With the equalizer set to read mode (WRI low), the first few nanoseconds of the 

simulation capture the equalizer output reading out address vectors called by the patterns 

presented at AIN. 

The first 15ns of the 5GHz functionality simulation is shown in Figure 4-41(a). 

When WRI goes high the equalizer enters write mode. During the write operation, OUT 

matches BIT after a delay of 4 clock cycles. This is indicated in the plot of 

Figure 4-41(b) that captures the 5GHz simulation results from 7ns to 23ns; slightly 

overlapping the plot of Figure 4-41(a). Next, the equalizer is set back into read mode by 

setting WRI to low on the 20th nanosecond of the functional simulation provided. At that 

time the bit pattern is ignored and OUT is defined by the memory states called by address 
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vectors called by the patterns presented at AIN. In Figure 4-41(d), the equalizer remains 

in read mode and the pattern at OUT continues to follow the repeating multilevel pattern 

at AIN until the equalizer enters a write pattern test, switching in and out of read and 

write mode. 
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(c)     (d) 

Figure 4-41: Cadence simulation is used to show equalizer functionality and performance at 
5GHz. The equalizer is used in various modes of operation including (a) read, (b) 
write, (c) read, (d) read followed by a random read/write sequence.  
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4.7.3. Simulated performance at 10GHz 

With functionality confirmed at 5GHz, the clock frequency and associated test 

sequences were increased to 10GHz. Figure 4-42(a) shows the clock and data eye 

diagrams in a full circuit simulation. Because almost all the circuitry is differential, the 

inclusion of bondwire parasitics (that are derived in Section 4.8.4) did very little to 

influence the results and in the particular simulation shown, were omitted. The jitter, as 

measured at the center of an eye crossing shown in Figure 4-42(b), is about 8ps. 

 

    
(a)      (b) 

Figure 4-42: An eye diagram of the equalizer’s clock and data output are shown when the input 

patterns of Figure 4-41 are increased to a 10GHz clock rate. The eye diagram of (a) 
includes no parasitics on the package. (b) is used to measure the jitter in the center 
crossing of the output, which is about 8ps. 

     

4.8. Test Board and Assembly 

4.8.1. Overview 

A commercially available 32-pin multi-lead frame package produced by MSI 

(Mini-Systems, Inc.) was chosen to hold the equalizer die. In this section, a custom high 
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speed test board is custom fit to this package. The test board is a unique design that 

allows excellent bypassing, microwave performance, and thermal routing. Heat sinking is 

through a two-piece metal assembly that is devised to fit onto the back of the test board. 

It connects directly to the back of the package through a cut-out in the center of the 

board, and also serves as a ground plane. The design of the board, die mounting, and test 

board assembly are discussed in this section. 

 

4.8.2. Package Selection 

Because a custom package for a multi-gigabit IC can be extremely costly, a 

standard package is chosen. A 32 pin micro-lead-frame package, manufactured by MSI, 

proved to be a good choice for the project because it provides multiple I/O, good 

impedance matching to microstrip, and good thermal characteristics via the gold plated 

metal back-plane. The back-plane allows heat to be readily transferred out the die when a 

heat-sink is attached. 

The package cavity opening is only slightly larger than the die itself and thus it is 

possible to connect the die to the outside world using short wire bonds. The package’s 

internal traces are routed out of the metal cavity two layers of insulating alumina. Signals 

are carried out of the package by flat metal leads that can readily interface to a 

transmission line on a Printed Circuit Board (PCB). The package leads are compatible 

with the width of microstrip lines or the spacing of grounded coplanar waveguide on 

typical FR-4 based PCB. As a result, a microwave transition with low insertion loss from 
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the die to board can be designed. The package previously shown in Figure 4-5, below is 

shown in Figure 4-43 with an equalizer die mounted inside the cavity.  

 

 
Figure 4-43: A 32 pin package from MSI is selected for the design; a die is shown mounted in 

the package. 

 

Package selection was incorporated into an early part of the design cycle as 

discussed in Section 4.3.4. This ensured that the die layout could be designed and 

optimized around the spatial, bandwidth, and thermal limitations of an available package. 

Most importantly, the IC floorplan could then be designed and optimized around the MSI 

package’s available pins and their specific locations. 

 

4.8.3. Die Selection, Mounting, and Bonding 

A custom high speed probe card for on-wafer evaluation of Equalizer die could 

cost between $8,000 to $30,000. As a result, wafer and die selection was done consulting 

the GaAs fab’s PCM (Process Control Monitor) data only. Die could only be tested for 

functionality and performance only after assembly. 
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After the wafer was scribed and a die were picked, high-grade thermally 

conductive silver epoxy was used to affix the selected die to the back of the package as 

shown in Figure 4-44(a). Manual wire bonding of the die to the package is shown in 

Figure 4-44(b). 

 

 

  
(a)     (b) 

Figure 4-44: In (a), Theresa Leyva of Skyworks Solutions is preparing conductive epoxy to 
attach of an equalizer die. In (b), an equalizer is being connected to a package by 
manual wire bonding. 

 

4.8.4. Approximations for Bondwire Parasitics 

Signal, power, and ground bondwires can be clearly seen in Figure 4-45. The 

equalizer is snugly fit into the package cavity, but with enough space to “down-bond” 

ground bondwires on all four sides. The bondwire parasitics approximated in this section 

were reviewed in the simulations discussed and shown in Section 4.7.3. 
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Figure 4-45: This picture details the wirebonding used in the assembly with triple VEE bonds on 

each corner and a total of 32 down bonds to connects the die ground to the package 
backplane. 

 

High speed lines are bonded to package output traces by short bondwires no more 

than 500m in length. If bondwire inductance is approximated as 1nH per 1mm, then 

each signal line will have 500pH of series inductance. Though a more accurate 

approximation would be possible using measurements from optical images to model the 

wires in a 2½-D or 3-D electro-magnetic simulator, in the case of manual wire bonding 

(where each wire will be slightly different), a simple approximation is the most sensible 

approach.  
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All of the IC’s ground pads are down-bonded to the package back-plane with 

short 250m bondwires. Thus the metal back-plane serves not only as a means to extract 

heat from the back of the die, but also as a low inductance ground-plane. A total of 32 

down-bonds connect the die ground pads to the package back-plane. With approximately 

250pH of inductance per down-bond, an estimate of the inductance between the back-

plane and the die is 250/32 = 7.8pH.  

Triple bonds in each corner bring in VEE power lines for a total of 12 VEE bonds, 

where each has an approximate length of 0.5mm. Multiple bonds on VEE are essential to 

ensure there is only a limited voltage drop. If a 1-mil bondwire has about 0.1 ohms per 

millimeter, the parallel combination of 12 0.5mm bonds will have 4.1 milli-ohms 

resistance. This amounts to a voltage drop of approximately 16mV when VEE draws 

1-amp, which is acceptable. Due to relatively large VEE bypass capacitors on-chip, the 

inductance seen on the VEE lines is less of a concern when a solid ground has been 

defined. 

It is important to be able to quickly estimate the effects of bondwire parasitic 

inductance in simulations, for cases of both parallel and individual bondwires. Bondwire 

inductance can be estimated using equation (4.5):  
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As a rule of thumb, the result of (4.5) can be approximated as 1nH/mm [4.23-Lee]. 

Coupled parallel bondwires of equal length have mutual inductance that can be 

approximated as follows: 
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Where   is the length of the bondwires (in units of meters), D is the distance between 

them, and the magnetic constant 6

0 102566.1  (permeability of free space) [4.24-

Terman]. For two or more parallel bondwires, the inductances are first combined as 

parallel independent inductors as the term Lpar, then the sum of all the mutual inductances 

are added to Lpar to obtain an equivalent inductance Lequiv as given in (4.7) 

 MLL parequiv       (4.7) 

Where M is each mutual inductance solved from (4.6) and coupling is considered 

between all parallel bondwires, not only adjacent ones.  Additional useful derivations can 

be found in published work by Grove and Getsinger [4.25-Grove 4.26-Getsinger]. 

 

4.8.4. Prototype Test Board Design 

In Figure 4-46 shows a preliminary board design made “by hand” using 

university resources only (as prototyped in a UCSD micro-fabrication laboratory).  Many 

thanks to Dr. R. Welty of UCSD who contributed to the design and prototyping of the 

preliminary high speed board. Rogers 4003B material is selected for the board; a material 

superior to FR4 as it is easier to process, resilient to assembly stresses, provides superior 

performance from 0-10GHz, and has lower attenuation from 10-30GHz. The PCB was 

cut in the center such that the MSI package backside can rest on a rectangular aluminum 

chuck that was custom machined for the project. The board and chuck are held tightly 

together by twenty eight machine screws. Despite the raw nature of the design and 
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assembly, the thermal management of the design is quite good. Heat generated by the 

equalizer could be readily dissipated with the help of the aluminum chuck.  

 

  
(a)     (b) 

Figure 4-46: (a) prototype equalizer board made in UCSD fabrication facilities and (b) an 
equalizer module shown under test on the prototype board 

 

4.8.5. Final Test Board Design 

In efforts to improve the equalizer performance (see Chapter 5), a more 

advanced board was designed for the project and then manufactured by MPI (Multilayer 

Prototypes, Inc) in Newbury Park, California. The objective of the new design was to 

improve the quality of the microwave transmission lines, improve the transition to the 

package and connectors, and shorten the proximity of power-line bypass capacitors to the 

die. The entire test board assembly consisted of a Rogers 4003 4-layer high speed board 

with gold plated vias and a center cut-out, a two piece heat-sink, a low speed 

interface/controller board, and a 12V electric fan. A diagram of the high speed board, cut-

out, and heat-sink assembly is shown in Figure 4-47 below. A low speed 

interface/controller board (not shown) will sit below the high speed board assembly. 
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Figure 4-47: This diagram shows how the high speed test board interfaces with a heat-sink sub-

module that fits into a cut-out in the PCB. The sub-module also functions as a ground 
plane. The main heat sink is then pressed onto the back of the sub-module with 
contact pressure maintained by four screw supports 

 

The most challenging part of the design was extracting the heat generated by the 8 

Watts of static power consumed by the die. Far to great to be dissipated in the relatively 

small MSI package; the heat had to be taken out of the back of the board. This was done 

using a center-cut in the board such that the package metal back-plane would rest atop of 

a larger sub-module metal heat-sink. The sub-module heat-sink is made of nickel-tin 

coated aluminum and is machined to fit into the cutout. The board was soldered to the 

sub-module heat-sink with 325degree solder paste and then the MSI package was 

soldered to the sub-module using 180 degree rosin-core solder. This ensures a solid 

thermoelectric contact from the back of the package to the sub-module as well as to the 

gold-plated edges of the PCB cut-out. Both heat and ground are routed along the four 

edges of the PCB cut-out to the backside ground plane of the high speed board. Metal 
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through-hole vias on the PCB unite backside ground to front-side ground, allowing heat 

to be dissipated on both sides of the high speed PCB. 

 

      
(a)     (b) 

Figure 4-48: (a) photograph of front-side of board, highlighting center-cut for MSI package (b) 
photograph of backside of board, highlighting machined heat-sink tab. 

 

The main heat-sink assembly, a 3x3inch plate of machined nickel-tin plated 

aluminum, is pressed to the back of the sub-module heat-sink and high speed test board 

via machine screws and machined standoffs. Thermal paste is used to thermoelectrically 

connect the main heat-sink module with the sub-module heat-sink. A small electric fan is 

affixed to the back of the main heat-sink to provide a constant airflow that will speed the 

extraction of heat. Later, a second fan would be added that sits over the front side of high 

speed board to bring the temperature down further. The complete assembly provides 

sufficient heat-sinking and airflow to ensure a constant and reasonable die temperature 

over hours of active use. 
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Figure 4-49: The equalizer test board’s heat sink assembly is shown. The main heat sink is 

pressed against the sub-module heat-sink by four screws which hook into the main 
PCB (as shown in Figure 4-47). Thermal paste is used between the sub-module and 
the main heat-sink. The sub-module is machined such that the IC mounting section 
pushes through the PCB cut-out such that the IC package remains flush with the 
board. 

 

The 4-layout high speed board was designed to allow testing of the Equalizer in 

all modes of operation at a clock frequency up to 10GHz. The board is composed of a 

thin top layer of Rogers 4003 for the routing of high speed microstrip lines and two 

bottom layers of FR4 that are used for primarily for low speed interconnects and 

mechanical strength. Of the four metal layers, interconnects are run as needed on top and 

bottom layers while two central metal layers are reserved for power and ground planes. 

The microstrip design was done with assistance from Agilent Technology’s free 

license software “Appcad”. The thickness of the 4003 material was specifically chosen to 

such that a 50-ohm characteristic impedance could be obtained with a trace width that 

matches the finger width of the MSI package. This resulted in a microstrip width of 

12m and a top layer board thickness of 7m. The top level metal is a thick “1-ounce” 

copper with low resistance that was gold flashed for easy soldering. 
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The two-piece heat-sink design allowed bypass capacitors for both power and 

reference lines to remain in very close proximity to the Equalizer IC. This was not 

possible with the prototype test board design, where the location of reference line bypass 

capacitors was compromised by the placement of the single-piece heat-sink and lack of 

multiple of routing layers on the PCB. On the final test board, both small high frequency 

capacitors and large low frequency bypass capacitors are placed on back and front side of 

the board just around the ground ring of the sub-module. No power-line instabilities 

could noted in measurements on the package.  

The complete high speed board assembly is photographed and shown in 

Figure 4-50. Opamp level shifters can be (optionally) added to the interface/control 

board that lies below the high speed board. The second 12V electric fan is noted on the 

top side of the high speed board just above the MSI package. Remarkably, the entire high 

speed board assembly, with sub-module heat-sink, cost under $1200. Many thanks to Dr. 

Jeremy Rode for valuable help with the board layout and Charles Chang of Mindspeed 

Solutions, Inc for funding the board manufacturing. 

 

4.9. Conclusions 

A nonlinear equalizer implemented with GaAs HBT technology utilizes a 64 bit 

LUT, 3 front-end ADC’s with 2-bit precision, and consumes about 8 watts of power. The 

LUT memory design is possibly the fastest to date of this type, with a simulated response 

time in the read state of 20ps after clocking. The single-chip implementation is designed 

to function from DC - 10Gbps. 



 267 

 

  
(a)     (b) 

   
(c)     (d) 

Figure 4-50: (a) photograph showing MSI package mounted onto board, (b) a lateral photograph 
of 2-piece heat-sink, (c) a photo (d) fully assembled board showing power connectors 
and fan both above the equalizer and below the heat-sink.  
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CHAPTER 5: Test and Measurement 

5.1. Overview 

In this chapter, results are presented of the high-speed InGaP/GaAs electronic 

equalizer after it was subjected to a number of specialized digital and mixed-signal tests. 

Low-speed digital functionality tests showed that the equalizer memory and address 

functions were fully functional. These were based on test vectors that read and write each 

memory state at a 100MHz clock rate. A second set of low-speed tests with mixed-signal 

inputs was used to validate the functionality of the front-end circuitry. High-speed 

equalization was successfully demonstrated electrically by means of a test method that 

did not require access to an optical test bench. Signals that emulate a transmission system 

heavily distorted by PMD were created at 3.3GHz using a BERT and a passive 

microwave network. The output of the network was designed such that any traditional 

decision circuit could not recognize the signal and such that the resulting eye diagram 

was effectively closed. Still, with proper training, the equalizer was able to identify the 

sequences and the test demonstration was successful. In additional high-speed tests that 

ran up to 10GHz, positive results were produced up to 5GHz, but the tests themselves 

were limited in part by available equipment. It was found that above 5GHz the equalizer 

was no longer able to properly track the incoming signal.  
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5.2. Digital Functionality Tests 

5.2.1. Overview 

To validate the functionality of the equalizer programming and memory 

functions, low frequency digital tests were developed. These tests make use of a 100MHz 

pattern generator and a logic analyzer. The digital equipment was able to handle long test 

sequences and store long streams of digital data. The functionality tests confirmed that 

equalizer die with fully functional digital logic were available. An additional test was 

developed to confirm that data recorded to the equalizer’s memory could be retained over 

a significant period of time. 

 

5.2.2. Programming and memory functionality test configuration 

The digital functionality test made use of the equalizer’s ECL digital 

programming data inputs and the CML data and clock outputs to validate all internal 

memory functions. ECL inputs were fed from a low-speed pattern generator and the 

output was saved on a logic analyzer. The test configuration is schematically shown in 

Figure 5-1 and a photograph of the actual mixed-signal test bench is shown in 

Figure 5-2. The photo shows a configuration that can be used for both low frequency and 

high frequency testing; control lines feeding the ECL inputs and high speed SMA cables 

to the various CML inputs of the equalizer are shown. 
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Figure 5-1: Equalizer configured in “ECL program mode” for a direct digital programming test. 

Both control and program data were fed from a low-speed controller (HP16500B 
pattern generator). The high frequency CML inputs were unused in this test. 

  

  
(a)      (b)   

Figure 5-2: Photographs of (a) the equalizer test bench and (b) the equalizer test module showing 
both low speed control lines and SMA cables feeding the high frequency inputs. 

 

5.2.3. Clock and data synchronization 

To avoid any potential problems with clock and data synchronization in the digital 

functionality test, the low speed digital functionality test utilized a robust clocking 

scheme, with the input timing diagram as indicated in Figure 5-3. This approach greatly 

reduced dependence on clock/data synchronization as the input data remained “high” a 

full cycle before and after the appropriate clock is triggered. 
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The separate clock inputs that are activated when the equalizer was set to operate 

in ECL program mode, CLKAI and CLKMI, simplified the sequential addressing of the 

memory cells. As described in Section 4.3.5.3, CLKAI triggered only the ECL input 

circuits, FIFO and ADC (though the ADCs are bypassed in this mode); CLKMI 

triggered only the memory and CML output circuitry. Three clock cycles of CLKAI 

were required to load all 6 address bits into the FIFO from parallel inputs P0 and P1, then 

a fourth clock cycle of CLKAI brought in the data that defines the equalizer mode at P1 

(0 = Read mode, 1 = Write mode) and the bit to be written at P0. It is noted that the write 

bit at P0 is ignored if Read mode is specified, as was the case indicated in the timing 

diagram of Figure 5-3. Once all program data was available in the equalizer’s FIFO, 

CLKMI was cycled twice before the read/write data was revealed at the output of the 

equalizer.  

 

P0 0 0 0 0 1 1 1 1 0 0 0 0 1 1 1 1 0 0 0 0 0 0 0 0

P1 0 0 0 0 1 1 1 1 1 1 1 1 0 0 0 0 0 0 0 0 0 0 0 0

CLKAI 0 1 1 0 0 1 1 0 0 1 1 0 0 1 1 0 0 0 0 0 0 0 0 0

CLKMI 0 0 0 0 0 0 0 0 0 0 0 0 0 0 0 0 0 1 1 0 0 1 1 0

read mode

bit to write*

3-bits MSB

3-bits LSB

add clk mem clk

mem clk

P0 0 0 0 0 1 1 1 1 0 0 0 0 1 1 1 1 0 0 0 0 0 0 0 0

P1 0 0 0 0 1 1 1 1 1 1 1 1 0 0 0 0 0 0 0 0 0 0 0 0

CLKAI 0 1 1 0 0 1 1 0 0 1 1 0 0 1 1 0 0 0 0 0 0 0 0 0

CLKMI 0 0 0 0 0 0 0 0 0 0 0 0 0 0 0 0 0 1 1 0 0 1 1 0

read mode

bit to write*

3-bits MSB

3-bits LSB

add clk mem clk

mem clk

 
Figure 5-3: Input timing diagram of ECL functionality test highlighting a robust clocking scheme 

designed for error-free data entry. 
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5.2.3. Programming and functionality test in ECL Program mode 

To confirm that the equalizer’s digital memory was functional, a digital test 

sequence was devised to test all memory states of the equalizer in both read and write 

modes. The test was designed to confirm the functionality of each memory cell and its 

addressing logic. This quick test could be used to pre-screen for good parts before any 

high-speed tests are performed. All programming, clocking, and verification could be 

done through the ECL inputs with the equalizer configured in ECL program mode. In this 

manner, a relatively simple programming and memory functionality test was 

implemented that completely bypassed all high-speed CML and analog input circuitry. 

In the test, memory cells 0-63 were addressed serially and sequentially: first in 

Write mode, then in Read mode. Data based on a 27-1 PRBS function is written to the 

memory cells (0-63 as they were addressed), and then read-out. As discussed in 

Section 4.3.5.3 and Section 4.5.4.2, the output of the equalizer was either the bit being 

written (Write mode), or the bit being read out (Read mode). Thus, during either process 

of the program, a 27-1 PRBS sequence was observed at the output. When the correct 

PRBS was identified at the output in both modes, functionality could be confirmed, as 

shown in Figure 5-4. Alternate memory settings were tested by an substitute 27-1 PRBS 

write sequence (not shown); this better ascertains full functionality of each memory cell. 

When a different sequence is applied to the analog input but the write mode portion of the 

test is skipped, the same input sequence does not appear at the output. This indicates that 

the memory was correctly programmed using the previous training sequence. All tests 

were performed using an Agilent 16500B mainframe with a 16522A pattern generator 

and a 16510A logic analyzer that could be driven up to 100MHz. 



 275 

 

write cycle
read cycle

CLOCK

DATA

BIT

WRITE

sec/div

400 us

write cycle
read cycle

CLOCK

DATA

BIT

WRITE

sec/div

400 us

 
Figure 5-4: ECL low-speed functionality read/write test; as captured by a HP16510A logic 

analyzer in an HP16500B mainframe. A pattern representative of a 27-1 PRBS 
sequence was first written to the memory, and then this same sequence was read out 
of the memory. 

 

5.2.4. Memory Retention Test 

The digital functionality tests were slightly modified to evaluate the retention time 

of the equalizer’s memory. Tests included monitoring during read/equalization operation 

and hold time in standby mode. The equalizer was first programmed with an identifiable 

sequence in write mode, and immediately after, the output was validated in read mode. 

Then, at the end of a 30 minute delay period (while the clock continued to cycle), the 

memory contents were again read out so that the recorded sequence could be confirmed 

as still present in the equalizer memory. The memory settings were successfully held over 

a 30-minute time period. 

A gradual increase in DC current was noted as the part remained powered-on for a 

longer period of time, indicating that the die temperature may have been very high and 

that the custom board with center-cut heat sink described in Section 4.8.5 was possibly 

not keeping the part reliably cool. To circumvent this problem, a second cooling fan was 

mounted on the top-side of the PCB, and this helped stabilize bias currents more quickly 

to a steady-state operating condition. All subsequent tests were done with this 
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modification. In all cases, there was no indication that rising die temperatures disrupted 

the on-chip memory states during the 30-minute memory retention test.  

 

5.3. Low-frequency ADC characterization 

5.3.1. Overview  

The ADC was characterized with low frequency mixed-signal tests and a high 

frequency threshold noise test. The results were used to verify functionality and can be 

applied to simple behavioral modeling. 

A low frequency mixed signal test was developed to validate the functionality of 

the analog front-end circuitry and the ADC’s memory interface. A 100MHz digital 

pattern generator and logic analyzer was used in conjunction with a custom-designed 

2-bit (4-level) DAC board to generate an analog input sequence. This test was greatly 

complicated by the lack of access to internal nodes on the die, or more specifically, as it 

was indicated in Section 4.3.4, to save power and area, the output of the ADC was not 

made available to the outside world at any 50-ohm probe point or otherwise. Instead, the 

ADC’s output had to be processed through the LUT memory before any result could be 

made available at the output of the IC. In this manner, the content of the equalizer’s 

single-bit output sequences were used to determine if analog input vectors were properly 

interpreted and processed. The outcome of the test indicated that the analog input 

circuitry and associated digital memory interface were fully functional. Results show that 

the equalizer could distinguish analog input patterns and, if desired, the equalizer could 

be trained to recognize patterns directly from the analog input sequence. 
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5.3.2. ADC test configuration 

 In the mixed-signal test, analog levels were fed through the high-speed inputs and 

the low speed clock and data signals were fed through CML inputs designed for high 

frequency operation. The analog test signal was generated from a digital data stream 

using a simple 2-bit Digital-to-Analog Converter (DAC). The DAC was built from 

discrete transistors routed on a custom PCB; using this circuit, analog levels could be 

generated from a digital pattern generator for this evaluation. In actuality, the DAC was 

driven not by a 2-bit binary sequence, but by 3-bits in a format known as thermometer 

code. The result was that an output signal with 4 logical levels (3 threshold levels) could 

be generated using a very simple circuit design that was implemented with three 

differential pairs. The DAC utilized a total of 6 discrete transistors and 9 thin-film 

resistors that were mounted onto a PCB with traces defined by a router at UCSD.  

To drive the equalizer’s CML inputs with a low speed pattern generator equipped 

only with ECL or TTL leveled outputs, a second custom interface circuit was required to 

level shift the pattern generator’s output. A detailed description of this interface circuit 

follows in Section 5.4.3. 

Rather than directly programming the memory from a low-speed external 

controller, in the analog tests, programming was implemented using training sequences 

fed directly into the memory at the test bit-rate. The connections and components are 

schematically shown in Figure 5-5. Pattern training occurs with the equalizer set to write 

mode, then pattern read-out happens with the equalizer set to read mode. 
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Figure 5-5: A mixed-signal test bench for the validation and characterization of the Equalizer’s 

analog input circuitry. The external DAC’s output is fed directly into the Equalizer’s 

analog input. With the equalizer configured to pattern program mode, the same 
analog input can be used as a training sequence for programming. 

 

5.3.3. Level shifting and Schmitt Triggering 

Control signals were generated at rates up to 100MHz using a programmable 

pattern generator equipped with ECL output drivers. A TTL output module was also 

available with the 100MHz pattern generator and used alongside the ECL output module 

for the analog functionality tests. In the previous experiments, the ECL control signals 

were directly interfaced to the internally Schmitt-triggered ECL program inputs of the 

equalizer. As described in Chapter 4.3.5.3, the on-chip Schmitt triggering was 

implemented with sufficient hysteresis such that there would be no need to be overly 

concerned with the quality of the programming source or switching speed of the low 

speed clock signal. But to perform the mixed-signal tests, the high-speed analog and 

digital inputs had to be activated, and in turn, the low-speed digital control lines had to be 

deactivated. The CML input clock and high-speed digital interface lines are not Schmitt-

Triggered, as these inputs are not intended to be interfaced with low-speed controllers 
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during equalization. Schmitt Triggering these lines would reduce the maximum 

achievable performance of the equalizer. Thus, to drive the high speed CML standardized 

inputs with the low speed ECL pattern generator, external level shifters and fast edge 

rates were required. 

TTL to CML and +5V CMOS to TTL level shifting circuits were designed 

specifically for this project and fabricated in GaAs HBT technology. The circuits 

consisted of four shifters and four 50-ohm output drivers, consumed a total of 1.4 watts 

of power, and the die size was 0.9x1.4mm2. The die was bonded to a custom 3x3mm2 

module and subsequently mounted onto a 3x3in2 custom PCB. The CMOS to TTL 

module, die, and a simulation result are shown in Figure 5-6. 

  The use of high-speed circuitry for the level shifting functions helps remove the 

risk of false triggering by providing fast rise and fall times on the order of those of the 

equalizer. But the input to the level shifting circuits had to be Schmitt Triggered just as 

the low speed ECL control inputs to the equalizer were. The Schmitt-trigger circuits 

incorporated into the HBT level shifters helped prevent false triggering by adding a large 

degree of noise immunity, a critical to the prevention of false triggering the high speed 

CML clock input CLKI. Less apparent, Schmitt-triggering was also critical when the 

controlling the WRI input with an external power supply or a signal source not 

synchronized to the equalizer’s clock. 
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(b) 

Figure 5-6: (a) Package module and die of a CMOS to CML level shifter. (b) Simulation results 
of the custom level shifter. INP (right axis) has 0-5V CMOS levels, OUT1 (left axis) 
has CML levels. Schmitt triggering ensures that there will be no false triggering and 
is noted as the rising edge of OUT1 intersects INP in an asymmetric fashion when 
compared to the falling edge. 

 

5.3.4. Analog functionality test 

Analog functionality was demonstrated at low speed with a test sequence that 

confirmed correct analog conversion and pattern identification. In the test exemplified by 

simulation in Figure 5-7, a known pattern, for example one based on the bits of a specific 
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24-1 PRBS sequence, was used to both generate an analog input sequence, Ain, and 

provide programming data for the LUT memory, the solution bits. Ain and the solution 

bits are as indicated in Figure 5-7. This operation, referred to as pattern programming or 

training, was done using the “write” feature of the equalizer. This required that a 

synchronized clock be provided to the high-speed CLK input. 

Subsequently, the IC was switched into “read” mode and the analog input 

sequence was repeated. If the recorded PRBS pattern was presented at the output during 

the read sequence, this was indication that the analog input was properly registered.  
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Figure 5-7: Low-speed analog functionality test. Ain defines the address and the solution bit 

defines the data to be stored at the given address. Pattern programming in write mode 
was followed by pattern read out in read mode. 

 

In the analog functionality test, digital test patterns were generated using a 

Hewlett-Packard 16500B mainframe with a 100MHz programmable pattern generator, 

and an analog signal created using the 2-bit Digital-to-Analog Converter (DAC) that was 

described in Section 5.4.2. The solution bits were defined by a repeating 24-1 PRBS. An 

analog input vector of the same length was generated somewhat arbitrarily (not identical 

to the example shown in Figure 5-7) using thermometer code from three digital signals 

from the pattern generator. The signal shown in Figure 5-8 was produced, as captured on 
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an analog oscilloscope. All critical sequences were captured with the exception of the 

read/write controller signal WRI (only four inputs could be captured simultaneously on 

the oscilloscope). WRI was driven by a clock with 16-bit duty cycle; the exact time when 

the equalizer was switched from the write cycle to the read cycle is annotated.  
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Figure 5-8: An analog functionality test with 85MHz clock. (a) oscilloscope screen capture with 
0.5V per div on the y-axis, 20ns per div. on the x-axis; read cycle and write cycle are 
indicated. (b) oscilloscope zoom view: 0.5V / 20ns per division.  
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The expected result (in both read and write) mode is that EQ Out would remain a 

delayed copy of Bit In. The data captured on a low-speed analog oscilloscope in 

Figure 5-8 shows that the test was successful. The LUT memory was properly 

programmed with the provided data to the address sequence determined by the 2-bit 

DAC, and the LUT memory produced the correct output sequence. It is noted that the 

board-level DAC generating Analog In had a limited analog signal slew rate and settling 

time at this clock rate. 

Variations of this experiment (not shown) modified the analog input pattern 

during the read cycle such that different output sequences could be monitored. On 

yielding die, all results indicated that the equalizer’s analog inputs were fully functional. 

 

5.4. ADC Threshold Level Test 

5.4.1. Overview 

The uncertainty in the threshold level of an ADC is commonly referred to as the 

ADC’s transition noise. The amount of transition noise is defined as the range of input 

voltages that cause an ADC’s output to toggle between adjacent output codes [5.1-

Maxim]. As the analog input voltage is varied, rather than one specific input level that 

precisely defines where each code transition occurs (code edges), there will be a range of 

input voltages where the associated output will be undefined due to the transition noise in 

the system. This transition noise in general may vary with the time dependence of the 

input signal. 
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It was important to characterize these nonidealities so that the ADCs performance 

can be modeled. Measurements of the ADCs integrated into the front end of the equalizer 

were used to define the amount of transition noise. They also identified a small shift in 

threshold level, dependent on test conditions. 

 

5.4.2. Threshold characterization 

The threshold characterization of the ADC was difficult due to the lack of access 

to internal nodes, specifically, the ADC output. Still, a limited amount of characterization 

could be done by monitoring the equalizer’s single-bit digital output while the analog 

input levels were varied. Using this approach, the ADC’s threshold levels were 

characterized both with a low speed clock (10MHz) and a high speed clock (up to 

2.5GHz) applied to the equalizer. The ADC’s switch points were characterized using an 

asynchronous DC analog input, or using a synchronous digital input sequence of variable 

offset voltage and amplitude. In this manner, a limited amount of information was found 

regarding the ADC response and the ADC’s transition noise could at least in part be 

characterized.  

First, the ADC was characterized using an asynchronous DC voltage as an input 

to AIN1. The equalizer was given an initial program setting using a DC sequence fed by 

the 16500B pattern generator. Then, with a continuous clock applied to the equalizer’s 

CLKI input, the equalizer was configured to respond to the analog inputs at AIN1, 

AIN2, and AIN3. The threshold levels (REF1, REF2, or REF3) of the ADC were set to 

the default position but external references were applied to AIN2 and AIN3. The output 
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of the equalizer was observed while a variable voltage source was applied to the terminal 

AIN1 and this voltage swept in the range of –1 to 0 V. By adjusting the values at AIN2 

and AIN3, different memory cell locations could be addressed and an output transition 

could be set to occur at every threshold level. This test was used primarily to define the 

low frequency clock characterization shown in Table 5-1. 

To characterize the ADC with a synchronous digital data stream, the input to 

AIN1 was sourced directly from the output of a 3.3GHz BERT. This allowed tests with 

clock rates from 100MHz to 3.3GHz to be performed while the signal amplitude and 

offset levels were varied (within the BERT’s allowed range). Like the asynchronous 

testing, the other inputs, AIN2 and AIN3, were connected to a DC power supply that 

could be varied as needed. In this manner, the analog inputs AIN2 and AIN3 could be set 

to DC levels such that a input level change in AIN1 would be certain to trigger a change 

in the output of the equalizer when a given threshold level was crossed by AIN1. The 

correct sequence could be identified at the output when the input signal crossed the 

expected threshold levels. But when the expected output pattern was lost (or began to 

show bit errors), then a specific threshold level was known to have been exceeded. It is 

with such a test that the switching threshold voltages were identified. This test was used 

primarily to define the high frequency clock characterization shown in Table 5-1. 

Table 5-1 summarizes the observations on the switch transition levels under low 

frequency clock and high frequency clock conditions. The data indicates that a very 

precise transition point was identified at 10MHz, but at 2.5GHz there was a range of 

about 5-15mV where the output was undefined. In addition, there was a clear shift in the 

median threshold level when the low frequency transition point was compared to the high 
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frequency transition range. 5-15mV differences in median threshold voltages were found 

between the low frequency clock transition point and the corresponding high frequency 

clock transition point. The full input range of the ADC corresponds to 1V so the 

transition uncertainty corresponds to about 1.5% of full scale. 

 

Table 5-1: ADC threshold (switching) levels are determined with a low frequency clock 
applied (10MHz) and then re-evaluated with a high-speed clock applied (2.5GHz). At 
2.5GHz, the output is unknown in range of input voltages between “bottom” and 

“top”. A 5-15mV level shift is found between the low frequency and the median high 
frequency switch point. 

Threshold

Low Freq Clock 

(mV)

High Freq Clock 

bottom (mV)

High Freq Clock 

top (mV)

 High Freq top-

bottom (mV)

 Low Freq to median 

High Freq (mV)

1 -330 -312 -317 5 15.5
1 (retest) -330 -310 -318 8 16

2 -591 -580 -584 4 9
2 (retest) -591 -576 -584 8 11

3 -846 -835 -848 13 4.5
3 (retest) -846 -835 -848 13 4.5  

 

The discrepancy found between the low frequency and high frequency 

characterization indicated there was sensitivity to the high-speed clock. The primary 

suspect for the “soft” transition range is “ground-bounce”. Due to a lack of available 

bond-pads (the equalizer pin-out is discussed in Section 4.3.4), the ADC’s analog ground 

is shared with the Equalizer’s common (digital) ground. In practice, this is a common 

cause for transition noise in ADC design. An ADC with extremely high accuracy was not 

the target of the equalizer design, but more distinct transition levels would have been 

desirable. 
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5.5. High Frequency Switch Testing 

5.5.1. Test Configuration 

A high frequency digital switching test was performed to determine the maximum 

operating frequency of the Equalizer. The test configuration is shown in Figure 5-9 

where the input is provided by the PRBS generator of a high frequency BERT (Bit Error 

Rate Tester). The Equalizer was configured such that programming could be done either 

through the program inputs of the programmable pattern generator or directly from the 

BERT in write mode (using pattern training). For use with the high frequency switching 

tests, a 12.5Gbps Anritsu BERT was made available courtesy of Mindspeed Solutions, 

Inc.  
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Figure 5-9: Schematic of the test configuration used for the Equalizer’s high frequency switching 

test. 
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5.5.2. Measurement and Results 

The high frequency digital switching test used a PRBS to create patterns that 

triggered responses from a handful of memory cells. Then, the maximum frequency the 

given pattern could be maintained was determined. For this test, the equalizer memory 

cells were set to a specific initial state that was established using computer generated 

program code and a 100MHz programmable pattern generator. Next, the equalizer was 

placed into read (equalize) mode; this maintained the program setting but switched the 

equalizer’s clock and data inputs to the high speed CML inputs that were receiving data 

from the PRBS. In this manner, the output of the equalizer could be set to reproduce the 

input PRBS or the inverted PRBS, a pattern easily recognized when a sequence with only 

a few taps are used (such as 27-1). 

With the equalizer in read mode and a 27-1 PRBS at AIN1, the clock frequency 

was varied from 500MHz to 10GHz while the equalizer’s output was observed on a 

high-speed oscilloscope. By this method, the maximum operating frequency of the circuit 

in read mode was determined to be about 5GHz. Above this frequency, it was clear that 

data was lost. Nearly identical results were obtained when different memory cells were 

exercised using different input signal amplitudes and varying the DC reference levels. 

The results of the high speed switching tests are shown in Figure 5-10. 

Figure 5-10(a) shows how the digital data is passed from input to output; however, it is 

noted that cable lengths and delays present on the input and output were not in any way 

calibrated to be equal. Eye diagrams of the output data and clock are shown in 

Figure 5-10(b)-(d) at 2.5GHz, 5GHz, and 7GHz, respectively. Above 5Ghz the output 

was generally in error as certain patterns were lost; particularly those with higher bit rate 
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content. For example, above 5GHz the digital pattern 00110011 was likely to be output 

correctly, but a 010101 pattern was likely to be output with bit errors, perhaps as a 

011101. Individual bit errors of this nature did not visibly alter the eye diagram above 

5GHz, an eye diagram taken at 7GHz and shown in Figure 5-10(d) is open and 

symmetric. But an error analyzer would reveal a high error rate at this clock frequency.  
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CLOCK
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out_DATA
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CLOCK
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(a)     (b) 
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CLOCK
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CLOCK
(7GHz) 143ps

 
(c)     (d) 

Figure 5-10: Equalizer IC’s high speed digital outputs DATA and CLOCK taken from tests at (a) 

500MHz as captured in pattern trigger mode (b) eye diagram at 2.5GHz (c) eye 
diagram at 5GHz and (d) eye diagram at 7GHz. Above 5Ghz the output was 
generally unstable with the exception of a few frequencies, such as the 7Ghz output 
signal capture of (c). For all tests, the LUT memory was pre-configured with a 
programming sequence defined at 100MHz.    

 

In the noted errors above 5GHz in either read or write mode, it was unclear 

whether the bit errors were a result of limitations of the front end ADC’s performance, a 
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result of non-ideal die-to-package interfaces, excessive die temperatures, or due to some 

resonance in the circuit or circuit’s power lines. The pattern testing that follows in  

Section 5.6 provides more insight on the equalizer’s performance. 

 

5.6. High-Speed Pattern Testing 

5.6.1. Test Configuration 

A high frequency pattern was used to characterize the maximum speed of both 

read and write functions. The pattern training technique that was developed was also be 

applied to equalization tests of Section 5.7. The test configuration is shown in 

Figure 5-11 where the input is provided directly by the PRBS generator of a high 

frequency BERT (Bit Error Rate Tester). A splitter is used on the output of the PRBS 

such that a (delayed) copy of the PRBS is also provided to the WRI input for high-speed 

training. This greatly simplified programming and also allowed for simultaneous high 

speed characterization of the read and write functions. The success of the pattern test is 

determined by a successful write then read test at a particular frequency. 
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Figure 5-11: Schematic of the test configuration used for the Equalizer’s high frequency pattern 

read/write test. The 100Mhz pattern generator here was used only to control the 
equalizer functions, programming was done through training sequences. 

 

5.6.2. Measurement and Results 

The test was first attempted with a low speed pattern generator also providing 

data to AIN1 and WRI for training. The output of the low speed variant of the pattern 

test is shown in Figure 5-12. The equalizer’s memory cells are first trained during the 

write cycle, then the contents of the memory cells read-out during the read cycle. As 

expected, a four bit delay is noted between the BIT and output DATA. 

 

 
Figure 5-12: A low speed version of the pattern read/write test. The signal at BIT appears at the 

output DATA after four clock cycles. 
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In the high speed variant of the pattern test, the trigger signal is selected as 

CLOCK/32 and this signal is simultaneously used to trigger the READ/WRITE control of 

the equalizer, such that the equalizer can be pattern programmed and then output 

validated with the synchronized pulse sequence. Output data along with the trigger + 

read/write control is shown below in Figure 5-13. 

 

  
Figure 5-13: A16-bit binary pattern, repeated over a 32-bit period, as aligned to the BERT’s 

trigger signal in CLOCK/32 mode. 

 

Shown in Figure 5-14 are screen captures of an oscilloscope monitoring the 

Equalizer’s data and clock outputs at 500MHz. In the test, the input was driven by a short 

digital test sequence that could be easily visually recognized, specifically the 16-bit 

sequence: 0000 – 1010 – 1110 – 1101. 

In Figure 5-14(a), the known pattern appears at the output during both read and 

write mode. Clock and Data alignment was not trivial, and became more difficult as the 

clock frequency was increased. In Figure 5-14(b), the clock and data alignment are 

misaligned such that the output reverted to an all 0’s pattern during the read mode. This 

can be explained in reference to Figure 4-24; during the write mode, the ADCs and 
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memory cells that are most sensitive to clock and data alignment, are bypassed. The 

architecture is such that the output of the equalizer in the write function is, in fact, not a 

confirmation that the bit has been successfully written, but a statement of what bit was 

attempted to be written. 

 

 

         
(a)      (b) 

Figure 5-14: Clock and data outputs of the Equalizer being clocked at 500MHz and input a short 
digital test pattern consisting of the binary code: 0000 – 1010 – 1110 – 1101. (a) In 
this plot, the x-axis has 3.5ns/div and the y-axis has 200mV/div and both read and 
write are working successfully (only read-mode is shown). (b) The equalizer clock 
and data are not well aligned in this example; the write mode produces the correct 
output, but the read-mode (triggered from the analog input) fails to produce the 
correct output sequence.  

 

The sequence is shown has captured at 3GHz in Figure 5-15. Figure 5-15(a) 

shows the test with clock and data misaligned. Figure 5-15(b) shows a correct response 

to the sequence. The results of the pattern recognition test is that the equalizer can work 

in both read and write mode up to 3GHz; a frequency near to the maximum operating 

frequency of the BERT made available for this test. Limitations in test equipment did not 

allow the test to be run about 3GHz. 
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(a)     (b) 

Figure 5-15: 3GHz Pattern read/write test of the sequence: 0000 – 1010 – 1110 – 1101. In (a) the 
clock and data are misaligned and the equalizer’s output is stuck-at-zero during the 
read sequence. In (b), a successful pattern recognition test at 3GHz is shown.  

 

5.7. Equalization Tests 

5.7.1. Overview and Test Configuration 

A series of tests were developed to test the Equalizer at high speed with mixed 

signals. To perform equalization tests, a high frequency analog signal source had to be 

devised, one that could not be recognized by a standard decision circuit. A realistic 

emulation of fiber system chromatic dispersion using purely electronic circuitry is very 

difficult. In this work, a simple approach that emulated pattern-dependent Polarization 

Mode Dispersion (PMD) was selected for testing. By toggling the equalizer between read 

and write modes, the distorted waveforms created by the PMD emulation circuit could be 

deciphered by the electronic receiver and thus equalization demonstrated. 

The test configuration used the equalizer in pattern program mode, such that the 

DUT could be trained with the same signal it would subsequently equalize. To enable this 

mode of operation, the output of a PRBS generator was split into two. The first output 
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was fed into a PMD dispersion emulator circuit; this produced an analog signal with a 

closed eye due to pattern dependent distortions. The second output was synchronized 

with the distorted data with cable delay elements and fed to the write input of the 

equalizer. In this manner, the equalizer could be trained to recognize the correct sequence 

encoded within the distortion. By toggling the equalizer between read and write modes, 

the distorted waveforms created by the PMD emulation circuit could be deciphered by 

the equalizer, and thus equalization demonstrated. A block diagram of the test 

configuration is shown in Figure 5-16. 
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Figure 5-16 A block diagram of the test bench used for equalization tests. By configuring the 

equalizer to test in pattern program mode, the equalizer could be trained with a 
delayed version of the input signal; the 100MHz pattern generator was thus not 
needed. 

 

5.7.2. A Polarization Mode Dispersion Emulator Circuit 

Because a fiber-optic communications channel was not available, high-speed 

equalization was assessed with a passive microwave circuit that mimics Polarization 

Mode Dispersion (PMD) similar to the approach of Garg et al [5.4-Garg]. A PMD 
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emulator was created using passive elements, but by carefully tuning the delay elements, 

a highly pattern dependent output with a closed eye diagram could be produced. This was 

found to be an effective way to characterize the equalizer. 

The PMD emulator circuit was built from the combination of a 1-to-3 resistive 

splitter, three delay lines, three attenuators, a 3-to-1 resistive combiner, and one or more 

linear gain blocks with flat gain characteristics up to 10GHz. A block diagram of the 

passive circuit is shown in Figure 5-17a). The 1-to-3 splitter and 3-to-1 combiner were 

custom made passive microwave components designed and laid out especially for the 

emulator circuit. These parts and their associated mounting modules were fabricated 

courtesy of Skyworks Solutions Inc. The passive splitter and combiner showed good 

broadband performance from DC to 10GHz.  

The PMD circuit takes a single digital input signal, splits it into three, and then 

recombines the signals with amplitude and delay differences. The resulting waveform is a 

4-level signal as per the eye diagram of Figure 5-17b). This 4-level logic signal disperses 

the effects of a single bit over three-bit periods, emulating some of the critical features of 

Polarization Mode Dispersion. Most important, the resulting eye diagram is completely 

closed for certain input vectors, making it certain that a standard decision circuit will not 

be able to interpret the incoming data. 
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(a)      (b) 

Figure 5-17 (a) PMD emulator circuit block diagram and (b) associated eye diagram at 500MHz  

 

Careful attention was needed in the selection of the three attenuators and 

associated three delay lines to create a 4-level signal with a closed eye. The component 

selection and adjustment is done with the output combiner removed such that each line 

can be optimized. With the output combiner removed, Figure 5-18 shows how delay 

lengths and attenuation for each signal path were experimentally optimized for a given 

clock frequency, in this case, 500MHz. A single bit delay is chosen between each signal 

path, as shown in Figure 5-18(a). Then, a slightly greater attenuation is applied to the 

leading bit and trailing bit, as shown Figure 5-18(b). Note also that the majority of the 

attenuation indicated in Figure 5-18(a) was not added, but intrinsic to the passive splitter 

and combiner. In this manner, depending on the history of the input vector, the central bit 

can appear either below or above the middle-crossing of the output, making it impossible 

to decode the input sequence with a traditional decision circuit. When combined, the 

transient signal was as shown in Figure 5-19 that follows, and eye diagram was as shown 

in Figure 5-17(b). The 4-level signal that was generated was a good candidate to 

demonstrate the benefits of electronic equalization. 
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20mV/div 2ns/div100mV/div 2ns/div 20mV/div 2ns/div100mV/div 2ns/div  
(a)      (b) 

Figure 5-18: An analysis of the PMD circuit’s cable delays and attenuators. (a) Three cable 

lengths are adjusted so that the digital bit streams will arrive at the 3-to-1 output 
combiner with delays as indicated. (b) Attenuators are then added to the end of each 
delay cable to provide a certain loss. When viewed on the oscilloscope with identical 
offset voltages on each channel, the differences in amplitude are easily noted. When 
combined, the transient signal is as shown in Figure 5-19, and eye diagram as in 
Figure 5-17(b). 

 

5.7.3. Test and measurement 

Using the PMD emulator circuit, equalization tests using a number of short 

repetitive patterns driven by the programmable BERT were conducted. High frequency 

channel equalization tests were primarily carried out at 500MHz but were also run at 

frequencies up to 2.5GHz. To decode the generated PMD signals, it was sufficient to 

configure the equalizer to use a single 2-bit ADC (Ain1). The three ADC thresholds were 

set such that each of the 4 levels created by the PMD circuit could be uniquely identified, 

the most critical was to set the middle reference to the small eye opening identified in 

Figure 5-17(b). 

Figure 5-19 shows a plot of the distorted input and the correctly resolved output 

for two example patterns (input below and output above). The correct input sequence and 
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waveform are annotated on the figure. Figure 5-19(a), denoted as the “easy pattern”, is 

successfully resolved with the equalizer but could also be resolved with a standard 

decision circuit with fine input sensitivity. But this is not the case for the sequence shown 

in Figure 5-19(b), denoted as the “difficult pattern”. This pattern cannot be resolved with 

a standard decision circuit. Specific bit errors that would be found by a decision circuit 

are annotated in red.  The equalizer correctly identified both these corrupted patterns and 

other short patterns with the information obtained from the leading and trailing bits. 

These indicate successful equalization tests. 
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(a)      (b) 

Figure 5-19: Equalization at 500MHz for short sample patterns (a) “easy” pattern and (b) 

“difficult” pattern. The input is above and the correctly identified output is below. 

Clearly the “difficult” pattern could not be resolved with a decision circuit alone. 

 

Similar short pattern tests were conducted at 1GHz and 2.5GHz. At each 

frequency the delay lines between the PRBS and the equalizer were appropriately tuned. 

The results at 1GHz were similar or identical to those at 500MHz. At 2.5GHz, clock and 

data alignment became much more challenging and a number of short patterns produced 
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bit errors. Though it was difficult to precisely determine the problem, likely sources of 

error were the sensitivity of the ADC, or a noise or oscillation corrupting the response of 

the ADC.  

 

5.8. Conclusion 

The high-speed InGaP/GaAs electronic equalizer of this work was evaluated in 

low frequency functionality tests, high frequency switching tests, and pattern equalization 

tests. Digital functionality tests showed that the equalizer memory was fully functional. 

High-speed equalization was successfully demonstrated electrically using a passive 

microwave network that emulates a transmission system heavily distorted by PMD. But 

the sensitivity of the system was lower than expected as was the maximum operating 

frequency. 
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CHAPTER 6: Analysis and Optimization 

6.1. Overview 

The ability to successfully equalize a distorted signal of a fixed fiber link is 

primarily governed by the following three items: 1) The ability to optimize the 

programming and configuration of the equalizer to a given pattern set, 2) the noise of the 

received signal, 3) the accuracy of the Analog to Digital Converter. When the input 

distortion is fixed, the noise level unvarying, and the programming is fully optimized, it 

is found that the accuracy of the decision circuits of the analog to digital converter sets 

the limitations on the functionality of the equalizer system. An expression for the Bit 

Error Rate of the electronic equalizer of this work is derived and fit to decision circuit 

characterization. 

 To test the BER derivations and analysis, a commercially available optical-link 

simulator is used to generate signals that result from a wide variety of optical fiber links. 

As done in Chapter 3, the distorted data streams are analyzed using specialized code that 

parses the input data into received patterns. Mathematical analysis of these patterns is 

used to optimize the system configuration and circuit programming. This includes 

locating the optimum sampling times, optimum threshold levels, and of course, defining 

the optimum memory programming once the thresholds and sampling times have been 

defined. 
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To get the full benefits of the equalizer, the results of the analysis of Chapter 6 indicate 

that the entire fiber link should be optimized, not just the Equalizer configuration. 

Simulations indicate that dispersive effects can be offset by nonlinear compressive effects 

that are a function of optical signal power in the fiber. Because of loss in the fiber, a 

system optimized for longest transmission may need more optical amplifiers. The amount 

of amplification used on the transmitter and optical amplifiers can serve as a technique 

for balancing linear and nonlinear fiber distortions for the optimum performance. The 

transmission distance of the standard decision circuit can also be extended using the same 

technique. But there is a critical length where a standard decision circuit will no longer be 

able to interpret even an optimized fiber channel. In these examples, the system 

simulations of this chapter indicate that the equalizer can outperform a standard decision 

circuit by extending transmission lengths by as much as 60% at 10Gbps in certain 

conditions. 
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6.2. Estimates for BER and Application to 

Characterization Data 

6.2.1. Overview 

A BER measurement involves the measurements of communications channels 

over a long period of time. A way to estimate these measurements from simulations is 

needed, such as from the analysis and post-processing of signals generated by a fiber-

optic simulator. A method to approximate the Bit Error Rate of a standard decision circuit 

is described in accordance with noise sources and approximate receiver sensitivity. Using 

similar assumptions, a formula for the BER calculation for the Equalizer is derived. The 

BER approximations are then used to compare actual transmission length improvements 

possible in 10Gbps fiber-link simulations, and it is found that significant improvements 

expected, although they are more limited than what was expressed in Chapter 3. 

For an equalizer with a digitizing front-end input, the only analog circuit truly 

requiring analog characterization and modeling is the ADC. For a fixed architecture, if it 

can be assumed that the digital portion of the equalizer will function ideally, as any 

properly designed digital circuit should when within proper environmental conditions and 

below the maximum clock rate. Thus, from a circuit designer’s point of view, the analog 

to digital converter design becomes the most critical design that will determine the 

system’s accuracy. An objective is to create a simple yet effective model that could be 

readily applied to the numerical model of the Equalizer developed in Chapter 3. The 
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main concern is the uncertainty in amplitude that is exposed at the input to the ADC. But 

the time accuracy of the sampling will also be discussed. 

 

6.2.2. Method for BER estimation of a decision circuit 

A method is now provided to estimate the BER for a standard decision circuit. 

The estimate is based on the probability of receiving an error at the receiver in the 

presence of noise. A method to estimate the BER of a decision circuit is directly 

applicable to the Equalizer’s 2-bit ADC.  Typical error rates for copper and optical 

transmissions are in the range 1x10-9 to 1x10-14 whereas for wireless networks acceptable 

BER lies in the range 10-3 to 10-6. For this work, the requirement for maximum 

acceptable BER is taken as 1x10-12.  

First, it is noted that the input signal vin is made up of both signal vs and vnoise: 

noisesin vvv       (6.1) 

where the noise in the system is assumed to be additive white Gaussian noise. For a 

correct decision to be made, the input signal vin (including noise) must be greater than the 

decision threshold level vthresh and the uncertainty in the threshold adcv : 

 dcthreshin vvv       (6.2) 

The probability of an error at the receiver will be estimated using the voltage 

margin Vm. Vm represents the amount of voltage margin between the threshold level and 

the minimum swing of the input signal. Vm can be approximated from a measurement of 

the eye diagram as shown in Figure 6-1. When expressed in terms of veyeopen and dcv : 
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When Vm is extracted from a noise-free simulation, the total noise of the receiver 

is accounted for with tot. Then, an error is estimated using the complementary error 

function as follows: 
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For a binary system, the complementary error function is led by a factor of ½: 
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Figure 6-1: Measurement of veyeopen and Vm is specified on an eye diagram; the uncertainty in 

threshold of the decision circuit is indicated as vdc. 
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6.2.3. Noise in the Front-End Decision Circuit 

There are a wide variety of noise sources that contribute to the overall random 

fluctuations of voltage at the equalizer ADC inputs. These sources include laser and 

modulator noise, photo noise, optical amplifier noise, photodetector (see 

Section 1.2.10.4), transimpedance and AGC amplifier noise, and equalizer front-end 

noise. In typical systems it is expected that the system design should lead to dominance 

of noise sources relatively close to the front-end of the system. If the receiver noise 

dominates, for example, the EDFA (see Section 1.2.9) gain is typically increased to 

minimize the receiver contribution by providing a larger signal at its input. The noise 

sources from the circuit that drives the Equalizer, and contribution within the equalizer 

front-end, provide an irreducible minimum noise, however. An estimation of these noise 

contributions can help frame the discussion of noise inputs expected in real applications. 

The input signal provided to the equalizer is typically provided from a 50-ohm 

source. Associated with the signal there is a voltage noise contribution with zero mean 

and rms value vn1, given by fTRkv Bn  41 . The value of vn1 for room temperature 

operation corresponds to 
Hz

nV9.0 . Another contribution is expected from the shot 

noise of the input transistors. The output (collector) current rms noise contribution in1 is 

given by fqIi cn  21  where Ic is the collector bias current of the input biased at the 

point of decision. This noise contribution can be related to an equivalent input noise 

voltage 
m

n
n g

iv 1
2  . For the comparator stage shown in Figure 4-11(a), the IC value 

corresponds to 0.5mA; 1/2 the total bias current of the first comparator stage. Then, v2 
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can be expressed as  
Hz

nV
qI

fkTv
c

n 65.02 2

2  . This contribution is seen to be 

smaller than the 
Hz

nV9.0  expected for the 50ohm source impedance. 

The bandwidth of the input circuit is gauged to correspond to the bandwidth of the 

signal. Figure 1-6(b) depicted the spectral response of the ideal pseudorandom input 

data, for a data rate of 10Gbps. This can be compared to Figure 6-2 that shows the 

corresponding responds of the distorted signal computed according to Optiwave for the 

equalizer input. To retain the features of the input signal that are critical to identification 

of the patterns, the –3dB bandwidth of the amplifiers and equalizer front-end should be at 

least 15GHz, which corresponds to roughly –10dB bandwidth of the signal. For this 

bandwidth, the equivalent noise input  2
2

2
11 nnn vv   is calculated to be 0.16mV. 

 

 
Figure 6-2: the spectrum of PRBS data shown with varying amount of low pass filtering. For 

equalization, a bandwidth of at least 15GHz will be needed. 
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6.2.4. Contributions from Other Noise Sources 

The key parameters to be that can be used to model the decision circuits of the 

ADC are the voltage threshold uncertainty vdc and the timing uncertainty tdc of the 

ADC. The accuracy of the sampled value is affected by the voltage threshold uncertainty 

vdc; the accuracy of when this sample is taken is affected by the timing uncertainty tdc. 

The timing uncertainty is composed of two portions: �tdc = �tclk + �tprog_error, 

where tclk is due to clock and data alignment noise, and tprog_error relates to a fixed (but 

unexpected) offset between clock and data. tprog_error is a function of the accuracy of the 

programming; when the programming is optimized, �tprog_error  0 and then �ttotal = 

�tadc. tclk is related to phase noise in clock relative to the data, as what might emerge 

from an imperfect clock recovery circuit (see Section 1.1.3). The phase noise from a 

clock recovered from a dispersed data signal will likely have greater phase noise than in a 

non-dispersed system. But as a relatively large phase margin was measured in 

Section 4.4.6 and most of the signals produced eye diagrams with openings squeezed 

more in amplitude then in time, the focus of this section will be on vdc. 

Noise sources that relate to the ADC’s decision circuits beyond what was 

described in Section 6.2.3 are vdc = vsupply + vrefsupply + vkickback +  vswitch + vres, 

where vsupply = noise injected from the power supply during the single-ended to 

differential conversion, v kickback = switching “kickback” noise from the clocking of the 

first latch, v refsupply = noise injected into the resistor ladder from external power supplies 

(or floating traces) connected to nodes ref 1-3, and vres = Johnson noise of the resistor 

ladder. Of these noise sources, it is suspected that the most significant may be vkickback. 
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vkickback was observed in Figure 4-17 and is the biggest contributor to the results 

presented in Figure 4-17. By using an emitter follower buffer to drive the ADC latches, 

the input signal was better isolated from the kick-back noise through the VBE junction of 

the emitter follower driver, but still approximately mV can be measured at 5GHz and 

7mV at 10GHz. Thus vkickback must be taken not as a constant, but as a function of clock 

frequency. 

 

6.2.5. Decision Circuit Accuracy and Response Time Characterization 

With the exception of the front-end ADC, the back-end of the DPR Equalizer is 

digital and can be modeled accordingly once functionality and maximum clock rate are 

confirmed. Any BER determination must come from an analysis of the front-end of the 

ADC. If a behavioral model of the ADC could be made, then analysis of equalization can 

proceed with fast numerical studies rather than lengthy full circuit simulations. Due to the 

inaccessibility of externally probe-able outputs to the Equalizer’s ADC, it makes sense to 

do this primarily by simulation. The ADC’s decision circuits were characterized in 

Section 4.4.6, but additional characterization will be required if a representative model 

that can be applied to a fiber equalizer application is to be developed. 

The Equalizer’s front-end decision circuits allows the independent adjustment of 

both threshold level and sample time when the Equalizer is configured to use three 

ADCs. In this case, an optimum sample time for each ADC can be set individually using 

delay lines. For the input signals given in Chapters 2 and 3, an optimum sample time and 

threshold level could be located. For this reason, phase margin characterization of the 
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ADC’s decision circuit may not be the most critical metric when modeling the ADC. 

Similarly, the previous amplitude sensitivity characterization is not the most appropriate 

for modeling the ADC in an Equalizer application. In the characterization of 

Section 4.4.6 that was used to determine the minimum allowable input amplitude, the 

input signal was chosen to be a PRBS with 10% rise and fall times. Thus, for over 80% of 

the bit period, the input signal held a constant value representing the input amplitude 

under test. The Equalizer’s input waveforms, on the other hand, do not always have 

pulses that extend a full bit period. The input waveforms also are continuously changing 

state. 

To model the ADC for further numerical analysis, a series of simulations are used 

to test a decision circuit in a manner more similar to the Equalizer application. This will 

be referred to as decision circuit accuracy and response time characterization. The 

simulations use input PRBS with pulses of decreasing width and amplitude as shown in 

Figure 6-3. With each simulation, the eye opening gets progressively smaller in both 

amplitude and in time. This series of simulations will give results that can more readily 

used in our equalizer numerical simulation. The results of the simulation are plotted in 

Figure 6-4. The results of these measurements can be used to derive the voltage 

threshold uncertainty vdc and the timing uncertainty tdc. 
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Figure 6-3: The ADC’s decision circuit are characterized for accuracy and response time by a 

SPICE circuit simulation in Cadence Spectre. 
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Figure 6-4: ADC Decision Circuit; results of transient simulation for accuracy and response time 

characterization at single input frequencies. 
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6.3. Equalizer Programming Optimization and BER 

Analysis 

6.3.1. Overview 

How to best program the Equalizer is a multi-variable problem; it is best 

confronted with a methodical approach that quickly arrives at a near best-case 

configuration as opposed to a brute-force approach that tests all possible scenarios to 

result in the absolute best configuration. The processing time for a brute-force approach 

is beyond what would be desired for an electronic fiber equalizer. An approach that can 

re-optimize the equalizer configuration with a short training sequence between regular 

transmission intervals is favored. 

A method to approximate the Bit Error Rate of a standard decision circuit was 

described in accordance with noise sources and approximate receiver sensitivity. Using 

similar assumptions, a formula for the BER calculation for an equalizer is derived. The 

BER approximations are then used to compare actual transmission length improvements 

possible in 10Gbps fiber-link simulations, and it is found that significant improvements 

expected, although they are more limited than what was expressed in Chapter 3. 

Most of the gains of the equalizer are found to be in the correct interpretation of 

signals where there is a particularly narrow margin (or no margin) for a standard decision 

circuit. Here the data is also relatively difficult to interpret with an equalizer when noise 

sources are considered. The gains obtained when using an Equalizer are less significant 

when received data is dominated by 1st order chromatic dispersion or if the fiber link is 
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has a large amount of low-pass filtering, such as a long-haul transmission using a optical 

source with limited bandwidth capabilities. In this case, sequences of alternating 

sequences of 1’s and 0’s become very difficult to discriminate either with a decision 

circuit or an Equalizer. It is found that when nonlinear fiber distortion mechanisms are 

excited by higher amplitude waveforms (such as could be obtained by tuning inter-stage 

EDFAs along the link), both the decision circuit and equalizer can benefit from lower 

BER. 

 

6.3.2. BER Approximations for a pattern recognizing Equalizer 

This BER approximation for a decision circuit can be extended to cover a 3-

sample equalizer. To begin, it is assumed that bit errors are dominated by a failure to 

differentiate key patterns with conflicting answers. As an example, from previous 

analysis it was shown that two potentially problematic patterns are the 010 and 011 

pattern. On the other hand, discriminating between the patterns 111 and 000 is rarely 

problematic. The BER could be calculated by summing the possibilities for errors for all 

possible conflicting patterns. 

If the BER is taken as the sum of the possible errors, then  

)_(
1

diffpatternprob
N

teBitErrorRa     (6.6) 

where N is the number of times the patterns to be differentiated will appear and 

prob(pattern_diff) is the probability of error for each of the patterns to be differentiated. 

This may be more apparent when shown in expanded form: 
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 for the patterns “0” (000) and “2” (010). The 

results can be placed into a table such as Table 6-1. 

 

Table 6-1: list of possible patterns for a 3-bit sample window; center bit occurrences of “0” on 
the left, occurrences of “1” on the center bit on the right 

Patterns with 0 as center Patterns with 1 as center 

000 (0) 010 (2) 

001 (1) 011 (3) 

100 (4) 110 (6) 

101 (5) 111 (7) 

 

For a 3-bit window, there will be 16 possible pattern pairs that will produce an 

error. But there are also another 16 pattern pairs that will NOT produce an error. This 

explains the factor of that is used ½ in the probability function being derived. 

This method for BER approximation is of theoretical interest but does not 

represent the more practical case and approximations that have been chosen. For a 

decision circuit where only 0 and 1’s are considered as inputs, it is not clear what specific 

bit pattern may produce the most eye closure. Thus, to make a proper comparison to an 

Equalizer, the probability of an occurrence of a specific pattern that closes the eye should 

not be included in the calculation unless it is also included in the BER approximation for 

a simple decision circuit. By this argument, the BER of a pattern recognizing equalizer 
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will be approximated based on equation (6.5), but the added benefit of multiple sample 

points to must be included. An “equivalent eyeopen” that accounts for the multiple 

samples will be calculated from measurements of overlaying patterns. 

 

6.3.3. Evaluation of Critical Pattern Identification 

Analysis of a 175km Mach-Zehnder driven long-haul fiber link simulated in 

Optiwave’s Optisim program is shown after pattern parsing (described in Chapter 2) is 

applied. By visual inspection, best-case sample times and threshold levels can be 

proposed as indicated. But to locate the optimum threshold levels and sample times with 

greater precision, more extensive pattern analysis will be needed. 

 

 
Figure 6-5: A 175km long-haul MZ simulation is pattern parsed. By visual inspection, best-case 

sample times and threshold levels are proposed as indicated. 
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Figure 6-6: An eye diagram for the signals of Figure 6-5 is shown. 

 

The performance of the Equalizer will be determined in a large part by the ability 

to optimize the Equalizer configuration, namely, the ability to identify the optimum 

sample times and threshold levels. For this purpose, additional post-processing code is 

developed to assist in the analysis of critical patterns where errors are most likely to 

occur. Maxima and minima for each pattern can be found, then areas in amplitude and 

time where any two patterns do not overlap can be identified. The location of these areas 

can be used to determine the optimum settings for sample times and threshold levels.  

The most critical patterns of the set shown in Figure 6-5 are overlaid and 

compared in Figure 6-7. In Figure 6-7(a), a 110 is compared to a 101 pattern, then in 

Figure 6-7(b) the absolute maximum and minimum of the two patterns are overlaid so 

that an ideal threshold level and sample time can be identified. The same process is 

repeated in Figure 6-7(c) and Figure 6-7(d) for the patterns 010 and 101. In these cases, 

a standard decision will not be able to properly identify both 110 from 101 and also a 010 

from 101. As only one threshold level and one sample time can be chosen, the decision 

circuit will be capable of discriminating only one pattern set or the other pattern set; not 

both. 
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(a)     (b) 

 

 
(c)     (d) 

Figure 6-7: The most critical patterns of the set shown in Figure 6-5 are overlaid and compared. 
In (a), a 110 is compared to a 101 pattern, then in (b) absolute maximum and 
minimum are overlaid so that an ideal threshold level and sample time can be 
identified. The same process is repeated in (c) and (d) for the patterns 010 and 101. A 
standard decision will not be able to properly identify both cases presented, it canbe 
configured to identify only one set or the other set. 
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6.3.4. A Method to find Optimum Equalizer Settings and Approximate 

BER 

To extract the approximate BER of the system, a matrix of possible signal 

combinations is drawn up. From this, an “equivalent eyeopen voltage” will be extracted 

and used to approximate the BER assuming additive white gaussian noise, with the use of 

equation (6.5). 

An example of a blank eyeopen matrix for a 3-bit window is shown in Figure 6-8. 

To find all possible “eyeopen” parameters for a given signal set with a 3-bit sample 

window, only the points in quadrants A through D need to be extracted.  All possibilities 

for an error can be tabulated with only four simulations. The four input patterns that will 

be needed are selected as 010, 011, 110, and 111 as indicated. In these cases, a logical 

“1” is always the central bit (the bit to be determined by the equalization process). 
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Figure 6-8: To find all possible “eyeopen” parameters for a given signal set with a 3-bit sample 
window, only the points in quadrants A-D need to be extracted. All possibilities for 
an error can be tabulated with only four simulations. The 4 selected input patterns are 
indicated. 

 

The method will determine the maximum eyeopen that can be found when the 

selected pattern is compared against every possible sequence that would result in an error. 

All possible maxima and minima for the pattern 010 will be compared against 000, 001, 

100, and 101. Then the same operation will be done for pattern 011; it will also be 

compared against 000, 001, 100, and 101. The probability of an error for any one of these 

sequences is now ¼ x ½. Each of the four comparisons will find three eyeopen numbers, 

one for each of the three sample points. The results can be placed into an eyeopen matrix 

composed of 4 rows and 3 columns. 
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The algorithm used to find equivalent eyeopen for any given input signal is now 

described. Each row (or pattern set) is analyzed individually. Initially, it is assumed that 

each pattern can be assigned a threshold level. Later, this approximation will be shown to 

be valid for all the input waveforms under analysis. Then, the net eyeopen is taken as the 

product of the probabilities derived from each valid eyeopen term of the 3-sample set. In 

most all cases, one sample time will dominate the equivalent eyeopen for the pattern set. 

Then the results of each row are compared. As the worst case row will dominate the BER 

of the receiver, the row with the minimum equivalent eyeopen is found and applied too 

equation (6.5), this approximates the BER of the equalized system. If any given set fails, 

the BER of the equalizer will be set to “1” for this input waveform. 

Prior to the estimation of the BER, the optimum settings for sample times and 

voltage thresholds must be found. A quick and accurate method to find the optimum 

settings for the equalizer is essential. This can be done using overlays and graphical 

analysis, expanding the 2-pattern comparison method previously shown to a 1 vs. 4 

pattern comparison. In Figure 6-9, the optimum sample times and associated optimum 

threshold levels are found, then in Figure 6-10, the optimum threshold levels are found 

for the three actual sample times that are selected. 
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(a) 

 
(b) 

Figure 6-9: In (a) the maximum eyeopen at optimum sample time is found, then in (b) the 
optimum threshold level is found for each of the four patterns 
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(a) 

 
(b) 

Figure 6-10: In (a) the maximum eyeopen at all three ACTUAL sample times are found, then in 
(b) the optimum threshold level for all ACTUAL sample times are shown 
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The numbers derived in Figure 6-10 can now be inserted into the eyeopen matrix 

as described, and an equivalent eyeopen for the actual settings can be derived. Upon 

analysis of multiple signal sets, it was found that in these cases the number of available 

thresholds did not exceed the number optimum threshold levels needed. As a result, the 

estimations of BER can based on eyeopen and not on the specific threshold value. A 

more advanced analysis will be described in Section 6.3.6 that shows a method to 

approximate BER when a specific eyeopen cannot be dedicated to a specific pattern set.  

 

6.3.5. BER vs. Maximum Link Length of Equalized Fiber Channels vs. 

Standard Decision Circuit Receivers. 

In Figure 6-11 BER is extracted as a function of link length from optimized DPR 

Equalizer simulations using a loss-less Optiwave simulation of a long-haul fiber-optic 

link with a MZ modulator source with +0dB of gain in the transmission. The channel is 

equalized and the BER is extracted as a function of link length from optimized DPR 

equalizer simulations and compared to best-case results from a standard decision circuit. 

A maximum acceptable BER line is added to the plot at 1x10-12 for reference, though in 

many cases 1x10-12 is already acceptable for SONET/SDH standards. A minimum 

“rational” BER line is also plotted along y = 1x10-50; estimates below this line are not 

practical. Though the simple equation derived estimates BER below this line, it is 

understood that anything below 1x10-50 is simply to be taken as a minimum. 

The basis for the BER estimates is the value chosen for sigma to represent the 

noise in the system. In practice, the value for sigma is approximated and then adjusted to 



 325

best model noise sources of a given fiber-optic link. In Figure 6-11(a), sigma for the 

BER calculation is chosen as  = 15.6mV; an optimistic approximation for noise in a link 

of about 150km in length. In Figure 6-11(b), sigma for the BER calculation is taken as  

= 31.2mV, possibly a more realistic approximation for noise in 150km link. Increasing 

sigma in the system simply shifts the BER plot upwards; a performance advantage is 

maintained by the system with an equalizer on the receiver but the BER is worsened for 

both the decision circuit and the equalizer. 

With a DPR equalizer on the receiver, the results in Figure 6-11(a) show that the 

maximum link length can be extended by up to 100km while maintaining a BER of 

1x10-12 when compared to a system with only a single decision circuit at the receiver. 

This is about a 60% improvement in maximum transmission distance. Conversely, the 

BER of the system of a fixed length can be notably improved with the addition of an 

electronic equalizer on the receiver. With  = 15.6mV and a fixed 150km link length, the 

results indicate that the BER can be improved from 1x10-12 to (below) 1x10-50. If the link 

is subject to larger amounts of noise as in Figure 6-11(b), then this BER improvement 

might be what is needed to enable 10Gbps transmission. 
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(b) 

Figure 6-11: An Optiwave simulation of a (loss-less) long-haul fiber-optic link with a MZ 
modulator source with 0dB of gain in the transmission with a DPR equalizer on the 
receiver. The maximum acceptable BER line is indicated at 1x10-12. In (a) sigma is 
optimistically set to 15.6mV, in (b) perhaps more realistically to 31.2mV.  
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Figure 6-12 shows the results of an experiment where the gain in a loss-less fiber-

optic link is varied in three steps from –3dB to +3dB. BER is plotted vs. link length with 

a sigma of 15.6mV. It is found that the nonlinearities excited by high power transmission 

can help extend the maximum transmission length and/or improve BER for the case of an 

equalizer, as plotted in Figure 6-12(a). The decision circuit, plotted in Figure 6-12(b), 

exhibits improved BER at +3dB until the nonlinearities close the eye at an earlier 

distance than with +0dB transmission. The advantages of the higher power transmission 

are far greater when an equalizer is used at the receiver. The optical fiber’s dispersive 

effects are offset by nonlinear compressive effects that become more prominent in high 

power transmission; thus the fiber-link can be optimized to accommodate a desired 

transmission distance. But at a critical length, dispersive pulse spreading goes beyond 

what the Equalizer’s 3-bit sample window can recover; beyond that length the equalizer 

will no longer be able to interpret even an optimized fiber channel. 

Because real fiber-optic links obviously experience signal attenuation over such 

distances, an actual situation is likely better represented by a combination of the results 

found for –3dB, +0dB and +3dB. Near the output of the optical source and each 

subsequent optical amplifier (when applicable), the signal and associated amplitude-

excited nonlinearities would be most similar to the +3dB gain situation. Then, as the 

signal travels the distance to the next EDFA or to the receiver, the amplitude would 

decrease as a function of distance until the input signal power might resemble first the 

+0dB situation, then still later the –3dB situation. When simulating a loss-less network, 

using +0dB to estimate the average behavior in a link may be the best approach. 
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Figure 6-12: BER vs. link length as the gain of the link varied from –3dB to +3dB. An equalizer 
at the receiver of (a) benefits from higher power transmission. The decision circuit of 
(b) also exhibits improved BER until the nonlinearities close the eye at an earlier 
distance. 
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6.3.6. An advanced method for the optimization of DPR equalizer 

configuration 

The approximation for BER presented in Section 6.3.5 relies on the ability to 

assign an optimum threshold level to all critical patterns that needs to be discriminated. 

With 4 possible patterns and only three available levels, this approximation method is not 

be applicable to all possible signal sets that may be encountered. A more general 

derivation for BER will be beneficial and may also be more practical when applied to an 

equalizer with larger scaling, as with more bit windows or a larger sample set. 

Any input can be associated with a vector as shown in Figure 6-13. In this case, 

the received input vectors correspond to ideal data. The actual data (at seen at the input to 

the ADC) does not fall ideally into the boundaries described by a 3-bit digital vector, 

rather, the input is better represented at a 3-element analog vector defined by a1, a2, and 

a3. 

 

Data sequence sent

0 1 1

Received vector
(analog values)

a2 a1 a0
Fiber channel 

+ receiver
 

Figure 6-13: a three element analog vector can be used to describe the analog input to the 
equalizer, where each element captures the actual value at each of the three sample 
points. 

 

A general “box” technique is described that can aid in both programming and 

eventual BER approximation. A representative figure is shown in Figure 6-14. The 
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settings for a DPR equalizer with 3-samples and 4-level quantization can be plotted in a 

3-dimensinonal plane. The input vectors create points that fall within the boundaries of 

these planes. The distance from the measured point to the boundaries defined by the 

sample time choices and threshold levels is a measure of the error margin that can be 

tolerated by the system. 

 

a1

a0

a1

a0

a1

a0

a1

a0

a1

a0

2-D Exact Mapping 2-D Programmed 3-D Programmed  
Figure 6-14: The settings for a DPR equalizer with 3-samples and 4-level quantization can be 

plotted in a 3-dimensinonal plane. The input vectors create points that fall within the 
boundaries of these planes. The distance from the measured point to the boundaries 
defined by the sample time choices and threshold levels is a measure of the error 
margin that can be tolerated by the system. 
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Figure 6-15: A simple matlab program shows how inputs fall between the boxes of a 3-sample 4-

quantization level equalizer. 
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Figure 6-16 shows a plot from a full Matlab “box” BER simulation of a DPR 

equalizer with 3-samples and 4-level quantization.  As per the graphical example of 

Figure 6-14, the results are plotted in a 3-dimensional plane. Each dimension has three 

threshold planes, each of which are plotted as a transparent mesh within the possible 

solution box. “0” solutions are plotted with a light yellow color and “1” solutions are 

plotted with a green color, or darker shade. After each analog sample vector is plotted in 

the box, the worst-case point is found and highlighted by the Matlab code. Lines are 

extended from the worst-case point to the nearest threshold mesh that holds a conflicting 

(opposite bit solution) on the other side. The shortest line determines the dominant term 

of a BER estimate. 
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Figure 6-16: Output of a “box” simulation developed in Matlab for a 3-sample 4-quantization 

level DPR Equalizer. The worst case input point is highlighted and the distance to 
each boundary indicated. Both 3-dimensional and lateral views for the box simulation 
are shown. 

 

For an n-dimensional box analysis of the electronic equalizer, the calculation for 

BER will no longer rely on eyeopen, but on the distance to the nearest boundary. The 

point nearest to the boundary will dominate BER result: 

)
2

(
2

1 minlim

tot

threshvv
erfcBER




    (6.8) 

Where vlim is the worst case distance between boundaries that house the worst case point 

and vthreshmin is the distance from the point to the nearest of the two boundaries that 

define vlim. 



 333

6.4. Conclusions 

A simple method to estimate the BER of the Equalizer is determined based on 

noise in the system and the response of the ADC’s front-end decision circuits. Then, a 

method to optimally configure the Equalizer’s sample times and threshold levels is 

described and code in Matlab is developed to enable the function. Optimum settings are 

found for test waveforms are generated with the commercial fiber-optic link simulator 

Optiwave, and are applied to a numerical simulator to estimate BER. Plots of BER vs. 

link length are generated such that the expected performance of the Equalizer can be 

compared to that of a standard decision circuit. Both the maximum link length and BER 

show improvements with the use of an electronic equalizer at the receiver. 

Optical-fiber simulations and associated BER estimates show that an optical 

fiber’s dispersive effects can be somewhat offset by nonlinear compressive effects that 

become more prominent in high power transmission. The amount of amplification used 

on the transmitter and optical amplifiers can serve as a technique for balancing linear and 

nonlinear fiber distortions for the optimum performance, but there is a critical length 

where an equalizer will no longer be able to interpret even an optimized fiber channel. 

The equalizer is shown to outperform a standard decision circuit and, in the examples 

presented, enables transmission lengths to be extended by as much as 60% at 10Gbps. 



CHAPTER 7: Conclusions and Future Work  

7.1. Overview 

In this final chapter, work done in this thesis to develop, analyze, and test an 

electronic nonlinear fiber-optic electronic circuit is reviewed. The most significant 

accomplishments and findings are highlighted and then weighed against the shortcomings 

of the approach and implementation. In previous chapters, specific circuit implementation 

problems in the current embodiment were uncovered and potential solutions to these 

problems discussed. As future work, a reduced complexity variant is proposed that would 

resolve these problems and also simplify evaluation. Work in an advanced BiCMOS 

technology is suggested to potentially increase performance and reduce power 

consumption. Modified equalizer topologies, fiber-link optimization, and 

communications standards are also proposed. 

 

7.1. Overview of Thesis 

This dissertation analyzes and demonstrates a novel electronic technique that 

allows data transmission over a fiber communications channel at bit rates or transmission 

lengths that would otherwise produce bit errors due to corruption by dispersive distortion 

mechanisms. A rationale for utilizing electronic dispersion compensation rather than 
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optical compensation is presented based on cost advantages and most importantly, the 

ready adaptability to resolve time-varying effects such as polarization mode dispersion. 

Fiber link simulations were used to aid the development of an equalization 

technique. A simulator was developed as part of this work (UCSD Fiber Dispersion 

Simulator, UFDS) to represent chromatic dispersion and then the results are compared to 

an existing university-developed software package (UC Santa Barbara’s Fiber Optic Link 

Demonstrator, FOLD). Architecture simulations are developed in this work to show that 

pattern recognition can be used as a method for equalization on the receiver side of a 

fiber channel. 

A novel electronic equalization technique targeted for single chip integration is 

developed around this concept. Unlike more typical equalization techniques based on 

linear filters, the high-speed Digital Pattern Recognition Equalizer (DPR) architecture of 

this work enables real-time tracking of both linear and nonlinear distortion mechanisms. 

The unique configuration allows a single sample to be taken per clock cycle or 

multiple-samples can be taken at predetermined points along an electronic delay line. The 

captured vector represents a transmitted pattern, and this pattern is matched up to a 

solution in the look up table memory. In this fashion, pattern recognition on the receiver 

side is used to mitigate the effects of fiber dispersion and other transmission problems.  

For an improved response, an architecture that takes multiple samples per clock 

cycle along a delay line is proposed. Samples of analog data taken at various points in 

time are fed to a Look Up Table (LUT) memory which links received vectors to an 

estimate of the transmitted pattern. The architecture uses no high-speed feedback loops, 

which allows the circuitry to be clocked at frequencies near the maximum clock rate of 
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the given technology. Demultiplexing and parallel processing at low data rates is avoided 

and data can be processed directly at the incoming bit rate. Within reasonable limitations, 

the equalizer can be scaled and its configuration optimized for the compensation of a 

particular fiber channel. 

As a proof of concept, a high-speed electronic equalizer is designed and 

fabricated in InGaP/GaAs HBT technology. The circuit implementation features 3 

independent and bypass-able 2-bit Analog to Digital Converters and a novel high-speed 

bipolar memory circuit with state-of-the-art design and performance. Low frequency tests 

are developed to validate functionality. To evaluate the circuit at high frequencies, an 

alternative to a full-scale fiber-optic test bench is developed. A 4-level logic signal is 

generated that emulates critical features of Polarization Mode Dispersion. Using this 

PMD emulator, equalization tests using a number of short repetitive patterns are 

conducted at clock frequencies up to 3GHz. The PMD emulator disperses data pulses 

over three bit periods so that the output eye diagram is completely closed and detection 

with a conventional single-threshold decision circuit is impossible. On the other hand, the 

InGaP/GaAs equalizer is shown to be able to correctly identify these strongly dispersed 

patterns, indicating that the InGaP-GaAs HBT equalizer can operate at gigabit data rates. 

With some limitations, laboratory tests are extended to indicate functionality up to 5GHz. 

Above 5GHz tests are limited by available equipment, but simple toggle tests indicate 

that the equalizer is bandwidth limited and will produce bit errors if clocked above 5GHz. 

The laboratory tests results are used to analyze the performance of the 

InGaP/GaAs equalizer, and a number of factors that may have limited the performance of 

the equalizer are uncovered. But because of the inability to access key internal nodes on 
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the IC, many conclusions about the equalizer’s performance are based on theoretical and 

post-simulation analysis.  

The experimental ADC’s key performance metrics were characterized in analog 

simulations. When numerical simulations are modified to include an approximation of the 

actual accuracy of the ADC, the expected performance of the equalizer can be better 

modeled. Thermal effects may have also limited the performance of the equalizer. 

Limitations in metal routing layers on the die may have resulted in a power grid 

insufficiently wide to meet the power requirements of the IC. The inductance on the 

ground plane may have lead to power-line bounce from digital switching noise, whose 

effects are analyzed through CMRR (Common Mode Rejection Ratio) simulations. All 

these complications likely limited the high-speed performance of the experimental circuit 

and functionality at higher speeds. 

To further analyze the theoretical performance of the proposed equalizer system a 

commercial optical-fiber communication simulation tool (Optiwave’s OptiSystem) is 

used to generate signals that result from a wide variety of optical communication 

channels. The output data streams are analyzed in a numerical simulation of the 

equalizer, and the outcome of a standard decision circuit is compared to that of an 

equalizer, where the equalizer topology is scaled as in InGaP/GaAs implementation. To 

optimize the equalizer performance, new techniques are developed to optimize the system 

configuration and circuit programming. A method to approximate the Bit Error Rate of 

the equalizer is derived, and it is shown how programming and configuration 

optimization can be used to minimize BER.  
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When the fiber channel is optimized, the high-speed DPR Equalizer topology is 

shown to have the potential to significantly extend the transmission length while 

maintaining the BER required for long-haul systems. More specifically, the results of the 

analysis and optimization showed that in certain conditions, the maximum line length of a 

given optical fiber communications link can be extended as much as 60% with the use of 

a DPR Equalizer while BER is maintained in spec. More surprisingly, results show that 

nonlinearities of the fiber actually help extend data rates for both the decision circuit and 

the equalizer. With linear dispersion alone there are limitations to the performance of 

electronic equalizers of any kind. Future work in the development of electronic equalizers 

must better account for nonlinear elements of the fiber, and long-haul systems will 

require the entire transmission path to be optimized if long-haul transmission distances 

are to be extended. Coding is also discussed as a viable approach to avoid certain pattern 

sequences that are difficult to interpret with an electronic equalizer. 
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7.2. Future Work 

7.2.1. A Simplified Equalizer Demonstration 

In Chapter 5, a number of problems were found in the evaluation of an equalizer 

with three 2-bit ADCs and a 64-bit memory. Many of the problems experienced during 

experimental evaluation could have been resolved more readily if more I/O were 

available for debugging internal nodes, but the complexity of the scheme occupied all 

available I/O pins for required power and signal traces. In addition, the performance 

objectives required that the transistors operate at high bias points, resulting in notable 

thermal concerns. 

Future work should consider a simpler implementation of a demonstration circuit. 

A single or dual 2-bit ADC and a 16-bit LUT memory would much better fit for a 

10Gbps GaAs HBT implementation. Even if a higher density technology were chosen for 

the implementation, a demonstration of this concept would benefit from lower 

complexity. The proposed 16-bit equalizer variant would be easier to program, easier to 

debug, and avoid excessively high-power densities. 

 

7.2.2. Advancement of the Equalizer Implementation Technology 

Possibly the greatest improvement that could be made on a future iteration is to 

move to a lower power / higher integration technology, such as BiCMOS or a modern 

high performance CMOS process. Expected advantages are: reduced power consumption, 
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increased circuit density, the flexibility to use additional routing layers, and the 

possibility to integrate complex low-speed control logic. The high-speed logic circuits 

that are not required to drive long lines, such as the address decoder and certain memory 

functions may also benefit from the availability of FETs. 

Focus is placed on a BiCMOS implementation as this technology was the most 

suitable alternate technology available for this application at the time of fabrication. A 

key advantage of a BiCMOS implementation that was mentioned in Section 4.2 the high 

thermal conductivity of Si; three times greater than that of GaAs. In addition, the Vbe-

ON voltage of the active devices is almost 50% lower than GaAs; this allows the Vee 

supply voltage to be lowered from –5.2V to –3.3V. The combined benefits would result 

in significantly lower junction temperatures as less power is consumed and what heat is 

generated is more effectively be extracted. 

Interconnect lengths could be reduced by taking advantage of more available 

routing layers. The minimum emitter size in Si BiCMOS processes can be a fraction of 

the size of what can be realized in InGaP/GaAs HBT; meaning that Si BiCMOS can 

operate at higher current densities at lower bias currents relative to GaAs HBT. In circuits 

that have speed limited by RC time constants, scaling devices down would result in 

slower rise and fall times, but in this case the spatial distances can be dramatically 

reduced by taking advantage of smaller geometries and the added availability of CMOS 

devices. BiCMOS processes usually have four or more metal routing layers, which could 

be used to greatly increase the power grid and power-line bypassing. Thick available 

dielectrics can be used to compensate for the less-than-ideal substrate, for example, 
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microwave transmission lines can be made on the upper metal layers and the lower layers 

used as a ground plane, shielding the interconnect lines from substrate currents.  

If the same equalizer topology were to be implemented in a BiCMOS process, the 

designer could take additional advantage of the extra routing layers to reduce the 

sensitivity to noise and improve the power grid. Noise immunity could be improved by 

using more differential routing wherever possible and where not possible, better isolating 

power lines could be used. For example, isolated sources and traces could be used for 

analog power and ground lines for better suppression of digital switching noise. It may 

also be possible to make the entire design fully differential with the introduction of 

CMOS devices and the extra routing layers. Perhaps even the high-speed analog input 

could be re-designed as differential to greatly increase the accuracy of the system. 

 

7.2.3. Improvements to the Architecture and Equalizer System  

In this thesis, a few references have been made to future low-speed control loops 

and algorithms that could be developed to automatically adjust and optimize equalizer 

threshold levels, sampling times, and possibly also automate programming optimization. 

The applicability of the equalizer could be greatly enhanced if the user’s multi-variable 

interface can be automated. This would be a key area for future work. 

The architecture simulations of Section 3.4.5.2 indicated that only about 30% of 

the equalizer’s memory was used to compensate a noise-free dispersed transmission; the 

system efficiency was not high. This inefficient use of available memory space is an 

indication that the architecture has not yet been fully optimized to the actual signals being 
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received. Future work should attempt to modify the existing equalizer technique such that 

it can be more closely tied to the signals expected by accurately modeled system 

simulations. 

The results of the fiber simulations indicate that the advantages highlighted in 

publications on electronic equalizers are difficult to achieve in real-life applications. An 

equalizer IC on the output of a fiber-communications channel is far from a single-chip fix 

to a complicated problem. System simulations indicate that in many cases more than an 

equalizer will be needed to extend transmission lengths on single-mode fiber-channels 

beyond what can be deciphered by a standard decision circuit. 

When either chromatic dispersion (CD) or polarization-mode dispersion (PMD) 

dominates the signal output characteristics, long alternating sequences of 1’s and 0’s 

become difficult or impossible to decipher with any electronic receiver or electronic 

equalizer at the photodetector output. Unique pattern signatures are lost when the 

dispersion is great enough for the 1’s and 0’s to completely overlap, the amplitude 

information alone provides no unique signature which can be used to extract the 1’s and 

0’s from a long alternating sequence. In the case of an equalizer capturing a 3-bit window 

in a link where dispersion dominates, even a relatively short sequence such as a 10101 is 

completely indistinguishable from a 01010 sequence. 

It was shown in Chapter 6 that even a link with a standard decision circuit could 

be extended if the link itself is optimized. Nonlinear effects that become more prominent 

at higher optical power levels tend to have a canceling effect on pulse spreading 

distortions such as chromatic dispersion. Thus with or without an equalizer, transmission 

lengths or BER can be improved by adjusting the gain of the optical source and the 
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optical amplifiers in the system. What remains to be determined is if most existing 

networks can be optimized without the need for additional optical amplifiers or 

replacement amplifiers and sources that can handle higher power levels will be needed. In 

addition, future system simulations must accurately account for attenuation in the fiber. 

The pulse spreading from PMD cannot be reduced in the same way nonlinear 

fiber distortions have been shown to reduce the effects of CD, nor can PMD be properly 

compensated by optical compensation techniques or cohesive detection systems. To 

resolve PMD, adaptable electronic equalization techniques seem to be the most 

applicable solution, but the problem of deciphering strings of alternating 1’s and 0’s 

remains when linear dispersion dominates the transmission. For this reason, future work 

needs to involve the study of signal coding techniques. Signal coding can be used to 

remove specific problematic sequences such as alternating 1-0-1-0 sequences. But it 

should be understood that it is not trivial to implement coding in the present 

communications networks. If coding can one day become a viable technique to extend the 

usefulness of standard single mode fiber networks; it is possible that link lengths will be 

extended or bit rates improved without the use of an electronic equalizer. Of course, 

signal coding reduces the transmitted data bandwidth, so the total data transferred must 

be compared, not just the maximum clock rate.  

 

7.3. Conclusion 

In this thesis, an electronic equalizer circuit is proposed and implemented in 

InGaP/GaAs HBT technology. The objective is to demonstrate a low-cost alternative to a 
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system upgrade when data rates or transmission lengths need to be extended on an 

existing standard single-mode fiber (SSMF) network. A numerical simulation is used to 

simulate a fiber link and define an architecture that can be integrated as a single-chip 

electronic solution. Measurement results demonstrate that the equalizer is functional and 

able to compensate transmission with pattern-dependent distortions that otherwise would 

not be discriminated by a conventional decision circuit. Methods to improve the 

implementation of the circuit in future iterations are discussed. Advanced fiber-link 

simulations illustrate that the best results with an equalizer of this topology are obtained 

when the entire link is optimized. A numerical analysis of predicted BER shows that a 

link with an equalizer can outperform a link with a standard decision circuit by extending 

transmission lengths in some cases by more than 60% (from 150km to 250km) at 

10Gbps. 

 



APPENDIX A: Matlab Code for Dispersion 

Generation in UFDS 

% ******************************* 
% Dispersion of signals in optical fibers  
% ******************************* 
% Written by PMA Jan 94 // modified June 1998// inputs 9-17-01  
% Modifications 6-2003 // edited/modified by A. Metzger 
 
%%%%%%%%%%%%% system inputs %%%%%%%%%%%%% 
fc=1e10;  %fc is the clock frequency in Hz 
tc=1/fc;  %tc is clock period; 
Ns=64;  %number of sample intervals per clock period 
fs=Ns*fc; %fs is the sampling frequency 
ts=1/fs; 
Ncomp=8192; %Ncomp is the total number of time points included 
  %in the computation 
  %the number of clock cycle in the fft record is Ncomp/Ns 
Neye=3;  %number of clock cylces in eye diagram 
 
%%%%%%%%%%%%% Initialize variables %%%%%%%%%%%%% 
icount=0; 
xa=1; 
ieye=0; 
tap1=6; tap2=7; pattern=7; seqlength=128; startbit=67; 
bit = prbsgen(pattern,tap1,tap2,seqlength,startbit); 
 
%%%%%%%%%%%%% Run loop to set up data %%%%%%%%%%%%% 
for i=1:Ncomp, 
 t(i)=(i-1)*ts; %this is the time vector in sec 
 teye(i)=(ieye-1)*ts; 
   xbit(i)=xa; 
 icount=icount+1; 
 ieye=ieye+1; 
 if icount==Ns, %this correspond to a clock period 
  icount=0; 
      %xa=(sign(rand-0.5)+1)/2; 
      xa=bit(i/Ns); 
 end 
 if ieye==Neye*Ns, %this correspond to eye period 
  ieye=0; 
 end 
end 
%%%%%%%%%%%%% pass signal through a filter 
bw=6*fc;  %bandwidth of filter 
bws=bw*2*pi; 
%taufilter=1/(2*pi*bw); %filter time constant vs clock period 
s=tf('s'); 
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% bessel filter, third order 
h=0.512/(s^3/bw^3+1.946*s^2/bw^2+1.578*s/bw+0.512); 
%figure(1) 
%bode(h) 
[xlp,to]=lsim(h,xbit,t); 
fig=fig+1; 
figure(fig) 
plot(t,xlp,t,xbit); 
%%% 
%%% determine chirp 
%% df is frequency shift in Hz 
%% hc is transfer function corresponding to frequency shift vs 
amplitude 
%% initial guess is hc is constant times derivative of amplitud 
hc=11*1e9*(s/bw)/(1+1e-6*s/bw); 
[df,to]=lsim(hc,xlp,t); 
fig=fig+1; 
figure(fig) 
plot(t,xlp,t,df/1e9); 
%%% determine phase shift 
%% phase shift corresponds to integrating frequency shift 
%% use transfer function hph to do integration 
hph=2*pi/(s+0.000001); 
[ph,to]=lsim(hph,df,t); 
fig=fig+1; 
figure(fig) 
plot(t,xlp,t,ph); 
%%%% complex envelope xlpc has amplitude xlp and phase ph 
xlpc=xlp.*exp(j*ph); 
 
%Initialize variables 
Xf1=[];xf=[];Xf2=[];xopt=[]; 
Yf2=zeros(Ncomp,1); 
%%%% Specify dispersion in frequency domain 
dispcoef=fs*fs/Ncomp/Ncomp*2*pi/fc/fc/1.0; 
for i=1:Ncomp/2, 
   %dispersion 
   Yf2(i)=exp(-j*(i-1)*(i-1)*dispcoef); 
 Yf2(Ncomp-i+1)=exp(-j*i*i*dispcoef); 
 end 
%%%% compute dispersion in frequency domain 
Xf1=fft(xlpc(1:Ncomp),Ncomp); 
%%% Xf1 is fourier transform of enveelope xlpc 
%%% Xspect is power spectral density of envelope xlpc 
Xspect=20*log10(abs(Xf1)); 
% Set up frequency axis vector in GHz 
delf=1/ts/Ncomp/1e9; 
x=-(Ncomp/2):(Ncomp/2); 
f=delf*x; 
%%% compute fourier transform of output 
Xf2=Xf1.*Yf2; 
%% xf is envelope after dispersion vs time 
xf=ifft(Xf2,Ncomp); 
%% xdet is current output from detector vs time 
xdet=abs(xf).^2; 
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