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ABSTRACT OF THE THESIS
Dual Resonant Switched-Capacitor Polarity Inverter
By
Benjamin Yeager Brown
Master of Science in Electrical Engineering
University of California, Irvine, 2019
Professor Keyue Smedley, Chair

This thesis presents a new dual resonant switched-capacitor converter topology that
inverts the polarity of input voltages and can regulate the gain continuously between 0 and —1,
even at light load operation. A literature review on the development and improvement of
switched-capacitor converters over the years is presented in Chapter 1. The switched capacitor in
the presented converter is charged and discharged through resonant inductors, eliminating large
current spikes and charge sharing losses associated with pure switched-capacitor converters. This
resonance allows for ZCS turn-on of all switches and ZCS turn-off of all diodes. Chapter 2
presents a detailed analysis of the dual resonant switched-capacitor polarity inverter, in which a
voltage gain curve in four distinct operating modes is provided, along with a detailed discussion
of boundary conditions between modes. Voltage and current stresses of all components are
analyzed, and design guidelines for designing the presented converter from a specified input
voltage, output voltage, and output power are presented. In addition, a regenerative snubber to
eliminate undesirable parasitic ringing is provided. An 80V to —35V ~ —72V open loop prototype
with peak efficiency 97.0% and maximum power 120W was built to verify the operation of the

converter, and the experimental results from this prototype are presented in Chapter 3. Finally, in



Chapter 4, several extensions of the topology are presented to reduce the step-down ratio of the

converter or to apply the topology to step-up applications.

Xi



INTRODUCTION

This thesis is part of a long tradition in the field of power electronics of pushing
simultaneously for regulation, efficiency, and power density, three goals that are very often at
odds. Conventional PWM converters are easy to regulate via duty cycle modulation. Over the
years, the bulk of power electronics research has focused on PWM converters, leading to new
switching methods and topologies that allow for efficiencies upwards of 99%. Today, inductor
based PWM converters are still the work horses of a majority of applications. However, PWM
converters require magnetic components to store energy via large DC bias currents, and thus
often require air gaps, concentrated or distributed, to avoid saturation. These magnetic
components constrain the power density of PWM converters and have spurred a push towards
operating at higher and higher frequencies. This in turn has created a demand for new
semiconductor components, made from materials such as SiC and GaN, as designers begin to run
up against the high frequency limitations of Si power devices. The push for higher frequencies is
also challenged by core loss in magnetic components, which increase with frequency.

Employing resonance has been a common approach in improving efficiency and power
density in power converters. Resonant converters use resonant tanks to regulate voltage gain by
modulating the switching frequency. The tank presents a capacitive or inductive impedance to an
inverter, allowing the switches to achieve either zero-current switching (ZCS) or zero-voltage
switching (ZVS). Hybrid PWM-resonant switching methods have also been devised to introduce
ZVS or ZCS into existing PWM converters via a hybrid switching cell. Resonant converters do
reduce switching losses, but often increase conduction losses as large rms currents flow in the
tank. Many resonant converters also have issues with circulating currents at light load, leading to

low efficiency and difficult regulation.



It is extremely desirable to get rid of bulky magnetic components. Switched-capacitor
converters (SCCs) rose to the occasion with the promise of small size and lightweight designs.
However, large transient current spikes during the charging and discharging of capacitors lead to
EMI issues and limit the efficiency of SCCs. SCCs also have little to no regulation capability,
unless one is willing to sacrifice efficiency for regulation. Resonant switched-capacitor
converters (RSCCs) use small inductors to reshape these current spikes into sinusoids,
eliminating one important issue and increasing efficiency, but they do little to address the
problem of regulation. Thus, while excelling in the areas of power density and efficiency,
RSCCs are far behind resonant and PWM converters in terms of regulation.

The subject of this thesis, the dual resonant switched-capacitor polarity inverter, is a
topology that falls into the new class of RSCC topology referred to as dual resonant switched-
capacitor converters pioneered by Dr. Slobodan Cuk. These converters are based on SCC
topologies, but employ resonances for the charging and discharging of the capacitor(s), and thus
simultaneously achieve high efficiency, high power density, and, crucially, regulation capability,
even at light load. The DRSC polarity inverter can be used in applications that require a negative
power supply rail to be derived from a positive supply rail for a wide range of power levels.
There are of course important drawbacks as well that will be discussed and addressed, such as
parasitic ringing and large switching losses at high frequencies. The detailed operation of this
converter will be analyzed in Chapter 2, and experimental verification will be presented in
Chapter 3. In addition, this thesis will provide guidelines for designing a DRSC polarity inverter
from a specified input voltage, output voltage, and output power. Topological extensions for

smaller step-down ratios and for step-up applications are discussed in Chapter 4.



CHAPTER 1: Literature Review

Pure Switched-Capacitor Converters

Some of the earliest examples of switched-capacitor circuits being used as a means for
power control arose in the 1970s [1] [2]. In Fig. 1.1 from [1], a four switch SC cell is used as a
variable impedance to control the power delivered from the DC source E to the load Z;. A
similar concept is presented in [2] for motor control. The issue of regulation via modulating
output impedance is an ever-present issue with SC power converters. Charging capacitors with
other capacitors at even slightly different voltages is an inherently lossy process, as any electrical
engineering student who has encountered the infamous “capacitor charging paradox”, in which
half of the initial energy on a capacitor is lost after charging another capacitor with no initial
charge. In the literature, this loss is referred to as charge sharing loss [3], and is often a limiting
factor on the efficiency of an SC converter. This charging is also done by means of a large
current spike that exponentially decays. In practice, this current spike may be large enough to

damage switches and cause EMI issues.

Fig. 1.1: Early example of SC circuits used in power regulation. Figure from [1].



Nevertheless, power electronics researchers were attracted to SC converters due to the
potential for light weight and high power density when compared to traditional PWM converters
requiring bulky magnetic components. Some of the earliest work on SC DC-DC converters as we
know them today began in Kumamoto, Japan in the early 1980s [4]-[6]. These converters were
typically limited to under 10W and efficiencies of below 90%. While the authors of [4] claim
that their converter is regulated, this regulation comes at the cost of drastically reducing the
efficiency. In fact, the authors themselves refer to the converter as a “switched-capacitor
transformer”, suggesting they understood the device to have a practically fixed voltage gain.
Many varieties of SC converter emerged out of their and other researchers’ work [7]. A

collection of common SC DC-DC converters are shown in Figs 1.2 and 1.3.
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Fig. 1.2: Three common SC DC-DC converters: (a) 1/2X step-down converter, (b) 2X step-up
converter, and (c¢) polarity inverter.
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Fig. 1.3: Three common SC DC-DC converters: (a) 3X ladder converter, (b) 3X Dickson
converter, and (¢) 5X Fibonacci converter.

The converter in Fig. 1.2a operates by charging the switched capacitor in series with the
output voltage, then discharging it in parallel, leading to the output being equal to one half of the
input. Similarly, the converter in Fig. 1.2b charges the switched capacitor in parallel with the
input voltage, then discharges it in series with the input voltage, thus doubling the input voltage.
The converter in Fig. 1.2c charges switched capacitor to the input voltage, then discharges in
parallel with the output, but with the opposite polarity, leading to a gain of —1.

The converters in Fig 1.3 are examples of slightly more complicated SC DC-DC
converters. Only the step-up version of each converter is shown, but they can be converted to
step-down as well. The ladder converter in Fig. 1.3a charges the capacitor on each rung in
parallel with the previous rung, meaning the voltage stress is equally shared among all capacitors

and is equal to the input voltage. The Dickson converter in Fig. 1.3b works similarly, except



there is a bypass capacitor that is charged to twice the input voltage. There are alternate versions
of the Dickson converter that distribute the capacitor voltage stress differently as well. The
Fibonacci converter in Fig. 1.3c works by charging each capacitor with the series combination of
the two stages before it, hence leading to a gain that is equal to the Ath Fibonacci number for &
capacitors (indexing the first 1 in the Fibonacci sequence at 0). In this case there are 4 capacitors,
so the gain is 5. In fact, Makowski and Maksimovic proved in [8] that the maximum achievable
gain of any two-phase DC-DC SC converter with & capacitors is the Ath Fibonacci number.
While the Fibonacci converter can achieve large gains with relatively few capacitors, it has the
disadvantage that the voltage stress on each capacitor also increases with the Fibonacci sequence.

Many more SC DC-DC converter topologies have arisen but have mostly been limited to
low power applications by the inherent drawbacks of SC converters. In [9], Seeman and Sanders
showed that every SC DC-DC converter can be modeled as a fixed DC transformer with a lossy
output impedance. They also showed that this impedance can be modulated with frequency and
duty cycle, thus demonstrating that the only way to regulate SC DC-DC converters is by
increasing the output impedance, and thus lowering the efficiency.

/\'/\/A\'ﬁ :
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Fig. 1.4: In [9], Seeman and Sanders showed that all SC DC-DC converters can be modeled as
fixed transformer followed by an output impedance. Figure from [9].



Hybrid PWM-SC Converters

The issues of pure SC converters were not lost on early SC researchers. In fact, the same

Japanese group that was among the first groups to research SC converters was also among the

first groups of researchers to try to address the issues of large current spikes and poor regulation.

The natural point of entry in resolving these issues was hybridization with PWM converters,

which have large inductors that conduct relatively constant current and achieve regulation very

easily. In [10] and [11], one or two of the switches in the three basic SC DC-DC converters of

Fig. 1.2 are replaced with large, low-ripple inductors, as shown in Fig. 1.5. All of these

hybridizations have the desired affect of achieving voltage regulation. The converters on the

rightmost portion of Fig 1.5 also achieve soft charging and discharging of the capacitors, as there

1s an inductor in both the charging and discharging path of the capacitor.
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Fig. 1.5: Hybridizing the basic SC DC-DC converters in Fig 1.2.




While these hybrid PWM-SC converters achieve their goal of voltage regulation and
eliminating current spikes, it comes at the cost of drastically reducing the power density
compared to their pure SC counterparts. This is because the inductors store DC energy, and thus
must be large and often air-gapped as in a PWM converter. In fact, the converter that results
from the hybridization of an SC polarity inverter in Fig 1.5 is the well-known Cuk converter.
Thus, these first attempts at hybrid PWM-SCs fail to retain some of the chief advantages of SC
converters, such as high power density and light weight.

In recent years, hybrid PWM-SC converters have emerged when approached from the
PWM side, in other words, using switched-capacitor cells to extend the voltage gain of PWM
converters, as opposed to using features of PWM converters to improve SC converters through
hybridization. For example, in [12], a converter deemed a “hybrid DC-DC buck converter” was
presented. This converter was created by observing that the bottom rung of a SC step-down
ladder converter resembles a half-bridge with an input equal to the output voltage of the
converter. Since the input to a buck converter is a DC voltage followed by a half-bridge, the
authors combined the two converters at this point, resulting in the converter shown in Fig. 1.6
below. Just as with a ladder converter, the step-down ratio can be further reduced by adding
more rungs with more capacitors. However, the capacitors in the SC cell are still connected in
parallel as in a pure SC converter during their charging and discharging. Thus, although
regulation can be achieved by duty cycle modulation, an ideal operating region of near D = 0.5 is
recommended by the authors to avoid lowering the efficiency via increasing the output
impedance of the SC cell. This converter, as with the converters in [10] and [11], also uses a

large, low-ripple inductor at its output, meaning the power density is limited.
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Fig. 1.6: Hybrid DC-DC buck converter. Figure from [12].

In [13], the authors observed that several common PWM converters, such as the Cuk,
SEPIC, and Zeta converters, can themselves be viewed as hybrid PWM-SC converters, since the
main means of energy transfer between input and output is capacitive. Utilizing this fact, they
replaced the capacitor in these converters with a step-down SC cell to allow for smaller step-
down ratios. The result for the Cuk converter is shown in Fig. 1.7 below. C; and C are first
charged in series, then discharged in parallel, reducing the voltage gain of the converter by a
factor of ’2. The gain is still easily regulated by modulating the duty cycle. In addition, unlike in
[12], both the charging and discharging of the capacitors is via low-ripple inductors, eliminating
undesirable current spikes. However, once again bulky magnetics are required to realize this
converter. The authors in [13] also present a method for replacing the inductors with switched
inductor cells to extend the voltage gain, but the resulting converters have an uncommon ground
between their input and output, and also require even more low-ripple inductors for their

realization.
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Fig. 1.7: Result of replacing the capacitor in a Cuk converter with a step-down SC cell. Figure
from [13].

Whereas the previous examples of hybridization observed a commonality between SC
and PWM converters and hybridized based on that commonality, another common approach to
hybridization is merely attaching an SC cell at the input or output of a PWM converter to extend
the voltage gain. An example of this is [14], in which an SC cell is inserted at the output of a
boost converter to extend the voltage gain. The SC cell still has large current spikes, but the gain
of the converter is easily regulated. The boost inductor is once again required to be a bulky, low-
ripple PWM inductor.

In general, hybrid PWM-SC converters are an effective method of extending the voltage
gain of PWM converters, but do not retain many advantages of SC converters. In particular, the
requirement of bulky magnetic components, similarly sized to those in regular PWM converters,
limits the power density of these converters unless they are operated at very high frequencies.
High frequency operation introduces a whole new set of issues, especially if the SC cell of the
hybrid PWM-SC converter in question exhibits large current spikes during charging and/or

discharging.
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Resonant Switched-Capacitor Converters

In 1998, researchers in Hong Kong introduced a new type of switched-capacitor
converter that eliminates the current spikes between charging capacitors while maintaining
comparable power density and achieving ZCS for all switches and diodes [15]. These converters
were derived by inserting a small resonant inductor in series with the capacitor in each of the
basic SC DC-DC converters from Fig 1.2. The resulting converters are shown in Fig. 1.8 below.
When operated at the resonant frequency with duty cycle D = 0.5, the current through the
resonant network is a sinusoid, and every switch is turned on and off with ZCS. The resonant
inductor can be small, both in inductance and in physical size, as it does not carry low-ripple
current or store DC energy. Thus, resonant switched-capacitor converters (RSCCs) successfully
eliminate current spikes without suffering a large reduction in power density. The three

converters in Fig 1.8 were extended to larger or smaller voltage gains in [16].
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Fig. 1.8: Resonant versions of the basic SC DC-DC converters from Fig 1.2: (a) resonant 1/2X
step-down, (b) resonant 2X step-up, and (c) resonant polarity inverter.
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In both [15] and [16], the goal of introducing the resonant inductor was solely to
eliminate current spikes and achieve ZCS, rather than to achieve regulation capability. The
author in [15] specifically mentions that voltage regulation is poor, but slightly better than a pure
SC converter. Nevertheless, researchers were attracted to RSCCs, as the soft switching and soft
charging allowed them to take high power density SC topologies to much higher power
applications. For example, in [17], a 12.5kW prototype of the topology shown in Fig. 1.9a was
built. The step-down converter resonantly charges the capacitors in series, then discharges them
in an interleaved fashion to the output, thus making the output current four times the input
current. This converter also has poor regulation capability, and in fact was designed to be used
open loop. Regardless, it demonstrates the capability of RSCCs to operate at much higher powers

than possible with their pure SC counterparts.
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Fig. 1.9: (a) Topology of converter in [17] and (b) the resonant inductor current waveforms.
Figure from [17].
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In [18], an interesting combination of RSC and hybrid PWM-SC is presented. The
converter is basically two ladder converters interleaved and used as the inputs to a two-phase
buck converter. However, the two inductors of the buck converter have been combined into a
coupled inductor, and the leakage inductance is used as a resonant inductor for soft charging and
discharging of the capacitors. The topology is shown in Fig. 1.10 below. This converter achieves
very high efficiencies of around 99%, but as in [17] was designed for open-loop operation and

has limited regulation capability.

Q1
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m+ = V’rnid

Q4 I; )
TRt oED

Fig. 1.10: Topology of converter presented in [18]. Figure from [18].

There have been attempts at designing RSCCs in which regulation can be achieved. One
example is the converter presented in [19], which is a resonant version of the two-switch
boosting switched-capacitor (TBSC) converter presented in [20]. The topology from [19] is
shown in Fig 1.11. The authors in this paper completed a detailed analysis of the voltage gain of
the converter as a function of switching frequency. The overall characteristic of the voltage gain
1s similar to a series resonant converter, that is to say regulation can be achieved at heavy load by
modulating the switching frequency, but becomes much more difficult at light load. An

important result from this paper is that the efficiency of the converter did not drop proportionally
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with the drop in voltage gain, as shown in Fig. 1.12. This shows that the limited regulation that is

available with RSCCs is not solely via modulation of the output impedance, as it is in pure

SCCs.
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Vin ﬂE}.’ T I
i Lf 1 —— ;
T vyl  Cou
' L]
szE} . :
1
‘t‘ - §r2 ,'.
Dz x =k
Fig. 1.11: 2X resonant TBSC topology from [19]. Figure from [19].
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Fig. 1.12: Experimental voltage gain and efficiency versus switching frequency from [19].
Figure from [19].
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This point is further underscored by [21], in which the output impedance of an RSCC and
its non-resonant counterpart are analyzed in detail, resulting in the plot in Fig. 1.13. As it is
shown, near the resonant frequency, the output impedance of the RSCC is much smaller than that
of the SCC. Typically pure SCCs are operated at frequencies where the output impedance begins
to flatten off to its fast switching limit (FSL), and can be regulated by lowering the frequency
and increasing the output impedance. Interestingly, Fig. 1.13 shows that as the switching
frequency is increased, the output impedance of RSCCs also increases. Intuitively this makes
some sense, as above the resonant frequency the inductance begins to dominant the impedance of
the resonant network. But as Fig. 1.12 showed, the efficiency does not drop proportionally with
the gain as the switching frequency is increased. This suggests that if an RSCC were modeled
using the same model as Fig. 1.4, the regulation that is achieved is done by modulating both the

“turns ratio” of the virtual transformer as well as modulating the output impedance.
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Fig. 1.13: Output impedance of an RSCC and its non-resonant counterpart. Figure from [21].
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Dual Resonant Switched-Capacitor Converters

In 2012, Dr. Slobodan Cuk patented a new technology that has since been deemed dual
resonant switched-capacitor converters [22]. The first dual resonant switched-capacitor converter
(DRSCC) was made in a similar way to the converters in Fig. 1.8. However, instead of inserting
an inductor in series with the capacitor of an SC converter, Dr. Cuk inserted two inductors into
the circuit of Fig 1.2a, one in the charging path of the capacitor, and one in the discharging path.
The result is shown in Fig. 1.14 below. At first glance the presence of an inductor in series with a
switch may seem troubling, but the converter is designed to be operated with fixed off-time, such
S2 is always turned on and off at zero current. Because there is no inductor in series with the
resonant capacitor, the sinusoidal charging current can be cut short with no issue. The inductor
L,; then sees the DC output voltage, discharging its remaining energy to the load, while the
resonant capacitor discharges to the load through L. In this way, the input and output current
waveforms can be shaped, and voltage regulation can be achieved through fixed off-time
variable frequency modulation. Since the inductors do not store DC energy, they can be small as
in an RSCC. Hence, the step-down DRSCC achieves voltage regulation and eliminates current
spikes, while retaining the high power density of SCCs and RSCCs. The voltage gain of the step-

down DRC is limited to the range 0 to !4 by the underlying SCC topology.

/ YY"
SZ L;‘J
Sl II Dl /,,./

C_) A D2 —

Fig. 1.14: Dual resonant switched-capacitor step-down converter topology (patented in [22]).
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The DRSCC concept has been extended to step-up applications as well in [23], by
observing that the same process can be applied to the 2X step-up converter from Fig 1.2b. The
result is shown in Fig 1.15. The gain of this converter is limited to the range 1 to 2. The authors
in [23] also provided several topological extensions that increase the voltage gain via additional
SC stages in front of the resonant cell. The SC stages introduce large current spikes during the
charging of the additional capacitors, limiting the practical use of these extensions. Fig. 1.16
shows an example of this issue. Extensions of the step-down DRC in Fig. 1.14 are similarly
difficult to realize, due to the resonant inductors being embedded in the charging and discharging

circuits of just one capacitor.
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Fig. 1.15: Dual resonant switched-capacitor step-up converter topology. Figure from [23].
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Fig. 1.16: Extension of the converter in Fig. 1.15 to 3X gain. Figure from [23].
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In addition to a limited range of voltage gain and difficulty in extension, these two
DRSCCs suffer from large magnitude high frequency ringing in the two branches with resonant
inductors. This is due to the parasitic capacitances of the semiconductors in series with these
inductors, which at turn-off can cause large voltage spikes and potentially damage the switch or
diode. Snubbers are difficult to apply to these circuits, once again because the branches in
question are so embedded in the resonant SC cell. The authors in [23] partially addressed this
issue by adding a blocking diode in series with S2 in Fig. 1.15, which blocks the parasitic
resonance from continuing. However, this does nothing to address the parasitic ringing of D1,
and also adds conduction loss.

All of these issues were resolved in two papers by Wenhao Xie et al in [24] and [25]. The
core observation that Xie et al made was that the resonant inductor locations in Figs. 1.14 and
1.15 were not unique. The inductors could be moved to the legs of the other two semiconductors
without altering the operation of the converter; the only difference is that the off-time of a
different switch is fixed. The resulting converters are shown in Fig. 1.17. With the inductors
moved to these locations, the parasitic capacitances can more easily be clamped by connecting
them to the input or output voltage via clamping diodes and capacitors. The converters in Fig
1.17 with regenerative snubbers applied are shown in Fig. 1.18. A comparison of the voltage
waveforms of diode and switch with parasitic ringing is shown in Fig. 1.19. In Fig. 1.19a, when
no snubber or blocking diode is present, the voltage across both the switch and diode reaches
very large resonant peaks. In Fig. 1.19b, a blocking diode is in series with the switch, which
successfully eliminates the large spike on the switch, but does not improve the diode waveform.
Finally, Fig. 1.19¢ shows the switch and diode voltage with the regenerative snubber of Fig.

1.18b applied. Both the switch and diode experience no large voltage spikes or ringing.
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Fig. 1.17: Alternate versions of the DRSCCs in Figs. (a) 1.14 and (b) 1.15, with the branches that
experience parasitic ringing highlighted. Figure from [24].
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Fig. 1.18: Circuits in Fig. 1.17 with regenerative snubbers applied. Figure from [24].
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Fig. 1.19: Switch and diode voltage waveforms for the alternate DRSCC step-up of Fig. 1.17b
with (a) no snubber of blocking diode, (b) blocking diode in series with S1, and (c¢) regenerative
snubber of Fig. 1.18b applied. Figure from [24].
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In addition to making it easier to eliminate parasitic ringing, the converter in Fig. 1.17b
can easily be extended to larger step-up gains while maintaining resonant charging and
discharging of all capacitors. The result of the 3X and nX extensions are shown in Fig. 1.20.
During the charging of the capacitors, all of the capacitors appear in parallel and charge
resonantly through L;. During discharge, the capacitors appear in series and discharge resonantly
through L. This discharge can be cut short, and a negative DC voltage will appear across L2,

allowing the current to ramp down and the energy to be recovered.
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Fig. 1.20: Extension of the converter in Fig. 1.17b to (a) 3X and (b) nX. Figure from [25].
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CHAPTER 2: Dual Resonant Switched-Capacitor Polarity Inverter

Development

The development of the dual resonant switched-capacitor polarity inverter, the subject of
this thesis, began by an observation that the three basic SC converters of Fig. 1.2 could be
viewed as a ladder converter with a single rung. If the semiconductors are replaced with ideal
switches, these converters are then identical, the only difference being where the input, output,
and common ground nodes are placed. This is illustrated in Fig. 2.1. With these three SC
converters viewed in this way, it then becomes evident that the two original DRSCCs from Figs.
1.14 and 1.15 can be created by inserting an inductor in series with the innermost switches of the
ladders in Fig. 2.1a and Fig. 2.1b, respectively. This re-drawing of these converters is shown in

Fig. 2.2.

D1 D2

>t §2 §
DI + T $2 I 4 == §
e - C>

Fig. 2.1: The three basic SC converters of Fig. 1.2 drawn as a single rung ladder with ideal switches:
(a) 1/2X step-down, (b) 2X step-up, and (c) polarity inverter.
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Fig. 2.2: Original DRSCCs from Figs. 1.14 and 1.15 re-drawn as single
rung ladder converters, illustrating their equivalence.

Fig. 2.2 naturally leads to the question of what happens when one inserts a resonant
inductor in series with innermost switches of Fig 2.1c. The result is in fact the dual resonant
switched-capacitor polarity inverter, depicted in Fig. 2.3. As mentioned in Chapter 1, the gain of
DRSCCs is limited by the maximum gain of the underlying SCC topology. For example, the
DRSCC step-down converter can only regulate the conversion ratio from 0 to 2. Because the SC
polarity inverter has unity gain, the resulting dual resonant converter can regulate the voltage
gain over the entire range from 0 to —1. The observation in Fig. 2.2 also shows that the two
alternate DRSCCs in Fig. 1.17 are equivalent to each other, and are created by moving the
inductors in Fig. 2.2 to the outermost switches instead of the innermost. The dual resonant
switched-capacitor polarity inverter thus also has an alternate form, a fact that will be discussed

further in Chapter 4.
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Fig. 2.3: The dual resonant switched-capacitor polarity inverter.

The operating principle of this converter is similar to other DRSCCs. When S1 is on, C;
is charged by the resonant current in L,;. S1 can then be turned off before sinusoidal current
reaches zero, and C, begins discharging to the load through L,.. The remaining energy in L,; is
recovered as the output voltage appears across L,; when D2 turns on. This DC voltage is
negative, thus causing the current in L,; to linearly ramp down to zero. A detailed analysis and
derivation of the dual resonant switched-capacitor polarity inverter voltage gain will be presented

in the following section.
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Detailed Analysis

The dual resonant switched-capacitor has four modes of operation that it may enter
depending on the switching frequency and load. All four modes will be analyzed, although only
modes 1 and 2 are desirable for practical use. Design guidelines will be presented in the next
section on how to avoid the undesirable modes 3 and 4. There are several assumptions that will
be used throughout this analysis for simplicity without loss of generality. First, the output
capacitor Co is assumed to be large enough that the output voltage Vo is approximately constant.
Second, all components are assumed to be ideal, i.e. all diodes have a forward voltage drop of
zero, the switches have zero on-resistance, and the ESRs of capacitors and inductors are
neglected. Third, the converter is assumed to be in steady state. Finally, dead time between
switching phases has been neglected. The two active switches are operated out of phase with
each other, and the off-time of S1 is fixed such that i,> is always a half sinusoid.
Mode I — Controlled Mode

The typical operating waveforms of the switch gate voltages, capacitor voltage, inductor
currents, and diode currents in mode 1 are shown in Fig. 2.4. The different topological states are

shown in Fig. 2.5.
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Fig. 2.4: Typical operating waveforms in mode 1.
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Fig. 2.5: Topological states of the DRSC step-down polarity inverter in mode 1 for (a) # to ¢;, (b)
t1to t2, and (c) £2 to 3.

[to — t7]: S1 turns on at #p. D1 begins conducting and C; is charged with the resonant

current in the first resonant path. D1 and S1 both have ZCS turn-on. The KVL and KCL

equations for the circuit in Fig. 2.5a are

diy,(t)

Vq - vCr(t) =Ly %
. dver(t)

lr1 (t) =( UCT

From Fig. 2.4, the boundary conditions for this state are
ir1(6) =0

Ver (to) = Vermino

(1

2

3)
“4)

where Vcrmin 1s the minimum voltage on capacitor C,. Equations (1) and (2) can be solved for i,;

and v¢, using the boundary conditions in (3) and (4), and using

1

Wry = 2Mfry = ==

Lry

R =
N1 cr

b
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the solutions can be expressed as

ir(t) = %}Zminsm(wn(t —ty)) (7)
Ver (t) = Vg - (Vg - VCrmin) Cos(wrl (t - to))- (3)

[¢7 —t2]: S1 turns off at #; and S2 turns on with ZCS. The current #,; is nonzero at ¢;, as
discussed previously, so it begins to conduct through D2. The capacitor C, begins to be
discharged by the resonant current i,> in the second resonant path (also through D2) to the load.
The DC output voltage is now imposed on L,;, causing the current to linearly decrease, as the

energy in L,; is delivered to the load. The KVL and KCL equations of Fig. 2.5b are

diy,(t)
VO + Ver (t) = Lr2 ldzt (9)
diy(t)
Vo = Ly, ldlt (10)
. dvcy(t)
_lrz(t) =C; va (11)

As previously mentioned, the off-time is fixed at half the second resonant period. The
normalized switching frequency Ffs is defined based on this period. The ratio between the two

resonant frequencies £ is also defined below

_Jfs __m™
FS N 2fr2 - Tswyz (12)
fr2 Lyq
=Jrz _ |In 13
ke fr1 Lyo ( )

From Fig. 2.4, (7), (12), and (13), the boundary conditions at #; can be found to be

. Vg=Vermin . 1
i (1) = 2™ sin <§ (F—S - 1)> (14)
i2(6) =0 (15)
VUer (t) = Vermaxo (16)

where Vermax 1s the maximum voltage on C,. Based on (9) — (11) and (14) — (16), as well as
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1

Wry = 2T fry = e (17)

Ly
Ry, = c_:’ (18)

the solutions for i,, i,2, and vc, can be obtained:

. Vg=Vermin . 1 vV
i (t) = %sm <% (F_s - 1)> + i(t —t) (19)
. VotVermax _;
irp(8) = %Sm(wrz (t - t1)) (20)
vCT(t) = _VO + (VO + VCTmax) cos(wrz(t - tl))- (21)

[t — t3]: At 12, iy reaches zero, and D1 turns off with ZCS. C, continues to be discharged
by the resonant current through L,>. The solutions for i,> and vc, are the same as in [¢; — £2] as D1
turning off does not interrupt the resonance between C, and L,>. At ¢3, S2 and D2 turn off with
ZCS and the cycle repeats.

The charge delivered to C; in [f9 — #/] is
ty .
den = C-WVermax — Vermin) = ftol I (t)dt. (22)

From (22) and (7), the following expression can be obtained

(1 _ _ Vermax—Vg _ Mcrmax—1
cos <k ( 1)> = = ) (23)

Fs VCrmin_Vg Mcrmin—1

where Mcimax and Mcymin are Vermax and Vepmin normalized to V.

Similarly, the charge removed from C, during its discharge in [#; — #3] is
ts .
Qais = CrVermax — Vermin) = ftls o (t)dt. (24)

From (24) and (20), and using the fact that the off-time of S1 is fixed at one half of the resonant

period of the second resonant network, or equivalently

tz3—t; = - (25)

Wr2
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the following is obtained
1
Vo =— > (Vermin + Vermax)s (26)
or in words, from steady state charge balance of C, it can be shown that the output voltage is

equal to the average voltage on the resonant capacitor. In terms of the conversion ratio, M, (26)

can be rewritten as
1
M =— 5 (MCrmin + MCrmax)- (27)
To solve for Mcymin and Mcymax (and thus for M), it is useful to examine the output current

of the converter /o:
1 [ ty . ts .
lo=—1- 5 tcoue® + [7 ina (Odt = [ ice (D)t |. (28)
The first term of (28) is equal to zero due to the charge balance of the output capacitor Co. The
third term in (28) is the charge removed from C,, which from the charge balance of C, must be

equal to g.» from (22). Therefore, the output current is equal to the negative of the average

current through the inductor L,;:
1 ts,
IO = — T_S fto l‘l"l (t)dt. (29)

Using (19), (23), and (29), the following expression can be obtained

2k M -M i
M — __FS Crmax Crmm], (30)
mQ McrmaxtMcrmin

where Q is defined as the quality factor of the first resonant path

Q=" (31)

R

Solving the resulting systems of equations (23), (27), and (30) for Mcymaex and Mcymin, We

obtain
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1k 1 2 1 2k (1 1k 1
(EGFS_E) 005(7(5—1»—@175 cos(;(§—1)>+ﬁlfs+5+2 cos(

%—1))\/%}?5(%1:5—1)_2(%;5)2 COS(%(;_S_1)>+%FS(%FS+1)

M Crmin

1 21T,
= COS| =

e )
(MCTmax+cos<%(F—1S—1)>—1>

(32)

)

(33)

from which M can be calculated from (27). The full expression for M is not written out due to its

complexity. Voltage gain curves are more instructive, and will be examined in a later section.

Mode 2 — Uncontrolled Mode

If the switching frequency is low enough that both the charging and discharging currents

are half-sinusoids, the converter enters the uncontrolled mode 2. The typical operating

waveforms of the switch gate voltages, capacitor voltage, inductor currents, and diode currents in

mode 2 are shown in Fig. 2.6. The different topological states are shown in Fig. 2.7.

S1

S2

Fig. 2.6: Typical operating waveforms in mode 2.
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Fig. 2.7: Topological states of the DRSC step-down polarity inverter in mode 2 for (a) # to ¢;, (b)
t1to t2, and (c) £2 to 3.

The analysis of mode 2 is very similar to that of mode 1, except that now the time
duration [#p — ¢/] is equal to half the resonant period of the first resonant path:

tl - tO = T (34)

Wr1

The resulting time domain expressions for i,; and i,> during the states in which they are nonzero
are the same as (19) and (20). Charge balance of C, can be applied in mode 2 as well, but due to
(34) the equation for g, from (22) simplifies to
qen = Cr WVermax = Vermin) = 26 (Vg = Vermin)» (35)
from which the following can be obtained
Vy = Vermax + Vermin) (36)
Since the discharge is unchanged from mode 1, (26) still holds in mode 2, thus the gain M can be

found to be

M=-1 (37)
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To solve for Mcymax and Mcmin, Once again analyzing the output current is useful. In mode
2, since the current in L,; drops to zero before D2 turns on, the expression for the average output

current reduces to
1 [pts, ts
IO = - T_S I:ft; lCDut(t)dt - j;: lCr(t) dt] (38)
Once again, the first term reduces to zero by the charge balance of Co. The second term is equal

to the charge removed from C, during its discharge, which by charge balance is equal to the

right-hand side of (35). Thus, the following expression can be derived

Vo

_TZ_S (Cr(Vg - VCrmin)) =1Ip = R (39)

Using (12), (13), (31), (37), and (39), the following solution for Mc,mi» in mode 2 can be found:

Q1
Mermin =1 — g;a (40)

From (36) and (40), Mcymax can be found to be

Q1
Mermax =1+ g;a (41)

Thus, in mode 2, the converter behaves similarly to an indirect RSCC like those in Fig. 1.8, with
a fixed voltage gain and ZCS turn-on and turn-off of all semiconductors.
Mode 3 — Heavy Load

Since the average current in L,; is equal in magnitude to the load current, with heavy
loads the average current of L,; may be large enough that L,; must store energy throughout the
switching cycle. Thus, mode 3 is defined by the mode in which L,; has a nonzero DC bias. The
typical operating waveforms of the switch gate voltages, capacitor voltage, inductor currents, and
diode currents in mode 3 are shown in Fig. 2.8. The different topological states are shown in Fig.

2.9.
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Fig. 2.8: Typical operating waveforms in mode 3.
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Fig. 2.9: Topologitcal states of the DRSC step-down polarity inverter in mode 3 for (a) 7 to #;
and (b) #; to 2.

[t0 — t1]: This state is the same as in modes 1 and 2, except that the current in L,; does not
start at zero. Instead, it has a nonzero minimum /,7mi». The KVL and KCL equations are the same
as (1) and (2). However, the boundary conditions become

ir1(t0) = Irimin (42)
ver(to) = Vermin: (43)

These different boundary conditions result in the following solutions from (1), (2), (42), and (43)

. Vg=Vermin .
iy () = 412 n(wn(t - to)) + Lymin Cos(wrl (t - to)) (44)

74
S1
Rn1

Ve () =V, — (Vg - VCrmin) Cos(wrl (t - to)) + LyminRy1 Sin(wn(t - to))- (45)
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[¢; — t2]: This state is the same as in mode 1, except the current in L,; does not drop to

zero. The KVL and KCL equations are the same as in (9) — (11), but the boundary conditions are

now
, Vg=Vermin . 1 1
i (t]) = %sm <% (E — 1)> + I 1min COS <% (E — 1)> (46)
irz (tl) =0 (47)
Ver (t) = VCrmax- (48)

The solutions to (9) — (11) and (46) — (48) are

. Vg=Vermin . 1 1 v
i (t) = 2—"""gin <% (E - 1)> + I 1mmin COS <% (E - 1)> + i (t—t) (49)

Rn1

Io(t) = %ﬁ;mcsm(wrz (t - t1)) (50)
Ver (t) = _VO + (VO + VCTmax) cos(wrz(t - tl))- (51)

There is now one more variable to solve for, the minimum inductor current of L,;, which

can be normalized to V, as an admittance

Ir1mi
Yiimin = ;; =, (52)

Because of the fixed off-time, (27) holds in mode 3 as well. Solving for the charge delivered to
C:1in [ty — t;] using an equation just like (22), the following expression can be obtained after

some simplification

1 . 1 1
—M¢rmin COS <% (E - 1)) + Mcrmax — YriminRy1 Sin <% (E - 1)) =1—cos <% (F_s - 1)) (53)

As in modes 1 and 2, the average current of L,; is equal in magnitude to the output

current, so an expression similar to (29) can be obtained

lo = =1 J;2 in(@®)dt (54)
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From (44), (49), and (54), and substituting I, = %0, the following expression is obtained

(2555 s (25~ 1)) ) M 5+ T (;Fs;ﬂ(l eos 22~ 0))) — L (x(£ 1)) (55)
In steady state, both inductors must be volt-second balanced each cycle. The voltage on
Ly; during [tp—t/] 1s
V1 (8) =V — v (0), (56)
and during [¢; — 2] 1S
v () =Vo (57)
From the volt-second balance of L,;, we can write the following from (56) and (57)
f: v ()dt = fttol (I{q - vCr(t)) dt + fttf V,dt = 0. (58)

Solving (58) by substituting (45) for vc,, the following is obtained

%M — M¢ypmin Sin <% (i - 1)) — YriminRn1 <1 — cos <% (Fis - 1))) = sin <% (Fl—s - 1)) (59)

Solving the system of equations formed by (27), (53), (55), and (59), the following

solutions for M, Mcmin, Mcrmax, and Y, 1min can be found

—(%(1—(:05(%(;—5—1)>>+sin<%(i—1)>>
M=——a (€0)
4"2;”" +(” Z_I;k ) cos(%(%—1)>+2 sin(%(%—l»

(557 o)) (i)

Mo . = 61
Crmin 4k22;nn2+(n22_kjrk2)cos(%(%—1)>+25in<%(i—l)> (61)
(42kii;nQ)<1—cos<%(F—z—1)>>+sin<%(;—s—1)>
MCrmax = 4k2+72 (2 —ak2 1 (w1 (62)
2kn +( 2kn )C°S<E(F_s_1)>+2Sm<z(§_1)>
1 —1+cos<%(i—1)>+(2k3k_;fs) sin(%(p—ls—l)> (63)

Y. L= — '
rimin = = ak4m? | (m2-ak?) om0 \) o g0 E(L_1)
2k 2kn k\Fg l\Fs
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Note that the conversion ratio M in mode 3 becomes independent of the load (i.e. there is
now Q term in the expression). While this is an advantage, it is offset by the fact that the
converter loses its natural ZCS, with the exception of S2 which retains ZCS turn-on and turn-off.
In addition, under heavy load conditions the maximum voltage gain of the converter is limited,
as will be shown below. Thus, mode 3 is generally undesirable and should be avoided. The
boundary between modes 1 and 3 can be numerically calculated by solving for when Y,.;,in = 0.
Mode 4 — Early Freewheeling

At low switching frequencies, S1 may be on long enough for the voltage on C, to
resonate to a value large enough to forward bias D2 before S1 turns off. If this happens, the
converter enters mode 4. The typical operating waveforms of the switch gate voltages, capacitor
voltage, inductor currents, and diode currents in mode 4 are shown in Fig. 2.10. The different

topological states are shown in Fig. 2.11.
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Fig. 2.10: Typical operating waveforms in mode 4.
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Fig. 2.11: Topological states of the DRSC step-down polarity inverter in mode 4 for (a) # to 1,
(b) t1 to 12, (¢) t2 to 3, and (d) 3 to t4.

Unlike in the modes previously analyzed, the charging of C; is cut short by a diode
turning on rather than an active switch. In other words, the time duration [#) — #;] is no longer a
fixed length of time at a given switching frequency. Because of this, the analysis of mode 4 will
be done slightly differently than the other three modes, instead employing conservation of energy
to find the conversion ratio.

First, we notice that the KVL and KCL equations, as well as the boundary conditions,
during the charging and discharging intervals of C (i.e. [#o — t;] and [#3 — #4]) are exactly the same
as in mode 1. Thus, the solutions for i,; and i,> during these intervals are also the same as in

mode 1. For convenience, these solutions are rewritten below

. Vg=Vermin .
ir(t) = %Sm(wn(t —ty)) (64)
. VotVermax _;
i (t) = %Sln(wrz (t —t3)). (65)

The reverse voltage across D2 during the charging interval [#) — #/] is

Vpy = Vg = ver(8) = V. (66)
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Since mode 4 is defined by vc- becoming large enough that vp: drops to zero during this charging
phase, we can write from (66)

0 =V, = Vermax = Vor (67)
or equivalently,

Vermax = Vg Vo (68)
In other words, the maximum voltage on C; is constrained in mode 4 to V, — Vo. To find Vermin,

we can solve for the charge removed for C, during its discharge phase [#3 — #4]
ty .
Qais = CrVermax — Vermin) = ft: I (t)dt. (69)

Substituting (65) for i,2, (68) for Vcrmar, and noting that since the off-time is fixed,

T

t4 - t3 = (70)

wry
Vermin can be found from (69) to be
Vermin = —(V; + Vo). (71)
Energy is only drawn from the source during the charging of C; in [#) — ¢;]. Thus, the

input energy can be written as
Win =1 fttol i1 (©)dt = VG- (Vermax — Vermin)- (72)
By substituting (68) for Vcrmar and (71) for Vemin, the following is obtained
Win = 2C, V2. (73)
Assuming ideal components (as we are during this analysis) and 100% efficiency, input power

and output power can be equated

V2
Winfs = ZCrngfs =2 (74)

R 2

from which the conversion ratio M can easily be solved
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M =—/2RC,.f, = — ESFS (75)

In mode 4, every semiconductor has ZCS turn-on and turn-off (as in mode 2), except for
the hard turn-on of D2 at ¢;. The magnitude of the voltage gain in modes 1 and mode 3
monotonically decreases as Fis increases, and it is fixed in mode 2. In mode 4, on the other hand,
the magnitude of the voltage gain is monotonically increasing towards 1. In order to construct the
complete voltage gain curve for all loads, which will illustrate the importance of this fact, some

important boundary conditions must be discussed.
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Boundary Conditions
Mode I and Mode 2 Boundary
The boundary frequency between mode 1 and mode 2 is defined to be the frequency at

which the on-time of S1 is exactly equal to one of the first resonant period, or

1 1 1
2fr1 fS_B B 2fr2’ (76)
where fsp 1s the boundary frequency. Using (13), (76) can be rewritten as
k 1 1
2frz fsp 2fr2 7
Multiplying both sides of (77) by 2f.> and using (12), one obtains
k=-—--1 (78)
" Fsp ’
where Fisp 1s the normalized boundary frequency. Solving (78) for Fiss results in
1
SB = i1 (79)

As (79) shows, this boundary is fixed with respect to load and solely dependent on the ratio
between the two resonant frequencies. The inductor current waveforms just below, at, and just

above the boundary are shown in Fig. 2.12.

’ S

\ i/‘l

(2) (b) (©)

Fig. 2.12: Inductor current waveforms for frequencies (a) just below, (b) exactly at, and (c) just
above the boundary frequency between mode 1 and mode 2.
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Mode 2 and Mode 4 Boundary
Mode 4 occurs for nearly all loads at low frequencies, and as mentioned above, the
magnitude of the voltage gain monotonically increases as the frequency increases. The converter

enters mode 2 once the gain from (75) reaches —1. Defining this boundary frequency as Fis24, one

,2 k
- ;5F524 = -1, (80)

which can easily be solved for Fi24, obtaining

obtains

Fgy4 =§ . (81)

= |

Unlike Fsg, this boundary frequency is load dependent, and moves to higher frequencies as the
load gets heavier. Physically, this is because with heavier loads, the resonant current charging C;
is larger, so less time is required for C, resonate to a large enough voltage to forward bias D2.
Critical Load Qcrit

Since Fs24 increases with frequency while Fis is fixed, a natural question is what happens
in the converter if Fs24 moves to frequencies at or above Fisp. In fact, as the load gets heavy
enough for this to occur, the converter no longer enters mode 2 from mode 4, but instead goes
directly into mode 1. This has the effect of limiting the maximum magnitude of the voltage gain,
as well as making the gain above Fsp no longer monotonic by introducing a knee into the curve.
Both of these conditions are highly undesirable and should be avoided. Thus, the important
boundary in this case is the heaviest load the converter can withstand before this phenomenon
starts to occur, rather than the frequency at which the knee occurs, which is load dependent and
has no simple analytical solution.

This critical load, with quality factor Q.. is defined as the load at which Fis4 is equal to
Fsp, or from (79) and (81)
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lcrie _ 1 (82)

2k k+1’
which can easily be solved for Qi
2 k
Qerit = iy (83)

Using the definition of Q in (31), the critical load resistance R can also be written

k+1
Rerie = 5= Ru1. (84)

For Q > Q.+ (or R < R.,it), a knee begins to appear in the voltage gain curve as described
above, limiting the maximum voltage gain and making the gain above Fsz no longer monotonic.
The final voltage gain curves for two sets of loads are shown in Fig. 2.13 for £ =2. The green and
light blue curves in Fig. 2.13b show the load independent behavior of mode 3, as the two curves
converge at higher frequencies. Q. 1s a very important design parameter, as it sets the heaviest

load at which the converter can operate.

Voltage Gain

Boundary Frequency

e o S S
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Voltage Gain

Boundary Frequency

Fig. 2.13: Voltage gain for (a) loads well below Q.. and (b) loads below and above Q... In these
curves, k =2 and Qi = % ~ 0.424.
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Design Guidelines

In this section, guidelines on how to design a dual resonant switched-capacitor step-down
polarity inverter from a specified input voltage, output voltage, and maximum output power will
be presented. Before the details of these guidelines can be presented, the important design
parameters of voltage and current stresses must be calculated. As part of the design process, we
will ensure that Q < Q.,;; for all expected loads, such that the converter is always in mode 1 for
Fs > Fsp.
Voltage Stress

The peak voltage stress of C, was in fact already calculated in the Detailed Analysis
section above as Mcymax. Mcrmax 18 plotted in Fig. 2.14 for the same range of loads is in Fig. 2.13a.
The absolute maximum occurs in mode 2, and is never more than 2V,. The maximum stress in

mode 1 always occurs at Fsg, so it can be solved for by setting Fs in (41) with Fsp from (79)

k+1
MCrmax_maxl =1+ %T Q. (85)
Peak Voltage on Cr

2 T L. T T T T T

Fig. 2.14: Peak voltage stress on C, normalized to V, for several loads.
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The voltage stress of the semiconductor components can be written in terms of M, Mcrmax,
and Mcmin. From Fig. 2.5a (or equivalently 2.7a, 2.9a, or 2.11a), when D2 is off its reverse
voltage is

Vp2(8) = Vg — v () — Vo, (86)
which is evidently at its maximum value at zp when v¢,.(t) = Viypmin, SO the maximum

normalized voltage stress of D2 can be written from (86) as

|4
Mp, = VL; =1— M¢rmin — M. (87)

Similarly, from Fig. 2.5a, when D1 is off its reverse voltage is
vp1(t) = =V, (88)

or normalized to Vg,

)

The voltage stresses of D1 and D2 are plotted in Fig. 2.15. The absolute maximum voltage stress
for D1 occurs in mode 2 and is V,, while the max voltage stress of D2 occurs at the boundary
between modes 2 and 4 and is 2/%.

Peak Voltage on D1 'P?akY Volt?ge on D2

2
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Fig. 2.15: Peak normalized voltage stress of (a) D1 and (b) D2.
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As with the voltage stress of C,, the maximum mode 1 voltage stress of both D1 and D2 occurs

at Fs. Substituting (37), (40), and (79) into (87), Mp> can be obtained below

k+1
Mp2 max1 = 1+5--0, (90)

which is equivalent to the maximum mode 1 voltage stress of C; in (85). For the maximum D1
voltage stress, since M is fixed at —1 at Fisg,
Mp1 max1 = 1 29
From Fig. 2.5b (or equivalently 2.5c, 2.7c, 2.9b, and 2.11d), the blocking voltage of S1 is
Vs1(8) = v (8) + Vo, (92)
which, since Vo is a DC voltage, is at its maximum at ¢; in Fig. 2.4 when v, (t) = Vipmax- Thus,

the maximum normalized voltage stress of S1 can be written from (92) as

%4
Mg, = Vigl = M¢rmax + M (93)

It is evident from Figs. 2.5, 2.7, 2.9, and 2.11 that when S2 is off its blocking voltage is equal to

the input voltage V.

Mg =-2=1 (94)
g

The voltage stress of S1 and S2 are plotted from (93) and (94) in Fig. 2.16. Ms> is just a constant
value, but is plotted for completeness regardless.

As with the voltage stresses derived above, the maximum mode 1 value of Ms; occurs at
Fsp, as can be seen from Fig. 2.16a. Substituting (37), (41), and (79) into (93), the maximum

mode 1 voltage stress of S1 can be found

wk+1

MSl_maxl = ETQ (95)

Since Ms; is a constant, we can also write the trivial result for maximum mode 1 voltage stress

Mgz max1 =1 (96)
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Fig. 2.16: Peak normalized voltage stress of (a) S1 and (b) S2.

The voltage stress equations in terms of M, Mcimax, and Mcmin, absolute maximum voltage

stresses, and maximum mode 1 voltage stresses are summarized in Table 2.1 below. Ultimately it

is the designer’s choice whether to base their voltage stresses solely on the maximum mode 1

stress or to consider the absolute maximum, which for C,, S1, and D2 occurs in mode 2. One

advantage of using absolute maximum stresses is that they are not load or & dependent and can

be calculated directly from the specified input voltage. For these reasons, the design guidelines

presented in this section will use the last column of Table 2.1 for calculating voltage stresses.

Table 2.1: Normalized Voltage Stresses

Voltage Stress Maximum Mode 1 Absolute Maximum
Component .
Equation Stress Stress
nk+1
Cr M Crmax 1+ ET 2
mk+1
S1 MCrmax +M ET 1
S2 1 1 1
D1 -M 1 1
k+1
D2 1— M — Mgymin + %% 2
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Current Stress
For convenience, all current stresses will be normalized to a base current defined by the
input voltage V', and circuit parameters:

=t [ey

s L Vo (97)
In this section, only mode 1 current stresses will be considered. This is because, unlike with
voltage stress, the rms current stresses are universally larger in mode 2 than in mode 1. This is
because in mode 2, all of the energy is transferred via the capacitor C,, whereas in mode 1 a
portion of the energy is transferred from input to output by L,;. Thus, half sinusoidal currents
with larger peaks are necessary for both the charging and discharging of C, in mode 2, increasing
rms current stresses throughout the converter. This is also the reason that Mcymax 1s always higher
in mode 2 versus mode 1, as shown in Fig. 2.14.

The simplest current stress to calculate is that of L, (or equivalently S2), since its current

is always half-sinusoidal with fixed off-time variable frequency control. From the expression for

ir2 in (20), the rms current stress can be calculated

t3. Vo+Vcr ’f
ILrZrms = \[fS ftlsllrz(t)lzdt = ¢~ Crmax ﬁ, (98)

RN2

which when normalized to /z from (97) (and using the definition of Fs in (12)) becomes
F
Hirorms = K(M + Mcyrmax) 75 99)

The current stress of L,; is slightly more complicated, as it is composed of a partial
sinusoid and a linearly decreasing current. The component of the stress due to the partial sinusoid

can be calculated from the expression for i,; in (7)

47



(1 sin({z751) ) cos(F(5-1))
i)

tig. Vg—=V i 1-F
ILrlrma = \[fS ftolllrl(t)lzdt =4 crmin ( > s

Rn1

(100)

Equation (100) normalized to /z becomes

1-rs) 1_Si“<%(i'1)>c°s<%(i_l)> , (101)

Hirirmsa = (1 = Mermin) ( 2 E(i—l)
K\Fg

The component of the rms current due to the linear portion of i,; expressed in (19) can similarly

be calculated as

Fs (Mcrmin—1\ _. 1
HLrlrmsb = (1 - MCrmin) f(%) Sll’l3 <% (F_ - 1)) (102)

S

The total rms current stress of L,; then becomes

— 2 2
- HLrlrmsa + HLrlrmsb'

H Lrirms (1 03 )
Hir1rms and Hir2:ms are plotted in Figs. 2.17 and 2.18 for £ = 2 and k£ = 3. The current stress in
both inductors increases with load, as one would expect. Figs. 2.17 and 2.18 also show that

increasing k has the effect of steering current stress from L,; to L,», as the peak currents in L,>

need to be higher to discharge the capacitor during the shorter off-time.

Normalized RMS Current Stress of Lr1

Normalized RMS Current Stress of Lr .
0.25 T T T T T

—— Q=0.01

——Q=0.028
02r Q=0.046

—— Q=0.064

—— Q=0.082
0157 Q=0.1

Fig. 2.17: Mode 1 rms current stress of L,; for (a) k=2 and (b) k= 3.
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Normalized RMS Current Stress of L 2

Normalized RMS Current Stress of L 2
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Fig. 2.18: Mode 1 rms current stress of L,> for (a) k=2 and (b) k = 3.

The rms current stress of C,, S1, and S2 can be written in terms of (99), (101), and (102).
Since the dominant loss mechanism in diodes is related to average current through their forward
voltage drop, and not rms current through an equivalent on-resistance as with MOSFETs, the
diode current stresses will be calculated as averages, not as rms values. The charging current of
C- 1s equal to the sinusoidal portion of i,;, while its discharging current is equal to the half-
sinusoidal current of i,>. Thus, the normalized current stress of C, can be written in terms of (99)

and (101) as

Herrms = Hfrlrmsa + HLZTZTmS' (103)

The current in S1 is just equal to the sinusoidal portion of i,;, or

Hg1rms = Hirirmsa- (104)

S2 is in series with L2, so

Hgyrms = Hirorms- (105)

As we saw in the Detailed Analysis section above, the average current in L,; is equal to

the average output current. Since D1 is in series with L,;, we have

IDlavg = —lp, (106)
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or normalized to /3,

HDlavg = _MQ- (107)
The average current in D2 is
1 [pts. t
Iz = =72 [ft03 Leoue (B)dE + ft: Iodt] = —Io, (107)

where the charge balance of the output capacitor has been used to set the first term in the
brackets to zero. Thus we also have

Hp2avg = —MQ. (108)
This means that diode current ratings can be easily calculated from a specified output voltage
and maximum power. Plots of Hcrrms, Hs1rms, and Hpiavg/ Hp2ave are shown in Fig. 2.19 for k= 2.

Hsoims 1s not plotted as it is the same as Fig. 2.18.
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Fig. 2.19: Current stresses of (a) C, (rms) (b) S1 (rms) and (c) D1 and D2 (average).
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The current stresses derived above are summarized below in Table 2.2.

Table 2.2: Normalized Current Stresses

Component Current Stress
Ly Hirirms (103)
L2 Hir2rms (99)
C Herms (103)
S1 Hirirmsa (101)
S2 Hir2rms (99)
Dl Hpiavg (107)
D2 Hpzavg (108)

Design Procedure

Now that the voltage and current stresses have been derived, this section will describe

how a dual resonant switched-capacitor polarity inverter can be designed given a specified input

voltage, output voltage, and maximum power. The design process presented is iterative, as

changing one design parameter will often affect many others. A flowchart of the design process

is shown in Fig. 2.20, and will be explained in more detail in this section using the example of

the experimental prototype that was built for this thesis. The prototype is open-loop with input

voltage 80V and output voltage in the range —35V ~ —78V, with maximum output power 120W

at —78V. The paragraphs below are numbered for ease of reference in the flowchart in Fig. 2.20.

1. As shown in Table 2.1, the absolute maximum voltage stresses of all components can be

calculated directly from the input voltage specification. Alternatively, one could calculate

just the maximum mode 1 voltage stresses later once 4, C,, L1, and L,> have been chosen.
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2. As this design process is iterative, a starting point for the resonant frequencies and &
value are chosen, but they may be changed as the process continues. While high resonant
frequencies do allow for higher power density, they are not necessary to achieve high
power density as they would be for a PWM based step-down converter. For this reason,

resonant frequencies in the range of 50kHz to 250kHz are recommended.

3. The choice of & controls three important parameters of the converter: the boundary
frequency, the current stresses, and Qcrir. As (79) shows, for smaller £, the boundary
frequency between mode 2 and mode 1, Fsp, moves to higher frequencies. This may be
desirable as it limits the range of operating frequencies of the converter. However, as (83)
shows, a smaller k also means a smaller Q.1 so the range of loads may be limited if & is
too small. As mentioned above, increasing k steers the current stress from L,; to L,>, and
thus may increase the current stress of S2 too much for practical use. Based on these
issues, a k value between 1 and 5 is recommended. The choice of k£ = 1 has the particular
advantage of both inductances being equal, lowering the required inventory for
manufacturing a large number of converters. Once the k value has been chosen, Q.. and

Fsp can be calculated using (83) and (79). For the prototype in this work, the values f.; =

50kHz, f,» = 100kHz, and k = 2 were chosen, leading to Q.;; = % ~ 0.424 and Fsp = §

4. After the resonant frequencies have been chosen, an initial C, value should be chosen.
The most important thing to keep in mind when choosing C; is the characteristic
impedance Ry;. In general, current stresses through the converter will be inversely

proportional to this impedance. The critical load, R, on the other hand, is directly
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proportional to Ry; from (84). Thus, a small C, may lower your current stresses, but may
also make R, large, limiting the maximum power of the converter. Smaller C, also
means that L,; and L,> need to be larger, in general lowering the power density as the
magnetics grow. Once a C, value is selected, L1, Lr2, Rn1, Reri, and Iz can be calculated
from (5), (17), (6), (84), and (97), respectively. In addition, the minimum load resistance
Runin and corresponding maximum Q QOnax can be calculated. For the prototype in this
paper, C. = 5uF was selected. The resulting inductances are L,; = 2uH and L,> = 0.5uH,
with a characteristic impedance Ry; = 0.632Q. The minimum load resistance is 48Q, with
corresponding QOpax 0of 0.0132. The critical load R is 1.5€Q. Since 48Q >> 1.5Q, there is
a safe margin with this choice of C.. If the choice of C; leads to an R too large, the
designer may increase C;, thus lowering R..;. Alternatively, one might increase k, which
in turn will increase Qci; and thus lower R.... As discussed previously, increasing k£ may

lead to other issues, so it is recommended to increase C, in most cases.

Once the capacitances and inductances have been selected such that Qe < Qcrir, the
current stresses can be calculated using the equations in Table 2.2. The maximum stresses
do not always occur at the boundary frequency Fisa, and thus should be calculated
numerically using MATLAB or a similar program. If these stresses are larger than
desired, then lower resonant frequencies should be chosen while keeping C the same.
This will increase L,; and L,», thus increasing Ry;. The maximum calculated voltage and
current stresses for the prototype in this thesis are tabulated in Table 2.3. As the rms
current stress of C, can be relatively high, multiple capacitors may be paralleled

depending on the type of capacitor used. For example, for the design of this prototype,
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five 1puF multilayer ceramic chip capacitors were paralleled. Once capacitances and

inductances have been finalized and the current stresses calculated, appropriate

components can be selected based on the stresses.

Table 2.3: Calculated Voltage and Current Stresses for Prototype

Component Voltage Stress (V) Current Stress (A)
Ly - 3.2 (rms)
L2 - 3.4 (rms)
Cr 160 4.2 (rms)
S1 80 3.0 (rms)
S2 80 3.4 (rms)
D1 80 1.8 (avg)
D2 160 1.8 (avg)
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SPEC: Vg, Vo, Pomax

Calc voltage stresses
(Table 2.1)

l

Choose f,, f12. k
(Paragraphs 2 and 3)

l

Calc Q. and Fgp Choose larger &
((83) and (79)) (Paragraph 4)

Choose C, capacitance, (Optional)

(Paragraph 4)

]

Choose lower £, Calc L,;, L>. Ryy. Ry

and f,, while keeping| - Omaxs Reris Ip Choose larger C,
C, same ((5). (17)., (6). (84). (Paragraph 4)

(Paragraph 5) and (97))

—

Qw'll > QIIILI.\'?

Rt < Ron)? No

Yes

e

Calc current stresses
Yes (Table 2.2)

CS higher than
desired?

No

e

Select inductors,
capacitor, and
semiconductors with
VS and CS calc’d

Fig. 2.20: Design guidelines for the dual resonant switched-capacitor polarity inverter.
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Regenerative Snubber

As mentioned in Chapter 1, an important drawback of DRSCCs is high frequency ringing
due to the presence on inductors in series with semiconductor components with parasitic
capacitances. The DRSC step-down polarity inverter is no different. Fig. 2.21 shows the
simulated switch and diode voltages when parasitic capacitances are added in parallel with all
semiconductors. As expected, the two semiconductors in series with inductors, S2 and D1,
experience very significant ringing at turn-off, when their parasitic capacitances are no longer
shorted. This simulation does not include ESRs of components, so the ringing is undamped. In
reality, the ringing looks more like Fig. 1.19a, i.e. a large spike followed by decaying magnitude.
A partial solution that was used in [23] is inserting a blocking diode in series with S2, as shown

in Fig. 2.22.

S 52
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Fig. 2.21: Semiconductor voltage waveforms when parasitic capacitors are added to simulation.
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Fig. 2.22: DRSC step-down polarity inverter with blocking diode D3 in series with S2 to
suppress parasitic ringing.

However, as we saw in Chapter 1, while this is effective for suppressing the ringing of S2, it
does nothing to the ringing on D1. This is once again confirmed in simulation of the circuit in
Fig. 2.22. In addition, this method reduces efficiency as D3 adds to the conduction loss during

the discharge phase.
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Fig. 2.23: Simulated semiconductor voltage waveforms with a blocking diode in series with S2.
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Thus, the most effective way to ameliorate this problem would be to devise a snubber
similar to that in [24] which simultaneously eliminates parasitic ringing and recovers energy
from parasitic components. In the case of the DRSC step-down polarity inverter, this can be done
very easily with the addition of only two diodes by using the input and output capacitors as
snubber capacitors. The resulting converter with regenerative snubber is shown in Fig. 2.24. At
turn off of D1, its parasitic capacitance begins to resonant with L,;. However, when vp; rises to
be equal to —Vo, D3 is forward biased and clamps vp; to be equal to —Vo, cutting off any further
resonance. The same process happens at the turn-off of S2 with D4 turning on and clamping the
voltage on S2 to V,. The efficacy of the snubber was confirmed in simulation, shown in Fig.
2.25. In addition to eliminating parasitic ringing, with a small amount of deadtime the circuit in
Fig. 2.24 also achieves ZVS turn-on of S2. This is because a portion of the current in L,; at turn-
off conducts as a reverse current in L,>, discharging the output capacitance of S2. Thus, the
energy stored in Cys2 is recovered to C, through this reverse current. At turn-on of D1, Cp; 1s

discharged to the load. S1 and D1 retain ZCS turn-on and D2 retains ZCS turn-off.
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Fig. 2.24: DRSC step-down polarity inverter with regenerative snubber.
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Fig. 2.25: Simulated semiconductor voltage waveforms with the regenerative snubber from Fig.
2.24.

While the addition of the regenerative snubber does change the inductor current
waveforms slightly, the fundamental operating principle of the converter remains the same. In
fact, as we will see in Chapter 3, the experimental voltage gain very nearly matches the
theoretical voltage gain of an ideal DRSC step-down polarity inverter with no snubber. The
prototype for this thesis was built with the snubber of Fig. 2.24 included. In terms of design, D3

and D4 can be selected to have the same rating as D2.

59



CHAPTER 3: Experimental Results

Prototype Details

As discussed in the previous chapter, an open-loop prototype of the dual resonant
switched-capacitor step-down polarity inverter was built to verify its operation. The
specifications of the prototype are an input voltage of 80V and output voltage in the range —35V
~—78V, with a maximum power of 120W. The resonant frequencies selected were f.; = S0kHz
and f,» = 100kHz. The components for the prototype were selected using the design guidelines
from Chapter 2 (with some slight changes discussed below), and are summarized in Table 3.1.

Table 3.1: Selected Components for Prototype

Voltage Current

Component Value Part No. Rating Rating
C SuF C5750X7 T2>\<N51 05K250KA 450V 2 Arms (cach)
Co 10uF CGA9N3X7§<A41 06M230KB 100V 3Ams (each)

L 2uH SER2010-202MLB — 36Ams

L 0.5uH SER1590-501MLB - 27 Arms

D1 — SBR10200TR 200V 10Aavg

D2, D3, D4 — 20CTQI150 150V 20Ams

S1,S2 — STD25NF20 200V 18Ams

Note that C, has a much higher voltage rating than the 160V that was calculated as its
absolute maximum stress in Table 2.3. This is because the capacitance of multilayer ceramic
capacitors significantly reduces as the DC bias voltage increases. The DC bias characteristic
from the datasheet of C, is shown in Fig. 3.1. Notice that at half of the maximum rated voltage,
the capacitance is reduced by as much as 60%. The DC bias of C, is always equal to the output
voltage, so a large enough voltage rating was selected such that with a maximum output of =78V,

the capacitance would not change by more than 20%.
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Fig. 3.1: Capacitance change versus DC bias voltage for C5750X7T2W105K250K A capacitor
from [26].

The other important value to note in Table 3.1 is the low voltage rating of D2, D3, and
D4, which is indeed smaller than the stress of 160V calculated in Table 2.3. The prototype was
originally built with 400V diodes for D2, D3, and D4, but the large forward voltage drop of these
higher voltage diodes significantly increased conduction losses in the converter. As mentioned in
Chapter 2, the designer may choose to use the maximum mode 1 stress for component selection
instead of the absolute maximum stress, which occurs at low frequencies in mode 2. Since this
prototype was only going to be used in mode 1, (90) was used to calculate the maximum mode 1

voltage stress of D1 with the heaviest load Qma = 0.0132
Vb2 max1 = (1 + g% (0.0132)) 80V =~ 82.5V, (109)

which is nearly half of the absolute maximum. Thus, using this calculated stress instead of 160V,

150V Schottky diodes with a much lower forward voltage drop were selected to increase

efficiency.
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Experimental Waveforms

The voltage regulation capability of the DRSC step-down polarity inverter is shown in
Fig. 3.2. The input voltage, output voltage, and inductor currents are shown for the same load (Q
= 0.0132) at three different frequencies. As the frequency is increased, we see the charging
current of L,; is cut off, and the output voltage decreases as expected. We can see from Fig. 3.2a
that at Fis, both inductor currents are approximately half-sinusoids. The waveforms of i;,> do not
look half-sinusoidal as they would in the ideal case as Fs is increased. This is partially due to the
ESRs of the capacitor and inductors, and partially due to the addition of the snubber, which, as
mentioned, alters the current waveforms slightly without changing the fundamental operation.

All waveforms below were captured on a Tektronix DPO 3014 Oscilloscope.
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Vo i-1418v Vo §06
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(b)

Fig. 3.2: Input voltage, output voltage, and resonant inductor current waveforms for Q = 0.0132

and (a) Fs=0.33, (b) Fs= 0.6, and (c) Fs=0.8. vg: 10V/div, Vg and Vo: 50V/div, ve,: 2V/div,
irr1: SA/div, and iz SA/div.
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The switch voltage and current waveforms are shown in Fig. 3.3 for Q = 0.0132 and Fs =

0.6. The turn-on slope of is; in Fig. 3.3a is relatively large, but the switch still has ZCS turn-on.

ZVS turn-on and ZCS turn-off of S2 are clearly visible in Fig. 3.3b.

(@) | (b)

Fig. 3.3: Switch voltage and current waveforms for Q = 0.0132 and Fs = 0.6 for (a) S1 and (b)
S2. vesr and ves2: 10V/div, vass and vas2: 50V/div, is; and is2: SA/div.

The voltage and current waveforms of D1 and D2 are shown in Fig. 3.4 for O = 0.0132
and Fis = 0.6. ZCS turn-on and turn-off of D1 can be seen in Fig. 3.4a. The current waveform of
D1 may be mistaken to show reverse recovery, but this is just the beginning of the parasitic

ringing that is then clamped by the snubber diode D3. D2 retains its ZCS turn-off as expected.
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Fig. 3.4: D1 and D2 voltage and current waveforms for Q = 0.0132 and Fs = 0.6 for (a) D1 and
(b) D2. vgs1 and vgs2: 10V/div, vp; and vpo: 50V/div, ip; and ipz2: SA/div.
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Gain and Efficiency

The input and output voltage and power were measured with two Chroma 66202 Digital
Power Meters for four different loads at six different switching frequencies. The experimental
voltage gain is plotted in Fig. 3.5 along with the theoretical voltage gain derived in Chapter 2 by
equation (27) for an ideal converter. The experimental voltage gain very closely matches the

theoretical, especially at light load when it is nearly equal for most frequencies.

o0: Voltage Gain
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Fig. 3.5: Voltage gain versus frequency for 4 different loads. The solid lines are the theoretical
ideal gain of the converter with no snubber, and the dashed lines are the experimental gain of the
converter with the snubber.
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Fig. 3.6: Measured efficiency versus (a) frequency and (b) output power.
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The measured efficiency versus both frequency and load is shown in Fig. 3.6. The peak
efficiency is 97.0% at 38.3W of output power and appears at the boundary frequency of 67kHz.
At the maximum rated power of 120W, the maximum efficiency is 95.4%. The efficiency varies
by less than 2% over a 3 times increase in load. The efficiency also begins to drastically decrease
as the switching frequency gets very high. This is most likely due to the large peak current values
in S1 and D2. S1 and D2 are the only semiconductors that have a transition that is not ZCS or
ZVS. As the frequency increases, the charging phase becomes shorter and thus the peak charging
current is larger, as can be seen in Fig. 3.2. This peak charging current is the hard turn-off current
of S1 and hard turn-on current of D2. Switching losses are inherently proportional to frequency,
but in this case the magnitude of the energy lost in each cycle is also increasing with frequency,

resulting in the steep drop off in efficiency at high frequencies.
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CHAPTER 4: Topology Extensions

nX Step-Down

Because of the large drop off in efficiency at higher frequencies, it is recommended that a
standard DRSC step-down polarity inverter be operated at no more than Fs = 0.8. Unfortunately,
this limits the smallest step-down ratio that can be achieved, especially with light loads. This
problem was the motivation behind extending the DRSC step-down polarity inverter to smaller
step-down ratios. If an application requires a DC voltage to be stepped down and have its
polarity inverted, and only needs regulation over part of the range from 0 to —1, then the resonant
capacitor C, can be replaced by a series-parallel switched capacitor cell with n capacitors. The
resulting converter is called the nX step-down dual resonant switched-capacitor polarity inverter.
The maximum voltage gain will be reduced to —1/n from —1, allowing the new nX step-down
version to operate closer to its boundary frequency where the efficiency is higher. The topology

of the nX step-down DRSC polarity inverter is shown in Fig. 4.1.
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Fig. 4.1: Topology of the nX step-down DRSC polarity inverter.
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Each additional capacitor requires 3 diodes and reduces the maximum gain by one integer
step (i.e. 1/2, 1/3, 1/4, etc.). Notably, regardless of how many capacitors are added, only two
inductors are needed for resonant charge and discharge. If the voltage gain is extended to very
small step-down ratios, the diode forward voltage drops may become comparable to the output
voltage. If this is the case, synchronous rectifiers can be used to replace the diodes and increase
efficiency. The typical mode 1 topological states are shown in Fig. 4.2 for the simplest example,

the 2X step-down DRSC polarity inverter.
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Fig. 4.2: (a) Topology of the 2X step-down DRSC polarity inverter. Operating states during (b)

capacitors charging in series, (c¢) capacitors discharging in parallel, and (d) continued capacitor
discharge.

Evidently, with the capacitors charging in series and discharging in parallel, the resonant
frequencies of the nX step-down DRSC polarity inverter will be different than (5) and (17).
Assuming that C,; = C» = C;3 = ... = Gy = C, the charging resonant frequency f.; and

discharging resonant frequency f.»> can be calculated below
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Crucially, the parameter £, the ratio between the two resonant frequencies, also changes to be

equal to

k=02=p | (112)

fr1 Lyy’
while the boundary frequency Fsp is unchanged from (79). Thus, if a standard DRSC step-down
polarity inverter is being extended to an nX version, but the same boundary frequency is desired,
then the ratio of the inductors must be changed accordingly. For example, if k£ = 2 is desired,
previously this implied L,; needed to be 4 times larger than L,>, as it was in the prototype in

Chapter 3. When extending to a 2X version, k£ = 2 is now achieved when L,; and L,> are equal.
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nX Step-Up

In addition to extending to smaller step-down ratios, the DRSC polarity inverter can also
be extended to step-up applications. Instead of replacing C, with an SC cell that charges in series
in discharges in parallel, C is replaced by an SC cell that charges in parallel and discharges in
series, thus stepping up the voltage. Unfortunately, due to the polarity inversion, this extension
requires 3 MOSFETs for every additional capacitor added, as shown in Fig. 4.3. Because of this,
the nX step-up extension may not be as practical as the nX step-down extension. Just as in the
nX step-down case, only two resonant inductors are required regardless of the number of
capacitors added to the SC cell. The nX step-up extension is able to regulate the voltage gain
between —1 and —n. The typical mode 1 topological states of a 2X step-up dual resonant polarity

inverter are shown in Fig. 4.4.

Fig. 4.3: Topology of the nX step-up DRSC polarity inverter.
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Fig. 4.4: (a) Topology of the 2X step-up DRSC polarity inverter. Operating states during (b)
capacitors charging in parallel, (c) capacitors discharging in series, and (d) continued capacitor
discharge.

Just as with the nX step-down extension, the resonant frequencies change from the
standard DRSC step-down polarity inverter to the nX step-up DRSC polarity inverter. Once
again assuming all resonant capacitors are equal to a value C, the resonant frequencies can be

calculated as

1

fri = s (113)
1
fro=——. (114)
2T LTZE
The new value of & can be then be found to be
k=t2=1 = (115)

5
fr nAlLrz

with the boundary frequency remaining unchanged from (79).

70



Equation (115) is another indicator that the nX step-up DRSC polarity inverter may not
be practical. Because £ is inversely proportional to n, as the step-up ratio # is increased, the ratio
between L,; and L,> must be very large to keep & from becoming very small. Even in the example
of keeping k = 2 for a 2X step-up DRSC polarity inverter, L,; must be 16 times larger than L,>,
compared to 4 times larger for the standard DRSC step-down polarity inverter. As » increases,
the ratio between the two inductances grows like n? for a fixed k. Due to this fact, along with the
number of MOSFETSs necessary for large step-up ratios, the nX step-up DRSC polarity inverter
may only be practical for small step-up ratios in the range of 2 or 3 at most.

Both the nX step-up and nX step-down extensions also inherit the parasitic ringing issue
due to inductors appearing in series with semiconductors. However, because the number of
inductors and their location do not change regardless of the step-down (or step-up) ratio, the

same snubber used in Fig. 2.24 can be applied to the extended topologies as well.
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Moving Inductors

As discussed in Chapter 1, in [24] it was shown that alternate versions of the original
DRSC converters presented in [22] and [23] can be created by moving the locations of the
resonant inductors to the other two semiconductors. The DRSC step-down polarity inverter is no
different, and the result of moving the inductors to S1 and D2 is shown in Fig. 4. 5. Immediately
the similarity between the circuit in Fig. 4.5 and the traditional PWM Cuk converter is obvious.
As mentioned in Chapter 1, the Cuk converter can in fact be viewed as a hybrid switched-

capacitor converter based on the SC polarity inverter.

S1

GD $2 \ D1Y —

Fig. 4.5: Alternate form of DRSC step-down polarity inverter with inductors moved to be in
series with S1 and D2.

Just as with the extensions in [24], the on-time of S1 must now be fixed instead of its off-
time, so that the charging current of the resonant capacitor is always a half-sinusoid and S1 can
safely turn-on and turn-off with zero current. Interestingly, just as the Cuk converter has the
advantage of continuous input and output current, the input and output current waveforms are the
chief advantage of this topology over the standard DRSC step-down polarity inverter. They are
not continuous as in a Cuk converter, but they do have generally better features than the standard
DRSC step-down polarity inverter. In the standard topology, the input current is a partial

sinusoid that is cut short, and the output current through D2 has a large spike at turn-on followed
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by a half-sinusoid. In the converter in Fig. 4.5, on the other hand, the input current is always a
half-sinusoid, and D2 has ZCS turn-on and turn-off. Thus, neither the input source nor the load
experience sudden changes in current. This may be especially advantageous if the input source is
a battery, for example, where large current spikes can introduce more loss in the ESR of the
battery and more quickly deplete its energy.

However, the alternate DRSC step-down polarity inverter also has an important
disadvantage. Just as with all dual resonant switched-capacitor converters, it experiences
parasitic ringing in the branches where inductors and semiconductors are in series. Applying a
regenerative snubber to S1 and D2 in Fig. 4.5 is a much more challenging issue than in the
standard DRSC step-down polarity inverter, where parasitic ringing could be eliminated by the
introduction of only two diodes. In addition, if the parasitic ringing cannot be eliminated, it
appears in branches that are connected directly to the input and output, meaning the ringing may
damage the input source or the load in addition to potentially destroying the semiconductors

inside the converter.
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CHAPTER 5: Summary and Conclusions

Switched-capacitor DC-DC converters first arose in Japan as a compact and lightweight
alternative to traditional PWM converters, but their high output impedance, large current spikes,
and lack of regulation held them back from applications requiring more than 1 to 10W [4]—[6]. In
an effort to extend the range of applications for which SC converters could be used, researchers
began to hybridize them with PWM converters by adding large low-ripple inductors into the
charging/discharging path of flying capacitors [10] [11]. These hybridizations often lost the
inherent size and weight advantage of SC converters, and over time this research effort shifted
towards applying SC cells to extend the voltage gain of PWM converters in high step-up or step-
down applications [12]-[14].

In order to eliminate current spikes while maintaining small size and weight, researchers
in Hong Kong began employing inductors in a different way [15]. Instead of the large, low-ripple
inductors of PWM converters, small resonant inductors were placed in series with the flying
capacitors of SC converters. These new resonant switched-capacitor converters proved very
effective at their desired goal of introducing ZCS of all switches and soft charging of all
capacitors. They also allowed, as [17] shows, for SC topologies to be extended to high power
applications. However, RSCCs, just like the underlying SCCs, have limited ability to regulate the
output voltage. Thus, the problem of regulation in SC converters while retaining power density
remained unsolved.

Dual resonant SC converters, first introduced in 2012, are the solution to this problem.
Just as with RSCCs, they employ small resonant inductors to allow for soft charging and
discharging of the flying capacitor. However, with the inductors placed in series with switches

instead of the capacitor, the charging (or discharging) interval can be cut short, allowing for
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voltage regulation. The energy leftover in one of the resonant inductors when the charging is cut
short is then recovered to the output. This technology was first applied to the traditional 1/2X
series-parallel step-down SC converter of Fig. 1.2a [22]. It has since been extended to the 2X
parallel-series step-up SC converter of Fig. 1.2b [23], and further extended to general nX step-up
applications [25]. The two major disadvantages of DRSCCs are that the maximum voltage gain
is limited by the underlying SC topology and the inductors in series with semiconductors
invariably leads to undesirable high frequency ringing with parasitic capacitances. The former is
addressed for step-up applications in [25] by introducing a method to extend the voltage gain
with additional capacitor cells, the latter in [24] with the implementation of a regenerative
snubber for both step-down and step-up applications.

However, up until now the issue of limited regulation range had not been addressed for
step-down applications. In addition, no DRSCC had been invented for applications that require
an output voltage of opposite polarity. Both of these issues are solved by the converter examined
in this thesis, which is derived by introducing dual resonance to the traditional SC polarity
inverter of Fig. 1.2¢. As the underlying SC converter has unity gain with inverted polarity, the
resulting DRSCC can regulate the voltage gain from 0 to —1.

The resulting converter has been analyzed in detail in Chapter 2, including deriving the
voltage gain curve of four distinct modes of operation. The boundary conditions between several
modes have also been discussed. Using these boundary conditions and a complete analysis of
voltage and current stresses throughout the converter, design guidelines have been created to take
a specified input voltage, output voltage, and maximum power and design a DRSC polarity
inverter. A simple, two diode regenerative snubber has been employed for practical

implementation of the converter.
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In Chapter 3, a 120W prototype of the converter was built and tested to verify the
operation of the topology. The prototype achieved a peak efficiency of 97.0% at light load and
95.4% at full load. The experimental results verified the converter’s ability to regulate versus
variation in both line and load. These results also verified the ZVS turn-on operation of S2, and
the ZCS operation of S1 (turn-on), D1 (turn-on), D2 (turn-off), and S2 (turn-off). However, it
was observed that the efficiency dropped off very quickly as the frequency increases due to the
large switching losses incurred by S1 and D2.

This issue was addressed in Chapter 4 by extending the topology to have a maximum
gain of —1/n with the addition of n SC cells. With the nX extended topology, applications that do
not require regulation over the entire range from 0 to —1 can lower the maximum gain of the
converter, thus allowing it to operate at lower, more efficient frequencies. Both the original
DRSC polarity inverter and its nX step-down extension only require two small resonant
inductors, so lightweight designs and high power density can be achieved. An nX step-up
extension is also presented, though is likely of little practical use. An alternate form of the DRSC
polarity inverter with the inductors placed at the input and output is discussed, along with its
advantages and disadvantages.

In conclusion, a complete discussion of the development, operation, and design of a new
dual resonant switched-capacitor converter topology is presented in this thesis. I hope to continue
the research effort on resonant and dual resonant switched-capacitor converters to expand the
reach of these types of converters. In particular, one of the most important and least explored
areas related to resonant switched-capacitor converters is small-signal modeling for control loop
design. The development of state space averaging by Cuk and Middlebrook [27] was one of the

key breakthroughs in understanding PWM converters and making robust closed loop controller
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design feasible. As of yet, little to no work has been done in modeling the small signal behavior
of dual resonant SC converters, or resonant SC converters in general. Having gained a deeper
understanding of resonant switched-capacitor converters through the development of this work, I
hope to explore this new territory in the future and help to bring resonant switched-capacitor

converters into the limelight.
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