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Abstract of the Dissertation

Innovative Antenna Designs for Broadband

Circularly-Polarized Wireless Systems and

Software Radios

by

Joshua Michael Kovitz

Doctor of Philosophy in Electrical Engineering

University of California, Los Angeles, 2015

Professor Yahya Rahmat-Samii, Chair

Sustaining current increases in wireless data rates has driven engineers of all related

backgrounds to seek fresh and innovative approaches in wireless system design. With

the advancement of RF switching technology, transceiver architectures, and digital

signal processing capabilities, the pressure now falls on the antenna designs for fu-

ture broadband and adaptive wireless services. The first part of the work focuses on

enhancing the bandwidth of low-profile patch antennas for circularly-polarized (CP)

wireless systems. We start with an in-depth examination of the CP patch antenna

cavity model and reveal that traditional circularly polarized (CP) patch antennas

are not being utilized to their full potential for bandwidth. Some new modifications

to enable broader bandwidths are proposed. A high-performance antenna for future

Mars Rover missions is also discussed, and a novel CP Half E-shaped patch antenna

subarray was developed and prototyped to demonstrate its use. Another concept

uses composite right/left-handed (CRLH) transmission lines towards creating wide-

band CP arrays. Our resulting array prototype using a CRLH transmission line

feed network showed an overall bandwidth of 60%, which is a formidable increase

compared to designs using conventional quarter-wavelength transmission lines.
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In the second part of this work, reconfigurable antenna functionalities for soft-

ware and cognitive radios are pursued. With the development of practical reconfig-

urable antenna simulation models in conjunction with nature-inspired optimization

techniques, two reconfigurable E-shaped patch antenna implementations are eval-

uated for potential use as frequency or polarization reconfigurable antennas. This

is particularly useful for systems wanting to achieve unidirectional patterns with a

low-profile antenna. Both the frequency and polarization reconfigurable designs were

optimized, fabricated, and characterized through measurement. Our frequency re-

configurable E-shaped patch antenna design is able to support an overall bandwidth

of 50% by incorporating MEMS switches. The CP reconfigurable version design

provided CP bandwidths of 17% and 20% for an element and array concept, re-

spectively. Lastly, a rejection reconfigurable array element is developed. The design

uses a reconfigurable frequency rejection slot within a wideband monopole antenna,

and some simulation and experimental measurement studies are undertaken. By

integrating another reconfigurable filter, a higher-order filter capability is achieved,

leading to stronger rejection levels from strong blockers.
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CHAPTER 1

Introduction

Electromagnetic waves, high speed circuits, digital communications, antennas...

The resulting functionality provided by the fusion of these scientific discover-

ies has become a basic component of the daily human experience. The most obvious

example is the cell phone, one of the most quickly adopted technological develop-

ments in the history of mankind. The perceived value of this wireless device has

become comparable to one’s keys or driver’s license; a large portion of an individual’s

accessibility and identity is now attached. Getting in touch with another individual

requires a mere press of a button (or nowadays the swyping of a touchscreen). Mo-

bile access to social media such as Facebook, Twitter, LinkedIn, etc. provide new

connection to digital communities offering unique information sharing paradigms

which were previously inconvenient due to lack of mobility and immediacy. Status

updates and public conversation via social media not only facilitates transaction of

ideas but it presents another medium of social interaction, where attributes such as

popularity can be quickly assessed by the number of “Likes” associated with another

user. The involvement of mobile telephony in our daily lives is also ever evolving

in interesting ways. Mobile airtime is now traded as currency in many developing

countries due to its stability compared to the national currency [1], and even dig-

ital currency such as bitcoin may possibly grow into another formidable form of

money [2]. Yet, the cell phone alone is not the only wireless system that plays a

part in daily life. Other important examples include weather radars, WiFi, GPS,

RFID, near-field communication (NFC), and even television. Whole texts and stud-
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ies have documented the very nature of how these technologies have and will have

transformed our existence. Thus the importance in investigating and improving the

fundamental building blocks of these wireless systems cannot be overstated.

This dissertation focuses attention towards one of the most important building

blocks in wireless systems, the antennas. In particular, this dissertation focuses

on the antennas to be used in two areas of recent interest: broadband circularly-

polarized (CP) wireless systems and software/cognitive radios. In both cases, the

antenna design presents a large bottleneck due to its inherent challenges. The surge

in wireless users increases the demand for higher performance, of which data rate

is often the most critical performance metric. While many factors are involved

with providing faster data rates, the system bandwidth may be perhaps the most

direct system parameter that can affect these rates. Furthermore, advanced levels

of functionality are being demanded of antennas over these larger bandwidths. An

interesting study on the demand for data conducted by Cisco showed that the current

increases in network traffic are ushering in the so-called Zettabyte Era, which predicts

that the annual internet traffic will reach 1 zettabyte (1021 bytes) by 2016 [3]. A

growing percentage of this internet traffic consists of data travelling through mobile

networks and devices. Fig. 1.1 shows the Cisco projections of mobile traffic in

terms of monthly traffic, which is on the order of many exabytes a month. Current

technological implementations cannot support this level of growth and therefore

new advanced systems must be devised. New systems being proposed to overcome

this hurdle include software and cognitive radios, millimeter-wave wireless networks,

and even massive MIMO [4, 5]. Each of these paradigms represents a huge shift in

modern system design, and antenna development is already underway in many of

these areas [6]. The unique challenges brought by systems with these needs make

this an exciting time for antenna researchers.

Other exciting ventures such as interplanetary exploration [7] and Mars coloniza-
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Figure 1.1: Projections in mobile network usage in Exabytes (1018

bytes)/month. Adapted from Cisco VNI [3].

tion [8] have begun to spark interest in developing advanced communications and

radar technology enabling future endeavors. New companies like SpaceX and Mars

One aim to revolutionize space technology with the goal to enable human life on

other planets. Interestingly, a number of spaceports are beginning to pop up across

the United States, where recently aquired licenses would allow their legal usage for

space flights [9]. NASA has recently proposed a new Mars2020 rover mission whose

ambitious (preliminary) science objectives are to determine the habitability of Mars

along with returning scientific samples. Space missions of this grandeur require low-

profile, lightweight equipment that can survive harsh space environments repeatedly

while maintaining good connectivity. For the antenna design, this often translates

to a need for high gain, mechanical stability, adaptability, and simplicity, which can

be difficult to achieve simultaneously.

The vision of this work is to identify outstanding antenna design problems in

these two areas of current interest and investigate possible antenna solutions. Since

broadband CP wireless systems and software/cognitive radios emphasize different
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aspects of antenna design, the dissertation was split into two parts. The first part

deals with the development of antennas for broadband CP wireless systems. The

second part discusses the recent developments towards software radio systems such

as software-defined and cognitive radios, as illustrated in Fig. 1.2. In each system,

certain features or functionalities desired in the antenna will be investigated, and

improving bandwidth will be an important motif. There are many design solutions

that provide some of the features illustrated in Fig. 1.2, but these current state-

of-the-art designs can be costly and challenging to fabricate. Furthermore, these

designs may be undesirable for applications requiring mechanical robustness. These

different design aspects must be taken into consideration in current and future in-

vestigations.

Throughout the dissertation, the descriptor broad bandwidth is with respect to

the current state-of-the-art for the given class of antenna, meaning that broad band-

width may imply 10% bandwidth all the way up to a decade of bandwidth. The

bandwidth range depends on the nature of the design being considered, as well as

the level of design complexity. For instance, CP patch antennas are often challenged

in supporting broad bandwidths, and many single-input designs can only support

bandwidths on the order of 1-2%. Dipole antennas, however, can easily support

5–15% using thick cylindrical arms.

Flexibility within the implementation plays another important role when devel-

oping the system. The high performance demands given by newly developing sys-

tems often require some degree of reconfigurability to avoid unfavorable conditions

that may lower the quality of service. Some systems even integrate antenna reconfig-

uration into their operation, e.g. polarization or pattern modulation [10–12]. In any

case, the ability to reconfigure the system components can steer the design approach

in a very different direction (for antennas as well as other system components). For

wireless systems, the transceiver back-end electronics controlling parameters such as
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Figure 1.2: This work discusses solutions to achieve desirable antenna fea-
tures within two important areas. The first is for broadband circularly-polarized
(CP) wireless systems. The second is the development of antennas for soft-
ware/cognitive.

modulation type, power transmission, encoding, channel, etc could be reconfigured

dynamically. Adaptation can even be implemented at the RF front-end where some

aspects of the antenna and RF feed network are reconfigurable. RF switches such

as RF-MEMS, varactors, PIN diodes, or even optoelectronic switches can recon-

figure the antenna performance [13–16]. Other means of reconfigurability include

mechanical movement or even microfluidic technology, but these can require bulky

machinery to implement [17]. For the RF feed network, reconfiguration can be also

realized through RF switches as well as tuneable phase shifters and attenuators.

Since our designs aim to minimize the size, cost, and complexity, we implement the
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reconfigurability through the use of RF switches rather than by other non-electronic

means.

Part I of this dissertation focuses on systems requiring broadband CP antennas

fitting in a low-profile. While broad bandwidth can easily be accomplished with

antennas such as biconical dipoles [18] or UWB antennas [19], achieving circular-

polarization and good radiation performance remains a difficult challenge that is

addressed in the first part of the dissertation. Overall cost, complexity, and effi-

ciency often accompany the goals of these systems, and, consequently, providing low-

complexity (in optimization and fabrication) becomes an underlying motif within

these problems, as indicated in Fig. 1.2. Any switching at the antenna and RF

level might also reduce efficiency and increase design complexity and hence is often

avoided in these cases. Part II focuses on the development of novel antenna concepts

for software/cognitive radios, which could greatly benefit from reconfigurable anten-

nas. The adaptive antenna functionalities being sought for software/cognitive radios

in this dissertation are shown in Fig. 1.2. These functionalities include frequency

tunable sectorized antennas, polarization adaptation, and rejection reconfigurable

antennas. Each of these represent an important function that is beginning to at-

tract interest in the antenna and communications communities. A more detailed

discussion about each will be presented in Ch. 5. Software/cognitive radios also

desire to support a broad range of bandwidths. While broadband antenna design

still continues to be an interesting topic with the advent of Ultra-Wideband (UWB)

communication standards [20–22] as well as other wideband protocols, our general

focus will not be on generating more designs of this nature. Rather, we bring at-

tention to these specific design goals (shown in Fig. 1.2) that remain challenging to

obtain over broad bandwidths.

It is important to distinguish the focus of this work with other recent advances in

wireless technology, such as UWB and MIMO systems. UWB aims to provide high
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Figure 1.3: Flowchart and organization of the dissertation, where each chapter is
devoted to presenting novel solutions to several prevalent problems within antenna
design. The dissertation is split into two parts devoted to solving the problems
associated with broadband CP wireless systems and software/cognitive radios.
The associated chapters addressing each specific problem are shown.

data rates by low-power transmissions in the 3-11 GHz spectrum. Since the entire 3-

11 GHz is being used, good performance necessitates stringent requirements on the

antenna performance versus frequency. Effectively, the antenna dispersion must be

minimized. Since software and cognitive radios can operate in narrowband modes,

as discussed further in Ch. 5, dispersion is no longer a problem. Also, our system

focuses on the 2-6 GHz bands made newly available for possible by the FCC. On

the other hand, MIMO uses multiple antennas on both the transmitter and receiver

to increase the overall throughput of the antenna system in rich multipath envi-

ronments. While our antenna systems could be modified to integrate into a MIMO

system, our focus will not be on solving the addressing the multipath problem, but

rather towards enabling wide bandwidth support of the functionalities depicted in

Fig. 1.2.

Fig. 1.3 shows the organization of Part I and Part II in this dissertation. The first
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part (Part I) will discuss the problems related to broadband CP wireless systems,

which are popular for space communications, direct broadcast satellite, aircraft con-

trol/communications, and even RFID systems. The first chapter discusses our work

towards enhancing the bandwidth of traditional single-layer, single-feed CP patch

antennas. With the utilization of the cavity model for patch antennas, we make key

insights leading to several novel antenna designs proposed in Ch. 2. Several antenna

prototypes demonstrate our assertions, where significant bandwidth improvements

can be observed. Following that, the next chapter describes a novel CP patch an-

tenna that is easy-to-fabricate. It not only requires a single-feed and single layer, but

it also avoids small gaps which may be hard to fabricate at higher frequencies. This

design led to development and prototyping of a novel CP subarray having great po-

tential for future Mars rover missions. Part I is concluded with a novel application

of CRLH in creating wideband circularly-polarized patch antennas. A wideband

array prototype exhibiting roughly 60% CP bandwidth was demonstrated, a signif-

icant improvement over the conventional quarter-wave techniques. The second part

(Part II) focuses on the development of reconfigurable antenna designs useful to

software and cognitive radios. Since software and cognitive radios are relatively new

topics, a brief introduction to the general aspects important to antenna engineers

is provided. Next, three antenna functionalities are realized with some interesting

design concepts. First, a frequency reconfigurable patch antenna is devised using

an E-shaped patch configuration. Another interesting feature to be sought is polar-

ization reconfigurability. Again, the E-shaped patch antenna provides an excellent

platform to incorporate this functionality. To accomplish the task of implement-

ing reconfigurability on both of these designs, we make use of RF-MEMS switches

and nature-inspired optimization techniques to find high performance design real-

izations. The designs were prototyped and outfitted with MEMS switches to realize

reconfiguration. Both the frequency and polarization reconfigurable prototypes per-
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formed extremely well, as predicted by our simulations. The last chapter in Part II

discusses the development of rejection reconfigurable antennas, which can tune a

frequency rejection state to a desired frequency similarly to a tunable bandstop

filter. We develop a novel reconfigurable filter+antenna configuration which can

improve the rejection performance over the current state-of-the-art. To conclude

this dissertation, several broad statements are made about the contributions this

work provides to the scientific community.
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CHAPTER 2

Bandwidth Improvement of Circularly-Polarized

Patch Antennas using Capacitive Compensation

Historically, patch antennas gained significant interest in the late 1970’s, and

some of the first proposed circularly polarized (CP) patch antennas can be found

in [23–28]. Single-feed CP patch antenna concepts became popular by their many

benefits as depicted in Fig. 2.1. For our purposes, we denote these antenna de-

signs as the traditional CP patch antennas, due to their long-standing recognition

within the antenna community and their standing as a first-choice for many de-

signers. Properly designing CP patch antennas requires good impedance matching

(≤-10 dB) and axial ratio (≤3 dB) be obtained simultaneously at the frequencies

of interest. A common approach is to excite two orthogonal, degenerate resonances

with a frequency separation that results in an equal, quadrature phase excitation of

the two modes. For electrically thin substrates this is relatively straightforward, but

it fails at thicker substrates as it becomes impossible to satisfy both requirements

simultaneously. This is a direct consequence of larger probe inductances for thicker

substrates, as shown through a theoretical demonstration in this chapter. Other re-

searchers have observed this effect, and showed experimentally that the bands with

satisfactory S11 and AR begin to diverge with thicker substrates [29]. This prob-

lem results in the severely limited bandwidth capabilities of traditional CP patch

antennas on the order of 0.1%-2%.

Antenna researchers worldwide have been attacking this problem through a wide
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Figure 2.1: Illustration of the traditional CP patch antennas, i.e. single-feed,
single layer CP patch, popular in the antenna literature.

variety of techniques. Popular designs in the literature include stacked CP patch

antennas [30], aperture coupled CP patch antennas [31], sequential rotation in ar-

rays [32], and complex patch shapes such as the CP L-shaped probe [29] and the CP

E-shaped patch antennas [33]. Unfortunately, the stacked patch and aperture cou-

pled designs require more costly design processes and can suffer from layer alignment

and air gap issues. Complex patch shapes have recently become popular in creat-

ing broadband CP systems, but their design usually requires some form of global

optimization [34] or lengthy design procedure. The L-shaped probe patch and its

variations utilize complex probe designs which further complicate the fabrication

process.

In this chapter, we re-examine the circuit model of traditional CP patch antennas

and show analytically that the limited bandwidth is due to the probe reactance.

It is our belief that the analytical illustration, as discussed in [35], represents an

important, succinct presentation of the limitations in CP patch antennas, and the

knowledge is repeated here for completeness. Using the valuable insight from the

circuit model we then propose to insert a capacitive element to cancel the inductive

12



probe reactance. This technique significantly enhances the bandwidth capabilities

of the traditional CP patch antenna designs by enabling thicker substrates to be

used. The use of these capacitive elements have negligible added design complexity

and fabrication cost, resulting in a simple single layer, single feed design that is

intuitive to designers. We experimentally validate the proposed methodology using

design examples which have merit for both theoretical purposes as well as practical

applications.

2.1 Traditional CP Patch Antennas and their Fundamental

Bandwidth Limitations

2.1.1 Considerations in CP Patch Antennas

In this section, we will demonstrate an underlying tradeoff between AR bandwidth

and S11 performance which exists for the traditional CP patch antennas with a

single feed. The derivations reveal that AR bandwidth can be increased with thicker

substrates, but unfortunately good impedance matching cannot be obtained within

the band satisfying AR<3 dB.

Many of the traditional CP patch designs are well-modeled by the dual-parallel

RLC circuit model shown in Fig. 2.2 as discussed in [36, 37]. In this circuit, Xf

represents the probe inductance, and Zx and Zy represent the RLC circuit models

corresponding to the two modes which radiate x-polarized and y-polarized waves

towards broadside, respectively. For rectangular patch antennas, these modes would

correspond to the TM10 and TM01 modes, respectively. It is also a fairly reasonable

assumption that the RLC circuits Zx and Zy have the same quality factor Qx = Qy =

Q. This can be argued based on the similarity of the design geometry (substrate

height, width, length, etc) for each of the two modes. To obtain circular polarization

with a single feed, the resonant frequencies fx and fy of the Zx and Zy circuits are

13
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Figure 2.2: (a) RLC circuit model for traditional CP patches. The reactance of
the probe can be modeled as a series inductor. (b) Real and imaginary parts of
impedances Zx and Zy versus frequency normalized to fAR.

chosen such that fx ≈ fAR(1 ± 1/2Q) and fy ≈ fAR(1 ∓ 1/2Q), where fAR is the

center design frequency. An example of the impedance curves for each RLC circuit

is plotted in Fig. 2.2b, and fx and fy are clearly displaced from the center design

frequency fAR. With these displacements, it can be shown that perfect axial ratio

(AR = 0 dB) is obtained at fAR. The derivation to show this result starts with

the relation between the far-fields Ex and Ey at broadside and the voltages vx and

vy. At broadside (θ = 0◦), the electric field components Ex and Ey are directly

proportional to the radiating currents Ix and Iy on the patch antenna, respectively.

Such currents correspond to the radiation resistances Rx and Ry, leading to

Ex ∝ Ix = vx/Rx (2.1)

Ey ∝ Iy = vy/Ry (2.2)

The resistances Rx and Ry can often be tuned by moving the probe within the area of

the patch antenna. In most cases for CP patch antennas, both resistances are made
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to be equal, Rx ≈ Ry in order to produce two polarizations similar in magnitude.

This assumption leads to the well-known far-field–impedance relationship

Ex
Ey

=
vx
vy

=
Zx
Zy

(2.3)

discussed and shown in [38]. The importance of this result cannot be overempha-

sized. This equation impies that the ratio Ex/Ey is known once the impedances

Zx and Zy are known. This ratio Ex/Ey can then be used to compute the AR

performance of the antenna versus frequency. For a desired level of AR, the band-

width can be analytically derived. Again, this is because the AR only depends on

the ratio Ex/Ey, which only depends on Zx/Zy, a known quantity. A subtle point

brought out by equation 2.3 is that applying a positive voltage vx across Zx leads to

an electric field pointing in the x̂ direction. Similarly, a positive voltage vy brings

about a positive electric field in the ŷ direction. We could also assume that positive

voltages vx and vy radiate fields pointing in the −x̂ and −ŷ as well. The only case

not possible is two field components having opposite sign. Using Fig. 2.2b, the value

of Zx/Zy results in a value of Ex/Ey = (Z0/2− jZ0/2)/(Z0/2 + jZ0/2) = 1e−jπ/2 at

fAR. Consequently, perfect LHCP radiation at broadside is obtained with a design

having these characteristics.

Since the AR and the S11 can be related to the impedances of the RLC circuits,

the AR< 3dB and S11 ≤ −10dB bandwidth can be derived based on the quality

factors of the two RLC circuits. In [36], those authors quantified the AR bandwidth

as

BWAR =
ARmax − 1√
ARmaxQ

(2.4)

which reduces to BWAR ≈ 0.348/Q when ARmax = 3dB=
√

2. A similar well-known

result is the S11 bandwidth of traditional CP patch antennas, which can be predicted

by BWS11 =
√

2/Q for VSWR ≤ 2 or S11 ≤ −9.5 dB. Between the two bandwidths,
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it is the AR that typically limits the bandwidth of CP patch antennas while the

S11 bandwidth can be fairly wide. If we assume negligible dielectric, conductor, and

surface wave losses, i.e. Q ≈ Qrad, then we have the following proportionality

BWAR ∝
h

λ0

(2.5)

which implies that one can obtain a wider AR bandwidth with thicker substrates.

Unfortunately, good impedance matching is not always attainable due to the

probe reactance for thick substrates [39]. More importantly, good impedance match-

ing cannot be achieved in the band where AR ≤ 3 dB, even with somewhat thin

substrates. The sensitivity of traditional CP patch antennas to probe reactances can

be demonstrated by considering the equivalent circuit in Fig. 2.2a. To uncover the

mystery behind the limits of CP patch antennas, we re-examine the input impedance

of the CP patch antenna. To start, the input impedance of the RLC circuits can be

approximated as

Zx + Zy =
Z0

1 + j(1 + F )
+

Z0

1− j(1− F )
(2.6)

as given by equation (11) in [36], where F is the normalized frequency defined as

F = 2Q(f − fAR)/fAR. The probe reactance can be approximated by the probe

reactance within a parallel plate waveguide [37]

Xf ≈
η

2π
kh

[
ln

(
2

ka

)
− γ
]
, (2.7)

where η, k are the wave impedance and wavenumber, h, a are the probe height and

radius, and γ is Euler’s constant with γ = 0.5772. With (2.6) and (2.7), we can

predict the effect of the probe on the input impedance and impedance matching

performance at fAR, which are shown in Figs. 2.3–2.4. Even with substrate heights

of h = 0.03λ, the impedance matching rises above -10 dB. Thus, the probe reactance
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Figure 2.3: Generalized input impedance curves for different substrate heights
h versus the normalized frequency F . Note that the normalized input resistance
curve does not change with height since Rx and Ry are assumed to maintain a
value of Z0. These results have been generated for a = 0.004λAR, εr = 1, and
Z0 = 50Ω.
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Figure 2.4: Impedance matching curves corresponding to the impedances shown
in Fig. 2.3. These results have been generated for a = 0.004λAR, εr = 1, and
Z0 = 50Ω.
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restricts our desired usage of thick substrates.

In order to be general in these results, we computed the reactance at fAR for

an arbitrarily specified height and probe radius and assumed the probe reactance

to be constant throughout the rest of the band plotted. The reason for making

this assumption is that equation 2.6 and 2.7 have input variables, F and f , which

are different representations of frequencies. Without the knowledge of Q, one can-

not convert f to F . This approximation removes the need in assuming a certain

quality factor for proper comparison. The importance of this assumption arises

when changing the height. Changing the height changes the Q of the RLC circuits.

Defining the Q of the RLC circuits and computing this for each given height is not

necessary in order to gain these insights. Including the probe reactance variation

versus frequency would provide further accuracy, however the final intuition is still

the same. From Fig. 2.3, it is clear that the increase in substrate height results in

a large increase in the input reactance Xin at fAR. Consequently, the impedance

matching severely degrades for larger substrate heights as shown in Fig. 2.4.

Another interesting feature to compute is the maximum substrate height possible

to maintain good impedance matching at fAR. If we assume that Zx and Zy can

be matched to the transmission line by Zx + Zy = Z0 at fAR, then the impedance

matching at fAR can be quantified as

S11(fAR) =
Zx + Zy + jXf − Z0

Zx + Zy + jXf + Z0

=
jXf

2Z0 + jXf

(2.8)

If we set Z0 = 50Ω, then it can be shown that Xf must be less than 33.3Ω in order

to maintain good impedance matching, i.e. S11 ≤ −10dB, resulting in the maximum

substrate height given by

hmax
λ0

=
33.3

η0µr
[
ln
(

2
ka

)
− γ
] , (2.9)
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Figure 2.5: Maximum height before good impedance matching becomes
unattainable for traditional CP patch antennas with different probe radii a and
substrate permittivity εr.

A few cases of this equation are plotted in Fig. 2.5, where it becomes clear that

one must use an electrically thin substrate (h ≤ λ0/20) in order to obtain good

impedance matching. An interesting corollary to this result is that wider probes

(larger a) can be used to further enable thicker substrates. The increase in hmax,

however, is on the order of ≈ 1/ log(·), i.e. improvements are not very drastic when

using thicker probes.

The presented results demonstrate the fundamental tradeoff in traditional CP

patch antennas. These general results encompass nearly all CP designs such as

the truncated corner, nearly-square diagonally-fed, elliptical, cut-tab, and annular-

ring patch antennas [24, 27, 28, 40]. While thicker substrates can increase the AR

bandwidth, the impedance matching within the AR band becomes severely degraded

for thick substrates. As shown in this analysis, even relatively small thicknesses can

cause unacceptable impedance matching degradation in the AR≤3dB region. It

should be noted that good impedance is still obtained outside this region, as shown

in Fig. 2.4, but one cannot simultaneously obtain good AR and impedance matching
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as noted in [29].

2.1.2 The Traditional Truncated Corner Patch Antenna Example

To verify the analysis presented in the previous, we investigate the performance of a

specific CP patch antenna design known as the Truncated Corner Patch (TCP) an-

tenna as shown in Fig. 2.6a. As stated in the previous section, the input impedance

of this TCP patch antenna is well modeled by two parallel RLC circuits in series

with a feed reactance, as shown in Fig. 2.2a. The AR-S11 bandwidth of this TCP

antenna design is limited by the bandwidth described previously by BW = 0.348/Q.

If one can assume that dielectric, conductor, and surface wave losses are negligible,

then we have the RLC circuit quality factor Q ≈ Qrad ∝ λ0/h [37]. As usual, in-

creasing the height of the substrate can almost directly increase the bandwidth of

the CP patch antenna.

To show that bandwidth comes at a cost of higher feed reactances, we simulated

many instances of the TCP antenna design and observed the trends in impedance

matching performance. We created an HFSS model of the TCP antenna design

shown in Fig. 2.6a, using an air substrate or εr ≈ 1.0. For a given substrate height

h, there are three design parameters to choose: the patch length and width L, the

corner truncation length a, and the probe-edge distance df . We arbitrarily chose a

design frequency of 2.4 GHz for simulation purposes, but we normalize our results to

λ0 (free-space) because they will scale to other design frequencies. For a given height

h, we adjusted L and a and fixed them for that height to have good AR at fAR.

The parameter df has negligible effects on the AR performance of the TCP antenna

design, but it has significant impact on the input impedance. Careful adjustment

of df can lead to good impedance matching at the desired frequency. For this case

study, a probe radius of a = 0.55mm (0.0044λ0) was chosen.

However, good impedance matching cannot always be obtained. Impedance
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Figure 2.6: (a) Standard TCP antenna design used with thin substrates. (b) Re-
quired values of L and a to obtain a good AR < 0.5 dB at fAR. Note that
λ0 = c/fAR. (c) S11 at resonant frequency fAR vs feed position df for the original
truncated corner design for different substrate heights.

matching for CP patch antennas is very sensitive to the probe reactance, and even

small heights can cause considerable changes to the impedance matching at fAR.

The plot in Fig. 2.6c, shows the impedance matching versus feed position df for

the typical TCP antenna (Fig. 2.6a) of different heights with an air substrate of

εr ≈ 1. In generating the curves of Fig 2.6c, we adjusted L and a and fixed them

for that height to have good AR at fAR. We also plot the required L and a to
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obtain a good AR value in Fig. 2.6b. For heights above 0.032λ0, we cannot obtain

a good impedance match, and thus one cannot achieve higher bandwidths due to

this limiting factor. This is very similar to the results shown in Fig. 2.5 from the

previous section, which predicts a maximum of 0.024λ0 for air substrates with a

probe radius of 0.0044λ0. Since the plot in Fig. 2.6c does not provide the exact

height at which -10 dB occurs, an interpolation between the two heights yields a

value of hmax = 0.027λ0, similar to the hmax = 0.024λ0 predicted by equation 2.9.

These differences can likely be attributed to the small inaccuracy of the probe model,

but the agreement and intuition still remains the same. In summary, these results

validate our assertion that the probe reactance severely limits the substrate thick-

ness possible for CP patch antennas, implying that possible bandwidth capabilities

traditional CP patch antennas are restricted to very narrow bandwidths less than

2%.

2.1.3 Contrasting the Thickness Limits of Linearly and Circularly Po-

larized Patch Antennas

In Section 2.1.1, it was shown that the maximum height possible with traditional

CP patch antennas is still fairly small (≤ 0.04λ). However, it has been shown in the

literature that linearly polarized (LP) patch antennas can achieve larger heights up

to 0.09λ with decent impedance matching [41]. Why can LP patch antennas achieve

thicker substrates than CP patch antennas? What is the difference that restricts

CP antennas versus LP antennas? For many antenna designers, these questions

might immediately arise when investigating the previous results and explanations

for the bandwidth limitations of CP patch antennas. The intention of this section

is to briefly compare and contrast the key differences between LP and CP patch

antennas to answer these questions.

To start, a major difference between LP versus CP patch antennas is that the
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Figure 2.7: (a) Equivalent circuit model for a linearly polarized patch antenna.
(b) Example RLC impedance Z` versus relative frequency.

AR must also be maintained in addition to the impedance matching for CP patch

antennas. The two RLC circuits within the CP patch antenna are tuned to provide

good AR at the frequency fAR, which limits the frequencies of interest to those

within the region
|f − fAR|
fAR

≤ 0.348

2Q
(2.10)

This region was marked by the orange silhouette seen in Figs. 2.3-2.4. Once the

frequencies are set to provide good AR at fAR, the RLC circuits cannot be further

changed (assuming a traditional design with Rx ≈ Ry). This inherently implies that

the reactance of the dual-parallel RLC circuits cannot be used to counteract this

probe reactance. Furthermore, thicker substrates result in poor impedance matching

for the frequencies in the region of equation 2.10, as shown in the previous sections.

This is not the case for LP patch antennas; AR is not a parameter of interest. Even

better, LP patch antennas do not have to operate exactly at the resonance f0 of

the RLC circuit corresponding to their fundamental mode. They can operate at a

frequency slightly shifted from f0 without much degradation in performance.
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To better illustrate this difference, we show the equivalent circuit for an LP

patch antenna in Fig. 2.7. The RLC impedance Z` is also plotted versus f/f0,

where f0 is the resonance of the RLC circuit for the LP patch antenna. As expected

from parallel RLC circuits, the reactance of Z` is negative for frequencies higher

than f0, which can be used to remove the probe reactance. In a similar fashion

to the derivation in Section 2.1.1, we can plot the input impedance Z` against the

normalized frequency deviation F by [36]

Zin =
R`

1 + jF
+ jXf (2.11)

where Xf can be computed for f0 using (2.7). Note that we also assume an ap-

proximately constant reactance for simplicity. The plots in Figs. 2.8-2.9 show the

impedance and resulting S11 curves. Note that in order to ensure a good impedance

match, we also increased the RLC resistance R`, which is equivalent to moving the

feed closer to the edge. For this exercise, we set Z0 = 50Ω and we also limited R` to

a maximum of 300Ω, which is roughly the maximum possible slot resistance that can

be observed at the edge of the patch. As shown in Fig. 2.9, good impedance match-

ing can be obtained all the way up to 0.09λ0, which is larger than the maximum

possible height for the CP patch.

To summarize, the capacitive reactance of the LP patch’s RLC circuit can be

utilized to obtain thicker substrates in comparison to the CP patch antennas. This

also highlights one of the primary reasons why this capacitive compensation tech-

nique has not been popularized by designers for LP patch antennas: the RLC circuit

inherently has this feature embedded. These examples and calculations clearly dif-

ferentiate the physical mechanisms which limit CP patch antennas versus LP patch

antennas.
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versus the normalized frequency for a rectangular LP patch antenna. These results
have been generated for a = 0.004λ0, εr = 1, and Z0 = 50Ω.
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Figure 2.10: By inserting a series capacitance into the patch antenna, the design
strategy can be simplified into two parts: an AR optimization by tuning both L
and a, and an S11 optimization through tuning df and the capacitor geometry.

2.2 A Modified Truncated Corner Patch Antenna with Ca-

pacitive Probe Compensation

The truncated corner patch (TCP) antenna is one of many CP patch antennas that

can produce circular polarization with minimal geometrical complexity [24, 28, 42].

The standard TCP design, as depicted in Fig. 2.6a, remains popular for narrow

bandwidth applications such as GPS [43] and narrowband arrays. Unfortunately

larger bandwidths are unattainable due to the height limitations as discussed in the

previous section.

In response to this limitation, we introduce a capacitance in series with the

CP patch antenna. The first design we propose utilizes an annular gap in the

patch metallization layer, while the second design implements a capacitor using a

parallel plate disc. While there are many capacitor implementations [41], these

two designs are straightforward to fabricate and have minimal additional RF loss.

The series capacitors enable a final design whose AR and S11 performance can be

independently controlled with the geometrical parameters as depicted in Fig. 2.10,

where the capacitor geometries refer to the geometrical shape (area, distance, etc)
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of the capacitor.

2.2.1 Probe Compensation using Annular Gap Capacitors

The annular gap capacitor forms a capacitance by placing a gap between the patch

antenna and the probe connection, as depicted in Fig. 2.11a. We describe this an-

nular gap by its gap size dg and its inner radius rp. The annular gap thus introduces

a capacitance denoted as Ca in Fig. 2.11b. In this circuit model, an additional

transmission line of length ` is shown to model the effect of the radial parallel plate

transmission line as proposed in [44]. It was demonstrated that the effects of this

transmission line become negligible when relatively small rp in comparison to the

height h are used, which is typical for thick substrates. Thus, the annular gap re-

sults in merely a simple capacitor compensating for the probe reactance. Of course,

the circuit is only an approximation, and thick substrates will also have variations

in the modes along z, which causes the probe to have a transmission line effect as

shown in [45].

In order to design the TCP antenna with the annular gap, it becomes important

to understand the relationship between the annular gap capacitance Ca and its

geometry. It was shown in [44] that the capacitance Ca could be approximated

by using the formulas for the capacitance per unit length Cs of a coplanar-strip

waveguide and the arclength of the annular gap through

Ca = 2πrpCs (2.12)
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(a) (b)

Figure 2.11: (a) Truncated corner patch (TCP) antenna design using an annular
gap to compensate for the inductance of the probe. In this design, rp and dg are
additional parameters which control the annular gap inner radius and gap width,
respectively. (b) Approximate circuit model for the TCP antenna with an annular
gap capacitor.

where Cs can be computed by

Cs = ε0εreff
K (k′0)

K (k0)
(2.13)

εreff = 1 + (εr − 1)q, q =
K(k′)K(k0)

2K(k)K(k′0)
(2.14)

k =
tanh(πdg/4h)

tanh(π(rp + dg/2)/2h)
, k′ =

√
1− k2 (2.15)

k0 =
dg

2rp + dg
, k′0 =

√
1− k2

0 (2.16)

K(k) =

∫ π/2

0

dθ√
1− k2 sin2(θ)

(2.17)

and K(k) is the complete elliptic integral of the first kind. It turns out that one can

make some insightful approximations about these formulae when rp � dg. Firstly,

we can approximate the values k0 and k as shown in [44] by k0 ≈ dg/2rp and
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Figure 2.12: Comparison of the simple logarithmic formula (2.20) and the ellip-
tical functions given in [44] for the case where h = 10mm and εr = 2. (a) Depen-
dence of Ca on rp for dg = 0.1mm. (b) Dependence of Ca on dg for rp = 10mm.

k ≈ πdg/4h. Next, the ratio K(k′0)/K(k0) may be approximated by

K(k′)

K(k)
=
K ′(k)

K(k)
≈ 2

π
ln

(
4

k

)
(2.18)

for k → 0 where K(k) is the complete elliptic integral of the first kind and K ′(k) =

K(
√

1− k2) [46]. This leads to the simple expression for the effective permittivity

εreff ≈ 1 +
εr − 1

2

ln
(

16h
πdg

)
ln
(

8rp
dg

) (2.19)

and also the capacitance per unit length

Cs ≈
2ε0εreff

π
ln

(
8rp
dg

)
(2.20)

and the total annular gap capacitance Ca can again be computed by (2.12). Fig. 2.12

compares the approximate formulas with the original equations for some given ex-

amples, and ≤1% error was observed for the simple formulas in comparison to [44].

29



Table 2.1: Annular Gap TCP Antenna Designs and AR-S11 Bandwidth Perfor-
mance (Lengths in millimeters)

Design
h L df dg

Frequency %-BW
εr a rp

1
10.0 49.0 11.0 0.5

2.4 GHz 4.9%
≈ 1 14.0 1.8

2
20.0 47.7 10.9 1.0

2.4 GHz 12.6%
≈ 1 22.0 1.5

The first observation from these equations is that the capacitance Ca increases as

rp ln(rp), which can be approximated locally by a linear line. Second, increasing

the gap size dg decreases Ca as expected when increasing the distance, however the

dependence of Ca on dg is only on its logarithm. From this, it can be seen that the

radius rp becomes more critical in controlling the annular gap reactance, whereas

only moderate changes can be accomplished through dg.

Having characterized each component and its impact on the antenna perfor-

mance, one can now proceed in designing the antenna. Since the AR is not affected

by the annular gap [39], the first step to accomplish is to adjust the resonance pa-

rameters L and a until satisfactory AR is obtained without the gap in the simulation.

Next, the feed placement df and the capacitance parameters dg and rp can be used

to obtain good impedance matching. We recommend setting dg to a gap size that

is easy to fabricate and then adjust rp accordingly until the reactance is zero.

Using this procedure, we have provided two TCP designs to demonstrate the

usefulness of this technique. A summary of these designs and their measured AR-

S11 bandwidths are shown in Table 2.1. Design 1 and 2 use a thick foam substrate

to obtain a wideband CP performance. These designs also utilized a 0.254mm thick

Roger RO3203 substrate to facilitate chemical etching of the antenna shape. Both

designs were able to obtain bandwidths similar to those of the CP L-shaped probe
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Figure 2.13: Annular gap TCP Design 1 fabricated prototype for 2.4 GHz.
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Figure 2.14: Measured performance of Design 1 with and without the annular
gap. Without the annular gap only poor impedance matching would have been
obtained, and similar AR performance is observed.

and the CP U-slotted patch antenna shown in [29]. This design procedure can also

be accomplished using substrates such as Rogers RT Duroid 5880, which may be

desirable when foam cannot be used. Fig. 2.13 depicts the design 1 prototype.

The impedance matching and AR performances are shown in Figs. 2.14-2.16. In

Fig. 2.14, we plot the S11 and AR performance of Design 1 with and without the

annular gap. The results clearly show that the AR performance is not drastically

affected with the insertion of the annular gap, and also that the annular gap is crucial

to obtain good impedance matching within the AR bandwidth. Figs. 2.15-2.16 show
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the simulated and measured input impedance and AR performance of Designs 1-2.

The simulated results are produced from Ansoft HFSS, version 15, which uses the

finite-element method (FEM) to simulate the antenna structures. Note that these

plots are shown against the frequency deviation (f − fAR)/fAR, where fAR is the

frequency corresponding to the lowest AR. Using this format, we can quickly and

easily compare AR and impedance characteristics, even though resonant frequency

deviations do occur between each of the designs as well as between simulation and

measurement. From these figures, it becomes apparent that the annular gap is

able to cancel out the reactance at fAR, which allows good impedance matching to

be obtained in the AR bandwidth for thick substrates. Note also that the input

reactance is slightly shifted from the simulation curves. Since the capacitance value

is highly dependent on the geometry and material, any deviations cause changes in

the input reactance, as observed by the vertical shifts in the measurements. These

designs tend to be fairly robust to those changes, and an S11 less than −15 dB

and −10 dB were measured within the entire AR band for designs 1-2, respectively.

One interesting observation from Fig. 2.15 is that the reactance of Design 2 (a very

thick substrate at h = 0.16λ0) has large variations which begin to limit the S11

bandwidth. This is due to the higher Q of the series RLC circuit formed by Xf , Ca,

and (Rx +Ry)/2, as discussed in Section 2.3.

As a final remark, it should be noted that this annular gap technique is limited

by the smallest gap size capabilities of the fabrication equipment. Thus, it may be

more difficult for higher frequencies to implement such a structure. The substrate

thickness and permittivities also determine the feasibility of this technique. At

smaller heights (or higher permittivities), the inductance of the probe is rather small,

but enough to cause poor impedance matching. Consequently, a large capacitance

is required to properly counteract the probe reactance which may not be plausible

with this geometry. In this case, one can further increase the capacitance by using
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SMD capacitors (which may introduce loss), fractal techniques [47], or even parallel

plate capacitors as described in the following section.

2.2.2 Probe Compensation using Parallel Plate Capacitors

Another technique to provide capacitive compensation is through the use of parallel

plate capacitors [41]. This type of capacitance is useful when the required capaci-

tance necessitates very thin gaps in the annular gap capacitor, which can happen at

high frequencies. The parallel plate capacitor is formed by placing a small disc of

single layer substrate above the patch antenna as shown in Fig. 2.17a. Since the disc

is rather insensitive to alignment or air gap issues, this technique is rather simple to

fabricate and also can classified into the single layer techniques since the additional

efforts are minimal. The design can be approximately modeled by the circuit shown

in Fig. 2.17b, where a capacitance Cp is created by the parallel plate disc with a

shunt resistance to represent losses from the capacitor. Assuming that rf , hc � rc

and that the probe feed is located well within the patch shape, then we can estimate

the capacitance using the parallel plate capacitance formula

Cp ≈
πεc
(
r2
c − r2

f

)
hc

. (2.21)

For resonance and impedance matching purposes, it is relatively safe to assume that

Rp is an open circuit for simplicity. When computing efficiency of this antenna, then

an accurate value of Rp must be quantified.

Similarly to the annular gap TCP antenna, the design starts by optimizing the

resonance parameters L and a to provide a good AR at the desired fAR. This can be

done either with or without the parallel plate included in the simulations because it

does not shift the AR frequency significantly. Once satisfactory AR is met at fAR,

then the feed position df and the capacitor geometry (rc, rf , hc) must be tuned to
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Figure 2.17: (a) Truncated corner patch (TCP) antenna design using a parallel
plate disc capacitor to compensate for the inductance of the probe. The param-
eters rf , rc, hc, εc represent the hole radius around the probe, top plate radius,
parallel plate height, and parallel plate substrate permittivity. (b) Approximate
circuit model for the TCP antenna with a parallel plate capacitor.

provide good impedance matching at fAR.

Using the design procedure, we have provided two design examples with specific

features highlighted in each. For Design 1, we use a thick foam substrate at 2.4 GHz

to compare with Design 1 of the annular gap TCP, as seen in Fig. 2.18. Both

exhibit similar AR-S11 bandwidths, which reinforces the notion that the capacitive

feeding does not drastically alter the AR performance of the antenna. Design 2

demonstrates the parallel plate technique for the low permittivity substrate, Rogers

Duroid RT5880LZ, to investigate designs for situations where foam or air substrates

might not be an option. While it employs a thinner substrate, Design 2 has an

inductance of roughly 2.3nH, resulting in a reactance of approximately 58Ω and

poor impedance matching if no capacitive compensation is used.

The simulated and measured performance of the TCP antenna designs with par-
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Table 2.2: Parallel Plate TCP Antenna Designs and AR-S11 Bandwidth Perfor-
mance (Lengths in millimeters)

Design h
L df rc εrc

Frequency %-BW
εr a rf hc

1 10.0
49.0 11.0 1.8 2.33

2.4 GHz 5.1%
≈ 1 14.0 0.96 0.504

2 4.32
23.8 5.9 2.0 2.94

4 GHz 3.6%
1.96 6.2 1.14 0.504

Rogers RO3203 

10mm Foam

Ground

Top View

Parallel Plate to improve 
S11 for thick substrates

 Rogers RT5870
(0.504mm thick)

Top metal layer Side View

Figure 2.18: Parallel plate TCP Design 1 fabricated prototype for 2.4 GHz.

allel plate capacitors are depicted in Figs. 2.19-2.20. Clearly, the designs’ input

impedance provide excellent impedance matching since the reactance is approx-

imately zero and the input resistance is roughly equal to Z0 = 50Ω. We also

observed that the measured input reactances were shifted slightly downward due

to fabrication tolerances. Even with these differences, both measurements showed

S11 < −15 dB over the entire AR bandwidth, and this number could be decreased

with further design iterations. Note that the feed reactance for Design 2 was smaller

than the designs shown in Table 2.1, which require larger capacitances to cancel the

probe reactance. Thus, this design highlights the ability of the parallel plate capac-

itor to provide higher capacitance. It would have been either difficult or impossible

for the annular gap capacitor to provide the capacitance needed to negate the probe

reactance of Design 2.
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Figure 2.19: Simulated and measured input impedance of the parallel plate
designs 1 and 2. Note that the markers × and + correspond to the measured
input resistance and reactance, respectively for each design
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Figure 2.20: Simulated and measured broadside AR of the TCP antenna designs
1 and 2 using parallel plate compensation.
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Both the annular gap and the parallel plate capacitor compensation techniques

provide an intuitive design strategy to obtain broadband CP patch antennas for

a wide range of bandwidths. In contrast to methods such as the L-shaped probe,

both methods add minimal fabrication complexity and can be accomplished in a

completely planar setting, without requiring any complex probe fabrication. When

using designs with thinner substrates (smaller bandwidths) and/or for higher fre-

quencies, then it may be more appropriate to use the parallel plate capacitor tech-

nique. However, for thick substrates (wider bandwidths) the annular gap capacitor

technique can provide satisfactory compensation.

2.3 Limitations of the Thick Substrate-Capacitive Compen-

sation Approach

While advantageous for many applications, the capacitive compensation technique

also comes with limits. In particular, there are three significant limitations to this

technique: surface waves, higher-order modes, and capacitor frequency dependence.

Thick substrates often give rise to surface waves, which are guided waves that can

form with grounded dielectric slabs (substrate with a ground layer). Surface waves

are TE and TM waveguide modes that can propagate along the substrate without

losing energy to radiation. Such waves can cause decreased efficiency and even

degradations to the patch antenna radiation patterns. These surface waves can be

avoided by using low-permittivity substrates such as air or foam, but this might not

always be possible. Previous research has further characterized the impact of surface

waves on antenna performance and thus does not require a reiteration here [37,48–

50]. However, the last two limitations (higher-order modes and frequency variations

in capacitive reactance) are more deeply considered in the next two subsections.
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2.3.1 Higher-Order Mode Effects

The second significant problem that can occur is the increase in cross-polarization,

which results from the quasi-monopole radiation from the probe. Beam squints also

appear when using thick substrates. Both high cross-polarization and beam squints

can be attributed to the presence of higher-order modes which are able to be excited

when using thick substrates. Unfortunately, these effects can occur in air and foam

just as well as high-dielectric substrates. In general, these effects are observed in

all similarly fed patch antennas, such as the L-shaped probe and the U-slot patch

antenna [29].

The capacitive compensation techniques do not increase the cross-polarization

levels dramatically. The cross-polarization and beam squints effects are manifesta-

tions of higher-order modes present in thick substrates. To show that the cross-

polarization and beam squints are generated by the probe and the substrate thick-

ness, we compare all three cases: the traditional TCP antenna design without ca-

pacitive compensation, the annular gap TCP antenna, and the parallel plate TCP

antenna, as shown in Fig. 2.21. In this comparison, we use TCP Design 2 shown

in Table 2.1. All designs shown have the same value for L, a, h, and df as given

in Table 2.1 of the revised manuscript. The only difference is in the use of either

the annular gap, parallel plates, or no capacitance. All designs have a 20mm foam

substrate, i.e. h = 20mm, and a 0.254mm RO3203 substrate, which leads to an

approximate electrical thickness of 0.16λ0.

The resulting radiation patterns of all three cases show very similar radiation

patterns, which are plotted in Fig. 2.21. It is important to remember that the ”No

Cap” design will have poor impedance matching, but we can still obtain the radia-

tion patterns for this design. Since there were some deviations in the minimum AR

frequency (fAR), we choose the frequency 2.35 GHz for plotting the radiation pat-
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(a) (b)

(c)

Figure 2.21: HFSS simulation models to compare cross-polarization perfor-
mance between designs. (a) No annular gap. (b) Annular gap capacitor compen-
sation. (c) Parallel plate capacitor compensation.
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Figure 2.22: Simulated radiation patterns at 2.35 GHz to compare the cross-
polarization levels of the capacitive compensation versus the no cap design. Note
that the no cap design is also considered as the traditional TCP antenna design
as well. In these cases (h ≈ 0.16λ0). (a) φ = 0◦. (b) φ = 90◦.
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Figure 2.23: Measured radiation patterns at 2.35 GHz for the TPC Design 2
with annular gap capacitors to demonstrate high cross-polarization with thick
substrates (h ≈ 0.16λ0). (a) φ = 0◦. (b) φ = 90◦.

terns in Fig.2.22. The results show negligible differences between the three designs.

This suggests that the annular gap and the parallel plate capacitances do not intro-

duce a significant amount of cross-polarization. We also measured the annular gap

radiation pattern to verify these observations. The measured patterns are shown

in Fig. 2.22. The final results showed that the cross-polarization level is roughly

-5.1 dB. Similar levels of high cross-polarization have also been observed in designs

with similar heights [29]. There is also a notable beam squint for the design, where

the main peak points towards θ = 15◦.

We have also conducted other extensive studies, and they all suggest a similar

result. Using the same three designs shown in Fig. 2.21, we have investigated the

change in cross polarization versus substrate height h, as depicted in Fig. 2.21. It

should be noted that in this investigation, we retuned the values for L, a, df , and the

capacitor geometry for each height h in order to provide good AR at fAR = 2.4GHz.

The results of the study are shown in Fig. 2.24, where we plot the cross-polarization

level versus the substrate height. The cross-polarization level was defined as the
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Figure 2.24: Simulated cross-polarization levels at 2.4 GHz for all three designs
shown in Fig. 2.21 versus the substrate height.

ratio in dB of the co-polar pattern to the maximum cross-polarization value for

all possible (θ, φ) directions. Clearly the increases in substrate height directly in-

crease the cross-polarization level. Note also that there are not significant differences

between each of the designs. While the no capacitor case has slightly better cross-

polarization levels than the designs with capacitive compensation, these changes

are not as significant as the increase given by the height. Since the height directly

impacts the bandwidth, this investigation suggests that there is a tradeoff between

bandwidth and cross-polarization levels. Such radiation performance may be unac-

ceptable for some applications. Therefore, in some cases the cross-polarization can

be the limiting factor in the bandwidth.

2.3.2 Frequency Variations of the Capacitive Reactance

The last significant limitation of this technique comes from the bandwidth of the

series RLC circuit formed by the probe feed, the capacitive compensation, and Z0,

as illustrated in Fig. 2.25. The circuit in Fig. 2.25 sheds some insight into the
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Figure 2.25: Approximate circuit for thick substrates where Rx ≈ Ry ≈ Z0 re-
sults in a resistance of Z0. This series RLC circuit dominates the input impedance
behavior of thick substrate patch antennas and limits the maximum bandwidth.

limitations of this technique. Another effective RLC circuit is formed from the

probe inductance, capacitive compensation, and the radiation resistances of the two

modes. The quality factor associated with this series RLC circuit is well known as

Qs =
1

Z0

√
Lf
Ca

(2.22)

Since the probe inductance increases nearly linearly with substrate thickness, we are

also increasing the series quality factor Qs, leading to a narrower bandwidth of this

particular circuit. Clearly, increasing the probe indefinitely will further constrain

the S11 bandwidth (without even considering the changes to radiation). Using some

approximations and analytical manipulations for air substrates, further insight can

be gained by predicting the maximum height possible before the Qs bandwidth

becomes more limited than the CP bandwidth associated with 0.348/Q.

Using equation 2.6, one can show that the input impedance of the left circuit in

Fig. 2.25 can be approximated to a simple form. Using Fig. 2.25 and equation 2.6,

we can write the input impedance as

Zin ≈
Z0

1 + j(1 + F )
+

Z0

1− j(1− F )
+ j2πfLf +

1

j2πfC
. (2.23)
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We assume that the resonant frequency for the LC circuit is set to fAR = 1/2πLfC.

If we define a series RLC quality factor Qs by

Qs =
2πfARLf

Z0

=
1

2πfARZ0C
(2.24)

then we can then rewrite the equation as

Zin
Z0

≈ 1

1 + j(1 + F )
+

1

1− j(1− F )
+ jQs

(
f

fAR
− fAR

f

)
. (2.25)

If we linearize the last factor by x − 1/x ≈ 2(x − 1), then we can obtain the final

result as

Zin ≈
Z0

1 + j(1 + F )
+

Z0

1− j(1− F )
+ jγFZ0 (2.26)

where γ = Qs/Q, and Qs is the quality factor of the approximate series RLC circuit

Qs = ωARLf/Z0 = 1/ωARCZ0.

Equation 2.26 sheds some insight into the limitations of this technique. Since

the probe inductance increases nearly linearly with substrate thickness, we are also

increasing the series quality factor Qs and ultimately γ. The effect of γ on the

input impedance is shown in Fig. 2.26, where it becomes clear that increasing γ can

further constrain the S11 bandwidth. The highest possible γ without incurring any

bandwidth penalties can be found by approximating the input impedance using the

approximate circuit model in Fig. 2.25 to get

Zin ≈ Z0(1 + jγF ) (2.27)

where it can be shown that one must satisfy γmaxFmax = 2/3 to maintain S11 ≤

−10 dB matching within the AR bandwidth. Within the AR bandwidth region,

the maximum normalized frequency deviation Fmax ≈ 0.35, leading to a maximum

threshold of γmax ≈ 2. This implies that Qs ≤ 2Q, where Q can be evaluated using
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Figure 2.26: Effect of γ on the input reactance for the RLC circuit. Note also
that Rin ≈ Z0 and Xin ≈ 0 for γ = 0 within the AR<3 dB region, validating the
approximate RLC circuit model.

the CAD formulas presented in [37].

As an example, we can compute the maximum substrate height for an air sub-

strate. Since thick air substrates do not suffer from large dielectric, conductive, or

surface wave losses, the quality factor can be approximated by

Q =
3

16

1

pc1h/λ0

(2.28)

where we assume the patch effective width and length are roughly equal, i.e. We ≈

Le, and p, c1 are computed by the formulas derived in [37]. By equating the series

quality factor by

Qs =
ωARLf
Z0

= 2Q (2.29)
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one can arrive at the following relationship

η

2πZ0

kARh

[
ln

(
2

ka

)
− γ
]

=
3

8

1

pc1h/λ0

(2.30)

where we assume that the reactance ωARLf is given by the parallel plate probe

reactance in (2.7). Using this formulation gives the maximum height as

hmax
λAR

=

√
3

8

Z0

pc1η0µr

1

[ln (2/ka)− γ]
(2.31)

The use of the parallel plate probe reactance is somewhat simplistic and slightly

inaccurate due to the thick substrate, but it offers insights into the fundamental

limits of the capacitor compensation technique. For a reasonably thin probe ra-

dius of a = λ/1000, this formula predicts the maximum height to be roughly 0.2λ0,

which is close to a quarter wavelength. At such a height, it turns out that the

cross-polarization levels rise to a level unacceptable in most CP applications due to

the probe radiation, since it significantly lowers the broadside gain. Equation 2.31

also shows that for extremely thin probes, the series quality factor will limit the

bandwidth. For example, a probe radius of a = λ/104 will limit the height to ap-

proximately 0.15λ0, where the radiation performance may still be acceptable. These

cases however are rare, and thus for most designs the radiation performance (surface

wave and cross-polarization levels) will be the dominant limitation in increasing the

substrate height.

2.4 Summary

In this chapter, a close examination revealed that the probe reactance is the primary

cause of the bandwidth limitation of traditional CP patch antennas. At the funda-

mental level, the probe strongly limits the maximum height of CP patch antennas,
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effectively limiting the AR-S11 bandwidth since increasing the height is a leading

method to increase bandwidth.

In response, the effectiveness of extending the bandwidth of traditional probe-fed

CP patch antennas has been explained. The technique effectively inserts a capacitive

element in series with the probe inductance in order to remove the probe reactance.

The capacitive compensation was demonstrated on the traditional truncated corner

patch antenna using annular gap and parallel plate capacitors. AR-S11 bandwidths

up to 12.6% were able to be obtained, which is much higher than the typical 2% limit.

Overall, the presented design procedure requires minimal effort and the designs

simple to fabricate, resulting in leading design candidates for future broadband CP

systems.
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CHAPTER 3

Improved Bandwidth using a Compact,

Fabrication-Friendly, Circularly Polarized Half

E-shaped Patch Antenna for Arrays

As shown in Ch. 2, single-layer, single-feed CP patch antennas suffer from narrow

bandwidths due to their inability to use electrically thick substrates. The probe re-

actance becomes too great at the frequency of perfect AR, i.e. fAR, thus rendering

the impedance matching performance inadequate for most applications. Enabling

thick substrates for this class of patch antenna necessitates some form of impedance

matching to remove the reactance associated with the probe feed. The previous

chapter had shown that placing a series capacitor could effectively remove this reac-

tance. The only issue with this approach is that small gaps may be required when

high capacitance values are needed or when the operational frequency increases.

Another approach to improve the bandwidth of CP patch antennas is through

exotic patch antenna shapes. A widely acclaimed patch design is the E-shaped patch

antenna, which was originally conceptualized at UCLA [51] in the early 2000’s. This

E-shaped patch antenna is illustrated in Fig. 3.1, where two slots create an effective

“E” shape to produce a wide bandwidth. But the E-shape in its original form

does not give us circular polarization; the E-shaped patch is linearly polarized.

Others have modified the E-shaped patch to produce CP, but they are often quite

large for space-constrained applications such as antenna arrays. Thus some form
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Figure 3.1: An evolution towards a compact, fabrication-friendly, CP patch
antenna using the E-shaped patch antenna concept. The final result is the CP
Half E-shaped antenna design, which is the focus of this chapter.

of miniaturization would greatly benefit the development of broadband CP patch

antennas.

A miniaturization technique for the original LP E-shaped patch antenna has

been previous demonstrated, where only half the E-shape is utilized. The minia-

turized Half E-shaped patch version [52] is also illustrated in Fig. 3.1. Since the

boundary of patch antennas exhibit similar properties to PMC walls, one can ef-

fectively create a “symmetric boundary condition” by cutting the E-shape in half.

Such a boundary (as shown in Fig. 3.1), acts as a symmetric boundary condition

leading to a very similar resonance performance as the original design [52]. The

concept worked quite well for linear polarization, and we were excited to explore

the possibility of miniaturizing the CP design through the same concept. However,

immediately applying the halving principle towards the CP E-shaped patch is not

as straightforward due to its asymmetry. The first question is which half of the CP

E-shaped patch should be used. Our investigations of the currents and fields in the

CP E-shaped patch design reveal that the CP operation is primarily facilitated by

the geometrical section highlighted in Fig. 3.1 as the Dominant Section Radiating
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CP. Simply cutting a CP E-shaped patch in half is not sufficient. The resonance

features will not be preserved due to the asymmetric structure. Therefore, some

retuning is in order.

This chapter goes into detail about the newly proposed CP Half E-shaped de-

sign. This design provides an alternative approach to enable thick substrates for

CP patch antennas while maintaining good impedance matching. It is fabrication-

friendly (no small gaps are required) and remains compact for array applications

where size matters. A graphical understanding behind the physics that generate the

circular polarization is given. We discuss two different approaches one might take

to achieve a broadband CP Half E-shaped antenna. First, the chapter covers the

optimization, implementation, and measurement of the CP Half E-shaped design.

Subsequently, this design is incorporated into a broadband 2 × 2 WLAN antenna

array using the CP Half E-shaped design as the element. The second approach uses

the physics behind this particular CP patch to create an intuitive procedure for

designing the CP Half E-shaped antenna without any a priori knowledge. This ap-

proach has been conceived and is proposed as a possible future design methodology.

Next, an interesting high-gain CP antenna array for future Mars Rover missions is

conceptualized and integrates the CP Half E-shaped antenna as an element.

3.1 Design Concept

The proposed CP Half E-shaped antenna is shown in Fig. 3.2. The basic shape

can be derived from cutting a CP E-shaped patch antenna (as seen in [53]) in half

along the y axis. The black circle within the figure represents the location of the

coaxial probe feed. Our investigations have shown that placing the probe within the

small bar provides good AR and S11 simultaneously, as depicted in Fig. 3.2(a) and

3.2(b). In other words, the feed location parameters xf and yf should follow the

50



(a) (b)

Figure 3.2: Top view of the coaxially probe-fed CP Half E-shaped antenna
design to obtain broad bandwidths for CP operation. (a) Design for Left-handed
CP (LHCP). (b) Design for Right-handed CP (RHCP).

constraints xf ≤ Wf and yf ≤ L/2. Configurations for both left-handed and right-

handed circular polarization are shown in Fig. 3.2, where the different configurations

are achieved by simply flipping the geometry across the y-axis. Note also that this

structure has a ground plane backing the antenna.

Clearly, one can observe many design variables that shape the CP Half E-shaped

antenna, making its design appear quite complex. In cases such as this, many often

turn to global optimization schemes [34], which can be extremely helpful in generat-

ing high-performance designs that meet a set of non-intuitive criterion. Nevertheless,

some physical insight remains an invaluable tool for designers. Our investigations

with the CP Half E-shaped antenna design have revealed that the physical opera-

tion of the antenna can be broken down into two parts: an equivalent nearly-square

CP patch antenna and a matching section to improve the S11 performance for thick

substrates. Fig. 3.3 illustrates these two components embedded in the CP Half E-

shaped antenna. The portion denoted as the “equivalent nearly square CP patch

antenna” operates in a similar manner to a probe-fed nearly-square CP patch an-
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Figure 3.3: (a) Intuition behind the CP Half E-shaped antenna. The design can
be split into two sections: a nearly square patch antenna that generates circular
polarization and a matching section to provide good S11. (b) Depiction of the
equivalent nearly square CP patch antenna fed along the diagonal.

tenna depicted in Fig. 3.3b. Notice that the length and width of the equivalent

CP patch are equal to the original CP Half E-shaped parameters L and ` shown in

Fig. 3.3b. The principles behind the CP generation therefore enable designers to

take advantage of the intuition in designing the nearly square CP patch antennas.

The nearly square patch design was among the first few CP patch antennas origi-

nally proposed [27, 28], and many theoretical discussions about CP patch antennas

made use of this design due its analytical tractability. The most interesting result is

that very similar AR performance can be observed between the CP Half E-shaped

and its equivalent nearly-square CP patch antenna, as will be demonstrated via

simulation in a later section. This implies that in order to effectively choose the

dimensions L and `, one can use a similar strategy to the nearly-square CP patch.

Graphic visualization of the electromagnetic fields offers a direct and intuitive

approach to demonstrate the CP generation within the patch. Many aspects of the

patch antenna can be graphically plotted, and in our case the clearest parameter to

observe was the electric fields underneath the patch surface. It is well-known in the

antenna community that the patch antenna operates as a cavity with PMC surfaces
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along its periphery [54] due to the properties of the fields within a planar region of

this nature. This has often been termed the cavity model of patch antennas [42]

and can be used to predict the field distribution underneath the patch antenna.

The field distribution of typical single-feed, single-layer CP patch antennas is fairly

unique and easily recognizable, especially for the nearly-square CP patch antenna.

Hence, we will generate the field distribution for both the CP Half E-shaped design

and its corresponding equivalent nearly-square CP patch antenna with the aid of

full-wave simulation software.

In our simulation configuration, we have used HFSS version 15 to simulate both

antennas and obtain the electric field data underneath the patch designs. The output

field data consists of complex vector data, where the x, y, and z components are

complex numbers of each points. Many aspects of this data are often presented in the

literature such as the vector magnitude or phase. For the matter at hand, the most

appropriate presentation is to plot the vectors in the time domain. The antenna

design is solved by HFSS assuming a time-harmonic solution of Maxwell’s equations,

and we can take the output complex electric field vector data and convert to the time

domain by the operation ~E(x, y, z, t) = Re
[
~E(x, y, z)ejωt

]
. To plot versus time, we

set ωt = 2cπ, where c is some constant. This is equivalent to setting the time equal

to a fraction of the period T = 2π/ω as t = cT .

An important point to consider throughout this discussion is that the cavity

model relies on the assertion that the substrate is electrically thin [54]. With thicker

substrates, the PMC wall approximation becomes less accurate and the field distri-

bution may deviate from the cavity model assumptions. Therefore, we demonstrate

the generation of CP radiation for designs with thin substrates. The results with

thick substrates also show similar results, but the large amount of fringing fields that

accompany thick substrates requires extra interpretation. Using thin substrates for

comparison provide quick visualization between the two. Ultimately, the insight
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gained from this is the use of the equivalent nearly-square CP patch to explain the

CP generation within the CP Half E-shaped design. In this particular study, we

arbitrarily chose a thickness of 0.032λ and assumed an air substrate.

By using the field distribution underneath the patch antenna, one can roughly

deduce which modes are present with the given excitation. For the nearly square

CP patch antenna, both the TM10 and TM01 modes are excited at the resonant

frequency of the patch antenna, i.e. fAR. They are excited in such a way that one

mode is delayed by T/4, leading to circular polarization. This can be confirmed by

closely examining the field distribution in Fig. 3.4. At the time instance, ωt = Ω0,

one can clearly observe that there is a cosinusoidal variation in the field distribution

along the y direction while remaining relatively constant along the x direction,

indicating the presence of a TM01 mode. At ωt = Ω0 + 90◦, the opposite occurs.

Namely, cosinusoidal variations occur along x and no variations occur along y, which

is often recognized as the TM10 mode. Both modes are excited since the probe is

located on the diagonal of the nearly-square patch shape, and the quadrature phase

is obtained with the proper choice of width ` and length L. The radiation of circular

polarization can be visualized by following the upward facing arrows, which appear

to rotate in a counter-clockwise fashion thus indicating an RHCP design.

The electric field distribution underneath the equivalent nearly-square CP patch

portion of the CP Half E-shaped is shown in Fig. 3.5. A quick comparison with

the field distributions in Fig. 3.4 reveals very similar behavior. Overall, the field

distributions roughly follow the same trend as those in Fig. 3.4. First, a mode

resembling the TM01 can be seen for ωt = Ω1. At ωt = Ω1 + 90◦, the modal

distribution appears as the TM10 mode, which compares well with the equivalent

nearly-square CP patch antenna. Note also that tracing the upwards facing arrows

follow the same path as those in Fig. 3.4, meaning that this antenna also radiates

RHCP. It is interesting to point out that in order for the polarization to match, the
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(a) (b)

(c) (d)

Figure 3.4: Time-domain electric field distribution underneath the equivalent
nearly-square CP patch antenna corresponding to the CP Half E-shaped design in
Fig. 3.5. (a) ωt = Ω0. (b) ωt = Ω0 + 90◦. (c) ωt = Ω0 + 180◦. (d) ωt = Ω0 + 270◦.

(a) (b)

(c) (d)

Figure 3.5: Time-domain electric field distribution underneath the CP Half E-
shaped antenna. (a) ωt = Ω1. (b) ωt = Ω1 + 90◦. (c) ωt = Ω1 + 180◦. (d)
ωt = Ω1 + 270◦.
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probe of the equivalent nearly-square CP patch antenna must be placed along the

diagonal located closest to the point which the matching section connects to the

equivalent nearly-square CP patch antenna. In conclusion, the results shown thus

far suggests the idea that radiation from this particular section of the patch antenna

dominates the CP performance of the antenna.

3.2 Broadband CP Array for WLAN Applications

3.2.1 WLAN Element Design using Particle Swarm Optimization

To demonstrate the CP Half E-shaped antenna design, a CP Half E-shaped array

element at the WLAN band (2.4-2.5GHz) will be achieved with the help of Parti-

cle Swarm Optimization (PSO). This particular band represents a challenge for CP

patch designs due to its bandwidth. Traditional CP patch antenna designs would

have difficulties reaching this bandwidth (≈4.1%) due to their inherent bandwidth

limits as discussed in Sec. 2.1.1. While wider bandwidth designs exist, their com-

plexity in fabrication may be unreasonable for applications of this nature where

simple and cost-effective designs are highly desireable. This frequency band is also

convenient for the fabrication techniques available at UCLA, where the dimensions

are not overly large or small.

We chose to implement the WLAN CP Half E-shaped design using the layer

stackup as shown in Fig. 3.6, where a layer of foam and layer of Rogers Duroid 5880

create the CP Half E-shaped substrate. The ground plane is located underneath

the foam. This arrangement was utilized in order to achieve the minimum value

for the permittivity of the substrate. Foam has a rough permittivity of εr ≈ 1

(similar to air), while εr = 2.2 for the Rogers Duroid 5880 substrates. Decreased

permittivities provide wider bandwidths, and by using a thin substrate of Rogers

Duroid and a thick foam substrate one can effectively obtain a permittivity of εre ≈
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Patch antenna
Rogers Duroid 5880
Foam substrate
Ground plane
50 Ohm Probe Feed

Figure 3.6: Side view of the layer stackup for the WLAN CP Half E-shaped
design.

1.0. The choice of thicknesses shown in Fig. 3.6 provides roughly 0.092λ0 thickness

(or ≈ 0.099λg), which is often considered an electrically thick substrate for patch

antennas. While the use of foam may not be amenable to applications with wide

variations in temperature, many other low-cost low-permittivity substrates exist in

the market.

With design parameter spaces as large as that of the CP Half E-shaped (nine

parameters makes trial-and-error cumbersome), many antenna designers turn to

global optimization algorithms to search for the best values that push the limits

of the design. For this optimization problem, we applied Particle Swarm Opti-

mization [55–61], whose simple yet robust algorithm has provided high performance

design strategies for a number of different areas and remains a popular choice of

optimizer for antenna problems.

As described in Appendix A, a critical feature of any global optimization tech-

nique is the choice of fitness function, which must align with the designer’s goals.

The best way to proceed in defining the fitness function is to first describe our goal

in this study. The goals of this investigation are to provide a functional CP design

that can operate over the WLAN band. This implies that the parameters S11 and

AR must be minimized within that band. Furthermore, we would like to achieve
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the widest possible AR-S11 bandwidth in order to demonstrate the full power of

the CP Half E-shaped antenna. Using the principles discussed in Appendix A, an

appropriate fitness function for this problem is

F (x) = 4 |S11(f0,x)|+ AR(f0,x)− 0.1BWCP (x) (3.1)

where F (.) is the fitness value, x is the vector of design parameters, S11(f0,x) is the

impedance matching value on an absolute value scale at frequency f0, AR(f0,x) is

the broadside AR at f0, and BWCP is the AR ≤ 3 dB and S11 ≤ −10 dB bandwidth

in MHz. If a given design does not meet the S11 and AR criterion, i.e. S11 ≤ −10 dB

and AR ≤ 3 dB, then the BWCP is set to zero. Therefore, this function can be seen

as a two-phase fitness function. The first phase of the optimization focuses on

getting a reasonable value for impedance matching and AR at f0. The second phase

of the optimization has an increased emphasis on bandwidth, where an increase

in bandwidth can significantly lower the fitness function. Since the optimizer is

attempting to minimize the fitness function, the optimizers recognize designs with

broader bandwidths having better fitness.

Since PSO is a bounded optimization technique, finite boundaries on each design

parameter must be defined. In the N-dimensional solution space, this forms an N-

dimensional hypercube in which the optimizer can search. Constraints were also

used to enforce the CP Half E-shaped shape and avoid any shapes that deviated

from the original CP Half E-shaped shape. If a given design did not satisfy all of the

constraints, then it was assigned a high fitness value as discussed in Appendix A.

Lastly, our termination criterion used was a maximum number of iterations as well

as fitness function stagnation. In this problem, we set the maximum iterations at

500, which has shown to be sufficient for this size of problem in our experience.

After applying the PSO engine towards the CP Half E-shaped design problem,
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Figure 3.7: Design performance of the final CP Half E-shaped design optimized
by PSO shown in Table 3.5 and compared with its equivalent nearly square patch
design in its (a) Simulated S11 performance. (b) Simulated AR performance.

Table 3.1: Final Design Values for the CP Half E-shaped found using PSO

Parameter L ` Ws Wf Wt Ld Wb xf yf

Value (mm) 49 38.54 11.8 4.76 5.7 11.5 2.5 2.17 13.7

a satisfactory design was realized. Fig. 3.7 shows the S11 and broadside AR per-

formance of the final design. The design was able to achieve roughly 5.5% AR-S11

bandwidth, going from 2.375-2.51 GHz. It is interesting to observe that the CP

Half E-shaped exhibits a very wide bandwidth in terms of impedance matching. In

fact, the -10 dB bandwidth goes from 1.91-2.7 GHz, providing roughly 34.3% S11

bandwidth. To further emphasize the power behind the equivalent nearly-square

CP patch, its performance is also plotted in Fig. 3.7, which share very strong simi-

larities in their AR performance. Notice that the S11 performance for the equivalent

nearly-square CP patch antenna was poor, as expected from the thick substrate and

the high reactance of the probe. The beauty of the CP Half E-shaped design is that

good impedance matching and AR can be simultaneously achieved despite the thick
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Figure 3.8: Radiation pattern performance of the final CP Half E-shaped design
given by PSO shown in Table 3.5. (a) f = 2.4 GHz. (b) f = 2.45 GHz. (c) f =
2.5 GHz.

substrate probe reactance, which leads to wide CP bandwidths.

The radiation patterns of the final PSO design are provided in Fig. 3.8. Good

directivity over the WLAN band can be observed, along with a fairly stable radiation

pattern. A subtle effect of the thick substrate is the slight beam tilt present in each

of the plots. This slight beam tilt commonly occurs in thick-substrate CP patch

antenna and is a difficult signature to remove. The cross-polarization performance

of the antenna is also fairly reasonable.

3.2.2 2× 2 Array Design and Measurement Results

Now that a CP Half E-shaped element has been fully investigated and developed,

we demonstrate its effectiveness in an array to provide good CP performance over

the WLAN band with a simple and scalable design. As an example, we chose a size

of 2 × 2 due to space constraints of the fabrication center at UCLA. A symmetric

patch array having an overall size of λ0 × λ0 provides roughly 11 dB directivity

corresponding to a half-power beamwidth of 45◦. An array with this arrangement

may prove useful for indoor communications in large rectangular rooms in shopping

centers or even scaled for RFID systems in the ISM bands. The array layer stackup
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Patch antenna element
Rogers Duroid 5880
Foam substrate
Ground plane
Rogers Duroid 5880

Microstrip Feed Network
50 Ohm Coaxial Feed

Figure 3.9: Side view of the layer stackup for the WLAN CP Half E-shaped
2× 2 array design.

will be similar to the previous sections as shown in Fig. 3.9. The only addition

is the microstrip feed network located below the ground plane, which is needed to

combine/divide the power equally to each of the antennas.

We chose to implement a binomial impedance line transformer with T-junctions

due to their wideband characteristics compared to a simple λg/4 transformer. Using

the coefficients shown in [62], we were able to find the characteristic impedances and

lengths that provide perfect impedance matching at 2.45 GHz. It turns out that

the procedure outlined in [62] results in quarter wavelength lines with impedances

of Z1 = 84.1Ω and Z2 = 59.4Ω. Since the space permitted the placement of multiple

sections, two sets of transformers were cascaded as shown in Fig. 3.10. The final

implementation of the feed network in HFSS and fabrication is shown in Fig. 3.10.

With the feed network developed, the last step is to insert the four CP Half

E-shaped elements into the array. Within the HFSS model, the same PSO model

was implemented into the 2 × 2 array with the feed network shown in Fig. 3.10.

We arbitrarily chose a center-to-center element spacing of 70mm, corresponding

to 0.57λ0 at 2.45 GHz, providing ample space for the feed network and ensuring

reasonable edge-to-edge spacing between elements. After inserting the elements

into the array, the performance was computed via HFSS as shown in Fig. 3.11. One

can immediately observe a notable change in the AR performance of the array, while

the S11 performance remains satisfactory.
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Figure 3.10: (a) Simulation model of the feed network with binomial impedance
transformers in HFSS. (b) Fabricated design with feed network.

Table 3.2: Final Design Values for the CP Half E-shaped Using the Design
Procedure of Section 3.3

Parameter L ` Ws Wf Wt Ld Wb xf yf

Original PSO (mm) 49 38.54 11.8 4.76 5.7 11.5 2.5 2.17 13.7

Retuned Design (mm) 48 35.54 11.8 6.76 4.7 11.5 2.5 2.17 13.3

Since thick substrates are utilized in this array, one might expect some inter-

action between the elements resulting in changes to the polarization performance

of the antenna. This might also be attributed to the detuning of the resonances

of the CP Half E-shaped structure. Regardless, we sought to recover the original

performance within the WLAN band of interest. Therefore, we retuned the design

in order to restore the AR performance. After a small parametric study, satisfactory

performance was not only attained in the WLAN band, but also over a much wider

bandwidth. The final retuned design values are shown in Table 3.2 and compared

with the original PSO design. Overall the design was able to achieve a broad AR-

S11 bandwidth of 16.2% bandwidth over the span of 2.125-2.5 GHz, which is quite

a feat for an array using single-layer, single-feed elements. A prototype was also

fabricated as shown in Fig. 3.13, where similar results were demonstrated for both
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Figure 3.11: (a) S11 performance of the 2 × 2 array using the original PSO
design compared with the retuned design. (b) Broadside AR performance of the
2× 2 array using the original PSO design compared with the retuned design.

AR and S11 performance. The measurement results show roughly a 15.6% BW was

achieved with this array design. A representative pattern at 2.35 GHz also indicates

that good broadside (θ = 0) radiation is obtained with a maximum directivity of

12.8 dB. Further studies should be taken to understand why the AR bandwidth

increase three-fold in this array. We suspect that the interaction between the ele-

ments effectively lowers the quality factor of each mode, effectively increasing the

bandwidth as per the discussion in Ch. 2.

3.3 A Simple Design Process for the CP Half E-shaped An-

tenna

The CP operation of the CP Half E-shaped as a nearly-square CP patch antenna has

been demonstrated graphically, and creating an intuitive design procedure enhances

the accessibility of the CP Half E-shaped to antenna developers. Nine parameters

makes a fairly large search space, and any simplification enables designers better
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Figure 3.12: (a) Measured S11 and broadside AR performance of the 2×2 array
using the retuned design. (b) Measured radiation pattern performance of the 2×2
array at 2.35 GHz.

Figure 3.13: Measured 2×2 array prototype using the CP Half E-shaped patch
antennas for wideband CP performance.
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Figure 3.14: Top view of the CP Half E-shaped patch antenna design. This
image is identical to Fig. 3.2 but is reproduced here for ease of describing the
parameters and their effects on the antenna performance.

use with the CP Half E-shaped antenna. To ease the reading in this section, we

have included an identical image of the antenna geometry in Fig. 3.14 to refresh

the readers. After some exhaustive parametric studies considering the S11 and AR

performance, the following observations can be made. First, the parameters L and `

shown in Fig. 3.14 make up the dimensions of the equivalent nearly-square CP patch

antenna. Thus these values can be found through the principles of traditional CP

patch antenna design [38]. Second, the widths Wt, Wb, Wf do not show a significant

effect on the performance, and thus can be chosen to make the fabrication process

less burdensome. The only stipulation is that the values chosen are reasonable, i.e.

the widths are not too electrically small or large to a point where they deform the

CP Half E-shaped shape. The widths also cannot be too small, and a good rule of

thumb according to our investigations is to ensure that each width is at least 2×

larger than the probe diameter. Changing the xf location of the probe also did not

reveal a noticeable effect of the performance, and thus can be set to xf = Wf/2 for
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Figure 3.15: Design process to achieve good broadside AR and S11 for the CP
Half E-shaped antenna using low-permittivity substrates.

ease of fabrication.

The other parameters, Ld, yf , and Ws, presented notable differences in the per-

formance. The parameter Ld controls one of the locations where the equivalent

nearly-square CP patch antenna is fed. In similar CP patch antennas, this results

in a direct control of the AR, and similar behavior was observed when changing

the bar location Ld. The parameter yf controls the impedance matching (or input

impedance) behavior of the CP Half E-shaped. By a careful adjustment to yf the

input resistance can be increased or decreased in order to provide a satisfactory

impedance match. The parameter Ws also appears to have an effect on both the

bandwidth and quality of the impedance match and AR. In all of these discussions,

it should be remembered that the description is qualitative and additional features

begin to appear with thicker substrates. It appears that if the slot width Ws is small

for thick substrates, the fringing fields from the equivalent nearly-square CP patch

antenna can interact with the probe, resulting in a dependence on the probe loca-

tion. Also, the bar location Ld can exhibit some effects on the S11. These studies are

also more applicable to low-permittivity substrates. Further studies are warranted

for use with high permittivity substrates, although it can be surmised that similar

operational principles can be applied.
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Table 3.3: Recommended Initial Values for the CP Half E-shaped Design (Note
that dp is probe diameter)

CP Half E-shaped Parameter Suggested Initial Value

Wf 3dp
Wt 2Wf

Wb Wf

xf Wf/2
Ws 2Wf

Ld L/4
yf L/4

With these observations, a flowchart to outline a quick design process for the

CP Half E-shaped antenna was devised. The basic steps can be found in Fig. 3.15.

The first step is to create the equivalent nearly-square CP patch antenna for the

given thickness and frequency to provide perfect AR at the desired frequency. We

assume that the probe is placed along the diagonal of the patch for this step. Good

S11 at the AR≤ 3 dB frequencies will be impossible to obtain with this equivalent

nearly-square design if thick substrates are used, but this provides a starting point

for the L and ` dimensions that relies on the intuition of a popular design. Once

good values for L and ` are found, we add the matching section with the suggested

values shown in Table 3.3. At this point, the only values that will likely need tuning

are the slot width Ws, bar location Ld, and the probe location yf .

We have also strategized a methodology that simplifies the 3-dimensional simul-

taneous optimization of the parameters Ws, Ld, and yf . The next step taken in

the process is tuning both Ld and yf to optimize the S11 and AR performance. If

the coupling between the probe and the equivalent CP patch antenna is not very

strong, then the optimization can almost be separated into an S11 optimization with

yf and an AR optimization with Ld. Regardless, the AR usually will be the clear-

est to determine whether to stop this step. Once this step has been halted, if the

performance is not satisfactory, then increase the value of Ws and reoptimize the
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Ld and yf dimensions. After a few iterations, a design with good S11 and broadside

AR should be obtained.

3.3.1 WLAN Element Design using the Design Procedure

To demonstrate the CP Half E-shaped antenna design procedure, we will attempt

to realize a broadband CP Half E-shaped array element at the WLAN band (2.4-

2.5GHz) similarly to the design realized with PSO. The same layer stackup with

10mm foam and 1.574mm Rogers Duroid 5880 as shown in Fig. 3.6 was used here.

To start, the first step lies in developing the equivalent nearly square CP patch

antenna. This can be accomplished using the design procedures outlined in classic

works by Y. T. Lo in [27,38,54]. The feed can be placed anywhere along the diagonal

of the rectangle which makes up the patch shape. After some trial-and-error, a

satisfactory nearly-square CP patch with a center frequency at 2.45 GHz was found

and is shown in Fig. 3.16a. The best length and width of this patch antenna was

found to be L = 49mm and ` = 38mm, respectively. The corresponding AR-S11

performance of the equivalent CP patch antenna is shown in Fig. 3.16b. The AR

< 3 dB bandwidth satisfies the WLAN band requirement, and the AR minimum is

roughly located at 2.45 GHz, as desired. The impedance matching preformance of

this antenna clearly does not satisfy the -10 dB or even a -6 dB criterion. The poor

impedance matching highlights the need for the matching section in the CP Half

E-shaped design.

The next step is adding the matching section onto the equivalent CP patch an-

tenna. The suggested initial values given in Table 3.3 were implemented in the

simulation model, however we did not obtain good impedance matching or AR.

These resulting initial values for this particular model are shown in Table 3.4. The

next step in the process is to tune the probe and bar locations yf and Ld, respec-

tively. Figs. 3.17-3.18 plot the effect of changing these parameters on the impedance
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Figure 3.16: (a) Equivalent nearly square CP patch antenna for WLAN band.
(b) Simulated S11 and broadside AR performance for the WLAN equivalent CP
patch antenna.

matching and AR performance of the CP Half E-shaped antenna. Fig. 3.17 reveals

that the bar location Ld on the CP Half E-shaped antenna does not exhibit notable

effects on the S11 while it can significantly improve the AR. Furthermore, it appears

that the value Ld = 12mm provides the best AR performance response by achieving

the lowest AR. It should be emphasized that the suggested values for every other

parameter are used. In Fig. 3.18, the effect of the feed location yf on the S11 and

AR is shown. Interestingly, notable changes in both S11 and AR performance can

be observed. Clearly, from the S11 plot in Fig. 3.18, one might conclude that the

feed is best placed closer to the edge. The AR performance, however, is better when

placed near yf = 12.5mm ≈ L/4. At this point in the design process, one could

continue to tune the probe and bar location, but not much further improvement

would be realized.

When the designer realizes that the efforts of tuning Ld and yf provide no further

improvement, the next step would be to widen the slot width Ws. In this investiga-

tion, we repeated the excercise for Ws = 9mm and 12mm. Our studies revealed that

Ws = 12mm is able to provide better values for S11 and AR. Figs. 3.19-3.20 show
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Figure 3.17: Effect of bar location Ld on the CP Half E-shaped design after
the matching section is added. Note that all other parameters use the suggested
values. (a) Simulated S11 performance. (b) Simulated broadside AR performance.
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Figure 3.18: Effect of feed location yf on the CP Half E-shaped design after
the matching section is added. Note that all other parameters use the suggested
values. (a) Simulated S11 performance. (b) Simulated broadside AR performance.

Table 3.4: Suggested Initial Values for the CP Half E-shaped Design Process

Parameter L ` Ws Wf Wt Ld Wb xf yf

Value (mm) 49mm 38mm 6mm 3mm 6mm 12mm 3mm 1.5mm 12mm
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Figure 3.19: Effect of bar location Ld on the CP Half E-shaped design when the
slot width is increased to Ws = 12mm. Note that all other parameters use the
suggested values except for yf = 15.5mm. (a) Simulated S11 performance. (b)
Simulated broadside AR performance.
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Figure 3.20: Effect of feed location yf on the CP Half E-shaped design when
the slot width is increased to Ws = 12mm. Note that all other parameters use
the suggested values except Ld = 10mm. (a) Simulated S11 performance. (b)
Simulated broadside AR performance.
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the performance for various values of Ld and yf when Ws = 12mm. Similar behav-

ior against Ld and yf can be noted. Notice that the bar location Ld has a larger

effect on the S11 behavior than it did previously for Ws = 6mm. This is because

even small changes to the input impedance can significantly change the S11 when

Zin ≈ Z0, where Z0 is the input characteristic impedance of the transmission line. In

comparing the resulting performance between the different designs, it appears that

the best choice uses Ld = 10mm and yf = 15.5mm. In this design good performance

is obtained from 2.45-2.65 GHz, providing roughly 7.8% AR-S11 bandwidth. This is

quite a large bandwidth for a single-feed, single-layer patch antenna. However, the

operational frequency band is not centered at 2.45 GHz. Therefore we must retune

some of the parameters in order to shift the center frequency back to the frequency

band of interest.

Notice that the center frequency of the equivalent nearly-square CP patch an-

tenna deviated from the center frequency of the final CP Half E-shaped design. This

is due to the coupling and radiation from the matching section which is unavoidable

and not amenable for exact prediction. Thus it should be expected in the design

flow that the final design may have some deviation from the original frequency band

for which the patch antenna was designed. The deviation is not overly dramatic,

where 2.55 GHz represents a minor 4% deviation. This can be repaired by using

the frequency scaling principle where one can shift the operational frequencies of

an antenna by scaling all dimensions. Since the height and probe diameter are set

parameters, we just scale the patch dimensions, which results in a fairly similar phe-

nomenon as frequency scaling. The final values for each geometrical parameter are

shown in Table 3.5 labeled as “Flowchart.” Note that some parameters with smaller

values are not scaled due to the change only being fractions of a millimeter. The

resulting performance of the frequency scaled design is shown in Fig. 3.21, with an

AR-S11 bandwidth of 6.9% over 2.38-2.55 GHz. Overall very similar performance in
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Table 3.5: Final Design Values for the CP Half E-shaped Using the Design
Procedure of Section 3.3 Compared with the PSO Element Design of Section 3.2.1

Parameter L ` Ws Wf Wt Ld Wb xf yf

Flowchart (mm) 51 39.50 12.5 3.00 6.0 10.5 3.0 1.50 16.0

PSO (mm) 49 38.54 11.8 4.76 5.7 11.5 2.5 2.17 13.7
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Figure 3.21: Final design performance of the flowchart-designed patch antenna
after frequency scaling. Good S11 and AR performance has been obtained over
the WLAN band of 2.4-2.5 GHz.

S11 and AR can be observed when compared to the previous performance obtained

with a center frequency of 2.55 GHz. Clearly, the CP Half E-shaped design is more

than capable in obtaining bandwidths over the desired WLAN band.

A possible design procedure for realizing a broadband CP Half E-shaped patch

antenna has been proposed. An example of a design operating in the WLAN band

was developed using the proposed procedure, and great performance was obtained.

The basic idea was to first develop an “equivalent nearly-square CP patch antenna”

and subsequently add the matching section for further impedance tuning. A fi-

nal comparison between the design realized by PSO and the design realized by the

flowchart is shown in Table 3.5. Without any a priori knowledge, the proposed pro-
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cedure was able to realize a good design that actually had slightly larger bandwidth

than the PSO design. The PSO design achieved 5.5% AR-S11 bandwidth, while

the proposed approach found a design with 6.9% AR-S11 bandwidth. This demon-

strates that it is an effective approach to realize a CP Half E-shaped patch. While

this approach has not been tested for designs with much higher permittivities, it is

likely that this flowchart would work well with possibly a few minor modifications.

3.4 Dual band CP Array for X-band Interplanetary Mars

Rover Communications

The CP Half E-shaped antenna has shown great promise in the development of

broadband single-layer, single-feed patch antennas. Recently studies within the

CP Half E-shaped patch research have found that the CP Half E-shaped may also

exhibit a dual band performance. Many researchers have sought a dual-band CP

functionality using patch antennas for many applications of current interest. Future

Mars rovers represent one exciting application of dual band CP communication.

For Mars rovers, data travels either directly or indirectly to Earth through the

Deep Space Network (DSN) antennas. For current Mars Rovers, both direct and

indirect links are available, where data can either be sent Direct-to-Earth (DTE) or

sent to the Mars Reconnaisance Orbiter (MRO) satellite, as depicted in Fig. 3.22.

In the indirect case, the MRO relays the information through a high data rate

link to Earth [63, 64]. The direct communication link, on the other hand, can

use either a low gain antenna on the rover or a high gain antenna with 22-23 dB

gain [65,66]. Current power limitations and conflicts with other planned activities on

the DSN limit the overall throughput of the DTE link, restricting its use to sending

commands and acknowledgments. With the recent success of larger rovers such as

Curiosity, high-performance DTE communication systems are now a viable option

for future large rover missions. Developing a novel antenna array would enable

74



greater flexibility and higher data rates, providing significant return of science data

to Earth.

In a collaboration with the Jet Propulsion Laboratory, the array architecture

shown in Fig. 3.23 was proposed as a compromise to meet mass, volume, and power

handling requirements. This architecture consists of smaller patch subarray tiles fed

by a waveguide power divider, as illustrated in Fig. 3.23. The waveguide power di-

vider enables the high-power handling from the transceiver. Our goals for this design

were to achieve 30 dB gain and good CP operation at 8.425 GHz (Tx band having

70 MHz bandwidth) and at 7.1675 GHz (Rx band having 47 MHz bandwidth). For

such an array design, the development of the CP subarray tiles remains the most

important step, where the requirements of being dual-band, circularly-polarized,

and fabrication-friendly for X-band frequencies must be upheld.

In this section, we discuss the development of the CP Half E-shaped patch an-

tenna for an X-band subarray. While CP patch antenna designs have made signif-

icant progress since their inception, current literature has not revealed an element

Multi-hop/Relay 
Communications

Mars Reconnaisance 
Orbiter

Direct-to-Earth 
Communications

Future Mars Rovers

Figure 3.22: Current Mars Rover communications primarily use a satellite re-
lay to communicate with Earth. Our vision in this work is to develop a high
performance antenna array significantly enhancing Direct-to-Earth links for Mars
Rovers.
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To transceiver

Waveguide to 
stripline connectors

Subarray tiles

1-to-16 waveguide 
power divider

CP elements

Figure 3.23: Exploded view of the complete 30 dB array consisting of 4 × 4
subarrays. Each subarray is fed by the 1-to-16 waveguide power divider with high
power handling (100W). Our goal is to develop a high performance CP subarray
for such an array implementation.

that nicely fit our needs. The desired frequencies have a spacing that eliminates

the previous broadband element techniques, as it would require a 16.1% AR-S11

bandwidth or higher for increased margin. Dual-band approaches, in contrast, tend

to support higher frequency ratios f2/f1, where f2 > f1. The frequency ratio for

this application was f2/f1 = 8.425/7.1675 = 1.175, which falls in a difficult area for

dual-band patch antennas also. Therefore, a new patch antenna design was sought,

and the CP Half E-shaped antenna nicely fulfilled our requirements. It should also

be emphasized that the CP Half E-shaped patch antenna suits this design problem

well because it does not feature very small gaps, even when designed for X-band.

Each of these elements are fed by a stripline feed network. At end of this section, we

show that the integrated subarray has desirable S11/AR bandwidths, good broad-

side radiation, and high directivity. We also estimate the performance of the full
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Figure 3.24: The CP Half E-shaped antenna geometry using a single layer
of Rogers Duroid 5880LZ. The design exhibits dual-band CP support within a
compact size.

16× 16 array, consisting of 4× 4 subarrays, proving that the design concept meets

the desired performance when integrated with the 1-to-16 waveguide divider.

3.4.1 Dual-Band CP Patch Element Design

The first step towards implementing the CP Half E-shaped patch antenna for such

a subarray is to realize a design operating at X-band. This can be achieved by

frequency scaling the design presented in Sec. 3.2.1 from 2.4 GHz to 8 GHz. It was

desired to use the Rogers Duroid 5880LZ because this substrate is lightweight and

offers good thermal conductivity needed for space missions. Therefore the design

must also be tuned for a substrate having a permittivity of εr = 1.96 since the

2.4 GHz design originally had a foam substrate. The final geometrical parameters

are summarized in Table 3.6. The previous design at 2.4 GHz exhibited a very

wideband S11 response, yet only a single resonance in AR [?]. Interestingly, the
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Table 3.6: Dimensions of the Dual-Band CP Half E-shaped Patch at X-band

Parameter W L ` Ws Wf Wt Ld Wb xf yf

Value (mm) 15.1 11.5 10.3 3.0 1.80 1.7 2.3 0.9 0.9 4.15

7 7.5 8 8.5
−30
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−20
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−10

−5

0
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4
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8

10

12
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(b)

Figure 3.25: The simulated and measured S11 and AR performance of the CP
Half E-shaped patch element. A good dual-band performance can be observed at
the Rx/Tx bands.

design provides the dual-band response as it is tuned for the Rogers substrate.

The tuned X-band design parameters are listed in Table 3.6. As shown with the

results in Fig. 3.25, wideband S11 is achieved and a dual-band AR is observed. The

differences observed in these results can be attributed to the difference between the

simulation models and the fabrication errors. The impedance matching performance

is actually quite good, providing less than -15 dB throughout the entire band shown

in the figure. We did our best to tune the AR to align the minimum points with

our frequencies of interest, but this was the closest that we could bring the two

“resonances” together.

78



180
150

120

90

0
-30

-60

-90

-120

-150

60

30

−30 −20 −10 0 dB

(a)
180

150

120

90

0
-30

-60

-90

-120

-150

60

30

−30 −20 −10 0 dB

(b)

180
150

120

90

0
-30

-60

-90

-120

-150

60

30

−30 −20 −10 0 dB

(c)
180

150

120

90

0
-30

-60

-90

-120

-150

60

30

−30 −20 −10 0 dB

(d)

Figure 3.26: The radiation pattern of the X-band CP Half E-shaped patch
antenna element at the RX (a) φ = 0◦ (b) φ = 90◦ and TX (c) φ = 0◦ (d) φ =
90◦.

The radiation patterns are also satisfactory in both TX and RX bands, with

a slight beam squint in the TX band shown in Fig. 3.26. Thick substrate patch

antennas commonly feature a beam squint in their radiation pattern. Further inves-

tigations on the CP E-shaped patch in [67]. revealed that the beam tilt are likely

due to higher order modal distributions causing variations in the electric field phase

at the antenna aperture. These results support the assertion that the beam tilt in

the CP Half E-shaped patch in the TX frequency is mostly like due to similar phase
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variations at the aperture. Luckily for our application, the beam squint of the CP

Half E-shaped patch antenna is diminished due to the array factor. Good array

performance is still demonstrated in spite of these beam squints at the end of this

section.

3.4.2 Optimizing the CP Half E-shaped Elements within a 4×4 Subarray

Integrating the CP Half E-shaped element into a 4×4 subarray is the next step,

but unfortunately mutual coupling and other unwanted effects can deteriorate the

desired performance. To first test the design, we use the CP Half E-shaped element

from Table 3.6 to create a 4×4 array. We explicitly place 16 copies of the CP Half

E-shaped element in HFSS, as shown in Fig. 3.27. A separate 50Ω coaxial cable

is connected to each individual element. The center-to-center element spacing was

23.75mm (or 0.67λ0 at TX). As shown in Fig. 3.29 under ”Original Design”, the

impedance matching performance (Γ) are adequate, achieving levels below -10 dB

in both TX and RX bands. The AR performance is decent in the RX band but

dramatically increases in the TX band. Interactions between the elements have

indeed worsened the performance of the previously tuned single CP Half E-shaped

element. This is expected due to the close spacing of the elements and the weak

confinement of the fields underneath the elements. The fringe fields tend to extend

further for thick substrates, in comparison to patch antennas with thin substrates.

These effects ultimately result in poor AR performance at the TX frequency, leaving

us with only one choice: optimization.

PSO is employed to help improve the performance of the array. This particular

case requires good performance for both S11 and AR at the RX and TX bands.

Thus, we used the fitness function

f(x) = max

(
V SWR(fRx), V SWR(fTx),

√
2AR(fRx),

√
2AR(fTx)

)
(3.2)
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Figure 3.27: The CP Half E-shaped antenna is tested under the 4x4 subarray
configuration to test its performance. Coaxial feeds are used to excite each element
individually.

where x is the vector of optimization parameters illustrated in Fig. 3.24, V SWR is

the standing wave ratio, and AR is the axial ratio in magnitude (not in dB). The

frequencies were set to fRx = 7.1675 GHz and fTx = 8.425 GHz. Notice also that

every element shares the same geometry, e.g. W , L, `, etc.

With the array explicitly implemented in HFSS, the AR performance can be

easily deduced by setting equimagnitude, equiphase excitation coefficients for the

elements and computing the respective AR at θ = 0. Predicting the impedance

matching performance, however, is much more difficult. Simply plotting the Snn

from HFSS is not sufficient. The coupling between the elements results in a different

impedance matching performance at the input to an actual feed network. Using a

similar approach to that in [53], we developed a circuit model that assumes an

ideal, lossless, reciprocal 1:M power divider providing equimagnitude, equiphase

excitations to each of the elements. The input source impedance is assumed to

be Z0/M and each port exciting the elements are assumed to have a characteristic

impedance of Z0. In our case, M = 16. An implicit assumption of this model is

that the impedance conversion is obtained, meaning that we are using a circuit that

can provide a perfect impedance match at both the Tx and Rx bands.
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Figure 3.28: Circuit model used to predict the impedance matching performance
of the 4× 4 subarray, where M = 16.
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Figure 3.29: Performance of the coax-fed array model before and after optimiza-
tion. (a) Impedance matching performance and (b) Broadside AR performance,
which shows significant improvements from PSO.

Table 3.7: Element Dimensions after Optimization in Subarray Environment

Parameter W L ` Ws Wf Wt Ld Wb xf yf

Before PSO (mm) 15.1 11.5 10.3 3.0 1.80 1.7 2.3 0.9 0.9 4.15
After PSO (mm) 14 12.0 7.97 2.62 3.41 3.52 1.09 0.9 1.71 3.54
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The impedance matching Γ can be found by computing V −in for a given V +
in . We

can write the (M + 1)× (M + 1) S-parameter matrix Sp for the feed network as

Sp =

Sp,11 sTps

sps S′p

 (3.3)

where Sp,11 is a scalar and sps is a column vector. From Fig. 3.28, we have the

equations

V− = SLV+ (3.4)V −in
V+

 = Sp

V +
in

V−

 (3.5)

By substituting (7.9) into these equations, one can finally obtain

Γ =
V −in
V +
in

= Sp,11 + sTps
(
S−1
L − S′p

)−1
sps (3.6)

Now, how do we compute Γ from our HFSS simulation? In this approach, HFSS

computes the elements for the array S-parameter matrix SL. What about the feed

network S-parameter matrix Sp? There are two options. If it is available, the

S-parameters from another simulation of the feed network can be used to predict

the overall performance. In our case, this data was not available because the feed

network was not finalized. However, the S-parameters can be derived based on our

assumptions for the particular network configuration. We knew that our array would

use a T-junction power divider for the feed network. The ideal S-parameter matrix
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for a 1-to-M T-junction power divider is given as

Sp =
1

M



0
√
M

√
M · · ·

√
M

√
M 1−M 1 · · · 1
√
M 1

. . . . . .
...

... 1
. . . 1−M 1

√
M 1 · · · 1 1−M


(3.7)

Once Γ is computed, the VSWR can be obtained viz. V SWR = (1 + |Γ|)/(1− |Γ|).

This procedure reduces the computational time to find an optimized solution be-

cause it avoids simulating the small features of the stripline network. The optimiza-

tion is performed on the whole 4×4 subarray environment, and each of the element’s

dimensions are changed identically with each other. The results in Fig. 3.29 under

“Optimized Design” show that the optimization was successful in obtaining the de-

sired impedance matching and AR performance for both TX and RX frequencies.

Most importantly, the AR performance in the Tx band is significantly improved.

While it can be observed that the impedance matching performance is slightly de-

graded for the “Optimized Design” case, this is a sacrifice that enables a significant

improvement in the AR. The power of the PSO procedure is in systematically finding

a design that balances the performance requirements.

3.4.3 Subarray Fabrication and Measurements

Upon optimizing the elements in the subarray environment, we developed a stripline

feed network and integrated it into our design [68]. This integration also slightly

degraded the performance, and the probe location on the elements was slightly

tuned to achieve better performance. The layer stackup of the integrated subarray

assembly is shown in Fig. 3.30, and the simulated performance can be viewed in

Fig. 3.31. Clearly good performance was still achieved, and the next step would be
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the fabrication of the assembly to validate our results.

The prototype was handcrafted using the facilities at the Center for High Fre-

quency Electronics. Each layer in the prototype is fabricated using photolithography.

The insertion of vias and combining of each of the layers of the prototype are done

by hand-assembly. The vias were applied by drilling holes and punching the vias

mechanically using a drill press as shown in Fig. 3.32. For the measurement, a VNA

is used to measure the S11 performance and the UCLA spherical near-field chamber

was used to measure the AR, directivity, and radiation patterns. The measurements

compared well to the simulated performance. The radiation characteristics shown

in Fig. 3.33 matches well with those of simulations. Low side lobe levels and good

broadside radiation directed towards θ = 0◦ can be observed. The takeaway from

that observation is that the array factor removes the effect of the beam squints for

this size of array, as alluded in the previous section.

It was satisfying to observe that the measured axial ratio in Fig. 3.31 performed

even better than simulation. The directivity is also well within the simulation re-

sults. The only observed discrepancy was in the S11 performance. The difference

was studied and our conclusion was that the differences between handcrafting the

prototype and the simulated geometry were the primary cause. Although the ar-

ray produced good S11 performance, more meticulous fabrication methods could

improve performance to avoid these differences.

3.4.4 Performance in a 16× 16 Array Configuration

Future Mars Rovers ultimately would use an array of these subarrays (Fig. 3.23) to

achieve the 30 dB gain required to communicate back to Earth. By integrating 4×4

of these subarrays, a 30 dBi gain will be produced. Fig. 3.34 plots the directivity

along φ = 0◦ for the array (using a similar coordinate system orientation as shown

in Fig. 3.32c). The center-to-center spacing between each of the subarrays is 9.5cm,
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Stripline-to-SMA Connector

0.787mm Rogers 5880LZ
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Figure 3.30: Side view of the layer stackup for the 4 × 4 subarray. The feed
network and the antennas are located on the stripline and top layers, respectively.
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Figure 3.31: Simulated and measured S11/AR performance of the subarray as-
sembly. Reasonably good impedance matching and broadside AR were obtained.

(a) (b) (c)

Figure 3.32: (a) Jean Paul Santos drilling the feed network layer. (b) Jean Paul
Santos (left) and Joshua Kovitz (right) soldering the SMA-to-stripline connector.
(c) Top view of final prototyped CP Half E-shaped patch array.
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Figure 3.33: The simulated and measured radiation patterns of the X-band CP
Half E-shaped Array for the (a) RX band at φ = 0◦, (b) RX band at φ = 90◦, (c)
TX band at φ = 0◦, and (d) TX band at φ = 90◦.

thus providing center-to-center element spacing of 23.75mm, the elements are uni-

formly spaced throughout the entire 16 × 16 array. We apply the respective array

factor to the simulated subarray patterns in HFSS to compute the 16 × 16 array

patterns. An equal amplitude, equal phase excitation is applied to each subarray,

as reflected in the ≈ −13 dB sidelobes in the pattern. The half-power beamwidths

are roughly 5.7◦ and 4.76◦ for Rx and Tx bands, respectively. Note that similar per-
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Figure 3.34: The simulated directivity of the full 30 dB array at φ = 0◦ for
the (a) RX band and (b) TX band. The patterns were computed using the array
factor for 4× 4 subarrays spaced 9.5cm with equal amplitudes.

Table 3.8: Gain/Loss Budget for the Proposed Array Architecture

Quantity Rx (7.1675 GHz) Tx (8.425 GHz)

Simulated Directivity 30.12 dB 31.25 dB

Simulated Subarray Loss 0.5 dB 0.59 dB
Waveguide Feed Loss 0.08 dB 0.07 dB
Waveguide Probe Loss 0.10 dB 0.10 dB
Mismatch Loss 0.58 dB 0.38 dB
Total Loss 1.26 dB 1.14 dB

Gain Requirement 28.8 dB 30.0 dB
Estimated Gain 28.9 dB 30.11 dB
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formance was also observed in the φ = 90◦ plane as well. Clearly if lower sidelobes

are desired then a non-uniform amplitude taper can be implemented in the power

dividing network.

The gain link budget to maintain the high data rate link is 28.8 dB and 30 dB

for the RX and TX frequencies, respectively. Waveguide power dividers and their

respective components have been well-characterized in literature, and thus we can

do a simple calculation to estimate their corresponding losses. Gain/loss numbers

are listed in Table 3.8. At the top, the simulated maximum directivity values are

given. The losses are also detailed in Table 3.8. The subarray loss is given by the

HFSS simulation, assuming the Groisse model having 0.5µm RMS surface errors

and 17.5µm copper cladding thickness for all copper conductors. Dielectric losses

are also included in the simulation by including loss tangent of tan δ = 0.0019, as

indicated by the datasheet. The interconnect was also modeled in the simulation,

and thus the subarray efficiency includes the interconnect loss as well. The listing

also shows the mismatch losses associated with the measured subarray impedance

matching performance, and these values are a bit higher due to issues encountered in

handcrafting these multilayer boards. Possibly refabricating the design with auto-

mated multilayer processing (versus handmaking the antenna) will lead to improved

performance and improve the overall gain of the design at both frequencies. Despite

this issue, the estimated gain shows that we achieved the overall gain target with a

small margin, an important outcome for this project.

3.5 Summary

The CP Half E-shaped patch antenna has been extensively studied and character-

ized. Within this chapter it was revealed this novel design can achieve a wideband

CP performance beyond the typical performance observed in single-layer, single-feed
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CP patch antennas. The design uses a single probe and only requires a single layer,

moreover, it does not require any unreasonably small gaps. This makes it a useful

design candidate for high frequencies such as X-band, where it may be difficult to

realize other broadband techniques due to fabrication cost or errors. It also makes a

perfect design candidate for array applications, and two arrays were demonstrated

in this chapter. The first was at S-band (2.4 GHz) and the next was at X-band

(7-8 GHz). Both arrays exhibited a broadband performance.

In the last section, it was also revealed that the CP Half E-shaped patch antenna

could be configured to achieve a dual-band support for circular polarization. The

frequency ratio was moderate, having a value of 1.175. Achieving a design to support

two frequencies with this spacing is difficult because the frequency spacing falls in

a region that cannot be supported well by either current broadband techniques or

current dual-band techniques. In summary, the CP Half E-shaped patch proved

to be a design candidate with many diverse functionalities for future CP wireless

systems.
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CHAPTER 4

Wideband CP Antenna Arrays using Composite

Right/Left-Handed Transmission Lines

Bandwidth is an inherent issue for low-profile circularly polarized patch anten-

nas, especially in the context of single layer, single feed patch antennas. The same

is equally true for circularly-polarized (CP) patch antenna arrays, an important ap-

plication of patch antennas. Moderate to high gain CP antennas are widely used

in large-scale applications, such as GPS, Direct Broadcast Television, XM satellite

radio, and patch antennas/arrays are often the antenna of choice for designers in

the industry. Broadband satellite communications using dynamic spectrum access

in remote areas might also be an interesting future system concept [69, 70], as de-

picted in Fig. 4.1. Within each of these applications, CP antennas are often used

to overcome propagation aspects such as Faraday rotation and heavy precipitation.

CP can also help reduce multipath effects if narrowband channelling is used. In

any case, most future applications are likely to require broadband support from the

antennas, all the while providing good CP performance. In the array context, this is

not an easy task. The focus of this chapter will be to develop radically new concepts

in hope of realizing a low-profile design with wide bandwidths.

As discussed previously, any CP antenna must satisfy impedance matching re-

quirements while simultaneously providing a high quality circularity of the radiated

wave polarization [71]. For the patch antenna concepts described in Chs. 2-3, we

described the circularity by the axial ratio. Similarly for patch antenna arrays, the
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Figure 4.1: (a) Many applications make use of CP antennas, including GPS,
XM Satellite Radio, RFID, and Direct-Broadcast Satellite TV. (b) A new possi-
ble application using cognitive links where broadband CP antennas could enable
dynamic spectrum access (Adapted from [70]).

array circularity is described in terms of the axial ratio (AR), usually at the broad-

side direction normal to the array. The difficulty in obtaining low AR is in the

timing of the two polarizations created to form the CP wave. Even errors on the

order of tens of picoseconds can worsen the circularity dramatically at microwave

frequencies. For antenna arrays, the timings (or phase delays) for each polarization

are often determined by the feed network, which splits the input power among the

antenna elements and controls the magnitude and phase of all array input ports. A

typical 1-2 power dividing feed network is shown in Fig. 4.2, where power is split

equally to the two 50Ω loads. Moreover, the voltages have quadrature phase, i.e.

∠V −2 − ∠V −3 = −90◦. Feed networks similar to this are widely used to feed CP

antennas.

Wide bandwidth adds another dimension to the problem; changes in frequency

lead to changes in the electrical delays of the feed network. For example, the cir-

cuit in Fig. 4.2 only provides 90◦ at one frequency corresponding to the quarter-

wavelength. The phase difference changes quickly versus frequency, and 90◦ is no

longer maintained. These aspects point to the feed network as the dominant lim-
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Figure 4.2: Example of a 1-2 power dividing feed network for CP antennas. A
quarter-wavelength transmission line is used to create the 90◦ phase difference.

iting factor for bandwidth in CP patch antenna arrays. Recent developments in

metamaterials and composite right/left-handed transmission lines (CRLH-TL) have

revealed that many interesting phase delay characteristics can be achieved with

CRLH-TL [72], which, as we show later, could greatly benefit feed networks for CP

patch arrays. For CP applications, the most interesting capability of CRLH-TLs is

their ability to achieve a constant phase delay over a wide bandwidth by manipulat-

ing their dispersion features. Thus, CRLH transmission lines have strong potential

to improve feed networks for creating circular polarization in array antennas.

In this chapter, we investigate the application of CRLH-TL feed networks in CP

arrays to improve bandwidth capabilities, as illustrated in Figure 4.3. The previous

Chs. 2-3 focused on the improvements for single elements. The difference in this

chapter is that CP patch arrays are the focus. The techniques used in Chs. 2-3

can also be used in CP arrays, but only a maximum bandwidth of 15% may be ob-

served (based on our experience and previous literature). In CP arrays, substantial

improvements have yet to be made, and there are many opportunities to shift the

creativity towards the feed network. This CRLH feed network, however, is not the

only novelty brought forth in this chapter. Rather, it is the unique combination

of three interesting concepts that bring about a wideband design. The novelties

in this work are embodied in these three main components: (a) the application of
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Figure 4.3: Implementation of CRLH in CP arrays can provide significant band-
width improvement over the current state-of-the-art.

CRLH transmission lines to realize wideband feed networks; (b) the use of circularly-

polarized elements to reduce sensitivity to phase errors and improve S11 bandwidth;

and (c) the incorporation of capacitive compensation to achieve wideband single-

feed, single-layer patch elements. Since CRLH transmission lines are the main heart

of this story, this chapter starts with discussing the concept of a CRLH transmission

line (TL) and shows how to exploit their phase characteristics to achieve a constant

phase shift network for CP applications in Section 4.1. Section 4.2 begins with a

discussion on possible array configurations to realize CP arrays. The chosen array

configuration is discussed, along with our choice of element. In Section 4.4, a novel

wideband CRLH feed network is developed and its phase and amplitude imbalances

characterized. Section 4.5 discusses the integration of the feed network with the

antenna array. Our prototype demonstrated 60% AR-S11 bandwidth, coming close
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Figure 4.4: The proposed CP array antenna concept can be used as a standalone
antenna or as a high-performance subarray tile in a bigger array.

to an octave bandwidth. The high performance 2 × 2 design can be utilized as a

standalone 2×2 CP array or can even be further implemented as a subarray tile for

high-gain CP arrays, as depicted in Figure 4.4.

4.1 Composite Right/Left-Handed Feed Network Design

For CP applications, maintaining the correct element phase excitation is the most

important feature. More specifically, maintaining the correct relative phase excita-

tion is critical. The relative phase describes the phase difference with reference to

another phase value (of an element). This is an important distinction to be made

because it remains very difficult (if not impossible) to maintain a constant phase

over a broad range of frequencies. Maintaining a constant phase difference is not

impossible, as is shown within this chapter. The difference between a theoretical

constant phase response versus a constant phase difference is graphically depicted

in Fig. 4.5. In Fig. 4.5a, a constant phase value for ∠Sa,31 and ∠Sa,21 is maintained

within the frequency band between f1 and f2. In Fig. 4.5b, a non-constant phase
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Figure 4.5: (a) Depiction of a theoretically constant phase circuit. (b) Depiction
of a constant phase difference circuit.

for both ∠Sb,31 and ∠Sb,21 can be observed for all frequencies. The phase difference

∆φb = ∠Sb,31 − ∠Sb,21, however, maintains a constant value between frequencies f1

and f2. For antenna arrays, the relative excitations of each element determine the

radiation pattern. Only the phase difference relative to a reference element matter,

not the absolute value of each element phase. Notice that ∆φa = ∠Sa,31 −∠Sa,21 is

also maintained from f1 to f2. An antenna array (whose elements are connected to

ports 2 and 3 for instance) does not perform any better with the circuit in Fig. 4.5a

versus the circuit in Fig. 4.5b.

Such a non-constant phase depicted in Fig. 4.5b is often described as dispersion,

where each frequency is delayed by a different amount, implying that signal distor-

tion would occur at the output. Composite right/left-handed (CRLH) transmission

lines (TL) are designed to have this dispersion with an important purpose. While

dispersion is often seen as a negative effect, composite right/left-handed transmis-

sion lines offer an interesting opportunity to engineer the dispersion to achieve many

interesting effects previously thought to be theoretical fantasies. Some such effects
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Figure 4.6: (a) CRLH quadrature divider block-diagram concept. (b) Graphical
depiction of the phase response of each output from the CRLH quadrature divider.

include negative refractive index, reversal of Snell’s law, and reversal of conver-

gence/divergence effects in lenses [72]. By engineering these lines, it is shown that

a nearly-constant phase difference can be achieved over a wide bandwidth. This is

demonstrated with the design of a CRLH quadrature divider depicted in Fig. 4.6,

where an input is split between a RH-TL and a CRLH-TL branch. This divider

provides equal power division with 90◦ phase difference between the two outputs.

As illustrated in the plot of Fig. 4.6b, one can manipulate the phase delay of the

CRLH-TL in order to realize a nearly constant phase delay versus frequency. The

CRLH-TL is constant with respect to the RH-TL phase, i.e. both the RH-TL and

CRLH-TL exhibit nearly parallel phase curves separated by ∆φ = 90◦, enabling CP

over a wide bandwidth. With the concepts now explained, all that remains is the

implementation of the CRLH-TL feed network and its power dividing scheme. In

the subsections that follow, the operation of CRLH-TL is described and this CRLH

quadrature divider is designed.

4.1.1 Composite Right/Left-Handed Transmission Lines

At microwave frequencies, right-handed transmission lines (RH-TLs) are every-

where. Wires and microstrip lines no longer act as simple connections but rather

have reactances for each unit length that are not negligible. The classic unit-cell
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approximation of a RH-TL is illustrated in Figure 4.7a, where a RH-TL of length `

would generate a phase delay given by ∆φ = −β` = −2πf`
√
L′RC

′
R. Left-handed

transmission lines (LH-TLs) form the complement of RH-TLs, where the unit cell

in Figure 4.7b is made up of a series capacitance and shunt inductance. Interesting

phase characteristics can be obtained from such a hypothetical structure, where the

phase change is given by ∆φ = −β` = `/(2πf
√
L′LC

′
L). The phase characteris-

tics for RH-TLs and LH-TLs imply parallel and antiparallel phase velocities and

group velocities, respectively. In essence, waves travelling in RH-TLs have both

phase and group velocities traveling in the same direction. In contrast, LH-TLs ex-

hibit phase reversal, where phase velocity travels in the opposite direction as group

velocity. This result has many intriguing properties that have sparked significant

interest in the development of left-handed transmission lines and meta-materials.

However, to this day a purely homogeneous left-handed transmission line has not

been realized. Previous attempts displayed signatures of both right and left-handed

properties, spawning the concept of a composite right/left-handed transmission line

(CRLH-TL) whose unit cell is shown in Figure 4.7c.

CRLH-TLs have more degrees of freedom to adjust the phase characteristics of

a given line. Both the left-handed portion and the right-handed portion can be

controlled indepedently to engineer non-linear phase slopes (dispersive transmission

lines) to produce a desired phase response. For the CP application, it is better

suited to design the CRLH-TL in a balanced fashion, i.e. setting L′RC
′
L = L′LC

′
R

to maintain a constant characteristic impedance versus frequency and to avoid any

stopbands [73]. The choice of L′R and C ′R is often dictated by the choice of Z0 (usually

50Ω) and phase velocity vp (defined by the substrate parameters for microstrip

lines). Ensuring a balanced line thus constrains the choice of L′L and C ′L. With

these considerations in mind, the only parameters left to tune are the lengths of

the RH-TL and LH-TL portions of the line, respectively. Since lumped elements
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Figure 4.7: Infinitesimal unit cell circuit model of a (a) right-handed trans-
mission line, (b) left-handed transmission line, and (c) composite right/left-
handed transmission line. The circuit parameters are defined by LR = L′R∆z,
CR = C ′R∆z, CL = C ′L/∆z, and LL = L′L/∆z. (d) Representative dispersion
diagrams for RH-TLs, LH-TLs, and CRLH-TLs.

LL and CL will be used to realize the LH-TL portion of line, changing the length

of the LH-TL is accomplished by decreasing both LL and CL in tandem. Another

consideration is the cutoff frequencies of the lumped element implementation. Only

the LH portion is implemented via lumped elements, and thus only the high-pass

cutoff frequency applies to our case, given by

fLHc =
1

4π
√
LLCL

(4.1)

Thus CL and LL cannot be decreased indefinitely. To balance the desired phase

response and cutoff frequencies, one can also use multiple unit-cells to effectively

create longer LH-TLs.
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Figure 4.8: (a) 90◦ constant-phase power-dividing network with lumped element
implementations of the CRLH-TL having C = 3.6 pF and L = 4.5 nH. (b) ADS
simulation of ideal circuit model shown in part (a).

4.1.2 CRLH Quadrature Divider Providing Wideband 90◦ Phase Dif-

ferences

The basic 90◦ divider is shown in Figure 4.8a, where a Wilkinson power divider

is followed by the CRLH-TL and RH-TL branches. We implement the LH-TL

portion of the CRLH using one T-model unit cell for symmetry and better impedance

matching [72]. Using the same strategy discussed by [74], we found that C = 3.6 pF,

L = 4.5 nH, `2 = λg/8, and `1 = λg/4 gave good performance when using 1.8 and

3.0 GHz as the two design frequencies. Note that 2.4 GHz still remains the center

frequency, but we chose these values as input to the design algorithm to provide a

wide bandwidth.

Using the circuit parameters, the ideal circuit performance was simulated in ADS

and is plotted in Figure 4.8b. A phase difference of 90◦ was desired between ports 2

and 3, and 90◦ ± 3◦ relative phase was observed over a 50% bandwidth. This is an

incredibly wide bandwidth with high phase accuracy. Amplitude imbalances were

less than 0.2 dB between ports 2 and 3, which implies that nearly equal magnitude,
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Figure 4.9: (a) The CRLH quadrature divider prototype. (b) S-parameter
measurement results.

quadrature phase operation was achieved over a 50% bandwidth. The impedance

matching (S11) performance was also quite good over the same bandwidth.

To demonstrate the 90◦ CRLH power divider, a prototype was fabricated, which

comes with several challenges. Lumped components often exhibit their own right-

handed effects and parasitics (non-idealities), changing the phase characteristics

of the divider. To finally realize a working design with 90◦ phase difference, one

must account for these non-idealities by making adjustments in the design. We

characterized these lumped components through a direct measurement of the unit

cell. We measured the S-parameters of the T-network by calibrating a network

analyzer with a custom thru-return-line (TRL) microstrip calibration. We then

measured a prototype of the CRLH unit cell placed within an identical microstrip

line of the same length as the line in the calibration. With this procedure, we

accurately characterized the unit cell and adjusted the lengths `1 and `2 to achieve

the desired characteristics. We fabricated the 90◦ power divider with these adjusted

lengths, as shown in Figure 4.9a. The S-parameters were measured, and the most

important results are shown in Figure 4.9b. The phase was slightly decreased due
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to differences in the models, but the resulting suffered phase errors were less than

4◦. The amplitudes were also well-balanced with the worst case being 0.35 dB. The

overall device efficiency can be found by

η =
Pinc − Ploss

Pinc
= |S11|2 + |S21|2 + |S31|2 (4.2)

which was above 96% (-0.2 dB) over the measured bandwidth.

4.2 CP Array Design

At this stage of the chapter, it has been shown how CRLH transmission lines can

be incorporated into a 1-2 power divider and provide quadrature phase. Such a

power divider can be directly integrated with a two-input patch antenna (whose

two inputs control two perpendicular polarizations) for wide bandwidth. The focus

of this chapter, however, is on the development of a small 2 × 2 array capable of

generating high-quality CP performance over a wide bandwidth. There are many

approaches to accomplish this task, and we begin this section by discussing our

array approach in the context of contemporary antenna approaches. A description

on the specifics of the array geometry are then provided.

4.2.1 Current Trends in CP Arrays

Three popular approaches towards realizing CP patch antenna arrays include single-

feed CP element arrays, multi-feed CP element arrays, and sequentially-rotated-

element arrays, as depicted in Fig. 4.10. Among these, we chose to work with

sequentially-rotated-element arrays because they have demonstrated wider array

bandwidth capabilities. Single-feed CP element arrays and multi-feed CP element

arrays tend to fall short when wider bandwidths are needed. Single-feed CP patch

antennas suffer from narrow bandwidths because the electrical delays of each polar-
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Figure 4.10: (a) Single-feed CP element array. (b) Multi-feed CP element
array. (c) Sequentially-rotated-element array with 90◦ rotations and phase delays.
The excitation phase is shown. Our work focuses on sequentially-rotated-element
arrays due to their wideband capabilities.

ization are created by degenerate modes within the patch. The equal magnitude,

quadrature phase excitation of the modes quickly degrades versus frequency, and

element CP bandwidths typically fall below 15% [29,35,75].

Multi-feed element arrays and sequentially-rotated-element arrays share fairly

similar AR-S11 bandwidth limitations and problems. Multi-feed CP element arrays

usually consist of elements with two input feeds that control two perpendicular po-

larizations. Exciting the inputs equally in magnitude with quadrature phase results

in satisfactory CP radiation. Creating such an excitation over a wide bandwidth is

the key to success in these arrays, but isolation can become an issue in multi-feed

CP elements. In contrast, sequentially-rotated-element CP arrays often make use of

single-feed patch elements. These arrays are typically formed by consecutively rotat-

ing each antenna element along with a similar consecutive electrical delay. For the

popular circularly-symmetric 2×2 array, each element is rotated by 90◦ and delayed

by 90◦. The increased isolation between each element of sequentially-rotated-element

arrays provide a convenient design approach by enabling direct control of each po-
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Figure 4.11: Examples of sequentially-rotated-element arrays generating circu-
lar polarization. These designs highlight their design: physical rotations accompa-
nied by corresponding phase shifts. (a) 2×1 array with 90◦ rotation. (b) 3 element
array with 120◦ rotations. (c) 2× 2 array with 45◦ rotations.

larization’s magnitude and phase. Similar to the multi-feed CP element arrays, the

feed network must be wideband in order to sustain good CP performance over a wide

bandwidth. Previous designs using quarter-wavelength (λg/4) lines or quadrature

hybrids have demonstrated AR-S11 bandwidth capabilities up to 25% [76–79].

4.2.2 Sequentially-Rotated-Element Array Geometry

The exciting features of sequentially-rotated-element arrays have been discussed

since the early 1980’s, when engineers began to resort to sequential-rotation to sup-

port wide bandwidths. The basic idea is to physically rotate identical elements along

with an appropriate phase delay to achieve circular polarization, as illustrated in

Figure 4.11. Circularly-polarized rotated-element arrays began to make their first

appearances in the conference papers by [80] and [81], although the focus was on

removing cross-polarization. It was not until the papers by [82] and [83] were pre-

sented that researchers realized that sequentially-rotated-element arrays could also

provide wide AR-S11 bandwidths. Their pioneering work spurred many in-depth
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investigations into their operation, proper design, and limitations [84–86]. Oth-

ers have even incorporated the rotated-element array concept to linearly-polarized

arrays for lower cross-polarization [87]. In this section, we will discuss our array

geometry, considerations for element polarization, and choice of wideband element.

The most basic and immediately recognizable form of a sequentially-rotated-

element array is two elements with 90◦ rotations having 90◦ relative excitation, as

seen in Fig. 4.11a. While this array remains fairly compact, its lack of symmetry

manifests in asymmetrical co-polarization and cross-polarization radiation patterns.

These asymmetries come in the form of beam tilts and high cross-polar sidelobes. A

natural extension of such an array is a 2× 2 array with elements having progressive

rotations and phase shifts of 90◦. In theory, the 2 × 2 array appears identical at

φ = 0◦, 90◦, 180◦, 270◦ and reduces many problematic radiation pattern features

observed in the isolated element. Even though the elements may be elliptically

polarized, one can show mathematically that rotated arrays will produce circular

polarization with the proper phasing [85]. Other array configurations can be con-

sidered, and ultimately we chose this 4-element 0◦–90◦–180◦–270◦ configuration, as

seen in Figure 4.12, because it is straightforward to implement as a subarray in

larger arrays [77, 78,88,89].

Element spacing remains the last design parameter to be deliberated. The center-

to-center spacing d is illustrated in Figure 4.12, and the usual element spacing

tradeoffs also occur with sequentially-rotated-element arrays. Smaller spacings re-

sult in greater coupling between the elements, which usually worsen radiation and

impedance matching performance. Larger element spacing can lower the directivity

through the appearance of grating lobes. Another consideration in choosing d for

sequential arrays is their AR beamwidths, which is the angular region in which the

AR remains less than a certain specification. Larger spacing can shrink the AR

beamwidth due to faster variations in the factor kd sin θ, where k is the wavenum-
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Figure 4.12: The proposed 2×2 sequentially-rotated-element array for wideband
CP performance.

ber and d is the distance between elements. Our choice of d = 0.55λ0 (free-space

wavelengths) for the element spacing comes as a tradeoff between mutual coupling,

grating lobes, and wide AR beamwidths. Typical patch antenna elements have over-

all sizes less than λ0/2, and this should be able to support most patch elements. Note

that our design has the main-beam pointed towards broadside, and beam steering

in larger arrays could be accommodated with appropriately placed phase shifters

at the subarrays. Our choice of design frequency was arbitrary, and for fabrication

purposes a center frequency of fc = 2.4 GHz was chosen.

4.3 Element Design and Bandwidth Consideration

Choosing the right element for an array is a serious task, and a clear understanding

of the needs for the array system can lead to a good choice of element. An impor-

tant consideration is the impedance matching performance of the element. Another

aspect is the polarization of the element. As discussed in the previous chapter, a
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sequentially-rotated-element array will always produce circular polarization given

the correct magnitude and phase excitations of the elements.1This observation then

leads to an important question: what is the best element polarization? This section

discusses the details and shows that CP elements are are strong candidates for this

endeavor. With this result, we propose an element with a good balance between

fabrication simplicity and bandwidth. In fact, it is nearly the exact CP element

discussed in Ch. 2.

4.3.1 Choosing the Element Polarization

The element polarization can have many interesting effects on array performance.

In the past, it has been well documented that sequentially-rotated-element arrays

with EP or even CP elements can provide a wider AR-S11 bandwidth than one

with linearly-polarized (LP) elements. For arrays with non-isolating power dividers,

the explanation is that EP and CP elements can achieve a wider S11 bandwidth

due to having two modes excited [85]. Better element S11 performance implies

less reflection that couples over to adjacent antennas to create CP of the opposite

sense. Using CP or EP elements also aids in reducing cross-polarization sidelobes

in the diagonal planes of the arrays. The cross-polarization sidelobes observed in

sequentially-rotated-element arrays with LP elements can lead to a 3 dB drop in

directivity [84]. However, these are not the only justifications for using CP or EP

elements.

Our investigations also observed another important phenomenon: phase errors

have less impact when creating CP from two perpendicular CP or EP waves. When

generating CP from two perpendicular LP waves, the timing must be very precise

1This statement excludes the one case where the elements are CP but have the opposite sense
than the intention of the array. For instance, a sequentially-rotated-element array might have
element orientations and phase to provide RHCP. The elements in this case should not be LHCP;
the result is zero radiation in the broadside direction. Technically, the polarization is undefined
for the zero-field case, but it is important to bring this distinction.
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Figure 4.13: Creating CP using two perpendicular waves with polarization ρ̂1

and ρ̂2. These two waves can be LP, EP, or CP.

(within 90◦ ± 20◦) in order to maintain an AR ≤ 3 dB. This is not the case for

two perpendicular EP or CP waves. By perpendicular, we are implying that the

polarization vectors are related by the rotation matrix

ρ̂2 = Rρ̂1 =

 0 ±1

∓1 0

 ρ̂1 (4.3)

where ρ̂1,2 are the polarization unit vectors for each wave being combined to create

circular polarization. The idea of being perpendicular implies that another identi-

cal source is literally rotated by 90◦. The rotation operation does not change the

polarization sense, as expected with a physical rotation.

These claims can be substantiated by considering several cases where two per-

pendicular polarizations are being combined to create CP waves. In each case, we
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assume that the two waves have polarization ρ̂1 = ax̂+ jbŷ and ρ̂2 = −jbx̂+ aŷ. It

can be verified that these vectors satisfy equation (4.3). We can consider the case

where a and b are real and a, b ≥ 0, implying that the polarization ellipse lies along

the x and y axes. We also assume that the magnitudes of the two waves are equal.

The two waves are ultimately combined with a relative phase of ψ = 90◦+ ∆ψ, viz.

ρ̂t =
ρ̂1 + jej∆ψρ̂2

‖ρ̂1 + jej∆ψρ̂2‖
(4.4)

where ρ̂t is the polarization vector of the total combined fields and the ∆ψ represents

the phase error. This ρ̂t vector can represent the broadside polarization of the

sequentially-rotated-element array being considered, where the goal is to achieve a

good AR for this vector ρ̂t. As adapted from [90], the AR of ρ̂t can be computed by

ARt =

√
|ρ̂t · x̂|2 + |ρ̂t · ŷ|2 +

√
|ρ̂t · x̂|4 + |ρ̂t · ŷ|4 − 2|ρ̂t · x̂|2|ρ̂t · ŷ|2 cos(2ξxy)

|ρ̂t · x̂|2 + |ρ̂t · ŷ|2 −
√
|ρ̂t · x̂|4 + |ρ̂t · ŷ|4 − 2|ρ̂t · x̂|2|ρ̂t · ŷ|2 cos(2ξxy)

(4.5)

where ξxy = ∠ (ρ̂t · ŷ)− ∠ (ρ̂t · x̂). Simplification of equation (4.5) leads to

ARt =
(1 + AR2

e + 2ARe cos(∆ψ)) + (AR2
e − 1)| sin(∆ψ)|

2ARe + (1 + AR2
e) cos(∆ψ)

(4.6)

where ARe = a/b is the axial ratio of the element as given by the original polarization

vectors ρ̂1 and ρ̂2, as illustrated in Figure 4.13. Note that we assume ARe ≥ 1

and −90◦ ≤ ∆ψ ≤ 90◦. For small phase errors, we can gain further insights by

approximating cos(∆ψ) ≈ 1 and sin(∆ψ) ≈ ∆ψ to find

ARt ≈ 1 +
ARe − 1

ARe + 1
|∆ψ| (4.7)

Equation (4.7) makes it clear that lower element AR decreases the slope, i.e. lower

element AR decreases the total overall sensitivity to phase errors. For arrays im-
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Figure 4.14: Total axial ratio ARt for ρ̂t for different element axial ratios ARe
and assuming RH-TL phase errors ∆φ(f) = 90◦(f/f0 − 1).

plementing isolated power dividers, this observation further justifies the use of CP

or EP elements to realize wideband AR bandwidths. Similar observations can be

made for non-broadside angles, but one must take the element’s non-broadside AR

and element spacing into consideration.

A practical example with transmission lines may better serve to illustrate this

result. If right-handed TEM transmission lines (RH-TLs) are used to implement

the phase delays, the phase error versus frequency is well known as

∆ψ(f) = 90◦
(
f

f0

− 1

)
(4.8)

where f0 is the design frequency for the delay lines. Figure 4.14 plots the total ARt

versus relative frequency for several different scenarios for element ARe. For the

linearly-polarized case, an ARt ≤ 3 dB bandwidth of roughly 43% can be observed.

This bandwidth limit is applicable to all sequentially-rotated-element arrays with
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LP elements using RH-TLs as the delay mechanism. Achieving this bandwidth

with LP elements has not been observed thus far in literature, likely because other

effects besides feed network phase errors further constrained the bandwidth. The

conclusion from the results is that the bandwidths for EP and CP elements are much

larger, and bandwidth would likely be limited by S11 before reaching the limits found

in the cases shown. Overall, the conclusion and observations are physically intuitive.

When two perpendicular waves are nearly circularly polarized, it is easier to combine

the two waves into a purely CP wave. It is also important to remember that ARe

typically changes with frequency, which implies that bandwidth will likely be further

constrained.

4.3.2 The Truncated Corner Patch Element with Annular Gap

Based on the previous discussion, a circularly-polarized element was chosen to cre-

ate the sequentially-rotated-element array. Among the various designs present in

the literature, the modified form of the truncated-corner patch antenna (TCPA)

described in Ch. 2 has been shown to achieve wide AR-S11 bandwidths. To sum-

marize, the modified design presented in [35] revealed that an annular gap could

be placed around the probe location to capacitively cancel the inductive probe re-

actance, as illustrated in Figure 4.15. The wide S11 bandwidth comes from the

excitation of two modes whose resonant frequencies are shifted from the intended

design frequency in order to create CP from a single input, as described in detail

in Ch. 2. By shifting the resonances, the voltages across each RLC circuit can be

adjusted to achieve equal magnitude and phase quadrature. The capacitive com-

pensation and the probe inductance are also included in this model. In shifting the

resonant frequencies of the two modes to obtain CP, one actually obtains a wider

impedance matching bandwidth in comparison to a single resonance typical of LP

patch antennas.
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Figure 4.15: (a) The modified truncated-corner patch antenna (TCPA) with an
annular gap. (b) Side view of the modified TCPA design.
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Figure 4.16: Measured S11 and broadside AR for h = 10mm, L = 49mm,
a = 14mm, df = 11mm, dg = 0.5mm, rp = 1.8mm.

Thus, the modified TCPA design with an annular gap accomplishes two goals

for the element design. It achieves CP, and it also achieves a wide S11 ≤ −10dB

bandwidth. We use the same design with h = 10mm (0.08λ at 2.4 GHz) as shown

in [35], which achieved an impedance matching bandwidth of 37% from 2.07–3 GHz

and an AR bandwidth of 4.9% from 2.35–2.47 GHz. The thick foam substrate

effectively lowers the quality factor (Q) of the modes and widens the bandwidth.
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The measured element radiation patterns had good characteristics with some slight

beam squints due to higher order mode radiation. The reasonably compact size of

L = 49mm = 0.4λ0 also fit nicely into the chosen array element spacing.

4.4 Feed Network for the Sequentially-Rotated-Element Ar-
ray

The feed network must split the input power equally to four ports with phases of

0◦, 90◦, 180◦, and 270◦ over a wide bandwidth. Since the desired phase shifts are

multiples of 90◦, we can reuse the 90◦ CRLH phase shifting divider developed in

Section 4.1.2. Multiple copies of the 90◦ phase shifter placed in series can then

realize any multiple of 90◦.

With the 90◦ power divider fully designed, the CRLH power divider concept can

be extended further to a 1-to-4 power divider with 0◦, 90◦, 180◦, and 270◦ phase

output. Figure 4.17 depicts the circuit that provides this phase capability to feed

the 2 × 2 sequentially-rotated-element array. The 1-to-4 power divider uses the

90◦ CRLH power divider as a building block to create the four phase delays. The

last two power dividers on the right side of the circuit are identical to the CRLH

divider in Figure 4.8a. Wilkinson power dividers are used throughout the structure

in order to remove phase errors caused by reflections. The first power divider on

the left provides a 180◦ phase delay by using two unit cells of CRLH line along

with double the length of RH-TL, i.e. 2`1. This design minimizes the number of

required lumped components and can be implemented in a fairly compact manner.

The circuit was simulated in ADS using ideal components, and very good phase

and amplitude characteristics were observed. For the relative phase delay, the worst

case can be seen for the n = 1 curve, where ≤ ±5◦ phase errors were observed.

The worst-case amplitude imbalances were less than 0.25 dB, and the impedance

matching performance is good with S55 ≤ −13 dB over 50% bandwidth.
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Figure 4.17: Full power divider circuit to feed the 2 × 2 sequentially-rotated-
element array using the 90◦ divider in Figure 4.8a as a main building block (`1
and `2 are same as in Figure 4.8a).
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Figure 4.18: ADS simulation results predicting an overall wideband response
with nearly constant phase delay.
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4.5 Array Integration and Measurements

The antenna array and feed network have been independently investigated, designed,

and measured. To finally realize a fully functional wideband circularly-polarized

patch antenna array, the two components must be integrated into one system. Our

approach placed the microstrip feed network behind the array, where both the an-

tenna layer and feed network layer shared the same ground plane. Fig. 4.19a shows

the top layer of the fabricated prototype, where the modified TCPA elements and

their excitation phase can be seen. The layer stack-up is depicted in Figure 4.19c.

As discussed previously, a foam layer was used to enable wide bandwidths in the

elements, and the top Duroid layer facilitates chemical etching for high-precision

fabrication. The 1-to-4 feed network in Figure 4.19b was fabricated on a 31mil

Duroid substrate with probes connecting the network to the antennas.

Overall, the resulting wideband antenna performance is very exciting. We mea-

sured the sequentially-rotated-element array’s impedance matching and radiation

performance using network analyzers and the UCLA Spherical Near-Field cham-

ber, respectively. The measurement results are highlighted in Figure 4.20. From

Figure 4.20, one can observe an AR-S11 bandwidth of 60%, nearly an octave band-

width. The most important highlight of this design is the AR bandwidth. Achieving

such wideband performance with good polarization purity is very difficult. The S11

bandwidth is further improved by two contributions: feed network cancellation and

Wilkinson power dividers. In [85], it was shown that reflections become notably re-

duced for sequentially-rotated-element arrays. The reflected power undergoes double

the phase delay and cancel at the combiner. The Wilkinson power dividers can also

absorb a portion of the element reflections, resulting in better S11 but possibly lower

efficiency. For improved efficiency, higher-complexity CP patch antenna elements

with wider S11 bandwidths can be sought.
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Figure 4.19: (a) Top view of the fabricated sequentially-rotated-element array
prototype. (b) Bottom view shows the CRLH-TL feed network and its imple-
mentation. (c) Side view of array system describing the layer stackup. The feed
network and antenna layers are depicted.

The design polarization was LHCP, and the LHCP directivity is also plotted

in Fig. 4.20. At the lower frequencies, the directivity (in dB) appears to increase

with frequency almost linearly, as expected based on the increase in electrical array

area. However, at 2.55 GHz the directivity begins to decrease. Deeper investigations

reveal that cross-polar sidelobe levels become increasingly high along the diagonal
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Figure 4.20: Measured antenna array performance in broadside AR, impedance
matching, and directivity.

planes. The explanation lies in the change of element AR versus frequency. The

elements become quasi-LP (AR≥10 dB) for frequencies far from 2.4 GHz, giving rise

to the high cross-polar sidelobes noted in [84]. Improving the element AR bandwidth

(which is only 5% in this configuration) is a direct remedy to this problem. Inserting

two-probe or four-probe CP elements into the sequentially-rotated-element array

could improve element AR bandwidth and decrease cross-polar sidelobes, with the

cost of higher element design complexity.

The radiation patterns also exhibit good properties across the entire AR-S11

band (1.7-3.2 GHz), and patterns are shown in Fig. 4.21 for many representative

frequencies. The precision in the excitation phases from the CRLH feed network also

lead to highly symmetric patterns. In general, phase imbalances can lead to beam

squints for sequentially-rotated-element arrays. Only slight squints were observed at

the upper frequencies of the band. We also plot the radiation patterns for φ = 45◦

near the upper and lower frequencies of the bands in Fig. 4.22. These plots confirm
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Figure 4.21: Measured antenna array radiation patterns for (a) 1.8 GHz,
(b) 2.2 GHz, (c) 2.6 GHz, and (d) 3.0 GHz.
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Figure 4.22: Measured antenna array radiation patterns for φ = 45◦ at
(a) 2.2 GHz and (b) 3.0 GHz.
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our observations made in the previous paragraph, where the directivity becomes

lower due to the higher cross-polar sidelobes.

Depending on application requirements, the bandwidth may be constrained fur-

ther by other parameters of interest. For many defense and navigation applications,

an AR less than 1 dB is desirable. This design is also able to achieve nearly 40%

AR ≤ 1 dB and S11 ≤ −10 dB.

4.6 Concluding Remarks

Development of high performance, wideband CP systems remains an important

challenge for antenna engineers. Many applications require circular polarization

to remove the need for polarization alignment. This work presented a wideband

sequentially-rotated-element array with three essential innovations. We combined

the exotic phase characteristics of CRLH-TL, the reduced phase error sensitivity

of CP elements, and the wide bandwidth enabled by capacitive compensation to

develop a CP antenna array with nearly an octave bandwidth (≈60%). Previous

designs using typical phase delay techniques have only shown bandwidths on the

order of 25%. Our measured prototype demonstrated high-quality CP performance

with good radiation patterns and directivity. Achieving such performance over wide

bandwidths is difficult to realize with other techniques.
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Part II

Antennas for Software and

Cognitive Radios
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CHAPTER 5

Software and Cognitive Radios from an

Antenna Perspective

The technological advancements being made over the last 40-50 years have led to

a whole new school of thought for wireless systems. The original thinking for wireless

communications was to develop high-performance, high data rate communications

between two radios, where the frequency, bandwidth, data rate, modulation scheme,

among other aspects would be set during a system conceptualization. With all of the

developments in digital signal processing technology, processors, direct-conversion

receivers, RF switch technology, analog-to-digital conversion, multi-access protocols,

etc, researchers began to rethink the thought process for wireless radio design [91].

With the advent of digital technology and communications in the late 20th century,

much of the heavy signal processing was being moved to the digital side. Since digital

signal processing is often written in software, not hardware, one could potentially

change different aspects of communication on-the-fly. As a naive example, suppose

one could switch the modulation scheme from BPSK to QAM-16 for a significant

throughput boost if the channel conditions were suitable for such a change. While

this switch in modulation could still be accommodated by hardware, making changes

to the completed communication link design become cumbersome. For instance, one

client might want to change between BPSK and QPSK, while another wanted to

switch between QAM-16 and GMSK. Accommodating each client requires a redesign

of the hardware, costing more money and time. Along this same line of thought,
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incorporating multiple options in hardware has very poor scalability, especially as

the number of supported features increases.

The convergence of all these advanced research areas has led to the idea of

software-defined wireless systems, where different radio functions could be pro-

grammed at will. Like writing and compiling a new computer program, radio system

engineers could “program” the radio to customize the tasks that it must perform to

communicate. Radio system flexibility also enables designers to add features as new

techniques are discovered. New wireless standards are being produced at a rapid

pace, and integrating these standards is a painstaking problem that is forcing de-

velopers to come up with systems that can accommodate new developments in the

future. Technologies falling under this umbrella are often called software-defined or

software radios. Both of these terms actually have different definitions, as will be

clarified in a later section. For now, we will refer to them as software radios.

The ability for radios to reconfigure dynamically has further implications. If

the software can be reconfigured remotely, then why not also give it some level of

cognition. In other words, the radio could be provided with metrics to measure its

performance in a given state. Even further, the radio could search for new conditions

that might provide better system performance. This has led to the idea of a cognitive

radio, which can monitor many radio aspects, including new spectrum opportunities

or jammers. One could go further than simply cognition; adding intelligence would

produce a completely autonomous radio [92]. These intelligent radios would not

only monitor their performance and switch to another state, they would create new

states and improve the ways it adapts and/or monitors. This, of course, moves into

a whole other arena of research in machine learning and is well-beyond the scope of

this work. Nevertheless, these concepts are very exciting.

The concepts of a software radio, i.e. software-defined wireless system; cognitive

radio; and intelligent radio are interrelated, as illustrated by the Venn diagram
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Figure 5.1: Venn diagram describing the relationship between software radios,
cognitive radios, and intelligent radios [93].

in Fig. 5.1. Each concept is a subset of the one preceding it. Intelligent radios

are a special class of cognitive radios, whereby cognition must be present to make

an intelligent decision. Not only this, intelligent radios must be able to adapt

by changing their parameters, implying that they are a small subset of software

radios. Along the same line of thinking, cognitive radios are a subset of software

radios, which switch between different radio functionalities to optimize the radio

performance. The switching/adaptation is only accomplished if reconfigurability

is incorporated into the system, which describes a software radio. This hierarchy

is important to keep in mind, because solving problems for the larger group, e.g.

software radios, also can solve similar problems for the subsets, e.g. cognitive radios.

This chapter begins Part II, another tangential part of this work directed towards

solving the current problems for software and cognitive radios. This particular chap-

ter describes the salient points pertinent to antenna and RF engineers. First, the

discussion focuses on software radios and the important details that concern antenna

engineers. Following that discussion, the next section in the chapter focuses on cog-

nitive radios and their various embodiments. Within this context, the necessary

antenna requirements for such cognitive systems are brought to light. The chapter

then points out some important subtleties of antennas and their operation that may
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become important for cognitive and software radios. The chapter concludes with a

big-picture outline describing our contributions and impacts on this arena.

5.1 Software and Software-Defined Radios

As previously described, many wireless applications today involve a multitude of

protocols in which different system functionalities and characteristics must be fa-

cilitated. The growth and complexity of user’s needs, e.g. data streaming, video

communications, voice calls, and emergency broadcasts, has driven engineers to seek

flexible design solutions that can be tailored quickly and easily to the application.

Out of these demands has risen a new technological advancement popularly known

as Software Defined Radio (SDR). The ability to quickly configure your device be-

fore delivery or even in the field further incentivizes the development of SDR, where

significant money can be saved. Some of the first major discussions of software

radios came about in the late 80’s and early 90’s [91, 94–96], and major research

thrusts in the communications and circuits arena began in the 2000’s [97–110]. In

the early 2000’s, the Federal Communications Commission (FCC) began consid-

ering policy changes that would reshape how devices access spectrum. The US,

through its Defense Advanced Research Projects Agency (DARPA), also initiated

the Next-Generation (XG) Program, with focus on addressing the problems of spec-

trum scarcity and deployment difficulty. Only recently have antenna and RF en-

gineers started getting excited about the prospects that software radios have to

offer [111–115].

Differing definitions of SDR exist in the literature, but perhaps the most succinct

comes from the Wireless Innovation Forum in collaboration with the DySPAN-SC

(IEEE P1900.1) Working Group, which defines SDR as [116]

Software Defined Radio: a type of radio in which some or all of the physical

layer functions are software defined
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Specifically, SDR implies a level of adaptability within the physical layer in contrast

to the traditional hardware radios, where any changes to the radio functionality

require a physical intervention. Within the SDR community, being software defined

implies “the use of software processing within the radio system or device to imple-

ment operating (but not control) functions” [116]. With regards to this definition,

the portion of the communication system which classify the radio as software-defined

primarily point towards any aspect controlling the waveform, such as modulation

scheme, pulse shaping, bandwidth, power level, and so forth. The key word in this

definition of software defined is implement, moreover, “implement operating func-

tions.” An operating function of a radio might include channel coding, modulation,

or even filtering. There are some operating functions, however, that simply can-

not be accomplished through software. Radiating electromagnetic waves is a great

example, and there is no means of transducing information into travelling electro-

magnetic waves by software. Even filtering at RF frequencies by software is not

easily accomplished; it requires sampling frequencies on the order of tens of GSa/s.

Mitola’s original vision for software defined radios was to directly connect an an-

tenna directly to the analog-to-digital converter (ADC), as depicted in Fig. 5.2a. In

an ideal world, the ADC would sample the incoming signal at tens or even hundreds

of GSa/s, and perform the frequency conversion and all filtering operations within

the digital domain. Since wide bandwidth was being sampled, very high dynamic

range would also be required in the case of multiple strong signals (desired or not).

Even if the ADC technology could support this vision, it would likely consume huge

amounts of power [110]. Even the antenna shown in Fig. 5.2a presents a difficult

design problem, where an operational bandwidth from 10 MHz to 10 GHz was de-

sired. Researchers have recognized these issues and are investigating compromises,

where some operations are retained in the RF section [108, 110]. In doing so, one

must make the RF and antenna multifunctional, where either simultaneous multi-
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Figure 5.2: (a) Mitola’s original vision for software-defined radios. (b) A more
realistic design balancing communication operations between the RF section and
the digital processing section.

band or wideband operation is supported. This more realistic concept is illustrated

in Fig. 5.2b and will be the heart of our research for the rest of the dissertation.

Merely having a reconfigurable RF section does not indicate a radio being soft-

ware defined. In fact, it is possible that the RF section or antenna is reconfig-

urable but all other operations unchangeable. A simple example of this would be

a hardware-based radio (such as a Bluetooth transceiver) connected to a pattern

reconfigurable antenna. The antenna has multiple states which direct radiation in

different directions, but the radio functions are not implemented in software. In

such a case, the system would be more properly described as a Software Controlled

Radio (SCR), whose definition is given below [116].

Software Controlled Radio: a type of radio in which some or all of the physical

layer functions are software controlled

The idea of being software controlled has also been explicitly defined. The same

groups, Wireless Innovation Forum in collaboration with the DySPAN-SC (IEEE

P1900.1) Working Group, refer to software controlled as “the use of software pro-

cessing within the radio system or device to select the parameters of operation” [116].

Selecting the parameters of operation could be as simple as controlling an output

On/Off voltage to switch between certain states, or as complex as supporting a
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Figure 5.3: Venn diagram highlighting the difference between software defined
radios, software controlled radios, and software radios.

closed control loop to maintain a certain feature. A software defined radio, in con-

trast, could theoretically work without the use of reconfigurable RF and antenna

systems. On the other hand, implementing reconfigurability within the RF hardware

can significantly improve the success rate and the feasibility of the overall commu-

nication system. It also is necessary when changing parameters such as frequency

or bandwidth.

Another broader term is the notion of a software radio, which is illustrated in

Fig. 5.3 as the union of software defined and software controlled radios. This name

retains the notion of software development, where a change in code results in a

change in radio functionality. To our best knowledge at this time, this particular

term has not been explicitly defined by the Wireless Innovation Forum, hence, this

particular usage does not conflict with the existing standard terms. To maintain a

broader scope, the antenna systems described in the following chapters are discussed

with the application of software radios in mind. Certainly the most interesting

system is in the intersection of both software controlled and software defined radios,

but the antenna concepts are also applicable to systems which are software controlled

but not software defined.
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5.1.1 Important Features

There are many, many aspects that must be developed before software radios become

a reality. For antenna engineers, the list can be overwhelming. In light of the pre-

vious discussion on the difference between software defined and software controlled,

it is liberating to find that roughly 60-70% of the issues in software radios appears

invisible to antenna engineers1. In fact, an important realization is that software

radios are nicely supported by wideband antennas, which is already a fairly chal-

lenging antenna problem. At the minimum, if the antenna can radiate efficiently

(in terms of both losses and impedance matching) throughout the band of interest,

then one of the biggest needs is already met. However, as antenna engineers, other

considerations are just as important. This section aims to shed light on the impor-

tant aspects in the overall system that must be considered by an antenna engineer.

Antennas need not only satisfy the system goals; significant enhancements at the

antenna level can also contribute to the entire system. We highlight many impor-

tant considerations, namely the RF front-end, system architecture and planning,

and spectral filtering approach.

RF Front-Ends

In typical receivers, the antenna is followed by a narrowband preselect RF filter,

feeding a low-noise amplifier and subsequently a downconversion mixer. For direct-

conversion receivers, the mixer downconverts the signal immediately to its baseband

format. In heterodyne systems, the mixer downconverts the signal to some IF fre-

quency. This cascade was traditionally chosen to ensure a low system noise figure

and minimize distortion from out-of-band interference. These traditional architec-

1This number is really only a rough estimate to make it clear that not everything involves the
antennas. A justification of this number comes from the consideration of DSP circuitry, analog/RF
circuitry, MAC protocols, network architecture, power control, user interface, control channels,
networking and routing, and security. Of these topics, only about 1/3 pertain to antennas.
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Figure 5.4: (a) A tunable narrowband receiver that can tune over a wideband
frequency range. (b) A software defined, RF filterless receiver architecture which
places strong filtering after the mixer (Adapted from [108]). (c) A mixer-first
wideband receiver with blocker tolerance for software radio (Adapted from [117]).

tures would not support changes in operational frequency or bandwidth, rendering

them inflexible as software defined receivers. To enable wide support for different

operations and standards, one must be able to support a wide range of frequencies.

At the minimum, the receiver should be able to tune its system frequency and its

operational bandwidth. This sort of functionality would at least allow the receiver

to decode information from one channel at a given time. If a wide bandwidth is sup-

ported by the ADCs, then multiple neighboring bands could possibly be received at

the same time. Beyond this, the hope for SDR receivers is the reception of multiple

channels simultaneously for arbitrarily frequency spacing without the need for high

cost, high power ADCs. Receiving even 2 or 3 channels simultaneously would be

nice for many applications.

The most direct path towards flexibility is to replace the static components
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of traditional radio architectures with tunable or wideband ones, as illustrated in

Fig. 5.4a. A wideband antenna would be followed by a tunable bandpass filter. A

wideband LNA and mixer then amplifies and downconverts the signal to baseband

(or some IF frequency). This particular receiver system configuration has capti-

vated the attention of the microwave and antenna community [111, 113, 118–121].

The main drawback and challenge of this system is in achieving high-rejection tun-

able bandpass filters. This does not mean that such an architecture has no merits,

but rather that this type of system should not be considered as the golden standard.

The challenging features required for software radios put many system design can-

didates at the same level of feasibility, and many creative, out-of-the-box ideas have

arisen to meet these needs. Several other receiver system designs have attracted sig-

nificant attention in the circuits community include the “RF filter”–less (also called

SAW–less) receivers and mixer–first receivers, as illustrated in Fig. 5.4b and 5.4c,

respectively. Surface acoustic wave (SAW) filters convert the RF signal to an acous-

tic wave and mechanically process the signal to filter out unwanted frequencies. The

SAW–less receivers of Fig. 5.4b remove the high-quality preselect filters at the RF

front-end. Unfortunately, SAW-based filters cannot support a strong level of tun-

ability. As described in [108], a decimation/integrator filter can be placed after the

mixer. By tuning the LO frequency and the bandwidth of the filter, one can achieve

reconfiguration. Beside the tunability, this filter configuration also achieves high

rejection and removes the need for a sharp-reject preselect filter before the LNA.

The only limitation is that both the LNA and the mixer must be highly linear to

avoid distortion caused by strong out-of-band interference. The mixer-first receiver

concept is interesting in that it can still operate in the midst of strong blockers,

which again can saturate the amplifiers as well as the ADC. The implementation

shown in [117] implements two blocker-tolerant signal chains which can be config-

ured to provide noise cancellation. Interestingly, the authors in [117] were able to
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withstand a single-tone 0dBm interference, which represents a strong interference

level comparable to levels demonstrated with SAW preselect RF filters.

The receivers in each of these cases hope to achieve a wide bandwidth of sup-

ported frequencies. The assumption is that they would tune to a given frequency

and operate over a relatively narrow band (compared to the broad spectrum of fre-

quencies that could be supported). The wireless channel itself could be considered

wideband, i.e. the signal bandwidth is larger than the coherence bandwidth of the

channel. The likely spectrum to be sought for use is the UHF band (0.3-3.0 GHz)

and beyond. Attempting to support an example of 1-6 GHz would not be unreason-

able, and several receiver designs have shown even greater capabilities [108]. Given

a channel, say with 50 MHz bandwidth, the instantaneous percent bandwidth sup-

ported by the antenna would need to be on the order of 1-5%. Thus, the antenna

could be a frequency-tunable antenna with a narrowband instantaneous frequency

or a wideband antenna. Both cases are of equal importance, and each are considered

in future system design.

Indeed there has been significant progress in the area of receiver design for soft-

ware radios in the last decade, and a whole chapter could be devoted to current

literature. Designs in literature have made great progress in achieving strong per-

formance characteristics despite poor channel conditions, e.g. strong blocker in-

terference. The main importance in reviewing the qualities of these modules is in

describing the necessary antenna features for successful operation. Of equal impor-

tance, knowing what the antenna does not have to accommodate can be equally as

freeing. For very wideband systems, such as ultra-wideband (UWB) communica-

tions, not only must the S11 bandwidth be large, the antenna dispersion must be

very small. For our application, this is not a problem. In other words, we are not

constrained to antennas with only small changes in radiation pattern throughout the

operating frequencies. As long as any changes to the radiation pattern are within
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reason, then the antenna should be acceptable. For UWB systems, this is not the

case, and strict radiation pattern requirements are placed on the antennas to ensure

the signal pulse remains undistorted.

System Application, Architecture, and Requirements

Another point of consideration when choosing the best antenna design is the system

architecture. The architecture describes the general system operations and broadly

categorizes the types of wireless connections facilitated. One of the first aspects

is in the number of users and number of connections to be maintained by a given

antenna. Another important facet within the system is the user mobility. If users

are assumed to move in two or even three dimensions, the design problem becomes

further complicated. The device size plays another key role in determining which

antenna is most suitable. Reflector antennas, for example, cannot fit in a low-profile

volume and are quite unwieldy, precluding their use in applications such as mobile

networking (although they work nicely for the backhaul networks of cell towers).

The system architecture possibly has the most impact on the choice of radiation

patterns. Using the visualization of several possible architectures in Fig. 5.5, it can

be clearly observed that several important needs must be met in each system. For

the Ad Hoc wireless network in Fig. 5.5a, nothing can be assumed about the location

of the users, except that they reside near the ground (or at a similar height). The

most direct design would rely on omnidirectional antennas. If somehow the user

direction could be known and updated quickly, then it might be possible to use

beam steering as well. This is not the usual case. Beam steering also would only

be possible with high frequencies, in order to limit the overall antenna size. The

case in Fig. 5.5b shows a network configuration similar to cell networks, where

large-scale base stations communicate with multiple users. Networks on this scale

require massive, high-performance systems to handle the large number of users. A
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Figure 5.5: (a) An ad hoc wireless networking architecture without any pre-
existing infrastructure. (b) A large-scale system architecture with prolific infras-
tructure, likely using a sectorized cell approach. (c) Small-scale wireless network
architectures supporting a few devices such a WiFi node. (d) Dynamic point-
to-point communications such as satellite-to-mobile or even satellite-to-vehicular
communications. The likely antenna features seen in such systems are indicated.
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sectorized approach both increases the signal level (by increasing antenna gain) and

reduces the number of users per antenna. Thus, a unidirectional pattern with low

backlobes is desired. For the users, omnidirectional antennas are appropriate for

low complexity and ensuring good signal strength independent of user orientation.

Other popular network configurations include smaller-scale networks with base

stations and point-to-point communications prevalent in satellite communications

and television. These are depicted in Figs. 5.5c and 5.5d, respectively. Examples

of small-scale networks with base stations include WiFi nodes and femtocell net-

works [122]. These systems would likely support anywhere from 1-20 devices, and

the users could be mobile or quasi-stationary. This particular scenario is inter-

esting because devices such as laptops, tablets, and computers can support higher

DC power levels and thus more complexity. Their size and chassis also allow the

antennas to have some fancier functionality, as is evident in the incorporation of

multiple-input, mulitple-output (MIMO) for the IEEE 802.11n and 802.11ac stan-

dards. The base stations can have either omnidirectional, beam-steerable, or MIMO

antennas to support the users, both moving and stationary. The users most often use

omnidirectional antennas, although there is a shift towards using MIMO antennas

in larger terminals such as laptops.

The classic point-to-point communication links are another important case that

could benefit from software radios. Software radios may prove especially useful in

satellite applications, where changes in satellite hardware would be difficult and

costly [123–125]. These links can support one or multiple users. An important

feature of these links is the high antenna gain often used to facilitate reasonable

data rates, although there are cases where one of the antennas may have a lower

gain to cover a broad region of the Earth. Point-to-point links are not just limited

to satellite communications. Many terrestrial links also use this class of connections.

One other aspect about each of these architectures that should be considered
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is the antenna polarization. This subtle aspect of antenna radiation must be con-

sidered in order to make a strong connection. If two antennas are cross-polarized

(they are not polarization aligned), then fading as high as 30 dB can occur. In each

architecture, the mobility and orientation of the antennas are taken into account to

determine the best polarization. The options are either vertical, horizontal, circu-

lar, or elliptical polarization. Any assumption about the antenna orientation can

certainly clarify the best choice, but in many cases no assumptions can be made.

Mobile devices, for example, will be held in all sorts of orientations. To get

around this issue, there are two options available. One can utilize circular polar-

ized antennas, which remove the dependence on polarization orientation. The other

option is to use a communications technique known as polarization diversity, where

two antennas of different orientations sample the received signals. Their signals are

combined to ensure that at least some signal passes to the receiver. If, in one in-

stance, the signal for a given antenna is very weak due to polarization misalignment,

the likelihood that the signal is weak in the other antenna is very small. Most of

the architectures in Fig. 5.5 have some mobile device that may benefit from the

use of either CP or polarization diversity. The only downside is that antenna sys-

tems incorporating CP or polarization diversity often come at the cost of higher

complexity.

The architectures defined within this section only serve to shed insight on the

different antenna problems arising for software radios. Certainly more specific and

more intricate systems exist in literature and in the industry than the ones pointed

out in this subsection. Some of these examples will serve as case studies or example

applications for the antenna innovations brought forth in this part of the dissertation.

Others simply serve as points of discussion.
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Wireless Channel Expectations and Antenna Dispersion

One of the biggest questions to answer is the expectation on bandwidth to be used

at any given instant. This is what we like to refer as the instantaneous bandwidth,

which describes the bandwidth being occupied by the waveforms generated in the

wireless system at a given moment. Ideally, a perfect software radio could support

any size bandwidth. There is always a limit to the maximum bandwidth, especially

when considering the antennas. The impedance matching bandwidth is usually the

most important performance metric that defines the upper limit, but expanding the

impedance matching bandwidth can be done nowadays to large fractional values

(>100%). The difficulty when increasing the bandwidth larger than 20-30% is en-

suring low dispersion. By dispersion, we are referring to the antennas’ change in

performance versus frequency. The perfect, ideal antenna would radiate the same

amount of power in a given direction for all frequencies with a linearly decreasing

phase, indicating the same group delay for all frequencies. However, all antennas

exhibit some level of dispersion, whether it be in the radiation pattern, gain, or even

phase center [126]. A great review article on UWB antennas [126] put together a

nice figure that highlights the general features of current antenna technology, and

is reproduced in Fig. 5.6. Clearly, there is an abundance of choices, but the num-

ber of nearly-dispersionless antennas (on the left-hand side) is still small. Also,

these near-dispersionless antennas are either somewhat bulky or are too directive

for communications applications.

A major assumption for our work is that the instantaneous bandwidth is small

enough that the antenna dispersion features do not degrade the system performance.

This is in contrast with very wideband systems such as UWB, where the antennas

are specifically designed to meet dispersion requirements [126–128]. In UWB, a short

pulse in time is used to relay the information, and any dispersion causes ringing and
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Figure 5.6: Summary of dispersion and directivity features for current antenna
techonology. Adapted from [126].

pulse distortion. Fig. 5.7 highlights two frequency/power allocations with respect to

the antenna gain. The two silhouette regions show a representative power allocation

over frequency. A system such as UWB might distribute a very low power across a

very wide bandwidth, while a narrow channel system would distribute higher power

across a narrow bandwidth. It is an important assumption of this work that we

are focusing on these narrow channel systems, rather than the wideband, low-power

systems. It eases the antenna requirements and enables the incorporation of other

functionalities that could be useful to software radios.

As mentioned, “narrow bandwidth” means that the antenna dispersion is negli-

gible across this bandwidth. The wireless channel could still fall under the category

of a wideband channel if the channel bandwidth is larger than the coherence band-

width Bc, which depends on the multipath environment [129]. In other words, if

there are still strong multipath components that arrive at the receiver after the sig-

nal’s symbol period Ts, then the channel can be considered wideband. Narrowband
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Figure 5.7: Illustration of a representative antenna gain curve alongside two
channel configurations. One channel occupies a very wide bandwidth but uses
very low power while the other occupies narrow bandwidth while using moderately
higher power levels. In this dissertation, it is assumed that the system operates
in a narrow bandwidth, higher power level mode.

channels could also be encountered with our systems, but the problems we address

in this dissertation remain unchanged for both narrowband and wideband channels.

A last point to emphasize is that the usable antenna bandwidth in our systems

would not be utilized all at once. Notice in Fig. 5.7 that the 3 dB antenna gain

bandwidth is much larger than the so-called “narrow bandwidth” mode of operation.

One might ask whether this is optimal in the case when the entire frequency spec-

trum is available (or even when large portions of the spectrum are available). Not

necessarily, but this case may not occur very often, and realizing a very wideband

system illustrated in Fig. 5.7 comes with other issues besides the antenna dispersion

problems. Furthermore, modulation schemes such as orthogonal frequency division

multiplexing (OFDM) can still work well with our system assuming that training is

used on each subchannel to account for any dispersive effects.
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5.2 Cognitive Radios

Traditionally, wireless systems were assigned a certain operational frequency band,

often by a regulating body such as the Federal Communications Commission (FCC).

The resulting system designs are limited to the data rates and link quality offered

by that frequency band. In that framework, numerous techniques and solutions to

enhance communication links with a set frequency band have been devised [17,129–

131]. The improvements involving antennas include the usage of antenna diversity

to overcome fading [130] as well as multiple-input multiple-output (MIMO) antenna

systems to exploit rich multipath environments for a given frequency band [129].

As discussed in the beginning of the chapter, dynamic wireless systems present a

dramatic shift from the conventional fixed hardware radios, especially with regard to

the operational frequency. Of the different embodiments of dynamic radios, cognitive

radio systems, in particular, have attracted significant attention worldwide. They

represent a further evolution of software radios. They exhibit an awareness of their

environment in addition to the ability to change the radio parameters. To adapt

and make decisions based on the current environment is indeed a very lofty idea,

but new technological advancements are bringing cognitive radio closer to a reality.

The most notable capability offered by this paradigm is dynamic spectrum access,

where open frequency bands are searched and utilized [132]. By incorporating some

form of spectrum sensing mechanism, the radio can take advantage of spectrum not

being used. In general, the term cognitive radio most often refers to full commu-

nication system architectures that are able to sense the environment for primary

(licensed) users (or even other cognitive radios) and utilize available spectrum not

currently being used [132]. In contrast to the previously mentioned fixed frequency-

band techniques, cognitive radio takes advantage of the frequency and time aspects

of the wireless environment. At any given location, time, and direction the frequency
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Figure 5.8: Representative plot of the power spectral density showing the spec-
tral occupancy (adapted from [133]).

spectrum may not be fully utilized as shown in the inset figure in Fig. 5.8, where

less than 6% occupancy is observed for a representative scenario [133]. Thus, en-

abling dynamic spectrum access offers many benefits to wireless systems, including

the opportunity to combat fading and possibly improve channel capacity through

wider bandwidths [134]. Such a radio system also has the opportunity to alter its

coding and modulation to improve throughput by making use of software-defined

radio, adding another dimension to optimize the wireless link.

The history of cognitive radio is tightly linked to software-defined radio, espe-

cially considering that cognitive radio must use software radios. The term cognitive

radio first appeared in 1999 by Mitola in [132, 135]. The explosion in research can

be seen in both the in-depth research and developments in the communications

community [109, 118, 136–146] but also the significant efforts by government orga-

nizations to initiate the development of cognitive radio systems. Similar efforts to

develop SDR also drove the innovations for cognitive radio (CR). Initiatives like the

Next-Generation (XG) Program from the DARPA agency focused on improving the

spectrum scarcity problem through the possible use of cognitive radio [147]. The

Federal Communications Commission (FCC) has also made headway in writing pro-
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visions for the possible usage of cognitive radio in the context of current frequency

assignments. Around this time, the FCC also proposed the development of ultra-

wideband (UWB) technology [20], although there is still debate whether pursuits

will still move forward in that direction due to political gridlock among standards

committees [148]. More recently in 2009, the US Congress mandated the FCC to

develop a National Broadband Plan, setting a roadmap for initiatives to stimulate

economic growth and boost America’s capabilities in education by giving under-

served areas broadband internet access [149]. In response, the FCC released its

plan in 2010 with the goal in having at least 100 million U.S. homes with access to

download/upload speeds of 100/50 megabits per second, respectively. The National

Broadband Plan also aims to significantly enhance the wireless networking technol-

ogy within the US. Specifically, the FCC proposed the 500 MHz Initiative, where

the FCC is to identify 500 MHz of spectrum that could be opened to unlicensed

broadband wireless access. In 2012, the President’s Council of Advisors on Science

and Technology (PCAST) issued a report recommending a future possible licensing

model to make full use of the spectrum through dynamic spectrum access [120,150].

No doubt, these monumental steps made in the research and political spheres have

brought us closer to seeing cognitive radios fully implemented. But in order for

them to become a reality, an antenna system must be devised.

So far, only a few groups around the world have studied the antenna problem for

cognitive radio. The antenna design problems are interesting, posing some unique

challenges that are not often encountered in traditional communication systems.

There are also some features that have been well-studied, and we can rely on the

rich literature present on such topics. As was done in the previous section, the

various features that are most pertinent to an antenna designer will be described in

the next subsection. For any similar information already described in the software

radio section, we will refer the reader back to the appropriate section. With the
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system consideration in mind, the next subsection describes the antenna problems

to be overcome for cognitive radios. Some share similarities with software radios,

but for completeness the details about the relevance towards cognitive radios will

be made clear.

5.2.1 Features Contrasted with Software Radios

Possibly the biggest difference between software radio and cognitive radio is their

goal. Software radio aims to provide the ability for software to control and reconfig-

ure radio hardware and implement certain radio functions in software. To make a

radio become a software radio, one must provide the capability to change hardware

settings and implement the radio operations in code, which can be accomplished by

integrating a high-speed FPGA, for example. Cognitive radio, on the other hand,

focuses the goal towards outfitting the radio with an awareness of its environment.

Cognitive radios can sense a change in the environment and reconfigure using the

capabilities provided by a software radio. Yet, how does a radio become aware?

It must have some external sensing systems that provides feedback to the radio.

For cognitive radios facilitating dynamic spectrum access, some form of spectrum

sensing must happen, leading to an awareness of spectral holes and usage.

Cognitive radios are not limited to merely spectral awareness. They could also

be made aware of many other aspects about the radio environment, including its

time and angular dependency. The widespread proliferation of GPS in most mo-

bile devices further implies the feasibility of geographical awareness, which could be

used to learn and develop a map corresponding to wireless hot zones and spectral

openings. All this is to say that a major difference between software and cognitive

radios are these external senses used for feedback, especially the spectrum sens-

ing systems. This actually brings about some unique and interesting challenges

for antennas within cognitive radio. In the following subsections, any unique dif-

142



ferences compared to software radios are discussed. The conversation starts with

the RF front-end system and how these spectrum sensing systems pose unique con-

straints on accessing the wireless airspace. Naturally, such a discussion continues

with more details about how spectrum sensing might be accomplished. Like the pre-

vious section, the system architecture is also discussed along with any implications

for cognitive radios. This section finishes with some discussion of spectrum access

models and their implications on the antenna design. Similar aspects are mentioned

as those in Section 5.1.1, and some important considerations are brought to light.

RF Front-End Architecture

The RF receivers for cognitive radios will no doubt share most if not all aspects

with those of software radios. What is more interesting though is the coordination

of both the receiver and the spectrum sensing system. One immediate question is

how one might split the received RF power between both systems in the RF domain,

considering the implication that noise figure of the first few components dominate

the system performance. Several different configurations to address this issue are

possible, as shown in Fig. 5.9. Some of these are adapted from the first discussions

of such issues in [151].

Each of these configurations have their merits and disadvantages. The main

aspects to consider between these systems is their antenna operation, sensing-

communications isolation, noise performance, throughput, sensing speed and sen-

sitivity, and complexity. Each of these aspects can change the design direction of

the antenna. This is most obvious by comparing Figs. 5.9a and 5.9b, where either

two antennas or one antenna is used. Clearly different constraints and objective will

be met for each design. The choice between these configurations depends on the

particular application, where space, power or battery limitations, complexity, and

performance must be contemplated.
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Figure 5.9: Different configurations of the antennas, transceiver, and sensing
systems [151]. (a) Separate antennas. (b) Shared antennas using microwave
power dividers. (c) Time-allocated antenna sharing with an RF switch. (d) A
coordinated sensing/communications approach where small bands are sensed at
a given instance due to limitation of ADC.

In Fig. 5.9a, the receiver and sensing systems have a separate antenna. The

benefit of this configuration is that the antenna and filtering operations of each

system can be separated. Typically, the sensing system might benefit from operating

in a wideband mode, while the communications module would utilize a narrowband

filter to decrease noise power and possibly remove any spurious harmonics created

by the power amplifer (PA). Even if filtering was used in the sensing module, it may

desire to scan the passband frequency across the spectrum while the transceiver

would maintain a constant frequency until it was time to shift to another frequency.

Using another antenna also allows the sensing antenna to be separated to improve

the sensing-communications isolation. This is important because the electronics

could be saturated by the high-power transmissions from the transceiver.
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Using separate antennas for the sensing and communications modules is not

always desirable. Size and interactions between the antennas can cause many

headaches in the design process. While the sensing-communications isolation may

be improved in the multiple antenna case, the antennas may cause changes in the

radiation pattern due to blockage or scattering. Sharing an antenna, as shown in

Figs. 5.9b-5.9d, may be more viable for smaller terminals, base stations, or mo-

bile devices. It reduces space required for the antenna. However, in the case of

Fig. 5.9b, one major problem is providing high sensing-communications isolation.

Merely dividing the power using a T-junction divider provides little isolation, and

isolated dividers like the Wilkinson power divider will reduce the efficiency of the

transmitter, where half the power transmitted will be absorbed into the isolating

resistors. Furthermore, the noise figure will be higher with a divider after the anten-

nas. Impedance matching will also have to be accommodated, which can either limit

the bandwidth and possibly worsen the impedance matching performance compared

to the multiple antenna situation. Possibly the most important point to bring is

that the antenna requirements will have to compromise the needs between both the

sensing and communications modules.

One way to alleviate the isolation, impedance matching, and possibly the noise

figure issues is to use a switching scheme similar to half-duplex systems, where a T/R

switch connects the antenna to either the transmit or receive signal chains. The ap-

plication of this switch to sensing-communications is illustrated in Fig. 5.9c, where a

single-pole, double-throw switch switches the antenna connection between the sens-

ing system and the communications module. Even three-way switching could be ac-

commodated, where the system would switch between the sensing module, receiver,

and the transmitter. Unfortunately, the main drawback to switch-based systems is

the shortage of sensing time, or, in another sense, the loss in data throughput due

to time allocations for sensing. If attempting to detect a signal much lower than
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the noise floor, sensing times can be on the order of tens or hundreds of millisec-

onds [152], which is an exceedingly long time. Like the power splitting scheme, the

switched antenna sharing scheme would require a balancing compromise between

the needs of the sensing module and the transceiver.

Another possible technique would be to sense the spectrum within the same pro-

cessing structure as the receiver. A controller would coordinate the RF downconver-

sion, RF filtering, antenna, ADCs, and the processing section to switch between a

reception and sensing mode. This configuration also suffers the scheduling problem

seen in the switched antenna sharing scheme. On a positive note, it does not rely

on a whole other signal chain for the spectrum sensing, reducing the hardware, cost,

and possibly power consumption. The sampling rate of the ADCs are the limiting

factor for bandwidth while sensing, which may be as high as many tens of MHz.

Thus, the antenna for such a scheme need only support a narrow instantaneous

bandwidth. This antenna would have to be tunable, and the controller would need

to have an awareness of its state, either by a database lookup or a feedback mecha-

nism. A wideband antenna would also support this system without the extra tuning

complexity.

The best choice of each system configuration is out of the scope of this work.

The emphasis to remember is that the required antennas would have different goals

for each configuration. One may be able to even more broadly categorize these

systems as multi-antenna versus single antenna, because the requirements of the

antennas in Figs. 5.9b-5.9d share many similarities. A slightly different dichotomy

has also been divulged in the communications literature known as the single-radio

versus dual-radio architectures [145], which would broadly group Fig. 5.9d versus

Figs. 5.9a-5.9c, respectively.
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Spectrum Sensing Front-End

Spectrum sensing has many aspects to consider [145]. Not all of these aspects involve

the choice of antenna design, but some knowledge in implementation can highlight

any possible needs of such a system. First, the sensing can be conducted either

in the RF domain or in the digital processing domain. While the digital domain

allows many freedoms, including the ability to change algorithms or incorporate

very complex procedures, the biggest issues are the sensing time and the power

consumption [153]. The power consumption dramatically increases as the ADC

sampling frequency and dynamic range increase. To reduce the complexity of the

spectrum sensing, one might use an RF-assisted approach to first conduct a course-

sensing measurement. Some representative examples of RF-based systems are shown

in Figs. 5.10a-5.10b. The first is a simple energy detector while the second is a more

complex RF-based system using wavelets to provide a multi-resolution capability

[154].

No matter the algorithm, purely digital techniques often rely on similar RF

hardware, such as that shown in Fig. 5.10c. For this category of spectrum sensing,

the only needed data is the digital samples for some given amount of bandwidth.

Once the samples are available, any operations permissible in the digital domain, e.g.

Fast Fourier Transform, can then be applied. Unfortunately that means that there is

a balance between bandwidth and power consumption due to the ADCs. With wider

bandwidths comes the need for higher sampling rates and possibly dynamic range,

leading to a greater power consumption. Some techniques include energy detection,

waveform-based detection, cyclostationarity-based sensing, matched-filter, among

others [145].

For an antenna engineer, the choice of these digital techniques does not matter

too greatly. It does not stop us, however, to examine some of the issues that might
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Figure 5.10: Different spectrum sensing systems with highlighted RF portion.
(a) Energy detection with RF components. (b) Multi-resolution, wavelet-based
energy detector from [154]. (c) Simple energy detector in digital domain [152].
(d) Multi-path sensing system for wide bandwidths. The RF filters could also be
made tunable.

be encountered in these systems, digital or analog. One possible problem is when a

dominant signal passes through the analog system. Clearly, the channel associated

with that signal is occupied, but the dynamic range of the ADCs is limited by that

signal. If it is desired to detect the weak signals near the strong signal, then it would

be very helpful to have a device that reduces the strength of the strong signal. The

linearity of the amplifier and any other nonlinear components, e.g. the RF mixer,

would also suffer from strong signals, i.e blockers. The resulting distortion from the

dominant signal would wreak havoc on the spectrum sensing operations, especially

when attempting to detect signals with low SNRs.

System Architectures and Requirements

The likely candidates for cognitive radio wireless system architectures would fall

under very similar categories to those embellished in Fig. 5.5. The primary aspect

left out of the previous discussion would be spectrum sensing. The choice in wireless

148



architecture could result in different choices for antennas related to the spectrum

sensing.

In the case of ad hoc networks, omnidirectional antennas would still be pre-

ferred for both the spectrum sensing and the communication. This would ensure

that any communication transmissions would not interfere with primary users, since

the omnidirectional antennas were used for communications. For cases with large

infrastructures, similar to that in Fig. 5.5b, it might be interesting to envision the

infrastructure managing the spectrum access while the mobile devices would simply

follow the instructions of the base stations. The advantage comes through the direc-

tional sensing capabilities, where sectoral antennas are used to detect any primary

users. The mobile devices could also provide limited spectrum sensing in order to al-

leviate the hidden node problem in a cooperative sensing fashion [133,145,155,156].

For smaller-scale architecture with infrastructure, such as WiFi nodes, the sensing

systems on the base stations should either be sectorized or omnidirectional, depend-

ing on the nature of the network. The defining factor would likely be the predicted

interference in all azimuthal directions. If transmissions from the base station are

likely to cause interference in any direction then omnidirectional sensing antennas

may be more appropriate. There are cases when the wireless environment permits

the usage of a directional antenna for sensing for the smaller base stations. One

example would be the knowledge of a blocking or scattering object, like a metal

or thick wall. With something of that nature, it would be better suited to find a

wideband antenna with unidirectional pattern features.

Interestingly, the last case with long-distance, point-to-point communications is

actually a bit challenging. The sidelobes in the radiation pattern must be considered

when assuming a certain transmission frequency. These point-to-point links often

use high power, and so leakage in the sidelobes might possibly result in interference

to the undetected primary users. For these links, omnidirectional antennas may be
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appropriate for sensing any possible primary users whose operation would be inter-

rupted. Another possibility is to use a less directive antenna with wider beamwidths

to properly sense the regions in space with high sidelobes.

Spectral Occupancy Approaches

Like software radios, cognitive radios also might have the ability to operate in very

wideband, low power modes similar to UWB systems or in narrow bandwidth, mod-

erate power channels. The wideband systems would likely use spread spectrum

techniques such as direct-sequence spread spectrum or frequency-hopping spread

spectrum. Again, for simplicity as well as feasibility, it will be assumed that the cog-

nitive radio antenna’s dispersion will not have negative effects on communications.

This assumption does limit the system operation to narrow bandwidth, moderate

power channels since it is difficult to find a completely dispersionless antenna. It

should be noted, however, that one could still use spread spectrum techniques so

long as the overall percentage bandwidth is not too great.

This leads into an interesting question in how the cognitive radio occupies the

spectrum. In particular, should a cognitive radio access a wide number of frequencies

with a small amount of power? Or should the cognitive radio only access frequency

bands that are open? There are two common approaches to dynamic spectrum

access [133,157–159].

Overlay Access Model

The first is the overlay method, which has also been termed the Opportunis-

tic Spectrum Access (OSA) model. The overlay access model assumes that

a frequency can only be occupied when it appears to be available. In other

words, if no primary user appears to be transmitting on that channel, then the

cognitive radio can transmit on that channel. If a primary user returns back to

that channel, then it is expected that the cognitive radio cease transmissions

and move to another frequency band.
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Underlay Access Model

The second access model is the underlay model, which has also been described

as the Concurrent Access Model (CSA). In this system the cognitive radios

can transmit in frequency bands that are also occupied by primary users,

so long as the interference does not degrade the primary user performance.

Within this context, the FCC devised an interference temperature model to

describe the increase in effective noise temperature at the primary user [160].

This implies that the cognitive radios are quite limited in their transmission

power, but spread spectrum techniques can accommodate this by spreading

out the energy over a wide bandwidth. Within this model, predicting the

interference power at a particular location (or primary user) is an important,

but challenging responsibility of the cognitive radio system.

Each system has its own balance of tradeoffs. While underlay access is limited in

its transmit power, the overlay system is limited in its access time and its frequency

band of operation. As it stands, both systems present interesting research concepts,

but the underlay research considerations at the FCC have stopped [161]. In some

sense, this gives us further justification for choosing a narrow bandwidth, moderate

power operation as opposed to using a spread spectrum technique. The underlay

technique could still be used in cases where multiple bands are available, but the

idea of an interference temperature might not be the most viable, especially if the

FCC is not allowing spectrum access in this manner. Like the software radios, such

radios present interesting concepts, but the focus will be towards narrow bandwidth,

moderate power systems, as illustrated in Fig. 5.7.

5.3 Related Antenna Contributions in this Work

It should be emphasized that the previous sections have only skimmed the surface.

Other aspects such as the Media Access Control (MAC) protocols, network security,

resource management, and even cognitive radio economics play a major role in

shaping the future of cognitive radios. While all these other areas are important,

the antenna design remains transparent to these design aspects and vice versa. What
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remains unchanged in a cognitive radio is the need for an antenna to support the

wireless communications. These antennas can be made quite simple, such as a dipole

antenna, or an extremely robust antenna can be devised. Our approach in general

is to balance the cost-effectiveness, functionality, and the complexity.

The following sections will highlight a broad overview on the contributions made

in this dissertation. In particular, the aim is to solve three outstanding antenna

antenna design problems for software and cognitive radios. These design problems

can be described as:

• Wideband Sectorized Antennas with Unidirectional Patterns

• Circular Polarization Reconfigurable Antennas with Broad Bandwidth and

High Gain

• Rejection Reconfigurable Antennas to Minimize Blocker Interference

For each of these problems, a high-performance antenna solution is provided. In

the subsections that follow, the broad problem statement is defined, and a broad

summary of our antenna solution is given. Using the discussion from the previous

sections, each problem is described pertaining to a particular wireless system archi-

tecture, etc. Note that these are not the only possible challenges to be encountered

in the antenna design, but rather these are an important subset of design issues.

By incorporating the antenna designs presented, major system improvements can

be expected by virtue of their added functionality.

5.3.1 Wideband Sectorized Antennas with Unidirectional Patterns

The first problem to target is the development of sectorized antennas with unidi-

rectional patterns. The challenge of sectorized antennas is to bring about relatively

high directivity over a broad bandwidth. A nice antenna design that features a

unidirectional pattern is the patch antenna. A generic rectangular patch antenna

is shown in Fig. 5.12. In the side view, the radiation pattern (if operating in the
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Figure 5.11: Organization of Part II in this dissertation. Three main problems
are addressed with novel reconfigurable antenna concepts. Each part represents
a chapter.

lowest order mode) shows that radiation would be greatest towards broadside, i.e.

the perpendicular direction to the substrate. Using the coordinate system in the

figure, the broadside direction would be towards the z direction. Such a radiation

pattern is a desirable radiation pattern because more energy is directed to one area,

rather than equally in all directions. This increases the antenna gain and reduces

the possibility for interference with other users, an important aspect to consider for

both cognitive and software radios.

The problem with patch antennas is that they are inherently narrowband due

to their resonant features. The bandwidth is limited by their impedance match-

ing, or S11. The bandwidth of these antennas are usually on the order of 5-10%.
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Figure 5.12: Example of a generic rectangular patch antenna with a coaxial
probe feed input [162]. (a) Perspective view. (b) Side view. The typical radiation
pattern is towards one direction, i.e. the z-direction.

Other antennas, e.g. dipole antennas, might possibly be used to create base station

antennas with wide bandwidths. Dipoles, however, must have a ground plane to

direct their energy in one direction. Adding ground planes parallel to the length of

the dipole can be used to direct the energy towards one direction. Unfortunately,

the ground plane immediately makes the antenna narrowband, and changing the

frequency can bring about big changes in the radiation pattern when ground planes

are present. Other antennas such as slot antennas can support wide bandwidths,

but their radiation patterns are bidirectional. Adding a ground plane behind the

slot antenna can make the pattern unidirection, but again at the cost of bandwidth.

Our solution to this problem is to devise a patch antenna which is frequency
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reconfigurable, meaning that it can tune itself to another set of frequencies by mod-

ification to its shape. Such a patch antenna could support the operation of arrays

on large base stations or smaller terminals such as WiFi nodes or laptops. Refer-

ring back to Fig. 5.5, these features integrate nicely into the large and small-scale

wireless system architectures with infrastructure. Point-to-point links could also

benefit from such an antenna, since the antenna could be integrated into an array

to increase the gain. Another point to add is the patch antenna should be able

to sustain a wide instantaneous bandwidth to reduce complexity and number of

states required to support the frequencies desired. Imagine an antenna with only

50 MHz instantaneous banwidth, and the frequencies desired fall in the range of

2-6 GHz. The antenna would have to be made continuously tunable or must have

at least (6 − 2)/0.05 = 80 states with different center frequencies. Having a wide

instantaneous bandwidth, such as 2 GHz, reduces the number of states needed. Ul-

timately, this wide instantaneous bandwidth reduces the coordination complexity

between the antenna, spectrum sensing, and RF front-end if it were to be used in a

cognitive radio system. For software radios, the biggest advantage is the bandwidth

achievable with the antenna.

5.3.2 Circular Polarization Reconfigurable Antennas with Broad Band-

width and High Gain

An interesting niche within reconfigurable antennas is the concept of polarization

reconfigurable antennas. In contrast to frequency reconfigurable antennas, polariza-

tion reconfigurable antennas can alter their radiated/received polarization to better

improve the wireless link. Polarization plays an important role in wireless commu-

nications. As mentioned in previous chapters, polarization describes the orientation

of the electric field and the shape of its oscillations. When the electromagnetic wave

comes into contact with an antenna, the fields excite the charges to move along the
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Figure 5.13: Reconfiguring an antenna’s circular polarization can enable a better
signal reception. It can also receive different standards having different polariza-
tions. This example changes the polarization by changing the antenna shape.

electric field direction. If the antenna shape, however, is designed such that the

charges have no physical way to move, then negligible signals are received at the

antenna.

In the case that the polarization match between the received wave and the receiv-

ing antenna is poor, then one might reconfigure the antenna polarization to achieve a

better signal. One particular case of polarization reconfigurable antennas are the CP

reconfigurable antennas, where the antenna can switch between RHCP and LHCP

modes. The ability to switch between these two modes gives the antenna some level

of polarization diversity. This capability is also useful when users or operators do

not have direct access to the antenna, such as satellite or space missions. If mul-

tiple systems with different polarizations must be supported by the space antenna,

a CP reconfigurable antenna provides significant savings in cost, weight, and space,

considering the alternatives of either developing a more complicated dual-polarized

antenna or multiple antennas.

The requirements of high gain, broad bandwidth, low-profile, and CP recon-

figurability hinders the use of many candidate designs, especially if the design is
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to be low-profile and low mechanical complexity. This leaves us again with patch

antennas, but this time the CP requirement must also be met. CP patch anten-

nas, as described in Ch. 2, are notorious for being very narrowband on the order of

1-2%. Devising a simple design that meets the bandwidth requirements is not an

easy task. The most difficult part, as mentioned in Ch. 2, is the alignment of the

bands satisfying S11 < −10 dB and AR < 3 dB so that both requirements are met

simultaneously.

We overcame this problem by developing a novel antenna shape that would easily

incorporate CP reconfigurability. The design required only two switches, which is a

small number compare to previous literature. The design can also maintain its CP

property over a wide bandwidth of 17%. While this is not a significant amount of

bandwidth for software radios, it remains significant that CP is maintained over the

entire bandwidth, which is desirable in space applications.

5.3.3 Rejection Reconfigurable Antennas to Minimize Blocker Interfer-
ence

Another recurring theme in this chapter is the problem of blocker interference.

Blockers may or may not be intentional in many of these systems, but one thing is

certain: the possibility of encountering a blocker is much higher now that wideband

antennas are used. Tunable RF preselect filters have not quite achieved the level

of rejection needed for software and cognitive radios, which further justifies new

concepts to help remove the undesirable signals.

In spectrum sensing, it also helps to lower the strength of one particular blocker

in order to better fit the dynamic range of the ADC to the desired power levels in

the frequency spectrum. For example, if the dynamic range of an ADC is 40 dB, and

the input power level is -10 dBm, then the lowest signal possible to detect within the

ADC is -50 dBm. By decreasing the blocker strength, the small signals of interest
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can be better detected.

The idea is to make use of a reconfigurable antenna that can tune its impedance

matching and its radiation pattern such that a strong rejection level can be enforced

even before the signal reaches the LNA. This is accomplished by inserting a so-called

rejection reconfigurable antenna into an array. Frequency rejection can be tuned by

variable capacitors manipulating the currents on the antenna. Null reconfiguration

in the radiation pattern can be achieved by manipulating the phase of the excitation

coefficients for the elements. In our case, we are targeting wireless architectures using

either omnidirectional or slightly directional links, fitting nicely into the small-scale

network with infrastructure, ad hoc networks, and possibly even large-scale networks

with infrastructure. The hope is to develop a high-performance antenna element

capable of being integrated into an array in the future.

So far, reconfigurable frequency rejection is still in its infancy. There have been

several widespread studies in designs implementing frequency rejection [163–168],

however, most of the tunable designs have not shown desirable levels of rejection.

Most rejection levels are on the order of 2-4 dB [165,169–172]. Some have provided

a satisfactory amount of rejection, but the large rejection bandwidths render most

of the other frequencies unusable [173, 174]. As will be shown in Ch. 8, switch

losses make it very difficult to realize strong rejection levels. Our primary goal for

the antenna design is to develop a wideband antenna with a strong rejection level.

The rejection bandwidth, moreover, should be rather small. Even further filtering

can be directly integrated through tunable bandstop integrated filter designs on

the antenna. Integrating a bandstop filter and a reconfigurable antenna can also

provide an increased rejection level. The final hope is to achieve a combined 20 dB

rejection level using both frequency rejection and pattern nulling once we integrate

the antenna element into the array.
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CHAPTER 6

Wideband Frequency Reconfigurable E-shaped

Patch Antennas

Software and cognitive radios promise to offer comprehensive design solutions

flexible enough to satisfy many requirements by simply changing some software.

Possibly the most important aspect to be configured is the operational frequency of

the radio system. Obviously, the antennas connected to the radio must be able to

support a plethora of different frequencies with good radiation characteristics. De-

signing such an antenna is not always clear, especially when it is desired to maintain

certain requirements over that frequency band. Patch antennas have very desirable

patterns that nicely meet the requirements for applications requiring sectorized pat-

terns for base stations, as illustrated in Fig. 6.1. When infrastructure is provided,

base stations make up the backbone of the network, in which case sectoral coverage

can be implemented with directive arrays. Previous work concerning antenna de-

signs for software and cognitive radio systems have often targeted scenarios requiring

omnidirectional coverage and extremely wide bandwidth designs using UWB-class

antennas as well as reconfigurable antennas [175–180]. Patch antennas offer a num-

ber of useful features for the systems with infrastructure. They have been widely

used in many wireless applications such as laptops [181] and base stations, but the

effort to investigate their use in cognitive radio systems has been limited, primar-

ily due to their narrow bandwidth. However their bandwidth could be extended

through novel patch topologies as well as frequency reconfigurability.
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Figure 6.1: The frequency reconfigurable E-shaped patch antenna proposed in
this paper could be used as an array element for base station applications for
future cognitive radio paradigms.

Towards this end, a novel frequency reconfigurable E-shaped patch antenna (FR-

ESPA) design is presented as a new wideband patch antenna for possible use in

cognitive radio systems. This design could be used in large terminals such as lap-

tops [181] or as an array element in highly directive base station antennas, as de-

picted in Fig. 6.1. In particular, this reconfigurable E-shaped patch design offers

a simple single-layer, single-feed structure which is straightforward to manufacture.

It also can provide a wide instantaneous bandwidth in comparison to other tuned

narrowband systems. To accomplish this, a methodology for the design and opti-

mization of reconfigurable antennas with RF–MEMS switches for cognitive radio

systems is presented. The design is analyzed through full-wave electromagnetic

solvers, optimized through nature-inspired optimization techniques, and fully fabri-

cated with RF-MEMS switches along with resistive paint bias lines.
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6.1 Frequency Reconfigurability Implementation in E-shaped

Patch Antennas

As seen in previous chapters, microstrip patch antennas suffer from narrow band-

widths due to their inherently resonant nature. The primary goals for many appli-

cations is to achieve unidirectional linearly-polarized radiation patterns along with

S11 ≤ −10 dB. Similarly to CP patch antennas (Ch. 2), linearly-polarized patch

antennas suffer from limitations of the probe reactance. However, an extensive lit-

erature has described multiple methods to overcome this bandwidth limitation. For

probe-fed patch antennas, increasing the bandwidth has been accomplished through

a variety of design topologies. Some examples include the stacked patch [182], L-

shaped probe-fed patch [183], U-slotted patch [184], and the E-shaped patch [51].

Among these, the E-shaped patch antenna has the advantage of being a single-layer,

single-feed structure and can create a dual-band resonance with its slotted struc-

ture. As described in previous chapters, these terms single-layer and single-feed

again imply a low level of fabrication complexity, where only one metallic layer is

required to be etched. So far, the typical E-shaped patch has shown optimized

impedance bandwidths of up to 30% [185]. We present an extension of that band-

width by incorporating frequency reconfigurability to enable such a patch antenna

for bandwidth-centric applications such as cognitive radio [186].

The E-shaped patch antenna has dual-band resonance due to the slots introduced

into the patch topology [51]. These slots which create the E-shape allow another

mode to resonate at a lower frequency relative to the typical patch mode, thus

enabling a wideband design with almost double the bandwidth of the rectangular

patch without the slots. This double resonance is due to the currents resonating

over a longer geometrical path as shown in Fig. 6.2(b). This mode has strong

dependence on the slot geometry (Fig. 6.2(b)), while the normal patch mode depends
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≈ λg/2

Figure 6.2: Frequency reconfigurable E-shaped patch design concept. (a) Cur-
rents traveling along the patch length. (b) Currents traveling around the slots.
(c) Effect on current by changing slot length.

primarily on the patch resonant length (Fig. 6.2(a)). The patch resonant length

of the typical mode is often found to be roughly λg/2, as shown in Fig. 6.2(a).

Changing the slot dimensions strongly controls the resonant modes of the E-shaped

patch, and therefore they can be altered to provide a desired impedance matching

performance. The slot length in Fig. 6.2(c) is shortened in comparison to Fig. 6.2(b),

and consequently the current has a smaller distance to travel around the slots, giving

rise to a higher resonant frequency. By implementing RF switches such as PIN diodes

or MEMS, one can alter the dimensions of the slots. Ultimately, these resonant

modes can be manipulated by turning the switches ON and OFF simultaneously.

The resulting frequency reconfigurable antenna would thus have two states. We

limited our design to these two options in order to maintain symmetry, resulting

in better cross-polarization. Many more switches could be incorporated in the slot

for various resonant mode excitations but we use only two RF MEMS switches for

simplicity and cost.
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6.2 Design Approach Using Particle Swarm Optimization

In this section, the frequency reconfigurability concept is realized through the use of

Particle Swarm Optimization. The schematic of the FR-ESPA is shown in Fig. 6.3.

A multilayer design was used with a Rogers RT Duroid 5880 substrate with εr =

2.2 and 1.574mm thickness on top of a foam substrate with εr ≈ 1.0 and 10mm

thickness. This configuration was used to provide an effective substrate permittivity

near unity. The top duroid layer was employed to enable chemical etching of the

antenna topology, thus providing higher fabrication accuracy.

As observed in Fig. 6.3, there are 7 variables whose values must be chosen.

Qualitatively stated, the goal for the design was to achieve a wideband antenna

design with roughly twice the original bandwidth using the reconfigurability. Both

states of the antenna must be tested to ensure good antenna performance. The

complexity of the antenna design optimization problem increases drastically with

higher parameter space dimensionalities, making this a difficult design problem to

solve. Previous efforts towards finding a good design with a manual trial-and-error

strategies failed to find a solution. To overcome the design hurdle, we applied PSO

to this problem as described in Appendix A.

In Fig. 6.3, L is the length of the patch, W is the width of the patch, Ls is

the slot length, Ws is the slot width, Ps is the slot position, fd is the position of

the feed, and ` is the position of the MEMS switch bars. The ground plane size is

120mm×100mm, and the probe was fashioned using the inner conductor from an

RG-402 coaxial cable. Since the number of optimization parameters is 7, the swarm

size was chosen to be 14 (double the parameter size) based on the implementation

in [185], however a larger population can always be used. Constraints were also

formed in order to avoid designs which do not maintain the E-shape.

For reconfigurable antennas with k states, k different simulations are needed to
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Figure 6.3: Frequency reconfigurable E-shaped patch design schematic using
RF switches with optimization parameters listed.

evaluate the given set of parameters (unless one can exploit symmetry). In our case,

there are two primary states of interest: both switches OFF and both switches ON,

i.e. k = 2. One simulation outputs the OFF state charateristics and the other one

outputs the ON state features. For this antenna design problem, the objective is

to provide good impedance matching (S11 ≤ −10 dB) over two specified frequency
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bands which can be achieved with the following fitness function.

f(x) = max
f∈Foff

S11,off + max
f∈Fon

S11,on +

∣∣∣∣ max
f∈Foff

S11,off − max
f∈Fon

S11,on

∣∣∣∣ (6.1)

In this equation f(x) is the fitness associated with the design parameter vector

x. This equation can be decomposed in the following manner. The first two terms

represent a form of a minimax optimization problem, where the worst S11 (dB) in the

frequency regions and are minimized. The set Foff represents the set of frequencies

considered for the OFF state S11 values, and similarly for the Fon and the ON

state. The difference term in equation 6.1 is added in the fitness function to ensure

convergence in both of the frequency bands. A penalty is applied to designs outside

the feasible region, i.e. designs that do not satisfy the constraints, by adding a large

number (105) to the fitness. Simulating the antenna performance was accomplished

via HFSS. Our PSO program was linked with HFSS via Matlab in order to simulate

the S11 performance, and the port data from HFSS was extracted and processed by

the fitness function given in equation 6.1.

6.3 RF MEMS Switch Modeling

RF MEMS switches were chosen as the switching elements for antenna reconfigu-

ration due to their satisfactory RF properties including low insertion loss, excellent

linearity, good impedance matching, and high isolation [187–190]. In this work

we used Radant MEMS RMSW100HP switches due to their availability and good

switch performance.

Accurate and fast switch modeling is critical for optimization and final imple-

mentation. For global optimization runs, it is common to test thousands of different

designs before arriving at the global optimum, and therefore minimizing the simu-

lation time is critical to obtaining a design solution in a reasonable amount of time.
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Figure 6.4: Different switch models that can be used to implement RF-MEMS
switches in simulations. (a) Ideal switch model. (b) Circuit model for the Radant
RMSW100HP switch. (c) Full-CAD model for the Radant RMSW100HP switch.

Thus, there is a need to utilize both accurate and simple models for rapid opti-

mization and final implementation. We briefly discuss three popular models often

used to model switches and decide which is most appropriate. Fig. 6.4 provides an

illustration of the three popular models.

Ideal Switch Model

The ideal switch model uses an open circuit to represent the OFF case. The

ON case is represented by a short circuit usually realized by a galvanic con-

nection between the two switch nodes. This model implementation is shown

in Fig. 6.4(a). Internal capacitances/reactances of these switches are not con-

sidered in this model and in most cases this model has the fastest simulation

time.

Circuit Model

Circuit models using lumped elements have been created in an effort to model
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some of the observed MEMS switch features with minimal overhead. With

the circuit model of the MEMS switches, the OFF case is simulated by using

a lumped capacitor between the two nodes. The ON case is then simulated as

a lumped resistor between the two terminals due to the contact resistance of

the cantilever beam. This model implementation is shown in Fig. 6.4(b). The

circuit model provides more detail to properly model the MEMS switch and

slight increases are observed in the relative simulation time in comparison to

the ideal switch model. Also note that our model incorporates wirebond effects

by utilizing wirebonds connected to the RLC impedance surface in HFSS.

Full-CAD Model

One can simulate the full electromagnetic model of the MEMS switch by in-

corporating all (or most) of its geometrical features. This includes a high-loss

silicon substrate as well as some representative transmission lines. In the OFF

position, the transmission lines form an open connection. In the ON position

the transmission lines are connected metallically. This Full-CAD model is

based on the model shown in [188–190]. This model implementation is shown

in Fig. 6.4(c). The fine geometrical features often require a long simulation

time, which significantly prolongs the optimization run.

For this particular application, the best balance between accuracy and simulation

speed for optimization was sought. In order to provide a quantitative comparison

between the three models, we chose a representative example of the FR-ESPA for

simulation. Both states (OFF and ON) were simulated with HFSS for the corre-

sponding switch model, and the overall time taken to conduct the entire simulation

was recorded. Table 6.1 summarizes the results of this comparison by providing the

relative simulation times of each simulation. These relative simulation times use the

ideal switch model times as the reference, and thus the relative simulation times

are unity for the ideal switch model. As expected, the ideal switch model has the

fastest simulation time, while the Full-CAD model shows significantly longer simu-

lation times. The circuit model increases the simulation time slightly. The results

from this investigation rule out the Full-CAD model for use in optimization due to

its significantly longer simulation times.

The choice now lies between the ideal switch and the circuit model. A critical
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Table 6.1: Relative Simulation Times for the Switch Models

Models
Relative Simulation Times Relative Total Fitness

Evaluation Time
OFF state ON state

Ideal Switch1 1 1 1

Circuit 1.19 1.49 1.30

Full-CAD 5.43 8.64 6.53

feature of MEMS switches encountered during the investigation is the OFF-state

capacitance of the MEMS switch. This capacitance can load the antenna in a way

that causes changes compared to the open circuit model present in the ideal switch

model. The next two subsections confirm the deficiencies of the ideal switch model,

a simulation model which has been very prevalent in literature. Final comparisons

with measured data reveal that the circuit model provides better agreement with

measurements. While more accurate models exist in literature [191], the circuit

model shown in Fig. 6.4(b) provides a useful balance in speed, accuracy, and sim-

plicity.

6.3.1 Design Optimization using Ideal Switch Models

The first case to be discussed is the optimization with ideal switch models. This

study was originally intended to serve as a proof-of-concept of the FR-ESPA, but

the discrepancies between simulation and measurement with MEMS switches was

dramatic enough to make an interesting case study. As illustrated in Fig. 6.4(a),

the OFF and ON states of the MEMS switch are modeled in HFSS as simple open

and short circuits. With the given switch model, the remaining task is to find the

best values of the design parameters, i.e. optimize the design with PSO.

1Note that the ideal switch was used as the reference in this case study. Therefore, the relative
OFF state, ON state, and total simulation times are unity because they are the reference time
durations. For example, the Full-CAD model’s OFF state simulation time took roughly 5.43 times
as long as the Ideal Switch OFF state.
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Table 6.2: Final Design Parameters for the Ideal Switch Case

Parameter W L Ls Ws Ps ` fd

Value (mm) 92.5 44.1 31.3 14.9 13.6 4.18 16.9

The fitness function described in equation 6.1 was employed with Foff = (2.0, 2.7)

GHz Fon = (2.7, 3.2) GHz. This choice of frequencies can support many of the pop-

ular wireless bands, e.g. WiFi and WiMAX. Previous designs have shown roughly

30% bandwidth for a typical E-shaped patch of similar height [185], and therefore

similar bandwidths were incorporated into the choice of frequencies. The termina-

tion criterion utilized for our optimization runs was a maximum number of iterations,

which was set to 500 iterations. The PSO-FEM program convergence results showed

that the average fitness approaches the global best value, which is typically a good

indication that the optimization run has converged, and no significant improvements

are to be expected. This can also indicate that the design is tolerable to possible

design and fabrication errors if encountered.

Fig. 6.5(a) shows the fabricated prototypes representing the ideal switch model.

Fig. 6.5(b) shows the simulated and measured S11 performance for the optimized

antenna and the fabricated prototype. Table 6.2 shows the final design parameters.

The simulated return loss shows that the design satisfies the criteria of -10dB in both

bands. In order to replicate the ON state, copper tape was placed across the bars to

represent RF switches in ON state. The S11 comparison between the simulated and

measured data shows very good agreement. The typical E-shaped antenna behavior

is clearly seen in the OFF state ranging from 2GHz to 2.7GHz. By shorting the

bridges, the frequency shifts to a higher value thus covering the band from 2.7GHz

to 3.2GHz due to the change in E-shaped slot dimensions. The slight differences

between simulations and measurement can be attributed to air gaps between layers

and variations in foam thickness.
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Figure 6.5: (a) Prototype using ideal switch model. (b) Simulated and measured
S11 performance of the ideal switch model performance using the open circuit and
short circuit cases in Fig. 6.5(a).

Unfortunately, implementing MEMS switches directly onto this design does not

work and detunes the antenna performance. Two Radant RMS100HP MEMS

switches were placed and wirebonded on the same fabricated prototype shown in

Fig. 6.5(a) to test the performance with these switches. Fig. 6.6 provides a com-

parison of the measured S11 results between the wirebonded MEMS measurement

when the MEMS switches are not actuated (OFF state) and the case with open cir-

cuits shown in Fig. 6.5(a). The ON state only showed minor changes and therefore

was excluded from the plot. Clearly, significant differences exist between the ideal

switch model and the measurement with MEMS. The differences can be attributed

to the lack of off-state capacitance effects in the ideal switch model. This implies
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Figure 6.6: FR-ESPA OFF-state S11 response comparison between the simu-
lated MEMS switch models and measurement with ideal switches (Fig. 6.5(a))
and measurement with wirebonded MEMS. Major differences can be observed
between the ideal switch (open circuit) and the wirebonded MEMS.

that the predicted design performance from the ideal switch model may not be very

accurate. From this, one can conclude that the ideal switch model is insufficient for

a final implementation. A more detailed model such as the circuit model must be

incorporated into the optimization.

6.3.2 Design Optimization with RF-MEMS Circuit Models

Next, the FR-ESPA design is optimized using the circuit model. This case study will

highlight the advantage of proceeding directly from optimization to implementation.

If one was to utilize the previous design optimized with ideal switches, then an

inconvenient retuning would be required. The extra features of the circuit model

lead to a fairly reasonable simulation prediction of the antenna performance and

avoid the need for retuning after optimization.

Overall, we used a very similar approach towards the optimization as described

in the previous section. The fitness function remained the same, however the fre-

quencies were set to Foff = (2.0, 2.6) GHz and Fon = (2.6, 3.2) GHz. Intuition from
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Table 6.3: Final Design Parameters for the Frequency Reconfigurable E-shaped
Patch with MEMS

Parameter W L Ls Ws Ps ` fd

Value (mm) 95.9 44.3 28.6 11.4 13.1 4.88 18.6

MEMS 

Switches Magnified View of Radant 

MEMS RMSW100HP 
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Figure 6.7: (a) Fabricated final optimized FR-ESPA which incorporates MEMS
switches as shown in the inset figure. (b) Comparison between the simulated
circuit model, Full-CAD model, and measured antenna for the final optimized
FR-ESPA.

the circuit model and previous antenna literature would expect that the MEMS

switches may slightly load the antenna with the capacitive OFF state during OFF-

state operation. Loading on a patch antenna is generally not intuitive, and pre-

dicting whether the bandwidth becomes narrower or wider is not easy. As a worst

case, we decreased the bandwidth in the OFF case in order to make the optimization

slightly easier. Preliminary simulations with the MEMS switch model also indicated

that the bandwidth might be slightly narrower for the OFF state.

PSO was able to quickly find an optimal design that provides the desired wide-

band performance. Table 6.3 shows the final design parameters for the circuit model

case given by PSO. Fig. 6.7(a) shows the fabricated final optimized prototype, where

MEMS switches were used to test the antenna performance. Fig. 7(b) shows the
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Figure 6.8: Comparison between simulated and measured radiation patterns of
the final optimized FR-ESPA. (a) E-plane–2.05GHz (OFF). (b) H-plane–2.05GHz
(OFF). (c) E-plane–2.55GHz (OFF). (d) H-plane–2.55GHz (OFF). (e) E-plane–
2.8GHz (ON). (f) H-plane–2.8GHz (ON). (g) E-plane–3.1GHz (ON). (h) H-plane–
3.1GHz (ON).

S11 comparison between the circuit model and the measured results for the final op-

timized FR-EPSA. Good agreement between the measurement and the simulation

can be observed, and good S11 performance (≤-10dB) can be seen for 2-2.6GHz and

2.6-3.2GHz in the OFF and ON states, respectively. This is a fairly large bandwidth

achieved with an antenna of this size, and the fractional bandwidth is roughly 50%,

which nearly doubles the original bandwidth given by the E-shaped patch antenna

without reconfiguration. The agreement once again validates the circuit model for

MEMS switches used for optimization. Fig. 6.7 also shows the comparison between

the circuit model and Full-CAD Model for the final RF-MEMS optimized design.

This result also validates that the circuit model is very similar to actual MEMS

model.

The radiation patterns of all different states are given in Fig. 6.8 with the ori-
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entation of the E-shaped antenna provided in Fig. 6.3. Figs. 6.8(a) and (b) show

the E- and H-plane for the OFF state at 2.05GHz. This frequency corresponds to

the mode where the currents travel around the slots for the E-shaped patch. Cross-

polarization is observed in the H-plane due to structural asymmetry created by the

slots. Figs. 6.8(c) and (d) show the E- and H-plane for the OFF state at 2.55GHz.

This frequency corresponds to the patch mode as seen in Fig. 6.2(a). The pattern

features are similar to a simple patch antenna. Figs. 6.8(e) and (f) show the E-

and H-plane for the ON state at 2.8GHz and Figs. 6.8(g) and (h) show the E- and

H-plane for the ON state at 3.1 GHz. High cross-polarization can be observed for

the ON case, and this can be attributed to an increased presence of higher order

modes under the patch. Future optimizations of this design might also incorporate

the cross-polarization in order to minimize its presence at higher frequencies. In

the array environment, techniques such as element rotation can also be used to help

alleviate cross-polarized radiation.

6.4 Final Demonstration with Bias Networks

In order to use the switches, one must deliver a DC voltage to actuate the switches,

which necessitates the use of some form of DC bias network. After some extensive

research and tests, we found that conductive adhesives can provide a compact,

cost-effective, and even wideband solution [192]. A PELCO Isopropanol Based

Graphite Based Paint distributed by Ted Pella, Inc. was found to provide the

required resistivity which was roughly 2400 Ω/sq for 25 µm thickness [193]. The

total resistance of the DC bias line using conductive adhesive was measured to

be approximately 180-200kΩ for the bias lines that were about 0.5×42mm in size.

These bias lines are also depicted in Fig. 6.9(a) along with the MEMS switches and

E-shaped patch antenna.
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Figure 6.9: (a) Final optimized FR-ESPA design with MEMS switches and bias
lines. (b) Comparison of S11 between the simulated circuit model and measured
antenna for the final optimized FR-ESPA including the bias lines. The applied
voltage for this particular MEMS switch is -90V.

A ±90V driver was connected to the MEMS switches, and the ON and OFF

states were measured by applying -90V and 0V, respectively, to the gate of the
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MEMS switches. Note that the middle bias line was connected to ground in order

to properly control the gate-source voltage and for grounding purposes. The results

of the measurement are shown in Fig. 6.9(b). Good agreement between the mea-

surement and the simulation can be observed, and good S11 performance (≤-10dB)

can be seen for 2.0–2.6 GHz and 2.6–3.2 GHz in the OFF and ON states, respec-

tively. Our observations have shown that the bias lines do not significantly affect

the antenna performance since they act as an RF-DC isolator.

6.5 Summary

To summarize, cognitive radio is an emerging and promising technology that aims

to provide freedom to wireless networks by taking advantage of the unused spec-

trum. Reconfigurable antenna technology can help address many of the challenges

for antenna designs for these systems. In this work, we have extended the wideband

E-shaped patch antenna with frequency reconfigurability. The proposed design can

be used to progress the functionality of larger terminals or access points using patch

antennas such as laptops or base station antennas. Final optimized designs with

frequency reconfigurability were demonstrated. An effective impedance bandwidth

of 50% was achieved. The design only requires two switches, which is small com-

pared to other reconfigurable antennas in the literature. Overall, the measurements

showed good agreement with the simulations, and the frequency reconfigurability

was able to nearly double the fractional bandwidth of the E-shaped patch. Measure-

ment patterns also showed good agreement with simulations. An implementation of

resistive bias lines using conductive adhesives demonstrated the full prototype.
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CHAPTER 7

RHCP/LHCP Reconfigurable E-shaped Patch

Elements and Arrays for Software Radios

Reconfigurable antennas can be broadly categorized into three main groups: fre-

quency reconfigurable, polarization reconfigurable, and radiation pattern reconfig-

urable. Between the three categories, polarization reconfigurability is an interesting

feature for antennas that has stirred recent interest within the antenna commu-

nity [27, 194–205, 205–225, 225–243]. The novelties brought into wireless systems

by antennas with this capability are endless, and new applications and features are

constantly being documented and researched. Some possible applications include

the usage of polarization reconfigurable antennas on remote terminals such as satel-

lites, where reconfiguration of the polarization might be necessary for implementing

different communications protocols. Another interesting application is in mobile

satellite terminals such as vehicles or boats. Satellite coverage uses a similar princi-

ple of creating cells and frequency reuse. Using two orthogonal polarizations doubles

the reuse factor while maintaining the same bandwidth. Switching between these

polarizations then becomes an important feature of such a system in order to select

the appropriate channel.

While infinite possibilities exist, the most interesting cases of polarization recon-

figurability take the form of having two states with orthogonal linear polarizations,

two states with orthogonal circular polarizations, or even four states that include all

cases aforementioned. Within the context of this work, we shall denote these cases by
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LP reconfigurable, CP reconfigurable, and quad-polarization reconfigurable, respec-

tively. CP reconfigurable antennas allow the antenna to switch from right-handed

CP to left-handed CP, enabling some attractive advantages for many applications.

The independence on antenna polarization orientation is a major plus, and multi-

path effects have shown to have reduced effects with CP systems [244, 245]. CP

reconfigurable antennas were first proposed in order to further increase the so-called

antenna diversity [196], but they have also been shown to provide better overall per-

formance whether operating in the transmit-diversity or spatial multiplexing modes

for the MIMO array context [246]. This research was recently extended by Qin, et al

to show that one could further improve the capacity by utilizing CP reconfigurable

patch antennas [228]. Other applications of CP reconfigurable antennas also include

their use in modulation schemes for microwave RFID systems [247].

A survey of the literature shows that CP reconfigurable patch antennas tend to

be very narrowband in terms of S11 ≤ −10 dB and AR ≤ 3 dB, which must be main-

tained for both right-handed and left-handed CP states. Typical values of S11-AR

bandwidth for single layer, single feed CP reconfigurable patch antennas have 0.1%-

1% [195,196,201,204–206,213,219,229,237,241,248]. Wider bandwidths have been

realized with reconfigurable slot antennas [197, 207, 249] and spiral antennas [198],

however the bandwidth comes alongside low directivity. More recent results have

shown that higher bandwidths could be obtained by using U-slot patch antennas,

but the bandwidth was still only 2.8% [229]. Their narrow bandwidth severely limits

their usage for such applications requiring agile polarization functionality.

To overcome this limitation, a novel RHCP/LHCP reconfigurable E-shaped

patch antenna has been investigated. Previous experimentation with CP E-shaped

patch antennas have shown promising results, that is, their designs could support a

broad AR-S11 bandwidth [241] up to 7%. Our studies reveal that further optimiza-

tion of the design can actually achieve a bandwidth of 17% (more than double),
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an AR-S11 bandwidth previously unheard of for CP reconfigurable patch antennas.

The only caveat is a beam squint that begins to appear at a small portion of the

upper frequencies. Our analysis will demonstrate that this beam squint arises due to

higher-order modes being excited. There is also a growing interest in wideband re-

configurable arrays, and the CP reconfigurable E-shaped patch design makes a great

candidate for implementing CP reconfigurable arrays. Standard linear arrays and

rotated-element linear arrays are discussed, and it is shown that rotated element

arrays can remove any element beam squints that might appear over a relatively

wide CP bandwidth. Our final array designs are optimized using a multistage opti-

mization procedure to improve optimization speed and performance. We fabricated

the final array design with rotated elements using MEMS switches and resistive ink

bias lines, with a measured AR-S11 bandwidth of 20%. These bandwidths enable

the use of these arrays for applications such as base stations and sectorized wireless

links such as WiFi nodes. Other applications that could benefit from such systems

are satellite communication links, where circular polarization is often used to avoid

polarization misalignment.

7.1 CP Reconfigurable E-Shaped Patch Antenna Concept

As discussed in the previous chapter, the original linearly polarized E-shaped patch

has been recognized worldwide as one of the leading single-layer, single feed wide-

band patch designs [51, 185, 250, 251]. It has been shown that the E-shaped patch

design can be further modified by introducing asymmetrical slots to generate CP

radiation [33]. The asymmetry is in the length of the slots, as seen in Fig. 7.1a.

One can approximate a shortening of the slots by effectively placing a small bar

across the slot. By using asymmetric slots, the CP E-shaped patch design can ex-

cite an orthogonal polarization with quadrature phase [33], assuming that the proper

geometry is used.
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Figure 7.1: (a) The MEMS reconfigurable CP E-shaped patch antenna element
to produce either RHCP or LHCP modes. (b) Layer stackup for the design
implementation.

In Ch. 2, it is shown that for traditional CP patch antennas there are two domi-

nant modes present. Each of these modes are associated with a certain polarization.

The maximum AR-S11 bandwidth possible with these so-called traditional CP patch

antennas can be predicted by

BW ≈
√

2− 1

Q 4
√

2
≈ 0.348

Q
(7.1)

where Q is the quality factor of the resonant cavity for the patch antenna [36].
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By introducing complex slot structures such as those in the CP E-shaped patch,

one might surpass this limit with the introduction of more resonant frequencies

associated with multiple (more than two) modes. In fact, studies shown in Ch. 2

and in [35] reveal that traditional CP patch antennas with a substrate height of

≈ λ/10 would result in roughly 4.9%. The substrate height often dictates the

bandwidth of patch antennas, and thus comparisons must be made between patch

designs of similar height. As will be demonstrated in the following sections, the

CP reconfigurable E-shaped patch design can achieve roughly 17% bandwidth, a

bandwidth much wider than the capabilities of the traditional CP patch antennas.

It is also entirely possible that the slots in the E-shape help to lower the Q of the

modes as well; a lower Q leads to a higher bandwidth. The presence of higher modes

also can have an impact on the radiation performance, but we address this with the

use of the rotated array discussed in Section 7.4.

With the asymmetric slots in the E-shaped patch design, adding polarization

reconfigurability can be accomplished by placing RF switches in the slots to create

the asymmetry. The placement of the MEMS switches is shown in Fig. 7.1, and both

RHCP and LHCP states are depicted with one switch ON and one switch OFF. We

used a multi-layer configuration as indicated in Fig. 7.1b in order to facilitate the

integration of the RF MEMS switches. Ultimately, one can implement this design

with one thick substrate layer, but our goal was to demonstrate bandwidth which

can be best done using a low permittivity substrate, e.g. foam. Thus we used a

Duroid layer in conjunction with foam in order to facilitate the RF-MEMS switch

implementation. Another salient feature of this design is that both RHCP/LHCP

states will have equal performance in the broadside AR and S11 due to the flipped

geometries of each state. This is useful to ensure good performance for each state

of the antenna and the array. It also reduced the number of simulations during the

optimization because we only had to simulate one state to test each design.
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7.2 Antenna Element Optimization for CP Reconfigurable

Arrays

The CP reconfigurable E-shaped patch antenna contains 7 design parameters that

must be optimized. For an antenna design problem, this can be considered highly

dimensional, owing to the fact that trial-and-error techniques are rendered non-

intuitive for this design. The challenge is to determine the best values for each

parameter which maximize the bandwidth and provide good S11 and AR. Among

all the optimizations conducted in this work, this represented the most difficult of

them all, possibly due to the fact that AR is a very sensitive radiation parameter

which might be easily affected with small changes in geometry.

To simulate the MEMS switches, we make use of the circuit models discussed

in Sec. 6.3.1. Again, the goodness of a given design must be characterized by a

prudent choice of fitness function. Our fitness function emphasized the broadside

AR at 2.4 GHz, S11 at 2.4 GHz, and also the AR-S11 bandwidth by using

f(x) = 4 |S11(f0)|+ |AR(f0)| − 0.1BWMHZ (7.2)

where x is the vector of optimization parameters and f0 is the center frequency

(2.4GHz). S11 is the impedance matching magnitude and AR is the axial ratio

magnitude (both not in dB). Lastly, we used similar constraint handling algorithms

as the frequency reconfigurable E-shaped patch antenna shown in Ch. 6. In our

implementation of PSO, a particle that falls outside of the constraint equations is

assigned a high value, e.g. 1010, similarly to the invisible boundary conditions [252].

The final design values from the PSO optimization are shown in Table 7.1. The

simulated and measured performance for the final reconfigurable CP E-shaped patch

design obtained from PSO can be seen in Figs. 7.2-7.3. The fabricated design with
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Table 7.1: Final Element Design Values found from PSO (Dimensions in mm)

W L Ws Ls Ps fd `

89.0 45.0 9.25 36.0 7.47 10.5 15.1
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Figure 7.2: Impedance matching and broadside AR measurement comparison
to simulations for the final CP E-shaped patch element.

MEMS switches can be seen in Fig. 7.4. We show the impedance matching perfor-

mance in Fig 7.2, where one can observe the double resonance of the CP E-shaped

patch antenna. The final design provides roughly 400 MHz AR-S11 bandwidth,

resulting in a 17% AR-S11 bandwidth at 2.4 GHz. Note also that the AR-S11 band-

width is wider than previously observed bandwidths seen in the CP U-slot and the

CP L-shaped probe patch antennas. The CP U-slot and L-shaped probe patch an-

tennas seen in [29, 229,253] typically provide roughly a 5-6% AR-S11 bandwidth at

the same height and similar geometry. In contrast, the CP E-shaped patch antenna

is able to obtain more than double bandwidth due to its ability to harness multiple

resonances for both polarizations.

The patterns are shown in Fig. 7.3 for 2.45 GHz and 2.6 GHz. It should be

noted that we used a larger ground plane (200×200mm) as seen in the inset figure

of Fig. 7.2 in an effort to remove the impacts of the AUT positioner in the UCLA
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Figure 7.3: (a) Pattern measurement for the φ = 0◦ cut at 2.45 GHz. (b) Pattern
measurement for the φ = 90◦ cut at 2.45 GHz. (c) Pattern measurement for φ = 0◦

at 2.6 GHz. (d) Pattern measurement for φ = 90◦ at 2.6 GHz.
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Figure 7.4: Magnified view of the switch implementation with the conductive
adhesive bias lines.
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anechoic chamber on the AR, which can be a sensitive measurement. Second, we

used two versions of the MEMS switch, since one switch had to be engaged while

the other was off. One switch was the typical switch which remained in the OFF

state, and the other switch was fabricated by Radant MEMS to be permanently in

the ON state, i.e. a thru-line version. The switch implementation with bias lines is

shown in Fig. 7.4, where case 1 is the ”thru-line” version while case 2 is the typical

RMSW100HP switch. Simulations also indicated that this antenna has reasonable

efficiencies above 95% over the entire operational bandwidth (2.2-2.6 GHz).

Overall, the characteristics of the patterns are fairly typical of a CP patch an-

tenna. At 2.45 GHz, we obtain roughly 8.35 dBic directivity with an axial ratio

of 1.88 dB. At 2.6 GHz, some interesting features begin to take shape, namely a

beam squint of the main beam towards θ = 20◦ in the xz plane. This squint can be

observed for 2.55 GHz and above, resulting in a decreased directivity towards θ = 0

and non-symmetric coverage. Overcoming this issue can be accomplished in array

applications by utilizing rotated arrays as discussed in the next section.

7.3 Understanding the Beam Squint from the Near-Fields

In this section, we will examine in detail the nature of this beam squint. We first

begin by breaking down the RHCP/LHCP fields into their linear components to

discuss possible implications. Next we explain its origin through the aperture near-

fields, which directly provide insights into the modal structure occuring within the

patch. With this data we can posit an explanation as to the appearance of this

beam squint.

The far-field Eθ and Eφ components share a direct Fourier transform relationship

with the aperture near-fields Ex and Ey. The relationship between the CP compo-

nents and the aperture near fields is not as natural. Since we will discuss these beam-
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Figure 7.5: Radiation patterns for φ = 0◦ in the LHCP mode. (a) CP compo-
nents for at 2.2 GHz. (b) CP components at 2.6 GHz. (c) Linear components at
2.2 GHz. (d) Linear components at 2.6 GHz.

squint effects in terms of the aperture near-fields, we decompose the LHCP/RHCP

far-field components into their linear Eθ and Eφ components, as shown in Figs. 7.5c-

7.5d. We also plot the radiation patterns with the CP components in Figs. 7.5a-7.5b

for reference. Several immediate observations stand out from these results. First,

the radiation patterns are not typical of CP patch antennas. Second, both Eθ and

Eφ have beam squints of their own, even at 2.2 GHz. The expected maximum di-

rection for each linear component is towards θ = 0. Yet, the magnitude of Eθ and

Eφ is equal towards broadside, thus leading to a good axial ratio at θ = 0 (with

quadrature phase also obtained). Since the beams of Eθ and Eφ decrease at a similar
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Figure 7.6: Magnitude and phase of Ey at 1mm above the antenna aperture at
2.2 GHz. The Ey magnitude and phase are plotted to show the variations in x
and the resulting far-field radiation from the lower radiating slot.

rate and point in opposite directions, i.e. |Eθ(θ)| ≈ |Eφ(−θ)|, the LHCP component

maintains a symmetric beam with a maximum towards broadside at 2.2 GHz. This

is not the case for 2.6 GHz. The last (and possibly most important) observation

in these patterns is that the Eφ component at 2.6 GHz has stronger radiation to-

wards θ = 20◦, leading to the LHCP beam squint towards +20◦. The Eθ component

stays roughly the same throughout the band while the Eφ component changes at

the upper frequencies (at nearly the same frequencies with the beam squint). It

would stand to reason that the Eφ component is the primary component of interest

in understanding the squint.
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In the xz-plane, only Ey contributes to the Eφ component, and thus we plot the

Ey aperture field distribution in Figs. 7.6-7.7. In these plots, we direct the attention

to the radiating slots, that is, the edges of the patch which exhibit high intensity

electric fields. These so-called radiation slots dominate the far-field distributions

seen in Fig. 7.5, and any deviations from the typical field distribution within the

slots causes drastic changes in the radiation patterns. As expected from the previous

observations, linear phase variations versus x can be observed for 2.2 GHz (Fig. 7.6),

leading to the beam squint seen in the Eφ component shown in Fig. 7.5c. Linear

phase variations are not typical in radiating slots for CP patch antennas. The phase

is typically constant throughout the region. To better highlight the features, the

lower radiating slot Ey field’s phase and magnitude are plotted in the rightward

plot to better clarify this to the reader. For 2.2 GHz, we can clearly identify an

approximately linearly increasing phase distribution along this slot. Using Plane

Wave Expansion theory as described in [67, 254], we converted this distribution to

the far-fields via an FFT, and the results predict a similar beam squint towards

−20◦ for Eφ at 2.2 GHz. Note again that this is not the beam squint of interest. It

does, however, show that the Eφ component typically has a nice main beam towards

−20◦ for the CP E-shaped patch antenna.

The same procedure was used for 2.6 GHz, and several useful observations can be

made from these plots shown in Fig. 7.7. First, the near-field distribution experiences

several notable changes in the Ey component. In particular, an abrupt phase change

and a null occur near the middle of the patch (x = 0mm) which has a similar

appearance to a rectangular TM11 mode. The abrupt phase change is reflected in

the Ey phase plot to the right, where a 180◦ phase shift is observed. Again, taking

the FFT of this data predicts similar behavior to the simulation from HFSS. Thus,

the appearance of this quasi-TM11 distribution begins to alter the pattern in the

form of beam squints. It should be noted that the CP E-shaped patch experiences
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Figure 7.7: Magnitude and phase of Ey at 1mm above the antenna aperture at
2.6 GHz. The Ey magnitude and phase are plotted to show the variations in x
and the resulting far-field radiation from the lower radiating slots.

this effect due to the lack of symmetry along x (only one MEMS switch is ON), which

results in the excitation of the quasi-TM11 mode. In contrast, the original linearly

polarized E-shaped patch had not experienced this effect at the upper frequencies,

due to the symmetry of the structure. A symmetrical structure would guarantee a

null in the mode along the y-axis, i.e. the probe would not excite this higher-order

mode.
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7.4 CP Reconfigurable E-shaped Patch Arrays with Ro-

tated Elements

To demonstrate a CP reconfigurable patch antenna array, we have chosen a 4 × 1

linear array configuration that would be similar in geometry to base station anten-

nas. The CP reconfigurable E-shaped patch element showed roughly 60◦ beamwidth,

which provides high gain and good sector coverage for applications using sector ar-

rays. The most popular practice in creating antenna arrays is to take a pre-optimized

antenna design as an antenna element and place multiple copies of that element to

create an M × N array. We tested this exact procedure by simulating an explicit

4 × 1 array implementation in HFSS. While the array provided good performance

for S11 and AR over a band similar to the element, the radiation patterns presented

major problems for this array design. The array still exhibited a strong main beam

squint in the φ = 0◦ plane at roughly 2.55 GHz, similarly to the squint towards

θ = 20◦ as seen in Fig. 7.3. For base station and array applications, this is clearly

undesirable since the beam position will change versus frequency and will change

for each polarization state.

To compensate for this pattern feature, we propose a novel rotated element array

design which effectively removes the beam squint in the φ = 0◦ plane by rotating the

elements by 180◦. Of course, this physical rotation would have to be accompanied by

a 180◦ electrical delay in order to have constructive interference towards broadside.

From a physical viewpoint, this action allows equal amounts of energy to be radiated

towards both positive and negative θ values, which combines in a way that the

maximum energy goes towards broadside, assuming that the squint is not extremely

severe. In the next few subsections we will prove analytically that such a rotated

array scheme would result in symmetric patterns, giving a very strong guarantee

that the maximum radiation will be directed towards broadside. Afterwards we
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discuss the optimization and simulation modeling to conduct a rapid optimization

of the array.

7.4.1 Pattern Symmetry for 180◦ Rotated Element Arrays

In this section, we aim to show that the radiation pattern of a linear array become

symmetric for φ = 0◦ when rotating half of the elements. Assuming that we have

a linear array with an even number of elements N as depicted in Fig. 7.8, we can

write the total radiated electric field as

Etotal (r) =
N∑
n=1

anEn (r− r′n) (7.3)

where r is the observation vector, an is the complex element excitation coefficient,

En(·) is the electric field radiated from element n, and r′n is the location of the nth

element. In the far-field, we can write the nth element pattern as

En (r− r′n) ≈ e−jk(r−r̂·r′n)

r
Fn (θ, φ) (7.4)

where Fn(θ, φ) is the far-field pattern distribution. We assume that Fn(θ, φ) =

F(θ, φ) for n = 1, 3, 5..., N − 1, i.e. all odd elements have a given element pattern

F(θ, φ). Next, we assume that the even elements have patterns corresponding to

180◦ rotated patterns of F(θ, φ), which implies that Fn(θ, φ) = F(θ, φ + π) for

n = 2, 4, 6, ...N .

If we permit the use of negative values of θ by simply defining the mapping

(θ, φ) → (−θ, φ + π), for all θ ∈ −π ≤ θ ≤ 0, then we can write that the even

elements have patterns defined as

Fn,even(θ, φ) = F(θ, φ+ π) = F(−θ, φ) (7.5)
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Figure 7.8: Geometry of the linear array whose patterns are symmetric at φ = 0◦

if the elements are rotated by 180◦.

assuming that the vector components are defined using the spherical unit vectors

(θ̂, φ̂). Combining these results with equations 7.3-7.4, then we can find the total

far-field as

Etotal (r) =
e−jkr

r
G(θ, φ) (7.6)

where G(θ, φ) is given by

G(θ, φ) = F (θ, φ)
N−1∑
n=1

n odd

ejkr̂·r
′
n − F (−θ, φ)

N∑
n=2

n even

ejkr̂·r
′
n (7.7)

assuming that an = 1 for the odd elements and an = −1 for the even elements. For

the xz-plane, we also have r̂ · r′n = 0, which provides

Etotal (r, θ, φ = 0) =
e−jkr

r

N

2
(F (θ, 0)− F (−θ, 0)) (7.8)

which happens to be antisymmetric in phase but symmetric in magnitude. In

essence, |F(θ, 0) − F(−θ, 0)| will be an even function in θ. Thus, rotating half

of the elements by 180◦ and adding 180◦ will provide symmetric patterns in the
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xz-plane for linear arrays with the geometry given in Fig. 7.8.

7.4.2 Rotated Array Configuration and Optimization

Now that the concept has been theoretically validated with array theory, the next

step is the implementation. The geometry of the array is given in Fig. 7.9a, and the

layer stack-up is shown in Fig. 7.9c. Our ground plane dimensions are based on the

size limitations in our chemical etching facilities. In the stackup configuration, we

maintain a very similar configuration to the element design, with the only addition

being the substrate and metallic layer for the feed network (along with the coax

feeding connector). The feed network design is also shown in Fig. 7.9b, where

wideband triangular tapered lines provide an impedance transition from 25Ω to

50Ω. Also present in the feed network are the 180◦ lines to provide the necessary

phase excitation for the rotated elements. While the 180◦ delay line implementation

will be frequency dependent, the changes in phase does not have dramatic effects

on the AR performance but rather the array directivity. The final implementation

in the rotated element array used a 180◦ line designed for 2.4 GHz.

The utilization of rotated elements creates new challenges on its own merit, and

in this case the physics behind the rotated element design guarantees good beam

performance for the φ = 0 cut. Mutual coupling and interactions between the

elements can result in problems for both AR and S11 performance. Upon direct

insertion of the CP reconfigurable E-shaped patch designs (defined in Table 7.1),

we observed an increased axial ratio and poor S11 performance. After some careful

investigations, it can be shown that the mutual coupling strongly affects the S11 in

the case of rotated element arrays. While there exist techniques to reduce mutual

coupling, they can be difficult to achieve over a broad bandwidth and the reduc-

tion might not be sufficient to guarantee good impedance matching. Furthermore,

introducing other structures in the vicinity of the array can cause interference that
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Figure 7.9: (a) Top view of the proposed rotated element antenna array com-
posed of CP Reconfigurable E-shaped patch antennas. (b) Feed network for the
rotated element linear antenna array which provides 180◦ phase shift on all odd
elements. (c) Side view and stack-up of the linear array.

could further worsen the AR.

Multistage Array Optimization Procedure

Therefore, in order to restore the broadband performance of the array, we reop-

timized the elements within the array. Doing an explicit array simulation within

HFSS includes the array effects and allows the optimizer to find a solution despite

the array adversities. We used a multistage optimization approach in order to arrive

at a solution in a minimal time as depicted in Fig. 7.10. The multistage procedure

begins with the single element optimization. The final design from the single ele-
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Figure 7.10: Implementation of the multi-stage array element optimization. We
provide seeds from previous stages to accelerate the convergence.

ment optimization would then be used as the seed to the next optimization stage, for

this case the Two-Element Optimization. The final design from the Two-Element

Optimization would then be used as the seed for the next (and in this case the final)

optimization stage. Note that the single element optimization in Fig. 7.10 is the

optimization whose final design is summarized in Table 7.1. Thus, the final values

shown in Table 7.1 were used as a seed value in the two-element optimization. Next,

the final value found from the two-element optimization is used as the seed value

in the four-element optimization. With the reoptimization of the array elements,

the hope was to realize AR-S11 bandwidths at a similar level as the single-element

design (on the order of 17%).

We split the optimization into stages in order to accelerate the optimization time.

We could have simply implemented the 1 × 4 array design immediately without

any seed values. However, the evaluation time was fairly lengthy (roughly 25-35

minutes) for each evaluation, and having seed values can significantly speed up

the optimization. At the first two stages of the multistage optimization technique,
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smaller ground planes and substrate layers (in comparison to the full array design)

were used to reduce the computational burden of the simulations in HFSS, since

the complexity increases rapidly with the volume of the overall simulation domain.

Secondly, each optimization stage used coaxial lines to feed each of the antennas,

and 180◦ was placed in the excitation settings within HFSS to provide the phase

shift needed for proper operation. We excluded the microstrip feed network from the

simulations in order to decrease the simulation time. However, we still included the

network effects on the impedance matching performance as described by utilizing

an ideal power divider transmission line circuit model. While this analysis is only

approximate and does not account for mutual coupling within the feed network,

the methodology accounted for the feed effects fairly well in the presence of mutual

coupling.

Power Dividing Network Models to Predict Array S11

The power dividing transmission line circuit model forms an important component of

the array where a fraction of the power is provided to each of the antenna elements.

Timing, i.e. phase excitations, within the feed networks is also an important con-

sideration, and the feed network must provide both 0◦ and 180◦ excitation phases.

These feed networks can also have their own effects on the impedance matching

performance as well as the radiation patterns. We must derive the input impedance

of the rotated element array based on the desired feed networks. We also reveal that

mutual coupling seems to be much more pronounced for the rotated element array

case, where 180◦ phase shifters and rotated elements are used.

To simplify the analysis, we will make a few assumptions which can lead to

approximate models. First, we will exclude the effects of coupling between microstrip

lines within the feed network. The next assumption is described by Fig. 7.11, where

the 4×1 system can be approximated as two 2×1 systems. In the 4×1 array, mutual
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Figure 7.11: Depiction of the 2× 1 array approximation, where the 4× 1 linear
array can be approximated as two isolated 2×1 linear arrays with the same power
divider network.

coupling exists between all elements, but it tends to be much stronger between

adjacent elements. Furthermore, the effects of mutual coupling on the impedance

matching of the Input Port are small in comparison to the effects of mutual coupling

observed in the 2 × 1 arrays. We denote the reflection coefficient for both 2 × 1

systems as Γ2, while the reflection coefficient for the entire system will be given by

Γ, as depicted in Fig. 7.11. In this derivation, the notation will use bold uppercase

letters for matrices, bold lowercase letters for column vectors, and non-bold letters

for scalars. The operation (·)T designates the non-conjugate transpose.

The network model for the 2× 1 system is shown in Fig. 7.12, where we assume

a power divider/180◦ phase shift network is represented by Sp and the 2×1 antenna

array by SL. We use a source impedance of Z0/2 since a T-junction power divider

is being used, however this impedance can be transformed back into Z0 with an

impedance transition. We can represent Sp in a compact manner as

Sp =

Sp,11 sTps

sps S′p

 (7.9)
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Figure 7.12: The 2×1 system network model, where a T-junction power divider
is used to feed the antenna array. Note also that a 180◦ phase shifter has been
used on the rotated elements.

From Fig. 7.12, we have the equations

V− = SLV+ (7.10)V −in
V+

 = Sp

V +
in

V−

 (7.11)

which can manipulated using equation 7.9 to obtain

Γ2 =
V −in
V +
in

= Sp,11 + sTps
(
S−1
L − S′p

)−1
sps (7.12)

With no coupling between the two 2× 1 systems, we essentially have two identical

load impedances connected to the 2-to-1 power divider fed by the Input Port. If we

assume that we have ideal T-junction power dividers in the 2 × 1 systems and at

the Input Port, then we get Γ = Γ2 (assuming a source impedance of Z0/4), which

leads to

Γ = sTps
(
S−1
L − S′p

)−1
sps (7.13)

sps =
1√
2

 1

−1

 , S′p = −1

2

1 1

1 1

 (7.14)
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where Sp,11 = 0 because of the ideal power divider assumption. To demonstrate this

result, we can use a simple example of a 2× 1 array with equal element reflections

ΓL and coupling coefficients Cej180◦ , where the phase 180◦ has been chosen as the

worst case scenario. Thus, one assumes that the load matrix SL has the form

SL =

 ΓL Cej180◦

Cej180◦ ΓL

 , (7.15)

then one can find that Γ reduces to

Γ =
Γ2
L + ΓL + C − C2

1 + ΓL − C
(7.16)

which has been plotted against the coupling coefficient magnitude C for several

values of ΓL in Fig. 7.13. Notice that even for small values of coupling (-20 dB)

the impedance matching gets noticeably worse. Thus it remains important to in-

corporate the effects of the feed network into the simulations to predict the port

performance.
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To summarize this derivation, we proceeded to derive the impedance matching

performance of the array in order to exclude the microstrip feed network from the

simulations. As stated previously, including the feed network in the simulations can

increase the simulation time due to their smaller electrical features. We still include

the network effects on the impedance matching performance through the derived

ideal transmission line circuit model, where it is shown that the reflection coefficient

Γ seen at the input of the 4-to-1 feed network could be approximated as

Γ = sTps
(
S−1
L − S′p

)
sps (7.17)

as shown in equation 7.13. The matrix SL comes directly from the HFSS simulations,

and the matrices sps and S′p come from equation 7.14. There are many simplifica-

tions and assumptions within this approximate model. The first is that impedance

matching can be accomplished (transitioning from Z0/4 to Z0), and we do not in-

clude a model for the wideband impedance transformers within this formulation.

Also, we assume that the phase delay is 180◦ for all frequencies. The bandwidths

being considered are small such that the changes are not dramatic enough to cause

significant problems in the optimization. Nevertheless, including the phase delay

changes versus frequency in the analysis would provide a better match to reality.

7.4.3 Final Array Design, Implementation, and Measurements

With the multistage optimization technique and the simplified feed network model,

we proceeded to optimize the CP reconfigurable E-shaped patch array. The final

values from all optimization stages are shown in Table 7.2. It is interesting to note

that all the final designs are fairly different. These changes confirm our suspicions

that the coupling between antennas necessitates a careful reoptimization in order to

compensate for the changes. We then proceeded from the optimization to implemen-
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Table 7.2: Final Design Values found from the Multistage PSO (Dimen-
sions in mm)

Stage W L Ws Ls Ps fd `

Single Element 89.0 45.0 9.25 36.0 7.47 10.5 15.1

Two Element 67.4 44.9 8.53 36.8 9.14 13.3 17.6

Four Element 78.0 44.1 8.38 32.9 10.5 17.4 12.6

tation. The fabricated array can be seen in Fig. 7.14, where the feed network and

array element layer were chemically etched on Rogers Duroid 5880 circuit boards.

The simulated and measured performance of the final rotated CP E-shaped patch

array is shown in Fig. 7.15. By incorporating the feed networks into the optimization,

we have been able to achieve an array design that provides a wide S11-AR bandwidth,

which is roughly 2.15-2.63 GHz (20% at 2.4 GHz). The results shown are for the

prototype with MEMS switches. The discrepancies observed in the design are due

to the fabrication errors and any MEMS features not incorporated in the circuit

model, such as the their signatures on the radiation.

The radiation patterns in Fig. 7.16 show good characteristics throughout the

frequency band. It can be observed that pattern symmetry in the φ = 0 plane is

maintained throughout the entire frequency band, which was the goal of the 180◦

element rotation. The simulated and measured LHCP directivity is also plotted in

Fig. 7.16, where roughly 12 dB is maintained throughout the frequency band. The

symmetry of the design leads to a similar overall performance in the RHCP mode.

This was verified in HFSS, which showed similar S11 and radiation pattern results.

The simulated radiation efficiency of this antenna was above 86%, slightly lower

than the element design shown in Section 7.2. This is due to the extra dielectric

and metallic losses introduced in the feed network, which were incorporated in the

HFSS simulation model similarly to the element simulation.
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Figure 7.14: (a) Top view of the rotated element antenna array prototype of CP
Reconfigurable E-shaped patch antennas. (b) Feed network layer for the rotated
element linear antenna array prototype.
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Figure 7.16: Measured patterns of the rotated element array at (a) 2.2 GHz,
(b) 2.4 GHz, and (c) 2.6 GHz. (d) Broadside LHCP antenna directivity. Note
that these patterns are shown for the LHCP mode of the rotated CP E-shaped
patch array.
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7.5 Concluding Remarks

The proliferation of high speed and high performance digital circuits has sparked

a movement towards fully adaptive systems, where the functions conducted at the

physical layer of a wireless communication system are fully defined by code rather

than by the chipsets. Within this work, the feasibility of providing polarization

reconfigurability over a broad bandwidth using the E-shaped patch antennas was

discussed. A broadband CP reconfigurable E-shaped patch antenna element was

designed, optimized, and fully implemented with MEMS switches and PSO. Con-

siderations in implementing the CP E-shaped patch element were discussed. A

rotated element linear array was proposed which could remove the beam squint by

forcing the array to have symmetry in the φ = 0 plane. This array was able to

finally provide roughly 20% bandwidth in terms of S11, AR, and radiation pattern

stability. It was also able to maintain good performance for both polarization states,

which came as a benefit from the symmetry of the CP E-shaped patch design. In

the future, this array can be used as a communication link for large terminals or

even as a subarray for larger systems.
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CHAPTER 8

Frequency Rejection Reconfigurable Antennas

Software and cognitive radios show great promise in leveraging digital technol-

ogy towards greater flexibility and providing a great number of benefits as discussed

previously. Unfortunately, some fundamental problems resurface when using wide-

band software radio platforms. In traditional narrowband (hardware radio) sys-

tems, issues such as strong nearby blockers are directly addressed through the use

of sharp-rolloff preselect filters immediately after the antennas. Without such filters,

receivers can experience distortion from amplifier and mixer non-linearities that can

significantly affect receiver performance [119,120]. Even if the non-linearities of the

amplifiers and mixers were removed, the dynamic range of the analog-to-digital con-

verter would require a high dynamic range, i.e. an increased number of bits, which

can increase complexity, cost, and power requirements. In the realm of cognitive ra-

dios, the presence of a strong signal also limits the ability to detect any weak signals

near that band. Ideally, a large bandwidth should be sampled at a time in order

to accelerate the spectrum sensing process. A strong signal within that bandwidth

might not allow the detection of a weak signal due to the limitation of the ADC

dynamic range. To verify a channel is open requires the ability to possibly detect

signals on the order of -120 dBm. If a nearby strong signal presents -30 dBm at the

receiver, then it would require a minimum ADC dynamic range of 90 dB without

any margin. While high dynamic range ADCs are not uncommon, achieving both

high sampling rates and high dynamic range dramatically increases the power re-
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quired for the ADC to a point unusable for power limited applications. The cost is

also fairly prohibitive as well. Thus some sort of new filtering concepts are highly

recommended.

The typical technology to implement such filters with good rejection characteris-

tics are often surface acoustic wave (SAW) or film bulk acoustic resonator (FBAR)

filters [255–258], which have not demonstrated a strong capability for tuning. Adop-

tion of reconfigurable filters using varactors, MEMS-based technologies, and pin

diodes has been slow-going due to their substandard selectivity performance com-

pared to that of SAW or FBAR filters [120]. The unsatisfactory performance can be

attributed to the loss commonly present in many of these tuning elements. To cir-

cumvent these issues, researchers have proposed many interesting receiver paradigms

that do not conform to the standard design approach. The conventional approach to

filter design is a “worst case scenario” perspective, where the designer attempts to

meet a certain mask requirement in the case that a nearby blocker (both in space and

frequency) might overload the receiver. Recent interest has been stirring about the

possibility of relaxing filter requirements and leveraging filter adaptability to meet

the rejection requirements necessary to maintain receiver sensitivity [113, 119, 120].
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In a simple sense, if the presence of a nearby interferer causes reduction in quality of

service, then filter adaptation will enable the flexibility to move to another channel

where filtering capabilities are strong enough to reject the interference. Another

interesting path investigated recently by researchers is the avoidance of filters alto-

gether, and directly connecting passive mixers immediately after the antenna can

provide a blocker-tolerant platform as a wideband receiver [259] due to the high

linearity of passive mixers. Others have extended this work to include noise can-

cellation in order to improve the noise figure of the receiver [117] as illustrated in

Fig. 5.4.

Regardless of the path taken, it remains clear that blockers will pose a threat to

the system performance of a wideband receiver, especially in the context of software

and cognitive radios. For antenna designers, this offers the opportunity to support

these wideband systems by reducing any possible blockers before they even enter

the receiver circuitry. Wideband software radios undoubtedly require wideband

antenna performance in terms of their radiation pattern and impedance matching

performance. However, providing high quality blocker rejection offers another useful

feature for system designers. Moreover, the rejection must be adaptive in order to

account for any changes to the spectral environment. If a tunable bandpass filter

approach is employed, then adding rejection at the antenna level further enables re-

laxed filter requirements. With other approaches, reducing the presence of a blocker

could further enhance the overall receiver performance.

The focus of this chapter is towards developing a novel class of rejection reconfig-

urable antennas for use in wideband software and cognitive radios. In particular, an

additional reconfigurable filter is integrated into the antenna to further enhance the

rejection capabilities of the antenna. The switch/tuning element loss is the primary

factor contributing to poor rejection. Unfortunately, there is no hope for improving

rejection unless the equivalent series resistance of the tuning/switching elements can
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Figure 8.2: Big picture of this work. In this work, the goal will be to develop a
high-performance antenna element for an array with pattern nulling.

be reduced when only using a single resonant structure for rejection. It will be shown

that the frequency rejection performance can be improved to values on the order of

10–15 dB in comparison to the typical 3-5 dB rejection seen in the literature. The

basic idea is to create a higher-order reconfigurable rejection implementation, much

like what is done in the filter community.

Such an improved antenna has great potential as an element in future compact

phased arrays that can steer their pattern nulls and adjust their impedance match-

ing to reject a given frequency and angle of arrival, as illustrated in Fig. 8.2. The

antenna array would be able to achieve a deep null in the antenna gain for a given

frequency using phased array concepts. Since the goal is an implementation for soft-

ware or cognitive radio, we are attempting to enable satisfactory antenna operation

(radiation pattern and impedance matching) over a wide bandwidth. In this chap-

ter, we develop a high-quality frequency rejection feature that can be tuned on a

broadband monopole. Having a reconfigurable, frequency rejection capability gives

the system more freedom. With a final, high-performance antenna element design

ready, a small antenna array could be configured to provide nulling in the radiation

pattern. The combined effects of both frequency rejection and pattern nulling could

provide ample signal rejection, making this design an excellent tool for future radios.
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8.1 Frequency Rejection versus Pattern Nulling

Current literature has gone back and forth with their usage of the terms rejection,

null, notch, and bandstop, and it can get confusing when referring to antennas that

also may have nulls in their patterns as well. To remove the confusion, the terms

being used in this chapter must be defined. The first term is rejection.

Rejection: an antenna state for a given frequency fr in which zero (or very little)

power is radiated from the antenna in its transmit mode. In antenna vernac-

ular, the ratio of radiated power Prad to incident power Pinc is very small. In

the receive mode, the antenna would receive very little power compared to

other frequencies in the neighborhood of fr, assuming the same incident field

strength for different frequencies and for the same angle of arrival.

The idea of rejection relies on the notion that a signal can be distinguished by its

associated carrier frequency. The frequency distinction then allows the antenna to

reject the signal based on the antenna’s impedance matching and radiation efficiency

performance at that particular frequency. The phrase “frequency rejection” will be

used throughout this chapter in order to emphasize the association of the term

rejection with frequency even further. The next term that is used is null.

Null: an antenna state for a given direction in which zero (or very little) power is

radiated from the antenna in its transmit mode compared to other angles. The

antenna gain is very low for this given direction (θn, φn). The same antenna

operating in its receive mode would receive very little power from a source

located in the direction (θn, φn) compared to other angles of arrival, assuming

the same incident field strength for different angles of arrival.

The history behind pattern nulls prompts us to define a null in the context of the

radiation pattern. A null has been used frequently in the antenna array field to

describe a zero or a very small gain (or directivity) associated with a particular

direction [260]. Using the word “null” to describe a low power associated with a

given frequency might paint the wrong picture. This chapter will also use the phrase
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Figure 8.3: The difference between frequency rejection and pattern null illus-
trated. (a) Two signals of different frequencies but same power arrive at an
antenna with frequency rejection. One signal is dramatically attenuated. (b).
Comparing the power received for different angles of arrival. At the angle of the
null, the signal is dramatically attenuated.

“pattern null” to make it all the more obvious. Other words like notch (or band-

notched) and bandstop will be avoided when referring to the antenna concept as a

whole. Near the end of the chapter there is some discussion about the incorporation

of bandstop filters, but this vocabulary is used due to its widespread use in the filter

community.

The idea of rejection and nulling is associated with frequency and space, re-

spectively. A common motif throughout this chapter is that both have their own

shortcomings, but a nice balance can be achieved that is useful for software and

cognitive radios. Fig. 8.3 illustrates a comparison between these two cases. The

difference between the two concepts is their so-called “independent variable,” which

for frequency rejection and pattern nulling is frequency and space, respectively.
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For an antenna, frequency rejection is rather tough, especially when working

with an antenna that has already been crafted to radiate well. The transition from

an excellent radiator to a poor radiator is often rather slow, and a large number

of frequencies suffer from poor performance. Ideally, a set of frequencies to reject

are chosen and any frequency immediately outside of that chosen band receives

incoming signals well and radiates well. Just like the case with filter design, the

rejection mechanism must be engineered to provide a sharp transition.

For pattern nulling in an antenna, dramatic changes in the radiating current dis-

tribution must occur. The most straightforward path to achieve this comes through

an antenna array. By splitting out the signal to several elements and controlling

their inputs with phase shifters and attenuators, one can directly modify the pattern

with the goal of placing a null at a particular angle. Depending on the number and

arrangement of the elements, deep nulls can be realized in the pattern, achieving

rejection levels on the order of 20-30 dB over a set of angles. The only consideration

in this development is the frequency dependency of the pattern. Ideally the array

should provide enough freedom such that a deep null can be placed on the jammer

in addition to shaping the pattern as desired for the frequencies of interest.

8.2 Frequency Rejection in Wideband Planar Monopole An-

tennas

8.2.1 How to Make a Bad Antenna for One Frequency

Frequency rejection is not easy to achieve. To understand this, let us revisit the

basic antenna concepts. The performance aspects of the antenna that contribute

to frequency rejection are the impedance mismatch and the losses. The impedance

matching is usually described by its so called reflection coefficient S11, and the
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corresponding impedance mismatch efficiency

ηm = 1− |S11|2 (8.1)

describes how much power is accepted by the antenna for radiation. The loss metric

quantifies how much power is lost to ohmic heating in the metal and losses associated

with the dielectric. These dielectric losses come from their own ohmic heating as well

as energy lost in the molecular dipole oscillations given by the input frequency [62].

To fully describe the rejection is best represented by the multiplication of the two

efficiencies,

ηr = ηmηr =
(
1− |S11|2

)
ηr =

Prad
Pinc

(8.2)

which we can denote as the realized antenna efficiency. In this equation, ηr is the

radiation efficiency, Prad is the radiated power, and Pinc is the incident power that

is used to excite the antenna. This efficiency metric clearly represents the overall

efficiency of the antenna and its ability to radiate since it reduces to the ratio of the

power radiated Prad to the incident power Pinc.

If we consider a lossless antenna for a moment, it becomes immediate that the

impedance mismatch must be perfectly mismatched in order to have perfect rejec-

tion. In other words, the antenna must have an impedance match of 0 dB at the

desired rejection frequency. In fact the relationship between the impedance match-

ing and the mismatch efficiency shares a very steep slope, as illustrated in Fig. 8.4.

Within this figure, a region denoted as the > 3 dB region is highlighted, which

corresponds to all impedance matching levels having > 3 dB mismatch efficiency.

A rejection level of 3 dB is not altogether good. Going back to the ADC dynamic

range example, this only gives us an improvement of 3 dB, which does not merit

the added expense of a reconfigurable antenna. Indeed, the goal is to hopefully

achieve a rejection level of 10-20 dB, which Fig. 8.4 shows would require values of

212



−20 −15 −10 −5 0
0

5

10

15

S
11

(dB)

R
ej

ec
tio

n 
Le

ve
l (

dB
)

>3dB Rejection 
Range

Figure 8.4: Relationship between rejection, i.e. −10 log10

(
1− |S11|2

)
, and the

impedance matching when the antenna is lossless by ηr = 1.

S11 ≥ −0.45 dB at least. For any antenna, the combined sensitivity to S11 and

the difficulty in increasing an antenna’s impedance match make this a very difficult

problem.

Notice that this difficulty is pronounced because the antenna is assumed to al-

ready radiate well, meaning that a voltage applied at the antenna port creates cur-

rents that radiate into free space. These currents not only radiate, but they have the

appropriate phase and magnitude compared with the applied voltage that optimal

power transfer occurs. This optimality occurs when the input impedance equals the

line impedance as Zin = Z0. The shape of the antenna would be optimized to achieve

this impedance matching over a large bandwidth. Adding a rejection frequency then

requires a further modification of the shape to include both a frequency rejection

and a good impedance match over the wide bandwidth. Arriving at full rejection,

i.e. S11 = 0 dB, can happen three different ways: increasing the currents such that

Zin = 0 when a voltage is applied, decreasing the currents such that Zin → ∞,

or modifying the phase of the currents to increase the reactance magnitude |Xin|.
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Figure 8.5: Poor impedance matching can be used to get perfect rejection by
achieving S11 = 0 dB. Achieving this value can be accomplished by shaping the
antenna to increase or decrease the currents. Another important feature that can
be used is to add reactance to the input impedance.

Fig. 8.5 illustrates these paths. Modifying the antenna to make those changes to

the input current is one challenging part of the problem. The more difficult part,

however, is attempting to change these input currents for a single frequency while

keeping other frequencies undisturbed.

Other researchers have sought solutions for this problem, and there exist a vast

number of studies with various levels of focus in their research [163–168, 261–271].

The idea of frequency rejection first came about with research in areas surrounding

UWB communications [167]. Not long after that conference paper was published, a

large number of researchers began tackling this problem, taking on many different

approaches to create a frequency rejection for both planar monopole/dipole antennas

in addition to slot-based antennas. The basic idea that started with [167] but

was further researched by others [163–168, 261–271] is that a narrowband resonant

feature could be integrated into the antenna. By looking at Fig. 8.6, one can get

an idea of how many different ways a narrowband structure could be integrated

into a design. In fact, it is common nowadays to even integrate mutliple techniques

to achieve multiple frequency rejections [262]. However the resonant structure is

214



Slotted Monopole/Dipole Shapes

(a)
Resonant Parasitic Patches 

(b)

Quarter-wave Stubs

(c)

Figure 8.6: A taxonomy of frequency rejection techniques in wideband planar
monopole antennas. They can be broadly categorized by their rejection mech-
anisms as (a) resonant slot features [163–165, 167], (b) resonant parasitic struc-
tures [261, 262, 266, 272], and (c) resonant quarter-wave stubs connected to the
monopole [168,273].

realized, there are several important features that must be considered when a final

design choice for the frequency rejection must be made. These features include

• space/size

• fabrication constraints

• desired rejection level

• rejection bandwidth

• feed network design

• number of frequency rejections to achieve

• radiation pattern effects

• RF switch integration
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among other things. Many of these aspects are interrelated and have their various

levels of important for different applications. Fabrication constraints, for example,

could impose upon the design a limitation in maximum antenna size for mass pro-

duction. The corollary is that adding frequency rejection by using resonant slots

can force the design to increase in size, making it difficult to meet the fabrication

constraint if the fabrication constraint is already demanding. Notice how this is also

related to the space/size issue, which not only considers the entire antenna size but

also includes the aspects related to the space required for the resonant frequency

rejection feature.

Fabrication constraints are not only restricted to size limitations. Another im-

portant constraint is the smallest gap and line features that can be supported by the

fabrication process. There are many justifications for making slots or stubs as nar-

row as possible, but sometimes the size desired does not fit within the limitations.

Being able to process multiple metallic layers in addition to handling multiple sub-

strates adds some interesting opportunities for other functionalities. Interestingly,

these constraints are directly related to the feed network design. Choosing whether

to use microstrip, stripline, or coplanar-waveguide feed networks is another impor-

tant choice in the design, and the fabrication process capabilities/limitations can

restrict the options available.

A standard characterization and presentation of frequency rejection is something

that is lacking in the literature. The results often shown in current literature either

present the S11, radiation effiency, antenna gain, maximum antenna gain, or all of

the above. Only recently has the problem of a standard presentation and character-

ization been brought to the attention of researchers [174]. A side effect of this is the

lack of clear goals or the quantification of acceptable rejection performance. At this

stage, we will broadly refer to the rejection level as either strong or moderate, where

strong is somewhere above 10 dB for high rejection and moderate is somewhere
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around 1-6 dB. Notice that some people do not publish their measured rejection

levels, and thus readers have to infer the rejection from the VSWR/S11. This is

substandard because losses quickly lower the VWSR and S11, making it impossible

to truly know the rejection performance. Rejection bandwidth is sometimes referred

to by the 3 dB rejection bandwidth, but there has been no discussion of a standard

definition for rejection bandwidth. Thus, in this section we will classify bandwidths

in literature as narrowband or wideband by their features discussed in the refer-

eed papers, such as VSWR, S11, gain, or efficiency. For now, narrowband broadly

refers to antennas having some features on the order of 1-15% frequency bandwidth,

while wideband broadly refers to antennas having some rejection characteristic on

the order of 20-60%. Other aspects such as the number of frequency rejections and

radiation pattern effects are also important to consider. The RF switch integration

is an aspect that concerns only designs that are hoped to be made reconfigurable,

which is the case for our antenna. If the rejection frequency is fixed, on the other

hand, then this is not a point of concern.

For the resonant slot-based rejection shown in Fig. 8.6a, the important consider-

ations are the fabrication constraints and the space required for the slot. The size of

the slot is usually on the order of λg/2 or λg/4, where λg is the guided wavelength in

the slotline along with the effective permittivity. If the lower operational frequencies

are to be rejected, then the slot has to be increasingly lengthened, and usually the

monopole is smaller than λ0/4, meaning that meandering must be used to fit the

slot within the monopole. A very thin slot can accommodate more meandering,

but the smallest gap size restrictions from the manufacturing process must be taken

into account. As for the level of rejection, very good rejection capabilities have

been shown [163, 166, 167, 263]. As observed from the literature, the slots usually

must be placed closely to the input feed in order to have a strong rejection. This

is especially true when considering resistive losses that currents might sustain as
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they travel through the monopole, decreasing the rejection level. This implies a

limitation of the number of rejections that can be accommodated because not all

rejection slots can be placed near the input feed point. The rejection bandwidth of

these resonant slots can be very narrowband [166] or wideband [274]. Outfitting the

slots with RF switches presents a small challenge that can usually be overcome with

a clever bias network scheme in conjunction with a bypass capacitor to isolate the

switch from the input feed. As for popularity, our observations on current literature

point towards slot-based rejection as the most popular technique.

For the resonant parasitic patches, our observations in literature has not revealed

a design with strong rejection capabilities. While the exact definition of rejection

has not been defined, immediately comparing the S11 performance of some example

designs reveal worse rejection VSWR/S11 in contrast to the slot-based designs [261,

266]. However, one nice feature of these designs is that multiple frequency rejections

can be accommodated without any major hurdles. RF switch integration is also

simplified since the parasitic patches are DC-isolated from the monopole.

Resonant stubs are a more recent technique that have begun to surface in the

literature. Some concepts have presented themselves in frequency rejection recon-

figurable antennas [273] while others more recently have targeted fixed frequency

rejection [168]. While some researchers were more successful than others, it is inter-

esting that a dual-band, sharp rejection was attained with the use of two quarter-

wave stubs in [168], despite their distance from the feed location. Clearly, this shows

that multiple frequency rejections can be obtained with good rejection. While this

technique still needs more research to make strong observations, it also appears to

be a good design candidate for frequency rejection. The only caveat might be the

extremely small features used in [168], but no further studies have been developed

to investigate the capabilities of using larger line and gap widths.

Overall, each frequency rejection approach was considered in this research, and it
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Table 8.1: Comparison of the Different Frequency Rejection Techniques

Design Aspect Resonant Slots Parasitic
Patches

Resonant
Stubs

Space Needs large
monopole

May need space
beyond monopole

Reasonable

Fabrication Moderate May require mul-
tiple layers

Hard for narrow
gaps/lines

Rejection Level Strong Weak Strong

Rejection BW Narrow/wide Narrow Narrow

Multiplicity Challenging Straightforward Moderate
RF Switch
Integration

Moderately easy Easy Moderate

was decided to focus on slot-based rejection techniques because of their popularity

and success in obtaining high rejection levels for narrow bandwidths. Table 8.1

highlights the previous discussion on each technique’s advantage and shortcomings.

Further work should be devoted to a more in-depth comparison of each of these

techniques.

8.2.2 How to Reconfigure Frequency Rejection

The ultimate goal is to have an antenna that can respond dynamically to the radio

environment and adapt the rejection frequencies to any present blockers. Adding

electronically adaptive components (or commonly called RF switches) to an an-

tenna is among the most popular ways to enable flexibility in the antenna because

of their switching speed and ease of integration into the antenna. Naturally, the

next question is in the choices available to antenna engineers working at microwave

frequencies. In the previous chapters, we had discussed reconfiguring antennas with

MEMS switches, but there are other possible types of switches that can be used

depending on the needs of the system. Other popular adaptive RF components are
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summarized in Table 8.2. Besides MEMS switches, which were used in the previous

two chapters, designers also can choose PIN diodes, MEMS varactors, and varactor

diodes.

The biggest choice one must make in an electronically reconfigurable antenna

design is in the switching type. Should the antenna design be able to adapt con-

tinuously, or should it have a finite number of pre-programmed states? This really

depends on the system expectations as well as the desired level of complexity in

the system. Continuous tuning may require some form of feedback loop to ensure

proper operation, and furthermore a voltage-controlling circuit or a digital-to-analog

converter devoted to the control the switches (or possibly each switch individually).

Discrete switches offer tuning with less complexity for the driving network but at the

cost of less tunability. Given N RF binary switches, there are only 2N states avail-

able to the antenna designer, which can be small with a small number of switches.

Another very important consideration is the RF losses in the RF adaptive compo-

nents. In many ways, the losses inherent in PIN and varactor diodes motivated

researchers to investigate MEMS technology in the late 90’s and early 2000’s. In

general, MEMS technologies have been able to create switching/tuning elements

with high Q, meaning that the equivalent series resistance (ESR) is small.

Bias networks and DC power requirements are another important consideration

for switching/tuning elements. Out of these four choices, PIN diodes are the hardest

to implement because they are driven by current. This means that a constant current

supply must be created to drive the PIN diodes. Placing a series resistor in front

of the PIN diode and applying a voltage source is the fast and easy way to drive

these diodes, but this is fairly inefficient considering the power consumption by the

resistor. The other switch types are controlled by the applied voltage, meaning that

the associated current is pretty small. As explained previously, MEMS are actuated

by applying a static DC field to displace a metallic cantilever beam to either have
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Table 8.2: Comparison of the Different Reconfigurable RF Tuning/Switching
Elements

PIN Diodes MEMS
Switches

MEMS Var-
actors

Varactor
Diodes

Switching Discrete Discrete Continuous Continuous

Losses Moderate Low Low Moderate

Biasing Current-based Voltage-based Voltage-based Voltage-based

DC Power High Low Low Low

Cost Low High1 High Low

it connect to another terminal (MEMS switch) or to change the distance between

two effective parallel plates (MEMS varactor). The control input is DC isolated

in both cases and thus requires very little DC power. Varactor diodes operate by

reverse biasing a diode and changing the size of its depletion zone to effectively

change the capacitance. Diodes draw very little current in the reverse bias mode,

only drawing a small amount of power. Since the input DC current for voltage-based

switching/tuning elements is very small, high-resistance lines can be incorporated

to deliver the voltage control. This is much easier than having to design metallic

bias networks, where one must be aware of any changes to the current or electric

field distributions that may have detrimental effects on the antenna performance.

For frequency rejection reconfigurable antennas, there is a general dichotomy of

rejection reconfiguration. A general class of rejection reconfiguration is the devel-

opment of antennas with tunable frequency rejection, where either one or several

rejection frequencies can shift their resonant frequencies by some switching/tuning

mechanism. On the opposite side of this dichotomy are the antennas with frequency

rejection toggling. The system has the capability to turn off/on a given rejection

1MEMS switch cost can be significantly reduced when monolithically fabricated with the rest
of the antenna, but currently commercially-available switches are nearly two orders of magnitude
greater in cost compared to PIN and varactor diodes.
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with a fixed rejection frequency. At first glance, this sort of approach may seem

restrictive, but the justification is that blockers are usually situated around the

unlicensed and ISM bands such as 2.4 GHz. The toggle rejection design concept

attempts to improve the majority of blocker scenarios, while the tunable rejection

concept attempts to rejection any blocker that might come about. The toggle-

based system focuses on getting very good rejection in pre-specified bands, while a

tunable-based system might be designed with compromises to meet good rejection

capabilities over a wide range of frequencies. In this work, we focus on tunable rejec-

tion designs with more flexibility, although the approaches discussed are applicable

to both tunable and toggle based rejection reconfiguration.

As a last remark in this section, it should be pointed out that our ultimate goal in

this work is different than previous works in that we are attempting to bring pattern

nulling to further increase the capabilities of the antenna. There has been little

discussion on the usage of frequency rejection reconfigurable antennas as the antenna

element in a null-steerable array with application towards cognitive and software

radios. Furthermore, another novelty that has not been amplified in literature is

the usage of higher-order filtering in the reconfigurable antenna. By using multiple

resonances, deeper rejection levels than those seen in literature can be attained. This

has only been considered in one other reconfigurable antenna design [173] so far, and

this technique should be seriously considered by those wanting to employ frequency

rejection reconfiguration in their wireless networks because of its increased rejection

levels. The chapter discusses the integrated bandstop filters in a later section.

8.3 Development of a Wideband Planar Monopole

The design of a frequency rejection reconfigurable antenna starts with the devel-

opment of a wideband antenna, in this case, a wideband planar monopole/dipole
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Figure 8.7: (a) Illustration of an ideal half-wave dipole and quarter-wave
monopole. (b) Increasing the diameter of the dipole/monopole arms can increase
the bandwidth.

antenna. A dipole is made up of two arms with equal RF currents flowing in the

same direction, illustrated in Fig. 8.7a. The traditional monopole antenna was a

quarter-wavelength wire that rose vertically above a large ground plane (in terms of

wavelengths) [42]. These are well-recognized as the long wire sticking out of older

cars, first generation cell phones, and ham radios. Notice also that the cell phone

chassis or the large metallic surface area of the car could be used as an effective

ground plane without the need for a protruding plate. With a very thin wire comes

a very narrow bandwidth, and thus one can increase the thickness of the wire by

instead using a cylindrical, metallic rod like that in Fig. 8.7b. With the prolifera-

tion of microstrip and stripline technologies in the 1970’s–1980’s, researchers began

to investigate the use of planar techniques to create wideband monopole anten-

nas [275–279]. Once the FCC proposed the UWB initiatives in 2002 [20], a wide

number of researchers began the investigation and development of planar wideband

monopole/dipole antenna designs [126, 128, 165, 277, 280–283, 283–289]. The basic

idea is to take the two arms of a dipole or the arm of a monopole and flatten the

shape into a structure that can be etched on a substrate, as illustrated by Fig. 8.8.

The interesting feature of planar monopole and dipole antennas is that any shape
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Planarization

Figure 8.8: In the late 90’s and early 2000’s, there was a lot of interest in
developing planar monopoles and dipoles.

can be taken on by these planar designs. Indeed, very intricate and exotic shapes be-

gan to appear in literature having very formidable impedance matching bandwidths

on the order of 1:3 and even 1:20 [289,290].

The other parameter of concern is the pattern and the effective pattern band-

width. Often a monopole-type pattern is desired to produce omnidirectional radi-

ation. This can present a challenge especially considering that the antenna is no

longer symmetrical, taking away the inherent rotational symmetry in the patterns.

At the lower frequency where the width of the antenna is small in wavelengths,

the patterns most often are very omnidirectional. As the frequency increases, the

patterns become less omnidirectional because the width is wide with respect to the

wavelength.

In this section, a simple monopole development is described, which uses a similar

strategy as the designs presented in [166] and [174]. The goal is to provide an antenna

which can operate in the 2-6 GHz band. This range of frequencies fits nicely with

the recent 500 MHz initiative within the FCC [149,150,291–293], which has cleared

several key frequency bands as listed in Table 8.3. We first compare several different
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Table 8.3: Frequency Bands Opened for Use in United States by the FCC &
NTIA [291]

Band Name Frequencies (GHz) Bandwidth (MHz)

AWS-3 1.695–1.710 15

AWS-3 1.755–1.780 25

H Block 1.915–1.920 5

H Block 1.995–2.000 5

AWS-4 2.000–2.020 20

AWS-3 2.155–2.180 25

AWS-4 2.180–2.200 20

WCS 2.305–2.320 15

802.11b/g/n 2.400–2.483 83

3.5 GHz Band 3.550–3.650 100

5 GHz Band2 5.150–5.250 100

5 GHz Band 5.725–5.850 125

feeding techniques to develop a wideband monopole antenna suitable for the goals

of this work. This is done on air substrates as a preliminary comparison. Next, a

microstrip dipole is chosen to be implemented on a Rogers Duroid 5880 board. A

prototype is tuned and measured.

8.3.1 Comparing Microstrip, Stripline, and Coplanar Waveguide De-

signs on Air Substrates

Microstrip, coplanar waveguide, and stripline are among the most popular guided-

wave structures for feeding planar monopoles. The best choice of feeding structure

is not immediately obvious except for fabrication issues which can be immediately

foreseen. We begin the development of the wideband monopoles by designing three

monopoles with the different feeding structures. This is important in order to under-

2These 5 GHz bands fall under the ISM bands for unlicensed devices and the new 5 GHz band
initiatives [294].
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line any subtle differences between each of the feeding structures. This also makes

for a comprehensive story behind the design of this monopole. An illustration of

the three guided-wave structures are shown in Fig. 8.9a.

In order to have a wide bandwidth along with good impedance matching, a nice

transition from the transmission line to free space is a must. The geometry of the

monopole shape for this study is shown in Fig. 8.9b, where such a transition can

be seen. The two angles α1 and α2 along with the widths Wg1 and Wg2 control

this transition region to fine tune the impedance matching performance and the

monopole’s bandwidth. The ground plane is also shown for reference to illustrate

the gap G, but we also allowed the ground plane to mirror the taper shown in the

monopole. For such a monopole design, the length L and width W determine the

lowest operating frequency of this monopole by its so-called equivalent radius [278].

The gap G can increase or decrease the input impedance Zin, effectively. The overall

bandwidth is heavily controlled by the transition region geometry, i.e. Wg1, Wg2, α1,

and α2 in addition to the width W .

Microstrip Coplanar Waveguide

Stripline
(a)

GND

(b)

Figure 8.9: (a) Microstrip, coplanar waveguide, and stripline can be used to feed
a planar monopole antenna. The first task is to compare each feeding technique for
any subtle performance issues. (b) The monopole geometrical parameterization.
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(a) (b) (c)

Figure 8.10: Wideband planar monopole designs using air substrates.
(a) Microstrip-fed monopole. (b) CPW-fed monopole. (c) Stripline-fed monopole.

Tuning the design begins by sizing the monopole at a quarter wavelength of the

lowest operating frequency (2 GHz) and using an input transmission line with Z0 =

50Ω. As for the transitions, something reasonable such as G = 1mm, α1 = α2 = 30◦,

and Wg1 = Wt is a good start for these frequencies based on the literature [278,279].

Each of these designs are fed by a 50 Ω coaxial line. The coaxial line is positioned

such that only the inner coaxial conductor is in contact with the signal conductor

on each of the feeding structures. In this particular case, a similar tapering was

mirrored on the ground plane, as illustrated in Fig. 8.10. In order to minimize

cross-polarization and effects of higher-order modes, an identical length L was used

for the ground plane along with a width W .

Good impedance matching performance was obtained for all three feeding struc-

tures in the frequency band 2–6 GHz. The final tuned designs are shown in Fig. 8.10.

Note that for the microstrip and the stripline designs, the darker regions are the

ground planes on a different layer. Geometrically, the designs shared a similar over-

all size, although the CPW-fed monopole had a wider design in order to provide

good S11 in the band of interest. The transition region was fairly simple in each
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Figure 8.11: Impedance matching performance comparison between the three
feeding techniques. It appears that the microstrip design has a slightly larger
bandwidth of the three.

case by setting α1 = α2. The S11 results shown in Fig. 8.11 indicate such designs

satisfy our requirements of S11 ≤ −10 dB when using an air substrate. Among the

three designs, the microstrip-fed monopole features the widest bandwidth in terms

of S11 ≤ −10 dB. Interestingly, both the microstrip and the stripline reveal three

S11 resonances, while the CPW-fed monopole only displays two strong resonances.

The word “S11 resonance” used here references the dip in the S11 plot at a particular

frequency.

Another feature to consider are the radiation patterns between the three anten-

nas. The simulated radiation patterns for three different frequencies and different

pattern cuts are shown in Figs. 8.12-8.14. These patterns are plotted with respect

to the coordinate system shown in Fig. 8.10. At the lower frequency 2 GHz, very

omnidirectional characteristics are present. This is the case for all of the designs.

In the azimuth (xy) plane, the variation in the pattern is very minimal, which is
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desirable in order to sense and communicate at all azimuthal angles similarly. The

elevation patterns also have their maximum nearly at θ = 90◦, a familiar detail of

dipole antennas with properly balanced currents. For 2 GHz the cross-polarization

component—in this case Eφ—is very small. This is due to the use of a similarly

sized ground plane, balancing the currents and resulting in patterns close to ideal

λ/2 dipole antennas. In many ways, one could justify the classification of these three

antennas as planar dipole antennas because of this feature, but the name monopole

was chosen to stick with current descriptions in literature.

As the frequency increases, higher-order mode characteristics begin to take shape.

For 4 and 6 GHz, the variations in the azimuth plane become more dramatic. For

4 GHz, the pattern shape overall still appears as a donut-shaped pattern such as that

seen in a dipole antenna. At 6 GHz, however, larger variations in the azimuth plane

are very noticeable. This is due to the confinement of the currents in a plane. As the

width increases, the currents begin to constructively interfere towards the direction

normal to the board (in this case, the x direction). For other directions, the current

radiation destructively interferes. This is observed in all azimuth patterns for 4 and

6 GHz, where the maximum is at the ±x direction and the minimum is towards the

±y direction. Among all the design candidates, the CPW-fed antenna exhibits the

most variation in its azimuth plane, which is undesirable. In the elevation planes

for 6 GHz, the patterns are shaped differently compared to a donut-shaped pattern,

moreover, the maximum is not at θ = 90◦. This is the most noticeable for the

microstrip-fed antenna design, where the maximum is near θ = 75◦. Possibly the

best design in terms of its radiation performance is the stripline case, which shows

smaller variations in the azimuth plane and more dipole-like elevation patterns.

Overall, a choice has to be made between each of these designs. Considerations

should not just concern the antenna performance but also the fabrication complex-

ity as well. The CPW and stripline designs present issues because the CPW line
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Figure 8.12: Radiation patterns for the microstrip-fed monopole using air sub-
strates. (a) Azimuth (xy) plane at 2 GHz. (b) Elevation planes (xz and yz) at
2 GHz. (c) Azimuth (xy) plane at 4 GHz. (d) Elevation planes (xz and yz) at
4 GHz. (e) Azimuth (xy) plane at 6 GHz. (f) Elevation planes (xz and yz) at
6 GHz.
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Figure 8.13: Radiation patterns for the CPW-fed monopole using air substrates.
(a) Azimuth (xy) plane at 2 GHz. (b) Elevation planes (xz and yz) at 2 GHz.
(c) Azimuth (xy) plane at 4 GHz. (d) Elevation planes (xz and yz) at 4 GHz.
(e) Azimuth (xy) plane at 6 GHz. (f) Elevation planes (xz and yz) at 6 GHz.
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Figure 8.14: Radiation patterns for the stripline-fed monopole using air sub-
strates. (a) Azimuth (xy) plane at 2 GHz. (b) Elevation planes (xz and yz) at
2 GHz. (c) Azimuth (xy) plane at 4 GHz. (d) Elevation planes (xz and yz) at
4 GHz. (e) Azimuth (xy) plane at 6 GHz. (f) Elevation planes (xz and yz) at
6 GHz.
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Figure 8.15: (a) A Rogers Duroid 5880 board having 0.787mm thickness is
inserted into the simulation model. (b) Impedance matching performance of
the antenna when directly integrated onto the Rogers PCB, revealing that the
impedance matching bandwidth is reduced.

have very narrow gaps (≤ 0.5mm) while the stripline requires multiple layers to be

fabricated. With multiple layers come alignment issues, extra cost in fabricating

the other layer, and integration problems. In particular, it is difficult to integrate

switches into the stripline. The microstrip performed the best in impedance match-

ing, but the stripline did well in the radiation pattern comparison. Since the focus is

on the reconfiguration, the microstrip option offers the best balance of performance

and simplicity. All studies after this section make use of a microstrip feeding.

8.3.2 Scaling the Microstrip Design for Rogers Duroid Substrates

Now that the feeding structure has been deliberated, the design must be scaled to

work on a practical substrate. Substrates with low permittivity like foam or paper-

based substrates can be accomodated, but it might be better suited to use a more

rugged substrate. Due to its availability, the substrate Rogers Duroid 5880 with a

permittivity of εr = 2.2 was chosen. Unfortunately, the one bad side-effect of this

board is that bandwidth can be reduced, as indicated in Fig. 8.15. The bandwidth
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reduction is due to the increased permittivity introduced by the substrate, which

alter both the resonant frequencies of the monopole as well as reduced each reso-

nances’ bandwidth. The final result is that the antenna geometry must be modified

in order to ensure good operation across the 2–6 GHz band.

At this realization, manual tuning was applied to the Rogers Duroid monopole

design using the parameterization shown in Fig. 8.9b. The final design parameters

are shown in Table 8.4. Clearly, the biggest difference is in the overall length L and

width W of the monopole. In order to get similar performance to the air substrate,

the design with Rogers Duroid had to be increased in size. This not only helped

to decrease the lowest operating frequency, but it also enabled a similar bandwidth

to be recovered, as evident in Fig. 8.17. In the simulation results, again three S11

resonances are observed, giving us a similar performance as the previous design with

an air substrate. Notice also that a smoother transition in the design of Fig. 8.16

had to be sought for the Rogers substrate, likely because the permittivity was higher

than free space.

This particular design was also fabricated and integrated on a Rogers Duroid

board, where the prototype is shown in Fig. 8.16b. A side-mount SMA connector

was soldered onto the board to facilitate a measurement with the network analyzer.

The impedance matching measurement can also be found in Fig. 8.17. There is

good agreement between the general trend of the measurement and the simulation.

The most noticeable difference is in the change of lower operating frequency. This

likely happened because of the manufacturing errors, such as layer alignment and

over-etching. However, with a few design iterations, one should be able to account

for anything that might pose a problem.
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(a) (b)

Figure 8.16: Wideband monopole designed for Rogers Duroid 5880 with 31mil
thickness. (a) Final simulation model. (b) Prototype that was measured.
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Figure 8.17: Impedance matching of the final wideband monopole prototype
using microstrip feeding with Rogers Duroid 5880 having 31mil thickness.

235



Table 8.4: Summary and Comparison of the Final Designs using Air and Rogers
Duroid Substrate

Design W L G α1 α2 Wg1 Wg2

Air 20mm 22mm 3mm 0◦ 0◦ N/A N/A

Rogers Duroid 30mm 30mm 1mm 15◦ 40◦ 4mm 18mm

8.4 Adding Rejection Slots

With a nice wideband planar monopole ready, the focus can be placed on achieving

a strong level of rejection. The path chosen for rejection is the integration of slots

onto the monopole metallization. In this section, a brief discussion of some slot ge-

ometries will be given along with some analysis of the slots. Using a newly proposed

“skinny ∪-slot” as one example, reconfiguration and placement of varactor diodes is

discussed. Lastly, a very important loss analysis is presented to discuss the ultimate

limitations of the slot rejection technique.

8.4.1 Slot Rejection Analysis

With slot-based rejection, almost any shape is possible, but not every shape is useful.

Some shapes will resonant and provide good rejection, while other shapes do not

couple well with the incident fields. It is important to understand the development

of good slots and some of the basic principles that lead to strong rejection. Here,

several slot designs will be discussed and observations made about slot rejection in

general.

A discussion of rejection begins with establishing some definitions on quantifying

a frequency “rejection level.” In Section 8.1 and 8.2.1, a broad definition of frequency

rejection was provided, and several metrics were discussed that could describe the

level of rejection in different scenarios. In this section, the concept of transmit-mode
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Figure 8.18: Various slot configurations studied in this work. Their various
geometrical parameters are illustrated.

rejection is used to describe the rejection levels through the radiation efficiency and

the mismatch efficiency as ηr(1− |S11|2), which we describe as the realized antenna

efficiency. In a later section, a comparison will be made between the transmit-mode

rejection and the receive-mode rejection to demonstrate the validity of this approach.

The slot geometries that were considered in this study are shown in Fig. 8.18.

Other slots have also been studied but only these four were included for brevity.

Furthermore, these designs presented the best rejection based on lossless simulations.

The first slot configuration takes the shape of the letter ∪. Ideally, this shape has

a length of Ls = λg/4, where λg is the guided wavelength in a slotline having the
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Figure 8.19: The effect of slot width Ws on the input impedance. A wider
U-shaped slot increase the VSWR/S11 but at the cost of wide bandwidth.

same width t and dielectric substrate at the bandstop frequency. The second slot

geometry is the upside-down U-shaped slot, which we refer to as the ∩-shaped slot.

Again, this slot would require a length of Ls = λg/4.

We will proceed to first discuss the ∪-shaped slot and some aspects of its geome-

try and their relationship with the rejection characteristics. After, we compare some

representative geometries among the different slot designs in terms of their rejec-

tion characteristics. Both the ∪-shaped slot and the ∩-shaped slot were extensively

characterized in [166], although they were applied to a design with a circular ground

plane under the monopole. Many of the geometrical parameters were studied. Our

own investigation revealed very similar relationships with these parameters and the

slot operation for a planar monopole fed by microstrip line. First, the length Ls

is the primary dimension that determines the resonant bandstop frequency, which

is expected. The slot width Ws determines both the bandwidth and the level of

rejection. In other words, increasing Ws can increase the S11 for better rejection,

as highlighted in Fig. 8.19. The bandwidth relation to Ws was discussed in [166],

and their plots also reveal a similar nature of the S11 levels. This is actually an
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Figure 8.20: The effect of U-slot location (ys, zs) on the maximum simulated
VSWR (at the bandstop frequency). The color at a particular location indicates
the max VSWR level when the U-slot crest is placed at (ys, zs). The other pa-
rameters were set to Ws = 3mm, Ls = 16.5mm, t = 0.5mm, Wc = 1mm, and
β = 30◦. (a) Full view of the monopole. (b) Magnified view of the input.

important feature of both the ∪-shaped slot and the ∩-shaped slot. The ramifica-

tion of this observation unfortunately means that better rejection comes at the cost

of wider rejection bandwidths. This might not be suitable for all applications and

must be considered in the design.

A last interesting feature is the location of the ∪-shaped slot on the monopole.

Fig. 8.20 shows an interesting color map diagram describing the maximum possible

VSWR associated with a given ∪-shaped slot location. For a given slot location

(ys, zs), the design was simulated and the maximum VSWR was extracted and

inserted into the diagram. For example, if a given location (ys, zs) has a VSWR

of 15, then placing the ∪-shaped slot at that location would result in a maximum

VSWR of 15. A key observation of these results is that the ∪-shaped slot must be

close to the input in order to provide decent rejection levels. This was observed

for the other slots in our study as well, but more research on this aspect should be

investigated for other slot configurations to generalize this statement for all slots.
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Figure 8.21: (a) Performance comparison of the four different slot configurations
after manual tuning. (b) Magnified view to highlight the important bandstop
characteristics.

Another important observation is the need for symmetry to obtain high rejection

levels. This can be seen in the rapid decrease in the VSWR as the slot is positioned

away from ys = 0. Displacing the center of the ∪-shape means that the slot is

creating an asymmetry in the antenna, and dramatic reduction in the VSWR results.

Comparison of Slot Geometries

As a last measure, a performance comparison of the different slot geometries was

undertaken. Each of the slots shown in Fig. 8.18 were manually optimized individ-

ually to provide the best S11 along with narrow bandwidth. Besides the ∪-shaped

slot, we are comparing the ∩-shaped slot along with their “skinny” versions we

are denoting as Skinny-∪-shaped slot and Skinny-∩-shaped slot. The comparisons

reveal many interesting features that give further insights into their performance

optimization. Like the previous simulations, all the results in this section use PEC

boundary conditions to simulate a lossless antenna. The impedance matching com-

parison is shown in Fig. 8.21. Immediately one can observe several key differences
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in the notch region. The most important differences are in the bandwidth and the

notch level. Ideally, we want the notch to be above S11 =-1 dB in order to get decent

rejection. Even after much manual tuning, not all of these slots can achieve an S11

above -1 dB. The results show that both the ∩-shaped slot and the skinny ∩-shaped

slot have difficulty meeting this requirement. The ∪-shaped slot and the skinny

∪-shaped slot antenna are able to achieve near -0.5 dB impedance matching, which

would lead to a rejection level of -10 dB according to (1−|S11|2). Looking deeper at

the geometries, one commonly shared feature of the ∪-shaped slot and the skinny

∪-shaped slot is the proximity of the slot region that is parallel to the radiating slot.

The ∩-shaped slot and the skinny ∩-shaped slot both also have sections that are

parallel to the radiating slots, but they are not in the vicinity. This suggests that

having a slot with a section running parallel to the radiating slot would provide a

better rejection. Both the ∪-shaped slot and the skinny ∪-shaped slot have good

rejection levels because of their extra coupling provided by the parallel sections. In

fact, these observations agree with the results shown in Fig. 8.19, where better S11

values were achieved with the ∪-shaped slot by increasing the width Ws, resulting

in a larger parallel slot section. This larger parallel section, in turn, brings about

greater coupling for increased S11.

The only unfortunate side-effect of increasing Ws for the ∪-shaped slot is that the

bandwidth (S11 ≤ −10 dB)) becomes very wide, as illustrated in Fig. 8.19. This is

not the case for the skinny ∪-shaped slot, where the width Ws can be made smaller

than the center width Wc. With this shape, we can independently increase the

coupling while maintaining a small Ws for narrow bandwidth. Among all the slots

studied in this undertaking, the skinny ∪-shaped slot presents the most compelling

performance, considering that the S11 ≥ −10 dB bandwidth is nearly half that of

the ∪-shaped slot. Furthermore, the S11 value of the skinny ∪-shaped slot is nearly

the same as the ∪-shaped slot.
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Short 
Circuit

Figure 8.22: Equivalent circuit model of the slot rejection with a shunt variable
capacitor. By changing the reactance of the capacitor, the effective electrical
length needed to create an open circuit changes, leading to a change in resonant
frequency.

8.4.2 Making the Slot Rejection Reconfigurable

Making the slot reconfigurable is not immediately obvious. It is desired that a var-

actor diode can tune the slot resonance, and the basic operation of a varactor diode

is a variable capacitance. The best place to insert the varactor would be the loca-

tion giving rise to the highest sensitivity to a change in capacitance. Furthermore,

incorporating the diode as a shunt element across the slot is the simplest implemen-

tation. To ensure good performance and good radiation patterns, it is desirable to

maintain the symmetry of the slot design. Based on these requirements, the most

obvious choice is to place the varactor diode directly in the middle of the slot.

As a starting point, we can simulate the antenna with simply a capacitor bridging

the center of the slot. Such a capacitor effectively loads the slot with an extra

reactance, leading to a change in resonant frequency. Another way to visualize the

loading is to remember that the slotline is another class of transmission line. This

slotline can be modeled by the equivalent short-circuit stub in Fig. 8.22. By placing

a shunt capacitor across the slot, we effectively load the transmission line with a

reactance that changes the frequency where the transmission line circuit becomes
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Figure 8.23: (a) Implementation of the varactor diode as a variable capacitor
at the center of the slot. (b) S11 performance with a design of min(Cs) = 0.1 pF
and varying the capacitance from 0.1–1.4 pF.

an open circuit, as visualized in Fig. 8.22. By changing C, we change the loading

reactance on the transmission line. To create an open circuit, a different electrical

length (in wavelengths) is needed. As we increase the reactance, the electrical length

required for an open circuit decreases, leading to a decrease in resonant frequency.

This phenomenon happens for many of the slot loading configurations; an increase

in capacitance leads to a decrease in resonant frequency. The implication is that the

design should start with the lowest value possible for the capacitance, i.e. min(Cs),

and attempt to size the slot accordingly. As we show further on, a large capacitance

leads to a smaller sized slot. A slot resizing is needed if a different min(Cs) is used.

The simulation of an integrated varactor-reconfigurable antenna uses a lumped

RLC boundary condition to model the capacitance in the slot, as shown in Fig. 8.23.

The size of the boundary condition being modeled is a 0.5×0.5mm square connected

to the metallic outer boundaries of the slot. These simulations with varactors are

conducted similarly to the simulation of the reconfigurable antenna with MEMS

switches. The only difference is in the model itself and the fact that the varactor
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Table 8.5: The Final Slot Design Parameters for Different Minimum Cs Values

min(Cs) Ws Ls Wc β zs t

0.1pF 2mm 15.6mm 8mm 140◦ 2mm 0.5mm

0.6pF 2.5mm 8.0mm 8mm 140◦ 2mm 0.5mm

is continuously tunable. Again, the rest of the metallic parts of the antenna are

assumed PEC.

The tunability and performance of the reconfigurable slot rejection is very excit-

ing. A close examination of the simulation results shown in Fig. 8.23b reveal that

more than an octave of tuning can be obtained if the capacitance is varied from

0.1 pF to 1.4 pF. This is a very large tuning range with very high S11 performance

maintained throughout the region of tuning. Also, the S11 performance outside of

the bandstop is still less than -10 dB, for the most part. Adding this particular slot

geometry does shrink the upper frequency by a small amount, but further tuning

would likely bring the bandwidth back to meet the 2–6 GHz operational bandwidth.

As another option, we redesigned the antenna to have a min(Cs) = 0.6 pF. This

case highlights the changes in slot geometry required to maintain the same resonant

frequency and S11 = −10 dB rejection bandwidth. There is a higher availability

of varactors with min(Cs) > 0.5 pF, also encouraging further development towards

an antenna using a higher minimum capacitance value. The capacitance cannot

be too large, or else the capacitance begins to appear as a short circuit for these

frequencies. The corollary to this observation is that larger changes in capacitance

are required to produce substantial changes in resonant frequency. The slot design

using the minimum capacitance of min(Cs) = 0.6 pF is first redesigned to maintain

its highest rejection frequency of 4 GHz, assuming the value of capacitance in that

particular instance is Cs = 0.6 pF.

The slot design has to shrink when using larger values of capacitance. This
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Figure 8.24: (a) Redesigned rejection slot assuming a minimum capacitance
min(Cs) = 0.6pF. The slot is smaller compared to the design in Fig. 8.23. (b) S11

performance while varying the capacitance from 0.6–3.0 pF.

is evident in the comparison between the designs shown in Table 8.5. The most

striking change is that in the resonant length Ls. To maintain the highest rejection

frequency at 4 GHz, the slot length has to be nearly cut in half. It stands to reason

that if we continue to increase the minimum capacitance, then the slot would only

become smaller and smaller. This cannot happen indefinitely, and an upper limit

from fabrication would likely occur. Another limit to be discussed in the next section

are the switch losses, which are the main limiting factor of this whole design.

With the new design using min(Cs) = 0.6 pF, the design was still able to achieve

a large tuning range. Current varactor technology is still somewhat limited and

there were not any varactors (at the time) that exhibited these tuning ranges and

capacitance values while maintaining a low ESR. However, it is still interesting in

the least to examine the possible performance that could be achieved if varactor

technology has significant improvements, such as those with MEMS technologies,

etc.
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GND

Figure 8.25: Modeling of the varactor with both the capacitance and ESR
(represented by Rs) in a series configuration of lumped RLC boundary conditions.

8.4.3 The Big Challenge: Losses

At this point, very useful features leading to sharp levels of rejection have been

demonstrated. The biggest problems, however, arise when losses are included in the

model. The two main sources of loss that degrade the performance are the ohmic

loss from the metal and the equivalent series resistance (ESR) from the varactors.

In order to quantify and understand the effects of these losses, we insert resistances

to represent the varactor ESR and include the Groisse model in HFSS to represent

the conductor losses. In the Groisse model, we assume an RMS surface error of

0.5µm and a metal thickness of 17.5µm corresponding to a 0.5oz layer of copper.

As for the varactor modeling, the ESR was incorporated into the model by using

a lumped RLC boundary condition placed in series with the capacitance boundary

condition. More complicated models for the varactors have been discussed in lit-

erature which include the termination inductance and other parasitic effects. The

primary goal in this study, however, is to understand the nature of losses and their

effects on the antenna performance. The series Cs/Rs model satisfies this need.
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Figure 8.26: Simulated performance of the wideband monopole antenna with
reconfigurable slot and its respective losses. (a) S11 performance. (b) Rejection
performance in terms of Prad/Pinc.
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The degradation in the S11 values at the bandstop frequencies is clearly shown in

the results of Fig. 8.26. This plot demonstrates the contributions in the performance

degradation by both the conductor loss and the switch loss. In these simulations,

an ESR of 0.8Ω was assumed when the switch loss was included. This ESR value

was found from a datasheet for the Skyworks SMV1405 varactor diode, which can

tune from 2.67–0.63 pF [295]. Note that this ESR is quite low. Many other var-

actor diodes in the market can come with an ESR as high as 3Ω. The simulation

investigates two different scenarios for the case when Cs = 0.6 pF. The first case is

when only the metal losses are present. The second case includes both metal losses

and switch losses. Among these two contributions, the switch losses appear to be

dominant. If lower-quality varactors are used with higher ESR, then one should

expect a worse degradation in the rejection levels. Alongside the S11 values we also

plot the value of transmit-mode rejection level with Prad/Pinc. These values must

be considered because power is lost to ohmic losses.

The worst degradation occurs as the capacitance level increases. The S11 and

rejection levels are plotted for different cases of Cs, the varactor capacitance. As

the resonant frequency decreases, the rejection level decreases and the S11 level

decreases. Intuition tells us that increasing the capacitance allows more current to

pass, based on the decreased impedance of the capacitor. As more current passes

through the capacitor, the ESR consumes more energy and lowers the effectiveness

of the rejection. It is interesting to note that the “Metal Loss” simulation does

not change the maximum S11 level very dramatically. This further suggests that the

varactor has more dramatic losses when a larger current passes through the varactor.

Again, this occurs when the capacitance is larger, leading to a smaller impedance.
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8.5 Higher-Order Integrated Filtering for Improved Rejec-

tion

The characterization of losses in the previous section sheds insight on the current

state-of-the-art in rejection reconfigurable antennas. It is very difficult to avoid the

losses inherent in the switches. While this one investigation only discussed the skinny

∪-shaped slot, the generalization can be seen throughout literature and in our own

investigations. This is a major problem. To surmount this impasse, there are two

options: improve switching technology with lower ESR or implement a higher-order

filtering scheme. Technologies like MEMS are promising, but MEMS varactors have

not yet reached the desired cost point for these applications. This leaves us with

the alternative of higher-order filter design.

To demonstrate the integration of higher-order filtering into a wideband monopole

antenna, a microstrip-based bandstop resonator filter is integrated near the radia-

tor. Among the plethora of bandstop filter designs in literature, the L-resonator

filter [296] presented a simple and compact approach to validate the higher-order

filter concept. The L-resonator also has good passband characteristics. The section

begins by first designing a L-resonator circuit with similar bandstop frequencies

(2–4 GHz). Varactors are then integrated into the L-resonators to reconfigure the

device. Following this is the integation of the filter into the antenna.

8.5.1 L-resonator Filters

The L-resonator filter is made up of a parallel coupled line section, where one of the

lines is loaded with an impedance on one side and either a short or open circuit on

the other. This is illustrated in Fig. 8.27. Using either a short or open circuit on the

parallel coupled section changes the behavior of the filter. In the short circuit case of

Fig. 8.27a, the filter transforms the admittance Y into a series impedance with the
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Figure 8.27: Two designs for L-resonator circuits along with their equivalent
circuit. (a) Short circuit termination at the parallel section. (b) Open circuit
termination at the parallel section.

load. When an open circuit is used (Fig. 8.27b), the L-resonator filter transforms

an impedance Z to a shunt connection across the load. The details behind the

operation and design of these filters can be found in [297]. The added inductance

Z1 and capacitance Y1 come from the reactance of the parallel coupled transmission

lines, and are nicely explained in Table VII.3 in [298]. Even before designing a filter

of this type, the first question to be asked is whether the open circuit or short circuit

configuration would be best for improving the rejection performance.

To answer this question, one must understand the nature of the slot rejection

embedded in the antenna. In our case, the slot rejection appears as an open circuit in

series with the antenna load. A model previously discussed in literature models the

∪-shaped slot as a series short-circuited, quarter-wave stub in front of the antenna

as seen in Fig. 8.28 [166, 168]. This is similar to the circuit presented in Fig. 8.22

without the tunable varactor. The skinny ∪-shaped slot still maintains a similar

operation to the ∪-shaped slot, and thus we can make use of the same circuit model.
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Figure 8.28: Equivalent circuit model of the slot rejection. The skinny ∪-
shaped slot resonates at the rejection frequency, dramatically increasing the input
impedance corresponding to a strong rejection.

The characteristics of the circuit model, such as the equivalent stub impedance Z1,

will be different for the skinny ∪-shaped slot in comparison to the ∪-shaped slot,

but the basic concept of an open circuit in series with the antenna is still intact.

Notice that the antenna input impedance is represented as simply a resistor with a

value near Ra ≈ Z0. The actual input impedance has both reactance and resistance

that can be included in the model, but the antenna can be effectively modeled as a

matched load since the impedance matching is ≤ −10 dB.

The circuit model representing the wideband monopole antenna with a skinny

∪-shaped slot empowers us to analyze the best filter configuration (open or short

circuit) to improve the performance. Since Ra is effectively a matched load, a two-

port network analysis can be conducted on filter configurations using either the open

or short circuit filter design. The rejection level can be ascertained by the effective

power absorbed by the resistor Ra. In other words, the S21 of the filter+slot circuit

can predict the rejection level given by the entire system. The two-port model

representing the slot and its rejection capabilities is shown in Fig. 8.29a. The length

of the short circuit resonator is approximately the length of the slot Ls, roughly

a quarter-wavelength at the bandstop frequency. The characteristic impedance Z1
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Figure 8.29: Circuit models for testing the best filter configuration. (a) Short
circuit stub modeling the slot rejection. (b) A simple equivalent transmission-line
circuit model for the open-circuit L-resonator.

can be roughly found by curve-fitting or matching the S11 ≤ −10 dB bandwidths

observed in the full-wave simulations. With such a two-port model, the filter two-

port model can be integrated for further analysis. The original question still remains

as to which filter configuration is best, but now we have a straightforward method

of analysis.

The detailed equivalent circuits in Fig. 8.27 can be immediately used to de-

termine the efficacy of each L-resonator filter configuration. A more enlightening

approach, however, can be used to answer our question with more fundamental com-

ponents. The L-resonator filter can be effectively modeled by open/short-circuited

transmission line stubs. In fact, the short-circuit version of Fig. 8.27a can be repre-

sented by the very same equivalent circuit as the slot equivalent circuit in Fig. 8.29a.

Of course, the circuit corresponding to a given L-resonator would correspond to a

certain characteristic impedance Z1 and stub length. As for the open-circuit ver-

sion of the L-resonator shown in Fig. 8.27b, the simple transmission-line equivalent

circuit is shown in Fig. 8.29b, where the line impedance Z2 and the effective length

Le can be matched empirically to the actual performance by curve fitting.

A simple comparison can now be made. The equivalent circuit for the two

possible cases are illustrated in Fig. 8.30. The first case corresponds to the L-
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Figure 8.30: The two filter+slot circuit models using L-resonator filters. (a) Cas-
caded approach using an L-resonator in the short circuit version of Fig. 8.27a.
(b) Shunt-series approach using an L-resonator in the open circuit version of
Fig. 8.27b.

resonator with a short circuit, which can be modeled by a series-connected resonant

stub. In the figure, the section corresponding to the filter is colored in blue, while

the slot section is colored in green. We can safely assume that the slot characteristic

impedance Z1 and slot length are already known. A wise choice, therefore, is to set

the filter’s stub impedance to Z1 and also length Ls. This is reflected in Fig. 8.30a,

where two identical transmission-line resonators are placed in series.

The second scenario is when an open-circuited L-resonator is used. The combined

circuit of the filter+slot is depicted in Fig. 8.30b, where the blue portion of the circuit

depicts the open-circuited transmission line stub that is shunted to ground. Again,

if deeper rejection is desired, a wise choice would be to choose an effective stub line

length of Le = Ls so that the center frequency is aligned with that of the slot. The

characteristic impedance of the filter equivalent transmission line stub can be tuned

to match the bandwidth of the slot bandstop filter.

The slot circuit was tuned to have a similar bandwidth and representative loss

value compared to the simulations shown in the previous section. The loss was
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Figure 8.31: (a) Simulation results for the case with only the slot rejection.
(b) Performance of a short circuit shunt with similar bandwidth and rejection
level. (c) Performance of the cascaded open circuit filter+slot configuration.
(d) Performance of the shunt-series filter+slot approach typical of higher-order
filters. These simulations used parameter values of Z0 = 50Ω, Ls = 18.75mm
(λ0/4 at 4 GHz), Z1 = 5Ω, and Z2 = 500Ω.

included by effectively making the transmission lines lossy. Since 7.5 dB was an

average rejection value observed in the previous section, the value of the losses was

chosen to reflect a similar degradation in the rejection characteristics, meaning that

the S21 had a minimum of -7.5 dB. These similarities are evident in Fig. 8.31a,

where a minimum of ≈ −7.5 dB can be observed. This same circuit was used to

also model the filter, with the assumption that the losses of the filter would be at the

same level. By adding an L-resonator filter in the short circuit mode, the rejection

level increases to roughly 10 dB, as seen in Fig. 8.31c. The bandwidth also increases.
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To properly compare the open circuit version of the L-resonator filter, the circuit

was tuned to have similar bandwidths and losses. These are reflected in Fig. 8.29b,

where the best rejection level is roughly 7.5 dB. With this circuit developed, a follow-

ing simulation investigated the rejection level from a filter+slot configuration using

the open-circuit L-resonator filter. In Fig. 8.31d, rejection level was significantly

improved from 7.5 dB to 17.5 dB. Furthermore, the bandwidth decreased, making

the transition region a little steeper.

In summary, both the open-circuit and the short-circuit versions of the integrated

filter+slot circuits can serve to improve the rejection peformance of the antenna.

Between both cases, the open-circuit design better matched the goals of achieving

high-rejection over a narrow bandwidth. The rejection level was significantly im-

proved and the narrow bandwidth was maintained. One last point to consider is

in the location of the filter. In many bandstop filter designs, each L-resonator is

spaced approximately a λg/4. With this same line of reasoning, one might space

the filters at λg/4 away from the slot. Maintaining good tunability hinders us from

choosing this option, which is why we restricted ourselves to examine the case where

the filters are placed near the monopole.

8.5.2 Tunable Filter+Antenna Integration

With the filter configuration chosen, we can implement the filter and subsequently

make it tunable. The design of this filter follows the guidelines given in [297].

After many simulations and design iterations, it was noticed that losses (even small

ohmic losses) would degrade the performance of the bandstop filter. This can be

clearly seen in the “Single-Filter Design” results shown in Fig. 8.33, where only

-4 dB rejection levels are obtained in terms of Prad/Pinc. It was also observed

that there was a tradeoff between rejection and narrow bandwidth. Our general

observations were that the rejection worsened as the bandwidth became narrow.
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Figure 8.32: Comparing a single and dual filter implementation. The dual filter
is preferred because it can decrease losses incurred from the filters and improve
rejection.

This is a similar to the performance of the rejection slots. These observations began

a search to decrease the effect of this loss. Since the L-resonator is effectively a shunt

short circuit (or low resistance) to ground, adding another short circuit can further

decrease this resistance. Such a parallel configuration could lead to increased S11

values producing higher rejection.

Upon the incorporation of another filter in a Dual-Filter configuration, a wider

rejection bandwidth was observed. Yet, the losses were also smaller leading to

an improved rejection. The S11 and rejection performance in terms of Prad/Pinc

is shown in Fig. 8.33 to verify these observations. In both cases, the filters were

simulated explicitly with the antenna. From these results one can quickly ascertain

the superiority of the dual filter approach. The rejection strength is improved over

that of the single filter from -4 dB to roughly -9 dB. The increased S11 ≥ −10

dB bandwidth is also observable. The S11 did happen to increase slightly for the

lower frequencies, but another integrated design re-optimization could restore the

S11 performance.

One immediate question that stands out from these results is the low levels of
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Figure 8.33: Performance comparisons between a single and dual filter im-
plementation. (a) S11 performance. (b) Prad/Pinc performance. Note that
gf = 0.4mm, Lc = 6.5mm, dg = 0.75mm, Wf = 0.7mm, and Lst = 7mm and
the same antenna is used from Fig. 8.16.

rejection. L-resonator filters have been demonstrated in the past with exceedingly

strong rejection levels from 15-30 dB. Why are these rejection levels small in com-

parison? The answer comes with two causes. First, the filter was placed rather

close to the antenna in order to maintain the shunt-series circuit configuration as

studied in the previous section. This causes some coupling between the antenna and

the filter, allowing a small amount of power to pass through the filter and radiate

through the antenna. The second cause is that the filters radiate a sizable amount

of power. The best remedy for this would be to surround the filters using an enclo-

sure, but that could potentially affect the antenna negatively. One could also use a

stripline structure to minimize the spurious radiation effects. Simulations indicated

that the power radiated could be as high as 5-10% of the incident power. Assuming

the worst-case scenario, this means that the best rejection possible is -10 dB even if

the antenna does not radiate any power. This is because Prad ≈ Prad,filter = 0.1Pinc.

The next question to ask ourselves is how to make these designs reconfigurable

with a varactor diode. Like the reconfigurable slots, it is highly desirable to find the
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configuration which leads to a low filter loss but also the widest tuning range. Filter

losses actually degrade the filtering performance, leading to lower insertion loss or,

in other words, worse rejection. Thus, it is important to consider an approach that

minimizes the amount of loss incurred by the incorporation of switching elements,

which tend exhibit large series resistances on the order of 1-10Ω.

To tune the bandstop frequency, the effective line length of the L-resonators must

be altered. This can be accomplished by either modifying the shunt capacitance per

unit length in the transmission lines or by loading the end terminations with a

variable reactance. To increase the tuning range, varactors were placed at both

ends of the L-resonator, as depicted in Fig. 8.34. The L-resonator shape is still

maintained, while two varactors load each end of the resonator. These varactors

are shunted to ground by the vias connected to one of the varactor terminals. The

given configuration also simplifies the bias scheme. Assuming that the varactors

are correctly oriented, a DC voltage applied to the L-resonator will equally bias the

varactors on a given L-resonator. It is also assumed that the same varactor diode

will be used for all 5 variable capacitors. Thus, one can expect the same range of

capacitance values and ESR performance. Furthermore, the 4 varactors associated

with the L-resonator filter will have the same capacitance value Cf , while the slot

capacitance Cs can be independently tuned.

Adding the reconfigurable filter resulted in desirable rejection characteristics.

Both the S11 and the Prad/Pinc are shown in Fig. 8.35 for many different represen-

tative states of the varactors capacitances Cs and Cf . Each of these states were

chosen by first choosing the value of the slot capacitance Cs. We used the same

values as those shown in Fig. 8.26 to compare similar states. The best value for

Cf were chosen by simulating several representative values comparable to Cs. The

states shown in Fig. 8.35 are the best results observed and their corresponding Cf

values. During this capacitance value optimization, it became clear that there was
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Figure 8.34: Incorporating the frequency reconfigurability into the bandstop
filter. Two varactors are placed at the ends of each L-resonator. Varying the
terminal capacitance effectively varies the effective line length.

some sensitivity to the value of the capacitance. The required fine-tuning should be

taken into account for a system design.

Comparing the performance shown in Fig. 8.26, notable improvements can be

observed. A nice comparison can be made by the summarized results shown in

Table 8.6. This table compares both the rejection level R` and the rejection fre-

quency fr seen in the simulations. The two designs being compared are the antenna

with only the reconfigurable slot-based rejection (results presented in Fig. 8.26) and

the reconfigurable filter+slot design (results presented in Fig. 8.35). For a given

slot capacitance Cs, the table compares both the rejection frequency fr and the

rejection level R` at that frequency. The results highlight the improvements that

the additional filter provides, and for every state an improvement can be observed.

It is interesting to note that the improvement is much better for frequencies with

higher rejection frequencies. The reason is that both the filter and the slot exhibited

stronger rejection performance and smaller losses at the states with higher rejection

frequencies (corresponding to smaller capacitance values). Possibly finding another

reconfigurable filter configuration that can achieve better rejection characteristics
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Figure 8.35: Rejection performance of the integrated reconfigurable fil-
ter+antenna with the filters in proximity to the antenna. (a) S11 performance.
(b) Prad/Pinc rejection performance. Note that gf = 0.4mm, Lc = 7.35mm,
dg = 1.9mm, Wf = 0.7mm, and Lst = 3.95mm and the same antenna is used
from Fig. 8.16. 260



Table 8.6: Comparison Between Maximum Rejection Values of the Reconfig-
urable Slot Rejection alone (Fig. 8.26) and Reconfigurable Filter+Slot (Fig. 8.35)

Cs = 2.2 pF 1.8 pF 1.4 pF 1.0 pF 0.6 pF

Design3 R` fr R` fr R` fr R` fr R` fr

Slot -5.4 2.25 -5.85 2.45 -6.4 2.78 -8.0 3.2 -11 3.98

Filter+Slot -7.8 2.13 -8.2 2.37 -9.83 2.65 -13.6 3.17 -19 4.07

Improvement 2.4 dB 2.35 dB 3.43 dB 5.6 dB 8 dB

at the lower frequencies would solve this problem. The other issue is that coupling

between the filter is hard to control, and using a shielded feed network (such as

stripline) might result in even better performance.

The only caveat observable with this technique is the wider S11 performance.

Unfortunately, the S11 performance notably degrades compared to the case without

filters. The primary reason is that the filters add a small reactance in their pass-

bands, and the impedance matching of the wideband monopole is close enough to

-10 dB that even small reactances can degrade their performance. The close dis-

tance to the antenna also might lend to an increase in reactance, and some studies

revealed that shifting this filter away from the antenna led to better S11 perfor-

mance, suggesting that the interactions result in an increased reactance that cause

impedance mismatch.

8.6 Rejection Level Verification

As previously stated, the concept of rejection has not been clearly defined. It is

not obvious to define a single number to immediately describe the reduction from a

blocker that could be obtained with a given system. We have been describing the re-

3R` represents the rejection level, which is given in dB in the table. The rejection frequency fr
is given in GHz.
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jection by the realized transmit antenna efficiency because it involves the well-known

performance parameters of radiation efficiency ηr and impedance matching S11. The

justification is that reciprocity implies that the antenna behave similarly for both

the transmit and receive modes. In particular, the patterns, polarization, directivity,

and gain for a given antenna are identical for its receive and transmit mode as long

as the antenna does not use non-reciprocal materials.4 This particular metric nicely

embodies the antenna features (impedance matching and ohmic/dielectric losses)

that lead to frequency rejection, but it does not take into account the changes in

the pattern.

Another more subtle point is the implicit assumption that the “reference an-

tenna” is a lossless, perfectly matched antenna. A rejection level of R` = Prad/Pinc =

ηr(1 − |S11|2) = −10 dB immediately gives the feeling that the blocker will be de-

creased by 10 dB upon activating the rejection. However, this 10 dB change in

the received blocker power will only occur if the antenna previously was perfectly

matched and lossless, assuming that the pattern remains unchanged. Suppose that

we have an antenna that can switch between a normal operating state and a re-

jecting operating state. If the antenna has a 70% radiation efficiency and a 70%

impedance matching efficiency in its normal state, for instance, then the realized

efficiency under normal operating conditions would be 50%, or -3 dB. Having a re-

alized efficiency of ηr(1 − |S11|2) = −10 dB in its rejection state, would mean that

the signal would only decrease by a net level of 7 dB. Recognizing this subtlety is

important when predicting system level performance and describing the capabilities

of rejection reconfigurable antennas.

In this section, the previous rejection simulation results are verified by simulat-

ing the antenna performance in a different way. Not only this, further attention

4We will assume that the semiconductor varactor diode operates as a reciprocal, passive com-
ponent. This approximation works well for small signals, which is the case when the antenna is
receiving.
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is placed to understand any differences between the rejection levels predicted by

Prad/Pinc versus the received power. First, the procedure and theoretical back-

ground is given. Following that discussion, the results for the developed rejection

reconfigurable antennas are shown and compared with the results for the transmit

mode metric Prad/Pinc. Overall, the results show a similar performance with the

transmit efficiency, indicating the sufficiency of the transmit-mode approach for this

particular antenna. Furthermore, the characterization from this section investigates

all aspects of the antenna performance, including the patterns. This provides a more

comprehensive description for system engineers.

8.6.1 Simulating Receive Antenna Rejection

Another interesting metric that may provide some further insight is simulating the

receive antenna rejection. The basic idea is to illuminate the antenna with an

incident plane wave of a given frequency. The plane wave will be intercepted by

the antenna, where power is either scattered, absorbed into ohmic loss, reflected, or

absorbed by the load. The power absorbed by the load is our ultimate interest and

will determine the rejection. As a “reference antenna”, we use the antenna without

any slots to describe the amount of power that would be absorbed without rejection.

This is similar to using a different state within the reconfigurable antenna, which is

another possible choice for the “reference antenna.”

The basic procedure to characterize the rejection is through two simulations, as

illustrated in Fig. 8.36. The first simulation generates a plane wave that travels

towards the antenna with the frequency rejection feature. In this simulation, the

plane wave travels in the k̂ direction, which originates from the direction (θi, φi).

The relationship between the direction (θi, φi) and the direction of travel k̂ is

k̂ = −x̂ sin(θi) cos(θi)− ŷ sin(θi) sin(θi)− ẑ cos(θi) (8.3)
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Figure 8.36: Characterizing the antenna rejection performance by comparing
an antenna simulation with frequency rejection with an identical antenna with
the frequency rejection removed. An incident plane wave excites the antenna in
each simulation and produces the received power output Prec.

The excited plane wave impinges upon the antenna, and the full-wave modeling

enables the complete characterization of the antenna and all of its electromagnetic

phenomena such as reflection, scattering, loss absorption, etc. The antenna inter-

cepts the wave and a fraction of the intercepted power is delivered to the matched

load as Prec. The second simulation generates the exact same plane wave, but the

antenna has its rejection feature removed. Referring to Fig. 8.36 and our previ-

ously designed antenna, this means that the slots and filters have been completely

removed. The power delivered to the load in this simulation is extracted as Prec,0,

and the ratio of the two powers characterizes the rejection R`. If both powers are

known in dBm, then the subtraction of the two values give the rejection in dB.

Like the previous simulations, these simulations were conducted in HFSS. The

plane waves can be generated by using the plane wave excitation feature. The

received power in this given situation, unfortunately, is not immediately available.

Given the plane wave excitation condition, the power received can be extracted by
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an integration of the Poynting vector S = 0.5Re(E×H∗) by

Prec =
1

2

∫∫
WG

Re (E×H∗) · n̂dS (8.4)

at the mouth of the waveguide indicated by the domain WG. In this equation n̂ is

the unit vector normal to the cross-sectional area of the waveguide pointing towards

the load. Also, the electric and magnetic fields are given by their peak values (i.e.

not RMS) and the operation (·)∗ represents a complex conjugation. In our case, the

mouth of the waveguide was the coax cross-sectional area, where the coax can be

seen in Fig. 8.36.

Simulating the antenna in the receive mode shares greater similarity to the

blocker scenario we are hoping to remedy. Usually, a blocker is located at some

direction (θi, φi) with respect to the antenna. The blocker radiates and the imping-

ing energy on our antenna appears like a plane wave, assuming that our antenna

is in the far-field of the blocker. With the exception of multipath and shadowing

effects, the same scenario is being modeled with this procedure. The rejection levels

observed in these situations do not leave out any aspects of the antenna perfor-

mance, and thus 10 dB rejection actually means 10 dB rejection for the system.

Certainly multiple angles of incidence (θi, φi) should be tested to fully characterize

the rejection, but a similar rejection level is likely to be seen at all angles.

8.6.2 Performance of the Reconfigurable Filter+Slot Monopole Antenna

The procedure described previously was applied to the reconfigurable filter+antenna

design. Identical geometries were created in the receive-mode simulation and a

plane-wave excitation was created for an incident angle of (θi, φi) = (90◦, 0◦). Fur-

thermore, the losses in the simulations were modeled identically. The Groisse model

was employed to model the ohmic loss from the finite conductivity of the conductors,
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Figure 8.37: Performance comparison between the receive-mode and transmit-
mode simulations. The simulation assumed an incident wave from (θi, φi) =
(90◦, 0◦) having a magnitude of 1 V/m.

assuming that copper was used as the material. The loss tangent for the Rogers

Duroid 5880 was tan δ = 0.0009. As for the varactor diodes, the ESR was modeled

by a 0.8Ω resistance in series with the varactor capacitance.

The results from the simulation are shown in Fig. 8.37 and are also compared

to the results from the transmit-mode simulation which computed Prad/Pinc. The

two methods compare quite nicely, reinforcing our assertions that the antenna had

a strong rejection level. Based on the Friis equation, the agreement between the

two approaches was anticipated since there were not to be any major changes in the

radiation patterns. This may not have been the case if the rejection frequency was

higher, where the patterns often exhibit higher-order features that can be sensitive

to the slots and any changes in the antenna shape. In the comparison between the

two methods, the prediction of the maximum rejection level results in very similar

numbers. The only curve with slight deviations was for the Cs = 1.0 pF curve,

but this may have come about because of a difference in the mesh size used for the
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antenna simulation.

Another striking observation is the alignment of the rejection frequencies between

the two approaches. The curves for each approach are on top of each other. This

gives further reinforcement of the results. It also suggests that the capacitance values

choosen for each mode are nicely predictable and reproducible which is important

to ensure that each state can be obtained by the varactor.

8.7 Summary and Concluding Remarks

A frequency rejection reconfigurable antenna design has been envisioned for possi-

ble applications in cognitive and software radios. Such an element can be used on

its own, or can be further integrated into an array for possibly increased rejection.

The design began with the development of a wideband planar monopole antenna,

whereby a slot was integrated to provide a frequency rejection. A full characteriza-

tion of the slot and its reconfiguration was undertaken, and it was revealed that the

losses in the switching elements become the most important problem and limitation

of this approach.

At this discovery, a novel higher-order filtering approach was proposed and inves-

tigated. The basic idea is to use an integrated filter appropriately placed to further

enhance the rejection capabilities of the frequency rejection reconfigurable antenna.

Two approaches have been used to simulate this reconfigurable antenna design and

characterize the rejection levels to be expected from a system perspective. Both

showed remarkable agreement, and improved rejection performance was obtained

throughout the entire tuning band.

For future studies, it would be interesting to attempt an integration of the added

filtering operation into the antenna as well. The antena would then have two slots

that would need coordination to achieve good performance. Another aspect is to
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improve the rejection when the frequency is tuned to a lower value. It would be

nice to achieve a design that maintains similar rejection performance for any tuning

scenario.

Possibly the hardest step towards the development of a reconfigurable array with

frequency rejection and pattern nulling has been completed. A frequency rejection

reconfigurable antenna has been developed. Overall, the antenna simulations show

great performance for reconfiguring the frequency rejection to the desired frequency.

The next step would be the integration into an array with phase shifters and feed

networks.

268



CHAPTER 9

Conclusions

In this work, we have presented several novel antenna innovations that provide

dramatic performance changes to the current state-of-the-art. As the surge in data

needs of the mobile market keep skyrocketing, a key antenna parameter to be consid-

ered is the overall bandwidth. Furthermore, the general trend of wireless networks

is showing a shift towards more adaptive and flexible systems. Thus, merely gener-

ating impedance matching bandwidth may not be sufficient for many such adaptive

broadband wireless systems. In many cases a certain antenna characteristic is highly

desired over a broad bandwidth. One example examined closely in this dissertation

is the development of circularly polarized antennas having broad bandwidth sup-

port. This dissertation also proposed several new antenna concepts for adaptive

broadband wireless systems that may provide notable benefits.

The dissertation was split into two parts. The first part of the dissertation

focused on broadband antenna designs supporting circularly-polarized wireless sys-

tems. The fundamentals behind generating circular polarization using traditional

CP patch antennas was revisited, and it was pinpointed that the probe reactance

was the cause for the bandwidth limitation of CP patch antennas. A clever capac-

itive compensation technique was investigated and revealed to be quite useful for

further extending the bandwidth of these traditional CP patch antenna designs, as

indicated by the prototype and measurements supporting improved bandwidths. A

novel CP Half E-shaped antenna design was also proposed and investigated for use
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in broadband CP applications. The novelty behind the CP Half E-shaped design

is the use of thick substrates and a clever antenna shape that addresses the probe

reactance of thick substrate CP patch antennas. Obtaining dual band CP patch

antennas can be cumbersome, but the CP Half E-shaped design also demonstrated

a promising dual band CP performance. This CP Half E-shaped antenna design

was also compact, making it a perfect candidate for array applications such as Mars

Rovers. Several CP Half E-shaped antenna prototypes demonstrated a nice, broad-

band performance for array applications. The last innovation regarding circular

polarization is the employment of CRLH transmission lines to feed CP patch anten-

nas for very wide bandwidths. A sequentially-rotated-element patch antenna array

was investigated and developed. An exciting 60% bandwidth was obtained through

the use of CRLH transmission lines. This 60% bandwidth satisfied both AR≤3 dB

and S11 ≤ −10 dB simultaneously. This bandwidth was verified through simulations

and measurements.

The second part of the dissertation focused on addressing the needs for adaptive

broadband systems such as software-defined and cognitive radios using adaptive

antennas. First, many important system considerations were discussed in Ch. 5.

From there, several important antenna problems were discussed, and the subse-

quent chapters presented some possible design solutions. The concept of frequency

reconfigurable and CP reconfigurable E-shaped patch antennas was described and

demonstrated via measurements. In both cases, a broad bandwidth much larger than

current trends was obtained for low-profile patch antennas. Furthermore, a 4 × 1

CP reconfigurable array using E-shaped patch antennas was developed. A rotated

element scheme was used to remove the beam tilts present in the upper frequencies

of the CP E-shaped patch element. PSO was used to develop both frequency recon-

figurable and CP reconfigurable prototypes, as well as the CP reconfigurable array.

Not only this, prototyping and measurements demonstrated their final performance.
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Lastly, a novel class of rejection reconfigurable antennas for software radios was pro-

posed. In particular a novel element for a phased array with steerable pattern nulls

was investigated, and a planar monopole antenna was prototyped and measured.

A detailed simulation study of rejection reconfiguration was undertaken to create

narrowband frequency rejection. An important finding was that the loss inherent in

switches/tuning components results in severely deteriorated performance. A possi-

ble technique to overcome these losses through an integrated filter was proposed and

investigated. Notable improvements were observed in two separate simulation ap-

proaches, and future integration of these elements could potentially offer significant

performance enhancements for future software-defined radio technologies.
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APPENDIX A

Nature-Inspired Optimization Techniques

In electromagnetics and antenna design, there is a strong need for a systematic ap-

proach to realize good designs or systems. Unfortunately, Maxwell’s equations are

mathematically intractable for a majority of current design problems. Without the

insight given by mathematics, one is left to either experiment and test problems on a

trial-and-error basis, or to seek optimization methods to realize a good design. For

a general antenna design problem, it has been shown that nature-inspired optimiza-

tion techniques offer a reliable, systematic procedure to find design solutions. This

short appendix is included in this dissertation for the readers’ reference in describ-

ing our implementation of nature-inspired optimization techniques for the problems

in the text. The appendix first describes the theory behind these optimizers and

the implementation of Particle Swarm Optimization (PSO), a popular algorithm

used in electromagnetics. The appendix concludes with a detailed example on the

implementation of the CP Half E-shaped patch optimization.

In general, the nonlinear programming problem can be stated as

Optimize f(x), x ∈ RN

Subject to g(x) ≤ 0 (A.1)

where the function f(·) is the fitness function, x is the design variable vector, and

g(x) are possible constraint equations [299]. Its widespread applicability has stirred

interest in many different communities. To this date there has been no such algo-
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rithm that is guaranteed to solve every problem, however nature-inspired optimiza-

tion techniques are among a few metaheuristics that can solve (or sufficiently solve)

a wide variety of optimization problems. Nature-inspired optimization techniques

are usually placed in the category of global optimizers, and they often mimic par-

ticular operations observed in nature. Their demonstrated robustness for the global

optimization problem in many different research areas has increased their popularity

in the microwave and antenna engineering community.

In electromagnetic problems the fitness functions are typically multimodal, non-

differentiable, highly dimensional, non-convex, nonlinear, discontinuous, and ill-

conditioned, which make the problem difficult for any optimization technique. There-

fore, nature-inspired techniques have become popular among many different research

fronts, especially electromagnetics. In order to overcome these issues, the nature-

inspired algorithms often have two phases: global optimization versus local opti-

mization. The whole search space must be properly sampled if the algorithm is

to find the global optima. Without a good global optimization phase, the opti-

mizer will likely converge to a local optimum point as opposed to a global optimum.

Each algorithm has its own way of shifting from a global to a local one, and each

have their own advantages. The main difficulty for the algorithm is in finding the

best parameters which work for all fitness function topologies, and many years of

research has been spent in developing the most robust optimization algorithm by

fine-tuning their intrinsic parameters. Some researchers have also discussed the pos-

sibility of hybridizing the global optimizers with the classical (local) optimization

techniques in order to exploit the rapid convergence of the classical techniques when

the optimization run is in the local optimization stage.

Since these algorithms are discussed throughout this dissertation, a proper ter-

minology must be established. The following list of terms below describe certain

aspects of the optimization problem, and this terminology is used in the discussion.
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Intrinsic Parameters

Parameters that are used by the optimization algorithm and characterize

the algorithm’s performance and convergence. This includes parameters that

change throughout the optimization run as well as those that remain constant.

Design Variables

These are the N variables that characterize the antenna design geometry that

is being optimized (e.g. the length and width of a simple patch antenna).

Each set of values for the design variables represents a possible design, and we

will be representing this with the design vector x.

Design Boundaries

For bounded optimization techniques, one must provide the lower and upper

bounds of each design variable. These bounds are denoted by the xmin and

xmax variables.

Design Constraints

For many optimization problems, constraints are required in order to abstain

from simulating physically unrealizable solutions. Constraints may also be

given as part of a specification and therefore must be incorporated into the

optimization algorithm. These constraint equations are denoted by g(x) ≤ 0

as seen in the problem definition and are discussed more in detail in Section

A.2.

Solution Coordinates

This is a N -dimensional coordinate system whose components are the design

variables. For example, the length, width, and height of a patch antenna

are represented by the 3-tuple (L,W, h) which describes the location in the

solution coordinate system.

Solution Space

The solution space is a N -dimensional hypercube in the solution coordinate

system which is defined by the limits of each design variable. This is only ap-

plicable to bounded optimization techniques. For unbounded algorithms, the

solution space is infinitely large. For most bounded optimization techniques,

no solution outside of the solution space will be tested. This space will be

denoted mathematically as the set S = {x|xmin ≤ x ≤ xmax}.

Feasible Space

While the design boundaries define the solution space S, the design constraints

define the feasible space F ⊆ S. This is defined as the space where the design

constraints are satisfied, i.e. F = {x |g(x) ≤ 0,xmin ≤ x ≤ xmax}.

274



Fitness Function

The fitness function defines the link between the antenna system and the op-

timizer. This function maps the quality and performance into a single number

which allows the optimizer to decide whether a given design is better than

others.

Penalty Function

This term is introduced into the fitness function in order to account for con-

straints or for boundaries. The constraint penalty function will be denoted at

pc(x) and the boundary penalty function will be denoted as pb(x). These are

also discussed more in detail in Section A.2.

It should be noted that not all optimizations have constraints g(x), and they are

referred to as unconstrained optimization problems. However, if constraints are

included then the problem is designated as a constrained optimization problem.

In the case of multi-objectives, a vector quantizes the fitness as a vector rather

than a single number. Our approach to the optimization problems in this work are

to wrap multiple objectives into one fitness function by

f(x) =
P∑
p=1

αpfp(x) (A.2)

where f(·) is the final fitness function, fp(·) is the pth objective, and αp is the pro-

portionality constants. The only difficulty in this approach is to find the appropriate

weights αp,∀p ∈ 1, . . . , P . There is no hard and fast rule to provide these coeffi-

cients, and our approach has been to equate the ratio of each weight to the ratio of

the expected average values of the objectives.

Within this appendix, a brief description on Particle Swarm Optimization as

well as a detailed discussion on constrained optimization problems will be provided

to detail how we accomplished the optimization of the antenna designs present

throughout this work.
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A.1 Particle Swarm Optimization (PSO)

Most nature-inspired optimization techniques rely on the use of complicated oper-

ators which mimic naturally occuring processes. In particular, the Particle Swarm

Optimization (PSO) technique uses very simple operators. PSO exploits the power

of social interactions as its primary operator, and the use of this mechanism lends to

an inherent algorithmic simplicity. This simplicity manifests in the minimal number

of intrinsic parameters required to define a PSO implementation. Their recom-

mended values thus becomes more obvious for the fastest and best guarantee of

global convergence. For PSO, no a priori knowledge of the fitness function land-

scape is necessary, removing the difficult choice in the intrinsic parameters. This and

its widely proven use in electromagnetics problems make PSO a leading candidate

for global optimization for antenna applications.

The revolutionary thinking behind PSO came when Kennedy and Eberhart cre-

ated a model for the social interactions within a bird flock [56]. Their model incorpo-

rated two forces acting on each individual in the flock, controlling each individual’s

location. Both of these forces are derived from the individual’s memory, which in-

cludes a memory of the best point visited by that particular individual as well as a

memory of the best point visited by the whole bird flock. The first force drives each

individual back to its own best observed point, and this has often been termed the

cognizant drive. The second force lures each individual to the best seen point of the

flock, which has been termed the social drive. These driving forces are depicted in

Fig. A.1. In the figure, each marked point shows the visited points for each bird.

The figure also provides the location of each birds own best personally visited point

(pBest) and the best visited point of the flock (gBest) with blue circles and green

stars, respectively. In the figure, bird 4’s total velocity vtotal has been decomposed

into the two driving forces. The vector vp points towards bird 4’s previously best
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Figure A.1: A graphical depiction of Kennedy and Eberhart’s original simulation
model which inspired Particle Swarm Optimization.

visited point, and vg points towards the best visited point of the flock. By combining

these two vectors, bird 4 is redirected to explore new appealing territory. Interest-

ingly, the authors chose the name Particle Swarm Optimization because the group

reflected more swarm-like characteristics with each individual moving in a quasi-

random fashion. Therefore, the group of individuals is typically referred to as the

swarm. Also, the term particle (or agent) is often used to describe the individuals

in the swarm due to their point-like nature which retains velocity and acceleration.

Since its inception in 1995, PSO research towards advancing the algorithm has

skyrocketed due to its proven use in many types of problems. This algorithm was

formally introduced to the electromagnetics and antenna community in 2004 [61].

That particular paper explained the PSO algorithm using a bee swarm metaphor,

which is another well-used analogy seen in the literature. Since this time, many
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students within the Antenna Research, Analysis, and Measurement laboratory at

UCLA have researched different applications of PSO [185,300–302]. This particular

optimization technique is still in its early stages, and thus one can expect many

more areas of exciting research in its improvement. There now exist several popular

variations of PSO which can handle different types of problems encountered.

The most common variation used within antenna design is the real-valued PSO

(sometime denoted as RPSO). Each particle in the swarm has an associated velocity,

location in the solution coordinate system, personal best visited location (p), and

global best visited location (g). As stated previously, each particle in the swarm has

two memories: a cognizant memory and a social memory which are affiliated with

the p and the g vectors, respectively. Naturally, each particle would like to revisit

the area near its previously best seen point. However, the particle is also aware of

the best seen point of the swarm and is torn between the two locations. This is

reflected in the equations

vk+1
i = wkvki + c1r

k
1,i ◦

(
pki − xki

)
+ c2r

k
2,i ◦

(
gki − xki

)
(A.3)

xk+1
i = xki + vk+1

i ∆t (A.4)

where equation A.3 defines the velocity of particle i at iteration k+ 1 and equation

A.4 describes the position of particle i at iteration k + 1. It also should be noted

that the binary operation a ◦ b in equation A.3 represents the element-wise vector

multiplication for a,b ∈ RN . We list out the definitions of each component below

and provide a simple description of each intrinsic parameter.

vk+1
i The N -dimensional velocity vector of particle i at iteration k + 1. This rep-

resents the speed at which particle i is traveling in the solution coordinate

system. As the particles progress in the optimization, the velocity will de-

crease on average in order to facilitate local exploration.

xk+1
i The N -dimensional position vector of particle i at iteration k + 1. The values
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of this vector literally represent the values of the design variables being opti-

mized, and the final gBest vector g represents the final design values of the

optimization.

wk The inertial weight. By forcing the particle to continue along its previous tra-

jectory, this weighting factor forces the particle to overshoot its target. It

perpetuates each particle’s original velocity similarly to inertia observed in

physics. With a large inertia weight, the particle is forced to explore the sur-

rounding area which promotes more global exploration of the solution space,

while a smaller inertial weight allows the particle to make finer adjustments,

promoting more local exploration of the solution space [58,60,303].

c1 The nostalgia weight. This is the weight of proportionality which drives the

particle to return to its pBest location p. Increasing this relative to c2 results

in a swarm of isolated individuals which have little social interaction, and the

end result is quick stagnation [56].

c2 The social weight. This weight controls each particle’s drive to explore regions

where other particle’s have had success. Increasing this relative to c1 motivates

the particles to explore the areas of their neighbors, which in turn can result

in premature local convergence.

rk1,i, r
k
2,i N -dimensional random vectors. These parameters manifest the stochastic

nature of PSO, and each component of the N -dimensional vector has a uniform

distribution from [0, 1].

∆t The finite time step. In order to describe the new position of a particle with

constant velocity, one must have knowledge of the time travelled. This is

included in equation A.4 as a formality such that the equation would appear

similarly to those in elementary mechanics describing particle trajectories. In

the literature, it is standard to set ∆t = 1 [61]. Changing its value simply scales

the velocity, and the other velocity parameters should be scaled accordingly in

order to have a similar performance if one so desires to change this parameter.

These intrinsic parameters are critical to determine the convergence performance for

PSO applied to general multimodal optimization problems. If not set correctly, then

it is possible that premature convergence upon a local optimum will ensue, and this

is to be avoided at all costs. Table A.1 provides the recommended values for every

parameter in PSO. There are other parameters not mentioned in the definition list

above due to their exclusion in equations A.3 and A.4. One parameter is swarm
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Table A.1: Recommended Values for the Intrinsic Parameters of PSO when used
in Electromagnetics problems

PSO Parameter Recommended Values

c1 2.0
c2 2.0

Swarm Size (N, 2N)
∆t 1.0

Max Iterations (imax) 500

wk 0.9− 0.5
(

i
imax

)
vmax

1
2

(xmax − xmin)

size, and this parameter is typically recommended to be at least equal to the number

of dimensions N . There has not been much research devoted to characterizing the

best choice of swarm size, but a few sources have reported good performance with

this guideline [59]. Another parameter that needs to be set is the maximum number

of iterations imax. In order to have the inertial weight linearly decrease from 0.9 to

0.4, one must provide imax, as seen in the formula in Table A.1. We recommend

imax = 500 iterations as a starting point for typical optimization problems in elec-

tromagnetics. For extremely multimodal problems or highly-dimensional problems,

it may be recommended to use more iterations. Lastly, vmax is used to clip the

particle velocity if it gets too high. This ensures that particles do not fly out of

the solution space by an extremely large distance. It is interesting to note that the

original algorithms before 1998 used vmax in order to ensure global convergence, and

much smaller values were used in order to tune the performance of PSO. However,

it was later found that by linearly decreasing wk one could generalize vmax, which

was difficult to tune, to all problems by simply setting vmax to half the solution

space [58].

There have been many different variations of PSO proposed, but many of them

either remain similar in performance or they detract from it. Some examples of

280



Initialize particle positions

Initialize particle velocities

For i = 1 to imax

  For m = 1 to Swarm Size

    Evaluate boundary conditions on xm

    If f(xm) < f(pBestm) then pBestm = xm

End For

For m = 1 to Swarm Size

    If f(xm) < f(gBest) then gBest = xm

  For m = 1 to Swarm Size

      Update particle m's nth velocity component vm,n

    End For

      Update particle m's nth position component xm,n

  End For

      Evaluate particle m's fitness f(xm)

    If xm valid then

    End If

    Else

      f(xm) = 1e20

  Set f(pBestm) = 1e20

End For

Return gBest
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Pseudocode describing the Real-valued Particle Swarm Algorithm

      If |vm,n| > Vmax,n then vm,n = Vmax,n*sgn(vm,n)

    For n = 1 to N

23

24

  End For

25

Figure A.2: Pseudocode implementation of the Real-valued Particle Swarm
Optimization technique which minimizes the fitness function.
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possible variations tested include a momentum-less PSO where the inertial weight

is set to zero, but this example reportedly had poor results [56]. Another style of

PSO used a local best instead of a global best, where each particle would remember

the best seen position by their immediate neighbors. This provided good results

and seemed more resistant to local optima in comparison to the original versions.

However this version also took much more time to converge [304]. There has been

much more extensive research into improving PSO by adding other operators onto it

[305], but the original algorithm still prevails as the most simple and most applicable

to all optimization problems. The pseudocode for the original algorithm is given in

Fig. A.2 for a better understanding of the full algorithm.

In Fig. A.2, we begin by initializing the particles in the solution space by assign-

ing them a random location with a uniform distribution from [xmin, xmax]. Their ve-

locities are also randomly assigned with a uniform distribution from [−vmax,+vmax].

Since this is a minimization problem, we set the initial fitness for each particle ex-

tremely high. Ideally, we would set it at∞, but this number is not storable in finite

sized memory and therefore is set to a high number, 1020.

The next step is to evaluate whether each particle is within the given limits

[xmin,xmax]. If not, there exist several different boundary conditions to keep the

particle within these appropriate boundaries. These conditions are often necessary

to avoid physically unrealizable systems or to avoid physically insignificant systems.

Some examples might include patch antenna with a negative width or a patch an-

tenna where the probe feed does not connect to the patch antenna. These systems

either have no meaning or might even force errors in the simulation tools. There-

fore they must be avoided by imposing these boundary conditions. The most typical

boundary conditions are demonstrated in Fig. A.3, and this includes the absorbing,

reflecting, damping, and invisible boundary conditions. Out of these conditions, the

invisible boundary condition has been recommended due to its demonstrated ability
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Figure A.3: Boundary conditions applied to a two-dimensional problem.

to converge upon the global optima for the general optimization problems [61].

The pseudocode shown in Fig. A.2 is configured such that it can handle the im-

plementation of any of the boundary conditions. If one of the restricted boundary

conditions is chosen, then the boundary evaluation alters the position and velocity

accordingly. If the invisible boundary condition is used, then the particle is consid-

ered invalid which forces the algorithm to assign a high fitness to the particle. With

this organization one can apply any of the aforementioned boundary conditions.

The next step in the pseudocode updates the pBest and gBest if the newly tested

point has a better fitness than the current locations. The last block of pseudocode

goes through the whole swarm to update the nth velocity component of particle

m using equation A.3. If a particular component goes above the nth component

of the velocity threshold vmax,n, then the velocity magnitude is set to vmax,n and

the direction is that of the original velocity. We use this velocity to find the new
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location of particle m, where equation A.4 is used (assuming ∆t = 1).

A.2 Applications in Constrained Optimization Problems

Many design problems in engineering often have physical limitations which imply

some type of constraints. These design constraints are often due to space or weight

limitations as well other various performance issues. Constraints often come in the

form of inequalities and constraint equations [306]. Without a proper formulation,

the optimization problem can become increasingly difficult due to the limited search

space. Therefore these components deserve some attention when working to optimize

several classes of antenna optimization problems.

In the beginning of this chapter, the terms bounded optimization techniques and

constrained optimization problems were introduced and delineated. While these

terms describe two different pieces of the optimization story, we use these terms

boundary and constraint to describe two different types of inequalities. This di-

chotomy distinguishes between components that are necessary in bounded optimiza-

tion techniques and those that are applied to all optimization techniques. The

inequalities that form the hypercube termed the solution space are given as

xmax ≤ x ≤ xmin (A.5)

where xmax and xmin form the edges of the solution space. An unbounded approach

has been applied to many types of problems and provides more generality to the

optimization problem. However most antenna design problems have physical upper

and lower limits on their dimensions. Therefore these boundaries will be included

in the algorithm through various methods in this thesis. Constraints are slightly

different inequalities involving more than one design parameter. Using a generalized
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notation as seen in [306,307], these constraints can be written as

g(x) ≤ 0 (A.6)

which captures both types of inequalities through gi(x) ≤ 0 and −gi(x) ≤ 0. It is

general enough to include equalities h(x) = 0 as well by defining gi(x) = h(x) ≤ 0

and gi+1(x) = −h(x) ≤ 0 to finally use as gi(x) ≤ 0 and gi+1(x) ≤ 0. To summarize,

these constraints require attention for both bounded and unbounded optimization

techniques. However, the boundaries are only required for bounded optimization

techniques.

Some terminology has become standard in literature [306, 308, 309] to describe

the regions within the solution space S. The feasible region F can be defined as

F = {x |g(x) ≤ 0,xmin ≤ x ≤ xmax} (A.7)

which can be described as the set of points in the solution space which satisfy the

constraints, and hence F ⊆ S. Note also that another region is the infeasible region

I ⊆ S, which can be defined by I = S∩F . The region outside of the hypercube will

simply be referred to the out-of-bounds region S. These regions can be visualized

for both two and three dimensional spaces as seen in Fig. A.4.

There are a variety of methods that incorporate the constraints into the opti-

mizer. One technique that has been suggested changes the algorithm’s initializa-

tion [310] in order to force the initial points to be located within F . This was

originally proposed for use in PSO, but this idea could be extended to other algo-

rithms such as GA or Evolution Strategies. Others have used used the constraint

equations as other fitness parameters in a multi-objective optimization environment.

The authors then applied a multi-objective version of PSO to the optimization prob-

lem. Another method used for GA as well as other Evolutionary Techniques add a
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Figure A.4: Visualization of the Feasible and Infeasible regions.

penalty function into the fitness function [307, 308, 311]. This in turn converts the

constrained optimization into an unconstrained one. Using this approach, another

term pc(x) is simply added onto the original fitness function as

f(x) = f0(x) + pc(x) (A.8)

where f0(x) is the term which describes the fitness of the antenna alone, i.e. the

original fitness function. For many of the optimization runs used in this thesis, the

constraint penalty function

pc(x) =


0 if x ∈ F

105 if x /∈ F
(A.9)

is used, which simply increases the fitness to a large number if outside the feasible

region. This may not always be the best penalty function because it does not

provide any information as to the location of the feasible region. Others actually

implement the constraint equations gi(x) into pc(x) [309], and this has been preferred

because it can help guide the optimizer towards F . We use the stepped penalty
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approach for ease of implementation, and it fits naturally into PSO since this has

the same appearance as the invisible boundary condition. It should also be pointed

out that one advantage of penalty functions is that they can be applied to every

technique, and therefore they form a widely usable approach in handling constraints.

The stepped constraint penalty function was applied to the optimization problems

throughout this work.

A.3 A Detailed Example using the CP Half E-shaped Patch

Antenna

As a full example of an antenna application of PSO, we rehash the details of the

optimization procedure behind the CP Half E-shaped patch antenna given in Ch. 3.

The geometry is shown in Fig. A.6, where a slightly different geometric parameteri-

zation is used compared to the one shown in Ch. 3. This particular parameterization

was used because it minimized the number of optimization parameters, which sim-

plifies the optimization problem significantly as alluded in the previous sections.

The solution space is defined by the region

W ∈ [30mm, 65mm] (A.10a)

L ∈ [30mm, 65mm] (A.10b)

Ls ∈ [0mm, 65mm] (A.10c)

Ws ∈ [7.5mm, 32.5mm] (A.10d)

Ps ∈ [0mm, 32.5mm] (A.10e)

yf ∈ [−32.5mm, 32.5mm] (A.10f)

xf ∈ [1mm, 20mm] (A.10g)

` ∈ [7.5mm, 60mm] (A.10h)
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Figure A.5: The CP Half E-shaped patch geometry used in the optimization.
Notice that the geometric parameters are slightly different in order to minimize
the number of optimization parameters and constraints.

and we assume a value of Wb = 2.5mm. This defines the size of the hypercube in

which PSO will search for a solution. The design variables for this optimization are

x = {W,L,Ls,Ws, Ps, yf , xy, `}, making this an 8-dimensional problem. We must

also define our feasible space in which the CP Half E-shape is maintained. This is

defined by the equations

L− Ls ≥ 5mm (A.11a)

Ps −Ws/2 ≥ 2.5mm (A.11b)

Ps +Ws/2 ≤ W/2− 5mm (A.11c)

|yf | ≤ L/2 (A.11d)

Ls − ` ≥ 5mm (A.11e)

xf ≤ Ps −Ws/2− 1mm (A.11f)
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Table A.2: Intrinsic Parameters of PSO Used in the CP Half E-shaped Patch
Problem

PSO Parameter Recommended Values

c1 2.0
c2 2.0

Swarm Size 16
∆t 1.0

Max Iterations (imax) 500

wk 0.9− 0.5
(

i
imax

)
vmax

1
2

(xmax − xmin)

As described further in Ch. 3, the fitness function for this problem is

F (x) = 4 |S11(f0,x)|+ AR(f0,x)− 0.1BWCP (x) (A.12)

where F (.) is the fitness value, S11(f0,x) is the impedance matching value on an

absolute value scale at frequency f0, AR(f0,x) is the broadside AR at f0, and BWCP

is the AR≤ 3 and S11 ≤ −10 dB bandwidth in MHz. If for a given design the S11 and

AR do not meet the criterion, i.e. S11 ≤ −10 dB and AR ≤ 3 dB, then the BWCP

is set to zero. The intrinsic values for PSO used in this optimization are shown in

Table A.2. As per the recommendation, the swarm size was set to 2 × N = 16,

which provides a solid balance between exploration and exploitation.

For researchers interested in optimization, convergence plots showing the per-

formance of the global best and the average fitness provide significant illustrations.

The convergence plot for this problem is shown in Fig. A.6. At first, the global

best was very large because the particles had not yet found the feasible region. The

fitness for the infeasible region was set to F (x ∈ F) = 105. Around iteration 50,

the swarm had located the feasible region and started being evaluated by simulat-

ing the design in HFSS, resulting in values smaller than 105. The average fitness

reveals that most of the particles were still flying outside the feasible space until
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Figure A.6: PSO convergence plot showing that the design achieved significant
improvement through the PSO optimizer. The optimization process stopped due
to stagnation in the global best fitness.

iteration 150, where the average fitness begins to exhibit smaller values in addition

to smaller variations. The particles outside the solution space do not get averaged

in the average fitness, and therefore any iteration showing a large value in average

fitness indicates that one or more particles are being evaluated outside the feasible

region. The global best begins to settle around iteration 275, and little progress is

seen after. Furthermore, the oscillations in the average best begin to decrease, a

usual indication that the optimization has stagnated. Thus, the process was halted

at iteration 424.
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