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Abstract 
 

Yulin Chen 
 

A LOW PHASE NOISE OSCILLATOR: ROTARY TRAVELING WAVE 
OSCILLATOR 

 

Increasing demand for bandwidth in the digital communications, wired or 

wireless, requires integrated circuits operating at ever higher frequencies. Design 

and fabrication of low cost transmitter/receiver circuits remains increasingly 

challenging. With scaling, advances in complementary metal-oxide-

semiconductor (CMOS) technologies have proven a serious competitor to the 

traditional SiGe, GaAs and bipolar technologies which have proven to be high 

power and expensive with a relatively low yield. 

 

Voltage-controlled oscillators (VCOs) are essential building blocks for frequency 

synthesizers and clock-and-data recovery loops. Monolithic ring and LC 

oscillators have been commonly used as VCOs in such systems. Digital ring 

oscillators have inferior noise performance but can readily generate multiphase 

signals, while LC VCOs offer better phase noise for a given power dissipation. It 

remains challenging to achieve all the desired VCO specifications simultaneously 

as the frequency of operation approaches the self-resonance frequency of the on-
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chip inductors and the cutoff frequency of transistors.  

 

The Rotary Traveling Wave Oscillator (RTWO) proposed by John wood in 

2001[9] is a distributed oscillator that can be viewed as originating from 

distributed amplifiers. The RTWO operates by creating a rotating traveling wave 

within a closed-loop differential transmission line that serves as the resonant 

structure. Distributed CMOS inverters act as amplifiers to compensate line loss, 

and latches, to reduce amplitude variation. Amplifier gate and drain capacitance 

is absorbed into the transmission-line enabling energy to be recirculated 

adiabatically and results in a maximum frequency limited only by Fmax of the 

integrated circuit technology used. These oscillators were initially proposed for 

distributed clock generation in digital systems. Subsequently it has been realized 

that they are not only capable of very high frequency operation but also of 

multiphase operation ,with lithographically defined phase precision, and with 

lower phase noise compared to alternate approaches. 

 

Here the fundamental physics and phase noise of RTWO are studied. First we 

investigate the connection between the distributed amplifier and the RTWO and 

the implications of lossy and periodically loaded transmission lines on its 

operation. This leads to the consideration of the inherently multi-mode nature of 

the resonator, which provides additional degrees of freedom relative to traditional 
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designs and can be use to significantly decrease the rise and fall times of the 

oscillations leading to reduced phase noise. Operation is investigated in three 

different regions of operation: quasi-linear, critical oscillation and strongly 

nonlinear. In the weakly nonlinear region, a Duffing-van der Pol differential 

equation is developed to describe the oscillators’ behavior. By using the elliptic 

perturbation method, a Jacobian Elliptic function type solution is derived that 

provides us with a more accurate calculation of the oscillating frequency relative 

to the first order estimates to date.  

Subsequently and more importantly the novel aspects of phase noise in the 

RTWO is investigated. Two separate but closely related models of oscillator 

phase noise are introduced. The first is proposed by Leeson[11] and the other one 

is by Lee and Hajimiri[12] are investigated as relevant to these oscillators. For 

thermally induced white phase noise using Abidi’s sampling mechanism[13] a 

theoretical frame work is developed for the effect of broadband white noise on 

RTWOs.  

Following this and most importantly the upconversion of flicker noise is studied 

on its impact on close-in phase noise. Several upconversion mechanisms are 

introduced and investigated that are unique to RTWOs. The interaction of line 

dispersion with amplifier nonlinearity is shown to lead to the upconversion of 1/f 

noise to close-in phase noise in the weakly nonlinear regime.  Dispersion is 

implicated more generally in the creation of drive transistor asymmetries that can 
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also lead to device 1/f noise upconversion in the strongly nonlinear large signal 

regime. Asymmetries in the integrated contribution of transistor gm variations to 

1/f noise are further shown to arise from the latency of the amplifier response.  

Most importantly we develop a novel technique we term “Gate Offset” to provide 

a compensatory phase alteration at the amplifiers that can not only remove the 1/f 

contribution due to amplifier delay but also compensate for dispersion induced 

delays. 

 

Lastly, a widely tunable monolithic integrated rotary traveling wave oscillator 

based on the design intuition developed from this theory is designed, fabricated 

and measured. Results are presented that show a doubling of performance relative 

to the state of the art.  
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CHAPTER 1 

1.INTRODUCTION 

1.1 Motivation 

The ever-increasing demand for larger bandwidth in the digital 

communication market, wired or wireless, is pushing for integrated circuits that 

operate at higher frequencies. As the bandwidth demand for data continues to 

grow, for Ethernet applications (IEEE 802.3) as well as for serial or optical 

backplane (SONET OC-192), low cost transmitter/receiver circuits stay 

increasingly challenging. With scaling, advances in complementary metal-oxide-

semiconductor (CMOS) technologies have made it a serious competitor to the 

traditional SiGe, GaAs and bipolar technologies, which become too power 

hungry and too expensive for a relatively low yield [1] [2]. 

One of the critical blocks in receivers for optical communication is the 

clock and data recovery (CDR), which produces a timing clock signal from a 

stream of binary data (NRZ). One important component of the loop is the 

voltage-controlled oscillator (VCO). Phase noise is one of most important 

specifications in oscillator design. In the analog field, the growth in wireless 

communication has increased the demand for more available channels. This has 

imposed more stringent requirements on the phase noise of oscillators. In the 

digital world, phase noise, usually called jitter, directly affects the timing margins. 

Monolithic ring and LC oscillators commonly have been used as VCOs in such 
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systems. However, ring VCOs have inferior noise performance but can generate 

quadrature signals more readily, while LC VCOs offer better phase noise for a 

given power dissipation. However, it becomes more difficult to achieve all of the 

desired VCO specifications simultaneously as the frequency of operation 

approaches the self-resonance frequency of the on-chip inductors and the cutoff 

frequency of transistors. More specifically, to operate at higher frequencies, the 

dimensions of inductor and capacitor have been decreasing substantially. 

However, the inductor loss, parasitic capacitances of transistors, and loading from 

the next stage (e.g., output buffers) do not scale at the same rate. This results in 

the choice of even smaller inductance, which corresponds to larger power 

dissipation for a given oscillation amplitude, and more stringent constraints on 

the tuning capability an LC VCO [3]. These limitations make it necessary to 

pursue alternative approaches such as distributed oscillators. 

The reverse scaling of distance between the top metal layer and the 

substrate in recent CMOS technology makes monolithic distributed oscillator 

implementation possible. Distributed oscillators originate from distributed 

amplifiers (also known as traveling wave amplifiers) [4] [5] [6] [7] [8] [9] [10], which 

have been used widely for wide-band amplification. More and more research had 

been done in distributed oscillators [11] [12]. Most of these distributed oscillators 

are single-ended, directly making a feedback loop in distributed amplifiers. John 

Wood first proposed rotary traveling-wave oscillators (RTWO) [13], with a well-
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defined “go” and “returned” path giving predictable inductance characteristics in 

contrast to the uncertain return-current path for single-ended ones. 

1.2 Summary of the research results 

This work is focused on one new topology of oscillator generating 

multiple phase signals with low phase noise based on the distributed resonator 

principle. This oscillator is composed of a pair of cross-coupled on-chip 

transmission line, which comprises the electromagnetic resonator, and some gain 

stages. Any oscillation mode meeting the boundary condition could be excited on 

the transmission line and all of the modes travel continuously along the 

distributed resonator as long as the gain stage compensates the loss in the 

transmission line. A traveling wave is created, which travels perpendicular to both 

the electrical wave plane and magnetic wave plane. Hence, the new prototype of 

oscillator is named a rotary traveling-wave oscillator. 

A rotary traveling-wave oscillator could easily generate multi-phase 

signals and inherently low phase noise because of the novel structure. It is a good 

candidate for a very clean clock signal in the application of optical 

communication and PLL in the RF front-end circuits. It is very promising novel 

circuitry and the physics inside has not yet been totally understood even though 

some applications and research have been done. John Wood’s work [13] was 

dedicated to clock generation and the physical principle inside RTWOs was not 

of major concern. De Mercey demonstrated a 36 GHz RTWO and developed a 
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theoretical expression for the thermally induced phase noise in the RTWO in the 

limit of strong amplifier drive where the waveform edge rate is limited by the 

discrete loading of the transmission line [14]. 

In this paper, the theory of rotary traveling-wave oscillators is developed 

further to include explicitly the multi-mode nature of these oscillators, the effects 

of nonlinearity, and distributed characteristics. The frequency estimation, 

including second order effect, will be developed by using the harmonic balance 

method and the elliptic perturbation method. Simulation results are presented to 

verify the theories. The results of this theory are used to calculate the 

fundamental bandwidth limits and to derive a more complete theory for the 

thermally induced phase noise of RTWOs. 

Furthermore, an analytical model of the flicker noise upconversion 

behavior is developed for RTWO with small signal analysis, which is caused by 

phase shift between modes. To complete the flicker noise upconversion theory, a 

large signal model is also introduced because of the propagation delay inherently 

existing in the amplifier. Last, a simple and useful technique, gate offset, is 

illustrated to diminish the flicker noise upconversion behavior.  

1.3 Thesis Organization 

Chapter 2 is an introduction ot the basic concept of distributed circuits. 

First, the ideal distributed amplifier (DA) is described. Second, single distributed 

oscillator evolving from the distributed amplifier is reviewed. Last, is to 
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introduce the basic idea of rotary traveling-wave oscillators. 

Chapter 3 will focus on the physical characteristics of a rotary traveling-

wave oscillator. It includes fundamental operation of RTWO, the multimode 

characteristic, and quality factor of RTWO, which is in preparation for the study 

of the phase noise of RTWOs. More important, a nonlinear differential equation 

absorbing the amplifiers’ gain into the transmission line is developed to describe 

the behavior of RTWOs. Using the harmonic balance method and the elliptic 

perturbation method, a sine function based solution and Jacobian elliptic function 

based solution are obtained and compared to allow greater insight into the design 

of these oscillators. With the results of the nonlinear differential equation, a 

frequency equation including the second order effect is attained. Simulation 

results are illustrated to support and verify the above theories. 

Chapter 4 is a brief introduction to the phase noise theory and linear-time-

invariant, and time-variant. A thermal induced phase noise model for the RTWO 

is developed based on Abidi’s nonlinear phase noise theory. An expression for the 

thermal noise induced phase noise of the RTWO in terms of power dissipation, 

the distributed characteristic, bandwidth limit of the gain stage, and other 

parameters is obtained using an approximate analytical model. Furthermore, 

flicker noise upconversion behavior in the small signal region and large signal 

region are modeled and some design skills are introduced to suppress the 

upconversion behavior, completing the phase noise theory in RTWO. 
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Chapter 5 is an illustration of design procedure with hand calculation 

incorporated with software. Design trade off and layout consideration is 

presented. A design example of RTWO implementation on an 0.18 μm IBM 

CMOS process is demonstrated. Some simulation and measurement results are 

shown in this work 

Chapter 6 is the conclusion of the whole work. 
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CHAPTER 2 

BASIC CONCEPT OF DISTRIBUTED CIRCUITS 

2.1 Introduction 

Rotary traveling-wave oscillators are distributed circuits. In this chapter, 

the concept and properties of distributed circuits including the distributed 

amplifier and single-ended distributed oscillators are simply introduced first. 

Then, the operation of oscillators is reviewed. Last, the idea of rotary traveling-

wave oscillators will be illustrated. 

The distributed concept was invented by W. S. Percival of the United 

Kingdom in 1936; it has been developed later by Ginzton et al. who, in 1948 [4], 

named it “distributed amplification.” Since then, a variety of publications have 

been written [5] [6] [7] [8] [9] [15] and it is now a standard amplifier for high bandwidth 

applications. A reference book was written by Thomas T. Y. Wong [16] from which 

the following discussion is based. A short study of the distributed amplifier is 

important to understand the operation of the distributed VCOs (DVCO). Indeed, 

DVCOs draw their advantages over the traditional structures from the principle of 

distributed amplification. 

2.2 Distributed amplifier 

Conventional amplifier stages have the product gain-bandwidth limited by 

the properties of active devices used (usually the transconductance and the output 

capacitance of the transistor). In such standard circuits, expanding the bandwidth 
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is not possible without a degradation of the gain. Moreover, as the gain is made 

close to unity, cascading amplifier stages becomes inefficient. It does not help 

cascading amplifier stages either since the gain-bandwidth product will not be 

improved. The improvement in the distributed amplification is that “the structure 

relaxes the gain-bandwidth limitation instead by gain-delay tradeoff” [16]. 

 

Figure 2.1 Basic distributed amplifier 

Shown in Figure 2.1, the basic distributed amplifier consists of two 

transmission lines, the gate line and drain line terminated with the proper resistor 

to prevent reflection. Amplifiers are distributed along the gate line and drain line 

to provide gain. The forward wave on the gate line (to the right in Figure 2.1) is 

amplified by each amplifier. The incident wave on the drain line travels forward 

in synchronization with the traveling wave on the gate line. Each transistor adds 

power in phase to the signal at each tap point on the drain line. The forward 

traveling wave on the gate line and the backward wave on the drain line 

(traveling to the left) are absorbed by terminations matched to loaded 

characteristic impedance of the gate line and drain line, respectively. Assuming 
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that the number of transistors on the line is large and their spacing is much 

smaller than half a wavelength, their input and output capacitances may be 

considered distributed, Zg is given by [16]: 

g g
g

in
g g

g

j L R
Z

cj C G
l

ω

ω

+
≈

 
+ +  

   

(2.1) 

In equation (2.1), Lg, Rg, Cg, and Gg are the series inductance and 

resistance and parallel capacitance and conductance of the gate transmission line 

per unit length, respectively. Cin is the small signal input capacitance of the 

amplifying stage, which is a MOS transistor in this case. A similar expression can 

be obtained for Zd
 [16]: 

d d
d

out
d d

d

j L RZ
cj C G
l

ω

ω

+
≈

 
+ + 

   

(2.2) 

In equation (2.2), Ld, Rd, Cd, and Gd are the series inductance and 

resistance and parallel capacitance and conductance of the drain transmission line 

per unit length, respectively, and Cout is the output capacitance of the amplifying 

stage. 

The complex propagation constants of the transmission lines also are 

changed because of the transistor loading: 

( ) in
g g g g g

g

cj L R j C G
l

g ω ω
  

≈ + + +        
(2.3) 

( ) out
d d d d d

d

cj L R j C G
l

g ω ω
  

≈ + + +  
    

(2.4) 
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The following general expression for the voltage gain of the distributed 

amplifier can be obtained: [16] 

( ) ( ) 22

1

||
g gd d

d d g g

g gd d

n ln l
l l

v m L d ll

v e eA g Z Z e
v e e

gg
g g

gg

−−
− +

−−

−
= = − ⋅ ⋅

−  
(2.5) 

where gm is the transconductor of the MOS transistor, n is the number of the 

transistor in equation (2.5). 

To gain more insight into (2.5), the special case is studied here, where

d d g gl l lg g g= = . This can be achieved by having different lengths and widths for 

the drain and gate lines in the design to guarantee that the product is the same on 

both lines. Then the voltage gain of (2.5) can be written as: 

( ) ( )2

1

|| ||n l n l jn l
v m L d m L d

vA ng Z Z e ng Z Z e e
v

g α β− − −= = − ⋅ = − ⋅ ⋅
 

(2.6) 

where jg α β= + , in which α and β are the attenuation and phase constant of the 

transmission lines, respectively. 

A distributed amplifier has a relaxed gain–bandwidth tradeoff compared 

to a lumped amplifier because of its distributed nature, where the parasitic 

capacitances of transistors are absorbed into the transmission lines as can be seen 

from (2.1)–(2.4). The extended bandwidth of the distributed amplifier comes at 

the price of a larger time delay [16], which will be discussed in detail in the next 

chapter. In addition, gains of each transistor are independent from each other; 

they contribute one after the other, additively and in phase, to the total gain. This 

means that ideally even if one transistor has a gain inferior to one, the total gain 



11 
 

can be much greater than one depending solely on the number of transistors used.  

2.3 Distributed oscillator 

2.3.1 Concept of oscillators 

Before stepping into the distributed oscillators, a concept of oscillator and 

how it works are reviewed first. An electrical oscillator is a circuit generating a 

periodically time varying signal with only DC supply. To describe oscillators, two 

representations of the circuit are usually recommended: the two-port model or the 

single port model. A description of these models will be presented. 

 

Figure 2.2. Ideal linear feedback model 

An oscillator can be thought of as an amplifier that provides its own input 

signal through positive feedback. Then it can be modeled as a linear single two-

port feedback circuit (shown in Figure 2.2.) with the following overall transfer 

function: 

( ) ( )
( )

( )
( ) ( )1

Y s a s
H s

X s a s f s
= =

−  
(2.7) 

A self-sustaining effect occurs at the frequency s0 only if at this frequency 

the loop transfer function is exactly equal to one: ( ) ( )0 0 1a s f s =
 

so that the 

closed-loop gain approaches infinity. This is the well-known Barkhausen’s 
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criterion. When the criterion is met, the loop transfer function has its imaginary 

part equal to zero meaning that the signal comes back in phase to the original 

signal at the input, and the loop gain is at least equal to one. Intuitively, one can 

expect that if the gain were inferior to one the signal would be damped to zero. 

Alternatively, if the loop gain were superior to one, then the oscillation would be 

constantly amplified until it reaches the active device limit. In reality, the 

assumption of a linear circuit is not valid. Therefore, the loop gain magnitude is 

usually chosen to be greater than one, relying on the non-linearity, which ensures 

having an effective amplification such that |a(s)f(s)| becomes equal to one [21] [22]. 

 

Figure 2.3 One port model of an oscillator 

The one port model, Figure 2.3 considers the oscillator as two one-port 

blocks connected together. The first, the resonator, is a simple tank with its own 

parasitic resistance Rr; the second is an active block generating a negative 

impedance −Rr so that the equivalent resistance seen by the resonator is infinite. 

The resonator alone cannot oscillate since a part of the energy stored at every 

cycle is dissipated in Rr. However, with the active device, the energy lost is 

replenished in every cycle so that stable oscillations occur. This model has the 

advantage of being simple, but it assumes that the parasitic resistance of the 



13 
 

resonator can be converted into a parallel resistance. This approximation is valid 

in the vicinity of the resonance. In reality, as for the precedent model, the 

negative resistance is often chosen to be much more negative to insure good start-

up conditions. 

2.3.2 Single-ended distributed oscillators 

The simplest form of distributed oscillator is a distributed amplifier for 

which the output is fed back to its input, shown in Figure 2.4. It was first 

introduced as an oscillator by Kleveland et al. in 1999 [1] and with a more 

sophisticated circuitry as a VCO by Wu et al. [17]. This is a direct transcription of 

the two-port model. If the amplifier (i.e., the open loop of the oscillator) respects 

Barkhausen’s criterion, the closed loop will oscillate. Another possible 

representation of it is to consider that the strip line including the transistor 

capacitors are the tank acting as a filter, allowing only a resonance frequency to 

pass, and the transistor gains compensate for the tank losses (i.e., negative 

resistance). In all of the above analysis, the frequency is approximately 

determined by the round trip time delay (from the drain of one transistor to the 

gate plus inverter time delay). The open loop is a distributed amplifier for which 

the gain must be at least equal to one in order to allow oscillations. According to 

Barkhausen’s criterion, the following general oscillation condition is obtained 

according to equation (2.5): 
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( ) ( ) 2|| 1
g gd d

d d g g

g gd d

n ln l
l l

m L d ll

e eG Z Z e
e e

gg
g g

gg

−−
− +

−−

−
⋅ ⋅ = −

−  
(2.8) 

The large signal gain can be approximately calculated from (2.8) by replacing the 

small signal gm with the large-signal transconductance of each transistor Gm as 

defined in [23]. 

This complex equality determines both the amplitude and the frequency 

of the oscillation. In the special case of equal propagation properties for both 

lines, d d g gl l lg g g= = , reduced to:  

( )|| 1n l jn l
m L dG Z Z n e eα β− −⋅ ⋅ ⋅ = −  (2.9) 

Assuming purely real characteristic impedance for the gate and drain lines, 

the last term on the left side of (2.9) should be -1, then nl β = p. 

Noting that 2 phasef vβ p= , the oscillating frequency is:  

1
2 2
phase

osc

v
f

nl nl LC
≈ =

 
(2.10) 

where 1phasev LC≈ is the phase velocity in the transmission line. L and C are 

the inductance and the capacitance per unit length of the loaded transmission 

lines. 

 

Figure 2.4 Single ended distributed oscillator 

2.3.3 Rotary traveling-wave oscillators 
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The rotary traveling-wave oscillator (RTWO) was first presented by John 

Wood et al. [13], who realized CMOS test chips for 950 MHz and 3.4 GHz clocks 

generator. It differs from the previous distributed oscillators in that the need for 

the noisy load resistor is eliminated by the use of a fully differential design and a 

novel termination. The RTWO operates by creating a rotating traveling wave 

within a closed-loop differential transmission line. Distributed CMOS inverters 

serve as both transmission-line amplifiers and latches to power the oscillation. 

Load capacitance is absorbed into the transmission-line constants whereby energy 

is recirculated giving an adiabatic quality. Unusually for an LC oscillator, 

multiphase square waves are produced directly in an RTWO. In John Wood’s 

paper, simulations predicted rise and fall times of 20 ps on a 0.25-um process and 

a maximum frequency limited only by ft of the integrated circuit technology used 

[13]. 

 
Figure 2.5 Idealized theory underlying the RTWO, (a) open loop of differential 
conductors to a battery via a switch, and (b) similar loop but with the voltage 
source replaced by the inner and outer conductors cross-connected. 

Figure 2.5 illustrates the theory behind the individual RTWO. Figure 2.5 
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(a) depicts an open loop of differential transmission line (exhibiting LC 

characteristics) connected to a battery through an ideal switch. When the switch 

is closed, a voltage wave begins to travel counterclockwise around the loop. 

Figure 2.5 (b) shows a similar loop, with the voltage source replaced by a cross-

connection of the inner and outer conductors to cause a signal inversion. If there 

were no losses, a wave could travel on this ring indefinitely, providing a full 

clock cycle every other rotation of the ring (the Möbius effect). 

 

Figure 2.6 Practical RTWO implementation 

In real applications, multiple antiparallel inverter pairs are added to the 

line to overcome losses and give rotation lock, shown as Figure 2.6. Rings are 

simple closed loops and oscillation occurs spontaneously upon any noise event. 

Unbiased startup can occur in either rotational sense—usually in the direction of 

lowest loss. Deterministic rotation biasing mechanisms are possible (e.g., 

directional coupler technology or gate displacement). Once a wave becomes 
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established, it takes little power to sustain it because unlike a ring oscillator, the 

energy that goes into charging and discharging MOS gate capacitance becomes 

transmission line energy, which is recirculated in the closed electromagnetic path. 

This offers potential power savings, as losses are not related to _CVF___ but 

rather to dissipation in the conductors where they can be reduced (e.g., by 

adoption of copper metallization [13]). 

Studies in John Wood’s work have shown the current in the conductors 

within an RTWO running at 3.4 GHz is 200 mA, while the supply current is 

simulated at 84 mA with 4.5 mA of ripple [13]. This clearly illustrates that energy 

is recycled by the basic operation of the RTWO. Just driving the 34 pF of 

capacitance present would require 275 mA at this frequency (from 2P CV f= ). 

The oscillating frequency is approximately predicted by equation [13]: 

1
2 2
phase

osc
eff

v
f

nl l LC
≈ =

 
(2.11) 

In equation (2.11), L and Ceff are inductance and effective capacitance per 

length. l is the ring length. The 2 in equation (2.11) arises from the pulse 

requiring two complete rounds for a single cycle. The formula of frequency is 

directly predicted by using the result from the single-ended case. Actually, the 

frequency prediction in equation (2.11) is only first order since it does not include 

the loss in the transmission line and nonlinearity effect within the amplifiers. 

Further studies on this issue will be illustrated in detail in the next chapter. 
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Seen from an RF perspective, Figure 2.6 shows the RTWO to be two 

push–pull distributed amplifiers folded on top of each other. Distributed 

amplifiers exhibit very wide bandwidth because parasitic capacitances are 

“neutralized” by becoming part of the transmission-line impedance [18]. 

Performance is limited by the carrier transit time of the MOSFETs [19], not by the 

traditional digital inverter propagation time, which is not applicable where gates 

and drains are driven cooperatively by an imposed low-impedance signal, and 

where the load capacitance is hidden in the transmission line. 

2.4 Conclusion 

In this chapter, the idea of distributed circuits is introduced. The most 

important advantage of distributed circuits is “the structure relaxes the gain-

bandwidth limitation instead by gain-delay tradeoff. Evolving from distributed 

amplifier, distributed oscillators inherit this characteristic. RTWO differs from the 

previous distributed oscillators in that the need for the noisy load resistor is 

eliminated by the use of a fully differential design and a novel termination, which 

gives much better noise performance. Furthermore, it could be quite fast because 

of a maximum frequency limited only by ft of the integrated circuit technology 

but not the traditional digital inverter propagation time.  
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CHAPTER 3 

STUDIES OF PHYSICS IN RTWOS 

3.1 Introduction 

The rotary traveling-wave oscillator was first proposed by John Wood et 

al. [13]. However, it was dedicated to clock generation. De Mercey demonstrated a 

36 GHz RTWO and developed a theoretical expression for the thermally induced 

phase noise in the RTWO in the limit of strong amplifier drive where the 

waveform edge rate is limited by the discrete loading of the transmission line. In 

[20] and [21], design methodologies and results are presented that show how the 

transmission line design and other issues affect performance. 

In this chapter, the theory of rotary traveling-wave oscillators is 

developed further, to include explicitly the multi-mode nature of these oscillators, 

the effects of nonlinearity, quality factor of loaded transmission line, quasi-

distribution characteristic and so on. This chapter is organized in the following 

manner. In section 2, the multi-mode characteristic of RTWOs is illustrated and a 

simulation and analysis method is introduced. In section 3, the quality factor of 

RTWOs is introduced briefly in preparation for the study of the phase noise of 

RTWOs in the next chapter. Section 4 is a development of a nonlinear differential 

equation absorbing the amplifiers’ gain into the transmission line. Section 5 and 

Section 6 are separate investigations of two limiting regions of operation where 

analytic results can be obtained, critical oscillation (slightly nonlinear), and hard 
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limiting (highly nonlinear). The Duffing-van der Pol differential equation is 

shown to describe the behavior of RTWOs in the critical oscillation region. Using 

the harmonic balance method and the elliptic perturbation method, a sine function 

based solution and Jacobian elliptic function based solution are obtained and 

compared to allow greater insight into the design of these oscillators. In the hard-

limiting region, the assumption of a square wave waveform is motivated and then 

used in the derivation of analytic results. In section 7, the oscillation conditions 

for the various modes and limiting edge rates of the waveform are studied. 

Section 8 provides simulated verification of our theoretical results. Finally, 

section 9 is a presentation of concluding remarks. 

3.2 Multi-mode Characteristics of RTWOs 

The basic design and idea of RTWOs was introduced in 2.2.3. A simple 

review would be shown in this chapter before new discussions. Figure 2.5 (a) 

illustrates one way to view the transmission line structure that comprises the 

electromagnetic resonator. There, an open differential transmission line is 

connected to a battery through an ideal switch. When the switch is closed, the 

voltage wave signal travels along the line. Figure 2.5 (b) shows if the differential 

line contains a twist, so that the signal is inverted after one round trip, and if there 

are no losses, a wave could travel on this ring indefinitely. 

In practical implementations, multiple cross-coupled inverters, or other 

amplifiers are, distributed along the ring to overcome loss and impose odd mode 
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operation in the transmission line, shown in Figure 2.6. The input and output 

capacitance of the amplifiers, if their spacing is sufficiently close, can be 

considered as distributed and absorbed into the transmission line. To first order, 

the oscillation frequency is given by the propagation speed of the voltage wave 

on the ring divided by twice the distance around the ring [13]. 

…….. ……..

…….. ……..
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Y  

Figure 3.1 One section of RTWO 

In this work, we will explore an alternate way of understanding the 

RTWO. Here we show that its resonator can be viewed as the culmination of the 

evolution from a single mode L-C oscillator through a succession of lumped 

multimode resonators culminating, in the continuous limit, in the highly 

multimode resonator used in the RTWO. The electromagnetic resonator used in 

the RTWO then is shown to be best thought of as that of an appropriately 

terminated periodically loaded transmission line. 

Only one sinusoidal mode can exist in single 0L and 0C , LC resonators and 
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its frequency is given by: 

0 0

1
2oscf

L Cp
=

⋅
 (3.1) 

In contrast to LC oscillators, RTWOs can support multi-mode oscillations. 

We use mode here to indicate the eigenmodes of the resonator as is common in 

the description of the longitudinal modes of a laser resonator, which these most 

resemble. The frequencies of these modes include the fundamental frequency and 

those of all higher modes satisfying the periodic boundary conditions in the 

continuous limit. If waveguide dispersion is taken into account then these mode 

frequencies will not be exact harmonics of the fundamental. 

The coupled stripline used in RTWOs additionally can support other 

electromagnetic modes; the even mode, also called the fast wave mode, is 

observed when the two lines are excited with the same signal. The odd mode, also 

called the slow wave mode, is obtained when the coupled transmission line is 

excited differentially. The odd mode is of interest for the RTWO, any even mode 

propagation represents a loss of energy, which does not contribute to the 

oscillation and should be suppressed. The use of inverting amplifiers such as 

cross-coupled inverters along the line serves to force the line to operate 

differentially. Under this odd mode operating assumption, we can simplify the 

coupled stripline into the effective equivalent single stripline seen by the odd 

modes.  
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Figure 3.2 Incremental network model 

The above qualitative argument can be formalized and extended to a 

quasi-distributed structure formed from many lumped sections. In this sense, we 

consider the RTWO to be the continuous limit of a whole family of oscillators 

composed of discrete lumped sections appropriately terminated on itself and 

exhibiting multiple electromagnetic resonances. A section of transmission line 

can be represented by the incremental network in Figure 3.2 

Since the ends of coupled transmission line in RTWOs are cross-

terminated by themselves, creating a ring as shown in Figure 3.1, theoretically, 

the waves can travel on the transmission line forever without seeing an end. For 

this reason, our ring can be considered an infinite long transmission line. Most 

usually a section of continuous transmission line can be represented by the 

incremental network in Figure 3.8. In addition, the short-circuit two-port 

parameters of the uniform RLCG line is [22]: 

0

coth csc1
csc cothij

d h d
y

h d dZ
Γ − Γ 

  =    − Γ Γ 
 (3.2) 

In equation (3.2), 0Z is the characteristic impedance of the uniform line. Γ  

is usually referred to as the propagation function ( )( )ls r cs gΓ = + + . l , c , r , 
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g have the dimension per unit length. d is the finite length of the transmission 

line. By expanding the transcendental functions directly into the product forms, 

the poles of short-circuit driving point admittance of the lossless transmission line 

are readily found. Thus: 

n
tot tot

n np j j
d LC L C

p p
= ± = ±      1, 2n = ∞  (3.3) 

From equation (3.3), we actually see that in the continuous limit there are 

an infinite number of possible modes. In a realistic structure there will be a limit 

on the highest oscillation mode imposed by either, losses, or a lack of gain or 

because of the existence of a cutoff frequency imposed by periodic loading of the 

line. 

 
Figure 3.3 A RTWO composed of transmission lines can be viewed as the 
continuous limit of the multi-section lumped circuit shown on the right 

Because of the periodic loading of the transmission line by amplifiers, and 

in some cases nonlinear tuning elements such as varactors, a better representation 

of the actual RTWO is as a cascade of iterative two-port networks as shown in 

Figure 3.3. Each two-port network consists of inductance and capacitance per 
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section as shown in Figure 3.3. Thus the periodically loaded RTWO resonator can 

be approximated by a chain of such two port networks as long as the delay of 

each continuous transmission line section is small compared to the oscillation 

period, as is the case in our practical designs. 

In Figure 3.3, sec
1 2

sLZ = and 2 secZ sC= . secL and secC are defined as the 

inductance and capacitance for each section. With these definitions, the overall 

two-port ABCD parameters of the N cascaded sections of the network as shown 

in Figure 3.3 are then given by: 

2
0

0
2

cosh sinh sinh
sinh cosh

sinh

n

n

N Z N
V V

N NI I
Z

t t t
t t
t

 
    =    − −     

 (3.4) 

The short-circuit admittance parameters can be obtained by ABCD 

parameters to Y parameters transfer relationship. By expanding the transcendental 

functions directly into the product forms we have the short-circuit admittances for 

the lossless transmission lines: 

( )
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2

1
22 22 2

1

2 1
1 cos

2 2

1 1 1 cos
2 2
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The poles corresponding to the modes of the cascaded periodically loaded 

network are [22]: 

sec sec

2 sin
2n

j np
NL C
p = ±  

   (3.6) 

The above equation illustrates that there is a maximum of N modes that 

can be excited (“N” is the number of two-port network stages and “n” is the nth 

pole). If N is infinitely large, this result reduces to the previous result for the case 

of a continuous transmission line.  

Two extreme cases of equation (3.6) are investigated, if n<<N, we obtain 

the following equation approximately: 

𝒑𝒏 = ± 𝒋
�𝑳𝒔𝒔𝒔𝑪𝒔𝒔𝒔

× 𝒏𝒏
𝑵

= ± 𝒋𝒏𝒏
�𝑳𝒕𝒕𝒕𝑪𝒕𝒕𝒕

 (3.7) 

In this case, equation (3.7) is the same as equation (3.3). The results show 

that if an RTWO is decomposed finely enough (satisfying the condition that 

n<<N ), then a cascaded two-port network representation is a very good 

approximation of a continuous limit. We find that this approximation is better 

used for simulation because all of the parameters in the resonator can be more 

conveniently modified and convergence is more easily obtained. 

The other case is when n is equal to N, we then find that: 

sec sec

2
n N c

jp
L C

ω= = ± ≡
 (3.8) 

This upper limit is the frequency of the highest order mode that can exist in the 

structure and is called the cut-off frequency of the resonator. Below we will see 
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that the existence of this cutoff frequency can, under certain circumstances, limit 

the maximum rise time that can be obtained, and influence the minimum possible 

phase noise. 

3.3 Quality Factor Q 

Next, we will derive the quality factor for the RTWO resonant 

transmission line structure. This will prove useful for comparison of results for 

RTWOs with other oscillators, and for casting analytic results in familiar forms. 

For the transmission line resonator, the quality factor Qis defined by: 

0 UQ
W

ω ⋅
=

 
(3.9) 

Where U is the energy stored, W is the average power lost per cycle, and 

0ω is the fundamental radian frequency of the resonator. With Vm and Im  , the 

maximum voltage and current, Q may be written in the form: 

( )
( )

2 2

0 2 2

2 2 2
.

2
m m

m m

LI CV
Q

RI GV
ω

+
= ⋅

+
 (3.10) 

Assuming that low-loss continuous line conditions are satisfied (R<< ωL, 

G<<ωC) one obtains: 

0

0 0

.LCQ
R Z GZ

ω
≈

+
 (3.11) 

The result in equation (3.11) is that for a continuous transmission line. 

However, the transmission line resonators in RTWOs always are loaded 

periodically with the oscillation sustaining amplifiers. The quality factor of a low 
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loss periodically loaded transmission line can be shown to be [14]: 

2

21T
c

Q Q ω
ω

 
= − 

 
 (3.12) 

where the cutoff frequency is the same as that obtained in equation (3.8). ω is 

assumed to be less than ωc and Q is the quality factor of the continuous 

transmission line. Equation (3.12) indicates that the higher the cutoff frequency, 

the shorter the distance between lumped sections, the closer QT is to its 

continuous equivalent counterpart. QT is also frequency dependent indicating that 

higher order modes in the resonant structure will have lower QT. 

3.4 Analytic Formulation of RTWOs 

The first order estimation of frequency in RTWOs in previous works [13] 

[14] is based on the assumption of ideal, no loss, and linear transmission line. The 

second order effect including the nonlinearity of amplifier and loss in 

transmission line certainly would affect the oscillating frequency. The intent of 

this section is to develop an analytic formula to describe the behavior of RTWOs 

including those second order effects. 

One approach that can be taken to calculate the frequency is to consider 

the result for a linear transmission line. The phase velocity in a lossy transmission 

line can be derived from the propagation constant for a line with a lossy series 

resistance and a net positive shunt lossy conductance is [23]: 

( ) ( ) ( ) ( ) ( )2 2 2 24 2 21
2

LC LG RC RG RG LCβ ω ω ω  = + + + − −   
 (3.13) 
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L, C, R and G are the inductance, capacitance, series resistance and shunt 

conductance per unit length in a transmission line shown in Figure 3.2.  

From this, we calculate the propagation velocity as: 

( ) ( )

1
2 22 2

0 0
2 2

2
2 20

2

1 11
1 2 2

1
4

l lRG RG
v

LC l LG RC

p p

p

  
 + ⋅ − ⋅   =  
  − ⋅ +   

 (3.14) 

The result for a linear line with shunt gain is obtained by assuming G is 

negative. From this, the correction to the line velocity because of gain and loss 

can be included. However, this result does not have the amplitude dependence 

that is expected for a nonlinear transmission line such as we encounter in RTWOs. 

A first order frequency equation derived in [13] is: 

0
0

2
2l LC

pω ≈  (3.15) 

This is the frequency expected if only the first term in the velocity express above 

is used to calculate the frequency. In this chapter, frequency equations that 

include important second order effects for RTWO are developed.  

The telegraphers equations can well describe a linear transmission line. 

However, the transmission lines in RTWOs are loaded with nonlinear saturable 

amplifiers to compensate the loss and ultimately limit the amplitude. If the 

nonlinear gain elements are distributed along the transmission line with spacing 

much less than the wavelength of the propagating wave, then this gain can be 
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represented as a continuous negative nonlinear conductance per unit length. Thus 

we assume that R, L, and C are constant and that the conductance G is a function 

of voltage and all are expressed as the value per unit length (distributed system). 

Similar to telegrapher’s equations, for this case we obtain: 

V IL R I
Z t

∂ ∂
= − − ⋅

∂ ∂
 (3.16) 

( )I VC G V V
Z t

∂ ∂
= − − ⋅

∂ ∂
 (3.17) 

where Z is the coordinate representing the position along the line. Combining 

equation (3.16) and (3.17), yields the following partial differential equation: 

( )
( )

2 2

2 2

G V VV V V VLC L RC RG V V
Z t V t t

 ∂ ⋅∂ ∂ ∂ ∂ = + ⋅ + + ⋅
∂ ∂ ∂ ∂ ∂

 (3.18) 

 
Figure 3.4 I-V curve of anti-parallel inverter gain stage and its cubic 
approximation 

Typically, G(V) is provided by saturable amplifiers, the I-V curve of one 

such implementation, back-to-back inverters, is shown in Figure 3.4. Analytic 
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progress can be made with equation (3.17) in the limit where the oscillation 

amplitude is small and the characteristic is only weakly nonlinear; we will refer 

to this region as the critical oscillation region. Later, we will pursue another 

method to understand the behavior of such oscillators at the other highly 

nonlinear extreme when strong saturation occurs. We will refer to that regime as 

“hard limiting.” 

3.5 Weakly Nonlinear Regime 

In this regime, we will approximate the function G(V) as 

( ) 2
1 3G V g g V= − + ⋅ , which represents the negative saturating conductance 

shown in Figure 3.4. For small voltage amplitudes this is a good approximation to 

the actual characteristic. Substitution into equation (3.18), results in: 

( )
2 2

2 3
1 3 1 32 2 3V V V VLC Lg Lg V RC Rg V Rg V

Z t t t
∂ ∂ ∂ ∂

= + − + + − +
∂ ∂ ∂ ∂

 (3.19) 

To solve the partial differential equation (3.19) we make a change of 

variables to Zx t
v

= −  where v  is the velocity of the traveling wave. Thus:

1
x t v Z

∂ ∂ ∂
= = −

∂ ∂ ∂
 

and the partial differential equation transforms to an ordinary differential 

equation in the coordinate χ: 

( )
2

2 3
1 3 1 32 2

1 3 0d V dV dVLC Lg RC Lg V Rg V Rg V
v dx dx dx

 − + − − + − = 
 

 (3.20) 

Equation (3.20) is known as the Duffing-van der Pol equation. Physically, 

in analogy to a mechanical oscillator, the first term represents the “mass,” the 
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second to the net “gain,” the third an additional amplitude dependent damping 

term giving rise to amplitude limiting, followed by the next two terms that 

comprise a “spring” with, surprisingly, a cubic nonlinearity. This latter term is 

surprising as there is no nonlinear restoring force anywhere in the actual physical 

system; it arises from the interaction of the nonlinear conductance with the 

resistive losses of the line and represents a “soft” spring the restoring force of 

which decreases with amplitude. 

Method I: Harmonic Balance 

The Duffing-van der Pol equation can be solved approximately by a 

number of approaches. One is via harmonic balance in which the solution is 

assumed to consist of a sum of sinusoids, which are the solutions to the equation 

above if there were no net loss or gain and with a linear restoring function.  

We will first present the solution obtained using harmonic balance. For 

the solution it is convenient to put this equation in normalized form via the 

following substitutions: 

( )
2

2 3
1 32 1 0d y dy y C y C y

dx dx
ε− − + + =  (3.21) 

Here we have: 

y V
u
ε

= ⋅  , 1
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ε −
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−
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Next, let us assume that the solution for the above equation has the following 

form: 

( )0cosy A xω=  (3.22) 

This assumption becomes accurate in the weakly nonlinear regime. 

Substituting the cosine function (3.22) into the normalized equation (3.21) and 

ignoring the higher order terms, results in: 

( )2 3
0 1 3 0

3 cos 0
4

A C A C A xω ω − + + ⋅ = 
 

 (3.23) 

( )3
0 0 0

1 sin 0
4

A A xε ω ε ω ω − ⋅ = 
 

 (3.24) 

From the above two equations, it is seen that the normalized amplitude 2A = and: 

2
0 1 3

3
4

C C Aω = +  (3.25) 

Substituting both C1 and C3 into equation (3.25), an equation for the oscillator 

frequency can be obtained: 

( )
1

2 2 2
0 0

0 1 12 2
0

22 1
2

l l RRg Lg RC
Ll LC

pω
p p

 
= ⋅ − ⋅ + − 

 
 (3.26) 

In equation (3.26), l0 is the total length of the differential transmission 

line. Here the leading term is seen to be the frequency expected because of two 

round trips around the resonator at the phase velocity of a lossless linear line in 

agreement with equation (3.15). The dominant correction terms are seen to be 

because of the linear gain and loss of the line and their perturbation of the phase 

velocity. 
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Method II: Elliptic Perturbation 

Alternately one can perform a perturbation expansion in terms of the 

elliptic functions, the solutions to Duffing’s equation, which one obtains for 

equation (3.21) if the linear gain is equal to the linear loss, a condition that we 

expect is a good approximation during oscillation. This technique is known as the 

elliptic perturbation method [24]. 

In the event that 3C  in equation (3.21) is zero one obtains the popular and 

well-studied Van der Pol equation [25]. If ε is zero this reduces to Duffing’s 

equation for a harmonic oscillator with a nonlinear spring. 

Let us revisit equation (3.20) 

( )
2

2 3
1 3 1 32 2

1 3 0d V dV dVLC RC Lg Lg V Rg V Rg V
v dx dx dx

 − + − + − + = 
 

 

In the above equation, there are two different cases worth study: 

1. ( )1 0Lg RC− <  

With such an assumption, equation (3.20) could be expressed as the following: 

( )32
1 23 31

2

22 2 2

3
11 1 1

Lg RCRg V LgRg Vd V dV dVV
dx dx dxLCLC LC LC

vv v v

 
 − −

− + = +  
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Let us define 1
1
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Then a simplified formula could be achieved: 
2

3 2
1 32 1d V dV ua V a V w V

dx dx w
 + + = ⋅ ⋅ − 
 

 (3.28) 
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We made a substitution 

uy V
w

=  since u and w have different sign. 

Then I made the last substitution to be 

uy j V
w

= ⋅ and 

uV j y
w

= − ⋅  imaginary 

number for y. substituting this into equation (3.28). It turns out to be: 

( )
3

2'' 3 ' 2
1 3 1w w w w u wj y a j y a j y w j y j y

u u u u w u

             − ⋅ ⋅ + ⋅ − ⋅ ⋅ + ⋅ − ⋅ ⋅ = ⋅ − ⋅ ⋅ − ⋅ ⋅ − ⋅                       

(3.29) 

From the equation (3.29), we have: 

( )'' 3 ' 2
1 3 1w w w w wj y a j y a j y w j y y

u u u u u

        
   − ⋅ ⋅ + ⋅ − ⋅ ⋅ + ⋅ − ⋅ ⋅ ⋅ = ⋅ − ⋅ ⋅ −                       

(3.30) 

Then we cancel out 

wj
u

− ⋅  term on both sides of equation (3.30), 

( )'' 3 ' 2
1 3 1wy a y a y w y y

u
+ ⋅ + ⋅ ⋅ = ⋅ ⋅ −  (3.31) 

Let us redefine the parameters: 

1
1 1

2
1

RgC a
LC

v

= = −
 − 
 

 

( )13 1
3

3
32 2

1 13 3

R Lg RCRg Lg RCwC a
u LgLC Lg LC

v v

−−
= ⋅ = − ⋅ =

   − −   
   

 

1

2
1

Lg RCw
LC

v

ε −
= =

−
 

Finally, a normalized equation  

( )'' 3 ' 2
1 3 1y C y C y y yε+ ⋅ + ⋅ = ⋅ ⋅ −  (3.32) 

with 1 0C >  3 0C >  0ε >  in equation (3.32). 

2. ( )1 0Lg RC− >  



36 
 

Similar to case 1, an analysis could be begun from equation (3.20) with the 

definitions as following: 

1
1

2
1

Rga
LC

v

= −
 − 
 

, 3
3

2
1

Rga
LC

v

=
 − 
 

, ( )1

2
1

Lg RC
w

LC
v

−
=

 − 
 

, 3

2

3
1

Lgu
LC

v

=
−

 

However, in this case, u and w have the same sign from the above 

definitions. Substituting 

uy V
w

=   

( )'' 3 ' 2
1 3 1wy a y a y w y y

u
+ ⋅ + ⋅ ⋅ = ⋅ ⋅ −  (3.33) 

1
1 1
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LC
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 − 
 

 

( )13 1
3

3
32 2

0
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−−
= ⋅ = − ⋅ = <

   − −   
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2

01
Lg RCw
LC

v

ε −
= = >

−
 

( )'' 3 ' 2
1 3 1y C y C y y yε+ ⋅ + ⋅ = ⋅ ⋅ − (3.34) 

In our practical problem, ε > 0, 1 > 0, 3 < 0 nd ε is typically large (to 

insure that the oscillator will start), indicating clearly nonlinear behavior. The 

Duffing-van der Pol equation has been studied [26] and exhibits an interesting and 

varied bifurcation diagram. However, for our purposes we do not expect to 

observe most of these operation regions in the actual physical system of interest 

as this equation is only applicable for the small amplitudes where our G(V) 
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approximation remains valid. 

 

Figure 3.5 Plot of Cnoidal function 

The basic functions we use for the expansion are the Jacobian elliptic 

functions, shown in Figure 3.5. The solution to equation (3.34) can be expressed 

as: 

( )
0

,n
n

n
y A sn kε t

∞

=

= ∑
 

(3.35) 

Ignoring the higher order terms: 

( )0 ,y A sn kt=  (3.36) 

where 0xt ω=  and k is the modulus of the function given by: 

2
2 3 0

2
02

C Ak
ω

−
=  (3.37) 

( )0 ,sn x kω  also is known as the cnoidal function, shown in Figure 3.5. Cnoidal 

waves are characterized by sharper crests and flatter troughs than in a sine wave. 

The modulus k determines the shape of the cnoidal wave. When k is equal to 
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zero, the cnoidal wave becomes a cosine function, with increasing k the troughs 

get flatter and the crests are more peaked. Further discussion of these functions is 

given in [27]. ω0 is the angular frequency of this periodic function and it depends 

on the amplitude as:  

2 2
0 1 3 0

1
2

C C Aω = +  (3.38) 

Equation (3.28) shows explicitly how the oscillation frequency depends 

on the now variable normalized oscillating amplitude as is characteristic of 

nonlinear oscillators. If 
2

3 0 1C A C<< , we have the amplitude-independent 

frequency relationship. However, if 
2

3 0C A  is not small enough to be ignored, we 

must consider the nonlinear term in the frequency-amplitude relationship. It leads 

to the following frequency equation, 

( )
1

2 2 2 2
0 0 0

0 1 12 2
0

2 1
62

l l RARg Lg RC
Ll LC

pω
p p

 
= − + ⋅ − 

 
 (3.39) 

with the normalized amplitude 

( ) ( )
( )

3 1 12
0

3 3

5 5 4 4
2

E K C C E K C
A

E K C C
− ⋅ + −  =

⋅ ⋅ −
 (3.40) 

K and E are complete elliptic integrals of the first and second kind respectively.  

( )
2

2 20 1 sin
dK k
k

p θ
θ

=
−

∫  

( )
2 2 2

0
1 sinE k k d

p
θ θ= −∫  

Usually, and over a wide range of conditions, A0 the normalized 

amplitude is close to two, as expected from the harmonic balance result. 
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The leading term in equation (3.39) is again the first order estimate of the 

oscillation frequency given by Wood [13]. The two additional correction terms 

show the effect that the loss and gain have on the velocity of the traveling wave. 

The first two terms agree with the result obtained using either harmonic balance 

or using the formula for a “lossy” transmission line with the assumption that G is 

negative. 

Thus the traveling wave velocity now is: 

( )
1

2 2 2 2
0 0 0

1 12 2

1 1
6

l l RAv Rg Lg RC
LLC p p

 
= − + ⋅ − 

 
 (3.41) 

Comparing equation (3.41) and (3.14), we see that the velocity of the 

traveling wave in the RTWO and the velocity of the traveling wave in a linear 

lossy line share the same two leading terms, The first is the phase velocity 

expected for a lossless line and the second is the correction term because of the 

product of the series loss and net shunt negative conductance. To gain some 

physical insight into the meaning of this, consider the substitution of the first two 

terms for the phase velocity into the leading coefficient in equation (3.19) the 

“mass” term. This results in: 

2
0

2 2

1
2

lLCLC RG
v p

 − ≈ 
 

 (3.42) 

This is proportional to the energy flow through the oscillator per period 

squared. Here the “mass” of the oscillator is proportional to its energy 

consumption squared. Aside from a certain intuitive relativistic satisfaction in this 
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result it has practical importance for oscillator design. If one wishes to make the 

frequency of the oscillator independent of the negative conductance (and hence 

supply and amplifier variations) one should design for low series resistance so 

that only a small amount of negative conductance is required to overcome the 

losses, this minimizes this term and results in relative immunity of the oscillator 

frequency to supply variation induced changes in G. We also see that this 

contribution to frequency push is not dependent on the existence of the inevitable 

non-linear capacitances present in practical designs but is rather fundamentally 

related to the linear loss and gain. 

3.6 STRONGLY NONLINEAR OPERATION 

If a larger amount of gain is supplied relative to line loss than considered 

above, the wave amplitude increases and the shape of the oscillation waveform 

changes. This is occurring as the higher order modes of the resonator begin to 

oscillate as their gains become greater than their losses. Experimentally and in 

simulation, one obtains square waves as the inverter drive is increased. 

Table 1 shows the effect of the number of amplifier sections and their 

gain on the harmonics of three different RTWOs simulated in SPICE. The 

amplitude and phase also is given for a sine wave expansion of a square wave for 

comparison. To ease comparison the amplitudes are normalized to that of the 

fundamental and the phase of the fundamental is shifted to be zero. The 

waveform obtained for a 64 section RTWO shows very close agreement in both 
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amplitude and phase with a square wave. Note the small but increasing phase lag 

between successive higher frequency modes. Reducing the number of stages to 

decrease the critical frequency but keeping a large gain results in both amplitude 

and phase distortion relative to a square wave as seen for an RTWO with high 

gain but only eight amplifiers. The amplitude components are still fairly close to 

those expected for a square wave but the increased relative phase shifts are 

observed. Finally as the gain is lowered toward the oscillation threshold fewer 

modes are seen to oscillate and both the amplitudes and phases are seen to depart 

significantly from those of a square wave. 

Table 3.1 oscillation waveform spectrum for Gain and Cutoff frequency variation 
Harmonic 1st 3rd 5th 7th 9th 11th 

Square wave 

   -Amplitude 

1 .33 .20 .14 .11 .09 

   -Phase (deg.) 0 0 0 0 0 0 

64 section High Gain 

   -Amplitude 

1 .34 .19 .14 .10 .08 

   -Phase (deg.) 0 0 -0.6 -1 -2 -3.7 

8 Section Strong Gain 

   -Amplitude 

1 .34 .10 .05 .02 .01 

   -Phase (deg.) 0 -21 -74 -102 -143 -176 

8 Section Weak Gain 

   -Amplitude 

1 .586 .149    

   -Phase (deg.) 0 -74 68    
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This type of behavior can be understood by considering the oscillator as a 

system of coupled mode equations, see [28] for an example of the treatment of 

such a multimode oscillatory system. The qualitative effects from such a system 

are as follows. The modes interact via nonlinearities of the oscillator and their 

cross gain saturation. The modes will each increase in amplitude until their cross 

and self-saturated gain becomes equal to their loss. The modes will tend to cross 

injection lock efficiently because of their oscillation frequencies being related, 

approximately, by simple rational fractions. Line dispersion will result in 

deviations from the mode frequencies derived above for the lossless line. This 

effect will adjust the relative phases of the modes and to the extent that the 

relative mode frequencies are not exact rational fractions, they will exhibit 

relative static phase errors. This effect can be seen from the phases in Table 1 as 

line dispersion increases with decreasing cutoff frequency. The steady state wave 

shape is then given by the relative mode frequencies, amplitudes, and phases that 

result from the self-consistent solution of the set of coupled differential equations. 

These effects can be observed by taking a Fourier decomposition of the 

waveforms obtained by either experiment or simulation as in Table 3.1. 

While the above approach should yield a more accurate and detailed 

calculation of the waveform, its analytic complexity would likely obscure the 

design insights that we wish to obtain from this theoretical investigation. Analytic 

solution, once sufficiently accurate expressions are derived for the modal 
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interaction terms, the gain and its saturation would likely only be possible 

numerically and lead to little advantage relative to SPICE simulation. For this 

reason, we will not pursue such an analysis here but choose rather to consider the 

simplified (and in our design experience commonly valid) case that occurs as the 

amplifiers enter the strongly nonlinear regime and line dispersion is minimized.  

As the gain is increased, the amplifiers enter saturation and the RTWO enters 

hard limiting. In this region, the waveform in both experiment and simulation 

appears to be that of a square wave with finite rise and fall times. As the gain is 

increased, the phase difference between modes decreases toward zero and their 

relative amplitudes become those expected from the Fourier decomposition of a 

square wave. This results in a much simpler description of the waveform and 

leads to greater design insight. In contrast to the weakly nonlinear case 

considered above in which the gain saturates until it equals the loss, here the loss 

itself is the limiting mechanism. As the voltage amplitude of the circulating wave 

approaches the power supply of the amplifiers, implemented using back-to-back 

inverters, the gain changes rapidly to loss. Thus, the mode amplitudes and phases 

tend to adjust themselves so that the circulating wave amplitude is as close to this 

gain limiting amplitude as possible. This results in a square wave. 

The simplest approximate description of the waveform observed at a 

given tap point is then: 
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( ) ( ) 0

0

sin 2 12
2 1

n

p

p t
V t A

p
ω

p =

+ = ⋅  + 
∑  (3.12) 

Where A  is the power supply voltage of the amplifiers, the maximum 

amplitude of the square wave, and the sum is carried out for a finite number of 

terms up to a cutoff. The cutoff is determined by the highest frequency mode that 

can exceed its oscillation threshold. If the losses are small and the amplifier 

bandwidth is much higher than the transmission line cutoff frequency, ωc, then 

one obtains the waveform with the highest theoretical rise time, limited only by 

the propagation characteristics of the electromagnetic resonator. 

Another limitation on the rise time is because of the finite amplifier 

bandwidth. This bandwidth is higher than one might expect because the amplifier 

input and output capacitances are both part of the line itself and need not be 

driven by the amplifier. For example, for a simple MOSFET amplifier composed 

of back-to-back inverters the bandwidth is limited by the pole associated with the 

gate resistance and so the operation is expected, and observed close to the fmax of 

the transistor. 

To understand the effect of finite amplifier bandwidth we will consider 

the RTWO as a distributed differential amplifier in which each output has been 

connected to its inverting input. The rise time of the waveform is then affected by 

the finite input pole of the distributed amplifier itself, which limits the maximum 

number of modes that can oscillate with their small signal gains greater than their 



45 
 

loss. 

From [16], the voltage gain VA , for a single trip around the RTWO can be 

expressed as: 

( ) ( )
( )

( )

2
1 2

1 12 2 2 2

sinh
2

12 1 1 sinh
2

d gN
m d g

V

d g
g c

Ng Z Z e
A

α α

α α

ω ω α α
ω ω

+
− ⋅ × ⋅ ⋅ − 

 =
           ⋅ + ⋅ − ⋅ −               

 (3.13) 

In equation (3.44), Z is the characteristic impedance of the transmission 

line, α is the attenuation coefficient of the line, ωc is the cutoff frequency of the 

loaded transmission line, ωg is the pole frequency determined by the MOSFET 

gate capacitance Cgs and gate resistance Ri, and N is the number of loaded 

amplifier stages on the transmission line. In the case of an RTWO, a symmetric 

system with no difference between drain line and gate line, the gain equation can 

be simplified to the following: 

0
1 12 2 2 2

2 1 1

gN
m

V

g c

g Z N eA
α

ω ω
ω ω

−⋅ ⋅ ⋅
=

         + ⋅ −            

 (3.14) 

where 

( ) ( )

( ) ( )

2

2 21 1

c g c
g

c g c

ω ω ω ω
α

ω ω ω ω

⋅
=

 − − ⋅  

  

For large ωc and ωg the exponential term dominates and equation (3.45) 

simplifies to: 

0

2

gN
m

V
g Z N eA

α−⋅ ⋅ ⋅
=  (3.15) 
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The term 
0

2
mg Z N⋅ ⋅

 is the low frequency round trip gain and the frequency 

response is determined by the exponential term. 

For a given mode to oscillate its gain should be larger than the loss. 

Applying the Barkhausen criterion on a mode by mode basis, when the oscillator 

is in steady-state results in the requirement, 

( ) ( )
0

1
2

gN
V m

m

A g N eG
Z R

αω
ω

−⋅ ⋅
= = ≥ ,  

which leads to an expression related to the maximum frequency at which 

oscillation may occur: 

( )

( )

1
22 2

2

22 4 2 2

2

1
2

1 4

2

h l
h

h l l h

h

κ

 −
 
 =  

− + ⋅ 
+  

 (3.16) 

In the above equation, max

c

ωκ ω≡ is the highest frequency the resonator 

can support normalized to the cutoff frequency, c

g
h ω

ω≡ is the ratio of the cutoff 

frequency and the dominant pole of a single amplifier stage and ( )ln 2 mg N
l

N
≡ − . 
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Figure 3.7 This shows the effect of decreasing amplifier bandwidth (larger h) on 
the maximum oscillator frequency, which has been normalized to the cutoff 
frequency 

If we plot equation (36), shown in Figure 3.6, we can see that only when h 

is approaching zero, where the dominant pole is much higher than cutoff 

frequency, is the normalized frequency equal to one. For this case, the highest 

allowed mode of the RTWO is equal to the cutoff frequency. However, if the 

dominant pole approaches the cutoff frequency, that is h becomes close to 1, the 

bandwidth is no longer solely determined by the cutoff frequency of the 

transmission line. Here we see that the maximum frequency becomes dominated 
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by the transmission line design for approximately 5g cω ω≥ (h=0.2). The 

transmission line cutoff frequency can be seen to be important even for amplifiers 

with a dominant pole much lower than the line cutoff frequency. 

The unnormalized frequency is given by equation (3.48) the maximum 

oscillating frequency including the finite amplifier bandwidth is now: 

( )

( )

1
22 2

2

max 22 4 2 2

2

1
2

1 4

2

c

h l
h

f f
h l l h

h

 −
 
 =  

− + ⋅ 
+  

 (3.17) 

The frequency response ( ) ( ),, gN hX h e α ωω −=  of voltage gain in equation 

(3.46) is plotted in Fig.8 for different values of ωg while holding cω constant at a 

value of 350. The curves are labeled by their ratio ωc/Rωg. Here, the transmission 

line cutoff limitation can be explicitly seen along with the contribution from 

finite amplifier bandwidth.  
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Figure 3.8 Amplifier frequency response for a fixed value of ωc  = 350 and 
varying ωg. The curves are parameterized by the ratio of the cutoff frequency to 
the amplifier pole, h. 

One example of the utility of the above analysis is to consider how the 

individual amplifier stages, the sum total of whose gain needs to equal the round 

trip loss, should be distributed around the RTWO: Should one use many lower 

gain stages or fewer high gain stages? We will see that the number of oscillating 

modes, and hence the wave shape and zero crossing slope, can be influenced by 

this design choice. 

Each amplifier stage can be designed for maximum Fmax at a given bias 

by appropriately choosing the geometry of the constituent MOS transistors. If the 

gain is held constant then the total amount of transistor width required in the 
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amplifier is also constant. Each of the N amplifier stages will then have the 

same ωg. This choice can be realized as long as N does not become so large that 

the width of the transistor required for each stage drops below the width that 

yields the maximum Fmax. 

Since the total amplifying transistor width is held constant, the maximum 

gain 0

2
mg Z N⋅ ⋅

 is assumed not to change as N changes but the amplifier 

bandwidth will. As an example, if the number of amplifier stages is doubled but 

each has ½ the width and thus gain then ωg will be constant (accomplished by 

only changing the number of transistor fingers used within each amplifier stage), 

ωc will double according to equation (3.8). 

In Figure 3.8, we plot the frequency response given by equation (3.46) in 

which the total gain is held constant but the number of amplifier stages used 

around the ring is varied. 
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Figure 3.9 Frequency response for the normalized gain as the number of amplifier 
sections is increased. The total low frequency gain is held constant. Case 1: h = 
0.05, ωc =100; Case 2: h = 0.2, ωc = 200; case 3: h = 0.8, ωc =400; case 4: h = 
3.2, ωc = 800 

This shows that as the RTWO becomes more distributed the number of 

oscillating modes can increase until limited by the intrinsic transistor bandwidth. 

A larger number of oscillating modes results in both sharper rising and falling 

edges in the oscillating waveform. As we will see in the next section this can 

result in reduced phase noise in the oscillator’s output. 

We note here that the above analysis assumes a uniform loss verses 

frequency. For actual transmission lines, the skin effect produces a frequency 

dependent loss, which can become the dominant factor in determining the highest 

frequency at which oscillation can occur. For the cases considered below this is 
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not important but for higher frequency operation the above analysis would need 

modification to maintain accuracy. 

3.7 Simulation results to verify the theories 

Here the comparisons of our analytic results with simulation results are 

presented. We will compare the theoretical results based on the predicted 

frequency of oscillation, the observed rise and fall times, and the phase noise. 

Frequency estimation of RTWOs including second order effect 

Figure 3.10  This shows the oscillation period predicted by a variety of methods 
as a function of the linear gain.  Of these methods the Elliptic perturbation result 
agrees most closely with simulation.  Note that the disagreement of all the 
approximations increase with increasing gain, and hence amplitude, as expected. 

 

This shows the oscillation period predicted by a variety of methods as a 

function of the linear gain. Of these methods, the elliptic perturbation result 
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agrees most closely with simulation. Note that the disagreement of all the 

approximations increase with increasing gain, and hence amplitude, as expected. 

First, we compare SPICE simulation results and calculated results, using 

harmonic balance, elliptic perturbation, and the first order estimation from 

equations (3.15), (3.26) and (3.39). In the SPICE simulation, a “lumped” RTWO 

is made consisting of R, L, C, G in each two-port network. In addition, the 

amplifier, with I-V relationship ( ) 3
1 3I V g V g V= − ⋅ + ⋅ , is described by using 

Verilog-A. The simulation result and calculation results are shown in Figure 3.9. 

All of the parameters are kept constant except for the linear gain, g1. The first 

order estimate from equation (3.15), assuming a lossless linear line, shows the 

expected independence of the period from the gain. The result given by elliptic 

perturbation theory is closer to the simulated result relative to harmonic balance 

and exhibits the highest accuracy. This is expected because the elliptic basis 

functions should be a more accurate representation of the actual waveform 

because the differential equation that they solve is closer to the one we wish to 

solve than to the differential equation that yields sinusoids. 

Rise time for different distributed RTWOs 

In this simulation experiment performed using accurate RF BSIM CMOS 

transistor models, the total gain is maintained constant but the number of equally 

spaced amplifiers, which vary between 8 and 128 by factors of 2. The simulated 

circuit composed a differential transmission line, represented by a cascaded two-
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port RLC network, and back-to-back inverter amplifiers around the ring is shown 

in Figure 3.10(a). Figure 3.10(b) shows one segment of this RTWO. 

 
Figure 3.11 (a) A RTWO represented by a two-port network (b) one segment of a 
RTWO circuit 

The coupled transmission lines are represented by cascaded 2-port RLC 

networks. The total inductance 6.4totL nH= 12.8totR = Ω  and Ctot_couple = 320𝑓F. 

The Ctot_couple is the inherent capacitance of the transmission line. Some additional 

small capacitance is because of the CMOS inverters. The gate length for the 

inverter pull-up and pull down transistors is chosen to be the minimum for the 

process, 0.18um, while the total width summed over all of the inverters is held 

constant at 1152um for the NMOS and 2304um for the PMOS. The sum of all of 

the inverter bias currents also is held constant resulting in the same total gain for 

each oscillator that we are comparing. 

The rise time estimation formula would be derived in the next section. It 

is shown only the result here 
0

2 1
riset

N
p

ω κ
⋅

= ⋅
⋅
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Figure 3.12 Rise time comparison between simulation and calculation. 

Figure 3.11 shows the 20-80% rise time of the oscillation waveform for 

the simulation and from equation (3.47) when holding gω and total gain constant, 

and only changing the number of amplifiers around the ring. This leads to the 

reduced rise time of waveform shown in Figure 3.11. Both simulation and 

calculation show the importance of distributing the required gain RTWO 

transmission line when low phase noise is desired. As expected, the simplified 

model results in better agreement with simulation as more stages are used and 

line dispersion decreases. 
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CHAPTER 4 

PHASE NOISE THEORIES IN RTWO 

4.1 Introduction 

Any practical oscillator has fluctuations in its amplitude and frequency. 

Short-term frequency instabilities of an electrical oscillator are mainly because of 

noise and interference sources. In this chapter, an informal introduction to 

frequency instabilities, their destructive effective effect and frequency instability 

characterization would be demonstrated first. Then a simple review of existing 

phase noise models will be presented. After this, some qualitative analysis on 

thermal induced phase noise of RTWOs is illustrated and a math formula is 

developed. Furthermore, flick noise upconversion behaviors are discussed in 

detailed and one of the important upconversion methods, because of multi-mode 

characteristic of RTWOs, is studied thoroughly. Last, a technique that suppresses 

the flicker noise is described.  

4.1.1 Frequency Instability in Oscillators 

Qualitative approaches to the meaning and importance of frequency 

instabilities could be presented both in frequency and time domains.  
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Frequency domain 

 

Figure 4.13 frequency spectrum for ideal oscillator and actual oscillator [30] 

The output of an ideal oscillator may be expressed as [30]: 

( ) ( )0 0 0cosoutV t V tω φ= +  (4.18) 

where the amplitude 0V , the frequency 0ω , and phase reference 0φ are all constants. 

The one-sided spectrum of an ideal oscillator with no random fluctuations 

consists of an impulse at 0ω  as shown in Figure 4.1. In a practical oscillator, 

however, the output is more generally given by:  

( ) ( ) ( )0 01outV t V A t f t tω φ= ⋅ + ⋅ +        (4.19) 

where ( )tφ and ( )A t  are functions of time, 0V  is the maximum voltage swing and 

f is a periodic function, which represents the shape of the steady-state output 

waveform of the oscillator. The output spectrum has power around harmonics of 

0ω  if the waveform f is not sinusoidal. More important, as a consequence of the 

fluctuations represented by ( )tφ and ( )A t , the spectrum of a practical oscillator 

has sidebands close to the frequency of oscillation, 0ω , and its harmonics, as 

shown in Figure 4.1. These sidebands generally are referred to as phase noise 

sidebands. 
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The destructive effect of phase noise can be seen best in the next two 

cases in a receiver and a transmitter. The phase noise in the radio receiver’s local 

oscillator limits immunity against nearby interference signals. In the transmitter, 

phase noise can swamp out nearby channels [31]. In the receiver (Figure 4.2), the 

local oscillator (LO) frequency, fLO, is tuned to a certain frequency offset from 

the desired channel (zero offset in the case of direct conversion) to down convert 

it to the intermediate frequency (IF), then the phase noise around fLO will down 

convert nearby channels onto the same IF. As will shortly emerge, fundamental 

reasons dictate that the phase noise spectral density is always highest at fLO and 

falls off at frequencies away from it. Thus, the largest expected strengths of the 

immediately adjacent channels set a limit on the tolerable phase noise close in to 

the receiver LO frequency. In modern wireless communication systems with 

power control such as GSM and DECT, the allowed strength of nearby channels 

must conform to a template roughly inverse to the oscillator phase noise 

specification. 

 

Figure 4.14 Destructive effect of phase noise in a transmitter [32]  

Phase noise in the transmitter LO—very often, this is the same oscillator 
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as is used in the receiver—may overwhelm nearby weak channels. This is 

because the phase noise spectral density grows directly with the transmitted 

signal power, and at a given point in space, the noise sidebands of a strong 

transmitter may be greater than another faded or attenuated signal occupying the 

same frequency (Figure 4.3). 

 

Figure 4.15 Destructive effect of phase noise in a receiver [32] 

Time domain 

In the time domain viewpoint, the spacing between transitions ideally is 

constant. In practice, however, the transition spacing will be variable because of 

fluctuations in ( )tφ . This uncertainty is known as timing jitter and can be seen in 

Figure 4.4. In Figure 4.4, the picture of a noisy square wave the phase of which is 

measured relative to a time grid set by a noiseless square wave, is randomly 

perturbed at the zero crossings. The timing jitter, occurring in synchronous digital 

circuit, will decrease in the timing margins, which will reduce the maximum 

achievable frequency of operation for the digital circuit. 
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Figure 4.16 Phase noise effect demonstration in time domain[30] 

4.1.2 Frequency Instability Characterization 

As shown in the last section, there are several ways of qualifying short-

term frequency instabilities of an oscillator. While comprehensive reviews of 

various standard and measurement methods can be found in [33] [34] and [35] [36], the 

focus of this section will be on one of the most popular quantities for 

characterizing these fluctuations, namely, phase noise. 

Since for an oscillator we are usually interested in the noise around the 

first harmonic, phase noise in oscillators is characterized by the single sideband 

noise spectral density (in dB/Hz) defined as [30]: 

( ) ( )0 ,1
10log sideband

s

P Hz
L

P
ω ω

ω
+ ∆ 

∆ =  
   

(4.20) 

where Psideband(ω0+Δω, 1Hz) represents the signal sideband power at a frequency 

offset of Δω from the carrier with a measurement bandwidth of 1 Hz, and Ps 

represents the total signal power. 
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Figure 4.17 General phase noise plot [30] 

The advantage of L(∆w) in equation (4.3) is easy to measure. In fact, in 

this form L(∆w) depends on the effect of phase and amplitude variations. For 

oscillators amplitude variations are eliminated by passing the output signal in a 

buffer, which plays the role of a limiting stage so that the measured single 

sideband noise is mainly because of phase variations. Thus, since the effect of 

phase variations is the main contributor to the measured single sideband noise 

(SSB), the SSB is referred to as phase noise. Figure 4.5 gives a typical example 

of phase noise curve versus the frequency offset from the carrier. Three regions 

are visible: the flat region representing the noise floor, the region with slope 2 

where white noise sources give rise to Δω2 dependence of the phase noise power 

on frequency offset, and region 3 where the effect of the 1/f noise adds to white 

noise to give rise to Δω3 dependence. 
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4.2 Phase noise model 

4.2.1 Linear time invariant (LTI) model  

The most well-known model for phase noise description is the one Leeson 

proposed in 1966 [37], which was further expanded [38]. The model predicts a 

behavior given by: 

{ }
3

2
10210log 1 1

2
f

s L

FkTL
P Q

ωωω
ω ω

   
 ∆ = + +     ∆ ∆      (4.21) 

where F is an empirical parameter often called device excess noise factor, k is 

Boltzmann’s constant, T is the absolute temperature, Ps is the signal power, ω0 is 

the oscillation frequency, QL is the quality factor of the loaded tank, Δω is the 

offset from the carrier, and ω1/f
3 is the frequency corner, which locates the 

transition between the and1/f2 the 1/f3 region. With this model of phase noise, it is 

quite clear that the 1/f2 region depends on the quality factor of the resonator on 

one hand and on the amplitude on the other hand. Figure 4.6 presents the 

influence of parameter variations on the output spectrum (power spectral density) 

with the present LTI approach. The oscillator is presented as a RLC filter 

amplifying the white noise composed of the thermal noise sources from active 

devices and resistance of the tank. Factor kT represents the effective resistance of 

the tank and factor F is a multiplicative factor accounting for the shot noise of 

active devices. With increasing Q, the pass band is narrower and the noise around 

the frequency f0 is damped more effectively. This results in a better signal to 
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noise ratio, thus, an improved phase noise. Another way to improve the signal to 

noise ratio is to decrease the white noise floor (2FkT). 

 

Figure 4.18 Idea of LTI model [14] 

 Except for factor F, which can often only be determined a posteriori, the 

equation for the 1/f2 region is quite conformed to the intuition we could have. It is, 

however, more difficult to give a LTI explanation for the up-conversion of 1/f 

noise (flicker noise) into the spectrum of oscillation since it results from a 

nonlinear process. The 1/f noise is based on surface effects inside the transistor; it 

is an increasing worry for the MOS transistors since new processes tend to have 

transistors with 1/f corner well above 1 MHz [39] [40]. 

Resulting from a linear analysis, this expression provides a partial 

understanding of the physical processes generating the phase noise. Nevertheless, 

the Leeson’s formula is a good empirical formula. It gives some information for 

the optimization of the phase noise performances. Accordingly, an increase in the 

quality factor results in a reduction of the phase noise. Thus, a way to optimize 
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the VCO is to increase the quality factor. Unfortunately, it is almost a fixed 

property of the technology used. Another way is to increase the signal power by 

maximizing the output swing. Indeed, according to the formula the phase noise in 

dB is inversely proportional to the output amplitude. However, Leeson’s formula 

is unable to give estimations a priori since parameters F and 1/f3 can only be 

given after having taken measurements. The designer, ideally, would need a 

model that can account for the changes of phase noise according to the 

parameters of the circuit. 

4.2.2 Linear time variant (LTV) model 

Hajimiri theory takes the time-varying nature of the oscillator into 

account. The model is constructed according to the observation that oscillators 

exhibit periodic cycles of sensitivity to noise. Consider the example of the LC 

oscillator Figure 5.7. The same perturbation δ (t − t) at two different times of the 

same period has not the same effect on the phase. For a perturbation when the 

voltage in the resonator is maximum, the amplitude of the signal changes but not 

the phase; whereas, in contrast, if the perturbation occurs at the zero crossing 

voltage the phase change is maximum. The sensitivity to external perturbation of 

the oscillator over the time is periodic and called the impulse sensitivity function 

(ISF) and noted ( )0tωΓ , where 0ω is the oscillation frequency of the oscillator. 

The ISF is dimensionless, frequency- and amplitude-independent 2π-periodic. It 

can be proved, as intuitively guessed, that the ISF of a pure sinusoidal signal also 
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will be sinusoidal with 90 degrees phase lag. The periodic phase sensitivity in 

terms of linear time-varying phase impulse response is expressed as Hajimiri 

described it in: 

( ) ( ) ( )0

max

,
t

h t u t
qφ

ω
t t

Γ
= −  (4.22) 

where qmax is the maximum charge stored in the resonator and u(t) is the unit step.  

 

Figure 4.19 Idea of LTV model [30] 

The noise in the vicinity of fundamental frequency and integer multiple of 

fundamental frequency would be transferred to be excess phase and down convert 

to the baseband by a linear procedure. After that, the excess phase is again 

upconverted into around the fundamental frequency shown in Figure 5.8. This 

model predicts that a sinusoidal current at one frequency injected into an 

oscillator at a frequency 0nω ω+ ∆ results in two equal sidebands at 0ω ω+ ∆  in the 

output voltage spectrum. An LTI model is not capable of predicting these 

sidebands, as an LTI system cannot produce any frequencies except those of the 

input and those associated with the system’s poles. Furthermore, the amplitude of 
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the resulting sidebands, as well as their equality, cannot be attributed to 

conventional intermodulation effects. This failure is to be expected since ordinary 

intermodulation terms arise from nonlinearity in the voltage (or current) 

input/output characteristic of an active device. This kind of effect is expected for 

a memoryless nonlinearity with two inputs of equal importance, but not for a 

system with a self-sustained mode and a small input perturbation. 

It has been shown [41] that the phase noise of an oscillator is proportional 

to the rms value of the ISF function. More precisely: 

{ }
2 2

2 2
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10log
2

rms ni fL
q

ω
ω

 Γ ∆
∆ =   ∆ 

 (4.23) 

The great advantage of this result is the absence of fitting parameter. A 

measure of the ISF function coupled with the exact knowledge of all the noise 

sources (intrinsic devices noise and external noise sources) allow us theoretically 

to have a perfect prediction of the phase noise. Although it seems to be a great 

advantage over Leeson’s formula, the model actually has transferred the difficulty 

to another level: the determination of the ISF. To give an analytical form of the 

ISF is not an easy task and several approximations have to be done in order to 

calculate it. Hajimiri has proposed in his book [30] a way to predict the value of 

the ISF for a ring oscillator and argued that for an LC-tank oscillator the

1 2rmsΓ = , which is valid under some simplifications only.  
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Figure 4.20 The conversion of tones in the vicinity of integer multiples of ω0 
[30] 

4.3 Phase noise analysis in 1/f2 region RTWOs 

The two models introduced in section 4.2, Leeson’s model and LTI phase 

noise model, form a good empirical formula. However, it is unable to give 

estimations a priori. Alternatively, Hajimiri’s LTV phase noise model is doing 

well in predicting phase noise in the thermal noise region. Some studies have 

been shown that Hajimiri’s model could partially explain flicker noise 

upconversion but not all. 

However, today, the loop bandwidth of the PLL in many applications is 

only a few kHz, whereas the typical l/f corner frequency of the MOS devices 

exceeds 1 MHz. Thus, l/f noise is expected to play a significant role in the jitter 

(or phase noise) of the pixel clock [43]. In this work, thermal noise and flicker 

noise induced phase noise are both analyzed. Some quantitative formulas are 

derived to predict phase noise and guide designers how to suppress phase noise in 
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RTWOs. 

Phase noise analysis in 1/f2 region 

Hajimiri’ s phase noise model has been proven useful for analysis of 

thermal induced phase noise. [44] [45] De Mercey developed a theoretical 

expression for the thermally induced phase noise in the RTWO in the limit of 

strong amplifier drive where the waveform edge rate is limited by the discrete 

loading of the transmission line. [14] In our work, thermal induced phase noise 

analysis is based on Hooman’s sampling mechanism [46] [47].  

 

Figure 4.21 Phase noise sampling mechanism[47] 

Phase noise in the thermal noise region could be explained by sampling 

theory as followings. The model developed to understand the origins of thermal 

noise at the oscillator output is now explained. Starting with the sampling theory, 

the noise current at the output [Figure 4.9(a)] consists of a train of pulses, with a 

rate of twice the oscillating frequency, with a height equal to 2I/S and a width 

randomly modulated by noise. To simplify analysis, this is approximated by a 

train of perfect rectangular pulses with some constant width of Ts and a height of 
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2I/(STs), sampling the broadband noise Vn, which fluctuates at rates comparable 

to, or greater than, the oscillating frequency [Figure 4.9(b)]. The width of each 

pulse in Figure 4.9 (b), Ts, is calculated from the I – V characteristic of the 

switching pair. Figure 4.10 (a) shows a simplified piecewise linear I – V curve, 

which approximately applies to any differential pair, independent of the detailed 

transistor characteristics. In a well-designed switching differential pair the 

excursion Vw is usually much smaller than the oscillating amplitude A. The 

derivative of this characteristic [Figure 4.10 (b)] gives the bias dependent 

transconductance of the switching pair. For a square wave oscillating waveform

( ) ( ) ( ) 0
1

1 sin 2 1
2 2 1

p n

p

AV t p t
p

ω
p

=

=

= +  +∑ , which produces a time-periodic 

transconductance Gm(t), Gm(t) is then nonzero over the time window Vw/S 

[Figure 4.10 (c)]. Switches contribute noise to the oscillator output over the time 

when they are both ON. If one switch is OFF, it obviously contributes no noise, 

and neither does the other switch that is ON because it acts as a cascode transistor 

the tail current of which is fixed by the RF input transconductance stage. 
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Figure 4.22 characteristic of a differential pair with transconductance [47] 

The sampling window, Ts, in Figure 4.10 (b), is the time when both 

switches are ON, that is Ts= Vw/S. This means that the switch noise, Vn, is 

transferred to the output only at each zero-crossing. 

The sampling function, P(t), can be expressed as: 

( ) 0

2m
n

nTP t G t = − 
 

∑  (4.24) 

Where Gm is periodic at twice the LO frequency, since there are two zero-

crossings over every cycle of the LO. 

The output noise current: 

( ) ( ),o n ni P t v t= ×  (4.25) 

which is white and cyclostationary can be expressed as the product of P(t), a 

periodic and deterministic sampling function, and Vn, the white and stationary 

switch input-referred noise [10]. The autocorrelation of the output noise is 

calculated as: 
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( ) ( ) ( ) ( )
,

,
o n ni vR t t p t p t Rt t t+ = ⋅ + ⋅  (4.26) 

The autocorrelation of white noise, Rvn(τ), is a delta function. However, 

the output noise autocorrelation is a function of both t and τ, which indicates that 

the output noise is not stationary but periodic, proving that the output noise is 

white and cyclostationary, as expected. The power spectral density is calculated 

by averaging Rio,n over one period and transforming the result, now only a 

function of τ, into the frequency domain. [48] [49] 

The power spectral density of the output current noise is: 

𝚤𝑜,𝑛
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The input noise is white and stationary and its power spectral density is: 

𝑣𝑛2��� = 4𝐾𝑇𝐾
𝐺𝑚

 (4.28) 

Where γ is the channel noise factor, traditionally 2/3 for long-channel 

MOSFET’s, higher in practice because of hot carrier effects [50] (also it lumps 

other sources of noise in a transistor, such as back-gate noise), and Gm is the 

switch transconductance at zero-crossing 

2
m

w

IG
V

=  (4.29) 

Combining (19)–(21), the power spectral density of the output current 

noise because of one switch is: 

𝚤𝑜,𝑛
2���� = 4𝐾𝐾𝐾 4𝐼

𝑆∙𝑇0
 (4.30) 

From equation (4.13), the slope of the oscillation waveform would 
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determine how much noise within the device would be sampled to the output 

node. This result coincides with the argument in Hajimiri’s phase noise theory, 

where the ISF function determines the oscillators response to the noise injection. 

While in chapter 3, oscillation waveform formula of RTWOs in two work regime 

has been developed. 

4.3.1 Phase noise formula in weakly nonlinear region.  

An oscillation waveform in a weakly nonlinear region could be expressed 

by equation: 

( )
0

,n
n

n
y A sn kε t

∞

=

= ∑  

Ignoring the higher order harmonics, it could be achieved: 

( )0 ,y A sn kt=   

When the above equation is denormalized, we have the following: 

( )0 0
uV A sn xω
ε

= ⋅ ⋅  (4.31) 

Taking the derivative results in [51]: 
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where 
0

u A
A

K k

p
ε

∗

⋅ ⋅
=

⋅
. 

Because the hyperbolic sine function grows much faster with n than the 

(2n + 1) term, we will consider only the first two terms. 
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Substituting (4.14) into equation (4.13) and by using the phase noise 

definition, the phase noise power spectral density of RTWOs in the critical 

oscillation region can be attained: 

( ) [ ]
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T diff m
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p ω

 ⋅
=  ⋅ ⋅ ⋅ +  

 (4.33) 

In the above equation, 2
Ti is the total drain noise from the MOSFET. Qt is 

the quality factor of loaded transmission line. Pdiff is the power consumption. A1 

and A3 are the amplitudes of the first two modes. It is a function of number of 

active load stages via the term Qt in (3.12). If the amplifiers are more finely 

distributed, the quality factor Qt increases eventually approaching the limiting 

quality factor Q of the continuous line. This shows that the amplifying stages 

must be spaced so that the guide cutoff frequency is as high as possible to achieve 

the best phase noise performance. 

4.3.2 Phase noise formula in hard limiting region  

In this section, we focus on the thermal induced phase noise formula in 

the hard limiting region. In this region, the simplest approximate description of 

the waveform observed at a given tap point is then: 
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where A is the amplitude of oscillation waveform, while n is the highest number 

of the harmonic. 

When the oscillating waveform is a square waveform, the slope could be: 
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(4.35) 

Equation (4.18) indicates that the slope of oscillation waveform depends 

on oscillation amplitude and the number of harmonics. Usually in the hard 

limiting region, the amplitude is equal to the difference of two power supplies. 

While the only thing a designer could control is the highest number of harmonics. 

Some studies about the highest number of harmonics occurring in RTWOs have 

been made. These are discussed in chapter 3. Both the number of amplifiers 

loading on the transmission line and finite bandwidth of the amplifier would 

determine how many harmonics would occur. 

For the case of the RTWO the resonator has a maximum frequency maxf , 

which gives the highest harmonic possible in the resonator. Therefore maxf  and n 

are correlated. Indeed, the number of harmonics is directly related to maxf  since 

the following equation must be respected [11]: 
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Referring to equations (3.47) and (3.48): 
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where N is the number of amplifiers along the RTWO. Equation (4.19) explicitly 
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demonstrates the relationship between the number of allowed modes and the 

number of loaded amplifiers. Since both n and N must be positive integers, we 

have the following approximation: 

1 1
2 4

N N Nn κ κ κ
p p p

≤ − < − ≈
 

(4.37) 

valid when N is large. The slope of the oscillation waveform in the hard limiting 

region can then be expressed as: 
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Rise time of the waveform is given by: 
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According to the definition of phase noise:  
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(4.41) 

And substituting the following relationship existing in RTWOs: 

0loop TR Q Z= ⋅  (4.42) 

2
loop

m

R
g

=  (4.43) 

0 0 0loop TA R I Q Z I= ⋅ = ⋅ ⋅  (4.44) 
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Then a formula of phase noise describing RTWOs in thermal noise region can be 

expressed as: 

( )
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The above phase noise equation agrees with the result in [14] when k = 1. 

In equation (4.28), 2
Ti is the total noise from the MOSFET, R is the total loss in 

the transmission line, QT is the quality factor of a low loss periodically loaded 

transmission line from equation (3.12), A is the power supply voltage, N is the 

number of amplifiers, k is the normalized maximum frequency from equation 

(3.47), ω0 is the carrier frequency of the RTWO and ωm is the offset frequency 

from the carrier frequency. Equation (4.28) shows that as for the strongly 

nonlinear situation the phase noise is inversely proportional to ωT and decreases 

as the loaded transmission line becomes more distributed with an increase in the 

total number of amplifiers N. The normalized maximum frequency k in equation 

(3.47) also affects the phase noise performance, which improves as k approaches 

1. To obtain a normalized frequency close to 1, the input pole of the amplifier 

needs to be much higher than resonator cutoff frequency, as shown in Figure 3.6. 

Comparing to Gregoire’s work [14], the same formula for phase noise in 

the 1/f2 region can be achieved; there Hajimiri’s model is being used. If both 

sampling theory and Hajimiri’s phase noise model are investigated, it is not 

difficult to see that they are using similar methods to predict the phase noise in 



77 
 

the 1/f2 region. Hajimiri’s ISF function stated that a perturbation when the voltage 

in the resonator is the maximum of the amplitude of the signal changes but not 

the phase; whereas, in contrast, if the perturbation occurs at the zero crossing 

voltage the phase change is maximum. Then the RMS of ISF is calculated and 

used in phase noise analysis. While using sampling theory in our analysis, the 

perturbation at zero crossing was studied, and jitter on maximum amplitude 

affects nothing on phase. The RMS is also calculated and used. Both of the phase 

noise models are doing the same thing. It is not surprising to have the same 

results using different phase noise models. 

The following test is the thermal induced phase noise simulation against 

the formula (4.22) and (4.28) developed above. In this simulation experiment 

performed using accurate RF BSIM CMOS transistor models, the total gain is 

maintained constant but the number of equally spaced amplifiers is varied 

between 8 and 128 by factors of 2. The simulated circuit composed a differential 

transmission line, represented by a cascaded two-port RLC network, and back-to-

back inverter amplifiers around the ring is shown in Figure 5.11(a); Figure 5.11 

(b) shows one segment of this RTWO. 
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Figure 4.23 (a) A RTWO represented by 2-port network (b) one segment of a 
RTWO circuit 

The coupled transmission lines are represented by cascaded two-port RLC 

networks. The total inductance 6.4totL nH=  12.8totR = Ω  and Ctot_couple = 320ƒF. 

The Ctot_couple is the inherent capacitance of the transmission line. Some additional 

small capacitance is because of the CMOS inverters. The gate length for the 

inverter pull-up and pull down transistors is chosen to be the minimum for the 

process 0.18μm, while the total width summed over all of the inverters is held 

constant at 1152μm for the NMOS and 2304μm for the PMOS. The sum of all of 

the inverter bias currents also is held constant resulting in the same total gain for 

each oscillator that we are comparing.  
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Figure 4.24 Rise time comparison between simulation and calculation 

Figure 4.12 shows the 20-80% rise time of the oscillation waveform for 

the simulation and from equation (4.22) and (3.47) when holding ωg and total 

gain constant, and only changing number of amplifiers around the ring. This leads 

to the reduced rise time of waveform shown in Figure 4.12. Both simulation and 

calculation show the importance of distributing the required gain RTWO 

transmission line when low phase noise is desired. As expected, the simplified 

model results in better agreement with simulation as more stages are used and 

line dispersion decreases. 

Figure 4.13 shows the phase noise comparison. In this experiment, the 

oscillation frequency is 3.2 GHz and the phase noise is observed 10MHz offset 

from the carrier frequency to guarantee the noise source is predominately because 

of white thermal noise. The phase noise is simulated using the SPECTER phase 
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noise simulation tool. This tool has been shown to give good agreement in 

comparisons with experimental data from measured RTWOs. Here the oscillator 

is operating in the hard limit region. Both simulation and calculation results 

indicate when, all else being equal, the number of amplifier stages (N) is doubled 

the phase noise drops by ~3dB. 

 

Figure 4.25 Phase noise comparison between simulation and calculation 

4.4 Phase noise analysis in 1/f3 region RTWOs 

In the practical measurement of phase noise, a larger phase noise level is 

always found than the prediction, especially in the sidebands close to the carrier 

frequency, which means analysis of phase noise only because of white noise does 
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not explain the close in phase noise region, also called the 1/f3 region, shown in 

Figure 4.5. Many researchers believe that this 1/f3 region is caused by flicker 

noise source. Early studies have shown the nature of flicker noise existing in a 

vacuum tube, think film, as excess noise in semiconductor devices, or as contact 

noise in a poor electric contact [52]. 1/f phase noise, known to be caused by flicker 

noise, also was observed in the early years. It was claimed that whenever a 

harmonic high frequency signal is carried or generated by a finite number of 

current carriers, a phase noise measurement would detect phase fluctuations with 

1/f spectral density [53]. Consequently, the resulting power spectrum of the electric 

current will contain quantum noise sidebands with a 1/∆ƒ spectral density. 

Oscillators generating high frequency oscillating signal by DC power supply, fall 

into the subset of definition of 1/f phase noise described in [53]. 

Even though 1/f phase noise was observed and studied in the early years, 

it was still difficult to achieve a uniform theory to describe the behavior until now. 

Recently, 1/f phase noise in CMOS oscillators has received increasing 

attention [55] [56] [57]. Many studies presented different methods to suppress the 

flicker noise upconversion behavior. It had been shown that odd-symmetrical 

characteristics could eliminate low-frequency noise sidebands [58]. Increasing 

amplitude of oscillation and switching bias were both introduced to reduce 1/f 

phase noise in [59] and [60]. The nonlinearity existing in varactor could cause 

AM-FM, which converts the low frequency flicker noise up to carrier frequency. 



82 
 

The usage of a MIM cap to replace varactor control by digital bits is implemented 

to eliminate the AM-FM effect. The method of removing the bias tail current 

source, which is believed to be one of the upconversion sources in LC oscillators, 

is reported [61]. A filtering technique is claimed to be useful to suppress the 1/f 

phase noise [62].  

All of the upconversion mechanisms mentioned above also will occur in 

RTWO since RTWO is falling into the subset of harmonic oscillators. Except that, 

in this work, we investigate some specific characteristics existing in RTWO 

because of some of the unique properties like multi-mode characteristic. Hajimiri 

emphasized that symmetricality in different kinds of oscillators determines low 

frequency noise upconvert into the carrier frequency in his LTV phase noise 

model [42]. Recently, Andreani’s time variant analysis treats the flicker noise 

source as correlated in each cycle and studies the flicker noise more in detail in 

quadrature oscillators [63]. Combining Hajimiri’s LTV model and Andreani’s 

cyclostationary noise source statement, the low frequency flicker noise 

upconversion behavior will be studied here. 

In this section, we study sources of flicker noise up-conversion unique to 

rotary traveling wave oscillators in both the weakly and strongly nonlinear 

regimes. For the weakly nonlinear regime we develop a small signal model that 

describes how the flicker noise up-converts to the carrier frequency due to 

dispersion induced phase shifts between the oscillator modes and their 
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subsequent coupling via the amplifier nonlinearity. In the strongly nonlinear 

regime we show that up-conversion can depend on the propagation delay in the 

amplifier.  

Given the understanding of these additional fundamental mechanisms involved 

in 1/f noise upconversion we develop a technique called “gate offset”, which is 

enabled by the extra spatial degree of freedom available in these distributed 

oscillators, to reduce the flicker induced phase noise in both regimes.  The 

efficacy of this technique is then verified by both simulation and measurement 

using a series of RTWOs with a variety of amplifier timing offsets. 

4.4.1 flicker noise up-conversion and gate offset in the weakly nonlinear 
regime 

We will show that due to the multi-mode characteristic of the RTWO and by a 

mechanism similar to Groskowski’s [68], the oscillator frequency can be 

modulated via low frequency noise. Below we first show that phase shifts among 

the resonator modes caused by transmission line dispersion give rise to an AM-

PM conversion mechanism due to amplifier nonlinearity. Next the phase shift due 

to this mechanism is derived and then this contribution to flicker induced phase 

noise.  

A. Modal Phase Difference Induced by Amplifier Nonlinearity  

Somewhat ideally, and in the large signal regime the oscillation waveform in a 

RTWO can be modeled by the Fourier series of a square wave summed over a 
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finite number of terms[64]. 

V(t) = �A ∙
2
π
��

sin(2p + 1)ω0t
2p + 1

n

p=0

 

(4.29) 

In a practical RTWO, transmission line dispersion and an upper cutoff 

frequency arise due to the impedance discontinuities caused by the amplifier 

loading, bends etc.  In general for a low-power low-phase noise design the 

amplifiers are not strong enough to keep all the modes aligned. This results in 

phase differences between modes relative to the phases expected in a square wave 

shown above and the cutoff results in the summation over only a finite number of 

modes (n). For simplicity, only the fundamental and 3rd harmonic will be 

considered in determining the effect of this phase shift. This corresponds to the 

weakly nonlinear case where the oscillator is just above the oscillation gain 

threshold and the waveform is approximately sinusoidal. In steady state, the 

oscillating voltage waveform is here crudely approximated by, 

V0 = A1 sin(ω0t) + A3 sin(ω0t + θ) 

(4.460) 

A1 and A3 are the amplitudes of fundamental and 3rd harmonic which is 

assumed small. In an RTWO, only fundamental and odd harmonics can exist due 

to symmetry [64]. To first order the oscillation frequency is given by the 

propagation speed of the voltage wave on the ring divided by twice the distance 
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around the ring. θ denotes the dispersion induced phase difference between the 

fundamental and 3rd harmonic in steady state. 

 

The line losses of the resonator are compensated as this voltage wave passes a 

series of differentially symmetric yet nonlinear amplifiers. We can approximate 

their gain, including the just the lowest order nonlinear term of such a 

transconductance amplifier by equation (4.31), 

𝐼(𝑉) = −𝑔1 ∙ 𝑉 + 𝑔3 ∙ 𝑉3 

(47.31) 

Substituting equation (4.30) into (4.31), and keeping only terms at the 

fundamental frequency results in: 

I0 = �−g1A1 +
3
4

g3A1A3
2� sin(ω0t) −

3
4

g3A1
2A3 sin(ω0t + θ) 

(4.32) 

 

The first term in equation (4.32) is in phase with the fundamental voltage while 

the second one has acquired a phase shift θ from the 3rd harmonic term in 

equation (4.30). Defining Iosc = �−g1A1 + 3
4

g3A1A3
2� and  Ishift = −3

4
g3A1

2A3 

equation (4.32) can be written as: 

  IT = Iosc sin(ω0t) + Ishift sin(ω0t + θ)                    

(4.33) 

where the phase of the total waveform IT is given by: 
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sinφ =
|Ishift| sinθ

|Iosc|
|Ishift| sinθ

�|Iosc|2 + |Ishift|2 + 2|Iosc||Ishift| cos θ
 

(4.34) 

 

  The phase of this waveform is seen to be dependent on the amplifier 

characteristics and the modal amplitudes, both of which can be varied by flicker 

noise induced variations in the transistors. Below Fig. 4.14. shows geometrically  

how the variation of Iosc and Ishift and contribute to the variation of the phase and 

amplitude of the fundamental.  Note that the relative size of Ishift and are 

exaggerated for clarity. 

 

(a) (b)

(c)

θ Φ oscI

shiftI
TI

Φθ
oscI

shiftI TI
oscIshiftI

TI

 

Fig. 4.14. Vector summation of Iosc and Ishift with different Ɵ. (a) Ɵ=90°; (b) 

Ɵ=0°; (c) 0° <Ɵ<90° 

  IT rotates with a constant amplitude ∣IT∣ and phase φ.  From this it is 

apparent that to reduce the AM-PM conversion the phase difference must be 

minimized.  This can be accomplished by insuring that the transmission line 
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dispersion is minimized, which as shown in [64] is also important for minimizing 

the higher frequency thermal phase noise contribution. 

B. upconversion model 

The foregoing discussion introduces the mechanism of AM-PM due to the 

phase difference θ between modes. Here we develop an analytic expression for 

this phenomenon. We assume the amplitude of Ishift and Iosc are both modulated 

by a low frequency signal, which can be expressed as:    

|Ishift′ | = |Ishift|(1 + γ sin∆ωt)                 

(4.35) 

Where 1g = , and ω∆ is the offset frequency close to DC.  

|Iosc′ | = |Iosc|(1 + α sin∆ωt) 

(4.36) 

Substituting equation (4.35) and (4.36) into equation (4.33),  

 

IT = Iosc (1 + α sin∆ωt)sin(ω0t) + Ishift (1 + γ sin∆ωt)sin(ω0t + θ) 

(4.37) 

Expanding equation (4.37) and rearranging,  

 IT = �1
2

Iosc (1 + α sin∆ωt)sin(ω0t) + 1
2

Ishift (1 + γ sin∆ωt)sin(ω0t) cos θ� +

�1
2

Iosc (1 + α sin∆ωt)sin(ω0t) + 1
2

Ishift(1 + γ sin∆ωt) cos(ω0t) sinθ�    

(4.38) 

Equation (4.38) gives two terms. The first term is the in phase term, which 
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only causes amplitude modulation while the second one causes phase modulation. 

We will refer to these as the AM term and PM term and study them separately in 

the following two equations: 

 AM: �1
2

Iosc (1 + α sin∆ωt) + 1
2

Ishift (1 + γ sin∆ωt) cos θ� sin(ω0t) 

(4.39) 

𝑷𝑴:�[𝑰𝒕𝒔𝒔(𝟏 + 𝜶𝐬𝐢𝐧 ∆𝝎𝒕)]𝟐 + �𝑰𝒔𝒉𝒊𝒇𝒕(𝟏 + 𝜸 𝐬𝐢𝐧 ∆𝝎𝒕) 𝐬𝐢𝐧 𝜽�
𝟐
�𝐬𝐢𝐧 �𝝎𝟎𝒕

+ 𝐭𝐚𝐧−𝟏
𝑰𝒔𝒉𝒊𝒇𝒕(𝟏 + 𝜸 𝐬𝐢𝐧 ∆𝝎𝒕) 𝐬𝐢𝐧 𝜽

𝑰𝒕𝒔𝒔(𝟏 + 𝜶𝐬𝐢𝐧 ∆𝝎𝒕)
�� 

(4.40) 

Since Ishift « Iosc is assumed, equation (4.40) can be simplified to: 

 

PM: Iosc(1 + α sin∆ωt) �sin �ω0t +
Ishift(1 + γ sin∆ωt) sinθ

Iosc(1 + α sin∆ωt) �� 

(4.41) 

From equation (4.41), the total excess phase variation due to the phase 

difference between fundamental and 3rd harmonic is given by, 

 

φ(t) =
Ishift(1 + γ sin∆ωt) sinθ

Iosc(1 + α sin∆ωt)  

                           ≈ Ishift
Iosc

∙ (1 − α sin∆ωt) ∙ sinθ 

 

(4.42) 
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Equation (4.41) shows that the low frequency signal is now upconverted around 

the sideband of oscillating frequency. The phase difference between fundamental 

and 3rd harmonic θ determines how much the phase modulation is. If θ=0º, no 

phase modulation occurs according to equation (4.41) However at θ=90º the 

phase modulation is maximum. The analysis is in agreement with the intuitive 

picture developed in the previous section. Here only the phase difference between 

fundamental and 3rd harmonic effect is analyzed. However, mode coupling 

happens between all the modes. RTWO’s can support many harmonics. It is 

complicated and perhaps not terribly enlightening to include all the phase effects 

between all the modes in a more strongly nonlinear case. But in principal they 

could be analyzed by the same method as above. This leads one to the conclusion 

that line dispersion in the large signal case, even with the zero propagation delay 

amplifiers considered here, will in and of itself lead to 1/f upconversion.  We note 

here that dispersion leads to asymmetries in the assumed waveform with respect 

to the crossing point in time but that symmetry with respect to voltage inversion 

is preserved. Later we will outline an alternate approach more suitable for this 

strongly nonlinear case that can compensate for dispersion induced upconversion. 

C. Gate offset analysis in small signal 

In the last section a model was introduced for a novel mechanism by which 

flicker noise is upconverted that depends on the amplifier nonlinearity combined 

with the transmission line dispersion. One way to reduce this effect is to reduce 
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the line dispersion.  Here we will introduce an alternate method enabled by the 

inherently distributed nature of RTWOs which we call “gate offset” for the 

reduction of close-in phase noise. 

First a small signal model that simply illustrates how this works will be 

introduced. In the next section a large signal model will be used to show how the 

gate offset technique saves power, can be used to enforce a preferred traveling 

wave direction and reduce the amplitude of the noise sources that are ultimately 

upconverted. 

The method of gate offset is shown in Fig.4.15. For the normal connection, the 

gates (input) of the amplifiers are connected to their respective output points on 

the transmission lines that correspond to the 180 degree phase points of the 

circulating waveform. In the gate offset connection the gates of the amplifiers do 

not connect directly across the transmission line but are rather shifted by a 

distance z1. The intent of this amplifier modification is to intentionally generate a 

phase difference between modes that cancels out the phase shift due to line 

dispersion thus reducing the flicker noise upconversion.  
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X

Y

Normal connection Gate offset connection

 

Fig. 4.15. Conceptual drawing of an RTWO with gate offset connection 

 

The gate offset technique will be first explained by the following analysis. The 

gate connections shifted by a distance z1, cause phase shift for each traveling 

wave on the transmission line. For simplicity, we again will only consider the 

fundamental and 3rd harmonic case. Let us assume the shifting distance z1 causes 

time shift t1 for fundamental. The relationship can be expressed as: 

1
1

1

zt
v

=
                                           

(4.43) 

In the equation (4.43), v1 is the velocity of the fundamental harmonic traveling 

on the transmission line. The velocity of the 3rd harmonic is not exactly of the 

same as the fundamental one because of transmission line dispersion [64]. We 

assume the simplest series expansion for the time shift for the third harmonic 

relative to the fundamental: 
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21 1
1

33
t zt

v
δ+ =

                                   

(4.44) 

The voltage equation (4.30) becomes:  

( )

( ) ( )
( ) ( )

21
0 1 0 1 3 0 1

2
1 0 1 3 0 1 0 1

2
1 0 1 3 0 1 1

sin sin 3
3

sin sin 3 3

sin sin 3

tV A t t A t t

A t A t t

A t A t

ω ω δ θ

ω ϑ ω ϑ ω δ θ

ω ϑ ω ϑ χϑ θ

  = + + + + +    

= + + + + +

= + + + + +      

(4.45)   

where 0

3δ χ
ω

=
 and 1 0 1tϑ ω=  

When this “phase shifted” voltage wave is acted upon by the nonlinearity in 

the amplifiers defined by equation (4.31), it generates “phase shifted” current. 

Again retaining only the fundamental current term results in a current: 

IT = Iosc sin(ω0t + ϑ1) + Ishift sin(ω0t − ϑ1 + χϑ12 + θ) 

(4.46) 

From equation (4.46) one sees that the gate offset can be chosen to make 

2
1 1 1ϑ ϑ χϑ θ= − + + , in order to reduce the phase difference between the two 

current terms in equation (4.46) to zero.  As shown in section III, no flicker noise 

would then be upconverted by the mechanism under consideration. 

The equation  

2
1 10 2χϑ ϑ θ= − +      

(4.47) 
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can be solved for the gate offset needed to reduce the flicker noise upconversion. 

The proper gate offset distance z1 is readily found to be: 

0
1 1

31 1
1 1 1

3 3 p p

z v
L C

δ θ
ωχθ

δ δ

± −
± −

= × = ×
  

(4.48) 

The above derivation is only expected to be accurate when the circulating 

mode is approximately sinusoidal and the oscillator is operating in the weakly 

nonlinear regime because all the harmonics higher than 3rd have been ignored. 

This analysis shows how the exploitation of the distributed nature of the RTWO 

to shift the amplifier input to a particular time before its output can allow for the 

cancellation of the amplitude dependent phase shifts that lead to AM-PM 

conversion.  At first glance this remedy would not appear to be efficacious in the 

strongly nonlinear regime with many modes, each in general possessing its own 

dispersion induced phase shift, next we will show that this is not the case because 

a compensating shift can be generated by an imposed linear phase shift of all 

modes (delay) although a different gate offset delay will be required from that 

shown here. 

4.4.2 flicker noise up-conversion and gate offset in the strong nonlinear 

regime 

Usually RTWOs are most usefully operated in the strongly nonlinear regime 
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where the output is well approximated by a square wave.  Here we will present an 

alternate analysis assuming no line dispersion that shows how a linear phase 

delay through the amplifier can also give rise to 1/f upconversion for which gate 

offset can be used to reduce the upconverted flicker noise as well. Additionally 

the gate-offset technique will be shown to have the advantages of: 1. breaking the 

symmetry of the modal gain and thus forcing the wave to travel in a preferred 

direction; 2. decreasing the power consumption. 

…….. ……..

…….. ……..

A

B

B’
A’

M1

M2

M3

M4

X

Y  

Fig. 26.16 RTWO connection without gate offset 

 

In Fig. 4.16, if the amplifier is ideal (no propagation delay from input to output) 

the traveling waves on the differential transmission lines reach A and B at the 

same time as the corresponding currents from the amplifier. The voltage 

waveform in time domain, in the absence of dispersion, is illustrated in Fig.4.1 

7(a), the waveforms A and B exactly cross at the center point. 
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t

v B

A
t

v B’

A

(a) (b)   

Fig.4.17. (a) Waveform of RTWO with ideal amplifiers (b) Waveform of RTWO 

with amplifiers exhibiting propagation delay. 

 

  Because the flicker noise varies slowly compared to the oscillation frequency, it 

can be regarded as a completely correlated noise source within a cycle and can 

thus be thought of as a deterministic signal within each cycle [63].  In this case 

the total phase noise can be expressed as: 

( ) ( )
2

,2 2
0

1 1
4

T

Li i n iN t i t dt
C Tω

 
= Γ ⋅ ⋅ ∆  

∫
                             (4.49) 

Where C is a node capacitance (e.g. the tank capacitance), Δω is the offset from 

the angular oscillation frequency, ( ),n ii t  is the noise current of a transistor and 

the weighting function Γi(t)  is the associated Impulse Sensitivity Function (ISF). 

  It has been shown in [64] that the oscillation waveform in RTWOs can be 

approximately represented by a square waveform, that and its associated ISF[9] 

are schematically illustrated in Fig.4.18. Following [63], the noise sources in the 

four MOS transistors in Fig.4.16 are assumed to be uncorrelated. Given the 

symmetry of the situation the noise contribution for only one transistor needs to 

be calculated, the others will have a similar contribution and their noise powers 
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can be simply added. We will focus on M1 in Fig.4.16. We can write a simplified 

expression for the PSD of the 1/f noise current of its drain current ID,MN1 as 

[63].  

( ) ( ) ( )2
, 1 0 , 1 02

, 1 0 2 2
1 1 1

1 1
2

N D MN N m MN
f MN

ox MN MN MN

K I t K g t
i t

C L L
ω ω

ω
ω β ω

⋅ ⋅
= ⋅ = ⋅

∆ ∆               (4.50) 

  In equation (4.50), the flicker noise source produces cyclostationary noise 

because the gm is modulated at the oscillation frequency. This noise source is 

significant only during the transition time. As a result, the cyclostationary noise 

within one cycle consists of two pulsed currents occurring during the rising and 

falling transitions shown in the lower trace of Fig.4.18. The two current pulses 

are exactly the same when the waveforms A and B cross at the center.  According 

to equation (4.49) the power spectral density (PSD) of the noise from the low 

frequency flicker noise when integrated over one cycle becomes: 

( ) ( ) 2

, 1 0
2 2

1 10

1 1 1
4 2

T
m MNN

Li i
MN MN

g tKN t dt
C T L

ω
ω β ω

 
= Γ ⋅ ⋅ ⋅ ⋅ ∆ ∆ 

∫
               (4.51) 

  As seen from Fig.4.18 and the above cyclostationary noise analysis this integral 

is 0 if the ISF function is symmetric due to the cancellation of the identical noise 

contributions at the rising and falling edges. One then concludes that for the 

totally symmetric RTWO without amplifier propagation delay, there is no flicker 

noise up-conversion from the amplifier transistors. 
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Fig.4.18 Symmetric square waveform, ISF and modulated transconductance, 

which is greatly exaggerated for clarity. 

 

In actuality, there is always propagation delay because of the gate resistance  of 

the MOSFETs (in the RTWO many of the other parasitic capacitances are 

considered to be part of the transmission line structure and are charged and 

discharged by the oscillating waveform rather than the gm of the transistor). The 

waveforms at the intermediate nodes in the amplifier showing the effect of time 

delay are illustrated in Fig.4.17 (b). The waveform B, is assumed to reach B', the 

channel of M1, after the gate delay and is shown in Fig.4.16. Comparison of Fig. 

4.17 (a) and Fig.4.17(b) shows how the terminal voltages controlling the gm are 

now different during the rising and falling edges. At the falling edge of waveform 

B in Fig.4.17 (a), M1 starts in the deep triode region. The gm of M1 starts at a 

very low value. It grows until the waveforms A and B cross, at which point M1 is 
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in saturation. After the crossing point, gm decreases as M1 approaches cut off.  

Conversely for the rising edge of waveform B, M1 is initially in cutoff and begins 

with a small but different value for gm. The gm of M1 increases until roughly the 

crossing point beyond which it will decrease to a small value as M1 enters triode. 

In the case where there is no gate delay and with voltage inversion  and crossing 

point inversion symmetric waveforms the transistor will spend an identical 

amount of time in each region of conduction and the integrated contribution of 

gm is identical for the rising and falling edges.  With the introduction of gate 

delay (or we assert dispersion) the terminal voltage symmetry is broken and the 

transistor no longer will spend equal time in each region of operation. The 

integrated contribution of gm is different during rising and falling edges, there is 

now a net contribution to the integral in equation (4.51) resulting in a 

contribution to the 1/f noise from each transistor.  Here we also note that temporal 

inversion symmetry with respect to the crossing point can also arise due to line 

dispersion and thus give rise to 1/f upconversion as shown in the last section even 

in the strongly nonlinear regime. 
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 Fig.4.19 RTWO with gate offset 

 

We next will show how gate offset can be used to alleviate this flicker noise 

upconversion mechanism. Once the mechanism by which gate delay causes an 

asymmetry is understood it is rather simple to understand how gate offset can 

restore the symmetry and reduce the flicker noise contribution.  The main idea is 

just to shift the gate connection so that the traveling wave reaches the amplifier 

input just early enough to compensate for the gate delay. The traveling wave Y 

arrives at 
''B earlier than wave X arrives at A for the direction of propagation 

shown in Fig.4.19. When the offset is chosen to correctly compensate for the gate 

delay, the modulation of gm1 at the drain by the waveform at A can be made 

equal during both the rising and falling edges of waveform Y as shown in Fig. 

4.20,  removing this source of AM to PM conversion. 
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Fig. 4.20. Waveform crossings of the RTWO with (B’) and without (B’’) gate 

offset. 

I. simulation results 

In this section we explore the effects of gate delay and gate offset by simulation. 

The preceding analysis indicates that for a properly chosen gate offset the rising 

and falling edge contributions to the noise integral can be made equal, and given 

the assumption of waveform symmetry with respect to the waveform crossover 

and voltage inversion, should occur at a delay equal to the propagation delay of 

the amplifier. To verify this we must first determine the amplifier propagation 

delay in the actual case where the gate and drain parasitics are being charged by 

the traveling wave.  This is essentially a measure of the gate delay of the 

amplifier.  Here we will also show that the application of gate offset can also 

minimize power consumption and that minimum noise and minimum power 

consumption occur at comparable offsets. 
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Fig. 4.21. Circuit for the propagation of distributed amplifier 

 

  Fig.4.21 shows the circuit used to simulate the amplifier propagation delay. 

Here amplifiers are distributed along the transmission lines. Both gate line 

(transmission line connecting to input of inverter amplifier) and drain line 

(transmission line connecting to output of inverter amplifier) are represented by a 

cascade of iterative RLC 2-port networks.  The gate line has a fixed RLC value 

while in the drain line the capacitance and inductance in RLC 2-port network can 

be tuned to provide a variable delay at constant impedance. Both the gate line and 

drain line are terminated in their characteristic impedance to eliminate reflections. 

The number of RLC stages and amplifiers are chosen to be large enough so that 

near the middle of the chain the waveforms on the input and output lines have 

reached steady state and assume a wave shape close to that in an operating 

RTWO although we note that voltage inversion symmetry is not strictly enforced 

as in an RTWO. As shown in Fig.4.21, a square wave is launched at the input and 

then travels along the transmission lines. Two testing points A and B are chosen 
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symmetrically at the middle of the long transmission lines at which to measure 

the waveforms. With this circuit both the delay between input and output and the 

power consumption as a function of delay can be measured. By tuning the delay 

in the drain line, a pair of symmetric waveforms can be achieved at point A and 

point B, which exactly cross at the center. By using the difference in the delay 

between the gate line and drain line, the propagation delay of the amplifier can be 

determined. 

 

 

Fig. 4.22. Tuning cap in drain line versus the delay time of waveforms between 

point A and B 

 

 Fig.4.22 shows the effect of tuning the capacitance of the RLC section of drain 

line from 15fF to 45fF. The time difference between input and output is measured. 

When the tuning cap is 35 fF, the minimum difference is achieved.  The delay 

time can be represented by the following equation: 

( )0delay tunet L C C= ⋅ −
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(4.52) 

In equation (4.52) L is the inductance of each section, Ctune is the tuning 

capacitor in drain line and C0 is the capacitance in gate line, with L=100 pH. The 

propagation delay of the amplifier calculated using equation (4.52) is 1.342 ps. 

Fig.4.23 is shows the average current in the same amplifier versus the tuning 

cap value. From Fig.4.22 and Fig.4.23, we can see the minimum average current 

and delay time are achieved at tuning cap 25 fF and 35 fF respectively, in rough 

agreement. The discrepancy here may due to the distortion of the waveform 

which makes the delay time measurement difficult to accurately determine.  One 

expects that at the point where the amplifier delay is best compensated, the 

“shoot through” current in the amplifier is minimized thus minimizing the power 

consumption. 

 

Fig.4.23. Cap tuning versus average current in one amplifier 

 

Next we use the same amplifier to make an RTWO to determine the effect of 

the gate offset on the phase noise. Shown in Fig.4.24, the RTWO is composed of 
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amplifiers and a transmission line made of cascaded RLC sections whose delays 

can be tuned. The combined delay of RLC1 and RLC2 are maintained constant. A 

factor “a” is introduced by which to determine the component values in RLC1 

and RLC2. 

( )1 21a R a R R× + − × =  

(4.53) 

( )1 21a L a L L× + − × =  

(4.54) 

( )1 21a C a C C× + − × =  

(4.55) 

 In the equations (4.53), (4.54), (4.55), R,L,C, R1,L1,C1 and R2,C2,L2 are the 

resistance, inductance and capacitance in RLC and RLC1 and RLC2 networks 

respectively, “a” can vary over the range 0 1a≤ ≤ . These constraints allow the 

delay of the sections RLC1 and RLC2 to vary while maintaining a constant total 

delay and line impedance. 

1 2

1 2

L L L
C C C

= =
 

(4.56) 
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Fig. 4.24. Circuit to simulate the gate offset implementation 

 

In this simulation the combined component values are maintained with, 

Lsec=160 pH, Csec=25fF and R=200 mΩ in each RLC section.  The RTWO is 

composed of 128 sections with 32 amplifiers distributed evenly along the 

transmission line to give a realistically low line dispersion.  When sweeping “a” 

from 0 to 1, an effective gate offset is simulated within each RLC section.  

Fig.4.24 shows the average current consumption in the RTWO when sweeping 

“a”. Values of 1a >  mean that the gate offset has extended beyond a single RLC 

section.  

The minimum power consumption is achieved at “a” roughly equivalent to 0.8. 

The following equation converts the parameter “a” to a time shift, 

sec secshiftt a L C= ⋅ ×  

(4.57)  

Substituting the Lsec and Csec values into equation (4.57), a time shift for 
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minimum power consumption of 1.6 ps is obtained, close to the 1.342 ps 

amplifier propagation delay. This minimization of the power consumption with a 

gate offset that compensates for the amplifier delay is expected because at the 

point where the amplifier plus gate offset presents zero effective delay minimum 

current is required from the transistor to charge and discharge the transmission 

lines, the traveling wave does this rather than the amplifier. 

 

Fig.4.25. Average current in RTWO amplifier versus different gate offset 

locations 

Fig.4.26 shows the simulated flicker induced phase noise performance as a 

function of the gate delay as parameterized by a. This was simulated using 

SPECTRE-RF. The center frequency of the RTWO is 2.3 GHz. The phase noise 

is measured at the offset frequency of 100 Hz to make sure it falls into the flicker 

noise dominated region. From Fig.4.26, the phase noise falls until a minimum is 

reached with an “a” of approximately 0.7. This corresponds to a gate offset 

induced compensation of 1.4 ps which is very close to the simulated amplifier 

propagation delay.  
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Fig.4.26. Phase noise performance versus different gate offset locations 

   

  In this simulation, both optimum power consumption point and phase noise 

point are attained when the gate offset roughly cancels the propagation delay of 

amplifier in agreement with theory.  

II. Measurement Results 

  To experimentally verify the effectiveness of the gate-offset technique in both 

power and phase noise reduction we fabricated a series of  test chip with varying 

gate offsets.  In this test chip, six RTWOs were designed and fabricated using an 

IBM 0.18 μm process.  Each used the same metal ring structure;  the only 

difference was that a different gate offset was used for the amplifiers in each. The 

goal of this chip is first of all to find the optimum gate offset point to achieve best 

1/f phase noise and secondly the point of minimum power consumption. Below 

we show that the effect of the gate offset on phase noise is indeed observed. The 

following table shows the measurement data for phase noise at a 10 KHz offset 

from the carrier and for power of the RTWOs with different gate offsets. 
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Table 4.1. Measurement data for different gate offset RTWOs 

Gate 

offset 

Phase noise@10KHz Average current 

0um -69.0dBc/Hz 56.3mA 

72um -69.3dBc/Hz 56.3mA 

108um -70.4dBc/Hz 55.9mA 

144um -71.4dBc/Hz 55.8mA 

180um -73.3dBc/Hz 53.2mA 

220um -71.1dBc/Hz 55.9mA 

250um -69.5dBc/Hz 56.3mA 

 

  Within the resolution of this experiment an optimum gate offset point is found 

of 180 μm. For these rotary traveling wave oscillators a total ring length of 

16,688 μm was used. The fundamental frequency of the ring is about 4.6 GHz. 

This indicates that 180 μm of gate offset corresponds to 2.37 ps of delay 

compensation. Compared to the simulated amplifier propagation delay of 1.4 ps 

the measurement result is larger. There are four main reasons to explain this 

difference. The first is due to the BSIM3 model is provided used for this IBM 

0.18μm process. It is known that the BSIM3 model typically underestimates the 

gate resistance which here almost solely determines the propagation delay. 

Secondly, in the physical layout, parasitic capacitance and parasitic resistance 
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occur which are not included in the simulation.  Thirdly in the actual circuit, a 

physical wire connects the input of the amplifier and the gate tapping point on the 

ring structure. Due to the magnetic coupling from the ring, the propagation speed 

along this connection is slowed by the added B field. Finally dispersion due to 

lumped loading of the transmission line can also give rise to 1/f upconversion that 

also required additional gate offset to compensate.   

The reduction of the phase noise by 4.3 dB indicates that these mechanisms 

(dispersion and amplifier delay) are the dominant contributors to the close-in 

phase noise in these devices. Within the resolution of this experiment the 

minimum power consumption is also found to occur at the offset corresponding 

to the phase noise minimum. 

 

 

 

  



110 
 

CHAPTER 5 

DESIGN EXAMPLES OF VC-RTWO 

5.1 Introduction 

In this chapter, one design of voltage control rotary traveling-wave 

oscillators (VC-RTWO) is demonstrated. The design is implemented with IBM 6 

metal CMOS 0.18um process. 

5.2 Low phase noise VC-RTWO design example 

5.2.1 Passive resonator design  

Like most of the other excellent phase noise performance oscillators, the 

LC tank oscillator and rotary traveling-wave oscillator consist of a passive 

resonator, which is a transmission line with möbuis connection regarded as many 

small R, L, C sections discussed in section 2, chapter 3. 

The quality factor Q is very important according to the discussion in 

section 3, chapter 3 and equation (4.22). It determines the phase noise 

performance in the thermal region. In the current CMOS process, the quality 

factor is usually less than 10 [1,2]. According to the phase noise theory developed 

in chapter 4, maximizing the characteristic impedance of the transmission line is 

one of the important ways to improve phase noise while decreasing power 

consumption. As a result, shown as equation (5.1), inductance enhancement 

without increasing the parasitic capacitance is the way to achieve high 

characteristic impedance. 
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𝒁 = �𝑳
𝑪

(𝝎𝑳 ≫ 𝑹,𝝎𝑳 ≫ 𝑹) (5.48) 

 

Figure 5.1 “quad-rings” structure in 2D view 

Combing other considerations, such as uniformity, area, feasibility and 

compatibility to CMOS process, a “quad-rings” structure is proposed to achieve 

extremely good phase noise but with low frequency not using a large area layout, 

shown in Figure 5.1 (2D layout view) and Figure 5.2 (3D view) 
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Figure 5.2 “quad-rings” structure in 3D view 

Shown in Figure 5.1, the “quad-rings” structure RTWO actually consists 

of four very similar individual rings side by side each other. The transmission 

lines carrying the same current (same phase) stay very close to each other to 

collect more magnetic field. As a result, the inductor would be enhanced because 

of the additional mutual inductance but not the coupled capacitance. Since the 

wave signals on transmission lines close to each other are in phase, capacitors 

cannot sense the in phase signals. Consequently, the characteristic impedance will 

be enhanced according to equation (5.1). A high characteristic impedance 

resonator is helping the low power and low phase noise harmonic oscillators 

design [3]. 
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Another advantage to use this structure is the magnetic field enhancement 

will slow down the traveling wave around the ring, which makes the oscillation 

frequency lower but does not significantly increase the area. 

Figure 5.2 is the 3D view of the quad-ring structure of RTWO. It is 

generated by momentum, which can simulate the electric magnetic field of a 

distributed circuit. 

5.2.2 Passive resonator simulation  

Shown in Figure 5.1, the ring is built on the top metal with IBM cmrf7sf 

CMOS process because the top metal is thick metal and far away from the 

substrate. 

 

Figure 5.3 “microwave corner” to reduce the reflection 

To have a low phase noise performance RTWO, magnetic field should be 

maximized. In this quad-ring structure, the width of the transmission line is 8um 
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to achieve large self-inductance. Furthermore, the space between the in phase 

transmission line is also set by a minimum value, which is 5um. With the 

minimum spacing, the maximum mutual inductance can be collected. At the 

corner of the quad-ring, a microwave corner technique is applied to reduce 

reflection [4], shown in Figure 5.3. Last but not the least, metal shielding is added 

between substrate and the ring. This ground shielding technique has been 

approved to reduce substrate loss because of the eddy current [5]. The area of the 

whole quad-ring now is 1.36mmX1.36mm. 

5.2.3 Active amplifier layout and simulation 

RTWOs need active elements to compensate the loss within the ring. In 

this design, inverter amplifiers shown in Figure 5.4 are playing the role. The 

advantage of using only the inverter amplifier shown in Figure 5.4a but not as 

Figure 5.4b in most of LC tank oscillators is because the tail current sink could 

contribute a significant noise source even though the structure in Figure 5.4b can 

prevent more substrate noise. In chapter 3 and 4, the theories on distribution 

characteristic and phase noise are explaining how to place active components 

along the ring. Theoretically, without changing the total size of the amplifiers, the 

more the amplifier is divided, the more distributed the RTWO is. However, in the 

real case, if too many amplifiers are placed, it complicates the layout and adds 

parasitic capacitance everywhere, which could make the performance of the 

RTWO worse. Moreover, if too many active elements are added, it really slows 
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down the simulation time and requires a super computer to calculate the mass of 

data. Based on the above considerations, N=32 is selected (32 amplifiers are 

placed around each ring in this structure). Figure 5.5 shows the RTWO layout 

with the active elements. Each amplifier is placed evenly along the ring to make 

RTWO uniform. Amplifiers are exactly placed underneath the ports. By using 

metal via, amplifiers are connected to the ring directly. Because using metal wires 

to connect will add more parasitic caps on the ring. 

B

A B

A

vbias

(a) (b)

Figure 5.4 (a) amplifiers in RTWO (b) amplifiers in general LC tank oscillator  

5.2.4 Tuning elements 

For most of the applications, such as PLL in clock data recovery and a 

frequency synthesizer, the oscillating frequency needs to be tuned. In a PLL 

system, a wide tuning range leads to a large forward gain, which makes the PLL 

faster to lock [6]. However, the wide frequency tuning range usually makes the 
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phase noise performance worse [6]. There is a tradeoff between the tuning range 

and phase noise. However, with this quad-ring structure RTWO, because of the 

inductance enhancement, it has a very good tuning range without degrading the 

phase noise performance a great deal. A simulation result will be shown in the 

following sections. 

 

Figure 5.5 3D view of RTWO including amplifiers and varactors 

Varactors could be implemented using either junction diode or MOS 

varactor. In this design, MOS varactor is used. The same as in active amplifiers, 

varactor also is laid out close to the taped point to avoid parasitic capacitance. 
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5.2.5 Measurement results 

 

Figure 5.6 micro photo of voltage control RTWO chip 

In this section, measurement results and simulation results are both 

demonstrated. In the last section, phase noise comparisons to other publications 

are given. 

Figure 5.6 is the micro photo of VCRTWO chip. It includes DC bias 

circuits and a high frequency divider and output buffer following the VCRTWO, 

which are both low phase noise. The high frequency divider is programmed to /4. 



118 
 

An output driver is connected between the output of /4 divider and output pads. 

Agilent 5052A is used to measure the phase noise at the output of the output 

buffer. Figure 5.7 is the phase noise screen shot from 5052A. It shows the carrier 

frequency 303.1MHz being divided by four. From 1K to 100K Hz offset 

frequency, it has a slope of approximately 30dBc/Hz. According to the phase 

noise definition, this region is the flicker noise region. Beyond that, it is the 

thermal noise region. From about 10MHz offset frequency, phase noise is almost 

flat. It is showing the noise floor determined by the output buffer.  

Table 5.1 illustrates the simulation result and measurement result of the 

VCRTWO. Within close in range from 100 to 100K offset frequency, the 

simulation result is off from the measurement, which is a well-known problem 

for the phase noise simulator. After 100 KHz offset frequency range, the 

measurement results match the simulation result well within 3dB.  

Figure 5.8 shows the oscillation frequency versus tuning voltage from 

both simulation and measurement. The simulation result agrees well with the 

measurement result. The maximum error is only 2%. 
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Figure 5.7 phase noise measurement result from Agilent 5052A 
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Table 5.1 simulation results versus measurement results 

  Simulation result 

Carrier 

freq=308.961MHz 

measurement result 

Carrier 

freq=303.153MHz 

@100Hz -41.87dBc/Hz -35.76dBc/Hz 

@1KHz -86.19dBc/Hz -59.66dBc/Hz 

@10KHz -115.1dBc/Hz -94.89dBc/Hz 

@100KHz -139.2dBc/Hz -130.80dBc/Hz 

@1MHz -158.3dBc/Hz -155.15dBc/Hz 

@10MHz -167.7dBc/Hz -169.71dBc/Hz 

@20MHz -169.7dBc/Hz -170.38dBc/Hz 

 

 
Figure 5.8 oscillation frequencies versus tuning voltage with simulation and 
measurement results 



121 
 

Table 5.2 normalized phase noise compare to other works 

Ref Process 

(um) 

f0 (GHz) Phase noise 

(dBc/Hz) 

Normalized phase noise 

(dBc/Hz) 

[15] 0.25 5 -118 -132.0 

[16] 0.18 5 127.1 -141.1 

[17] 0.09 6.3 -118 -134.0 

This 

works 

0.18 Osc freq:1.212  

Out freq:303.15MHz 

-155.14 -144.77 

Table 5.2 is listing some other works on low phase noise VCO with 

different oscillation frequencies. They are all normalized to 1GHz so that the 

phase noise can be compared. The results are showing the phase noise in our 

work is at least 3dB better than the existing low phase noise publications. 

In this chapter, some design considerations are studied and a low phase 

noise VCO design example is presented. The measurement result is close to the 

simulation and it approves the low phase noise design. 

  



122 
 

CHAPTER 6 

CONCLUSIONS 

In this work, the new type of oscillator RTWO is studied in detail. In 

chapter 3 are some physics in RTWO including multi-mode characteristic, 

distributed characteristic, quality factor, frequency estimation with second order 

effects. Furthermore, phase noise analysis in the 1/f2 and 1/f3 regions is 

investigated deeply in chapter 4. A closed form equation relating the phase noise 

in 1/f2 to physics in chapter 3 is derived. Several interesting flicker noise 

upconversion mechanisms uniquely existing in RTWO are discussed and 

simulated. After the studies, one phase shift technique is brought up to depress 

the flicker noise upconversion. 

A VC-RTWO is designed, fabricated and measured. Its design procedure, 

simulation result, and measurement results are shown in chapter 5. 

According to the above summary, this new type of the oscillator is very 

promising compared to the other existing candidates. For ring oscillators and 

relaxed oscillators, they cannot achieve the phase noise performance as good as 

RTWO because of lack of resonators. Since the ease of integrated and multi-

phase generations, a ring oscillator is still popular in some applications where 

phase noise performance is not that strict. A LC tank oscillator can have 

comparable phase noise performance. However, multi-phase signals for an LC 

tank oscillator are not possible. In other words, a RTWO combines the 
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advantages of ring oscillators and LC tank oscillators, which makes it a very 

good candidate for many applications. 
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