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The thesis comprises of 3 projects; an L-band microstrip antenna with frequency 

agility and polarization diversity, X-band phased array antennas incorporating 

commercially packaged RFIC phased array chips, and studies for Ku/Ka-band shared 

aperture antenna array. 

The first project features the use of commercially packaged RF-MEMS SPDT 

switches, that boasts of high reliability, high linearity, low losses, hermetically packaged 

and fully compatible for SMTA processes for mass-assembly and production.  Using the 

switches in a novel manner for the feed network, microstrip antennas with polarization 
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diversity are presented.  Frequency agility is achieved with the use of tuning diodes to 

provide capacitive loading to the antenna element.  Additional inductance effects from 

surface-mounted capacitors, and its impact, is introduced.  Theoretical cross-

polarization of probe-fed antenna elements is presented for both linear and circular 

polarized microstrip antennas.  Designs and measurements are presented, for microstrip 

antennas with polarization diversity, wide frequency tuning range, and both features.  

Replacement of the tuning diodes with commercially-packaged high Q RF MEMS 

tunable capacitors will allow for significant improvements to the radiation efficiency. 

In another project, multi-channel CMOS RFIC phased-array receiver chips are 

assembled in QFN packages and directly integrated on the same multi-layered PCB 

stack-up with the antenna arrays.  Problems of isolation from the PCB-QFN interface, 

and potential performance degradation on antenna array from the use of commercial-

grade laminates for assembly requirements, namely potential scan blindness and 

radiation efficiency, are presented.  Causes for apparent drift of dielectric constant for 

microstrip circuits, and high conductor losses observed in measurements, are introduced. 

Finally, studies are performed for the design of a Ku/Ka-Band shared aperture 

array.  Different approaches for developing dual-band shared apertures are considered.  

Design for single-fed circular-polarized dual-band antenna element operating at 20 GHz 

and 30 GHz is presented.  Designs for dual-band quadrature and differential phased 3dB 

couplers are presented.  Studies are performed on cross-polarization performances of 

circularly-polarized microstrip antenna arrays resulting from performance limitations of 

individual antenna elements.  Results of the pattern studies and designs of the dual-band 

components can be combined to evaluate practical performance of dual-band array 

implementation and required component specifications and bandwidth constraints. 
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Chapter 1  

Introduction 

 

1.1  Growing Demand for Mobile Connectivity 

With the internet permeating into all expects of the modern lifestyle, there is a 

growing demand for availability of internet and data-streaming on-the-go.  Examples 

include availability of internet on both vehicular and hand-held mobile platforms with 

increasing bandwidth demand for real-time audio and video streaming.  Other 

applications with real-time signal linkage to mobile platforms include global positioning 

and data communications.  Signal transmission can be performed from cellular and 

broadcast base stations for land-based mobile platforms, and satellite broadcast for both 

land-based and air-borne platforms. 

Impact on the RF front-end is the increase of functionality within a constrained 

form factor, to support the various applications while maintaining portability and user 

interface.  Some possible developmental efforts from this impact includes 

I - RF-front end tuning, for amplifiers, antennas, or both, for performance 

enhancement.  This is in particular for devices on hand-held platforms. 

II - Implementation of multi-functional integrated circuits (ICs) or micro-

machined components on printed circuit boards (PCBs) with low developmental 

assembly cost. 

III - Integration of multiple functionality or multiple operating frequencies in a 

shared platform.  This is in particular for larger system platforms. 
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1.2  RF Front-End Miniaturization 

1.2.1  Tunable and Reconfigurable Antennas for Wireless 

Communications  

RF-front tuning with re-configurable matching networks for transmitter (Tx) 

power amplifier (PA) outputs and antenna inputs are actively looked into [1],[2], with 

the use of high Q RF MEMS switches [3] and tunable capacitors [4]-[5] in packaged 

form that are ready for automated PCB assembly (PCBA) facilities the most ideal tuning 

device for use.   

Instead of an external matching network, antenna tuning can be integrated in the 

antenna element, support a wide frequency band through impedance tuning rather than 

serving only a single fixed frequency.  As antenna elements on a mobile platforms (esp. 

for hand-held platforms) are the weakest link in the T/R signal chain, polarization 

configurability will allow better overall transmission link performance with matching 

polarization for the mobile platform with the base-station or direct satellite link. 

For a small antenna which fits into a sphere of radius a, the 10-dB bandwidth 

(BW10dB) limit is [6]: 

 

1

310

11

2

1














kanka
BW dB

           

(1.1) 

where η is the radiation efficiency, k the free-space propagation constant, and n = 

1 for linear polarized or single-mode antennas, or n = 2 for circular polarized or dual-

mode antennas.  Miniaturized antenna elements fitted in compact hand-held platforms, 

especially for frequencies at S-band (2-4 GHz) and below, will have low efficiency and 

small bandwidth.  Tuning and re-configurability capabilities extend the antenna usability 

to a wider frequency range with higher performance efficiency beyond the theoretical 

limit. 

 

1.2.2  Low-Cost PCB Assembly 

Recent technological advances in micro-electronics thin-film and wafer 

fabrication processes has led to the development of dense multi-functional RF integrated 
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circuits (RFICs), monolithic microwave integrated circuits (MMICs), micro-machining 

components and micro-electrical-mechanical systems (MEMS).  These enabling 

technologies have allowed the advent of high performance components, or multi-

functional systems within a small form factor, leading to products with various features 

within a small form factor which is previously considered as impossible. 

The multi-functional miniaturized components will not be useful, until they are 

packaged for environmental protection and assembled on the PCBs.  Available methods 

for doing so includes packages with land grid array (LGA) footprint for solder-reflow 

assembly, flip-chip assembly, and die-attach and wire-bond assembly.  Solder-reflow 

with packaged components is the most ideal for mass-assembly, but may incur the loss 

for RF applications at high frequencies.  Wire-bond assembly of die-attached on board, 

or chip-on-board (COB), potentially provides the best performance at microwave 

frequencies, but is the most involved in assembly efforts, and does not provide 

environmental protection for both the die and wire-bond transition. 

Lastly, the requirements of multi-layered PCB fabrication processes (and 

preference of PCBA processes) dictates the PCB to be of certain commercial grade, for 

its mechanical strength and coefficient of thermal expansion (CTE) matching to 

copper’s CTE, to avoid warpage of material under high heat condition.  But such 

commercial grade laminates are generally lossy and seldom being considered for 

microwave applications traditionally, esp. for microwave antenna arrays. 

 

1.2.3  Shared Aperture Arrays  

A possible method of achieving RF miniaturization, at higher system level, is the 

use of shared aperture arrays.  2 or more different applications at different frequencies 

traditionally requiring separate antennas each can be using a common antenna aperture.  

This is particularly attractive for implementation on mini- or micro- “cube” satellites, 

where space for aperture implementation is a premium. 

Some common frequency bands and applications for satellite communications 

are presented in Table 1.1 [7].  

 



 

 

4 

Table 1.1:  Common microwave frequency bands and applications for satellite 

communications [7]. 

Band Frequency Applications 

L 1-2 GHz MSS, UHF TV, cellular phone, 

terrestrial microwave and studio television links. 

S 4-4 GHz MSS, Digital Audio Radio Service (DARS),  

NASA and deep space research. 

C 4-8 GHz FSS, fixed service terrestrial microwave. 

X 8-12.4 GHz FSS military communications, DARS feeder links,  

fixed service terrestrial, Earth observation satellites. 

Ku 12.4-18 GHz FSS, BSS, fixed service terrestrial microwave. 

K 18-26.5 GHz FSS, BSS, fixed service terrestrial microwave,  

local multi-channel distribution service (LMDS). 

Ka 26.5-40 GHz FSS, fixed service terrestrial microwave, LMDS, ISL,  

satellite imaging. 

FSS Fixed Satellite Service 

Between Earth stations at any given positions, when 

one or more satellites are used; includes satellite-to-

satellite links.  

MSS Mobile Satellite Service Between mobile Earth stations and space stations. 

BSS Broadcast Satellite Service 

A service in which signals transmitted or re-

transmitted by space stations are intended for direct 

reception by the general public. 

ISL Inter-satellite Link A service providing links between artificial satellites 

 

 

1.2  Scope of thesis 

The thesis presents on details from 3 separate projects, with the common theme 

of RF miniaturization and use of commercial-grade laminates. 

Chapter 2 delves into the designs of microstrip antenna elements with 

polarization agility across wide frequency tuning range in L-band.  Commercially 

packaged low loss metal contact RF micro-electrical-mechanical-systems (MEMS) 

switches are used in a novel reconfigurable feed network to achieve the pattern re-
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configurability.  Transmission line loading effects for surface-mount components, and 

studies on theoretical cross-polarization of a square microstrip antenna for linear and 

circular polarization, are presented.  Finally, hardware demonstrators are fabricated, 

with measured VSWR and radiation patterns presented.   

Chapter 3 presents the development of an X-band phased array receiver antenna 

array, as part of a frequency-modulated continuous wave (FMCW) radar system.  It 

features quad-flat no lead (QFN) assembled multi-channel CMOS RFIC receiver 

phased-array chips directly integrated on the same PCB stack-up as the antenna array.  

Channel-to-channel isolation degradation mechanism from the RFIC-QFN-PCB 

interface is studied.  Problems for both the antenna elements (low efficiency, potential 

scan blindness) and the RF feed network (apparent dielectric constant change, losses) 

from the use of commercial grade laminates are presented. Finally, VSWR and pattern 

measurements are presented. 

Chapters 4 and 5 presents on the preliminary studies for a Ku/Ka band circular 

polarized shared aperture antenna array, for satellite communications.  Chapter 4 

presents on studies on theoretical cross-polarization performance of circularly polarized 

arrays and degradation arising from the antenna element cross-polarization.  Chapter 5 

considers the various possible implementation methods for a dual-band shared-aperture 

array, and presents designs and simulations of dual-band antenna and couplers. 

The thesis concludes with a summary and suggested future work.  
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Chapter 2  

L-Band Microstrip Antenna with Frequency 

Agility and Polarization Diversity 

 

2.1  Overview 

2.1.1  Tunable and Reconfigurable Antenna Elements 

An antenna element can be designed for operation with linear polarization (LP) 

or circular polarization (CP).  The 2 orthogonal LP modes are vertical polarization (VP) 

and horizontal polarization (HP).  Left-hand CP (LHCP) or clockwise (CW) 

polarization, and right-hand CP (RHCP) or counter-clockwise (CCW), are the 2 possible 

CP modes.  Full pattern re-configurability allows the antenna to change its operating 

mode to any of these four cases for maximum power transfer in the communications 

link.  

Prior art for planar antenna elements with frequency tuning and pattern re-

configurability include; [8] for slot-ring antennas and [9] for cavity-backed microstrip 

antennas for independent frequency agility for dual-orthogonal LP modes; [10] with 

slots and control devices on the antenna element, [11] with slots perturbation on the 

ground plane, and [1] for switchable dual CP modes in dual operating frequencies, for 

re-configurable orthogonal CP modes. 

Control devices for perturbations at corners of the antenna elements for linear & 

circular re-configurability include [13]-[15].  Antenna element with both frequency 

agility and polarization diversity was presented in [16], and a conceptual verification for 
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both frequency agility and polarization diversity from a microstrip antenna element was 

presented in [17] with fixed lumped-element components.   

 

2.1.2  Antenna Re-Configurability with RF MEMS Switches 

With the use of 2 Omron RF MEMS switches and a novel feed network, [18] 

demonstrates design for achieving 4 polarization states from a single square microstrip 

antenna element.  Complementing the design with dual-polarized tuning techniques 

from Carson ([8] for slot antennas and [9] for microstrip antennas), [19] demonstrates an 

antenna element with full polarization diversity across a wide frequency tuning range.   

Conversely, restraining to one RF MEMS switch in the feed network, a dual-

polarized tunable antenna is able to either have 3 polarization states across the frequency 

tuning range; vertical, horizontal, and circular.  Or by having the orthogonal polarization 

frequencies offset with quadrature phase difference, retaining full polarization diversity 

across frequency tuning range can be retained [20]. 

Omron metal-contact RF MEMS switches are used for the reconfigurable feed 

network, and its model and reliability features will be first presented.  Design concepts 

for a dual-polarized tunable microstrip antenna to achieving orthogonal dual-polarized 

frequency tuning across a wide bandwidth will be presented next, followed by details of 

the reconfigurable feed network for performing frequency agility.  Theoretical LP and 

CP cross-polarization (Xpol) for a differential and quadrature phased probe-fed 

microstrip antenna is presented.  Finally hardware realization and measured verifications 

are presented. 

 

2.2  Omron RF MEMS Switches 

2.2.1  Switch Details and Reliability Measurements 

Figure 2.1a presents a metal-contact MEMS switch, developed by Omron [21].    

2 of these devices are packaged together to form a single-pole double-throw (SPDT) 

component (Figure 2.1b), in a land-grid array (LGA) package (Figure 2.1c) that allows 

for compatibility with pick-and-place automation process in printed circuit-board 
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Figure 2.1:  Omron RF MEMS switches; (a) single switch device, (b) SPDT from 2 

devices in (c) LGA plastic package.  

 

assemblies (PCBA).  Key performance include insertion loss < 1 dB, isolation > 30 dB, 

< 2:1 VSWR up to 10 GHz, and measured third order intercept (IP3) > 70 dBm.  

Actuation voltage required is ~ 30 V. 

The Omron switch was tested at UCSD for 4 continuous months [22] and for 

billions of total cycles at 0.01-9 W, under cold switching conditions, and its resistance 

was constant at 1.1+/-0.1 Ω (Figure 2.2a). It was also tested under hot-switching 

conditions with an RF power of 300 mW, and operated up to 100M cycles (test stopped 

due to time limitations, Figure 2.2b). It was tested under continuous operation at 0.1-5 

W (hours and days for each test) and its resistance was measured every few hours and 

remained constant to within +/-0.1 Ω (Figure 2.2c). The pull-down (28 V) and release 

voltage (15 V) were measured over 3 days of continuous actuation (once every hour) 

and no change was detected. All testing was done at 2 GHz and cycle testing was done 

at 1 kHz. 
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Figure 2.2:  Reliability measurements for Omron MEMS switches; (a) cold 

switching, (b) hot switching and (c) power handling. 

 

A distinctive feature of the Omron SPDT switch, as compared to transistor-based 

commercial SPDT parts, is its bias control which allows 4 states (instead of two).  Since 

the switch is built using two independently controlled RF MEMS switches, power from 

input can be routed to a) either of the output channels with either switch turned on, b) 

both output channels with both switches turned on, or c) totally reflected at the input 

with both switches turned off (Figure 2.3c).  This feature was utilized for the design of 

the reconfigurable feed network to allow for polarization diversity.  With both switches 

turned on, the input impedance presented by the switch reduces to half of that as when 

either switch is turned on.  This is due to the T-junction formed by both switches on, 

and the parallel loading of two identical loads.  
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Figure 2.3:  Omron SPDT’s (a) fitted small signal model, (b) modeled (dashed) and 

measured (solid) S-parameter response, and (c) 4 states of operation. 

  

2.2.2  MEMS SPDT Modeling 

The packaged SPDT was mounted on a 0.01” thick Rogers RO4350 (εr 3.66, 

tanδ 0.0038) printed board, and measurements were taken with the assembled setup.  

The connectors and feed transmission lines (TLINs) were de-embedded using through 

and reflect standards, and the switch S-parameter response (in the 4 states) was fitted to 
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Figure 2.4:  Simplified Omron SPDT model for direct CAD modeling; (a) down-

state through, (b) up-state isolation, and (c) measured and modeled response. 

 

an RLC model.  Figure 2.3a presents the fitted model, and Figure 2.3b shows the 

modeled and measured SPDT response [23]. 

The measured S-parameter file or the circuit model can be used in circuit 

simulators.  Unfortunately, these two methods may not be easily implemented in some 

EM solvers.  Figure 2.4 presents a simple model suitable for all EM solvers:  the 

individual switch up-state isolation or down-state transmission phase is modeled using 

the least number of reactance elements resulting in a compact model. The up-state 

isolation is modeled using a series capacitor (4 fF), and the down-state phase is modeled 

using a low-pass π-network for the TLIN segment (with characteristic impedance Z0 and 

electrical length θ at frequency f ) as:  
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          (2.1) 

In the down-sate position, the Omron switch has 45° phase delay at 2 GHz 

which corresponds to L = 2.8 nH and C = 0.66 pF (assuming matched to 50 Ω).  This 
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model can be directly implemented in all EM solvers, either as lumped components 

directly inserted in the geometry, or as surface impedance boundary conditions.  In this 

work, it is used for modeling the cross-polarization radiation levels caused by the feed 

network [19]. 

Lastly, plastic packaged SPDTs in Figure 2.1a are used in this project.  Using 

through-silicon-via (TSV) technology for packaging at wafer level, a highly 

miniaturized version has since been introduced [24], with size of 2.5 mm by 1.6 mm by 

0.4 mm, and features an integrated charge pump which allows for ~ 3 V actuation bias 

voltages. 

 

2.3  Microstrip Antenna with Frequency Agility 

2.3.1  Antenna Element with Dual Polarized Independent Tuning 

To insuring mode purity while independent frequency tuning for both orthogonal 

LP modes (VP and HP), [8] identified 3 conditions to be fulfilled; 

I.- PMC symmetry along axis of operating mode 

II.- PEC symmetry along axis orthogonal to operating mode 

III.- Tuning element loading along axis of PMC symmetry 

Requirements to enforce these conditions include differential feeds 

implementation (condition II), locating the feeds along the center of the element 

(condition I), and loading of antenna element at the center of the radiating edges 

(conditions I and III), and having equal reactance loading in both radiating slots 

(conditions I and II for both radiating and non-radiating modes).  

Figure 2.5 shows a microstrip antenna element with differential ports for VP 

excitation (FV1 & FV2) and HP excitation (FH1 & FH2).  Capacitance loading is 

introduced at the radiating edges (CV and CH for VP and HP respectively) for tuning the 

operating frequency from the natural resonance frequency for both linear modes.  These 

two orthogonal LP modes can be simultaneously excited for independent operation at 

different frequencies across a wide frequency range, as demonstrated in [8]-[9]. 
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Figure 2.5:  (a) Differential-fed microstrip antenna with independent dual-polarized 

tuning, and (b) symmetry planes definition for VP excitation (left) and HP excitation 

(right). 

 

With the origin at the center of the antenna, the Y-Z plane is the PMC symmetry 

plane for the VP mode (excitation at FV1 & FV2), and the PEC symmetry plane for the 

HP mode (excitation at FH1 & FH2).  Conversely, the Z-X plane is the PEC plane of 

symmetry for the VP mode, and the PMC plane of symmetry for the HP mode (Figure 

2.5b). 
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Figure 2.6:  (a) Simulated vs measured resonant frequency and capacitance loading 

for various bias voltages, and (b) implementation of tuning network using back-to-

back diodes. 

 

2.3.2  Surface-Mount Series Capacitance Devices 

Tunable capacitance loading can be implemented using high Q RF MEMS 

tunable capacitors [25],[2] or switch capacitor banks using RF MEMS SPDTs presented 

above [23], but varactor tuning diodes are used in this concept demonstrator.  To 

minimize the biasing requirements on the complexity of the antenna layout, a shorting 

via placed at the center of the antenna element enforces 0 V bias conditions for all four 

tuning devices (2 CV and 2 CH on all four radiating edges).  Besides easing the biasing 

arrangements, the center ground via reduces Xpol radiation from the antenna element by 

2-3 dB (for LP cases), and enhances isolation between both orthogonal linear modes by 

4-6 dB. 



 

 

15 

 

Figure 2.7:  (a) Diode mounted on PCB and (b) model with transmission line stubs 

to account for parasitic series inductance (Zpkg) and shunt capacitance (Zpad) 

effects. 

 

Figure 2.6 presents the resonant antenna frequency when loaded with back-to-

back varactor diodes (Skyworks SMV1234 silicon hyper-abrupt junction diodes in SC79 

packages) [26].  The diodes have a series resistance of 0.8 , a series package 

inductance of 0.7 nH, and a total capacitance of 1.3 - 9.6 pF. The diode Q is 8-80 at 1 

GHz.  The back-to-back arrangement is used to result in a smaller capacitance values, 

higher linearity and a wider tuning range, but unfortunately at the expense of the 

radiation efficiency with a higher series resistances.  Surface-mount lumped elements 

were modeled using Modelithics CLR library components [27]. 

Surface-mount capacitors placed on a microstrip line have a parasitic component 

as shown in Figure 2.7. These include the shunt capacitance effects arising from the 

solder pads (line Zpad with length lOC below the package and lfeed extending beyond the 

package), and series inductance effects across the component (TLIN Zpkg with length 

lpkg).  The latter forms a series resonance with the device’s intrinsic capacitance which 
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significantly reduces the first self-resonance frequency.  The equivalent diode 

impedance has either a very high capacitance value at close to self-resonance, or 

behaves as an inductor above self-resonance.  This accounts for measurements deviating 

from simulations in most tunable circuits.   

 

2.3.3  Antenna Q and Bandwidth Approximation 

With reconfigurable feed network loading the antenna ports, and input matching 

to 35 Ω for the input of the whole network (as will be presented in the next sub-section), 

bandwidth (and resonance too) of the antenna element cannot be easily identified from 

the return loss response.  A reference antenna element (without the feed network) is 

required for resonance and bandwidth determination from measurements. 

A possible way to estimate the bandwidth is from the unloaded Q (Qu) of the 

antenna element.  The microstrip antenna dielectric Q (Qdi) and conductor Q (Qcu) can 

be calculated using [28]-[30]: 

                
tan

1
diQ    and  
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where tan is the substrate loss tangent, h is the substrate height, o and ko are 

the intrinsic impedance and wave number of free-space wave propagation respectively, 

and Rs the skin-depth resistivity of the conductor. 

The space wave Q (Qsp) can then be extracted from the simulated radiation 

efficiency (e) with no capacitance loading as: 
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Using Qtune to represent the diode Q (Qdiode) or the MEMS Q (QMEMS), and Qu’ to 

represent the unloaded Q for a microstrip antenna loaded with tuning elements, the 

radiation efficiency for a microstrip antenna loaded with tuning devices (etune) can be 

calculated using: 
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Figure 2.8:  (a) Radiation efficiency simulations in HFSS, for cases of; antenna with 

matched feed at all frequencies, antenna loaded with MEMS tunable capacitors, and 

antenna loaded with tuning diodes, and (b) unloaded Q values for MEMS tunable 

capacitors and varactor diodes. 
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The estimated radiation efficiency using (2.4) with Qsp from (3) and Qtune from 

Figure 2.8b agrees well with HFSS simulated radiation efficiency values (Figure 2.8a), 

and can be a quick analysis tool.  MEMS Q (QMEMS) values are derived from 
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commercially packaged devices featured in [25] & [2], with 2 devices connected in 

shunt to obtain the desired capacitance (Cs) values at each radiating edge.   

The low intrinsic efficiency of the antenna at lower frequencies is due to the 

electrically thin substrate and small antenna size at those frequencies, resulting in low 

resonator efficiency.  The surface waves loss mechanism, usually not captured in HFSS, 

can be neglected for single antenna element applications, but should be considered if the 

design is to be extended to 1D or 2D microstrip antenna arrays. 

The bandwidth of the microstrip antenna, for a given VSWR, can be defined as 

VSWRQ
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BW
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for LP modes, and 
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for CP modes, and 
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or BWCIR = 2BWLIN, for VSWR = 2. 

The calculated fractional bandwidth for LP is 1.5-2.5% at 0.9-1.5 GHz for 

varactor loading, as compared to < 1.5% for MEMS loading.  The varactor diode low Q 

results in lower radiation efficiency but a wider bandwidth. 

 

2.4  Microstrip Antenna with Frequency Agility and Full 

Polarization Diversity 

2.4.1  Re-configurable Feed Network with MEMS Switches 

Tuning both dual LP modes to the same frequency, Table 2.1 presents the phase 

excitation at the 4 inputs of antenna element presented in Figure 2.5 to achieve the 

desired polarization [31].  
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Table 2.1:  Phase states at antenna feeds for various polarization states. 

PHASE STATES FOR POLARIZATION EXCITATIONS 

Polarization FV1 FV2 FH1 FH2 

Linear: Vertical 90
0
 270

0
 - - 

Linear: Horizontal - - 0
0
 180

0
 

Circular: LHCP 90
0
 270

0
 0

0
 180

0
 

Circular: RHCP 90
0
 270

0
 180

0
 0

0
 

 

 With one Omron SPDT as the polarization control device, one can achieve 3 

states of polarization controls (Figure 2.9a & Table 2.2); VP, HP, and LHCP.  LP is 

achieved as power is routed to either pair of the antenna feeds (either FV1 and FV2 for 

VP, or FH1 and FH2 for HP) using switch device (SW1) routing power to either RF1 or 

RF2 outputs. However, with switch device routing power to both RF1 and RF2 outputs, 

CP is obtained as power is transmitted to both sets of antenna feeds. 

To reduce on complexity of feed inputs/outputs, differential feeds for each linear 

mode is to be fed with a single feed-point (or connector).  They can be implemented 

with 0/180° rat-race couplers, baluns, Schiffman-type delay lines ([32], for reduced 

form factor) or in this case an additional transmission line segment of 180° at one of the 

feed ports. Though seemingly more narrowband, +/- 30° of phase deviation for the 

phase is acceptable before the cross-polarization (Xpol) degrades to -20 dB.   

With 50 Ω matched terminations at both ports of the switch device, the common 

input port of the switch will present input impedance of 50 Ω and 25 Ω for LP and CP 

modes respectively.  Matching to 35 Ω will allow for 1.4:1 VSWR of matched condition 

for all polarization modes.  Hence the recommendation for bandwidth evaluation from 

the Q as presented in the preceding subsection.  ZoIN can be implemented with λ0/4 

impedance matching section, or alternatively using a series-line transformer to minimize 

its length, and is given by (matching a ZL to a ZS using a Z0 and an electrical length ) 

[33]: 
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Table 2.2:  RF MEMS SPDT bias states for 3 & 4 polarization modes. 

3 POLARIZATION STATES – 1 SPDT 

Polarization RF MEMS SW1 

Linear – Vertical Output to RF1 

Linear – Horizontal Output to RF2 

Circular Output to RF1 and RF2 

 

4 POLARIZATION STATES – 2 SPDTS 

Polarization RF MEMS SW1 RF MEMS SW2 

Linear – Vertical Output to RF1 Not applicable 

Linear – Horizontal Output to RF2 Output to RF1 or RF2 

Circular – LHCP Output to RF1 and RF2 Output to RF1 

Circular  – RHCP Output to RF1 and RF2 Output to RF2 
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          Adding a 2
nd

 Omron SPDT (SW2), one can achieve all 4 polarization states 

(Figure 2.9b & Table 2.2); VP, HP, LHCP and RHCP.  The CP modes (CW or CCW) is 

determined by device SW2.  Switch SW2 acts as a 0/180° phase shifter, routing the 

signal via the λ/2 transmission line (Zo180 in Figure 2.9b) when output is set at RF2, or 

bypassing it when the output is set at RF1 for no phase lag.  With the other half of the 

signal from the SW1 RF1 output routed through a λ/4 TLIN (Zo90 in Figure 2.9b) for a 

90° relative phase lag, the two orthogonal pairs of antenna feeds are fed the required 

quadrature phase conditions for LHCP (output of SW2 to RF1) or RHCP (output of 

SW2 to RF2).   
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Figure 2.9:  Reconfigurable feed network for (a) 3 polarization stages, and (b) 4 

polarization stages. 

 

Lastly, as there is no isolation between the two output paths out of SW1 for 

circular polarization modes, and output RF2 of SW1 is loaded with the 0/180° switch 

network, Zo90 thus serves as an impedance transformer between output RF1 switch SW1 

and antenna feed network (Zin,ant), to ensure balance of input impedance presented to 

both output ports of SW1, minimizing on the power imbalance for circular polarization 

excitations.  
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Figure 2.10:  (a) Alternate reconfigurable feed network for 4 polarization stages 

with 1 device, and (b) reflection phase and match at the antenna ports 

 

2.4.2  Alternate Reconfigurable Network with Frequency Resonance 

Offset 

An alternate way to obtain 4 polarization modes with only 1 MEMS control 

device is to exploit the reflection phase offset of the two dual orthogonal LP modes of 

the antenna element.  By removing the 90° TLIN segment in Figure 2.9a, and setting the 

frequency for HP mode (fH) to be at quadrature phase difference with the VP mode (fV), 

CP is achieved when switch device routes power to both RF1 and RF2 outputs (Figure 

2.10a).   
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Table 2.3:  Configurations of tuning elements for performing polarization diversity 

for antenna in Figure 2.11. 

LINEAR POLARIZATION STATES 

polarization Feed TPA TPB CH CV 

Horizontal (x-axis) FH1, FH2 S/C CF - 

Vertical (y-axis) FV1, FV2 S/C - CF 

 

CIRCULAR POLARIZATION STATES 

polarization Feed TPA TPB CH CV 

Left-handed  

(CW) 

FH1, FH2 S/C O/C or CP CF 

FV1, FV2 O/C or CP S/C CF 

Right-handed  

(CCW) 

FH1, FH2 O/C or CP S/C CF 

FV1, FV2 S/C O/C or CP CF 

REMARKS:   CF - Frequency determination capacitance  

  CP - Circular polarization capacitance  

  S/C - short circuit;   O/C - open circuit;  

 

 CW or CCW polarization modes is determined with fV > fH for phase leading or 

fV < fH for phase lagging.  As S11 or return loss is an observation of the reflection phase 

condition, the phase difference for the two modes (observed at FV1 and FV2 for vertical 

mode and FH1 and FH2 for horizontal mode) has to be +/- 180° apart to obtain the 

quadrature phase difference condition and hence excitation of CP mode (Figure 2.10b). 

This approach significantly reduces the complexity of the network, allowing the 

use of only 1 device for all 4 polarizations.  Unfortunately the narrowband behavior of 

the antenna presents some additional challenges to ensure a good match for the CP 

states, and more effort is required to identify the required matching condition, namely 

for ZoIN in Figure 2.10a, and possibly also between switch output ports and antenna 

input ports. 

 

2.4.3  Polarization Diversity from Antenna Perturbation 

Forgoing the use of re-configurable feed network involves the direct perturbation 

of the antenna element for achieving full polarization diversity, and a conceptual 
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Figure 2.11:  (a) Antenna element with polarization diversity and frequency tuning, 

(b) capacitance tuning for high axial ratio in CP modes, and 2 possible 

configurations for (c) LHCP and (d) RHCP modes. 

 

demonstrator was presented in [17], which is presented here.  Considering the same 

square microstrip antenna element with dual independent polarization tuning from 

Figure 2.5a, the four corners are perturbed with slots, and tuning elements (TPA and TPB) 

placed across the slots (Figure 2.11a).  The tuning elements provide control of 

polarization diversity for the antenna element. 

With the four polarization tuning elements set at 0 Ω or shorted (TPA = TPB = 0 

Ω) across the slots, the patch element operates in LP mode as a regular patch element.  

In this mode, the antenna acts as a dual LP mode antenna as described in Section 2.3.1. 
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Table 2.4:  Combinations of feedpoints and polarization control devices for 

various polarization modes 

IMPLEMENTATION COMPLEXITY VS POLARIZATION CONFIGURATIONS 

Complexity Feeds & Pol. Controls HP VP LHCP RHCP 

1 set feed 

1 set pol. ctrl. 

FH1,2, TPA     

FH1,2, TPB     

FV1,2, TPA     

FV1,2, TPB     

1 set feed 

2 set pol. ctrl. 

FH1,2, TPA & TPB     

FV1,2, TPA & TPB     

2 sets feed, 

1 set pol. ctrl. 

FH1,2 & FV1,2, TPA     

FH1,2 & FV1,2, TPB     

Complete FH1,2 & FV1,2, TPA & TPB     

 
 

For CP excitation, a set of two diagonally opposite polarization tuning elements 

are set at 0 Ω or shorted (e.g. TPA = 0 Ω), and the other set of two diagonally opposite 

elements at open circuit or some capacitance across the slot to provide the required 

perturbation of the two orthogonal LP modes (e.g. TPA > 0 pF).  By interchanging the 

connections across the slots, for the same feed position, we can easily change the sense 

of CP mode.  Similarly the change in the feed locations (e.g. FV1 & FV2 to FH1 & FH2) 

will change the sense of CP mode.  The other feed-pair is terminated with open loads. 

For CP, the four frequency tuning shunt capacitors are set to the same value (i.e. 

CV = CH = CF), and is used to provide frequency agility.  Coupling between the 

orthogonal linear modes are controlled using polarization capacitors across the slots 

(e.g. TPA = CP > 0 pF), with capacitance values increasing as resonant frequency 

increases.  It can be visualized as “shifting” of the slots outwards away from the patch 

center with increasing capacitance, thus reducing coupling between the two resonant 

modes at higher operating frequencies to ensure good axial-ratio (AR) across the 

frequency range (Figure 2.11b).  
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Table 2.3 lists the possible polarization modes for the antenna configuration 

presented.  Possible implementation for frequency tuning elements (i.e. CV and CH) is 

discussed in Section 2.3.1 & 2.3.2.  With 2 possible configurations for every CP mode, 

implementation complexity can be reduced to combinations of feed points and 

polarization control elements as presented in  

Table 2.4.  Though differential feeds are recommended for mode purity (esp for 

out of band response), the proposed concept works well with single-ended feeds. 

Polarization tuning mechanisms (i.e. TPA and TPB) includes varactor diodes or 

RF MEMS tunable capacitors, used in shunt with PIN diodes or RF MEMS metal-

contact switches.  The antenna element can be shorted to ground with a ground via in 

the center of the element, providing some simplicity for biasing requirements.  For more 

biasing simplicity (if required), the shorted requirements for polarization control 

elements (i.e. TPA or TPB = 0 Ω) can be substituted with large capacitance loading 

instead, with a penalty of reduced frequency tuning range.  

 

2.4.4  Probe-fed Microstrip Antenna Cross Polarization Analysis 

Studies on theoretical cross-polarization (Xpol) levels arising from non-ideal 

excitation conditions is performed, using an ideal probe-fed 2 GHz antenna element 

(Figure 2.5a) on a 0.25” thick RO4003 substrate (εr = 3.55, tanδ = 0.0027) in HFSS on 

an infinite ground plane.  The infinite ground plane boundary condition in HFSS will 

generate patters corresponding to the theoretical microstrip antenna patterns presented in 

[34].  Simulated normalized cross-polarization and gain degradation resulting from 

amplitude and phase offset (Table 2.5) are presented in Figure 2.12 for LP from a 

differentially-phased equal amplitude fed antenna element, and Figure 2.13 for CP from 

a quadrature-phased fed equal amplitude antenna element. 

- For ideal magnitude and phase excitation conditions, lowest Xpol level 

obtained = -35 dB, and = -39 dB with the presence of shorting via at center of 

element.  Vertical currents on the probe feeds are sources for the Xpol. 
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Figure 2.12:  Normalized Xpol (in dB) for FOV of θ < (a) 30°, (b) 45° and (c) 60°, 

and (d) gain degradation (in dB), for differentially fed LP microstrip antenna with 

amplitude and phase offset. 

 

 

 

Figure 2.13:  Normalized Xpol (in dB) at (a) broadside, and FOV of θ < (b) 30° and 

(c) 45°, and (d) gain degradation (in dB), for quadrature fed CP microstrip antenna 

with amplitude and phase offset. 
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Table 2.5:  Feed excitation for Xpol analysis with probe-fed microstrip 

antenna. 

DIFFERENTIAL FEEDS FOR LINEAR POLARIZATION 

Feed Excitation 

FV1 1 0° 

FV2 1-AD 0°+ αD° 

AD: Amplitude Offset 

αD: Phase Offset 

 

QUADRATURE FEEDS FOR CIRCULAR POLARIZATION 

Feed Excitation 

FV1 1 0° 

FV2 1 0° 

FH1 1-AC 0°+ αC° 

FH2 1-AC 0°+ αC° 

AC: Amplitude Offset 

αC: Phase Offset 

 

 
- The E Xpol component is a minimum at broadside direction, and increases for 

observation angle away from broadside; i.e. displaying an “M”-shaped pattern 

profile for top half space of θ < 90° as amplitude and phase excitation deviates 

from the ideal differential-phase condition. 

- The Eϕ Xpol component remains low despite of amplitude and phase 

deviations, reduces to zero at horizon (i.e. EϕXpol= 0 for θ =  90° or X-Y plane), 

and peaks at broadside direction (i.e. at θ = 0°) with the same intensity as the 

minimum intensity of E Xpol component. 

CP quadrature-phased probe fed microstrip antenna element with similar 

physical characteristics shows the following cross-polarization pattern trends: 

- For ideal quadrature-phased equal-amplitude excitation, lowest Xpol obtained 

is ~ -40dB at broadside direction (but not lower), and degrades very rapidly to > 

- 20 dB for field-of-view (FOV) region of θ < 30°, and > -10 dB for FOV within 

θ < 60° 



 

 

29 

 

Figure 2.14:  HFSS simulated normalized patterns for circularly polarized antenna 

with; (a) ideal probe feed, and (b) feed network in HFSS. 

 

- Similar to case of E for LP, Xpol component is a minimum at broadside 

direction, and increases for observation angle away from broadside; i.e. 

displaying a “M”-shaped pattern profile for top half space of θ < 90° for low 

amplitude and phase deviations from quadrature phase excitation, and rapidly 

changes to round profile as minimum Xpol approaches ~ -20 dB. 

- Phase deviation from quadrature-phase excitation results in worst case Xpol in 

principle plane, whereas non-equal amplitude excitation results in worst case 

Xpol in diagonal plane. 

Xpol = -20 dB for LP, and = -10 dB for CP, results in barely 0.2 dB of gain 

deviation, and will allow for 30% of phase deviation from the ideal 

differential/quadrature phased feed condition.  And finally, expectation of Xpol = -40 

dB is definitely not realistic for a single microstrip antenna element, though microstrip 

arrays can achieve high performance with cross-polarization cancellation techniques at 

an array level (presented in Chapter 4). 

The re-configurable feed network is unfortunately a source of Xpol degradation.  

Figure 2.14 shows a comparison of HFSS simulated pattern for the same antenna 

(without the infinite ground plane assumption, and dimensions presented in Figure 

2.16); with lumped-port excitation at the antenna probe vias (used for all simulations in 

this project), and with the feed network captured in HFSS, using the CAD model 

presented in Figure 2.4 for the MEMS switches.  The latter simulation setup take into 
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Figure 2.15:  Multi-layered PCB stack-up with commercial-grade laminates. 

account the entire feed network, especially the signal splitting of in-phase and 

quadrature-phase components (needed for CP) results in ground return currents, and 

both the feed network and ground currents are radiating, causing a significant 

degradation in the Xpol level.   

As such, with the design target for cross-polarization at <-20 dB below the main 

beam, expected measured values for CP modes will fall within -9 dB to -15 dB, with the 

network as the main Xpol radiating mechanism. 

 

2.5  Hardware and Measurements 

2.5.1  2 GHz Antenna Element  

The PCB stack-up is shown in Figure 2.15, with the antenna elements on the top-

side, the reconfigurable microstrip feed network on the bottom side, and an embedded 

layer for reference ground definition for both sides.  The RO4000 laminates [35] have 

more loss and higher r than typical PTFE-based laminates intended for antenna 

applications (e.g. RT/Duroid 5000 series), but cost a fraction of the RT5000 series, are 
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Figure 2.16:  Hardware realization of 2 GHz microstrip antenna; (a) front view, 

back view of (b) reference antenna, and (c) antenna with feed network for full 

polarization diversity (MEMS devices shown in insert). 

 

compatible with conventional FR-4 PCB fabrication processes, do not suffer from 

warpage or de-lamination in multi-layered PCB lamination process, and are a good 

candidate for antenna elements with active circuitry, as used in satellite DBS receivers. 

Substrate thickness of > 0.25” is required for good radiation efficiency, and can 

be achieved with customized laminates, or using the commercially-off-the-shelf (COTS) 

thickness of 0.06” and performing the stack-up as shown in the figure.  The low loss 

(tan= 0.0009) and low relative permittivity (r = 2.2) for Rogers RT/Duroid 5880 

would render it the most suitable candidate for the laminate, but RO4003 was chosen 

instead for it low cost and compatibility with most typical FR-4 fabrication processes.  
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As such, the trade-off for the substrate choice is the degradation of the radiation 

efficiency, which approaches to 60% for an infinite substrate and ground plane.  But as 

we are evaluating a single element in a truncated 4”x4” substrate, the simulated 

radiation efficiency in HFSS is ~ 90%, as the surface waves are not considered by the 

solver (and our measurements) for the single element on a finite substrate. 

Figure 2.16 shows the hardware realization of a 2 GHz antenna on a 4”x4” 

substrate (corresponding to 0.68λ0 by 0.68λ0).  Antenna size is 1.375” by 1.375” (0.23λ0 

by 0.23λ0), and each linear mode is fed by a pair of 0/180° feed-lines as shown in Figure 

2.16b for simplicity.  Measured radiation efficiency (with losses for feedlines de-

embedded) is 86%, which is 0.3 dB lower than simulated radiated efficiency of 93%, 

mainly due to the losses from surface roughness in the antenna and feed vias not 

considered in the simulations. 

 

2.5.2  2 GHz Antenna with Full Polarization Diversity 

Hardware realization of a 2 GHz antenna element with full polarization diversity 

is shown in Figure 2.16c.  The feed network corresponds to schematic in Figure 2.9b, 

with the following impedance conditions for the TLIN segments:  

Zin,ant = 50 Ω,    Zoant = 100 Ω 

Zo90 = 29 Ω,   ZoIN = 31.5 Ω, length 41° 

Figure 2.17 presents the measured input reflection coefficient of the 

reconfigurable antenna at various switch configurations. It is seen that the antenna is 

well matched at 2 GHz in all four states.  The match is > 14 dB for all polarizations, and 

is consistent with simulated response.  Figure 2.18 presents the measured pattern, and 

they verify the proposed concept.  Measurements are performed in Qualcomm Research 

Laboratory’s Satimo antenna chamber using Stargate-32 measurement system [36].  

Peak directivity is ~ 5 dB for linear modes, and ~ 4 dB for circular modes.  
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Figure 2.17:  Measured return loss responses for 2 GHz antenna with full 

polarization diversity (Figure 2.16c). 

 

Measured efficiency is ~ 67%, which includes ~ 0.76 dB of feed network losses.  

De-embedded radiation efficiency accounting for the network losses is ~ 80%.  Good 

Xpol levels (<-20 dB) are obtained for the LP cases (Figure 2.18c & d) which 

corresponds well to simulations.  Measured level of Xpol (-14 dB) for the CP cases are 

significantly higher than the simulated cases (<-20 dB), with reasons presented in the 

preceding section.  
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Figure 2.18: Measured (a) gain, (b) efficiency, and normalized patterns for (c) HP, 

(d) VP, (e) LHCP and (f) RHCP modes, for 2 GHz antenna with full polarization 

diversity (Figure 2.16c). 
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Figure 2.19:  Hardware realization of L-band microstrip antenna with frequency 

agility; (a) front view, back view of (b) reference antenna, and (c) antenna with feed 

network for full polarization diversity. 

 

2.5.3  Microstrip Antenna with Wide Frequency Span 

Figure 2.19 shows the hardware realization of a 1” x 1” square microstrip 

antenna with frequency tuning loading (Figure 2.19b) with unloaded resonance of 2.1 

GHz, and is used as reference antenna for measured center frequency and bandwidth.  

Substrate size of 4”x4” corresponds to 0.35-0.7 λ0 at 1-2 GHz.  The simulated radiation 

efficiency with a 3D EM solver is 93% at 2.1 GHz, and the measured radiation 

efficiency is ~86%, corresponding to ~0.34 dB of via and connector loss which are not 

accounted in simulations.   
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Figure 2.20:  Measured return loss responses for reference antenna at various Vbias 

(LP, Figure 2.19b). 

 

Skyworks SMV1234 tuning diodes are used in back-to-back configuration 

(Figure 2.6b), and are implemented on the microstrip feed network layer instead of the 

antenna layer, to reduce on the discrepancy between the simulated and measured bias 

voltages from the TLIN phenomenon (Figure 2.7).  Plated via diameters of 0.06” are 

used for tuning diodes and feeds to reduce on via inductances.  The antenna is at DC 

ground potential through the use of a ground via at the center of the antenna for 

convenience of diode biasing implementation. 

Measured VSWR for the reference antenna is presented in Figure 2.20 for LP 

modes.  Measured and simulated resonance frequency and series capacitance are 

compared in Figure 2.6a, and a good match for the resonances is obtained with 

measurements from the use of the TLIN models.  Good match is obtained for 0.86-1.53 

GHz (1.78:1 tuning range).  Better VSWR for higher frequency region (higher Vbias) in 

measurements is due to higher diode losses in the measurements than captured from the 

suggested non-linear diode model in the datasheet [26].  Back-simulations from VSWR 

measurements reveal a series resistor with fixed value of 0.8 Ω adequately capturing the 

diode losses across full range of bias voltage conditions. 
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Figure 2.21:  Measured gain and directivity for reference antenna versus (a) bias 

voltage and (b) frequency (LP, Figure 2.19b). 

 

Gain measurements are presented in Figure 2.21 and they correspond well with 

HFSS simulations.  Higher losses in measurements at higher frequencies/bias voltages 

are from the additional diode losses not accounted for in measurements.  Measured Xpol 

of < -20 dB are obtained for all LP cases. 

 

 

2.5.4  Microstrip Antenna with Full Polarization Diversity across 1.15-

1.55 GHz 

Hardware realization of a microstrip antenna element with full polarization 

diversity across a frequency span is shown in Figure 2.19c.  The feed network 

corresponds to schematic in Figure 2.9b, with the following impedance conditions for 

the TLIN segments (center frequency = 1.3 GHz), which, together with the port 

impedance presented by the MEMS switches at all operating stages, provide the widest 

operating bandwidth:  

Zin,ant = 35 Ω,   Zoant = 70 Ω 

Zo180 = 45 Ω,   Zo90 = 36 Ω 

ZoIN = 37 Ω, length 64° 
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Figure 2.22:  Measured return loss for the four polarization states with various bias 

conditions. 
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Measured return loss is presented in Figure 2.22 for various bias conditions.  An 

excellent impedance match for (linear) VP and HP modes is obtained at 0.9-1.55 GHz 

(1.72:1 tuning range).  Also, good impedance match for both CP modes are obtained at 

1.15-1.55 GHz (1.4:1 turning range). As mentioned above, CP modes suffer a phase 

deviation of up to 30
o
 at 1.1 GHz due to the fixed feed network designed with 180

o
 at 

1.3 GHz.  S11 measurements agree well with simulations. 

The pattern measurements were performed in a Satimo system antenna chamber 

with 50 MHz steps.  The normalized pattern measurements are presented in Figure 2.23, 

and low Xpol levels are observed for the LP cases, which is consistent with simulations. 

Again, measurements agree well with simulations (not shown) except that Xpol levels of 

-9 to -15 dB are observed for the CP cases.  Reasons for the Xpol levels are presented in 

the preceding section, and re-simulations of the antenna element with the feed-network 

effects are presented in Figure 2.24.  In the future, proper packaging techniques to 

isolate the feed network should minimize this Xpol degradation. 
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Figure 2.23:  Measured antenna patterns of all four polarization modes for various 

bias cases: (a) 2 V bias, (b) 4 V bias, (c) 8 V bias and (d) 15 V bias.  First column for 

HP modes, second column for VP modes, third column for LHCP, and last column 

for RHCP. 
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Figure 2.24:  Measured and simulated axial-ratio for circular polarization modes. 

 

 

 

 

 

 

 

 

Figure 2.25 presents the measured directivity, gain and efficiency.  The 

directivity was obtained from the measured patterns in two ways with similar results: a) 

calculated from measured gain and measured efficiency, and b) performing 3D 

numerical integration of the measured pattern.  The measured gain and efficiency are 

lower than simulations and this is due to the diode Q (typically lower than the data sheet 

at 1-2 GHz), surface roughness of the microstrip antenna and feed network not being 

considered in HFSS simulations, and higher Xpol levels obtained in the measurements 

than predicted in simulations. Unexpected additional losses from nickel-gold plating in 

the feed network will be presented in the following chapter.  In comparison, the antenna 

efficiency using MEMS varactors should be ~30% at 1 GHz (Figure 2.8). 

 

 

 

 



 

 

42 

 

Figure 2.25:  Measured vs simulated directivity, gain, and efficiency for all cases of 

biasing and polarization modes. 

 

 

2.5.5  Microstrip Antenna with Full Polarization Diversity and 

Frequency Agility with Single MEMS Switch 

By exploiting the phase difference from offset resonances of the two LP modes, 

Figure 2.10 presents an implementation for full polarization diversity with the use of 

only 1 MEMS switch.  The setup in Figure 2.26 with the reference antenna from Figure 
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Figure 2.26:  Setup for conceptual verification of CP excitation (measurements in 

Figure 2.27). 

 

2.19b and external phase-matched cables and power combiner was implemented to 

identify the CP excitation. 

Measured response for circular polarization is presented in Figure 2.27 for 1-1.5 

GHz.  Measured Xpol patters differ from those presented in Figure 2.23.  Similar to the 

preceding case, the signal splitting of in-phase and quadrature-phase components 

(needed for CP) and ground return currents from the two connectors into the external 

cables and combiner, and the “extended” feed network are radiating together to form the 

resulting Xpol pattern.  Planar implementation of the complete feed network (together 

with adequate EMI shielding) will reduce the Xpol effect. 
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A fixed bias offset (δV) was applied to both LP states in this demonstration.  

More precise bias offset values are required for higher frequency regions where Vbias 

changes rapidly for the same frequency shift.   

Replacement of the setup in Figure 2.26 with an Omron MEMS switch on a 

demo board (as described in Section 2.2.2) was measured (but not presented for 

brevity).  No additional matching was done for these measurements.  Performances for 

linear cases are similar to those presented in Section 2.5.3, since the switch is matched 

for single output case.  Pattern response for circular polarization cases are similar to 

those presented in Figure 2.27.  Good VSWR was obtained for LP cases, but only ~ -4 

to -6 dB match was obtained for the CP cases.  Xpol for linear polarization cases are 

consistently < -20 dB, but ~ -9 dB to -13 dB for CP excitations, due to the additional co-

radiation of the external feed network of cables and additional switch PCB containing 

the in-quadrature phase currents.   
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Figure 2.27:  Measured CP normalized patters, for cases of (a) 1.68 V bias, (b) 2.48 

V bias, (c) 4.5 V bias, and (d) 9.76 V bias. 
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2.6  Conclusion 

A microstrip antenna with full polarization capabilities across a tuning range of 

1.15 GHz to 1.55 GHz is presented.  Conceptual demonstration for alternate solutions 

with single switch device for 3 or 4 polarization states are presented for 1 GHz to 1.5 

GHz.  Good correlation with simulations and measurements are obtained.  The work can 

be extended to one and two-dimensional arrays of microstrip antennas. Better 

efficiencies, linearity and power handling can be obtained using RF MEMS switched 

capacitors which are now becoming commercially available for the 0.7-3 GHz range 

[4],[5]. 

Chapter 2 is based on and mostly a reprint of the materials that has been 

published in IEEE Trans. Antennas Propag. (May 2014) and Proc. IEEE Antennas 

Propag. Symp. (Jul 2013, 2012, 2010), Kevin M. Ho and Gabriel M. Rebeiz.  The 

dissertation author was the primary author of these materials. 
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Chapter 3  

Compact X-Band FMCW Phased Array Receiver 

with Packaged CMOS Phased Array RFIC chips 

 

3.1  Overview 

3.1.1  Compact T/R Modules and Integrated Phased Arrays 

Utilizing the advances in packaging and assembly techniques, modern T/R 

modules are typically based on solid-state technologies for planar implementation and 

interface, and assembled on multi-layered platforms.  Active and control devices are 

usually developed with gallium arsenide (GaAs) based monolithic microwave integrated 

circuit (MMIC) technology.  Low-temperature co-fired ceramics (LTCC) exemplifies 

ceramic-based solutions for multi-layered planar technology (Figure 3.1a), and 

conventional FR-4 based printed circuit boards (PCBs) represents majority of organic-

based counterparts (Figure 3.1b [37]). 

Direct implementation of components and devices on the same planar platforms 

with the antenna elements allows for further size reduction and (depending on the details 

of the chosen process and materials) some degree of cost reduction.  Examples of 

electronically scanned arrays with direct circuitry and planar antenna array integration 

(for broadside arrays) on PCB includes [38] at X-band for unmanned ground sensor 

(Figure 3.2), and [39] at X-band for satellite communications.   
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Figure 3.1:  T/R modules (a) on LTCC for X-band application, and (b) FR-4 PCBs 

for L/C band [37]. 

 

 

Figure 3.2:  Compact X-band FMCW radar; (a) front view and (b) back view of 

antenna array and feed network, and (c) complete radar module [38]. 
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Figure 3.3:  Phased array on PCB with end-fired slot antennas [41]. 

 

 

 

Figure 3.4:  Planar Ka-band phased array on LTCC; (a) cavity-backed antenna 

elements and (b) back-view with RF circuitry [43]. 

 

 

 
 

Further PCB examples for wider bandwidth requirements include [40] with 

planar antenna arrays for multi-functional radar applications, and [41]-[42] with end- 

fire slot arrays for military airborne platforms.  Demonstrations for alternative platforms 

include [43] on LTCC at Ka-band for mobile satellite communications, [44] on liquid 

crystal polymer (LCP), and [45] for a novel method of wafer-level integration with thin-

film dielectric on silicon.  Though [44] is not an electronically-scanned array, it is worth 

noting its novel 3D integration of all the functionalities in a very compact form factor 

using PCB and LCP materials. 
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Figure 3.5:  Integrated 3D array on LCP for K-band [44]. 

 

 

 

 
 

Figure 3.6:  Phased array with RFIC on thin-film dielectric on silicon at wafer-level 

integration [45]. 
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The recent advances of SiGe and CMOS for phased-array applications have 

resulted in very complex transmit/receive chips with 4-16 channels at X to W-band 

frequencies [46]-[54]. These chips not only provide multiple RF channels, but also, a 

Wilkinson combiner/divider, and advanced digital control functionality.  This 

significantly reduces the complexity of the PCB routings allowing for phased-arrays 

with a short development time. Furthermore, these chips can be packaged in low-cost 

commercial plastic quad-flat no leads (QFN) packages, and can be placed on the PCB 

using automated surface-mount-technology assembly, thus eliminating  manual 

assembly and increasing the reliability of the phased-array panel.  

  

3.1.2 Chapter Overview  

Directly integrating receiver phased-array RFIC chips presented in [47] on 

commercial-grade multi-layered PCB stack-up, this chapter  presents the development 

efforts of a receiver phase array as part of an X-band FMCW unmanned portable 

compact radar shown in Figure 3.2 [38].  Focus for this work is on performance 

degradation arising from both RFIC-PCB integration for wire-bond and QFN packaged 

assembly solutions, and use of commercial-grade laminates for antenna arrays. 

Requirements for the antenna array are first presented, followed by overall active 

array architecture implementation and simulated passive array performance.  Linear 

array design methodology will be presented.  Architecture and key performance for 

RFIC phased-array receiver chips are presented in brief, with the materials presented 

from [47].  Comparison of isolation and matching performance arising from both wire-

bonded and QFN-packaged RFICs assembled on PCBs will be presented next.   

Performance degradation from commercial laminates is presented next. Starting 

with the impact on antenna arrays, discussions are geared towards potential scan 

blindness and radiation efficiency.  Focus is next on phase velocity deviations and 

apparent dielectric relative permittivity (εr) values of laminates with significant surface 

roughness.  Findings on additional losses arising from gold-nickel plating for PCB 

surface finishing are presented.  Finally, hardware realizations and measurements are 

presented for antenna element and active receiver array.  
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3.2  Phased-Array Antenna 

3.2.1  Array Specifications and Overall Architecture 

Targeted application for the receiver array was for unmanned ground sensor, 

with one dimensional scanning capability in the azimuth plane.  Together with another 

transmit phased array, this receiver array is intended to be part of an FMCW compact 

radar system operating at X-band.  Full radar hardware system is presented in Figure 

3.2.  Pattern requirements for the antenna array includes a fan beam with azimuth 

scanning of 45°, half-power beamwidth (HPBW) of ~12°
 
in the scan azimuth plane, and 

~25° in the fixed elevation plane.  Operating frequency can be chosen to be at any 

frequency within 8.5-9.5 GHz, with instaneous operating bandwidth of 75 MHz.  Array 

size should not exceed 5.9” by 3.7”, to fit to chassis aperture of an existing sensor 

system.  Antenna gain required > 18 dB. 

A linear array of 8 channels with physical channel separation of ~ 0.5 to 0.55λ0 

satisfies the HPBW requirements in the azimuth plane while staying within 5.9” in size.  

Independent phase and amplitude control for these 8 channels allows for phase scanning 

ability and sidelobes reduction respectively in the azimuth plane.  2 4-channel CMOS 

RFIC receiver chips are used to provide the 8 channels of RF front-end circuitry for the 

receive array.   

For higher gain and HPBW requirements in the fixed beam elevation plane, each 

channel comprises of 4 elements of in-phased microstrip antenna elements spaced ~ 

0.6λ0 apart while staying within 3.7”.  Figure 3.7 shows the proposed implementation 

for the 4x8 active receiver array, with a single PCB stack-up for the 4x8 antenna array, 2 

RFIC phased-array chips, 2-way Wilkinson power combining, and all the required 

digital and DC routings.  Implementation for transmitter array will be similar, with the 

RFIC receiver chips replaced with transmitter chips. 

Finally, without any physical constrains imposed on the back side of the array, 

slot-coupled microstrip fed microstrip antenna array is implemented, allowing the 

choice of substate εr and thickness independently chosen to address problems or 

optimizing performance for both antenna elements and the feed network.  The RFIC 
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Figure 3.7:  Overall architecture of RFIC receive phased array antenna. 

 

 
receivers can be directly implemented on the same microstrip layer as the antenna feed 

network for minimizing on loss, as compared to requiring plated vias for layered 

interconnections for separate RFIC interface and antenna network layers. 

 

3.2.2  Antenna Element and Linear Array Design 

Figure 3.8a and Figure 3.8b presents calculated radiation efficiency and 

bandwidth for microstrip antenna on RO4003 laminate (εr = 3.55, tanδ = 0.0027).  

Theoretical calculations are based on [28]-[30] and [55], and they matches well with 

IE3D simulations.  2 ply of RO4450B prepreg (εr = 3.54, tanδ = 0.004, thickness = 

0.004” per ply) are added to the laminate’s thickess for the IE3D simulations.   

IE3D simulated directivity, gain (Figure 3.8c), radiation efficiency and antenna 

efficiency (Figure 3.8d) are presented for cases of implementation with 0.032” and 

0.06” substrate thickness.  Antenna efficiency considers the input impedance mismatch 

factor.  0.06” substrate thickness (= 0.068” in Figure 3.8 for additional 2 ply of prepreg) 

is chosen for its bandwidth of 600 MHz while having > 60% radiation efficiency (= 
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Figure 3.8:  Theoretical calculations and IE3D simulations for (a) radiation 

efficiency and (b) fractional bandwidth vs substrate height, and IE3D simulations for 

(c) directivity, gain and (d) radiation and antenna efficiency for microstrip antenna 

on 0.032” and 0.06” thick RO4003 laminate. 

 

66%).  Though operating bandwidth is only 75 MHz, the wider flat-band response for 

the will allow for operation at slight offseted frequencies, and less fluctuations to scan 

impedance variations.  Normalized back-radiation is -15 dB. 

Simulated normalized patterns for 8-channel array in the azimith scan plane are 

presented in Figure 3.9 for maximum scan angles, with rectangular antenna element size 

of 0.28λ0 by 0.2λ0, and element spacing of 0.53λ0. Though intended application is up to 

45° beam-scan away from broadside, case of 60° is also looked into for the studies, and 
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Figure 3.9:  8-channel linear array with 0.53λ0 element spacing (blue), microstrip 

antenna H-plane (green), and microstrip array (red) normalized patterns; (a) 45° and 

(b) 60° scan with uniform distribution. 

 

 

Figure 3.10:  Feed network for 4-element linear array. 

 

presented here. 

Orientation of microstrip antenna element is such that scan plane is the H-plane 

to avoid potential scan blindness (as discussed in next section), and to minimize on 

grating lobes.  For case of 45° beam scan, ~ 3.5 dB of truncation from the H-plane 

element pattern on the main beam will bring the first sidelobe to ~ -10 dB below the 

main beam (Figure 3.9a).  For 60° scan cases, the edge truncation from the H-plane 

pattern is insufficient to sufficiently reduce the onset of the grating lobe (Figure 3.9b), 

and reducing element spacing to 0.5λ0 will reduce it to < -10 dB below main beam. 

 To minimize on both loss and complexity of design, the 4-element feed network 

can be independently designed from the antenna element in a serial feed manner as 

presented in Figure 3.10.  With equal power division to each antenna element, the power 

split ratio in the N
th

 junction can be expressed as: 

NP dBsplit 10, log10      (3.1) 
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Main branch is maintained at 1 guided wavelength (λg) always, to optimize on 

bandwidth and minimize on losses and routing complexity. Substrate εr can be 

independently chosen to match to the range of desired spatial separation of the antenna 

elements (i.e ~ 0.6λ0 in this case).   

A common phenomenon faced with commercial-grade laminates is the increase 

in effective permittivity arising from various factors (presented in next section). For case 

of εr = 3.66 (for RO4350), apparent εr of up to 4 leads to additional 15° of phase 

progression.  For element spacing of 0.6λ0, that corresponds to 4° of tilt by the main 

beam, which can be determined based on the following expression: 
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where θTB is the new tilted main beam, α’ the additional phase progression, α0 

the original phase progression (=0° in this case), and a the element spacing of the linear 

array.  

 

3.3  RFIC Phased-Array Receiver Chips 

The  RFIC receiver (Rx) chips are fabricationed on a low-cost 0.13-μm CMOS 

technology, with an fT of 100 GHz at bias current of 0.1 mA/μm and an minimum noise 

figure (NFmin) of 0.8 dB at 10 GHz (IBM8RF, Figure 3.11).  Single-ended grounded 

coplanar-waveguides (CPW) are used in the receiver chip, and differental CPW for the 

transmitter chip.  Typical Q of ~ 15 are obtained for inductors, which are simulated in 

Sonnet.  Capacitors are implemented with metal-insulator-metal (MIM) capacitors, and 

have Q >  20 at 10 GHz.  nMOS capacitors are used primarily for decouping and 

isolation purposes, together with trenches as isolation walls for the latter intents.  Digital 

signal routings are done using M2 or M3 layers, and are shielded by M1, MQ and LY 

layers as ground planes to isolate the digital switching noise from the RF analog path.   
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Figure 3.11:  IBM8RF stack-up. 

 

 

Block diagram for Rx chip is presented in Figure 3.12a.  Featuring all-RF 

architecture design (phase shifting and signal combining in the RF domain), the Rx chip 

features 5-bit phase shifter with lowest bit as a trim-bit, and 4-bit variable gain to reduce 

on r.m.s. gain errors.  After correcting for gain errors of ~2-3 dB, ~ 4-5 dB of gain 

variation is available for antenna pattern shaping & sidelobe suppression.  

Microphotograh of the chip is presented in Figure 3.12b, and chip size is 2.9x2.5 mm
2
. 

 

 

 

The measured on-chip performance is summarized in [47] and shows a gain of 

~10 dB per channel, an input P1dB of -12 dBm (input IP3 of -3 to -4 dBm), and a NF < 

3.7 dB at 9-9.5 GHz.  The CMOS chip can be used together with a GaAs LNA (on every 

antenna) with 17 dB gain and 0.6 dB NF and results in a total channel gain of 27 dB, 

input P1dB of -26 dBm and a receiver NF < 0.8 dB (not including the antenna loss).  The 

combined GaAs+silicon receiver would be competitive for point-to-point 

communications, and in long-range FMCW radars for perimeter detection.  
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Figure 3.12:  Block diagram (top) and microphotograph (bottom) of 4-channel 

phased-array receiver chip [47].  
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Figure 3.13:  (a) RFIC on PCB, and current flow from PCB to RFIC through wire-

bond interface for (b) signal, (c) ground return for microstrip launch, and (d) ground 

return for CPW launch. 

 

3.4  RFIC-PCB interface 

3.4.1  Wire-bond and QFN-packaged RFICs Assembly on PCB 

Both impedance matching for every channel, and isolation between adjacent 

channels, are concerns for PCB-RFIC interface of phased array RFICs, with 

performance degradation through the PCB or through the package too for 

implementation of packaged chips.  Matching degradation is primarily from the 

bondwire inductance, followed by any shunt capacitance from PCB pads or packaging 

material which brings the response to a distributed behaviour.  

The return  ground current forms the primarily source of isolation degradation, 

and has to be adequately identified for high isolation performance.  As compared to 

MMICs, signal reference for RFICs may not be as obvious.  Unlike microstrip on PCBs 

or MMICs where the bottom-most of the substrate or die is the microstrip signal’s 

ground plane, RF routings for RFICs resides in a thin silicon-oxide (SiO2) layer of ~ 10 

um above a 250 μm thick silicon die.  Signal reference is introduced from the ground 
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Figure 3.14:  (a) QFN packaged RFIC on PCB, and current flow from PCB to RFIC 

through QFN package interface for (b) signal, (c) ground return for microstrip 

launch, and (d) ground return for CPW launch. 

 

pads in the ground-signal-ground (GSG) launch, which may not necessarily be of the 

same potential as the die’s bottom-most ground plane. 

Figure 3.13a shows a 4-channel RFIC directly assembled on a PCB with 

bondwire-interface.  Typical length of the bondwire is 0.025”, corresponding to free-

space self-inductance of ~0.45 nH.  Similarly, Figure 3.14a shows a QFN package 

assembled on PCB, together with the 4 input channels of the assembled RFIC in the 

package.  The bond-wires for ground potential are bonded directly on the package 

pedestal, to minimize on the bond-wire length and hence on the bondwire inductance.  

Typical bondwire length ranges from 0.055” to 0.066”, corresponding to ~1.2-1.6 nH 

inductance for a wire of that length in free-space.  0.0133” thick RO4350 substrate is 

used in the simulations (εr = 3.66, tanδ = 0.0038). 
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The QFN package is a commercially available 6x6 mm
2
 40-lead QFN package, 

and its model is directly available from Amkor as an ADS Design Kit library component 

[57].  Both plastic-moulded and air-cavity packages are considered in the studies.  

Plastic moulding material is found between the package leads for air-cavity packages.  

Electrical properties of the moulding compound are εr ~ 3.7 and tanδ ~ 0.009. 

Figure 3.13b and Figure 3.14b shows the flow of an RF signal from the PCB to 

the RFIC, and Figure 3.13c and Figure 3.14c the path undertaken by the signal return if 

microstrip transmission lines are used for the PCB interface to the die/package.  This 

ground return path is negligible at lower frequencies and deviates more significantly 

from the signal path with decreasing wavelengths. 

Coplanar waveguides (CPWs) allows most of the ground return to propagate at 

the top PCB surface together with the RF signal (i.e. “co-planar ground”), and (Figure 

3.13d and Figure 3.14d) the ground return now undertakes a shorter path.  As such, lead 

pads has to be dedicated for facilitating mechanism of ground returns (shown as “gnd” 

in both figures).  This limits the availability of leads available for routing other signals, 

and in some cases dictates the package side required based on the lead-count, having the 

package to be much bigger than the actual chip size and much longer bondwires 

required for the chip-package interface.  Nevertheless, significant improvement in 

isolation across a wider frequency band is observed with such CPW launch (esp for 

QFN case in Figure 3.14d) as compared to conventional microstrip lauch. 

 

3.4.2  Inter-channel Isolation 

Figure 3.15 presents on the inter-channel isolation resulting from the various 

PCB-RFIC interface implementation methods.  CPW launch and microstrip lauch cases 

are presented in the left column and right column respectively.  These simulations 

assumes the presence of internal vias in the RFIC chips across the 250 µm thick silicon 

layer to the die bottom-most layer. 

Isolation for wire-bond implementation setup in Figure 3.13a is presented in 

Figure 3.15a.  40 dB of isolation or better is obtained for CPW launch (Figure 3.13d) for 

worst case of adjacent channels.  The absence of internal vias shorting RFIC 
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intermediate ground layer to the die bottom-most layer corresponds to ~ 10 dB of 

relative degradation, as presented in [54] of ~ 30-40 dB for all cases across X-band.  

Microstrip launch (Figure 3.13c) further degrades isolation to 28 GHz at 9 GHz, and 

worst case of within 20 dB at 20 GHz.  The short wire-bonds ensures the highest 

possible isolation for adjacent channels/pads interface from chip to board. 

Setup for isolation investigations is presented in Figure 3.14a for QFN-packaged 

RFIC chips on PCB, and HFSS simulated responses for plastic-moulded and air-cavity 

QFN packages presented in Figure 3.15b and Figure 3.15c respectively.  For plastic-

moulded QFN packages, isolation is  ~ 35 dB at 9 GHz for worst case of adjacent 

channels with CPW launch, as compared to 27 dB for microstrip launch.  This isolation 

quickly degrades to < 10 dB at > 16 GHz for case of microstrip lauch, while staying 

constant at > 32 dB up to 20 GHz for case of CPW launch, illustrating the growing 

importance of the ground return routings for increasing operating frequencies. 

Slight improvements in isolation (~1 dB at 9 GHz) are observed for air-cavity 

QFN packages.  As the dominant coupling mechanism arises from inductive coupling 

between the bond-wires in the package, absence of plastic-mould materials will have 

minimal impact on the isolation.  The dominant coupling mechanism can be further 

verified with the forward-wave coupling reflecting phase for adjacent channel or port at 

DC (i.e. S16 in Figure 3.13a), which is lagging (i.e. = -90°) for dominant inductive 

coupling, and not leading (i.e. = +90°) which is the case for dominant capacitive 

coupling.   

For microstrip launch on wire-bond interface, with sufficient shorting vias in the 

RFIC shorting the intermediate ground plane to the die bottom-most layer, and located 

located close to the RFIC launch pads, up to 12 dB of worst case isolation can still be 

achieved at 20 GHz, and 27 dB at 9 GHz (Figure 3.15a, right column).  Note these 

values varies with substrate variations.  Also, for QFN implementation, though offering 

27 dB of worst case isolation at 9 GHz, direct microstrip launch degrades significantly 

at higher frequencies in Ku-band region, with the plastic moulding material offering 

some sufficienly high capacitance for invoking resoanace.  The partial removal of 

plastic moulding material in the air-cavity region allevates the problem to some extent.  



 

 

63 

 

Figure 3.15:  Isolation for PCB-RFIC interface with (a) wirebond, (b) plastic-

moulded QFN package, and (c) air-cavity QFN package; for CPW-launch (left) and 

microstrip launch (right). 

 

CPW launch with minimal differences in the signal-ground path will be strongly 

recommended for best isolation performance with QFN package interface. 
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Figure 3.16:  Simulated input impedance of RFIC-PCB interface with wire-bond 

and (plastic moulded and air-cavity) QFN, with matched termination at RFIC port. 

 

 

 

3.4.3  Input impedance 

Terminating the RFIC port with 50 Ω match, input impedance seen from the 

PCB port for individual channel is presented in Figure 3.16.  0.45 nH of series 

inductance is obtained for case of wirebond with CPW launch.  That same bondwire 

translates to > 0.55 nH with microstrip launch, with the additional inductance arising 

from the path difference between the signal (Figure 3.13b) and the ground return (Figure 

3.13c).  Inadequate grounding within the RFIC die will further degrade this value to ~ 

0.7 nH, which is the commonly encounted bondwire inductance approximation. 

Resonance is encountered for QFN package interface, at 12 GHz and 14 GHz for 

plastic-moulded and air-cavity packages respectively.  The plastic moulding material 

(especially at the leads) forms a shunt capacitance component, which self-resonates with 

the series inductance from the long bondwires, and presents a high impedace to the PCB 

input.  Though successfully implemented for X-band in [53], caution and careful design 

is to be exercised for Ku-band implementation. 
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Figure 3.17:  Fitted RLC model for CPW-launch PCB-RFIC interface with (a) 

wirebond, (b) plastic-moulded, and (c) air-cavity QFN packages. 

 
A better tool for performing on-board matching is to use the fitted RLC model, 

presented in Figure 3.17.  Distributed models fits the S-parameter responses perfectly 

for cases with QFN packages (Figure 3.17b for plastic-moulded QFN, and Figure 3.17c 

for air-cavity QFN).  Though these models fits the S-paramters well and are adequate 

for most matching purposes and frequency-domain simulations, they are not necessary 

causal, and are not appropriate for time-domain transient simulations.  

 

3.5  Commercial-Grade PCB for Antenna Arrays 

3.5.1  Commercial Grade Laminates 

Commerical grade laminates for high frequency applications includes Rogers’ 

RO4000 series, Nelco’s N4000-series, Panasonic’s Magtron 6 and  Isola GigaSync.  

Table 3.1 lists some of these laminates.  Typical εr values are 3-4.4, and tanδ of 0.003-
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Table 3.1:  Commercial-grade laminates suited for FR-4-based multi-layered PCB 

lamination process and assembly. 

Manufacturer Series εr tan δ Remarks 

Rogers 

RO4003 3.55 0.0027 hydrocarbon/ceramic,  

glass-reinforced RO4350 3.66 0.004 

RO4450B 3.3-3.54 0.004 prepreg 

Panasonic 
Megtron 6: R-5775 3.4 0.004 epoxy-resin 

Megtron 6: R-5670 3.2 0.004 prepreg 

Isola GigaSync 4.13 0.0066 epoxy-resin 

Taconic Orcer RF35P 3.5 0.0037 
organic-ceramic 

woven glass 

Nelco 
N4000-13 SI 3.7 0.007 

epoxy-resin 
N4800-20 SI 3.55 0.006 

 

0.009.  These boards are usually epoxy-resin based, or hydro-carbon ceramic based for 

materials from Rogers, and are more firm for handling and process-compatible with FR-

4 fabrication facilities, translating to higher fabrication and lamination successes for 

multi-layered sequential lamination processes.  These materials will be strongly 

recommended for complex multi-layered planar construction, and is required for low-

cost development of phased arrays through the goal of direct integration of the antenna 

elements with active devices. 

For the same operating frequency, higher εr translates to increase in substrate 

electrical thickness, which results in higher normalized propagation constant for the 

TM0 surface waves mode.  Problems associated with surface waves includes onset of 

scan blindness possibilities, and reduction in space-wave efficiency. 

Microstrip antennas benefits from laminates with low εr and low tanδ.  Low εr 

allows for wider scan angles or thicker substrates without triggering surface waves (and 

scan blindness).  Both factors (low εr and low tanδ) allows for high radiation efficiency.  
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For these reasons, RT5880 (εr = 2.2, tanδ = 0.001) and RT5880LZ (εr = 1.96, tanδ = 

0.0013) laminates are the most ideal for microstrip antenna arrays and phased array 

antennas.  Using commercial grade laminates increases the chances for scan blindness 

triggering and unexpected degradation in full-array efficiency.   

Other problems involves the microstrip feed network.  They includes apparent 

increase in εr values (and decrease in measured phase velocity) and higher conductor 

losses.  The surface roughness between the copper-dielectric interface is responsible for 

both phenomenon, and the microscopic layer of nickel arising from gold-plating of the 

copper surface is a dominant factor for the latter. 

The microstrip feed network for the 4x8 phased array antennas comprises of 4-

element linear array microstrip feed network, CPW feed network from the linear arrays 

to the input of the RFIC receivers, and microstrip feedlines from the RFIC receivers 

output to a Wilkinson combiner to the array connector.  For the 4-element linear array 

(Figure 3.10), accurate determination of transmisison line phase velocity is of 

paramount interest, to ensure the elements are excited in phase.  Isolation and losses are 

of some importance for the CPW feed network.   

 

3.5.2  Scan Blindness Prediction and Avoidance 

Possibilities of incurring scan blindness increases with increasing substrate 

dielectric constant and thickness.  Knowledge of its occurance and avoidence through 

design will avoid this problem.  Two methods of easily predicting the possibilties of 

scan blindness arising from the choice of substrate dielectric constant and thickness are  

I -  calculations of Floquet modes as presented in [58], and  

II - simulation of single antenna element with the use of master-slave boundary 

conditions in HFSS, or similar features in any 3D EM solvers for infinite array 

calculations. 

The first approach does not need licenses for any EM solvers, and is adequate for 

most design purposes and (with pre-computed coefficients or curves) can be determined 

almost instantly.  Besides providing confirmation of the presence of scan blindness, the 

latter approach with HFSS presents deeper insights through the variation of active 
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impedance seen by the antenna element.  It is also noted that 1D scanning is performed 

in the H-plane for the 8-channels array, resulting in a zero possibility of incurring scan 

blindness due to the mismatch of polarization of the radiation fields and the surface 

waves modes, and can be easily verified with the latter method. 

Potential scan blindness for a principle plane can be easily derived from the 

Floquet modes, starting from the following expression [58]: 
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and a and b referring to the array spacing, and m and n the order of the Floquet 

modes along the X-axis and Y-axis orientation respectively.  Propagation constants for 

free-space and surface waves are indicated by k0 and βsw respectively.  Considering a 

fundmental mode of m = 1 and n = 0 for beam scanning along X-axis in a rectangular 

grid array, (3.3) is re-written as 
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with θsb the potential scan angle resulting in scan blindness.  With the TM0 mode 

surface wave propagation constant (βsw) known, this expression serves as a useful quick 

evaluation for predicting potential scan blindness for any given substrate and element 

spacing.  For equilateral grid arrays with equal spacing (a) between every element, a 

factor of 2/√3 to the element spacing can be included in (3.5), which now reads as 
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Figure 3.18:  (a) Normalized surface waves propagation constant (βsw/k0) for various 

dielectric constant values, and (b) potential scan blindness and normalized surface 

waves propagation constant for εr = 3.55. 
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The 2/√3 factor arising from the equilateral spacing of elements translates to the 

1.155 times increase in element spacing for the same scan blindness angle. 
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Figure 3.19:  (a) Cut-off substrate thickness for higher order modes (red) and 

normalized surface waves propagation constant (βsw/k0) for TM0 mode (blue) and (b) 

TE1 mode, for various substrate εr and thickness. 

 
Evaluation and approximation of βsw for TM0 surface wave mode is found in 

[59] and [55] respectively.  Normalized βsw is pre-computed and presented in Figure 

3.18a for εr = 2-5 vs substrate height h.  A steady increase of βsw is observed with 

increasing substrate εr and height.  Figure 3.18b presentes exact and approximate values 

of βsw for εr = 3.55 (for RO4003 laminates), with the approximate values valid till 

substrate thickness of 0.13λ0. 
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Figure 3.20:  Maximum conservative element spacing (a/λ0) for maximum scan 

angle of (a) 15°, (b) 30°, (c) 45° and (d) 60°. 

 
With the normalized surface wave propagation constants evaluated, potential 

scan blindness is easily computed with (3.5) for rectangular grid arrays, and Figure 

3.18b shows the maximum scan angle off broadside allowed before potential scan 
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blindness is triggered, for case of εr = 3.55.  The maximum possible scan angle reduces 

most significantly with the reduction of element spacing from 0.5λ0 to 0.53λ0 and with 

increase of substrate thickness from 0.01” to 0.08”. 
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for the TE modes. 

Figure 3.19 replots, in greater resolution, normalized surface waves (βsw/k0) for 

TM0 and TE1 modes, and cut-off substrate thickness (h/λ0) for TE1 and TM1 surface-

waves modes.  TE1 mode can be avoided for εr = 5, with substrate height < 0.1 λ0 

always.  Cutoff frequencies for the higher order modes can be easily calculated from  

Though H-plane scan does not excite the lowest order surface wave modes 

(TM0), it does excites the next (TE1) mode and scan blindness may still occur for H-

plane scan arrays on thick substrates.  Rearranging (3.5), most conservative element 

spacing (a/λ0) for any maximum scan angle (θmax) without incurring scan blindness can 

be evaluated with 
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Figure 3.20 presents the calculated maximum element spacing for scan angles of 

15°, 30°, 45° and 60°, based on (3.9) for the lowest order surface waves mode from 

Figure 3.19.  Without bandwidth requirements, a recommended practice is ensuring 

substrate height to be within λd/21 (or 0.3 rad), with λd the dielectric wavelength [60]-

[61], i.e. 
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Though most microstrip antenna may be built on substrate with thickness < 0.1 

λ0, there are instances when the substrate thickness is intentionally increased to > 0.1 λ0, 

e.g. for microstrip antennas with U- (or E-) shaped slots for typically > 15-20% 

bandwidth, or with a laminate at the top of the antenna, acting as a superstrate for 

wideband matching or as a radome for practical purposes.  In these instances both 

Figure 3.19 and Figure 3.20 serves as good quick references for scan blindness 

prediction with commercial grade laminates. 

Potential scan blindess can be further evaluated in HFSS using master-slave 

boundary conditions for an element in an infinite array.  Figure 3.21 shows the 

simulated return loss for scanning in both E and H-planes separately for an infinite 

array, with element separation of 0.53λ0 and 0.6λ0 for the scanning and fixed-beam 

planes respectively.  For the case of E-plane scan, scan blindness is revealed in the form 

of almost 0 dB of return loss at the operating frequency with increasing beam scan 

angle.  

With the polarization mismatch of the radiating elements with the surface waves 

in the H-plane, scan blindness will not occur for case of H-plane scan from the lowest 

order TM0 mode.  Instead, increasing scan angles degrades the input match condition to 

~ -6 dB of return loss for 60° (Figure 3.21b).  Figure 3.21c presents the S11 loci for the 

various scan cases for H-plane scan array, and the input impedance becomes 

increasingly capacitive with increasing scan angles in the H-plane.  If choice of 

substrate parameters and element spacing is limited by other factors, for wide H-plane 

scan angle requirements, the individual antenna element can be designed with an 

inductive match at broadside, allowing for a 2:1 VSWR match for all scan angles 

required.  Antenna elements with wider bandwidth than the intended operating 

frequency will also allow for a better match condition across all scan angles. 
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Figure 3.21:  Return loss simulations with HFSS master-slave boundary conditions 

of an infinite array with element spacing of 0.53 λ0 in the scan plane, for (a) both E 

and H-planes scan at 9 GHz, H-plane scan (b) across frequency and (c) Smith Chart 

response. 

 

Further degradation arising from probe-fed antenna arrays are presented in [62], 

which discusses on the presence of a leaky-wave mode that brings the scan blindness 

occurrence at smaller scan angles than those presented in Figure 3.19 and Figure 3.20.  

Singled ended probe-fed antenna element was designed on the same substrate, simulated 

with similar conditions (infinite array, E- and H-plane scan arrays), and return loss 

simulations from HFSS presented in Figure 3.22.  Different probe configurations were 

considered (from 0.012” via diameter, to 0.001” width line source) and similar results 

were obtained, and they do not revel any significant impact from the leaky wave modes 

on the scan blindness. 
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Figure 3.22:  Return loss simulations with HFSS master-slave boundary conditions 

of an infinite array of probe-fed (red) and slot-coupled (blue) element with element 

spacing of 0.53 λ0 in the scan plane, for E-plane scan (left) and H-plane scan (right). 

 
  

3.5.3  Array Radiation Efficiency 

While designing a single microstrip antenna element as part of a electrically 

large array, both resonator loss and surface-wave loss should be considered in depth.  

Resonator efficiency relates to the stored energy of the microstrip patch as a resonator, 

and increases with increasing substrate height.  Conversely, surface wave losses [55] 

increases with increasing substrate height, and is captured as space wave efficiency with 

the following equation: 

swsp

sp

sp
PP

P


        (3.11) 

where ηsp refers to the space wave efficiency, and Psp and Psw power radiated to 

space-wave and propagated as surface-waves respectively.  Total efficiency (ηtot) for 

microstrip antennas can be easily computed from computer-aided design (CAD) 

formulas [28]-[30], and is related to space-wave efficiency and resonator efficiency (ηre) 

with: 

spretot  
 
        (3.12) 



 

 

76 

Surface waves losses are more significant and severe in large microstrip antenna 

arrays as compared to individual antenna elements.  As single antenna elements, the 

power trapped as surface wave mechanism will be re-radiated back to free-space as it 

reaches the edges of the substrate, which ranges from 0.5λ0 to 3λ0  in length for each 

side.  But for large arrays, the power trapped in the surface waves are not able to easily 

re-radiate, as they transverses along the substrate surface.  Besides incurring lower total 

radiated power, they causes higher mutual coupling between the elements, resulting in 

larger deviations in the active impedance.  For an aperture size of 12 λ0 by 12 λ0 for 

application in Ku-band, -3 dB of radiation efficiency (i.e. 50%) could potentially incur 

up to 6 dB of additional total array gain degradation. 

To complicate matters further, for single antenna elements, use of EM solvers 

which computes the field intensity directly in 3D space (e.g. HFSS and CST Microwave 

Studio) will not be able to identify surface wave mechanism.  Most users will be 

designing a single element with some finite substrate size, and the surface waves will be 

either terminated at the substrate boundary, or re-radiated as part of overall radiation 

energy.  As such, the EM simulated efficiency will consistently reflect as ~ 90% 

radiation efficiency, which is the resonator efficiency mechanism.  Space-wave 

efficiency can only be identified from using methods-of-moments (MOM)-based EM 

solvers solving the Sommerfeld equations directly with assumptions of infinite substrate 

and ground plane lateral size (e.g. IE3D and Momentum), or computing CAD formulas 

derived in [28]-[30] for the various efficiency values.   

Figure 3.8a shows the various radiation efficiency mechaisms for RO4003 

substrate, and some IE3D EM verifications.  As resonator efficiency increases with 

increasing substrate thickness to ~ 90%, the overall efficiency is dominated by the 

decreasing space wave efficiency.  Figure 3.23 presents the comupted radiation 

efficiency for various substrate cases.  With increasing substrate thickness, space wave 

efficiency decreases more significantly with higher dielectric constant substrates.   

For case of 0.1” substrate thickness, implementation with Teflon-based RT5880 

(εr = 2.2) incurrs only 78% efficiency, as compared to < 50% for epoxy-resin based 

GigaSync (εr = 4.15) laminates. For most other laminates (e.g. Megtron-6 or RO4350) 
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Figure 3.23:  Computed radiation efficiency for various substrates at 9 GHz. 

 

the expected efficiency can be approximated from these curves.  In most cases HFSS 

will typically reflect only the resonator efficiency mechanism, and in this examples 

reporting radiation efficiency of > 90%.  Without the awareness of low efficiency from 

surface-waves mechanism, unexpected degradation of the full array gain from the use of 

GigaSync (or similar epoxy-resin laminates) will be so much more impactful as 

compared to the use of RT5880. 

Finally, it is worth noting that the simulated return loss from the MOM-based 

solvers will deviate significantly from HFSS simulations, with a consistently larger 

deviation observed for increasing surface waves losses.  Measurements of single 

antenna elements always corresponds much better to HFSS simulations than MOM-

based solvers for both return loss and antenna gain, leading to the negligence of space-

wave efficiency in many cases. 

 

3.5.4  Surface Roughness on Apparent εr Deviation 

RO4000-series laminates with 0.5 oz per-square-feet (psf) of electro-deposited 

(ED) copper cladding (corresponding to 17.5 μm of copper thickness) have a surface 
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roughness of 2.8 μm [63].  This surface roughness resides in the copper-laminate 

interface, and impacts on the propagation by increasing in both losses and inductance-

per-unit-length (LPUL) of the TLIN [64]-[65].   

Impact of the surface roughness on LPUL is not widely appreciated at this time.  

Causing a decrease in the propagation phase velocity, the apparent guided wavelength 

increases and causing measured resonances to consistently occur at lower frequencies 

from intended designs.  A way to identify this mechanism for apparent εr deviation, is 

the observation of decreasing resonant frequency with decreasing substrate thickess for 

the same substrate εr. 

Increase in dielectric constant values used in simulations is suggested for 

ensuring consistency in modeled and measured resonance frequency [66]-[67].  

Unfortunately this method increases the capacitance-per-unit length (CPUL) of the 

transmission line model instead of LPUL which is the true culprit for the change in phase 

velocity.  A consequence is the greater inconsistency of modeled and measured 

characteristic impedace of TLINs, at the cost of accurately reproducing the TLIN phase 

velocity in simulations. 

A more appropriate correction factor to use in existing Jansen and Hammerstad’s 

microstrip TLIN model [68], for consistency in measurements and modeling for both the 

characteristic impedance and phase velocity, is to increase both the apparent dielectric 

constant and substrate height from the values of the actual physical entity.  Sonnet’s 

surface roughness model accounts for LPUL effects accurately [69],[70] and is used to 

compute for the effective dielectric constant and phase velocity for our implementation 

of the 4-element linear array.  

 For the case of a 0.0133” thick RO4350 (εr = 3.66, tanδ = 0.0037) laminate with 

0.5 oz of ED copper cladding, back-calculations from Sonnet’s surface roughness results 

to identify the apparent dielectric constant and thickness of the standard microstrip 

TLIN model is presented in Figure 3.24, which shows the apparent thickness of 

substrate significantly thicker than the physical 0.0133” thickness for the consistent 

characteristic impedance values.  There are a total of 3 distinct factors causing an 
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.  

Figure 3.24:  Apparent substrate height and εr arising from 2.8 µm of Cu surface 

roughness, for 0.0133” thick RO4350 laminate with 0.5 oz ED Cu cladding, 

evaluated at 9 GHz. 

 
apparent change in material permittivity, based on measured resonances of microstrip 

cicuits, and are presented in Appendix A. 

 

3.5.5  CPW Isolation and Losses 

Grounded CPW feed transmission lines are utilized between the 8 4-element 

linear arrays and the inputs to the RFIC receviers for insuring high isolation between the 

channels.  Simulations for grounded CPW transmission lines for isolation evaluation can 

be computationally intensive especially in predominantly planar solvers cause of the 

ground vias. From forward-waves coupling of a pair of coupled lines, a quick simple 

solution for evaluation of isolation performance can be extacted from the of the odd-

even mode phase velocities for a short segment of a pair of transmission lines routed 

parallel to each other using 

 







 


2
sin 2 poe

iso

l
P


        (3.13) 

where Piso is the isolation power (or the square of forward coupling in a 4-port 

coupled line model), lp the length of transmisison lines routed in parallel, and βe and βo 

the propagation constants for the even-mode and odd-mode respectively.  Ensuring 
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isolation of > 40 dB in all segments allows for ~40 dB of isolation in the CPW network, 

which is above the isolation of 35 dB incurred by PCB to RFIC through the QFN 

package interface. Also, the gap in the CPW configuration was kept to a minimum of 

0.005” of signal-ground spacing to further ensure high isolation within a compact board 

area.   

Unfortunately the 0.005” signal-ground gap incurs much higher insertion loss 

than expected, due to the nickel introduced in the electroless nickel gold immersion 

(ENIG) plating finish.  Figure 3.25a shows the zoom-in of a cross-section of grounded 

CPW implementation on PCB, where besides the top of the traces, the nickel and gold 

plating covers the side walls of the copper traces  too.  Field (and hence current) 

concentration on the side-walls for CPW is higher than that for microstrip and increases 

with decreasing signal-ground gap, and thus the ENIG plating impact on losses for CPW 

is significantly higher than that for microstrip.   

The additional losses can be captured in HFSS using layered impedance 

boundary conditions with the nickel and gold layered added as shown in Figure 3.25b 

on CPW with dimensions shown at the top of the figure, for cases of bare copper finish, 

layered boundary conditions (modeling ENIG finishing) at top of traces, and layered 

boundary conditions at top and side of traces.  Measured losses generally corresponds to 

these simulations well.   Unfortunately that may be due to consistent coincidences, and 

is currently lacking of theoretical backings, as the additional loss mechanism is derived 

from the relative permeability (μr) values used in HFSS (default μr = 600 in HFSS, μr = 

100 used in simulations for Figure 3.25b), and μr to converge to unity as frequency 

increases to microwave region [71]-[73] (Figure 3.26,  [71]). 
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Figure 3.25:  (a) Cross-section of CPW, showing nickel-gold plating on the sides of 

the signal-ground gap, and (b) simulated and measured line losses. 

 

 

Figure 3.26:  Relative permeability (µr) of nickel at microwave frequencies [71]. 
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Figure 3.27:  (a) QFN-packaged CMOS RFIC - inside view, and (b) 

assembled on PCB. 

 

3.6  Hardware and Measurements 

3.6.1  PCB Interface for RFIC phased arrays 

Figure 3.27 present the QFN packaged RFIC receivers assembled to the PCB, 

with bias supply decoupling capacitors and electro-static discharge (ESD) protection 

diodes surrounding the chip. Also, RF ESD is provided on the main transmission-lines 

using λ/4 shorted stubs. 

Figure 3.28 presents a test structure of the 4-element feed network with coaxial 

connectors used in-place of the 1x4 antenna elements. The CPW feed length on each 

antenna is 1.3” with a measured insertion loss of ~1.1 dB at 9 GHz. The measured 

isolation is > 40 dB between the different feed lines. The lines are well balanced in 

phase (< 5° variation over 4 lines).  
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Figure 3.28:  (a) Test structure for QFN on PCB, and (b) isolation of CPW 

feed network. 
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Figure 3.29:  Multi-layered PCB stack-up for 4x8 active antenna array. 

 

3.6.2  Antenna Element and Linear Arrays 

Figure 3.29 presents the final PCB stackup implemented for both transmitter and 

receiver arrays.  Rogers RO4003 (εr = 3.55, tanδ = 0.0027) is used for the microstrip 

antenna elements, RO4350 (εr = 3.66, tanδ = 0.0037) for the microstrip feed network 

and interface for surface-mount components, and RO4450B (εr = 3.54, tanδ = 0.004, 

thickness = 0.004” per ply) for the prepreg or thermoset bonding films.  Choice of 

RO4450 over RO4003 for the feed network is to allow for the guided wavelength to be 

< 0.6λ0 to allow for ease of routing of the 4-element linear array (Figure 3.10).   
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Figure 3.30:  (a) Cross-section and dimensions, (b) hardware realization and (c) 

pattern measurements for slot-fed microstrip antenna element. 

 

Details and pattern measurements for a single antenna element are presented in 

Figure 3.30, and return loss measurements in Figure 3.31.  With substrate size of 2λ0 by 

2λ0, measured return loss matches well with IE3D simulations, with IE3D considering 

infinite substrate and ground plane size in the lateral (i.e.X-Y plane) dimension.  It is 

noted, for a smaller substrate size (e.g. 1λ0 by 1λ0), the measured S11 locus on the Smith 

chart becomes more inductive, as the resonance shifts to slightly below intended 

frequency of 9 GHz, which matches HFSS simulations perfectly.  Measured gain of 4.5 

dB corroborates well with IE3D simulated gain of 4.9 dB.  Measured normalized cross-

polarization is < -20 dB, which, together with the back-radiation, is due to uncertainties 

from measurement setup and test fixtures. 
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Figure 3.31:  (a) Hardware realization, (b) return loss and (c) patterns measurements 

for 4-element linear array. 

 

Figure 3.31 presents the hardware realization and measurements of a 1x4 E-

plane linear array.  The 4-element array has a measured 3-dB beamwidth of 22 deg. in 

the E-plane. The simulated 1x4 antenna gain is 12.0 dB at 9 GHz (the vertical feed 

network loss is 0.9 dB at 9 GHz). 
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Figure 3.32:  Linear array feed network (a) hardware verification and (b) measured 

insertion loss and relative phase. 

 

Figure 3.32 presents the hardware and measured verification of the feed network 

for the 4-element linear array, and < +/- 2° of relative phase deviation was obtained at 9 

GHz.  The measured split ratio is also acceptable, as there is no isolation resistors for 

every split Tee junction, resulting in a theoretical +/- 0.2 dB variation from practical 

measurements of the split ratio.  These measurements successfully verified our modified 

transmission line model presented in Figure 3.24. 
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Table 3.2:  Antenna array gain 

Description Gain/Loss (dB) 

Antenna Directivity 21.06 

Microstrip Antenna Loss 0.7 

Vertical Feed Network Loss 0.9 

CPW Feed Network Loss 1.1 

Total Losses 2.7 

Antenna Gain
1
 18.4 

Antenna Gain
2
 24 

Antenna Gain
3
 16.7 

1 Gain defined to the input of the QFN CMOS pacakge. 

2 Gain defined at the coaxial port and includes the CMOS chip gain and after-CMOS 

transmission-line loss. 

3 Gain defined for a passive array only includes the 8:1 Wilkinson combiner network. 

 

3.6.3  Phased Array Receiver 

The simulated 4x8 antenna directivity with 0.6λ0 vertical sepearation and 0.53λ0 

horizontal separation (5.8”x3.4” size) is 21.06 dB at 9 GHz with a 3-dB beamwidth of 

12°
 
and 25°  in the vertical and azimuthal planes, respectively (see Figure 3.33 for array 

details). The 4x8 antenna gain referenced to the input of the QFN CMOS chip is 18.4 

dB due to the antenna and feed network losses (see Table 3.2). Once the QFN CMOS 

chip gain (~7 dB average with VGA control), and the transmission-line and Wilkinson 

combiner loss (1.2 dB) at the output of the CMOS chip are included, the active antenna 

gain is ~24 dB at 9 GHz. 

If a passive antenna is used as a reference with an 8:1 Wilkinson summing 

network (loss of 1.7 dB), then the 4x8 antenna gain becomes 16.7 dB at 9 GHz. Such a 

passive array has been built and the measured gain was 17.6+/-0.5 dB at 9 GHz. The 

difference is due to errors in gain measurements and standing waves in the relatively 
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Figure 3.33:  4x8 antenna array; (a) front-side, and (b) back-side microstrip feed 

network and QFN components. 

 

 

small antenna measurement chamber (2 meters in length). 

 The measured patterns are shown in Figure 3.34 for the elevation and azimuth 

(scanned) planes. In all cases, the cross-polarization components is < -25 dB due to 

scanning in one of the principal planes. Note that at turn-on, without any calibration 

whatsoever, the array showed an active broadside gain of 19.0 dB, but it was determined 
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that the registers in the CMOS chips randomly set the phase states with +/-30-90° errors 

between the channels. After calibrating out the phase errors and setting the amplitude to 

be uniform across the array, an active gain of 23.0+/-0.5 dB was measured which 

compares well with the expected value of ~24 dB. Measurements agree well with the 

simulated patterns (and are not shown).  The scanning performance of the array shows 

~2 dB gain drop up to 45° in agreement with simulations, and a 5 dB drop at 60° scan 

angle due to the triggering of a grating lobe. 

 Figure 3.34c presents the measured antenna gain vs. frequency and scan angle. 

The bandwidth performance is dominated by both the 1x4 vertical microstrip antennas 

and the CMOS chip, and the ripples are most probably due to mismatch between the 1x4 

vertical antenna impedance and the CMOS QFN package input impedance. This ripple 

will be reduced in the future (or become inconsequential for system G/T) if a 17 dB 

GaAs LNA is used at every vertical antenna. 

Besides the single PCB stack-up, no other hardware is required for the 4x8 

active phased array, demonstrating the compactness of the array design when using 

QFN packaged chips. 
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Figure 3.34:  Active receiver array (a) normalized pattern, and (b) azimuth plane 

scanned patterns at 9 GHz, and (c) gain across frequency. 
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3.7  Conclusion 

An 8-channel active electronically scanned phased array is presented at 8.5-9.5 

GHz. The phased-array uses only two CMOS chips, QFN packaged, and a simple PCB 

stack-up. The high integration density of silicon chips (SiGe, CMOS) greatly simplifies 

phased-array development, and allows for commercial high-volume techniques to be 

used. We believe that, together with built-in self-test (BIST) capabilities for silicon 

RFIC arrays [74], large-scale phased arrays can be developed at low-cost, using 

automated manufacturing techniques and test, which will greatly advance the state-of-

the art for phased-array panels. 

Chapter 3 is based on and mostly a reprint of the material that has been 

submitted in IEEE Trans. Microw. Theory Techn. (2015), and material that has been 

published in Proc. IEEE Antennas Propag. Symp. (Jul 2011), Kevin M. Ho, Donghyup 

Shin and Gabriel M. Rebeiz.  The dissertation author was the primary author of this 

material. 
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Chapter 4  

Circularly Polarized Microstrip Antenna Array 

Performance Studies 

 

4.1  Overview 

4.1.1  Motivation 

Circularly polarized (CP) antenna patterns can be obtained from linearly 

polarized (LP) microstrip antenna elements [75], with a unit cell of every 4 elements 

laid out in a 2x2 square grid, physically rotated clockwise (CW) or counter-clockwise 

(CCW) by 90° in a sequential manner (i.e. sequential rotation), and excited with 

quadrature phase offset (Figure 4.1b).  With LP antenna elements replaced by CP 

elements, the same arrangement of sequential rotation and quadrature phase offset 

(Figure 4.1c) will enhance the axial ratio (AR) of the 2x2 array in CP mode. 

As such, Figure 4.1d-f presents 3 methods of achieving CP for large arrays; 

I - uniform array of CP antenna elements (Figure 4.1d). 

II - array of LP antenna elements with sequential rotation and quadrature phase 

offset for every 2x2 unit cell (Figure 4.1b & e). 

III - array of CP antenna elements with sequential rotation and quadrature phase 

offset for every 2x2 unit cell (Figure 4.1c & f). 

Existing work for sequential rotation and quadrature phase excitation of antenna 

elements for circular polarized arrays includes [75] for LP elements, and [76]-[78] for 

array analysis with CP elements.  Details for the following are not adequately presented: 

- Combination of sequential element rotation and quadrature phase excitation, 

while performing beam scanning. 

- Xpol performance of square and equilateral arrays (Figure 4.2) 

- Impact of LP elements on CP array (Figure 4.1e). 
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Figure 4.1:  (a) LP (top) and LHCP (bottom) microstrip antenna elements; 

sequential rotation and quadrature phase offset for LHCP operation with (b) LP and 

(c) LHCP antenna elements; LCHP antenna arrays with (d) LCHP elements in 

uniform array, (e) LP elements and (f) LHCP elements with sequential rotation and 

quadrature phase offset. 

 

- Impact of CP element Xpol on CP array (Figure 4.1f). 

Bandwidth widening for CP antennas leads to high Xpol and poor AR 

performance.  As an example, Figure 4.3 presents the design of a 20 GHz circularly 

polarized antenna element with a single feed-point on a 0.0307” thick RO4725 laminate 

(εr = 2.55, tanδ = 0.0026).  Normalized Xpol is ~ -10 dB for 1 GHz of operating 

bandwidth, and ~ -6.5 dB for 2 GHz bandwidth.  Insights of the influence of element 

Xpol impact on the full CP array will allow for determination of bandwidth and AR 

performance for individual elements without any performance sacrifice on the final 

array Xpol. 
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Figure 4.2:  2x2 unit cell for (a) square and (b) equilateral layout, and (c) square and 

(d) equilateral 2
N
x2

N
 array. 
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Figure 4.3:  20 GHz circular polarized microstrip antenna on 0.0307” thick 

RO4725 laminate; (a) layout, (b) return loss, (c) normalized cross-polarization, and 

(d) Smith chart response. 

 
 

4.1.2  Scope 

With pattern superposition of elementary microstrip antenna element pattern, 

this chapter presents calculated co-polarization (Cpol) and Xpol array patterns for 

various cases as presented in Table 4.1. 

Elementary element pattern (EP) with array factor (AF) multiplication 

techniques are presented, instead of detailed and massive EM simulated results, to 

distinguish fundamental impact of pattern degradation intrinsic to the element or unit-
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Table 4.1:  List of normalized pattern plots for CP arrays 

EP  Main beam Array layout Element Xpol Figure ref. 

LP 

Broadside 
Square 

N.A. 
Figure 4.6 

Staggered Figure 4.7 

θ = 30° 
Square 

N.A. 
Figure 4.8 

Staggered Figure 4.9 

CP 

 

Broadside 

Square 
N.A. 

Figure 4.11 

Staggered Figure 4.12 

Square 

-20, -10, -6 dB 

Figure 4.13 

Staggered  

 

θ = 30° 

Square 
N.A. 

Figure 4.15 

Staggered Figure 4.16 

Square 
-20, -10, -6 dB 

Figure 4.17 

Staggered Figure 4.18 

 

cell pattern, and removing the extrinsic factors of surface waves triggering, mutual 

coupling of elements, and impact of finite substrate and ground plane.   

LP and CP microstrip antenna element will be presented, followed by CP arrays 

using LP and CP elements with sequential rotation and quadrature excitations (methods 

II and III).  Performance for CP arrays with uniform layout of CP elements (i.e. method 

I) is consistent with CP element performance (direct scalar multiplication of element 

pattern to the array), and will not be presented.   

Cases of broadside arrays and scanned arrays are presented.  Main beam scan of 

up to 30° elevation in any azimuth plane is desired for the intended application.  Results 

from the studies will aid in the choice of array architecture and definition of element 

performance, for the development of CP wideband or shared aperture electronically 

scanned arrays. 
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4.2  Microstrip Antenna Element and Array Setup 

4.2.1  Microstrip Antenna Element Pattern 

An elementary form of microstrip antenna pattern representation is that of a pair 

of radiating slots [34], with the following equations for an antenna with length L and 

width W: 
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for case of E-plane oriented along X-axis (i.e. radiating slots oriented along Y-

axis, and array factor of slots along X-axis, Figure 4.4a), and 
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         (4.2)  

for case of E-plane oriented along Y-axis (i.e. radiating slots oriented along X-

axis, and array factor of slots along Y-axis, Figure 4.4b). 

These patterns (4.1) and (4.2) reflects excitation from radiating slots, and will 

inherently have no Xpol components (i.e. |Eθ| = |Eϕ| along diagonal plane for LP).  These 

patterns can also be generated from HFSS, with “infinite ground plane” option selected 

for the finite conductivity boundary condition as the bottom ground plane, with almost 

negligible impact of the radiation from non-radiating slots.  More complicated patterns 

can be found in [28]-[30], which relates the impact of the substrate thickness on the 

pattern, and corresponds well to IE3D simulated patterns.   

With the X- and Y-axis oriented LP microstrip antenna element pattern defined, 

a practical LP antenna element pattern with Xpol can be derived from 
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       (4.3)  

where XLin and YLin corresponds to the excitation for the ideal X- and Y-axis 

oriented LP components.  Defining |XLin| = 1 – ΔLin, |YLin| = ΔLin, and XLin = YLin  = 0°, 

pattern for a HP (or LP along X-axis) antenna element is defined, with the Xpol at 

broadside = |ELin,cross| = 20log10[ΔLin / (1- ΔLin)]. 

Similarly, CP excitation can be defined with the following: 
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Figure 4.4:  Elementary LP microstrip antenna element with E-plane aligned along 

(a) X-axis and (b) Y-axis. 
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       (4.4)  

Defining |XCir| = 1 +/- ΔCir, |YCir| = 1 -/+ ΔCir, and |XCir – YCir | = 90°, Xpol at 

broadside (i.e. θ = 0°) arising from quadrature feed amplitude imbalance is defined as 

|ECir,cross| = 20log10(ΔCir). 

Figure 4.5a presents normalized pattern of an ideal CP microstrip element with 

excitation based on (4.4) and ΔCir=0, (i.e. ideal CP element with no Xpol excitation).  

Normalized Xpol of < -30 dB is found in visible field-of-view (FOV) of θ < 30° (“30-

for-30”), and < -20 dB within FOV of θ < 45°.  This figure represents the theoretical 

limit for lowest possible CP from a single microstrip antenna element using quadrature 

excitation of orthogonal linear modes.  Any better Xpol performance from a single 

element for a wider region can only be achieved with true circular polarized antenna 

element (e.g. helical or spiral antennas).   

Figure 4.5b-d presents normalized patterns for CP microstrip elements with 

various Xpol excitations (i.e. ΔCir = 0.1, 0.315, and 0.5), for normalized cross-

polarization levels of -20 dB, -10 dB, and -6 dB respectively.  Square geometry of 
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Figure 4.5:  Xpol of CP microstrip antenna arising from quadrature feed amplitude 

imbalance, with ΔCir = (a) 0, (b) 0.1, (c) 0.315, and (d) 0.5. 

 

0.25λ0 is considered for the antenna element (i.e. W = L = 0.25λ0), which corresponds to 

implementation on RO4003 laminates (εr = 3.55, tanδ = 0.0027).   

Finally, AR for CP pattern is defined as  

XpolCpol

XpolCpol
AR




            (4.5)  

and AR of 2 (or 3 dB) and 3 (or 4.8 dB) corresponds to Xpol of -10 dB and -6 

dB respectively. 

 

4.2.2  CP Array Setup 

With the basic antenna pattern defined, an array layout is formally defined next.  

Full array pattern is obtained with pattern multiplication of microstrip EP as defined 

above, with the AF of the layout as defined herewith. 

Requirements for the layout include the need for performing beam scanning and 

cross-polarization cancellation.  A LP or LHCP microstrip element (top and bottom of 

Figure 4.1a respectively) is arranged as a LHCP unit cell (Figure 4.1b and c for LP and 

LHCP elements respectively) with the elements sequentially rotated and fed with 
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Table 4.2:  Directivity and HPBW for square arrays with 0.59λ0 element 

spacing. 

Array size No of Elements Directivity HPBW 

4 x 4 16 18.4 dB 21.7° 

8 x 8 64 24.4 dB 10.7° 

16 x 16 256 30.5 dB 5.4° 

32 x 32 1024 36.5 dB 2.7° 

 

quadrature phase progression (ζ).  The unit cells are then combined to form a large 

square array of 2
N
 by 2

N
 elements (Figure 4.2c), or with every alternate row along the 

array offset to form a equilateral (or staggered) array (Figure 4.2b,d) with row-offset 

along X-axis for the studies presented.  Cases of N = 1-5 will be considered, 

corresponding to 2x2 unit cell, 4x4, 8x8, 16x16, and 32x32 arrays (Table 4.2).  Layout 

dimensions for the equilateral array is defined in Figure 4.2b, which also corresponds to 

equidistant (= dx) element separation throughout the array. 

Progressive phase distribution is introduced (ψxp, ψyp, with p = 1, 2, .. 2
N
) to the 

elements for electronic beam scan off array broadside.  Element spacing for all cases 

presented henceforth is at 0.59λ0 (i.e. dx = 0.59λ0 in Figure 4.2a-b) unless otherwise 

stated.  This spacing corresponds to 30° beam scan without incurring surface waves 

excitation on RO4003 substrates (with εr = 3.55, Figure 3.18). 

Only one hierarchy of element rotation and quadrature phase offset is performed 

for at a level of every 2x2 unit cell.  Broadside CP array performance can be further 

enhanced with a 2
nd

 hierarchical level of sequential rotation and quadrature phasing i.e. 

treating every 2x2 unit cell as a 2
nd

 level of EP, and performing layout rotation and 

quadrature phasing for every “2x2” groups of unit cells.  That is not considered for the 

studies, as the 2
nd

 level of hierarchy will invalidate electronic beam scan capabilities. 
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Figure 4.6:  Normalized broadside beam patterns for LHCP square array with LP 

EP; Cpol (top row) and Xpol (bottom row) for (a) 2x2 (left column), 4x4 (middle 

column) and 8x8 arrays (right column), and Xpol for (b) 16x16 and (c) 32x32 arrays. 

 

4.3  CP Arrays with LP Microstrip Antenna Elements 

4.3.1  CP Broadside Array Xpol from LP Elements 

Figure 4.6 presents normalized patterns from LHCP broadside arrays, for cases 

of 2x2 unit cell (Figure 4.2a), 4x4, 8x8, 16x16 and 32x32 square layouts (Figure 4.2c), 

and comprising of LP antenna elements defined from (4.3) with ΔLin = 0 for no EP Xpol.  

For a 2x2 unit cell (Figure 4.6a), the theoretical Xpol in the diagonal plane (ϕ = 

45°) is barely -10 dB for FOV of θ < 30°, despite having ideal EP with no Xpol.  2x2 

unit cell forms as an “EP” at a higher hierarchy for large arrays, and the diagonal plane 

Xpol will have an impact for applications requiring beam scanning in the diagonal 

plane.  Normalized Xpol in the principle planes (Z-X and Y-Z planes, for ϕ = 0° and 90° 

respectively) < -30 dB within FOV of θ < 60°. 

With larger array sizing, Xpol cancellation impact from the sequential layout 

arrangement further suppresses the CP array Xpol to < -30 dB across full visible half-
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Figure 4.7:  Normalized broadside beam patterns for LHCP equilateral array with 

LP EP; Cpol (top row) and Xpol (bottom row) for (a) 2x2 (left column), 4x4 (middle 

column) and 8x8 arrays (right column), and Xpol for (b) 16x16 and (c) 32x32 arrays. 

 

space.  This forms the theoretical limits for minimum Xpol expectations from CP 

broadside arrays with LP elements.  Xpol from individual LP elements has no further 

impact on these patterns presented. 

Similarly, Figure 4.7 presents normalized patterns from LHCP broadside arrays, 

for cases of 2x2 unit cell (Figure 4.2a), 4x4, 8x8, 16x16 and 32x32 equilateral layouts 

(Figure 4.2d), and comprising of LP antenna elements defined from (4.3) with ΔLin = 0 

for no EP Xpol.  For case of 2x2 array (Figure 4.7a-left column), staggered or 

equilateral arrays further degrades the Xpol patterns to > -10 dB in both diagonal plane 

(ϕ = 45°) and plane of row-staggering (Z-X plane, ϕ = 0°).  A strong Xpol component at 

elevation angle of θ = 60° is found in the Z-X plane for all arrays cases.  The row-

staggering mechanism breaks the symmetry of the 2x2 unit cell symmetry in the 

orthogonal principle planes, with the plane of row-staggering having less CP Xpol 

pattern truncation at elevations angles beyond θ > 60° which it otherwise would had 
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from a square array layout.  This may not be of concern, as generally full-FOV (FFOV) 

is typically defined as within θ < 60°. 

Element Xpol has little impact on the CP array performance.  These verifies, for 

LP elements in CP arrays, with fixed broadside beams, square arrays provides much 

better cross-polarization performance than the equilateral layout, with normalized Xpol 

of < -30 dB to be expected. 

 

4.3.2  CP Scanned Array Xpol from LP Elements 

Figure 4.8 presents normalized patterns from LHCP scanned arrays, for cases of 

8x8, 16x16 and 32x32 square layouts (Figure 4.2c), and comprising of LP antenna 

elements defined from (4.3) with ΔLin = 0 for no EP Xpol.  Main beam is scanned to θ = 

30° in the principle plane (Z-X plane, ϕ = 0°, Figure 4.8a) and in the diagonal plane (ϕ = 

45°, Figure 4.8b).  With beam scanned in principle plane, Xpol levels decreases with 

increasing array size, to worst case of -25 dB for large array (Figure 4.8a).  A strong 

Xpol “spike” is found when the beam scan is performed in the diagonal plane, which 

corresponds to the high 2x2 unit cell Xpol level presented in Figure 4.6a.  Xpol 

degradation of individual LP elements has minimal impact on CP array Xpol 

performance.   

Similarly, Figure 4.9 presents normalized patterns from LHCP scanned arrays, 

for cases of 8x8, 16x16 and 32x32 equilateral layouts (Figure 4.2d), and comprising of 

LP antenna elements defined from (4.3) with ΔLin = 0 for no EP Xpol.  Main beam is 

scanned to θ = 30° in the principle plane of row-staggering (Z-X plane, ϕ = 0°, Figure 

4.9a), in the orthogonal principle plane (X-Y plane, ϕ = 0°, Figure 4.9c), and in the 

diagonal plane (ϕ = 45°, Figure 4.9b).  Strong Xpol is now observed in the equilateral 

array, for beam scanned in the plane of row-staggering (i.e. Z-X plane, ϕ = 0°), shown in 

bottom row of Figure 4.9a.  Xpol degradation of individual LP elements has minimal 

impact on CP array Xpol performance. 

These plots highlights potential limitations for CP beam scanned arrays with LP 

microstrip antenna elements.  A possible way to reduce this strong Xpol “spike” 

response is to decrease the element spacing, as shown in Figure 4.10, for its angle of 
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Figure 4.8:  Normalized 30° scan patterns for LHCP square array with LP EP; Cpol 

(top row) and Xpol (bottom row) for 8x8 (left column), 16x16 (mid column) and 

32x32 arrays (right column); with beam scan in (a) principle plane (ϕ = 0°) or in (b) 

diagonal plane (ϕ = 45°). 

 

inclination away from Z-axis.  For case of square arrays, the spike moves away from 

broadside towards the X-Y plane (θ = 90°) as the element spacing decreases to below 

0.45λ0 (blue trace in Figure 4.10).  Case of 8x8 array size is presented in Figure 4.10, 

and is representative for all cases.  Values vary within 1° for larger arrays with larger 

spacing, and up to 5° for decreasing element spacing. 
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Figure 4.9:  Normalized 30° scan patterns for LHCP staggered array with LP EP; 

Cpol (top row) and Xpol (bottom row) for 8x8 (left column), 16x16 (mid column) 

and 32x32 arrays (right column); with beam scan in (a) principle Z-X plane (ϕ = 0°), 

(b) diagonal plane (ϕ = 45°); and Xpol for beam scan in (c) principle Y-Z plane (ϕ = 

90°). 
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Figure 4.10:  Location of Xpol spikes in elevation plane, for 30° beam scanned 8x8 

LCHP array of LP EP; main beam in diagonal plane (ϕ = 45°) for square array (red), 

and in principle Z-X plane for equilateral array (blue). 

 

 

 

 

4.4  CP Arrays with CP Microstrip Antenna Elements 

4.4.1  CP Broadside Array Xpol from CP Elements 

Figure 4.11 presents normalized patterns from LHCP broadside arrays, for cases 

of 2x2 unit cell (Figure 4.2a), 4x4, 8x8 and 16x16 and 32x32 square layouts (Figure 

4.2c), and comprising of LHCP antenna elements defined from (4.4) with ΔCir=0 for no 

EP Xpol.  Similarly, Figure 4.12 presents normalized patterns from LHCP broadside 

arrays, for cases of 2x2 unit cell (Figure 4.2a), 4x4, 8x8 and 16x16 and 32x32 

equilateral layouts (Figure 4.2d), and comprising of LHCP antenna elements defined 

from (4.4) with ΔCir=0 for no EP Xpol.  For both sets of patterns, Xpol consistently 

reduces for CP array reduces with increasing array size, till below -40 dB for 16x16 

arrays. 
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Figure 4.11:  Normalized broadside beam patterns for LHCP square array with 

LHCP EP; Cpol (top row) and Xpol (bottom row) for (a) 2x2 (left column), 4x4 

(middle column) and 8x8 arrays (right column), and Xpol for (b) 16x16 array. 

 

  

The array cross-polarization degrades with every element having a cross-

polarization component.  Figure 4.13 and Figure 4.14 presents normalized Xpol patterns 

from LHCP broadside arrays, for cases of 8x8, 16x16 and 32x32 square and equilateral 

layouts respectively, and comprising of LHCP antenna elements defined from (4.4) with 

ΔCir=0.1, 0.315, and 0.5 for EP Xpol of -20dB, -10 dB, and -6 dB respectively.    
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Figure 4.12:  Normalized broadside beam patterns for LHCP equilateral array with 

LHCP EP; Cpol (top row) and Xpol (bottom row) for (a) 2x2 (left column), 4x4 

(middle column) and 8x8 arrays (right column), and Xpol for (b) 16x16 array. 

 

 

CP Xpol are within <-30 dB for all square array cases.  This verifies, for case of 

broadside CP array with CP elements, EP Xpol levels are not critical, and AR of 3 more 

(for element Xpol of -6 dB or higher) can be tolerated for achieving wide impedance 

bandwidth while maintaining CP array Xpol of <-35 dB. 

Similar to the case for staggered arrays with LP EP (Figure 4.7), Xpol 

degradation is observed for equilateral arrays, at elevation angle of  = 60° in the plane 

of row-staggering (Z-X plane,  = 0°), at level of ~ 6 dB below EP Xpol of CP element.  

In most cases, Xpol for regions at  = 60° may fall out of the FFOV of  < 60° 
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Figure 4.13:  Normalized Xpol for broadside beam LHCP square array for 8x8 

(left), 16x16 (middle) and 32x32 arrays (right) comprising of CP EP with Xpol of (a) 

-20 dB, (b) -10 dB and (c) -6 dB. 
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Figure 4.14:  Normalized Xpol for broadside beam LHCP equilateral array for 8x8 

(left), 16x16 (middle) and 32x32 arrays (right) comprising of CP EP with Xpol of (a) 

-20 dB, (b) -10 dB and (c) -6 dB.  

 

4.4.2  CP Scanned Array Xpol from CP Elements 

Figure 4.15 presents normalized patterns from LHCP scanned arrays, for cases 

of 8x8, 16x16 and 32x32 square layouts (Figure 4.2c), and comprising of LHCP 

antenna elements defined from (4.4) with ΔCir=0 for no EP Xpol.  Main beam is scanned 

to θ = 30° in the principle plane (Z-X plane, ϕ = 0°, Figure 4.15a) and in the diagonal 

plane (ϕ = 45°, Figure 4.15b).  Unlike the case of scanned CP arrays with LP elements 

(Figure 4.8b), there is no strong Xpol spike observed.  Highest Xpol observed is 

generally at ~-23 dB in the same direction as the main beam. 
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Figure 4.15:  Normalized 30° scan patterns for LHCP square array with LHCP EP; 

Cpol (top row) and Xpol (bottom row) for 8x8 (left column), 16x16 (mid column) 

and 32x32 arrays (right column); with beam scan in (a) principle plane (ϕ = 0°) or in 

(b) diagonal plane (ϕ = 45°). 

 

In a similar fashion, Figure 4.16 presents normalized patterns from LHCP 

scanned arrays, for cases of 8x8, 16x16 and 32x32 equilateral layouts, and comprising 

of LHCP antenna elements defined from (4.4) with ΔCir=0 for no EP Xpol.  Main beam 

is scanned to θ = 30° in the principle plane of row-staggering (Z-X plane, ϕ = 0°, Figure 

4.16a), in the orthogonal principle plane (X-Y plane, ϕ = 0°, Figure 4.16c), and in 

diagonal plane (ϕ = 45°, Figure 4.16b).  And similarly to the prior case, strong Xpol 

spikes found in cases of equilateral arrays of LP elements   (Figure 4.9a) are not 

encountered for this case with CP elements, and worst case Xpol is ~ -23 dB in the 

orientation of the main beam. 
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Figure 4.16:  Normalized 30° scan patterns for LHCP equilateral array with LHCP 

EP; Cpol (top row) and Xpol (bottom row) for 8x8 (left column), 16x16 (mid 

column) and 32x32 arrays (right column); with beam scan in (a) principle Z-X plane 

(ϕ = 0°) , (b) diagonal plane (ϕ = 45°); and Xpol for beam scan in (c) principle Y-Z 

plane (ϕ = 90°). 

 
 

These two plots signifies yet another important detail for both square and 

equilateral CP arrays, that is despite comprising of ideal CP elements with no Xpol 

components, an array Xpol component of <-20 dB will always be present in the 
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Figure 4.17:  Normalized Xpol for 30° bean scan in diagonal plane (ϕ=45°) LHCP 

square array for 8x8 (left), 16x16 (middle) and 32x32 arrays (right) comprising of 

CP elements with Xpol of (a) -20 dB, (b) -10 dB and (c) -6 dB. 

 

orientation of the main beam when beam scanning is performed to θ = 30°.  This Xpol 

component does not vary with element spacing.  It varies with scan angle, at <-30 dB for 

scan angles within θ < 15°, and increases as main bean scans further away from 

broadside.  As our interest is within scan range of θ = 30°, wider scan angles are not 

considered in the study. 

Finally, the impact of CP element Xpol on CP array is presented. Figure 4.17 

presents normalized Xpol patterns from LHCP scanned arrays for cases of 8x8, 16x16 

and 32x32 square layouts, and comprising of LHCP antenna elements defined from 

(4.4) with ΔCir=0.1, 0.315, and 0.5 for EP Xpol of -20 dB, -10 dB and -6 dB 

respectively.  Main beam is scanned to θ = 30° in the diagonal plane (ϕ = 45°).   

In a similar order, Figure 4.18 presents normalized Xpol patterns from LHCP 

scanned arrays for cases of 8x8, 16x16 and 32x32 equilateral layouts, and comprising 
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Figure 4.18:  Normalized Xpol for 30° bean scan in Z-X plane (ϕ=0°) LHCP 

equilateral array for 8x8 (left), 16x16 (middle) and 32x32 arrays (right) comprising 

of CP elements with Xpol of (a) -20 dB, (b) -10 dB and (c) -6 dB. 

 

of LHCP antenna elements defined from (4.4) with ΔCir=0.1, 0.315, and 0.5 for EP Xpol 

of -20 dB, -10 dB and -6 dB respectively.  Main beam is scanned to θ = 30° in the 

principle plane of row-staggering (Z-X plane, ϕ = 0°). 

Similar to the case of CP arrays with LP elements for beam scan, a strong Xpol 

spike is observed, with peak intensity about 2-3 dB below the CP element Xpol level. 

The intensity of the strong Xpol spikes can be reduced with decreasing element 

spacing.  Figure 4.19a-b shows the decrease of the array Xpol spike intensity for 8x8 

LHCP square and staggered arrays, as a function of both element spacing and element 

Xpol levels, and Figure 4.19c the elevation angle which the Xpol spikes occurs.  With 

smaller element spacing, Xpol for square arrays (Figure 4.19a, beam scan at ϕ = 45°) 

can be reduced much more significantly than equilateral arrays (Figure 4.19b, beam 

scan spike at ϕ = 0°).  Though case of 8x8 arrays are presented in Figure 4.19, trends are 
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Figure 4.19:  Normalized Xpol “spike” levels with varying element spacing and EP 

Xpol levels, for 30° beam scanned 8x8 LCHP array with LHCP elements, in (a) ϕ = 

45° plane for square layout, and (b) ϕ = 0° plane for staggered layout, and (c) 

location of the Xpol spikes in the elevation plane. 

 

consistent for larger arrays, and with peak Xpol within 0.5 dB improvement for larger 

element spacing to within 2 dB improvements for 0.45 λ0 element spacing.   

Also, from Figure 4.19c, the spikes for the Xpol moves towards the X-Y plane 

as element spacing decreases for square arrays.  It stays within elevation of θ = 40° for 

staggered arrays.  This further reinforces the use of square layout over equilateral layout 

for active beam-scan applications. 
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4.5  CP Arrays with Microstrip Antenna Elements 

4.5.1  Summary of Key Observations 

For CP array with the following details:  

- LP or CP microstrip antenna elements, 

- 0.59 λ0 element spacing, 

- Square or equilateral layout configuration as shown in Figure 4.2 with 

row staggering along X-axis (Z-X plane, ϕ = 0°), 

- One hierarchy of sequential rotation and quadrature phase feed for 

every element in a 2x2 unit cell layout (Figure 4.2a,b), 

- Main beam at broadside, or scanned to elevation angle of θ = 30°, 

the following observations are obtained: 

Observation I:  

-40 dB of Xpol from a single CP microstrip antenna element is never 

possible, if the antenna element CP is excited from two quadrature 

phased orthogonal LP modes (Figure 4.5a).  Xpol of < -30 dB is possible 

only if the FOV is limited to a conical-cut region of within θ < 30°. 

Observation II:  

For CP broadside array comprising of LP elements, < -30 dB of array 

Xpol is possible for sufficiently large array size (Figure 4.6) for square 

array layout.  Array Xpol performance is generally not influenced by 

element Xpol performance and element spacing. 

For equilateral layout, Xpol exist at θ = 60° in principle plane of row 

staggering (i.e. at Z-X plane, ϕ = 0°). 

Observation III:  

For CP scanned arrays comprising of LP elements with main beam 

scanned to θ = 30°, there exist a strong array Xpol “spike” (Figure 4.8 

and Figure 4.9 for square and staggered arrays respectively).  This spike 

can be forced into the X-Y plane (θ = 90°) with decreasing element 

spacing (Figure 4.10) for case of square arrays, thus enhancing the 

performance of the array at the expense of reduced array size.  Element 

Xpol level has no impact on array Xpol performance in this case. 

Observation IV:  

For CP broadside array comprising of CP elements, < -40 dB of array 

Xpol is possible (Figure 4.11 and Figure 4.12 for square and equilateral 

layouts respectively), granted the array size is sufficiently large to negate 

the element’s Xpol effects in a square array (Figure 4.13).  Array Xpol of 
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<-30 dB can still be achieved despite comprising of CP elements with -6 

dB Xpol. 

For equilateral layout, Xpol exist at θ = 60° in principle plane of row 

staggering (i.e. at Z-X plane or ϕ = 0°). 

Observation V:  

For CP scanned arrays comprising of CP elements with main beam 

scanned to θ = 30°, array Xpol is found to be ~-25 dB in the orientation 

of the beam scan (Figure 4.15 and Figure 4.16 for square and equilateral 

arrays respectively).  This is only true if the CP element has no Xpol 

component; increase in element Xpol levels will introduce another higher 

array Xpol component (observation VI). 

Observation VI:  

For CP scanned arrays comprising of CP elements with main beam 

scanned to θ = 30°, strong Xpol “spike” is found when main beam is 

scanned in diagonal plane (ϕ = 45°) for square arrays (Figure 4.17), and 

in the plane of row staggering (ϕ = 0°) for equilateral arrays (Figure 

4.18).  The array Xpol “spike” is typically 1-3 dB below element Xpol 

level, and decreases with decreasing element spacing (Figure 4.19).  For 

square arrays, the strong Xpol “spike” will deviate towards X-Y plane (θ 

= 90°) with decreasing element spacing, enhancing the performance of 

the array (at the expense of reduced array size).  

 

4.5.2 Array Implementation/Architecture for Large CP Arrays 

For the design of broadside CP arrays for wideband operations, noting 

observation IV above, focus of antenna element design can be placed on bandwidth 

widening at huge expense of AR performance, while still attaining <-35 dB Xpol for 

final CP array.   

For the design of active beam-scanned ultra-wideband CP array with LP antenna 

elements, noting observation III above, a square array layout with small inter-element 

spacing will avoid the strong Xpol “spike” phenomenon.  This is particularly promising 

for current-sheet arrays approach, with each capacitively-loaded dipoles smaller than 

λ0/2 at the highest frequency of operation.  Drawback is the high density of antenna 

elements for the same array size, resulting in high quantity count of RF front-end 

channels and components. 
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For the design of a single antenna element for concurrent CP operation at, say, 

20 GHz and 30 GHz, bandwidth may be a larger challenge at the lower frequency due to 

the higher fractional bandwidth (for a fixed absolute bandwidth at both frequencies).  

Conversely, placement of the antenna elements will be dictated by the higher frequency, 

to avoid grating lobes and scan blindness at that frequency.  As such, noting observation 

III above, with the array CP problems arising from element Xpol less prominent for a 

square array with decreasing element spacing, the lower frequency band (i.e. at 20 

GHz) can be optimized for impedance bandwidth at the expense of AR performance, 

while concerns for the higher frequency band (i.e. at 30 GHz) should be placed on the 

element Xpol. 

 

4.6  Conclusion 

Patterns for various CP arrays comprising of LP and CP elements with various 

performance are presented.  Theoretical Xpol levels for CP microstrip antenna elements 

and arrays are presented.  The results presented here can be used to determine on 

realistic expectation from the CP array especially for cases of beam scan beyond θ > 15° 

(and up to 30°) when Xpol starts to degrade to above -30 dB and higher, specifications 

on the antenna elements to allow for good trade-off in bandwidth and AR, and methods 

to synthesize the antenna element. 

Chapter 4 is based on and mostly a reprint of the material that has been 

published in Proc. IEEE Antennas Propag. Symp. (Jul 2014), Kevin M. Ho and Gabriel 

M. Rebeiz.  The dissertation author was the primary author of this material. 
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Chapter 5  

Dual-Band Components for Ku/Ka-Band Shared 

Aperture Antenna Arrays 

 

5.1  Scope 

The goal of the project is to develop a Ku/Ka-band shared aperture array, for 

concurrent operation at 20 GHz and 30 GHz.  The motivation for the studies presented 

here (and the preceding chapter) is to provide design details and theoretical evaluations 

for the development of the shared array aperture. 

Targeted application is for data-link communications with satellites or micro-

satellites.  Bandwidth requirement is at 1 GHz, and stretched goal of up to 2 GHz is 

desired, for each operating frequency in CP mode.  The array should be of low profile, 

and with frequency scanning capabilities of 30° off broadside.   

Possible array implementation approaches are first presented for dual/multi-band 

shared apertures.  Possible reductions in complexity of PCB routings are presented. 

The design of the dual band CP antenna element is presented next.  Tuning 

mechanism for achieving desired polarization Xpol and bandwidth are discussed.  

Lastly, various methods for achieving dual-band quadrature phased (0/90°) and 

differential phased (0/180°) power splitters are presented.  Besides the antenna element, 

bandwidth is also of a huge challenge for the dual-band components, especially if they 

are to be constrained to a compact layout. 
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Table 5.1:  Aperture sharing implementation methods. 

Description I: different arrays 

for different freqs 

II: wideband 

antenna array 

III: multiple 

resonance antenna 

> 2 frequencies   

frequency 

separation 
> 2: 1 preferred 

Smaller separation 

preferred 

Moderate separation 

preferred 

common  

feed-point 
  

Multiple 

polarization 
  

Consistent array 

phase center 
  

Commercial-

grade laminates 
  

: supported; 

: not supported;   

: supported, but incurring huge complexity 

5.2  Shared Apertures Array Implementation 

5.2.1  Implementation Approaches 

Aperture sharing can be achieved with any of the 3 approaches, and is 

summarized in Table 5.1. 

I - 2 sets of arrays co-existing on a common aperture, one for each frequency 

band 

II – 1 array of antenna elements with wide bandwidth 

III – 1 array of antenna elements with multiple operating frequencies 

Consistency in phase center across the different operating frequencies may or 

may not be required, depending on the applications.  Shared apertures for operating 

frequencies spaced far apart (e.g. S-band and Ku-band), are usually intended for 

different applications (e.g. global positioning and satellite communications 

respectively), and hence there is no necessity for a common phase center for both 
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Figure 5.1:  Shared aperture implementation with (a) different antenna arrays for 

different frequencies and (b) wideband current-sheet array. 

 

 

 

frequencies.  Conversely, concurrent up/down link for the same application (e.g. Ku-

band and Ka-band for concurrent uplink and downlink respectively) will require a 

coherent phase center for both operating frequencies. 

  

5.2.2  Multiple Arrays vs Wideband Arrays 

Approach I is best suited for applications with only 2 operating frequencies, and 

the higher operating frequency at least twice of lower operating frequency [79]-[80].  

Drawbacks include the absence of a common phase center for both frequencies.  Figure 

5.1a shows a typical implementation, with antenna elements of both array super-

imposed on each other, but not completely blocking one another.  Independent 

polarization modes can be achieved for both frequencies.  Depending on how the unit 

cells for the arrays are defined, the phase center may or may not coincide for both 

operating frequencies. 

Approach II is the most appropriate for multiple operating frequencies.  

Depending on the requirements of the various frequencies, the different operating 

frequencies can be combined at some stage with a frequency diplexer/multiplexer, 

sharing a single TLIN, and reducing the complexity of multiple RF routings for different 

frequencies (an e.g. in [81] for S- and Ku-band).  Difficulty includes the need for 
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different polarization modes at different frequencies, since in most cases the wide-band 

antenna element will be of the same polarization across the frequency band.   

Stacked patch antennas [82],[83] and current sheet arrays [84] are two possible 

implementations methods.  Considering the ratio of the highest to the lowest operating 

frequencies, the former implementation is best suited for frequency ratio below 2:1, and 

the latter for much higher ratios.  Drawback for the latter includes the complexity of the 

quadrature feed required for CP excitation.  Since it is a single array, the phase center 

will be consistent for all operating frequencies.  A practical limitation, is the 

requirements for low εr substrates for achieving the desired wide-band characteristics 

without incurring surface-waves modes. 

Approach III can be configured for two or more concurrent operating frequencies 

though challenges increases with increasing number of concurrent operating 

frequencies.  Different polarization for different operating frequencies can be achieved 

with this approach.  Achieving the desired operating bandwidth at the individual 

frequencies is a possible limitation for this approach.  Achieving CP imposes more 

challenges then LP.  The phase center is consistent with this approach for all operating 

frequencies. 

 

5.2.3  Wideband versus Dual-Band Stacked Microstrip Antenna 

Figure 5.2a & b presents the cross section of probe-fed layered microstrip 

antennas for wideband [83] and dual-band [85] operations respectively.  Fundamental 

difference is the coupling between the microstrip elements.  Wideband designs (Figure 

5.2a) requires strong coupling between both antenna layers, which can be achieved with 

the feed directly coupled to the bottom microstrip layer (and hence weak coupling from 

feed to top microstrip trace element), and the bottom element coupling with the top layer 

instead.  An analogy from classical filter designs for intuitive appreciation is to relate 

the bandwidth widening mechanism to the coupling of a pair of asynchronous resonators 

coupling [86]. 

Inter-layer coupling for dual-band designs (Figure 5.2b) is to be kept to a 

minimum, by having stronger coupling from the probe feed directly to both microstrip 



 

 

124 

 

Figure 5.2:  Cross-section for (a) wideband and (b) dual-band layered microstrip 

antennas. 

 

trace layers.  The probe is directly fed to the top layered element, and capacitively 

coupled to the bottom layered element.  Unfortunately, they cannot be adequately 

decoupled from each other, hence the difficulty of tuning for both frequencies.  CP 

requirements at both operating frequencies further exacerbate the design challenge.  

Parametric studies for the various tuning mechanisms for both layers separately will 

allow for ease of impedance tuning while obtaining the desired polarization. 

 

5.2.4  Antenna Feed vs Board Routing Complexity 

The easiest way to achieve CP from a single microstrip antenna element, is to 

have two sets of differential feeds for both orthogonal LP modes, and the 2 sets of feeds 

with quadrature phase difference, as presented in Chapter 2 (Figure 2.5a & Table 2.1) 

[31].  With higher operating frequency, and element spacing within λ0/2 or less, feed 

network becomes increasingly complicated from the lack of real-estate between 

elements.  Furthermore, for dual-band or multiple band operation, design of components 

to fulfill both operating bandwidths and different operating frequencies becomes 

increasingly challenging. 

Antenna element that allows for CP with a single feed-point avoids the need for 

design for dual/multi-band components, reducing the complexity of routing the RF 

traces.  Furthermore, with a single feed-point for multiple operating frequencies, the RF 

signals for different operating frequencies can be combined and routed as a single trace 
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Figure 5.3:  Feed network routing complexity for dual/multi-band array using 

antenna elements with (a) single feed point and (b) multiple feed points for multiple 

frequencies, and (c) multiple routings for separate antennas for different bands. 

 

from the RF front-end components to the antenna input, further reducing the complexity 

for the multi-layered board routings. 

 

5.3  20/30 GHz Dual-band CP Antenna Element 

5.3.1  20 GHz CP Antenna Parametric Study 

Figure 5.4 presents the layout and cross-section of a 20 GHz CP square 

microstrip antenna element.  CP is achieved with diagonal opposite-corner truncation 

(c).  Parametric studies are performed in HFSS with Rogers RO4003 laminate (r = 

3.55, tan = 0.0027) for the substrate.  Feed via diameter is 0.012” for all cases, for 

compatibility with mechanical drilled via capabilities.  

Figure 5.5 presents the input impedance for the CP square (w = l) microstrip 

antenna for varying substrate height (h).  With increasing substrate εr, matched condition 

for CP decreases to low impedance values for the same substrate thickness, and can be 

compensated with increasing substrate thickness.  Addition of prepreg superstrate 

(thickness 0.004” to 0.012”, not shown here) has minimal influence on the CP input 

impedance presented, and is required not for 20 GHz, but for 30 GHz operation.     
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Figure 5.4:  Layout of CP square microstrip antenna element. 

 

 

 

Figure 5.5:  Variation of input impedance with varying substrate thickness (h) for 

CP square microstrip antenna (w = l). 

 

 

 

Figure 5.6:  Variation of input impedance with varying feed offset (s) for CP square 

microstrip antenna (w = l) on 0.012” thick substrate. 
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Figure 5.7:  Variation of input impedance with width/length ratio (w/l) CP 

microstrip antenna on 0.012” thick substrate. 

 

 

 

Figure 5.8:  Matched 20 GHz CP microstrip antenna on RO4003 substrate 

with various substrate thicknesses. 

 

Increasing overall diectric (substrate + prepreg) thickness at CP excitation may not be a 

viable option for high εr materials in view of surface-waves and scan blindness 

conditions presented in Chapter 3.   

Figure 5.6 presents the input impedance of a conventional 20 GHz embedded CP 

square (w = l) microstrip antenna element with substrate thickness h = 0.012”, for 

varying feed offset (s).  Similarly, Figure 5.7 presents the input impedance for the same 

antenna for varying width/length ratio (w/l).  For any given substrate thickness and 
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dielectric permittivity, combination of feed offset and width/length ratio forms the 

primarily impedance tuning mechanism, for optimum CP mode to be tuned to the 

desired matched condition, as shown in Figure 5.8 for 0.008-0.02” thick substrates. 

 

5.3.2  20/30 GHz CP Antenna: Design 

Figure 5.9 presents the proposed dual-band antenna element, comprising of two 

vertically-stacked metal layers for the dual resonance conditions.  The higher frequency 

resonance (30 GHz) is predominantly influenced by the top-metal layout (Figure 5.9c), 

and the lower frequency resonance (20 GHz) by the bottom metal layout (Figure 5.9d).  

Both elements are vertically aligned at the center of their layout. 

CP is achieved with diagonal opposite-corner truncation of both elements (cT and 

cB for top and bottom layout respectively).  Consistency in polarization sense for both 

operating frequencies is required, as the two elements are interacting with each other.   

As presented in the preceding section, slight offset of the length and width for 

the layouts is required so as to ensure a good impedance match at the desired port 

impedance for CP.  This is especially true if the substrate dielectric constant is not 

available as a design parameter.  In this case, the patch width is the same or slightly 

smaller than the length for the bottom layout (wB >= lB), and the converse for the top 

layout (i.e. wT <= lT). 

The operating frequency ratio is 1.5 for both patches, and therefore, the ideal 

feed point for both patches will be significantly different, with a larger offset from the 

center of the antenna element being required for the bottom patch.  Meanders are 

therefore introduced to the perimeter of the bottom layout, miniaturizing the lower 

frequency patch size and allowing for feed-points of both layers to be at the same offset 

location while maintaining vertical alignment at the center.  Alternatively, a physical 

offset of the two layouts may be considered with vertical alignment at the feed-point 

instead, but this result in an offset of the phase center for the two operating frequencies. 

Another advantage of miniaturizing the lower frequency patch is the ease of array 

layout, as the array is spaced at 0.56-0.59λ0 at 30 GHz for scanning applications. 
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Figure 5.9:  Dual-band microstrip antenna element (a) picture, (b) cross-

section stack-up, and layout details for (c) top and (d) bottom metal layers. 

 

For benchmark purposes, Figure 5.10 presents calculated radiation efficiency for 

LP conventional square microstrip antennas for 20 and 30 GHz, and IE3D simulations 

for LP and CP conventional microstrip antennas.  IE3D cases include a 0.012” diameter 

probe-feed via.  Expected radiation efficiency for the actual composite structures will be 

lower than these calculations, since surface waves excitation is from both layout layers. 

The use of via fencing surrounding the antenna element (as shown in Figure 

5.9a) significantly reduces the surface-waves losses, and enhances the efficiency at 30 

GHz to > 60%.  It is important to note that HFSS simulations are unable to capture the 

surface wave losses.  Reflecting only resonator efficiency mechanism, HFSS constantly 

predicts 90% efficiency for the case without via fencing, and 75% for case with via 
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Figure 5.10:  Calculated (red trace, for LP) and IE3D simulated radiation 

efficiency for microstrip antennas on RO4003 at (a) 20 GHz and (b) 30 GHz. 

 

fencing.  Losses from surface waves do not matter much for single element applications, 

but will have significant impact on large arrays. 

Finally, the AR bandwidth is typically much smaller than the impedance 

bandwidth, and this affects the acceptable operating bandwidth.  Fortunately, the full 

array will have significantly lower cross-polarization from techniques including 

rotational layout and sequential phasing of the antenna elements.  Also, close proximity 

of < 0.4λ0 element spacing at 20 GHz will also reduce cross-polarization spurious 

responses.  The lower frequency response should thus be optimized for operating 

bandwidth, and the higher frequency response for axial ratio performance. 

 

5.3.3  20/30 GHz CP Antenna: EM Simulations 

The proposed concept is simulated in HFSS with Rogers RO4003 laminate (r = 

3.55, tan = 0.0027) for the substrate with thickness hB = 0.020”, and RO4450 prepreg 

for the top substrate (r = 3.54, tan = 0.004) and thickness hT = 0.008”.  Other physical 

dimensions are presented in Table 5.2. 
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Figure 5.11:  Simulated reflection coefficient for dual-band antenna element; (a) in 

dB, and on Smith chart for case (b) with and (c) without via fencing. 

 

Table 5.2:  Physical dimensions (units in mils) for 20/30 GHz microstrip 

antenna. 

 wT (=lT) cT wB lB cB s sl ss sw 

w/o via 

fence 
117 9.5 94 106 15 25 23 20 10 

with via 

fence 
117 7.5 95 102 12.5 22 23 20 10 
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Figure 5.12:  Simulated AR for LHCP (solid line: w/o via-fencing, dashed line: with 

via fencing). 

 

Figure 5.11 presents the simulated input reflection coefficient of the antenna 

element configured for LHCP, and Figure 5.12 the simulated AR.  The presence of via 

fencing slightly reduces the impedance and axial ratio bandwidth, but enhances the 

radiation efficiency from 40-25% for 20-30 GHz, to 51-64%, which matches closer to 

the theoretical calculations in Figure 5.10.  The bandwidth is still too narrow to cover 

the entire Ka-band, and more design effort is needed. 

 

5.4  Dual-Band 3-dB Couplers 

The preceding section reveals the challenges for achieving wide operating 

bandwidth for both operating frequencies from an antenna element with a single feed-

point.  A potential solution is to use 3-dB couplers with quadrature or differential phase 

offsets, for interface with antenna elements with dual or quadruplet feed points.   

With f1 = 20 GHz, f2 = 30 GHz, and frequency ratio of f2/f1 = 1.5 as the primary 

goal, preference for compact size for ease of implementation is the secondary goal for 

choice of implementation.  This is especially significant since 0.6λ0 of element spacing 

at f2 translates to 0.4λ0 at f1, or barely 0.25” in physical dimensions. 

Finally, the last goal, and perhaps presenting the highest challenge for this 

approach, is to have up to 2 GHz of operating bandwidth in both bands.  Figure 2.12 

(and Figure 2.13) presents the acceptable Xpol levels for LP (and CP) based on 
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Figure 5.13:  (a) Generic representation for couplers, (b) TLIN replacements with 

(LoP and HiP) slow-wave structures, and implementation with (c) loaded TLINs (π/T 

LoP network), or (d) cascade of LoP and HiP T network unit cells. 

 

amplitude imbalance and feed offset from ideal quadrature (and differential) phased 

excitation, which in turn falls upon the amplitude and phase imbalance of the 

components available. 

 

5.4.1  General Classification 

A survey of existing literature reveals the following 2 generic classification of 

implementation for couplers with dual-band operation (Figure 5.13a):   

Class I -   

phase difference at f1: Δϕf1 = -/+ ϕQD, [87], [88], where  

ϕQD = ϕQ = 90° for quadrature-phased (0/90°) couplers, and 

ϕQD = ϕD = 180° for differential-phased (0/180°) couplers 

Quadrature phase difference at f2: Δϕf2 = Δϕf1 +/- 180° 

 Implementation: couplers comprising of slow-wave TLIN structures 
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Figure 5.14:  Single stage (a) branch-line, (b) rat-race couplers, and (c) lossless T-

junction implementations for 3-dB splitting. 

 
a - capacitively loaded TLIN sections, typically with T or π 

network (Figure 5.13c) 

b - cascade of low-pass (LoP
1
) / high-pass (HiP

2
) networks  

(Figure 5.13d) 

-  possible to synthesize any frequency ratio 

Class II -   

Quadrature phase difference at f1: Δϕf1 = -ϕQD  

Quadrature phase difference at f2: Δϕf2 = Δϕf1 

Implementation: wideband couplers, with electrical lengths defined at 

center of both bands, i.e. at f0 = (f1 + f2)/2 

a - multi-section wideband couplers 

-  small f2/f1 ratio 

                                                 
1
 “LP” is designated as linear polarization, hence “LoP” for low-pass. 

2
 “HP” is designated as horizontal polarization, hence “HiP” for high-pass. 
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b - extension of single-stage couplers [89],[90] 

-  moderate/wide f2/f1 ratio 

For Class I implementation, quadrature-phased couplers are implemented with 

branch-line couplers (Figure 5.14a), which (for a 50 Ω system) require λg/4 long with 

characteristic impedance of 35.35 Ω and 50 Ω, where λg refers to the guided wavelength 

of the TLIN.  Rat-race couplers are used for differential-phased implementation (Figure 

5.14b), and require 70.7 Ω impedance TLINs with lengths of λg/4 and 3λg/4.  Lossless 

Tee-junction with additional TLIN phased feeds are also considered (Figure 5.14c), and 

requires additional 50 Ω with lengths of +/- λg/4 and +/- λg/8. 

 

5.4.2  TLIN with LC implementation 

Consider a TLIN section, of characteristic impedance Z0 at frequency f0.  Its per-

unit-length inductance (LPUL) and capacitance (CPUL) normalized to 1 wavelength at 

frequency f0 is 

000

0 1
,

fZ
C

f

Z
L PULPUL                (5.1)  

For a given electrical length θ°, the low-pass L-section series inductance (LLP,L) 

and shunt capacitance (CLP,L) are given as (Figure 5.15a) 

360
,

360
,,


PULLLPPULLLP CCLL            (5.2)  

Conversion of the low-pass to high-pass L-section network involves the 

replacement of series inductors (LLP,L) and shunt capacitors (CLP,L), to series capacitors 

(CHP,L) and shunt inductors (LHP,L) respectively, with the resonance condition for 

reactance-replacements; 

 2

0

,,,,
2

1

f
CLCL LLPLHPLHPLLP


                  (5.3)  

Note, for the TLIN with electrical length θ° at f0, through phase response for 

low-pass L-section will be = - θ° (which is consistent with the TLIN response), and = + 

θ° for the high-pass L-section. 

Cascade of N-stages of L-sections allows for bandwidth widening, and requires 

the lumped component values to be reduced by and multiplied by N times for low-pass 
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Figure 5.15:  LoP (left) and HiP (right) TLIN implementation with LC networks; (a) 

basic L-section, (b) cascaded L-sections for wider bandwidth, (c) T- and (d) π-

network implementation. 

 

and high pass implementation respectively (Figure 5.15b).  Finally Figure 5.15c & d 

presents the T- and π network implementation for network symmetry, with the 

appropriate scaling factor for consistent phase response. 

 

5.4.3  Dual-band Couplers with Low-pass/Hi-pass TLINs 

There are many methods for replacing TLINs with LoP/HiP networks, including 

methods involving composite left-right handed unit-cells [87] [88], but a simple low-

pass and high-pass cascade will be presented, as intent is to use a canonical form for 
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Figure 5.16:  Unit-cell of (a) LoP and (b) HiP Tee-networks, and (c) TLIN 

comprising of 3-stage LoP/HiP (N = 3). 

 

evaluation of theoretical limits on amplitude and phase imbalance at both operating 

frequencies (20/30 GHz). 

Figure 5.16a,b presents a unit-cell implementation for LoP and HiP sections 

respectively, and more unit-cells can be cascaded in the LoP and HiP sections as higher 

stages for wider bandwidth requirements.  The proposed TLIN replacement will be a 

cascade of LoP and HiP network (Figure 5.16c).  Note that 2 sections are inadequate for 

good TLIN response; 4-6 sections synthesizes the TLIN well; there is no difference 

observed on the synthesized TLIN performance (and the couplers response) with more 

than 6 sections; 3 sections may not be adequate for good response, but can be 

considered for cases where compromise in performance is tolerated for size constraints. 

The theoretical calculations presented in Figure 5.15 cater for LoP or HiP 

replacement, but not for LoP/HiP cascade, as the latter involves defining cutoff-

frequency definition for the overall pass-band filtering characteristics. Nevertheless, 

they provide appreciation for expected range of LC values and number of stages 

required for desired frequency & bandwidth.  Table 5.3 lists the reactance values for 

unit-cells presented in Figure 5.16a-b more suited for TLIN implementations at 20/30 

GHz as presented in Figure 5.13b.  Note that these LC are not unique for the desired 

phase and characteristic impedance at the both operating frequencies. 

Figure 5.13b shows two implementation approaches; LoP at f1 and HiP at f2 

(denoted as “Lf1Hf2”), and HiP at f1 and LoP at f2 (denoted as “Hf1Lf2”).  If sufficient 
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Table 5.3:  TLIN implementation with composite LH/RH comprising of Tee-

network LoP/HiP unit cells 

TYPE I - ∠S21= - θ° AT 20 GHZ, = + θ° @ 30 GHZ  (Lf1Hf2) 

θ TLIN Z0 (Ω) No. stages LLP (nH) CLP (pF) LHP (nH) CHP (pF) 

90° 

35.35 

3 

0.215 0.190 0.434 0.644 

50 0.304 0.134 0.615 0.456 

70.7 0.429 0.0950 0.869 0.322 

35.35 

4 

0.151 0.185 0.497 0.760 

50 0.214 0.131 0.702 0.538 

70.7 0.303 0.0925 0.993 0.380 

35.35 

6 

0.104 0.142 0.661 1.044 

50 0.146 0.100 0.935 0.738 

70.7 0.207 0.0708 1.322 0.522 

45° 50 6 0.216 0.111 0.601 0.376 

 

TYPE II - ∠S21= + θ° AT 20 GHZ, = - θ° @ 30 GHZ  (Hf1Lf2) 

θ TLIN Z0 (Ω) No. stages LLP (nH) CLP (pF) LHP (nH) CHP (pF) 

90° 

35.35 

3 

0.157 0.153 0.276 0.269 

50 0.222 0.108 0.390 0.191 

70.7 0.313 0.0766 0.551 0.135 

35.35 

4 

0.215 0.190 0.434 0.644 

50 0.304 0.134 0.615 0.456 

70.7 0.429 0.0950 0.869 0.322 

35.35 

6 

0.0757 0.103 0.411 0.554 

50 0.107 0.0731 0.581 0.392 

70.7 0.151 0.0517 0.822 0.277 

45° 50 6 0.0526 0.0402 1.052 0.803 

 

stages are employed for TLIN synthesis, differences from most components with TLIN 

synthesized from Lf1Hf2 or Hf1Lf2 are almost negligible.  Differences may be more 

significant if 3 stages are used for the TLIN synthesis.  
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Figure 5.17:  Simulated branch-line coupler response with 6-stage LoP/HiP TLINs. 

 

 

 

 Figure 5.17 presents the response for lossless T-junction splitters synthesized 

with 6-section TLINs.  High amplitude impedance is observed as the bandwidth 

approaches 1 GHz.  Flat 90° phase ratio was observed for a narrow-band region.  This is 

a great narrow-band solution, but perhaps not suited for wideband requirements, unless 

more branch-line stages (not LoP/HiP TLIN stages) is considered. 
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Figure 5.18:  Simulated extended T-junction splitter response (0/90°) with 6-stage 

LoP/HiP TLINs. 

 

 

Figure 5.18 presents the response for lossless T-junction splitters (0/90°) 

synthesized with 6-section TLINs (TLIN schematic in Figure 5.14c).  Significant 

improvement is found in the amplitude imbalance over the desired 1 or 2 GHz 

bandwidth, at the expense of flat 90° phase difference for a small narrow-band range. 
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Figure 5.19:  Simulated rat-race coupler response with 6-stage LoP/HiP TLINs. 

 

 

Figure 5.19 presents simulated response for a rat-race coupler with 6-stage TLIN 

implementation, and Figure 5.20 for lossless T-junction splitters (0/180°).  Both set of 

results are very promising for wideband operations, with the rat-race implementation 

more superior in performance with less phase imbalance from the differential-phase 

condition across a wider bandwidth. 
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Figure 5.20:  Simulated extended T-junction splitter response (0/180°) with 6-stage 

LoP/HiP TLINs. 

 
These plots presents the fundamental limitations of the amplitude and phase 

imbalance that can be obtained with single stage (coupler) quadrature and differential 

phased couplers implemented with LoP/HiP transmission lines.  Differential phased 

couplers can be implemented with rat-race using this approach.  Branch-line topology 

may not be as suitable for wide-band operations, and the limitations stems not from the 

TLIN synthesis, but from the intrinsic nature of the branch-line coupler topology. 

For purpose of comparison, theoretical response for single-stage couplers with 

ideal TLINs implementation are presented in Figure 5.21 for quadrature-phased couplers 
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Figure 5.21:  Quadrature-phased couplers with ideal TLINs; branch-line (left) and 

extended T-junction splitter (0/90°) (right). 

 

(layout in Figure 5.14a & c), and Figure 5.22 for differential-phased couplers (layout in 

Figure 5.14b & c).   

The narrowband nature for the branch-line implementation in Figure 5.17 is 

verified in Figure 5.21.  The broad-band nature for the rat-race couplers in Figure 5.19 

stems from the use of HiP network, or “-λ/4” length of TLIN, in lieu of the 3λ/4 TLIN 

segment, and is verified from Figure 5.22. 
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Figure 5.22:  Differential-phased couplers with ideal TLINs; rat-race (left), 

modified rat-race with 3λ/4 TLIN replaced with -λ/4 (mid) and extended T-junction 

splitter (0/180°) (right). 

 
 

5.4.4  Extended Single-stage / Multi-stage Couplers Implementation 

Single stage branch-line couplers with extended features are presented in Figure 

5.23  [89],[90].  Unfortunately for frequency ratio of 1.5:1, the TLIN characteristic 

impedance required is not easy for implementation.  Figure 5.23a may be feasible for 

implementation in stripline layers of multi-layered stack-up, where TLIN characteristic 

impedance are typically low due to the close proximity of the ground layers to the 
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Figure 5.23:  Extension of single-stage branch-line couplers (a) with port extension  

[89], and (b) with cross-coupled TLIN [90]. 

 

stripline traces.  Layout for 2-stage branch-line and rat-race couplers are presented in 

Figure 5.24. 

The following impedance values are required for the 2-stage branch line coupler 

(Figure 5.24a), and the corresponding simulated response presented in Figure 5.25. 

Z1 = 36.6 Ω,    Z2 = 97.6 Ω, 

Z3 = 60.2 Ω, 

The 2-stage coupler response is much more suited for wideband operation at 

both operating frequencies. 

Similarly, the following impedance values are required for the 2-stage rat-race 

coupler (Figure 5.24b), and the corresponding simulated response presented in Figure 

5.26. 

Z1 = 54 Ω,    Z2 = 48 Ω, 

Z3 = 28.2 Ω,   Z4 = 70 Ω, 

Z5 = 67 Ω, 
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Figure 5.24:  2-section (a) branch-line and (b) rat-race couplers implementation. 

 

 

2-stage wideband couplers has proven to provide the best response for wide 

bandwidth requirements for small operating frequency ratio (f2/f1 = 1.5), especially for 

the quadrature-phased couplers where the other alternative with LoP/HiP TLIN 

synthesis has not been very promising. Unfortunately the size requirements may not be 

feasible for implementation, especially with elements located closed to each other of 

0.4-0.5 λ0.  They can be considered for high performance requirements in other parts of 

the feed network, or if the other two presented solutions (single-fed dual-band antenna 

element, multiple feed points antenna element fed with 4-6 stage LoP / HiP couplers) 

are proven to be inadequate for providing the required bandwidth. 
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Figure 5.25:  Simulated branch-line response with 2-stage rat-race coupler. 
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Figure 5.26:  Simulated rat-race response with 2-stage rat-race coupler. 
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5.5  Conclusion 

Designs and simulations for dual-band CP antenna element (with single feed-

point) and dual-band couplers are presented for operating frequency ratio of 1.5:1.  

From the complexity of achieving desired (2 GHz) bandwidth at both operating bands, 

feasible solution may be to perhaps consider a combination of 

- using antenna elements with multiple inputs, a set of quadrature inputs for CP 

operating for each frequency, and  

- integration of active circuitry deep into the antenna front-end routing with 

RFIC implementation, and integrating the functionalities of the diplexers or 

dual-band 3-dB couplers into the RFIC active circuitry, and feeding from RFIC 

chips/channels directly into the multiple feeds of every antenna element. 

Chapter 5, in part, is based on and mostly a reprint of the material that has been 

published in Proc. IEEE Antennas Propag. Symp. (Jul 2014), Kevin M. Ho and Gabriel 

M. Rebeiz.  The dissertation author was the primary author of this material. 
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Chapter 6  

Conclusion 

 

6.1  Summary of Work 

This thesis presents the first microstrip antenna with full-polarization diversity 

across a wide frequency tuning range, low-cost development of active antenna receiver 

array, and studies and component designs for development of Ku/Ka-band shared 

aperture CP antenna array. 

Chapter 2 presents microstrip antenna designs for full polarization diversity, 

frequency tuning, and combination of both polarization diversity and frequency agility.  

Hardware verifications are presented, with measured tuning range covering 1.6:1 and 

1.4:1, for linear and circular polarized cases.  High reliable commercial-packaged RF 

MEMS SPDTs are used for the design of novel re-configurable feed network for 

polarization diversity control.  Discussion on theoretical cross-polarization from a 

probe-fed microstrip antenna for both linear and circular polarization is presented. 

Chapter 3 features the packaging and implementation of multi-channel phased 

array RFIC chips with commercial QFN plastic packages on commercial-grade multi-

layered PCBs, as part of a FMCW radar sensor.  Potential performance degradation, 

ranging from matching with package-PCB interface, to array radiation limitations from 

choice of PCB, is discussed in depth.  Design curves presented as future reference for 

quick evaluation purposes.  Hardware verifications are presented. 

Chapter 4 presents on theoretical pattern studies for circular polarized arrays.  

Implementation methods to enhance CP performance and beam scanning is identified, 

and resulting Xpol from various layout configuration for broadside beam and 30° beam 

scan conditions presented.  Chapter 5 presents the design of a dual-band antenna 
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element with a single feed-point, and designs for 3-dB couplers with differential or 

quadrature phase offsets, for 20/30 GHz concurrent dual-band operation.   

 

6.2  Future Work 

The microstrip antennas with full polarization diversity can be implemented with 

high Q MEMS tunable capacitors, to allow for better radiation efficiency across the 

tuning range.  It can be cascaded to form a fully re-configurable multi-beam multiple 

frequency phased array aperture, with part of the feed network (namely the switches, 

0/180° differential splitters and delay lines) absorbed into the RF front-end circuitry 

(amplifiers and phase shifters) for monolithic-level of integration with RFICs or MMICs 

for further scalability array development. 

X-band phased array antenna efforts reveal the potential matching possibilities 

and challenges with the use of QFN plastic packages up to 20 GHz.  Using the results 

presented, careful design can be planned for further extension of the QFN packaged 

phased array RFIC chips across Ku-band.  On the other hand, similar approach can be 

considered for design of antenna arrays on low cost multi-layered commercial-grade 

PCBs for higher frequency applications with active devices assembled with wire-

bonding or flip-chip methods. 

Finally, the results of studies presented in Chapter 4 forms the fundamental basis 

for realistic Xpol expectations for final CP array performance.  Combined with the 

appreciation of limitations imposed by the dual-band elements designed in Chapter 5, 

theoretical limitations in design specifications for the antenna elements and any dual-

band components can be identified at an early stage.  Similar to the previous case, the 

dual-band components (e.g. diplexer and couplers) can be implemented directly on a 

monolithic level of integration (with or without some RF front-end components) on the 

RFICs or MMICs, removing the compact space constraints requirements. 
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Appendix A  

Apparent Deviation of Microwave Materials 

Relative Permittivity 

 

A.1  Introduction 

Dielectric permittivity values for microwave materials are, rightfully, an intrinsic 

property of the materials.  For the same material, say, a sheet of RO4003 laminate for 

microstrip substrate, the relative permittivity should not be varying with the substrate 

thickness.  Unfortunately, measurements of microstrip TLIN resonators and filters have 

revealed a consistent deviation away from EM simulations, with the measured 

frequency constantly lower than simulated values. 

Simulation setups will result in variations of resonances, with infinitesimal metal 

thickness for microstrip trace resulting in lower resonance frequencies than 3D metal 

geometry.  Material cross-sectional inhomogeneity (e.g. orientation of woven glass in 

epoxy-filled organic resin for FR-4) will also result in material effectively having 

different permittivity values, based on the orientation of signal trace and board 

thickness. 

Besides such variations in simulation set-ups and known variation for material 

fillings, this Appendix presents 3 factors which are not as obvious and not well 

appreciated by the community, but are prominent factors which causes measurement 

deviations from simulations for highly frequency selective circuits; 

I:  

Deviation of relative permittivity values from stripline test resonators for 

microstrip circuits. 

II:  
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Table A.1:  List of some Rogers laminates and dielectric constant values. 

Laminate εr from stripline resonator εr from FSR 

RT6006 6.15 6.32 

RO3006 6.15 6.4 

RO3206 6.15 6.27 

RO4360 6.15 6.6 

RT6010 10.2 10.56 

RO3010 10.2 11.2 

RO3210 10.2 10.8 

RO4003 3.38 3.55 

RO4350 3.48 3.66 

 

Anisotropy of dielectric materials. 

III:  

Surface roughness in conductor-dielectric interface. 

Impact of these factors on measurements will be presented, together with 

methods (and corresponding implications) of performing adjustments in the simulations 

for ensuring consistency in measurements and simulations, namely for resonances. 

 

A.2  3 Factors for Apparent εr deviation  

A.2.1  X-band Stripline Test Resonator Standard 

For purpose of ensuring consistency of evaluated material εr and tanδ in the 

microwave region, IPC-TM-650 method 2.5.5.5 details the procedures for material 

evaluation in a stripline configuration at X-band.  Figure A.1 presents the layout and 

assembly for stripline measurements [91]. 

Allowing for direct measurements in the X-band region, this measurement 

method is used for quality evaluation and control purposes.  Other methods are usually 

based on time-domain measurements (time-domain reflectometry, TDR) and are at MHz 

region.  Arguments against them include deviation of permittivity properties as 
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(a) 

 

 
(b) 

Figure A.1:  Stripline test resonator (a) layout and (b) assembly details [91]. 

frequency increases into microwave region. 

Problem with this method is the existence of trapped air-gap in the metal-

substrate interface, leading to deviation of actual material εr value.  Air gaps at sides of 

traces have no significant impact on the measured response [92].  Boards with higher 

permittivity values are subjected to larger deviation from this air-gap mechanism. 

Alternative dielectric constant evaluation methods include full-sheet resonance 

(FSR) method, with the details and procedures found in IPC-TM-650 2.5.5.6 standard.  
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It is essentially treating the material under test (MUT) as a cavity resonator, and probing 

the resonant frequencies of the various modes based on the size of the MUT.   

Recent years Rogers presents the use of differential phase length method [67] for 

customers’ reference.  It is essentially the phase measurement of two lengths of TLINs, 

and equating the measured phase difference of both cases to the difference of the 

physical lengths of both TLINs. 

 

A.2.2  Dielectric Uniaxial Anisotropy 

As the cross-sectional profile of some dielectric materials are not homogenous, 

instead of a constant value, the dielectric constant can be accurately represented by a 

tensor with the diagonal elements εxx, εyy, εzz capturing the full variation of dielectric 

constant in 3D space. 

Considering the layout of a pair of coupled microstrip TLINs on the X-Y plane, 

the anisotropy can be reduced to an uniaxial anisotropy; namely a horizontal and a 

vertical component, i.e. εhori = εxx = εyy, and εvert = εzz. In this way, the odd-even mode of 

the coupled lines can be intuitively decomposed, with the odd mode dominated by the 

lateral dielectric constant (εhori), and the even mode determined by the vertical dielectric 

constant (εvert) [92],[93]. 

Lightly coupled single resonators (e.g. linear or ring resonators) can only 

evaluate a single resonance corresponding to the vertical dielectric constant value.  The 

lateral dielectric constant value can only be evaluated from a pair of coupled lines, with 

the coupling coefficient providing the information for evaluating the lateral dielectric 

constant. 

Using a microstrip filter as an illustration with the center frequency consistent in 

both simulations and measurements; εhor > εvert if the measured bandwidth is consistently 

wider from the simulations (Figure A.2). 

Impact of this factor can be captured in Sonnet and HFSS.  Sonnet allows for 

entry of horizontal- and vertical- dielectric constant values.  HFSS allows for entry of 

full-3D anisotropic values.   
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Figure A.2:  Impact of εhori > εvert on microstrip filter and EM modeling with 

(yellow trace) and without (green trace) uniaxial anisotropy [93]. 

 

 

Some anisotropic values reported include [93]; 

 RO3010: εhori = 12.1, εvert = 11.3 

 RO4350: εhori = 3.3, εvert = 3.6 

 

A.2.3  Surface Roughness 

As presented in Chapter 3, impact of surface roughness on apparent εr deviation 

is not as obvious.  Its impact is easily identified from the other factors when the 

measured resonance frequency of a microstrip resonator decreases significantly with 

reduction in substrate height.  Impact from this factor increases as substrate thickness 

decreases. 

Surface roughness options in most EM solvers compensates for the losses, but 

not on the phase velocity.  Sonnet accounts for both losses and inductance impact, thus 

capturing the impact of apparent dielectric variation without the need to explicitly 

change the dielectric constant values for the simulations.  Figure 3.24 presents the 

apparent change of substrate εr and height based on conventional microstrip TLIN 
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Figure A.3:  Apparent dielectric constant values for ED 0.5 oz copper-cladded (a) 

RO4003 and (b) RO4350 laminates, with compensation for surface roughness.  Data 

compiled from [94]. 

 

model, to adequately account for the surface roughness impact on both characteristic 

impedance and phase velocity. 

A possible method to capture the resonant frequencies consistently in both 

simulations and measurements is to increase the relative permittivity values based on 

measurements of test resonators.  Though this allows for consistent simulated and 

measured resonances, information for TLIN characteristic impedance is compromised 

(as presented in Chapter 3), and depending on the nature of the circuit, that may or may 

not be as severe of an impact. 

Using measured data from differential phase length method, the following εr 

values are presented by Rogers (through their MWI software application [94]), for 

RO4003/4350materials with 0.5 oz ED copper cladding (corresponding to 2.8 µm 

roughness).  The impact of surface roughness is more prominent on RO4000-series 

laminates, due to the higher surface roughness values (2.8 µm) than others (0.6-1.8 µm). 
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A.3  Fitted Design Parameters for RO4350 microstrip TLINs 

Rogers RO4350 commercial-grade laminates are extensively used for various 

applications, namely due to its low substrate losses, combined with its FR4-fabrication 

compatibilities, UL-94 flammability certification, and low cost.   

For 0.5 oz ED Cu-cladding on RO4350 laminates, there will be 2.8 µm of 

surface roughness between the conductor and substrate.  Plated via processes will incur 

another 0.5 oz of copper, resulting in a total copper thickness of 1 oz, or 35 µm.  Sonnet 

surface roughness model were used to simulate microstrip TLINs on RO4350, with 2.8 

µm surface roughness, 35 µm copper thickness, and substrate thickness from 0.0067” to 

0.02”.  The S-parameter responses from Sonnet were fitted with conventional microstrip 

transmission line model [68]. 

Through the S-parameter fittings, apparent substrate relative permittivity and 

substrate height that ensures the conventional microstrip model for the S-parameter 

responses to be fitted to Sonnet’s simulated responses with surface roughness 

considerations were identified, and presented in Figure A.4.  From Figure A.4b, the 

apparent substrate thickness is consistently higher than the physical thickness, to allow 

for the microstrip TLIN modeled characteristic impedance to correspond to the higher 

characteristic impedance values (Figure A.4c) arising from the per-unit-length 

inductance enhancement associated with the surface roughness.  Information for 

substrate thickness of beyond 0.02” is not presented in the plots, since the per-unit-

length inductance effect arising from the surface roughness decreases as the substrate 

thickness increases, and is less significant for thickness of > 0.02”. 

Polynomial equations that can be easily used in circuit simulators, relating the 

apparent substrate εr and height information as presented in Figures 4a,b to microstrip 

TLIN trace widths, are derived and presented below:   
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Figure A.4:  (a) Apparent substrate dielectric constant and (b) substrate height for 

use with conventional microstrip model, and (c) simulated characteristic impedance 

for microstrip TLINs on RO4350 with 35 µm copper thickness and 2.8 µm surface 

roughness. 
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With ‘w’ the trace width of the microstrip TLIN (in mils), ‘εr’ and ‘ht’ the 

substrate’s relative permittivity height: 

 

- for physical substrate thickness of 0.0067”; 

9.3379 + w2.5301e- w1.3569e+ w3.5726e- w4.4735e+ w-2.1313et

4.1368 + w1.8222e- w1.0471e+ w2.8905e- w3.7018e+ w-1.7767e

1-22-34-46-58-

-22-33-54-75-9

r





h


 

(A.1) 

- for physical substrate thickness of 0.01”; 

13.455 + w3.4873e- w1.8579e+ w4.8940e- w6.1498e+ w-2.9391et

4.0496 + w1.9892e- w1.0269e+ w2.6438e- w3.3007e+ w-1.5887e

1-22-34-46-58-

-22-33-54-75-9

r





h


 

(A.2) 

- for physical substrate thickness of 0.0133”; 

17.521 + w4.5121e- w2.3935e+ w6.2644e- w7.8139e+ w-3.7087et

3.9886 + w1.5914e- w7.0874e+ w1.6099e- w1.8196e+ w-8.1755e

1-22-34-46-58-

-22-43-54-75-10

r





h



(A.3) 

- for physical substrate thickness of 0.0167”; 

21.474 + w5.3318e- w2.7758e+ w7.1806e- w8.8837e+ w-4.1919et

3.9592 + w1.4779e- w6.0716e+ w1.3456e- w1.5362e+ w-7.0968e

1-22-34-46-58-

-22-43-54-75-10

r





h


 

(A.4) 

- for physical substrate thickness of 0.02”; 

25.385 + w6.4293e- w3.3909e+ w8.8396e- w1.0975e+ w-5.1841et

3.9412 + w1.5014e- w6.5884e+ w1.6165e- w1.9939e+ w-9.5857e

1-22-34-45-58-

-22-43-54-75-10

r





h


 

(A.5) 

Units of w is in mils, i.e. w=10 for trace width of 0.01” 

Valid for trace widths within 0.005” to 0.07”, these polynomial equations will 

allow for the ease of modeling of RO4350 microstrip TLINs in most circuit simulators 

(e.g. εr and height for MSUB in ADS), retaining the physical dimensions of the 

microstrip TLIN traces (namely trace widths and lengths), while ensuring high accuracy 

and measurement consistency for the simulated responses by capturing the impact of the 

surface roughness on both the phase velocity and characteristic impedance values.   
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A.4  Conclusion 

3 dominant factors on the apparent εr deviation from measurements are 

introduced. Electrical permittivity of materials values are intrinsic to the material, and 

should rightfully not be subjected to changes.  In some cases (e.g. factors I,II), the true 

intrinsic permittivity property were not adequately evaluated, justifying the need for 

adjustments of permittivity values (increasing the εr values for factor I, and introducing 

anisotropy for factor II). 

In other cases (surface roughness for factor III) external influences on the 

measured resonant frequencies, especially for microstrip resonators, coupled with the 

limitations of solvers to capture all the extrinsic factors adequately, will require the need 

for appropriate correction factors to the εr values, to allow consistency for most EM 

solvers with measured results.  Deviation of characteristic impedance information has to 

be noted, though it may not be of any consequence to the design/measurements for most 

classes of microwave circuits, save for an offset trend which may be erroneously 

attributed to “fabrication tolerances”.  
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