
UC Berkeley
UC Berkeley Electronic Theses and Dissertations

Title
Hybrid Switched-Capacitor Converters for High-Performance Power Conversions

Permalink
https://escholarship.org/uc/item/5gv3p2sd

Author
Liu, Wen Chuen

Publication Date
2020
 
Peer reviewed|Thesis/dissertation

eScholarship.org Powered by the California Digital Library
University of California

https://escholarship.org/uc/item/5gv3p2sd
https://escholarship.org
http://www.cdlib.org/


Hybrid Switched-Capacitor Converters for High-Performance Power Conversions

by

Wen Chuen Liu

A dissertation submitted in partial satisfaction of the

requirements for the degree of

Doctor of Philosophy

in

Engineering — Electrical Engineering and Computer Sciences

in the

Graduate Division

of the

University of California, Berkeley

Committee in charge:

Associate Professor Robert C. N. Pilawa-Podgurski, Chair
Professor Van P. Carey

Professor Ali M. Niknejad
Professor Seth R. Sanders

Spring 2020



Hybrid Switched-Capacitor Converters for High-Performance Power Conversions

Copyright © 2020

by

Wen Chuen Liu



1

Abstract

Hybrid Switched-Capacitor Converters for High-Performance Power Conversions

by

Wen Chuen Liu

Doctor of Philosophy in Engineering — Electrical Engineering and Computer Sciences

University of California, Berkeley

Associate Professor Robert C. N. Pilawa-Podgurski, Chair

High-performance power conversions are essential in many applications, especially in the fast-
growing computing industries as well as the wireless sensor networks. A common example in
mobile devices is the dc-dc converter that converts the energy from a 4 V Li-ion battery to 1
V CPU / GPU chips, where efficiency and form factor are of the most important concerns.
Meanwhile, the source voltage increases with the processed power to reduce wire conduction
loss, e.g. 48 V DC grid for data centers. In particular, a hybrid approach has shown great
potential in achieving high efficiency, high power density and high conversion ratio, due to
its efficient passives and switch utilization compared to the conventional buck and switched
capacitor (SC) converters.

In this work, the development of a hybrid or resonant SC (ReSC) converter, along with
its soft-charging feature, is illustrated to address the fundamental limits of conventional
SC converters and efficiently utilize the high energy density of capacitors. On top of that,
various SC topologies are synthesized from a single unit cell for obtaining higher conversion
ratios. While several optimization approaches for switch utilizations have been established in
recent studies, they mainly focus on the ideal switch model but with the absence of practical
considerations. Therefore, a more comprehensive design and comparison framework for
commercially available switches and passive components with various voltage domains will be
elaborated throughout this work, in conjunction with the analysis and experimental results.
The proposed framework serves as a selection guideline for topologies, and it is further
solidified through various power converters with optimized switch employment, i.e. an on-
chip 4-to-1 V Dickson converter and an on-chip three-level boost converter implemented
using the custom switch sizing and voltage rating in 65 nm CMOS process; a 48-to-4 V two-
stage ReSC and a 4-to-1 bi-lateral energy resonant converter (BERC) built using ultra-low
on-resistance discrete silicon switches.

One of the most critical challenges for all hybrid SC converters is the flying capacitor bal-
ancing issues. Any occurrence of imbalance in the flying capacitor voltage leads to increased
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voltage stress on the switching transistors; meanwhile, the inductor current ripple is in-
creased leading to higher conduction loss. An auto-capacitor-compensation pulse frequency
modulation (ACC-PFM) controller for three-level converters is proposed to address it by
inherent negative feedback between unbalanced voltage and injected charge. The hybrid
approach employed in ACC-PFM, i.e. peak current-mode control with constant-off time and
valley current-mode with constant-on time, establishes not only a balanced flying capacitor
voltage but also a full-range output voltage regulation.

To further improve the efficiency and power density, two main types of floating supplies, i.e.
voltage borrowing technique (employ an existing voltage) and bootstrap circuit (generate a
new voltage), are introduced, compared and implemented in different situations. It is found
that the capacitance density ratio between the transistor gate capacitance and available
capacitors determines which type of floating supplies provides a more area-efficient solution.
On the other hand, the gate driving of a power MOSFET is investigated. A segmented gate
driver with multiple driving strengths is proposed, which is dedicated to reducing the ringing
issue by a low-strength driver and maintaining a low conduction loss by a high-strength gate
driver after the ringing-sensitive region. Gate driving techniques including floating supplies
and segmented gate drivers are also required by other classes of power converters, particularly
when dealing with high voltage using low-voltage devices.

Lastly, passive reduction techniques are developed to further enhance the energy utilization
of the passive components, along with the quantitative analysis of multiphase interleaving in
hybrid SC converters. A novel BERC concept merges the resonant inductors for the multi-
stage approach, by simultaneously using voltage- and current-type hybrid SC converters.
Both passive reduction techniques not only significantly reduce the converter size, but they
are also beneficial for high-current applications since lower inductance with higher saturation
current can be employed. Therefore, an excellent high power density can be achieved.

Several on-chip and discrete hardware prototypes for hybrid SC converters have been im-
plemented, measured and showing promising performance in efficiency , power density
and conversion ratios compared to prior arts, which are suitable for applications ranging
from point-of-load (PoL), data center power deliveries and energy harvesting. Meanwhile,
the hybrid approach offers a lot more design freedom in optimizing the switches and pas-
sives utilization, providing more opportunities in further improvement and research topics
for high-performance power converters.
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Chapter 1

Introduction

Over the past decades, the ever-growing computing industry has been one of the major driv-
ing forces for high-performance power conversion. Owing to the high electricity demand in
data centers and telecommunication systems, improving their energy efficiency is critical for
reduced cost and less environmental impact. This demand has stimulated high-performance
power deliveries, such as the intermediate bus architecture (IBA) moving from a 12 V legacy
voltage to a higher backplane voltage, ranging from 40 V to 60 V, to reduce the wire conduc-
tion losses associated with the source current. On the other side, as Moore’s law advances,
the voltage of computing loads is lowered for less switching loss, usually below 1 V for the
core devices or 3.3 V for I/O devices. As a result, the dc-dc interface between the DC grid
and the current-starving loads should sustain high input voltage and high output current
together with output regulation capability. This poses challenges to achieve high efficiency
and high power density in the conventional dc-dc regulators. Similar situations occur in
lithium-ion (Li-ion) battery-powered portable and wearable electronics since they may op-
erate at even lower voltages in near- and sub-threshold operation resulting in voltages down
to 0.3-0.5 V [1], [2].

Apart from voltage step-down applications, step-up converters are also essential in many
power conversion systems. For instance, in the application of Internet of Things (IoT), power
converters with high output voltage and high conversion ratio are demanded to interface be-
tween energy harvesters (below 1 V) and lithium-ion batteries (around 3 to 4.2V ) for wireless
sensor network (WSN) devices as shown in Fig. 1.1. Applications such as bio-implantable de-
vices [3], high-speed non-volatile low-power memories (e.g. ReRAM [4]) and display drivers
also require highly efficient voltage step-up conversion for better performance. Undoubtedly,
a low-voltage process technology is favored for these integrated systems, considering its high
integration density that offers a lower cost solution; yet, the device rating has become a
challenge due to the desired high output voltage in these systems.

Switched-capacitor (SC) converters [5]–[12] appear to be an enticing alternative for the
aforementioned applications. The presence of flying capacitors conduces to the voltage stack-
up capability in SC, which aids in providing high voltage with low-voltage devices. Moreover,
capacitors generally have significantly higher energy density than that of inductors [13], [14],
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Figure 1.1: Applications that requested high-performance voltage step-up power conversion.

yielding reduced overall size and a path to further integration. However, the relatively
low current capability and efficiency across wide conversion ratios have limited their use to
primarily low conversion, fixed-ratio applications. Contrarily, conventional magnetic-based
converters [4], [15]–[24] are able to sustain high efficiency across wide load ranges, but with
the compromise of further integration owing to the large inductor size.

Hybrid or resonant SC converters incorporate the advantages of both capacitor- and
magnetic-based converters. This class of converters preserves the ability to employ low-
voltage devices, along with passive reduction; thus, achieving high power density. The
inductor in hybrid SC mitigates the charge redistribution loss of SC converters (referred to
”soft charging”, as first identified in [25]), establishing an efficient power conversion across
wide conversion ratios. Many prior arts have demonstrated the promising performance of
hybrid SCs either in discrete [26]–[37] or on-chip [38]–[53] implementations. The trend shows
that the high-level theories are becoming maturer in discrete designs, and the majority of
the designs can be found in the 48-to-12 V power conversion [27]–[31] and some efforts are
currently moving toward direct point-of-load (PoL) [35]–[37]. Contrary to the top-down
voltage design in discrete implementations, researches in power management integrated cir-
cuit (IC), which are on the phase transitioning from pure SC and buck converters to hybrid
SC converters, are looking for opportunities in extension to high-voltage domains with high
performance. This can be seen not only from a whole new dedicated session in ISSCC but
also from commercial products by major IC design houses. This work explores the hybrid
SC from the perspectives of both discrete and integrated implementations, with an empha-
sis on efficient integration on power converters and all essential peripheral circuits for high
efficiency, high power density and high conversion ratio. Topological efforts are made to eval-
uate how switches and passives can be efficiently utilized. Also, critical circuit design and
techniques are investigated and implemented to maintain high reliability and performance.
The dissertation is outlined as follows.

Chapter 2 provides an overview for conventional power converters including low-dropout
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(LDO), SC and buck regulators, in terms of their applications and limitations. Chapter 3
then investigates into the charge sharing loss in SC by revisiting the two-capacitor problem,
and soft-charging techniques are introduced to turn a pure SC into a hybrid SC with a more
efficient energy utilization in the capacitors. Based on the fundamental SC cell, more SC
topologies with higher conversion ratios are synthesized in Chapter 4. A metric - output
impedance [5], [54] that models conduction loss and part of the switching loss is used to
indicate the switch utilization. Combing the output impedance and converter volume, a
novel figure of merit (FoM) - output conductance density, is proposed to characterize the
tradeoff between efficiency and power density. Higher output conductance density means
better switch and passive utilizations, or a higher efficiency with smaller form factor. A
comprehensive and comparative framework shows that advantages of each topology depend
on the applications and the available devices. Based on the comparison results, Chapter 4
paves the roadmap for the rest of the chapters. For instance, the Dickson topology is the
most suitable for chip implementation as illustrated in Chapter 5, while the series-parallel
topology is excellent for low-voltage discrete designs in Chapter 7. On the other hand,
with moderate switch utilization, the flying-capacitor multilevel topology is employed for its
wide-range regulation capability in Chapter 6 and the cascaded topology for its area-efficient
conversion ratio extension in Chapter 8.

Chapter 5 demonstrates the high switch utilization of a hybrid Dickson converter [38]
together with the highlight on the packaging and small form factor using voltage borrowing
technique on floating gate drivers. The core converter is implemented using 65 nm bulk
CMOS process, which integrates power MOSFETs, level shifters, gate drivers and digital
controller. The wafer-level flip-chipped 4 mm2 die is co-packaged with 3D stacked passives
on a fine-pitch interposer for high power density. A wide and continuous conversion range
between 4:1 and 15:1 is achieved from a 3-4.5 V input, with a peak output current of 1.53
A. Peak efficiency is 94.2% and peak power density 0.24 W/mm2.

Chapter 6 covers flying capacitor balancing issues, which have been one of the most criti-
cal challenges for all hybrid SC converters. An auto-capacitor-compensation pulse frequency
modulation (ACC-PFM) controller [52], [53], combining peak and valley current-mode con-
trols, is proposed to resolve the issue of unbalanced flying capacitor voltage, as well as to
regulate the output voltage. The capacitor balance is further strengthened through a delay-
equalized level shifter that generates duty ratios with only sub-ns deviations. The step-up
power conversion from the input voltage of 0.3− 3.0V to the output voltage of 2.4− 5.0V is
demonstrated through a three-level boost converter implemented in a 65 nm CMOS process
with 0.28 mm2 active area. This converter achieves 96.8% peak efficiency and an 83mA peak
output current, with an 8X peak step-up conversion ratio.

Chapter 7 shows the design for a multi-stage approach [26] for very high conversion ratios,
with an emphasis on addressing the requirement in data center applications. Each stage can
be optimally designed based on their voltage domains and associated available devices, which
improves the overall performance. A 48 V-to- 4V two-stage hybrid SC converter, cascading
a 2-to-1 resonant SC converter (high-voltage stage, using 40 V switches) and a 6-to-1 hybrid
series-parallel SC converter (high-current stage, using 25 V switches), is designed, built and
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tested. The hardware prototype achieves 97% peak system efficiency (including gate driver
losses) with the use of zero voltage switching (ZVS) control techniques for both stages. A
peak current density of 308 A/in3 or a peak power density of 1154 W/in3 is achieved. An
output conductance density of 1200 S/in3 at the conversion ratio of 12-to-1, which is even
better than that of the state-of-the-art 4-to-1 converter.

Chapter 8 discusses more diverse and potential approaches to increase power density. The
focuses are filter capacitance reduction and equivalent inductance enhancement for hybrid
SC converters, through multiphase interleaving techniques and bi-lateral energy resonant
conversion (BERC). In particular, the proposed BERC concept can easily be validated and
demonstrated by a 48-to-12 V converter prototype, which merges the inductors in two adja-
cent cascaded stages by relocating the output inductor of the second stage to its input. This
enables improved passive utilization, yielding a very compact size of 0.184 in3, along with
high efficiency of 98.9% using a zero voltage switching technique designed for BERC. The
prototype is tested up to 50 A, thus achieving an excellent power density of 3200 W/in3.

Finally, the conclusions are given in Chapter 9.
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Chapter 2

Fundamentals of Power Converters

A power converter transfers electrical energy from the form supplied by a source to the form
required by a load [55]–[57]. Take mobile phone as an example, a dc-dc power converter
is required to converter energy from a 4 V Li-ion battery to 1 V CPU and GPU chips.
Meanwhile, there are many power quality requirements, and high efficiency is of the most
essential ones for any power processing application. Not only the efficiency is related to the
electricity cost, but also the unpleasant heat dissipation issue that determines the power
density of a converter: higher efficiency means lower power loss, which may enable a more
compact converter with smaller size and weight without hitting the thermal limits. Some
other applications may require higher conversion ratio and better regulation capability. As
shown in Fig. 2.1, achieving these requirement involves the smart use of electronic devices,
analog and digital circuit, topology, system feedback control and mechanical packaging,
which will be covered to different extent in this dissertation. This chapter provides a brief
introduction to the basic electronic elements and their combinations in synthesizing power
converters.

2.1 Basic Elements - Passives and Actives

Like any other electronic systems, power converters are built up with passive and active
components. The passives primarily include resistors, R, magnetics (including inductors
and transformers, but inductors are mainly focused throughout this dissertation), L, and
capacitors, C. Fig. 2.2 shows the some combinations featuring low-pass filters in order to
cut off high-frequency noise. Their step responses can be analyzed in either frequency or
time domain through the following fundamental characteristics:

ZL = jωL, vL = L
diL
dt

(2.1a)

ZC =
1

jωC
, iC = C

dvC
dt

. (2.1b)
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Figure 2.1: Design requirement and framework for power converters.
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Figure 2.2: Step response of various low-pass filters.

For example, in the RC circuit, the capacitor impedance, ZC , is zero at the switching
instance due to high-frequency components, leading to low output voltage at Vo1; after that,
ZC increases with the DC input, allowing Vo1 to increase from 0. While in time domain,
the capacitor “resists” to have much voltage change, dvC , with its current, iC , limited by R,
causing a slow rise on output voltage. Similarly, the output voltage, Vo2, of the LR circuit
can be predicted through the duality of voltage and current. Both RC and LR circuits have
the same step response with time constants of RC and L/R, respectively. Different from
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RC and LR circuits, the LC circuit in Fig. 2.2 (c) shows a resonant frequency of

fres =
1

2π
√
LC

, (2.2)

where the mutual “resist” between inductor current and capacitor voltage leads to the oscil-
lation when the circuit is lack of damping resistance. Note the low-pass feature of LC circuit
is easier to observe through frequency domain. In practical applications, a load is hooked
up at the output of the low pass filters, and active components are added to condition their
output voltage.

Active components include switches and diodes, and metal-oxide-semiconductor field-
effect transistor (MOSFET) is the most commonly used in the field of power electronics due
to its high reliability and cost effectiveness. A MOSFET switch has three useful operational
regions: saturation, cut-off and linear (ohmic) regions. In linear regulators, the saturation
region with a tunable Ron is used. In the switching converter, including magnetic-based and
capacitor-based converters, the cut-off and linear (ohmic) regions providing the highest off-
resistance, Roff, and the least possible on-resistance, Ron, respectively, are used. The switches
of switching regulators control the energy flow through C and L by replenishing and releasing
their energy in a certain rate — switching frequency, fsw. Higher fsw provides lower capacitor
voltage (inductor current) ripple, when fsw � 1

2πRC
(fsw � R

2πL
) in Fig. 2.2 (a) and (b);

meanwhile, we can assume the capacitor (inductor) as a voltage (current) source while doing
quick qualitative analysis. In the case of Fig. 2.2 (c), the switching period should be much
smaller than one-fourth of the resonant period, i.e. fsw � 4fres to fulfill the assumptions
for voltage or current approximation. While capacitor voltage (inductor current) is assumed
relatively constant, the inductor current (capacitor voltage) can simply be linear.

In a power converter, passives are used to store and transfer the energy, and actives
control the energy flow. Different configurations of passive and active devices lead to linear
regulator, capacitor-based and magnetic-based converters, and a brief overview for these
power converter will be discussed in terms of their components, integration level, power
losses and conversion ratios.

2.2 Linear Regulator, Capacitor- and Magnetic-based

Converters

An intuitive way to obtain a specific output voltage is through a resistive divider as shown
in Fig. 2.3 (a). By tuning the equivalent resistance, Rp, of the converter, the output voltage
can be regulated within a certain allowable load range. The linear regulator or low-dropout
(LDO) voltage regulator as shown in Fig. 2.3 (b) demonstrates the idea with the pass transis-
tor resistance tuned by changing the gate-to-source voltage, Vgs of Mp. Similarly, switched-
capacitor (SC) converters adjust their internal resistance by changing fsw, e.g. the 1:1 SC
as shown in Fig. 2.4 (a) has an equivalent resistance of 1

fswCfly
. Compared to LDO, SC can
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Figure 2.3: Operating principle and schematic of a linear regulator.

Vin Vout

Co Ro

ϕ1 ϕ2 

Cs 

(a) 1:1 native conversion ratio

Vin Vout

Co Ro

ϕ1 ϕ2 

Cfly ϕ1 

ϕ2 

(b) 2:1 native conversion ratio

Figure 2.4: Schematics of capacitor-based converters.
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Figure 2.5: Operating principle and schematic of a magnetic-based converter.

provide conversion ratios other than 1:1 by adding more switches and capacitors, such as the
2:1 example shown in Fig. 2.4 (b). However, both LDO and SC have the efficiency of

η =
Vout
Vin

, (2.3)

which drops significantly when their output voltage deviates too much from input voltage,
due to their dissipative nature. Note the 2:1 SC has the same efficiency profile, except Vin
is replaced by Vin

2
in (2.3).

To improve the efficiency for wide conversion ratio, the V IV -energy flow as shown in
Fig. 2.5 (a) can be used, which ideally does not incur any intrinsic power loss during the
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Table 2.1: Comparison between conventional power converters.

Linear
Regulator, LDO

Capacitor-based
Converter, SC

Magnetic-based
Converter

Regulation speed High Medium Low

Integration level High Medium Low

Efficiency for wide CRs Low Low High

Step-up possibility No Yes Yes

Current rating Medium
(5 mA to 7.5 A)

Low
(10 mA to 300 mA)

High
(50 mA to 40 A)

voltage conversion. In practical circuit, the current source is implemented by an inductor,
and switches are added to control the voltage across the inductor. Fig. 2.5 (a) shows the
most basic magnetic-based converter — buck converter. The switching signals, φ1 and φ2,
of a buck converter are operated in a complementary way, controlling the average voltage
seen by the inductor. As the converter reaches steady state, there is no energy change across
the inductor or no inductor current ripple change after every switching period, or it is called
volt-sec balance:

(Vin − Vo) ·DTsw = Vo · (1−D)Tsw ⇒ D =
Vout
Vin

, (2.4)

where D is the turn-on duty ratio of φ1. Accordingly, the output voltage can be regulated by
tuning D. Compared to the dissipative conversion shown in Fig. 2.3 (a), the magnetic-based
converter can sustain more current without generating much power loss. Note the power loss
coming from switch Ron, capacitor equivalent series resistance (ESR), inductor DC resistance
(DCR), etc are not considered yet and they are unavoidable in all converters.

2.3 Advantages, Applications and Motivations

A simplified guideline for conventional power converters is shown in Table 2.1, with the
current rating range extracted based on the available parts from Texas Instruments as of
year 2020. Among various converters, the LDO has the simplest structure and it is easy
to be fully integrated. With only one passing transistor between its input and output, the
LDO is beneficial in achieving the fastest regulation and highest accuracy. Therefore, LDO
is extensively used in applications with critical voltage requirement, such as accurate sensor
and analog blocks. Other than LDO, SC can also be fully integrated due to the intrinsically
available on-chip capacitors, providing small form factor with the extra benefits on step-
up conversion or polarity reversal, especially useful in tiny-scale energy harvesting. Both
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Figure 2.6: Energy density of on-chip inductors and capacitors. Data points are collected
from integrated solutions with different fabrication processes in literature review.

LDO and SC have very limited efficiency when it comes down to the wide-range output
regulation. As a result, the buck converter is usually considered when efficiency is of the
greatest concerns, e.g. it is widely employed as the voltage regulator for current-starving
computing loads [19]. Given various advantages, combinations of different types of power
converters might also be considered. For example, when a critical voltage domain obtains
energy from a higher voltage level, one would suggest to have a buck converter as the front
stage for high step-down ratio with high efficiency, and an LDO as the second stage for very
clean output voltage.

Switching converters are potential in providing higher efficiency and more flexibility, since
the energy is transferred between non-dissipative elements. Apparently, the conventional SC
is an exception, which is operated in a dissipative fashion showing poor efficiency when
operating other than the native conversion ratio. However, the energy density of capacitors(

1
2
CV 2/Size

)
is indeed much higher than that of inductors

(
1
2
LI2
/

Size), because of the
simple planar and stack-up structure of capacitors in a typical IC fabrication process. The on-
chip capacitor can be 100X energy denser than inductor as shown in Fig. 2.6, or even 1000X
denser in discrete components [13], [14]. The contradiction between limited SC performance
and excellent capacitor energy density motivate this work. Questions left unanswered:

1. Why do the SC designs have the lowest current rating?

2. How to utilize the high energy density advantage of the capacitor?
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Chapter 3

Soft-Charging Techniques

This chapter begins with the popular two-capacitor problem to understand the fundamental
loss mechanism in conventional SC. It is found that the energy loss comes from the charge
sharing process between capacitors (or voltage sources), and this loss can be reduced by
multi-step charging as compared two-step charging in the two-capacitor problem. To further
eliminate the charge sharing loss, a soft-charging technique is introduced by adding inductors
into a conventional SC structure, ensuring a V IV -type energy transfer. As a result, a new
class of power converter — hybrid or resonant SC converter is developed.

3.1 Two-Capacitor Problem — Hard Charging

A simplified energy transfer between two capacitors is shown in Fig. 3.1 (a), where the left
capacitance is assumed much larger, i.e. C1 � C2, and it can be approximated as a voltage
source to C2. Initially, C1 and C2 have voltage of V1 and V2, respectively, and it is assumed
that V1 > V2. As the switch turns on, C2 will be charged from V2 to V1, and C1 needs to
provide a charge of Q1 = C2(V1 − V2). By comparing the output energy from C1 and the
stored energy in C2, there is an energy loss of

Eloss,hard = Q1V1 −
(

1

2
C2V

2
1 −

1

2
C2V

2
2

)
=

1

2
C2∆V 2, (3.1)

dissipated in Ron, where ∆V = V1 − V2. Fig. 3.1 (c) shows the capacitor current and
voltage waveform with various Ron. Even though reducing Ron decreases the settling time,
it meanwhile increases the current spike. By solely observing the energy loss on the resistor
using ER =

∫∞
0
i2RRondt, we can reach the same result as (3.1). Similar process happens in

all digital circuits, including gate drivers commonly used in power electronics, where Vdd is
the supply voltage and C2 is the gate capacitance. Fig. 3.1 (a) only shows one half part of
a switching process (switched on), the other half is to short the capacitance (switched off).
This leads to a total energy loss of CV 2

dd every switching period, and therefore the digital
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Figure 3.1: Capacitor charging by (a) a voltage source and (b) another capacitor, along with
the (c) capacitor voltage and current waveform.

circuit switching loss or the gate driver loss can be estimated through

Pdriver = CV 2
ddfsw. (3.2)

A more general case of capacitor charging is shown in Fig. 3.1 (b), where C1 and C2 have
different voltage level before the switch is closed. When the switch turns on, the voltage
across the parallel capacitors becomes V1+V2

2
, given C1 and C2 have the same capacitance,

C. Similar to the case in Fig. 3.1 (a), there is an energy loss1 of

Eloss,hard2 = Esw,open − Esw,closed

=

(
1

2
CV 2

1 +
1

2
CV 2

2

)
− 1

2
C

(
V1 + V2

2

)2

· 2 =
1

4
C∆V 2

(3.3)

to the hard charging process — an energy transfer from one capacitor (or a voltage source) to
another. This loss happens after the charge distribution process, and hence it is called charge
redistribution loss or charge sharing loss. Note the charge sharing loss increases quadratically
with the voltage difference, ∆V , between the capacitors, which contradicts to allowing more
voltage ripple and utilizing the high energy density in the capacitors. This explains why
conventional SC has lower current rating, since higher processed current leads to higher ∆V
and the power loss increases accordingly. In most cases, the switching frequency is designed
much higher to avoid charge sharing loss and that further incurs undesired switching loss.

1Although the energy loss is regardless of the value of Ron, we can always assume Ron > 0 in practical
applications. Therefore, we will not run into two-capacitor paradox for zero Ron
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3.2 Staircase Charge Transfer — Quasi-Soft Charging

Instead of charging the capacitor directly to a target voltage, one or several intermediate
values, Vm, can be inserted between the initial and the target voltage. In the case of one Vm
inserted, C2 is first charged from V2 to Vm, and then from Vm to V1. For simplicity, C2 is
assumed being charged by a large capacitance or a voltage source. By using (3.1), the total
energy loss of the two-step charge transfer can be calculated as

Eloss,quasi = Eloss,V2→Vm + Eloss,Vm→V1

=
1

2
C (Vm − V2)2 +

1

2
C (V1 − Vm)2 .

(3.4)

As compared to the hard charging, one intermediate voltage helps reduce an energy of

∆Eloss = Eloss,quasi − Eloss,hard
= C · [−V1V2 + Vm(V1 + V2 − Vm)] .

(3.5)

If Vm is selected to be the mid point of V1 and V2, i.e. V1+V2

2
, the stair-case transfer reduces

the energy loss by

∆Eloss,N=1 =
1

4
C (V1 − V2)2 , (3.6)

as compared to the hard charging process, where N is the number of inserted values. From
(3.6), it is now more obvious that Egain is always greater than 0. To generalize the idea and
extend it to multiple intermediate values, the energy gain then becomes

Eloss =
N∑
i=1

(
1

2
CV 2

m

)
=

1

2
C

∆V 2

N
, (3.7)

As can be seen, the charge sharing loss can be reduced with an increasing N .
The staircase charge transfer technique was used [10] in reducing switching loss in bottom

plate capacitance — an undesired parasitic capacitance to on-chip capacitor contributing to
the major power loss for SC. However, this is not suitable and applicable to the main power
conversion, as it requires a much more complicated switch and capacitor matrix along with
floating gate driver is needed, lowering power density.

3.3 Smooth Charge Transfer — Soft Charging

The charge sharing loss can be eliminated as N approaches infinitely large according to
(3.7), and the staircase voltage becomes smoothly linear. To achieve that, a current source
can be added in series with the capacitor, enabling infinitely smooth charge transfer —
soft-charging operation. The current source can be implemented by inductors and added
to the conventional SC, generating a new class of power converters - hybrid SC or resonant
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(b) Hybrid SC type-II: distributed inductors in series with the capacitor, fsw = fres

Figure 3.2: Smooth capacitor current in hybrid switched-capacitor converters.

SC converter [25]. As shown in Fig. 3.2, there are primarily two methods in achieving
soft-charging operations: (i). hybrid SC type-I — single inductor at the output [54], [58]
and (ii). hybrid SC type-II - distributed inductors in series with each flying capacitor [28],
[59]. As compared to pure SC, both hybrid SC types with soft-charging operations have
much smoother capacitor current, beneficial in obtaining low switch RMS current. From
another perspective, the soft-charging operation transforms the pure SC from V V V -type
energy transfer to V IV -type, which is ideally lossless similar to magnetic-based converters
but now with high-energy capacitors processed part of the power.

Output impedance

To better characterize and compare different types of power converters, the output impedance,
Rout, as shown in Fig. 3.3 (a) can be employed. Specially, a generic SC model applicable to
pure and hybrid SCs is shown in Fig. 3.3 (b), which consists of an ideal fixed-conversion-
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Figure 3.3: Output impedance for characterizing power converters.

ratio, N , transformer2 with an output referred impedance, Rout. The parameter Rout reflects
the conduction loss, which incorporates losses from physical resistances in the circuit (e.g.
switch on-resistance, Ron, and capacitor equivalent series resistance, ESR), capacitor charge
sharing loss and VI-overlap loss. Generally, the switch on-state resistance, Ron, is more dom-
inant [60], and only the impact of switch on-resistance is considered to focus on comparing
the switch performances. As a result, Rout can be represented by [5]

Rout =
Pcond

Iout
2 =

Nb∑
i=1

Np∑
j=1

(
ajr,i
)2

DjGi

=

Nb∑
i=1

Np∑
j=1

(
ajsw,i,RMS

)2

Gi

, (3.8)

where ajr,i is the charge multiplier through switches, ajsw,i,RMS is the switch RMS current
multiplier, Nb is the number of switches, Np is the number of phases (or circuit states), Gi

is the i-th switch conductance and Dj is the duty ratio of the j-th phase. Note that the
multipliers are values that are normalized to the average output current, Iout.

The output impedance versus switching frequency for pure and hybrid SC converters
is shown in Fig. 3.4 (a)3. During simulation, all of the tested converters are attached to
the same output load resistance, and Rout for SC converters is obtained using the model in
Fig. 3.3 (b):

Rout =
Vout − Vin

N

Iout
. (3.9)

A lower Rout means a better switch utilization, and it has lower conduction loss according
to (3.8), or a smaller switch size can be achieved for the same conduction loss. On the other
side, a lower fsw means a better passive utilization, and it has lower switching and gate
driver losses, or a smaller passive size can be achieved. The Rout − fsw plot helps locate the
optimal fsw and achieve the lowest overall power loss.

2This model only applies to unregulated conversion, and the transformer represents the voltage ratio
between its primary and secondary sides with the assumption of accepting any forms of input.

3Note the deadtime is also another crucial parameter at high fsw, and Fig. 3.4 (a) assumes the deadtime
proportionally decreases with increasing fsw, otherwise Rout would increase with higher conduction loss
associated with the body diodes.
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(a)

(b) fsw = fres (c) fsw = 2fres (d) fsw = 10fres

Figure 3.4: Output impedance and time-domain waveforms for pure SC, hybrid SC type-I
and hybrid SC type-II.

For pure SC, there are mainly two operational regions: the slow switching limit (SSL)
for fsw < fcrit and the fast switching limit (FSL) for fsw > fcrit, where fcrit ≈ 1

RC
. While

the pure SC is operating within SSL, Rout is dominated by 1
sC

, which corresponds to those
hard-charging process mentioned in tunable resistance in section 2.2 and the two-capacitor
problem in section 3.1. As can be observed, higher RMS current of the pure SC in Fig. 3.4
(b) and (c) leads to higher Rout in the SSL regions. As fsw further increases and the pure
SC enters into the FSL region, Rout is determined solely by switch Ron since the capacitor
current ripple is much smaller (hence the voltage difference between capacitors is also smaller)
and charge sharing loss is not as obvious as in the SSL region. However, the FSL region
does not provide any output regulation, even though it has lower Rout. To obtain different
output voltage, a lower switching frequency is needed to drive the pure SC back into the
SSL region with a variable and higher Rout. Better efficiency in wide-range regulation might
be addressed by multi-gear SC techniques [7], which obtains multiple conversion ratios by



CHAPTER 3. SOFT-CHARGING TECHNIQUES 17

reconfiguring a more complicated matrix of switches and capacitors. Nevertheless, it is still
performance limited with large size required4, and will not be covered in this dissertation.

Single Inductor at the Output

As compared to pure SC, this type of hybrid SC features the lowest Rout at lower switching
frequency, which enables lower switching loss. There are mainly two operational states for
the hybrid SC type-I shown in Fig. 3.2 (a): either φ1 is on or φ2 is on, where the inductor sees
{Vin − Vcfly, Vo} or {Vcfly, Vo}. At steady state, the flying capacitor voltage is maintained
around Vin/2, and the output voltage is also around Vin/2 given the duty ratio is 0.5. The
inductor in this hybrid SC works similar to the one in buck converter, except the voltage seen
by the inductor is greatly reduced and the inductor current ripple decreases with increasing
switching frequency. The inductor current is unidirectional and it points toward the output.
At higher switching frequency, the inductor current becomes flat and it can be approximated
as a current source. For fsw � fcrit, the RMS current of pure SC and hybrid SC type-I
approaches the same, which leading to similar Rout as it is now dominated by switch Ron.

Distributed Inductors in Series with Flying Capacitor(s)

The hybrid SC type-II shares the same characteristic with type-I at fres, except the inductor
current is bidirectional to keep the charge balance on the flying capacitor. As the switching
frequency increases, the inductor current becomes more linear rather than sinusoidal. In
order to meet the charge balance on the capacitor and obtain the required output current,
the magnitude of the capacitor current becomes larger5 as shown in Fig. 3.4 (c) and (d), which
also means more reactive power flowing internally and causes higher power loss. Therefore,
lower Vout and higher Rout are expected with increasing switching frequency. In another
perspective, the series LC circuit or the flying tank acts as a bandpass filter, providing only
low impedance when fsw = fres. It can also be observed that the output impedance of the
hybrid SC type-II saturates after 10 times of fres, showing that the phase of LC circuit
reaches 180deg and very few current is going to the output. Due to the narrow available
fsw range, this type of hybrid SC is susceptible to parameter variations and it requires more
complicated controller to achieve an accurate fsw.

4Multigear SC converter is mostly assumed operated at SSL due to the limited on-chip capacitance
density. Even when the capacitance density is improved, the converter has higherRFSL due to its complicated
switch matrix, leading to poor efficiency at heavy load condition.

5This characteristic should not be confused with the case in a buck converter, where higher switching
frequency leads to lower inductor current ripple. The LC configurations of a buck converter and a hybrid
SC type-II are different, i.e. band-pass filter vs. low-pass filter.
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Figure 3.5: Hybrid SC converter — a merged combination of magnetic-based and capacitor-
based converters.

3.4 Hybrid Switched-Capacitor Converter vs.

Magnetic-based Converter

The hybrid SC using soft-charging technique eliminates the fundamental charge sharing loss
in the conventional SC, providing an opportunity of utilizing the high energy density of
capacitors. In particular, the hybrid SC type-I, which is indeed the merged combination
of conventional capacitor-based (2-to-1 SC converter) and magnetic-based (buck converter)
converters as illustrated in Fig. 3.5, shows similar operating principle as buck converters,
shedding light upon the efficient output regulation using SC structures. While the hybrid
SC is already compared to the pure SC, it is also essential to quantitatively compare it with
magnetic-based converters in terms of their actives, passives and output regulation. The
schematic shown in Fig. 3.5 (a) is also called three-level buck converter, which is served as
the basic hybrid SC and compared to the buck converter.

Switch Requirement

There is always a confusion on the conduction loss in a hybrid SC converter; it looks as if
the additional stacked-up switches require larger switch size than the buck converter. It is
clarified here by comparing the conduction loss with the assumption of the same switch area
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Figure 3.6: Operational waveforms of a three-level buck converter.

constraints or the total GonV
2
rated product [5], [61] for both converters,

4∑
i=1

GonV
2
rated

∣∣∣∣∣
Three-level buck

=
2∑
i=1

GonV
2
rated

∣∣∣∣∣
Conv. buck

, (3.10)

where Gon and Vrated represent the switch conductance and the rated blocking voltage, re-
spectively. The flying capacitor in hybrid SC handles the voltage distribution across all the
switches, the voltage stress on each switch is therefore only Vin/2 as compared to Vin in con-
ventional buck converters. This allows the use of low blocking voltage switch with a better
figure of merit on RonCgg, where Cgg is the switch gate capacitance. Given the constraint in
(3.10), it can be deduced that the conductance of each switch in three-level boost converter
can be 2X higher, i.e. Gon|Three-level buck = 2Gon|Conv. buck, revealing that the conduction loss
contributed by each individual switch in the three-level buck converter is smaller. In other
words, given the same switch area, the total conduction losses of the stacked-up devices in
a three-level buck converter is equivalent to a conventional buck converter, since smaller
low-voltage devices are employed. Meanwhile the gate driver loss for both converters is also
the same, since the total gate capacitance is mainly determined by the switch size.

Conversion Ratio

Unlike pure SC, the hybrid SC or the three-level buck converter is able to operate with
different conversion ratios through the volt-sec balance on the inductor. In a pure SC con-
verter, changing the duty ratio does not give too much flexibility on conversion ratio, since
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Figure 3.7: Inductance requirement reduction in a hybrid SC converter.

it is mainly determined by the conservation of charge or charge balance between capacitors;
therefore, the duty ratio is usually set to 0.5 for more even heat spread and higher possible
output power. In a three-level buck converter, four switches can be controlled by two sets of
complementary signals with duty ratios other than 0.5. For the hybrid SC shown in Fig. 3.5,
two complementary pairs are Q1−Q4 and Q2−Q3 with Q2 (Q3) being the 180o phase-shift
version of Q1 (Q4). Depending on the operating regions, as shown in Fig. 3.6, the switch-
ing node voltage, Vsw, pulsates with a level of Vin/2, that is between Vin/2 and ground for
D < 0.5 or Vin and Vin/2 for D > 0.5, assuming Vcfly ≈ Vin/2. The case of D < 0.5 is used
to compute the desired operating conversion ratio:

∆IL =

(
Vin
2
− Vo

)
·DTsw

L3lvl

=
Vo ·

(
1
2
−D

)
Tsw

L3lvl

. (3.11)

With some manipulations, the conversion ratio can be expressed as follow:

Vo
Vin

∣∣∣∣∣
Three-level buck

=
Vo
Vin

∣∣∣∣∣
Conv. buck

= D. (3.12)

Note that the other operating region, D > 0.5, will arrive at the same derivation results.
From (3.12), the three-level buck converter exhibits the similar characteristics as a conven-
tional buck converter, achieving variable conversion ratios with a tunable D.

Inductance Requirement

As shown in Fig. 3.6, the inductor of a three-level buck converter is magnetized and demag-
netized twice within a switching period, Tsw, leading to inductor current ripple reduction.
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Take D < 0.5 as an example, the inductance required by the three-level buck converter can
be derived from (3.11) and (3.12), which can be further expressed as

L3lvl =
(1− 2D) · Vin ·D

2∆ILfsw
. (3.13)

As compared to the inductance required in a buck converter:

Lbuck =
(1−D) · Vin

∆ILfsw
, (3.14)

the equivalent frequency seen by the inductor of the three-level buck converter is doubled
and the voltage across it is reduced. Given the same requirement on input voltage and
inductor current ripple for both converters, the three-level buck convert requires much smaller
inductance than the buck converter6, as shown in Fig. 3.7. This is mainly contributed by the
energy processing involvement of the flying capacitor in the three-level buck converter [14].
Given the higher energy density in capacitors than inductors as shown in Fig. 2.6, the power
density of the three-level buck converter can be improved significantly with the inductance
being scaled down.

6Note the flying capacitor in this figure is assumed relatively large. Ideally, in the special case of D = 0.5,
there is no inductor current ripple or the least inductance required, where all the energy is processed by the
flying capacitor and the three-level buck converter behaves like a pure SC when D = 0.5. In practice, the
inductor current ripple increases or the required inductance increases as the flying capacitance decreases to
a relatively small value.
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Chapter 4

Topologies of Hybrid SC Converter

Several SC topologies with higher conversion ratios can be synthesized through connect-
ing fundamental SC cells in different patterns. The soft-charging techniques introduced in
Chapter 3 can turn these SC topologies into hybrid SC topologies by adding inductor(s) at
different placements, eliminating the charge sharing loss. In particular, for hybrid SC type-I
with an inductor placed at the output of SC topologies, it is able to provide wider conversion
ratios without operating into high output impedance region, hence beneficial in more appli-
cations and becoming the primary focus of this work. Through the quantitative analysis on
output impedance and required capacitor energy, the switch and passive utilization of each
topologies can be compared. While there are many excellent prior arts [14], [58] working in
topology comparison, practical consideration including commercially available devices and
layout constraints were not covered. In this chapter, a more complete and practical selection
guideline for both discrete and integrated implementations is therefore suggested, revealing
the difficulties encountered by some of the popular topologies. A comparison framework
is developed based on a new metric — output conductance density, which merges the per-
formance index of power density and efficiency. The new metric reflects both switch and
passive utilization, providing clear implementation goals for power converters. Meanwhile,
it also helps visualize and predict the developing trend of power converters, when extending
toward higher conversion ratios. Based on a comparison result, various excellent topologies
are suggested depending on the device availability.

4.1 Generation and Synthesis of SC Topologies

The most basic hybrid SCs, achieving providing a 2-to-1 native conversion ratio, were shown
in Fig. 3.2. It is found that there is a fundamental SC cell: a combination of four switches
and one capacitor as shown in Fig. 4.1, which can be employed for extensions to higher
conversion ratios. For simplicity, two sets of complimentary control signals, φ1 and φ2,
are assumed for two-phase operations. For example, a simple 2-to-1 SC converter can be
generated by connecting the primary side of an SC cell to a input voltage source along with
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Figure 4.1: Fundamental SC cell and 2-to-1 converter.

the secondary side shorted to the load as shown in as shown in Fig. 4.1 (b).
More SC cells can be duplicated and connected for conversion ratio higher than 2. The

first step is to arrange duplicated cells in a row with a certain pattern. While placing the cells,
the SC cell can be rotated, twisted and mirrored due to its symmetric structure. As a result,
the switching signals for the SC cells can be in the same order or in an interleaved fashion.
The second step is to make connections for each cell, which can be categorized into to two:
(i) connection to another SC cell or (ii) connection to a dc voltage, e.g. input voltage, output
voltage or ground. Note the load voltage will be the switching node for hybrid SC, which
is assumed relatively stable as capacitors are usually selected large enough to maintain low
voltage ripple. By different ways of connection, multiple SC topologies can be synthesized
as shown in Fig. 4.2, where 2 to 3 SC cells are used to exemplify. The third step is to merge
adjacent switches with the same switching function. Finally, inductor(s) can be added to
the SC topologies to achieve soft-charging operations. After some rearrangement, it is clear
that how each SC topology can be further extended with their own characteristic recursive
stages (highlighted by blue boxes) as shown in Fig. 4.2.

Take the series-parallel topology as an example, multiple SC cells with the same sequence
for switching signals are first placed in a row, ready for connections. The start cell (the
leftmost) is connected to a input voltage source, and the end cell (closest to the load) does
not have the next cell to be connected with and is usually tied to the load similar to the basic
2-to-1 SC. All middle SC cells have their one terminal, V +

2 , at the secondary side parallel
connected to the load, and the other terminal, V −2 , connected in series with the primary side
of their next adjacent cell. After merging the series switches with the same switching signals,
it can be observed that the series-parallel topology is essentially composed of repetitive cells
(three switches and one capacitor) together with a starting switch (closest to the input
source). Similar idea on SC cells connection can be applied to generate Dickson topology,
and the primary difference between them is the interleaved switching signal sequence of the
SC cell in the Dickson topology. Accordingly, other topologies including cascaded, flying
capacitor multi-level (FCML), Fibonacci and ladder can be generated through connections
of the SC cells in various patterns.

As of now, a number of SC topologies can be made to operate in soft-charging and
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Figure 4.2: SC topologies generation through recursively added fundamental SC cells.

resonant mode with a single inductor at the output, including series-parallel, Dickson, FCML
and Fibonacci, have been proved that they can be soft-charged with single inductor at the
output [54]. The series-parallel and Fibonacci topologies can achieve complete soft charging
with same flying capacitance throughout their structures, while the Dickson and Doubler
topologies require a highly skewed flying capacitance ratio. In the Dickson topology, the



CHAPTER 4. TOPOLOGIES OF HYBRID SC CONVERTER 25

Table 4.1: Switch requirement for SC topologies.

Number of
Switches

Switch Voltage
Rating

Total Switch
Stress, VoIo

Series-parallel 3N − 2 (N − 1)Vo ... 2Vo, Vo
(N−1)(N+2)

N

Dickson 3N − 2 2Vo, Vo
4(N−1)
N

Cascaded 4 log2N
N
2 Vo ... 2Vo, Vo 2 log2N

FCML 2N Vo N

Fibonacci† 3k + 1 F (k + 1) ... 2Vo, Vo Note‡

Ladder 2N Vo
4(N−1)
N

† k is the number of stages in Fibonacci topology, and N = F (k + 2).
F (·) is the Fibonacci series, where F (1) = 1, F (2) = 1, F (3) = 2, ..., F (n) = F (n− 1) + F (n− 2).

‡ if k = 2m,∀m ∈ Z+,

1
N

k/2∑
m=1
{F (2m+ 1) [F (k − 2m+ 4) + F (k − 2m+ 2)] + F (k − 2m+ 1)F (2m)}+ 1

N F (k)F (1)

if k = 2m+ 1, ∀m ∈ Z+,

1
N

k/2∑
m=1
{F (2m+ 1) [F (k − 2m+ 4) + F (k − 2m+ 2)] + F (k − 2m+ 1)F (2m)}+ 1

N [F (k + 2) + 2F (k)]

skewed ratio can be addressed by additional operational phases (known as split-phase in
[62]), so that all the flying capacitance can be the same. On the other hand, all of the
SC topologies can be turned into hybrid SC with distributed inductors in series with the
flying capacitors. Specially, for the cascaded topology, the inductor of each stage can either
be placed at the output (as shown in Fig. 4.2 (c)) or in series with the flying capacitor
of each 2-to-1 SC stage. Note that both cascaded and ladder topologies require middle or
bypass capacitance, Cm, between stages, which can be reduced by multi-phase solution or
implemented using same LC tank in the case of hybrid SC type-II. Other topologies like
Dickson can be re-modified by replacing some of the flying capacitance (even numbered in
Fig. 4.2) to bypass capacitance (relatively large capacitance so that it is not involved in the
resonant operation), which then becomes the switched tank converter [28].

Table 4.1 and 4.2 summarize the switch and capacitor requirement, respectively, provid-
ing a quick overview when designing a specific topology. In these tables, N represents the
conversion ratio, and all of the topologies will be reduced to the same structure as shown
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Table 4.2: Capacitor requirement for SC topologies.

Number of
Capacitors

Capacitor Voltage
Rating

Total Capacitor
Energy, 1

2CV
2
o

Series-parallel N − 1 Vo N − 1

Dickson N − 1 (N − 1)Vo ... 2Vo, Vo
N(N−1)(2N−1)

6

Cascaded‡ log2N
N
2 Vo ... 2Vo, Vo

N2−1
3

FCML N − 1 (N − 1)Vo ... 2Vo, Vo
N(N−1)(2N−1)

6

Fibonacci† k F (k + 1)Vo ... 2Vo, Vo
k∑

m=1
[F (m+ 1)]2

Ladder‡ N − 1 Vo N − 1

† k is the number of stages in Fibonacci topology, and its conversion ratio
‡ bypass capacitors are not included.

in Fig. 4.1 (b) when N = 2. While most of the topologies have their number of stages
increased linearly with the conversion ratio, the cascaded topology has it quadratically and
the Fibonacci topology has it associated with the two previous values (or increased with
golden ratio for large numbers). As a result, both cascaded and Fibonacci topologies are
advantageous with less components for higher conversion ratios, especially in discrete imple-
mentations. The voltage ratings in switches and capacitors are very important, since they
determine the selection of the devices or the fabrication process. When scaling the switches,
the average total switch stress is needed to evaluation the switch utilization, which is calcu-
lated by the total of average power processed by the switches and it simultaneously considers
voltage and current ratings. For passive components, the total capacitor energy can be used
to approximate the capacitor size of each topology. By comparing the switch and capacitor
requirement in Table 4.1 and 4.2, it can be seen that there are trade-offs between the switch
and passive utilization: the advantages in better switch utilization are usually at the ex-
penses of worse passive utilization, or vice versa. For example, the Dickson topology has the
best switch utilization, but it has the worst passive utilization. Similarly, the series-parallel
topology has the best passive utilization, but it has the worst switch utilization. To better
compare different topologies, both switches and passives should be factored in, details of
which will be provided in Section 4.3.
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Figure 4.3: Switching scheme to achieve output voltage regulation for a buck converter and
hybrid SC topologies.

4.2 Output Voltage Regulation

Hybrid SC type-I provides an efficient output voltage regulation through the volt-sec balance
across its output inductor. An example using a 2-to-1 SC was demonstrated in Section 3.4.
Here, a more general method extends the regulation capability to more hybrid SC topologies.

In a buck converter, the output voltage can be changed by tuning the duty ratio of the
pulse voltage seen by the output inductor at its switching node, Vx,buck, which is shown in
Fig. 4.3 (a). Similarly, the duty ratio of the pulse voltage at switching node voltage, Vx,SC ,
of the hybrid SC type-I topologies can be adjusted. The only difference between Vx,buck and
Vx,SC is their amplitudes: Vin vs. Vin/N — a reduced voltage source. To achieve output
regulation for hybrid SC type-I, an additional phase is added after the original operational
phases (normally two) in order to ground the output inductor and generate a zero voltage
level at Vx,SC , which was not feasible in the pure SC. For example in Fig. 4.3 (b), the ratio
between the original two phases are maintained the same, i.e. Dsc1 = Dsc2, and the total
time of the two phases over the whole switching cycle, Tsw, becomes a new regulation duty
ratio, Dreg, for regulating the output voltage:

Vout
Vin

∣∣∣∣∣
hybSC−I

=
Dreg

N
. (4.1)

Specially, the buck converter has N = 1 and it does not do any amplitude scaling to the input
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voltage. Furthermore, a different switching scheme as shown in Fig. 4.3 (c) is feasible to the
FCML topology, which has three levels (0, Vin/2, Vin) available at Vx,mlvl and it is controlled
by two sets of complementary signals with 180o phase shift with each other. A general N-
level FCML topology will require N − 1 sets of complementary signals with 360o/(N − 1)
phase shift between each set. The wide-range levels available at the switching node allows
more output regulation flexibility for the FCML topology, and it is able to provide the same
conversion ratio as the buck converter.

Compared to the conventional buck converter, all hybrid SCs are beneficial in having re-
duced inductance requirement due to lower inductor voltage and increased effective switching
frequency. Depending on the topologies, different extent of conversion ratios can be achieved
and applied to various situations. For example, the very wide-range conversion ratio featured
by the FCML topologies enable its efficient implementation in ac power conversions [63]. On
the other hand, some applications, such as 1 V for PoL, have a more specific output voltage
within a relatively narrow range, other concerns might be prioritized. For instance, a 4-to-1
Dickson with the highest switch utilization along with some range of output regulation is
suitable for the PoL application. Other than the regulation range, parameters including the
switch and passive utilization are necessary to take into account before making the decision
on topologies.

4.3 Optimal Switch Utilization

Better switch utilization usually means higher heavy-load efficiency (conduction loss domi-
nated) or smaller switch size. One way to characterize the switch utilization is by analyzing
the converter output impedance. Therefore, to compare topologies, the output impedance
of each topology can be optimized given all topologies are assumed the same switch sizes.
The most important thing to the optimization process is the modeling of switch size, which
is closely related to the transistor scaling trend based on the practical device availability.
This section discusses the switch utilization for two extreme cases — fully customized and
uniform switches based on fabrication process, voltage domains and applications. A compar-
ison framework, combining the switch and passive utilization, is then proposed to provide a
more comprehensive understanding on different topologies.

Transistor Scaling

Key parameters in modeling a switch for a power converter are the switch size, conductance,
Gon, and the rated voltage, Vrated, and the purpose of transistor scaling is to understand
their relationship. For example, Fig. 4.4 shows the basic layout for a typical MOSFET
switch with a channel area of WL and specifications of Gon and Vrated, and a model for
transistor scaling is desired to predict the size for switches with different specifications. As
shown in Fig. 4.4 (b), doubling Vrated requires increasing the length to 2L for longer buffering
region. However, in order to maintain the same Gon, the MOSFET with 2Vrated should also
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Figure 4.4: MOSFET transistor scaling.

have a wider channel, leading to a total area of the new MOSFET 4 times as before. To
analyze that, the crucial part is the switch channel, which is the overlapped region of the blue
polysilicon gate terminal and red ion-implantation source-drain pads. A wider and shorter
channel provides lower on-resistance or higher Gon: Gon ∝ W

L
; whereas a longer channel

sustains higher Vrated: Vrated ∝ L. As a result, the switch area1 can be approximated as

Atot = W · L =
W

L
· L2 ∝ GonV

2
rated. (4.2)

For the same fabrication process, it is reasonable to assume the same depth. As a result, the
switch size factor of the whole converter can be expressed by

Xtot =

Nb∑
i=1

GiV
2
i,rated ∝ Volsw,tot, (4.3)

where Nb is the number of switches. Note that (4.3) is associated to the gate-channel area,
which further reflects the switch gate capacitance and indicates the gate driver loss.

In reality, the relation suggested by (4.3) might deviate from the square low of Vrated
due to the rough approximation using Vrated ∝ L. However, the switch scaling through
(4.3) serves its purpose to some extent. Fig. 4.5 (a) shows a survey2 for commercial silicon

1Total area of the switches should also take into account the contacts, spacings and metal 1 routing.
However, the transistor channel provides good enough first-order estimation. A linear correction factor can
be added to predict the actual switch size, e.g. Atot = ksize ·W · L, where ksize is around 4 empirically and
it depends on fabrication process.

2In fact, there are discrete switches with lower Vrated available from other providers like Texas Instruments
and Vishay. However, their performance on Gon/Volsw is not as good as those 25 V switches from Infineon.
As a result, they are not considered in this survey, which is also reasonable since they do not use the same
fabrication process. The example of discrete switches represents the vertical switches, whereas more details
about the planar integrated switches will be provided in section 5.2.
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Figure 4.5: Survey of high-performance discrete silicon transistors. Data points are from
active Infineon OptimosTM products in S3O8 package (3.3 mm x 3.3 mm x 1 mm). [64]

transistors with excellent switch Ron and small form factor, Volsw. Given the same footprint
(or area constraint), a trend line is plotted for minimum available switch Ron against Vrated.
By turning Ron into Gon, Fig. 4.5 (b) is generated to clearly show switch Gon’s dependency
on Vrated. The aforementioned transistor scaling trend is fulfilled by transistors with higher
Vrated. However, the scaling trend gets weaker as Vrated goes below 40 V, and a disruption
happens below 25V. Generally, the switch rated voltage, Vrated, is customized or selected
slightly above the blocking voltage, in order to maximize Gon/Volumesw, based on (4.3).
While lower blocking voltage is still desired to allow better switch performance with smaller
switch volume, the device availability leads to different results on optimal output impedance
depending on the voltage domains.

Operating Conditions for Optimal Output Impedance

Table 4.3 summarizes the operating conditions required for achieving the minimum output
impedance, Rmin, in pure and hybrid SCs, where all flying capacitance are assumed the
same as C. For the pure SC, Rmin occurs at FSL region when operating at high fsw, where
the converter performance is mainly dominated by the switch Ron. In addition, the duty
ratio for pure SC is usually set around 50% to ease the controller implementation, given the
charge balance of flying capacitors is irrelevant to the duty ratio. Hybrid SC type-I achieves
Rmin when operating higher than the resonant frequency, i.e. fsw > fcrit; sometimes, it
is designed operated around the resonant frequency to lower the switching loss with some
compromise on conduction loss. Rather than commonly seen 50% in pure SC, the duty
ratio of hybrid SC type-I is set according to the ratio of equivalent capacitance seen by the
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Table 4.3: Operating conditions of achieving minimum output impedance, Rmin.

Pure SC Hybrid SC type-I
(single inductor)

Hybrid SC type-II
(distributed inductors)

Critical frequency,
fcrit

1
RminCeq,sc

1

2π·
√
LCeq,HybSC1

1
2π·
√
LC

Operating frequency,
fsw

fsw > fcrit fsw > fcrit fsw = fcrit

Switch RMS Current,
Isw,RMS

Isw,t∈[0,DTsw ]√
D

Isw,t∈[0,DTsw ]√
D

Isw,t∈[0,DTsw ]√
D

· π
2
√

2

Typical Duty Ratio,
D

50% Topology dependent 50%

inductor every operational phase, since the charging and discharging of the flying capacitors
are determined by its inductor current.3 The skewed capacitance ratio seen by the inductor
also leads to different equivalent capacitance, Ceq,HybSC1, or resonant frequency. Unlike pure
SC and hybrid SC type-I allow low Rout for wider switching frequency, hybrid SC type-II
achieves lower Rout only at a few operating frequencies, with the optimal Rmin occurs at fcrit.
In that case, its duty ratio should always be 50% to maintain complete resonant cycles of a
sinusoidal current waveform, which has a RMS value π

2
√

2
times the flat current. However,

its resonant frequency is simply determined by each LC tank, and all tanks are usually set
the same for synchronized current and the lowest impedance. As a result, hybrid SC type-II
has the same patterns of switch charge multiplier as its pure SC companion operating at
FSL, except that it has higher current amplitude. Its equivalent Rout can simply be derived
from the pure SC, which is Req,HybSC−II = π2

8
·Rpc.

Optimal Output Impedance for Fully Customized Switches

The primary focus of the optimal output impedance is on the switch performance, whereas
the passives determined the operating frequency will later be taken into consideration in a
more comprehensive comparison framework. Given the definition of Rout expressed in (3.8)
as well as the general constraint of a total switch area, Xtot, suggested by (4.3), Rmin of a

3There is one exception from the FCML topology. To maintain the charge balance between flying
capacitors, the duty ratio is set as 1

N at very high switching frequency. However, the capacitance ratio seen

by the inductor is
[
C C

2
C
2 · · ·

C
2

C
2 C

]
, which implies the duty ratio for each switching signals becomes[

1 1√
2

1√
2
· · · 1√

2
1√
2

1
]

at resonant frequency. Note this set the boundaries for the range of duty

ratio when operating from resonant frequency to very high switching frequency.
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(a) Hybrid SC type-I: single inductor (b) Hybrid SC type-II: disctributed inductors

Figure 4.6: Optimal output impedance given fully customized switches, and the switch area
constraint is

∑
GonV

2
rated.

topology can be obtained as

Rmin = min (Rout) =
1

Xtot

 Nb∑
i=1


√√√√ Np∑

j=1

(
ajr,i
)2

Dj

· Vi,rated

2

=
1

Xtot

 Nb∑
i=1


√√√√ Np∑

j=1

(
ajsw,i,RMS

)2 · Vi,rated

2
(4.4)

through the Lagrangian optimization function [5]. Note the optimization process provided
by (4.4) assumes all switches can be fully customized according to their RMS current and
voltage rating. For instance, a switch has to be larger if its current and/or voltage rating is
higher. In a special case where a two-phase operation and D = 50% are assumed, (4.4) can
be simplified as

Rmin

∣∣∣∣
D=50%

=
1

Xtot

[
Nb∑
i=1

(ar,iVi,rated)

]2

, (4.5)

which implies that the total average switch stress listed in Table 4.1 directly reflects Rmin

of each topology for both pure SC and hybrid SC type-II. For hybrid SC type-I, the general
expression as (4.4) should be used due to the topology-dependent duty ratios. The topology
comparisons of hybrid SC type-I and type-II are shown in Fig. 4.6 (a) and (b), respectively.
It can be seen that these two cases have shown similar trend for all topologies, except
that the ladder topology is only available to hybrid SC type-II. In particular, the Dickson
topology always features the least Rmin due to its low blocking voltage requirement and



CHAPTER 4. TOPOLOGIES OF HYBRID SC CONVERTER 33

(a) Hybrid SC type-I: single inductor (b) Hybrid SC type-II: disctributed inductors

Figure 4.7: Optimal output impedance given the uniform Vrated switches, and the switch
area constraint is

∑
Gon (Vrated is not considered due to unavailable voltage selection).

always-guaranteed multiple parallel paths (lower switch RMS current). The excellent switch
utilization brought by Dickson topology is beneficial in on-chip integration, which not only
saves die area for the same power loss but also accommodates for very high input voltage
using low-Vrated devices.

Optimal Output Impedance for Uniform Switches

In high-power applications, solutions using discrete components are necessary as they not
only provide switches with much higher V A rating and lower cost, but it is also attractive
for its short time-to-market development. However, unlike full custom design provided by
application-specific integrated circuit (ASIC), the discrete components do not support very
fine-scale voltage and conductance selection, due to the limitations of commercially available
packages as well as product strategies. An example is shown in Fig. 4.5: there is a design
discontinuity for Vrated < 25V . Instead of having the switch area scaling with V 2

rated, the
designs fell in that voltage domain are only able to employ uniform Vrated switches, and
Rmin can be optimized with a new area constraint for switches: Xtot,G =

∑
Gi with Vrated

ignored. As a result, the topology performance considering only switch conductance is shown
in Fig. 4.7, and it generates different results as compared to Fig. 4.6. While the Dickson
topology is still showing the lowest Rmin at high conversion ratios, others are emerging to
show promising switch utilization. Fig. 4.7 implies that there are more selections available
when dealing with low-voltage domain using discrete switches.

In most discrete implementations, minimal number of switches is primarily considered for
the concerns of smaller and practical PCB, instead of accommodating with different current
stress and achieving the optimal conductance ratio by fine tuning the number of parallel
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Figure 4.8: Switch current of an N-to-1 series-parallel topology.

Table 4.4: Conduction loss breakdown in an N-to-1 series-parallel topology.

Pure SC Hybrid SC type-I
(single L)

Hybrid SC type-II
(distributed L)

Critical Frequency 1
Rmin,sc·NC

√
N−1

π·N
√
LC

1
2π·
√
LC

Series Phase duty ratio 50% 1
N 50%

Series Phase, Pcond per switch
(total switches = N)

2
N2 Iout

2Ron
1
N Iout

2Ron π2

4N2 Iout
2Ron

Parallel Phase duty ratio 50% N−1
N 50%

Parallel Phase, Pcond per switch
(total switches = 2N − 2)

2
N2 Iout

2Ron
1

N(N−1)Iout
2Ron π2

4N2 Iout
2Ron

Minimum Output Impedance,
Rmin

2·(3N−2)
N2 Ron

N+2
N Ron π2

8 ·Rmin,sc

connected switches. Consequently, the switch area constraint degenerates and it is only
related to the number of switches, Xtot,1 =

∑
1. When comparing Rout between topologies,

minimal number of uniform Vrated switches are applied throughout the whole converter and
the number of switches for each topology is forced the same for fair comparison. For example,
both series-parallel and Dickson topologies require (3N − 2) switches; rest of the topologies
will also be implemented with (3N−2) switches with some paralleled at higher RMS current
paths, even though they originally require less switches.
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Figure 4.9: Output impedance of a 4-to-1 series-parallel SC topology with various soft-
charging techniques.

To calculate Rmin for the case of uniform-Vrated switches, the series-parallel topology is
used as an example due to its simple operation. This topology either operates at series or
parallel phase, and the switch current of an N-to-1 series-parallel topology for each phase
is shown in Fig. 4.8. Both pure SC and hybrid SC type-II have an equal average current
at all switches and phases, allowing D = 50% to maintain a balanced charge to the flying
capacitors. In hybrid SC type-I, the output inductor behaves like a current source when
operating at very high switching frequency, forcing the peak current flowing out from the
switching node to be the same in both series and parallel phases. As a result, the switch
current is forced to Iout in the series phase; while Iout is distributed to (N − 1) parallel
branches in the parallel phase. To keep all flying capacitors balanced, a duty ratio of 1

N
is

needed for series phase. Table 4.4 provides a detailed conduction loss breakdown for an N-to-
1 series-parallel topology, where all switches are uniform with Ron. Both pure SC and hybrid
SC type-II has higher order in the denominator of their Rmin, which means the conduction
loss can be reduced as the conversion ratio increases because more parallel paths are added.
As compared to that, Rmin,HybSC1 has equal order for its numerator and denominator, due
to the higher power loss during its series phase. In hybrid SC type-I, even though the
current through switches in the series phase only appears for an interval of Tsw

N
, the current

magnitude is meanwhile increased by N
2

as compared to the pure SC, leading to N2

4
times

increase in the loss. In the case of N = 4,
Rmin,HybSC1

Rmin,sc
and

Rmin,HybSC2

Rmin,sc
are respectively 6

5
and

π2

8
, matching the simulation result in Fig. 4.9. Following the same procedure as shown in

Fig. 4.4, Rmin for other topologies can be obtained. Note the duty ratios for other hybrid SC
type 1 are as follows: Dickson — N+2

4N
and N−2

4N
for each main and auxiliary phases; FCML
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Figure 4.10: Optimal output impedance given the uniform Vrated switches, and the switch
area constraint is

∑
1.

— 1
N

with phase shift of 2π
N

between switching signals; Fibonacci — Fk
Fk+2

or Fk+1

Fk+2
.4

The optimal output impedance of various hybrid SC type-I using minimal amount of
uniform switches throughout the converters is first shown in Fig. 4.10, with all derived
Rmin using the switch area when N = 2 (where Xtot = 4GonVout or 4Gon). As compared to
Fig. 4.7, the switch utilization of all topologies, except FCML, becomes even closer to each
other. In particular, the series-parallel topology shows low Rmin at lower N . Even though
the Dickson topology is still showing very good switch utilization, it can be observed the
crossover point is around N = 6 for Dickson to have lower Rmin than the series-parallel
topology. Meanwhile, the series-parallel topology features the best capacitor utilization
when considering the voltage derating factor of the flying capacitors, which can further
reduce the passive requirement. As a result, it is potential that the series-parallel topology
has excellent overall performance. A more general comparison considering both switch and
passives utilization will be detailed in section 4.5.

4It is found that the deviation of duty ratio from 50% yields differences in minimum output impedance
between conventional SCs and those hybrid SCs with a single inductor at their outputs. Note that higher
Rmin in hybrid SC does not necessarily suggest they have worse performance than the pure SC. Factors
including operating frequency, passive selection and overall convert size should be considered. Therefore, a
new figure of merit in section 4.4 and a comparison framework are proposed to compare different approaches.



CHAPTER 4. TOPOLOGIES OF HYBRID SC CONVERTER 37

(a)
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certain CR

(b) conventional comparison approach
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Ultimate 
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Figure 4.11: Development of the proposed figure of merit (FoM): (a) efficiency vs. output
current, (b) conventional comparison approach - peak power density vs. full-load current,
(c) output impedance vs. output current and (d) proposed comparison approach. Three
different cases are exemplified, with the scenario as follows: i) Topology I and II have the
same form factor but different performance, ii) dual-phase interleaved topology II has some
advantage in passive reduction. All of the compared cases have the same input voltage and
conversion ratio unless otherwise stated.

4.4 Output Conductance Density — Figure of Merit

(FoM)

In this section, an FoM, combining efficiency and power density, is proposed and introduced
to provide a simple selection guideline and design direction for converters. To illustrate how
the proposed FoM is developed, three cases, including two topologies together with different
interleaved phase numbers, are exemplified. For simplicity, single-phase Topology I and II
are assumed the same volume with different efficiency performance at heavy load region. A
dual-phase interleaved Topology II has lower conduction loss and more merged components,
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hence improving the efficiency and power density as compared to its single-phase version.
Based on these settings, the three cases are then evaluated and compared.

Conventionally, the most intuitive way to compare converters is by plotting their efficiency
over output current, and higher efficiency is usually sought for the concerns of more energy
saving and less thermal issues. A typical efficiency plot is shown in Fig. 4.11 (a), where
the dual-phase Topology II seems having the best performance. However, when converter
volume is concerned, this comparison is unclear until the power density is calculated. As
a result, plots of peak power density versus full-load efficiency is suggested [29]. As shown
in Fig. 4.11 (b), the dots for each compared case are mapped here from their heavy-load
regions in Fig. 4.11 (a), where the output current is far beyond their peak efficiency points.
Fig. 4.11 (b) shows that the top-right direction is where we want to pursue, and Topology I
is superior than Topology II since it is able to achieve high power density and high efficiency
simultaneously. For a given topology, it can be observed that there is a tradeoff between the
two performance index, where a lower full-load efficiency is expected when pushing towards
higher peak power density, and vice versa. It is usually up to designers’ discretion to show
their favorite converter performance by picking up one of the power density - efficiency pairs,
even though the full-load condition is usually determined based on device specifications.
Therefore, this comparison approach remains unclear if the trendline for each topology is
not shown, especially for novel converters with only few numbers reported. In addition to
that, the plot in Fig. 4.11 (b) does not have enough space for dealing with different conversion
ratios.

In fact, the output impedance, which is the most intrinsic feature of a power converter,
can help combine various performance index and fundamentally characterize a converter.
First of all, the efficiency can be derived as

η =
Po

Po + Ploss
≈ VoIo
VoIo + I2

oRout

, (4.6)

when operating at heavy load regions, including the full-load condition. With some manip-
ulations of (4.6), the output impedance, Rout, can be represented by

Rout =

(
1

η
− 1

)
· Vo
Io
, (4.7)

which is general to any case including non-regulated and regulated converters. By applying
(4.7), Rout for different compared cases are shown in Fig. 4.11 (c). Focusing on heavy load
region, Rout is almost constant attributed to the fact that the power loss is mainly dominated
by the conduction loss, I2

oRout. The reciprocal of Rout is the output conductance,

Gout =
1

Rout

=
η

1− η
· Po
V 2
o

, (4.8)

which better describe the performance, e.g. higher Gout is targeted. Normalizing Gout with
the converter volume (including active semiconductor and passive components) gives us a
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new FoM - the output conductance density

ρgout =
Gout

Volume
=

η

1− η
· ρp
V 2
o

, (4.9)

where ρp is the power density. As suggested by (4.9), ρgout intrinsically describes both ef-
ficiency and power density, and higher ρgout means better performance. Note that it is
practical to assume the inductor current is not saturated and the device temperature coef-
ficient can be ignored without hitting the thermal limit, since both of which decreases Gout

and therefore lower ρgout can be expected.
With the assistance of ρgout, the information in Fig. 4.11 (b) can be shrunk and mapped

to a more general plot shown in Fig. 4.11 (d). Therefore, a clearer roadmap is then laid out
for the development of power converters. For a given topology, extending with more stages
adds volume overhead, hence the conductance density decreases for increasing conversion
ratios. This sets a performance limit for a certain topology moving toward high conversion
ratios. Meanwhile, given a certain input voltage, the commercial device availability does not
follow the common device scaling, e.g. GonV

2
rated for switches, as the conversion ratio goes

up, aggregating the decreasing rate of ρgout trendline. This encourages a better strategy to
extend to a higher conversion ratio with high ρgout, which will be discussed in section 7.

4.5 Topological Comparison Framework

To achieve the best output conductance density, we are looking for the optimal combina-
tion of switch and passive utilization. With the switch scaling trend shown in Fig. 4.5,
the switch utilization for two extreme cases were investigated in section 4.3. On the other
hand, the passive utilization considering the energy processed by inductors and capacitors
was comprehensively analyzed in [14]. Unlike the switches, the capacitor scaling trend,
Volumecap ∝ CV 2

bias, for low voltage (even down to around 0 V) can easily be supported by
a survey like the one shown in Fig. 4.12 (a). Meanwhile, with the passives survey done in
Fig. 2.6 and [13], it is reasonable to assume that the capacitor has much more energy density
than the inductor. When ρC � ρL, the passive utilization considering both capacitors and
inductors in [14] reaches the same results as the pure SC performance at SSL region, MSSL

dominated by the capacitor5. Without running into a complicated analysis, the passive uti-
lization here is approximated by the total capacitor energy requirement shown in Fig. 4.12
(b) for a quick comparison. As can be seen, there is a tradeoff between switch and capacitor
utilization, and it shows an opposite trend to the switch utilization with full switch cus-
tomization shown in Fig. 4.6. Designing solely based on either switch or passive utilization
may result in suboptimal overall performance. For instance, the Dickson topology has the

5The concept of passive utilization is the allowable capacitor voltage ripple as well as the inductor current
ripple. The general analysis for hybrid SC in [14] was from the energy point of view, while the specific case
for pure SC in [5] was based on power consumption. Both [14] and [5] provide the optimization with respect
to the volume and with the capacitor volume proportional to their stored energy.
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(a) Survey of discrete multilayer ceramic capacitors
(MLCC).

(b) capacitor energy requirement

Figure 4.12: Capacitor scaling (Data points are from active Murata products in 0805 SMD
package (2 mm x 1.25 mm x 1.25 mm) [65]. Same package is selected for fixed capacitor
volume and fair comparison.) and capacitor energy requirement.

best switch utilization, but worse passive utilization. The overall performance is unclear
until both switches and passives are considered. Therefore, the output conductance density
is used to provide a more holistic view for the whole converter.

A comparison framework based on the output conductance density shown in Fig. 4.5 is
developed. Per the model in [14], all topologies can be simply assumed the same resonant
frequency with different passive volume requirement by each topology. In a practical PCB
layout, the optimal passive volume will be attempted, meaning the inductor and the capacitor
will have similar volumes, assuming the energy density of capacitors is 100 times better than
that of inductors. For the switches, same switching frequency is applied for their minimum
output impedance, given the same resonant frequency. Meanwhile, all topologies are using
the same area of switches, generating the same switching and gate driver loss which are not
captured by the output impedance are equalize. However, there is a missing link between the
passive and switch volumes. This will not be understood until the practical PCB layout is
considered. As a result, the best layout of three popular topologies, series-parallel, Dickson
and cascaded with the same conversion ration are considered as the examples in the next
section. Finally their output conductance density is calculated and compared.

4.6 Practical Layout Consideration

In this section, three topologies with a native conversion ratio of 4-to-1 are implemented using
uniform switches. Fig. 4.14 shows the top view of PCB layout for each topology. For all
layout, high power components are placed on the top layers for immediate heat transfer, and
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Passive Utilization 

Volpassive = k   Volswitch

  Same resonant frequency
  Optimal volume (VolL   VolC) 

Switch Utilization
  Same switching frequency 
  Same switch volume
  Optimal output impedance 

Rmin, Volswitch 

Compare   ρgout = 1 / Rmin x 1 / Voltot

Total Volume, Voltot  = Volpassive  + Volswitch 

Figure 4.13: Comparison framework using output conductance density.

auxiliary circuit including gate drivers is right beneath the power components for maximal
use of prototype volume. All topologies have the same 12 total power switches, together
with soft-charging technique of using inductor at the output. Based on the topological
comparison framework shown in Fig. 4.13, the selection of the passive components is listed
in Table 4.5. Before selecting the flying capacitance, the equivalent capacitance, Ceq, is first
calculated as that determines the actual resonant frequency. The selection criteria for passive
component also includes the output inductor DC resistance as well as saturation current.
The rated current of each topology is set high enough to show their switch utilization at
heavy load region. Altogether, the passives size is determined based on the practical layout
consideration of each topology.

Series-Parallel Topology

This topology has the best passive utilization, thanks to its high Ceq and the low voltage
stress to all the flying capacitors. Since all capacitors have the same voltage stress, they
can have the same size without considering voltage derating factor, allowing this topology
to have very symmetric and tight layout for the capacitors and therefore a very compact
size. In addition, the high passive utilization also enables low profile output inductor with
lower inductance but higher saturation current. In the case of uniform switches, the layout
for the switches can be very organized together with the flying capacitors. The power path
is direct from input to output with no vias required, significantly reducing the conduction
loss on PCB connection. The only downside is the higher current path of the series-phase
switches, which requires more attention as it causes not only parasitic inductance but also
resistance. The series-phase switches have (N − 1) times the conduction loss as compared
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34 mm

11 m
m

(a) Series-parallel topology

24.2 mm

16.4 m
m

(b) Dickson topology

8.2 m
m

38.7 mm

(c) Cascaded topology

Figure 4.14: PCB layout of 4-to-1 hybrid SC type-I topologies.

to the parallel-phase switches. As a result, after placing the 10 necessary switches in series-
parallel topology, the two empty spaces can be filled up with switches in parallel with the
series-phase switches. For even higher current application where thermal issues are more
critical, a simple way to address it is by extending the middle parts with more series-phase
switches in parallel to evenly spread out the heat. The layout of the series-parallel can be
extended easily by adding more columns for higher conversion ratios, together with more
rows for the middle series switches. Overall, the layout can be compact with high output
current rating.
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Table 4.5: Passive component selection for each topology when Vin = 24V and Vout = 6V .

Series-Parallel Dickson Cascaded

Ceq seen by
output

inductor

N2

4(N−1) · C < (N+2)3+(N−2)3+2(N−4)
3
2

16N2
C

Flying
Capacitor

GRM21BR61A476 @ 6 V
Cfly1,2,3 = 11.98µF × 9

Ceq = 4
3C = 144µF

GRM21BR61E226 @ 18 V
Cfly3 = 2.49uF × 28 = 70µF

GRM21BR61E226 @ 12 V
Cfly2 = 3.94µF × 18 = 71µF

GRM21BR61A476 @ 6 V
Cfly1 = 11.98uF × 6 = 72µF

Ceq < 1.2C = 85µF

Stage II
GRM21BR61E226 @ 12 V
Cfly2 = 3.94µF × 12 = 47µF

Stage I
GRM21BR61A476 @ 6 V

Cfly1 = 11.98uF × 12 = 144µF

Output
Inductor

XAL 4014-331
330 nH / 3 in parallel

Leq = 110nH
DCReq = 3.3mΩ
Isat = 43.8A

XAL 5020-801
800 nH / 3 in parallel

Leq = 267nH
DCReq = 3.4mΩ

Isat = 36A

Stage II
XAL 4020-601

600 nH / 2 in parallel
Leq2 = 300nH

DCReq = 4.75mΩ
Isat = 20.8A

Stage I
XAL 4020-201

200 nH / 2 in parallel
Leq1 = 100nH

DCReq = 1.52mΩ
Isat = 39.4A

Resonant
Frequency

40 kHz 35 kHz 42 kHz

† Capacitors are selected from Murata Manufacturing Co., Ltd. and inductors are from Coilcraft, Inc.
‡ Note that Ceq of Dickson is around 1.1C from the simulation result, depending on the output current.

Dickson Topology

As opposed to the series-parallel topology, the Dickson topology has the best switch uti-
lization with more evenly distributed current in each switch. Even though a higher current
path happens at those switches operating in only main phases for split-phase control, the
conduction loss ratio between highest and lowest current path is only 2(N−2)

N
with a boundary

between 1 and 2 as the conversion ratio increases. Meanwhile, the topology can sustain a
very high input voltage with low rating devices, which is especially good for high voltage
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applications when the device selection is limited to low-voltage domain, such as chip integra-
tion. However, the excessive voltage stress is indeed transferred to the capacitors, and each
flying capacitor sustains different voltage derating factors, complicating the layout since the
number of capacitors for each branch varies significantly. Meanwhile, it is hard to predict
the resonant frequency as well as the suitable duty ratio in achieving complete soft charging
through split-phase control. Therefore, while selecting the passive components and compar-
ing topologies, the resonant frequency is set lower for the Dickson to avoid incomplete soft
charging. Even though capacitors with low derating factor like C0G and NP0 can be used,
they require a lot more space and that lowers the converter power density. In short, this
topology can be very useful when the cost of switches are critical. However, the overall lay-
out is mainly dominated by the highly skewed capacitor size ratio, resulting the power path
routing in a less organized or modular fashion; therefore, lower power density is expected.

Cascaded Topology

The cascaded topology has the most modular layout as long as the devices follow the general
scaling trends of GV 2, CV 2 and LI2 for switches, capacitors and inductors, respectively. For
example, when stepping up one more stage in the cascaded topology, the inductance can be
increased by 4 times and the capacitance can be decreased by 4 times, giving the same LC
size since the inductor current is halved and the capacitor voltage is doubled at the same
time. When the general scaling trends are closely followed, the cascaded topology does not
only have the same size for each stage, but also features the same resonant frequency for
each stage due to the same LC constant. Similarly, the switch conductance of each stage
can be scaled down by 4 times, as the voltage rating doubles at the higher voltage stage,
resulting in the same size of switches as well as the same conduction loss for all stages. For
higher conversion ratio, the module can be simply extended without changing the layout
but the replacement of devices with various ratings. Also the conversion ratio increases
quadratically with the number of stages, providing a very size-efficient way. However, as
the switch is not scaled as GV 2, e.g. discrete switches at low-voltage domain, the layout of
the cascaded topology using 2-to-1 ReSC becomes non-modular. Given the uniform-Vrated
switches, more switches have to be in parallel for the lower voltage stage, making more
difficult to achieve compact and rectangular converter prototype. Consequently, suboptimal
overall performance is expected in the low-voltage applications.

4.7 Chapter Summary

Various SC topologies, including series-parallel, Dickson, cascaded, flying-capacitor multi-
level (FCML), ladder and Fibonacci, with higher conversion ratios are generated and syn-
thesized through a fundamental SC cell. The synthesized SC topologies can be turned into
hybrid SC by using soft-charging techniques; particularly, the output regulation capability
is found available to the soft-charging technique with inductor at the output. A quantita-
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Table 4.6: Topologies employed in the rest of the chapters.

Chapter Topology Application Advantage Challenge addressed

5 4-to-1 Hybrid Dickson
(regulated output)

Li-ion battery to
computing loads in

mobile devices
Best switch utilization

Off-chip capacitor are
co-packaged with a

FCBGA

6 3-level Boost
(output regulated)

Energy harvesting
in wireless sensor

network

Wide voltage
regulation

Flying capacitor
voltage balancing by
ACC-PFM technique

7 Two-stage ReSC
(non-regulated output)

Direct point of load
in data center

High performance for
very high conversion

ratio

Optimal selection of
topology based on
voltage domains

8 Interleaved Cascaded
(non-regulated output)

Intermediate bus
voltage in data

centers

Extremely high
efficiency and high

power density

Passive component
reduction

tive method is built up to analyze the switch utilization, which is by calculating the exact
minimum output impedance, Rmin. The distinctions in Rmin between pure SC and hybrid
SC converters are found related to the deviations in their duty ratios and current ampli-
tudes. Given the survey of available devices, three progressive optimization results for Rmin

are derived, which include area constraint of
∑
GiV

2
i,rated when very fine-scale switch rated

voltage and conductance can be selected, together with
∑
Gi and

∑
1 in low-voltage do-

main applications where switches do not scale with Vrated. The comparison shows that each
topology serves their purpose in different applications. When the full switch customization
is available, the Dickson topology has the lowest minimum output impedance. Yet, when
only the switch conductance or only the minimal number of switches is considered , other
topologies demonstrate promising results. A comprehensive comparison framework is devel-
oped, considering both passive and switch utilization, to analyze the overall performance of
each topology. Recommended layouts, creating links between switch and passive volumes,
provide the shortest power paths for switches and passives and they can be easily extend to
a more general case where switch is scaled with voltage. In the case of uniform switches,
the series-parallel has the highest output conductance density due to its excellent switch
and passive utilization as well as symmetric layout. As listed in Table 4.6, several different
topologies are designed, fabricated and measured in each chapter with their specific advan-
tages for different applications. In addition, Table 4.6 also lists their challenges, which will
later be addressed.
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Chapter 5

On-Chip Hybrid Dickson for High
Switch Utilization

Owing to the need for low power consumption, portable and wearable electronics operate at
low voltages, typically below 1 V, with recent designs in near- and sub-threshold operation
down to 0.3-0.5 V. Meanwhile, voltage range of the most common energy source, the Li-ion
battery, is 3 - 4.2 V. Likewise, a common bus voltage on motherboard is 12 V, which needs to
be converted to 3.3 V or 1.8V before supplying the power to the point-of-load regulator for
processors. These applications motivate the need for compact power converters capable of
large conversion ratio with wide and efficient voltage regulation. Meanwhile, as the CMOS
technology node advances, the voltage ratings of available switches are also decreased down
to 1 V for core devices and up to 2.5 V or 3.3 V for I/O devices. To interface between the
source and the load, cascoded switches are unavoidable for power converters, e.g. stacked-
switch buck converter, SC as well as hybrid SC. The Dickson topology with an inductor at
its output is an excellent candidate due to its superior switch utilization.

In this chapter, a 4-to-1 hybrid Dickson converter is proposed and implemented. Its
soft-charging operations by two-phase and split-phase controls are investigated, along with
its extended regulation capability; the duty ratio variation in the split-phase control is also
discussed in terms of operating frequency, output current and capacitance variations. The
converter is implemented using 65 nm CMOS process with careful selection on the voltage
rating and sizing of all power MOSFETs. In addition, The specifications for die bumping
in the IC fab as well as the interposer fabrication in the back-end service are covered for a
prototype co-packaging a flip-chip ball grid array (FCBGA) converter die, an interposer and
passive components. Other than the packaging, to operate the converter in a more reliable,
area-efficient and power efficient, several key circuit techniques including floating supplies
and gate driver techniques are evaluated and developed, which are also common technical
issues and applicable to other power converters. As compared to prior arts, the proposed
converter outperforms in efficiency, power density and conversion ratio.
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(a) a 4-to-1 hybrid Dickson converter by adding an inductor at the output
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Figure 5.1: A 4-to-1 hybrid Dickson converter and its switching signals.

5.1 Operating Principle

A hybrid Dickson converter can be either operated with two or split phases, with a 4-to-
1 example shown in Fig. 5.1. These two types of operations can also be added with an
output inductor freewheeling phase to obtain flexible regulation capability. As shown in
Fig. 5.2, there are five operational states given the switching signals in Fig. 5.1: φ1 and φ2

are the main states shared by the two-phase and split-phase operations; φ1a and φ2a are
the additional states only in split-phase operations; φF is the freewheeling state where the
bottom switches controlled by Q1−4 are turned on and grounded. Note the current branches
are always guaranteed as many as possible (two in the 4-to-1 case) in the main phases,
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Figure 5.2: Operational states of a 4-to-1 hybrid Dickson converter.

reducing the switch RMS current and benefiting the Dickson converter from excellent switch
utilization.

In the two-phase operation, the duty ratio is usually set as 50%, which is similar to
the conventional pure SC. However, given uniform capacitance for all flying capacitors1,
there is voltage difference between capacitor branches when they are connected, leading
to a high spiky current due to the residual charge sharing loss. Fig. 5.3 (a) shows the
example when the Dickson converter transitions from φ1 to φ2, and the voltage of capacitor
branches for φ2 is monitored. It can be seen the voltage difference between (VC3 − VC2)
and VC1 when φ2 is on leads to the spiky current in all flying capacitors (IC3 is shown
as an example). To address that, The split-phase control adds two auxiliary phases before
transitioning into the main phases, allowing the voltage difference between capacitor branches
to be eliminated before they are connected. With the auxiliary phases, the capacitor current
becomes smooth as shown in Fig. 5.3 (b). The output impedance in Fig. 5.3 (c) clearly shows
the difference between the split-phase and the two-phase operation, where the split-phase
control has a lower critical frequency and a lower switching frequency is allowed to achieve
the minimum output impedance. However, there is a tradeoff: the split-phase operation has
higher Rmin than that of two-phase operation, since there are less parallel branches involved
in the auxiliary states. The ratio between switching and conduction loss determines whether
split-phase operation is worth implementing; the answer is yes when the converter efficiency

1The flying capacitance ratio can also be set highly skewed to approximately achieve soft-charging oper-
ation according to [54], which is to set the even numbered flying capacitance to be much higher.
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ϕ1 ϕ2

(a) Two-phase: incomplete soft charging

ϕ1 ϕ2ϕ1a

(b) Split-phase: complete soft charging

(c) Output impedance of two-phase and split-phase operations.

Figure 5.3: Comparison between two-phase and split-phase operations.

is dominated by switching loss.
For the output regulation, the split-phase control together with the freewheeling phase

is illustrated in Fig. 5.1 (b). The duty ratios of main and auxiliary phases are combined
into Dreg, i.e. Dreg = Dφ1 + Dφ1a + Dφ2 + Dφ2a , which determines the output voltage by
Vo = Dreg · Vin/4. The required inductance in the 4-to-1 hybrid Dickson converter can be
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(a) Duty ratio versus capacitance variation (b) Resonant operation

Figure 5.4: (i) Duty ratio variation and (ii) resonant operation of split-phase control when
complete soft-charging operation is achieved.

derived by:

L4-to-1 Dickson =
Vo · (1−Dreg)

∆IL · fsw
, (5.1)

which has similar form as the inductance for the buck converter except that Dreg is now
four times bigger since the switching node voltage is approximately Vin/4. As a result, the
inductance requirement is greatly reduced for the same inductor current ripple. Note adding
the freewheeling state does not change the switching frequency for all control signals, since
it is generated by extending the switching signals, Q1−4.

For split-phase control, the φ1 duty ratio to achieve complete soft charging is 37.5% (4-
to-1 case) in the split-phase operation when the inductor current is relatively flat at high
switching frequency. The duty ratio varies with the flying capacitance ratio as well as the
switching frequency. Fig. 5.4 (a) shows how the duty ratio varies with the capacitance ratio,
where the variation of flying capacitance is defined as the increasing rate of C1 and the
decreasing rate of C3. Note that Dφ1 + Dφ1a = Dφ2 + Dφ2a = 50% is always true since the
equivalent circuit for φ1− φ1a and φ2− φ2a are the same. On the other hand, the duty ratio
decreases with lower switching frequency since the current amplitude going through each
capacitor is not flat any more. Fig. 5.4 (b) shows one example of low switching frequency,
which requires a duty ratio of 34.7% for a complete soft-charging given all flying capacitances
are the same. Note that there is only one duty ratio at a specific operating frequency and
current for simultaneously achieving resonant and complete soft charging operation. In
other words, there are still more design margins to optimize the performance of the Dickson
topology, requiring further research in simplified modeling and control. However, in this
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Table 5.1: Characterization of n-channel devices in 65 nm CMOS process.

Device† Channel
Length

Voltage
Rating

Channel Resistance
Rds ·W [Ω · µm]

Parasitic Capacitance
Cgg/W [fF/µm]

Leakage
current

Layout
Area‡

Core 1 V 1X 1X 1X 1X 1X 1X

I/O 1.8 V 1.8X 1.8X 3.2X 1.7X 0.02X 4.5X

I/O 2.5 V 1.9X 2.5X 3.0X 1.9X 0.02X 6.5X

I/O 3.3 V 2.6X 3.3X 4.9X 3.8X 0.02X 12.5X

† Corresponding p-channel devices have 3X higher resistance and 2X smaller leakage current.
‡ The actual layout includes spacing between the poly gate and metal contact. The actual layout length
ratio deviates from the channel length, which should be corrected as [1X, 2X, 2.1X, 2.5X]. For the same
conductance. All are tested with the same width. The difference is based on the number of multipliers.

chapter, the hybrid Dickson converter is operated at higher switching frequency where a
more ideal situation of flat current can be assumed.

5.2 Power MOSFET Selection

The switch device ratings for Dickson topology are Vo and 2Vo. Given the input voltage
of 4 V and a the conversion ratio of 4-to-1, the nominal switch blocking voltage is either
1 V or 2 V. As listed in Table 5.1, there are mainly four regular-Vth devices in a 65 nm
CMOS process. The most important design parameter is the voltage rating, which is usually
selected 50% higher than their nominal blocking voltage for better reliability. Meanwhile,
the characterization of the channel resistance as well as the parasitic capacitance are crucial
for efficiency evaluation. For instance, a power converter processing higher current requires
larger switches for lower resistance, but they are not able to switch too fast due to high
parasitic capacitance. In order to quickly calculate the device widths and lengths, the channel
resistance and parasitic capacitance are normalized to the channel width, assuming the
minimum length is used for the lowest overhead on size and capacitance. While extracting
the parasitic capacitance through gate driver loss, both the gate capacitance, Cgg, and the
leakage current, Igg,leak, should be considered:

Pgate = CggV
2
DDfsw +D · Igg,leakVDD. (5.2)

As can be seen from Table 5.1, the leakage current increases significantly as the gate length
shrinks down to sub-100 nm regime. Literature also shows that the leakage current becomes
a serious concern for the gate oxide thickness below 20Å in advanced CMOS processes [66].
Considering high leakage current for large power MOSFET and narrow allowable gate swing
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range for driving (limited margin between the breakdown voltage and Vth) in core devices,
the I/O devices are chosen for power MOSFET, especially for floating switches.

The chip area can be estimated through the channel area. Empirically, the actual chip
area is about 3 to 4 times the total channel area depending on the design rules for each device.
After considering the area overhead including M1-to-diffusion contacts, contact spacings,
metal wires, and guard rings2, the layout area ratio between different is approximately
proportional to V 2

rated given the same conductance, echoing the scaling trend for discrete
switches at their higher voltage domain, Vrated > 40V . Other than designing the channel for
power MOSFET, its fanout to the upper metal layers is critical as well since the lowest metal
layer, M1, being the thinnest and narrowest, can contribute a large portion of resistance. The
area ratio between the channel and the interconnection in a power switch unit should also
be taken into consideration. For example, the switch channel occupies only a proportion, k,
of a power switch unit area, and an empirical k value is from 0.2 to 0.3 for a balance between
switch conductance density and gate capacitance density; otherwise, the switch resistance
may be dominated by the metal resistance, e.g. more than 50% conduction loss coming from
outside the gate channel was found when only one contact column is employed between the
gate channels. Increasing the channel width without considering its ratio between M1 width
and contact results in low conductance density as well as large gate capacitance. To further
improve the quality of power MOSFET, not only the layout for M1 and contact is important,
but also the number of vias on the higher metal layers. A grid-style layout of every metal
layer perpendicular to its adjacent layer is usually employed, with the number of vias added
as many as possible. Last but not least, the thickest top metal or redistribution layer is a
great resource to reduce interconnection resistance.

5.3 High-Density Packaging

The form factor of a power converter is very crucial to power density, and the target is
to package switches and passives into an optimal box volume. While the fully integrated
switches have been mature enough for their high conductance density and wide variety
of voltage scaling, the passives size is still the bottleneck preventing the power converter
from achieving high power density. In most cases, the profile of the inductor determines
the height of the whole package, resulting in a larger box volume. Several solutions were
developed including the on-chip air-core spiral inductors [15], [49], off-chip air-core wirebond
inductors [18] and co-packaged magnetic-core inductor [17], [38], [48], [67]. The co-packaged
inductors can be full custom inductors like racetrack [17] and self-rolled up membrane (S-
RuM) [68], or commercial ones [38], [48]. Nevertheless, the final goal is to integrate the
inductor device into commercial IC fabrication processes, so that the inductor can be part of
the “printing” functional layers. While the bottleneck of the inductor might be the expensive

2Guard rings are crucial for power switches to avoid latch-up issues. For hybrid SC, most of the power
switches are floating and the deep N-well layer is needed to form an isolated P-well for NMOS, leading to
some layout area overhead.
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magnetic material in forming the core, the price is expected to be reduced significantly as the
demand of high performance converter increases. This momentum of pushing inductor into
nominal process does not only exist in the academics, commercial products are also moving
their system in package (SiP) [69] from requiring an additional small substrate (fabricated
by a back-end company) to the fully integrated solutions (all fabrication done in IC fab)
[22]. All approaches are to find a balance between the fabrication cost, efficiency and form
factor. There were also many ways to reduce the inductance requirement such as resonant
operations, multi-phase interleaved converters and coupled inductors. In this chapter, the
introduced hybrid Dickson converter has the advantage of very low inductance required, and
it is chosen to have the inductor co-packaged with the power switches in FCBGA package
through a high density interposer. The details of the whole packaging are provided as follows.

Power Switches packaged in FCBGA

The connection between the chip and the outside world is usually done by bond wire. How-
ever, the length of the bond wire can easily go more than 5 mm, leading to high parasitic
inductance of 5 nH given the empirical 1 nH/mm for wire with a diameter of 1 mil. This
causes significant ringing and reliability issues, which is especially serious when dealing with
high switching frequency and high current. To address the issue of long interconnection, the
developed chip can be flipped and directly connected to the outside world with small die
bumps. As shown in Fig. 5.5 (a), an interposer is used to transfer the electrical connections
from die bumps to the larger pads of the capacitors. In some cases, the capacitor can be
directly soldered to the die bumps to achieve an even smaller height for the whole converter,
as long as the bumps are large and distant enough [48]. A typical analysis of package para-
sitic inductance is shown in Fig. 5.5 (b), and Table 5.2 provides an estimation for the values
based on the dimensions for each layer. It can be seen the parasitic inductance using FCBGA
package can be reduced by 10 times as compared to packages using wirebond. The FCBGA
package does not only help reduce parasitics including inductance and resistance, but it also
reduces the converter size; beneficial in achieving high efficiency and high power density.

For the implemented hybrid Dickson converter chip, the die bumping was done in Taiwan
Semiconductor Manufacturing Company (TSMC). While the bump pitch and size available
in the TSMC process are very wide range, it is highly suggested to have larger bumps and
spacings in order to ease fabrication constraints on the interposer. Larger bumps also help
component assembly, avoiding annoying shorts between pins. For the implemented chip,
the bumping process at the IC fab requires an incremental fee of $10,000++ for production
of the solder-bump mask and additional $8,500++ shared cost of purchasing the flip-chip
wafer. These fees are independent of the die area as it is an additional service upon request.
Therefore, it could be cheaper if more projects shared the cost for the additional masks in
the whole wafer. Even though several other back-end services provide bumping process, they
require un-diced wafer or mass production. Another cost-effective way is cutting a shallower
bond wire so that the bump associated with bonding action is then formed on top of the
pad, which can be a very good alternative to the TSMC bumping service. This bumping
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Figure 5.5: Parasitic inductance of a power converter using flip-chip ball grid array (FCBGA).

Table 5.2: Parasitic inductance estimation in FCBGA package.

Element Characteristics Parasitic Inductance

0402 SMD capacitor 1.0 mm x 0.5 mm x 0.5 mm 370 pH

Solder Bump 1 Diameter = 100 µm
Thickness = 50 µm (max.)

2 x 10pH / 2 = 10 pH

Interposer Via
(4 layers, 1 oz Cu)

Diameter = 100 µm
Thickness = 460 µm

2 x 200 pH / 4 = 100 pH

Solder-bump 2 Diameter = 200 µm
Thickness = 80 µm (max.)

2 x 8.5 pH = 17 pH

Die Trace
Length = 200 µm (max.)
Width = 100 µm (min.)

Thickness = 3.4 µm (UTM)

2 x 70 pH / 2 = 140 pH

Total 637 pH

technique can done by smaller assembly house, but at the potential risk of possible damage
for the circuit under the pads.

High Density Interposer (HDI)

An interposer is basically another substrate or an external interconnection for a chip, which
functions as a regular fan-out board but in a much smaller scale. A more cost-effective way
is to implement it through regular PCB vendors with their advanced capability. A prototype
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(a) Top View (b) Top layer

(c) Inner layers (d) Bottom layer

Figure 5.6: Chip interposer and its each layer.

interposer board shown in Fig. 5.6 is realized by FlexPCB in California, and the specifications
are listed in Table 5.3. The interposer has four layers together with blind and buried vias for
more flexibility in fanning out the smaller pins. Note the blind via allows smaller drill than
the buried and through vias, which further allows the die bumps to be connected with the
via-in-pad for shorter connection. There are many challenges to have fully working power
converters, and the challenges associated to the interposer can be categorized into three
aspects as follows.

� Cost: it was about USD 4000 for 10 working interposers made in FlexPCB. Although
it was cheaper if more boards were ordered, the fixed cost highly depends on the
fabrication specifications and it increases exponentially with any tighter constraints.
Die bumps with a pitch of 220 µm is indeed very challenging to the back-end process,
and that left not enough space for routing out more internal pads from the die using
the top layer of the interposer given the constraint of 3 mil minimum trace width.
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Table 5.3: Layout specifications of the chip interposer.

Layout Items Specifications

Min. trace width and clearance 3 mil

Via-in-pad 6 mil landing pad and soldermask

Pad-to-pad clearance 2 mil

Blind via 6 mil landing pad, 4mil drill

Buried via 10 mil landing pad, 6mil drill

Through via 10 mil landing pad, 6mil drill

Board thickness 18 mil (4 layers, 1 oz copper)

Therefore, most of the bumps are connected through via-in-pad and use the inner
layers for more signal routing, which turns out to be a high cost factor. Meanwhile,
in this prototype interposer, the via is plugged with conductive material to avoid the
solder from draining out of the vias, which also adds more to the overall cost.

� Assembly: the flip chip is soldered using hot air gun handled by hands, and the align-
ment between the flip chip and the interposer is done using a Finetech BGA rework
station. To improve the alignment and the contact between solder balls and interposer
pads, suitable amount of soldering flux was applied on the interposer board before the
chip placement. The amount of the flux is critical: underfilled flux results in cold joints
and poor connections; overfilled flux along with high-intensity hot air flow can easily
drifts the chip away from the right position. Other than that, the successful connection
of all pins is mainly determined by the flatness consistency of the interposer, since most
of the failure boards are found tilted.

� Yield: it was about 10% to 20% claimed by the connection test at manufacturing
side, where they have some equipments to verify the board connection based on the
schematic. There is another 80% failure rate while assembling the components in the
lab. The via-in-pad for die bump soldering needs a tremendous attention, since the
fabrication process of via-in-pad bent the interposer in different angles. This then
further causes misalignment between the interposer and die when soldering. Even
worse, the vias filled with copper are usually not even, leading to a tilted FCBGA
before PCB rework. The connection failure can be found after removing the chip from
the interposer, either the pads of the interposer still shine with the exposed copper
or the solder balls of the die not melted to flat. However, after several practice and
weeding out the bad interposers, the yield of the component assembly was improved
to around 80%.
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Figure 5.7: (a) Schematic and (b) simplified circuit of a conventional bootstrap circuit for
driving high-side NMOS.

5.4 Floating Supply for Gate Drivers

Floating supplies are essential to any power converters with high-side switches. In particu-
lar, the SC topologies, composed of many high-side switches, require area-efficient floating
supplies to leverage its advantage of high switch utilization. Similar to level translators or
shifters, floating supplies transfer electrical signals between different voltage domains except
that they are used to drive power MOSFETs with much heavier capacitive load. There are
two main requirements for the supply voltage of floating supplies: (i). it should always be
high enough to achieve low turn on-resistance and (ii) it should be lower than the break-
down voltage. To implement that, there are several approaches, including capacitor-based
technique [8], [9], [70], [71], voltage borrowing technique[6], [72] and transformer-based [73]
technique. This section primarily focuses on the previous two approaches, since they are
more potential in providing a higher integration level.

Conventional Bootstrap Circuit

The circuit shown in Fig. 5.7 (a) is one of the capacitor-based approaches, which is also
called the n-type charge pump. The fabrication of diodes might not be always available in
IC processes, the p-type charge pump circuit [70] as shown in Fig. 5.8 (a) can be employed
in together with PMOS, which can be turned on with a lower node voltage available within
the power converter instead of generating a higher voltage. Focusing on the n-type charge
pump, assuming the NMOS can be turned on with Vgs = VDDB � Vth, the voltage difference
between VBOOT and Vsw needs to be VDDB to turn on the high-side NMOS. To ensure that,
it is necessary to tie the negative terminal of CB or the switching node, Vsw, to the ground
reference of the bootstrap supply voltage, VDDB. Also, the bootstrap capacitor, CB, must
be charged and updated frequently to ensure VBOOT is high enough to turn on the high-
side switch. In other words, the high-side switch cannot be fully on or the duty ratio of
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Figure 5.8: (a) Latch and charge pump circuit for driving PMOS and the (b) area allocation
of a power switch unit with its bootstrap capacitor using the conventional bootstrap circuit.

Table 5.4: Capacitance density comparison between different processes.

65 nm CMOS [38] 65 nm CMOS [74] XFAB 180 nm CMOS

MOSCAP 2.3fF/µm2 @ 2.5V 1.89fF/µm2 @ 1.0V
2.1− 8.3fF/µm2 @ 1.8V
0.9− 2.7fF/µm2 @ 5.0V

MIMCAP 2.0fF/ µm2 1.85fF/ µm2 6.6fF/ µm2 for Triple MIM
MOMCAP 1.6fF/ µm2 2.42fF/ µm2 Provided but no density shown

VGH cannot be 100%. It is commonly seen that never-grounded Vsw leads to not switching
VGH , especially when individually testing floating switches. Consequently, the application
of the conventional bootstrap circuit is only limited to buck converters, and a modified
bootstrap circuit and several cascaded bootstrap circuits are developed later to address
more complicated floating issues.

The conventional bootstrap circuit is commonly seen in discrete implementations. To
design the bootstrap capacitance required by the conventional bootstrap circuit, a simplified
circuit as shown in Fig. 5.7 (b) can be employed, which assumes very low bootstrap diode
voltage drop. Before turning on the high-side switch (S1 is high), CB is charged to VDDB
through a bootstrap diode and Cgs is discharged to ground. As the high-side switch is
turning on (S1 is low), CB is in parallel with Cgs through the gate driver. During this
charging process, Cgs is supposed to be charged to VDDB so that Vgs is high enough to
reduce the switch turn-on resistance. However, after charge redistribution between CB and
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Figure 5.9: (a) Schematic and (b) simplified circuit of a modified bootstrap circuit for driving
high-side NMOS.

Cgs, the final voltage becomes:

Vgs =

(
n

n+ 1

)
VDDB, (5.3)

which is different from VDDB. In discrete implementations, the capacitance density ratio
between capacitors, such as SMD MLCC, and switches Cgs can easily go more than 10,000
times, lending itself to a good use of conventional bootstrap circuit. To implement CB
on chip, there are mainly three kinds of capacitors: MOSCAP, MOMCAP and MIMCAP
as listed in Table 5.4. In some advanced CMOS processes, either only MIMCAP or a
combination of MOSCAP and MOMCAP is allowed on the same vertical plane, instead of
having all three of them in parallel. In general, the MOSCAP is available and it has higher
capacitance density. While the combination of MOSCAP and MOMCAP may provide more
capacitance density, full integration of capacitors significantly increases the chip size given
low on-chip capacitance density. An example of a unit switch cell is shown in Fig. 5.8 (b),
the size of a combination of power switches and bootstrap capacitors has to be more than 9
times the original power switches in order to maintain high Vgs according to (5.3). However,
the MOSCAP also experiences lower breakdown voltage and higher voltage derating factor
than other capacitors, complicating the on-chip integration of conventional bootstrap circuit.
Some exotic capacitor process might provide higher capacitance density [72], [75], which
however is not cost-effective.

General-Purpose Bootstrap Circuit

The schematic of a general-purpose bootstrap circuit [76] is shown in Fig. 5.9, which can
be placed at any floating domains without pre-knowledge of the converter operations. The
modified bootstrap circuit generates the floating voltage of Vin + VDDB by duplicating the
whole system shown in Fig. 5.7 (a) including the power switches for the buck converter,
which is then coupled to a high-side driver through an additional diode, D2. As compared
to the conventional bootstrap circuit, the general-purpose bootstrap circuit decouples the
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Figure 5.10: Voltage borrowing technique in a 4-to-1 Dickson converter.

charging of CBaux and CB, offering the benefits of turning on high-side switches with 100%
duty ratio. This circuit can be very useful in power converters like non-inverting buck-boost
converter when it is either operated at buck or boost mode and one of the switches is fully
on. Unlike cascaded bootstrap technique [77], the voltage drop of the gate driver circuit is
guaranteed 2VD, which can be easily compensated by increasing VDDB to VDDB + 2VD.

The design consideration on CB and CBaux is similar to the conventional bootstrap con-
verter, and a simplified schematic shown in Fig. 5.9 (b) is used to analyze the modified boot-
strap circuit. The target is to maintain high enough VBOOT , otherwise low VBOOT triggers
metastability condition in the gate drivers, drawing more current from CB and deteriorating
the voltage drop issue. The most efficient charge transfer between capacitors is from a much
larger capacitance to a smaller capacitance, and n1 = 81 and n2 = 9 are selected intuitively
according to (5.3) so that VBOOT can be charged to a high enough voltage. Other than that,
since the switching frequency, fsw, of the power switch and updating frequency, fupdate, of
CB can be different (fsw = fupdate in conventional bootstrap circuits), there might be a more
optimal design on all CB, CBaux, fsw and fupdate in terms of size and efficiency. For example,
fupdate can be designed faster to reduce CBaux.

Given the inductor-free and topology-independent advantages, this circuit can be very
compact and powerful if the shaded area as shown in Fig. 5.9 (a) can be further integrated.
Most of the components are low-voltage and associated with VDDB, and the highest blocking
voltage is Vin on D1, D2 and the two switches (one grounded and one connected to Vsw).
The voltage rating of the general-purpose bootstrap circuit is simply determined by available
fabrication process, and the switching performance can be tuned by the size of the two
additional switches. Unlike transformer-based approach, it has high stability and reliability,
since there is no extra regulation loop needed.

Voltage Borrowing Techniques

This technique directly retrieves the energy from an internal node of a power converter. It
can also be understood as sharing or borrowing the capacitance from the existing flying
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capacitors, or the SC structure itself can be seemed as a provider of multiple floating voltage
sources. The key step is to match the voltage requirement of the gate drivers to the closest
floating voltage sources. There are two situations when the node voltage is not close enough
to the required level: (i). the supply voltage is too high and linear regulators serve the
simplest and smallest way to step the supply voltage down to a safe level; (ii). the supply
voltage is too low and a larger-size switch (either NMOS or PMOS) is then required to com-
pensate the lower conductance density. While both situations may degrade some efficiency
or power density, the voltage borrowing technique may be still more beneficial than on-chip
bootstrap circuit given the condition of low on-chip capacitance density. Also, in some criti-
cal applications like GaN-power converters, a series or shunt regulator is already hooked up
in front of the gate terminal to prevent it from punch through, and that can serve as part
of the voltage borrowing technique.

Fig. 5.10 shows the voltage borrowing technique employed in a 4-to-1 Dickson converter.
In the final prototype, all GDs and LSs are powered by flying capacitor nodes of the power
stage. Note that those power MOSFETs, Q8 and Q7, close to the high input voltage are
implemented using PMOS with larger size, other lower switches are implemented by NMOS.
Usually, PMOS is preferred for high-side switches so that the driving voltage can be easily
found within the power converter and the use of bootstrap circuit can be avoided. As shown
in Fig. 5.10 (b), the waveforms of the supply voltages (VHIGH–VLOW ) to the LSs and GDs,
V3–V1, Vin–V2 and V2–Vsw are all sufficiently high to turn on switches with low on-resistance,
and within the switch voltage ratings. For driver D8, it can be supplied by Vin− V2, instead
of generating a higher voltage. Although Vin − V2 can be sometimes decreased to Vo, it is
back to 2Vo when Q8 needs to be turned on. Similarly, V2 − Vsw for the driver D5 is also
ready when Q5 is turning on. Other middle drivers including D7, D6 and D3 can easily find
their right floating source, since V3 − V1 and V2 − VX are always 2Vo. In the case where
Vo = 1V , the common 2.5 V I/O devices are good enough for building up these gate drivers.
The only bottleneck is the supply voltage for D4, since it only has stable Vo or 3Vo available
in its voltage domain with reference of VY . In the proposed chip, V1 − VY is selected with a
larger switch size assigned to Q4 (2.5 V devices), since 3Vo would leave less margin to 3.3V
I/O devices.

Comparison between floating supplies

Both bootstrap circuit and voltage borrowing technique have their own advocates. For
example, while voltage borrowing technique is more commonly seen in pure SC converters
[6], [72], implementing bootstrap capacitors using either external capacitors [70], [71] or
large-area on-chip capacitors [8], [9] can also be found in synchronous buck converters, a
folded Dickson converter and an 11-to-1 SC converter. In this section, more general floating
supplies are provided for converters with higher conversion ratios, which were mostly limited
to 3:1 or below in prior designs. For instance, the general-purpose bootstrap circuit can be
plugged in any voltage domains without topological limitation, and the voltage borrowing
technique is extended to higher levels like Fig. 5.10 (a).
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Table 5.5: Area comparison for on-chip floating supplies.

JSSC 2011
Le [6]

JSSC 2015
Biswas [11]

JSSC 2015
Sarafianos [8]

PE 2017
Andersen [72]

Technology
Node

32 nm 28 nm 90 nm 32 nm

Gate Driving

Mostly BRW
from Vi and Vo,
others BTS to
Vi − Vo and 2Vo

Mostly BRW
from Vi and Vo,
others BTS to
Vi − Vo and 2Vo

Full BTS
Full BRW from
Vi and Vo

Max. Output
Power

0.61 W
w/ 79.8%

0.0017 W
w/ 83%

0.0032 W
w/ 76.6%

10 W
w/ 84%

Capacitance
Density

MOSCAP
NA

MOS+MOMCAP
5fF/µm2

MIMCAP
2fF/µm2

TrenchCAP
220fF/µm2

Chip Area
(SW + GD)

0.38mm2 0.05mm2 0.24mm2 1.97mm2

† BRW: voltage borrowing, BTS: bootstrap circuit
‡ SW: switch, GD: gate driver

The bootstrap circuit generates a non-existing and usually higher voltage, while the
voltage borrowing technique is by carefully selecting the existing node voltage. Generally
speaking, the capacitance density ratio, XGD, between the bootstrap capacitance density
and the switch Cgg density

XGD =
CBOOT

VolumeCBOOT
÷ Cgg

Volumesw
(5.4)

can be a selection guideline choosing between different floating supply techniques. High
power density is ensured as long as XGD is much higher than 1. When the available capac-
itance density for bootstrap capacitor is higher, such as trench capacitor in [72] or off-chip
capacitors, the bootstrap circuit is preferable since it has highXGD and it can be used to drive
NMOS (around 2 to 3 times better conductance density than PMOS). Otherwise, the power
density is greatly reduced, such as [11] and [8], since it consumes considerable on-die capaci-
tance using commercially available processes. For designing an on-chip power converter, the
voltage borrowing technique is usually suggested for low-voltage process (Vrated < 5V ), which
means similar ratings on VDS and VGS. The voltage borrowing technique can be understood
as improving XGD by using the existing large flying capacitance. Table 5.5 compares the
on-chip floating supplied employed in prior arts, which shows that on-chip bootstrap circuit
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Figure 5.11: (a) weak gate driver and (b) segmented gate driver in reducing the ringing issue.

suffers from low power density when high capacitance density is not available and XGD is
low.

5.5 Segmented Gate Driver

Ringing is the primary reason for device failure and it worsens as parasitic inductance and
output current increase. Although the ringing can be addressed by selecting a higher voltage
rating device, the power density is greatly reduced and the device might not be available in
most processes. As shown in Fig. 5.11 (a), the most intuitive way is to increase the gate
resistance between gate driver and power MOSFET, so that the switching transition can be
slowed down and the ringing is reduced. However, this leads to high on-resistance as well as
VI -overlap loss during the switching transition due to low Vgs. Therefore, there is a tradeoff
between voltage ringing and efficiency while designing the gate driver strengths: weaker
gate driver has less ringing issue, but the switching transition time as well the associated
switching loss increases, preventing the power converter from operating at high switching
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frequency.
Higher ringing voltage is expected with a faster current transition in a larger parasitic

inductance, according to VL = ESL· di
dt

. While investigating the detailed mechanism between
Ids and Vgs during power MOSFET switching transition for inductive loads, it is found that
the largest current transition occurs during the plateau region, where Vgs stays flat due to
the miller capacitance seen by the gate driver and the power MOSFET is operated at its
saturation region with an intrinsic gain. During the plateau region, the driving current from
the gate driver is flowing through Cgd of the power MOSFET instead of Cgs. Consequently,
the driving current is injected into the switching node of the power converter, ramping it up
to a higher voltage. The stored energy at the switching node is then swapped between the
parasitic inductance and capacitance, leading to the ringing issue. Therefore, a longer transi-
tion dampens the ringing voltage more, or vice versa. To reduce the ringing without sacrifice
of efficiency, the technique of segmented gate driver is developed, which is by combining
both drivers with different strengths and triggering them at different time of the switching
transition. Fig. 5.11 (b) shows an example of two segments: weak and strong drivers. At the
beginning of the gate driving waveform, the segmented GD turns on the power MOSFET
using the weak driver to slow down the transition and reduce voltage ringing. After IDS
has fully transitioned, the strong driver is engaged by a LO-skew inverter with threshold
voltage higher than Vplateau. This raises VGS at a faster rate so that the switch reaches the
low on-resistance state sooner and the conduction loss is reduced.

To control the strengths of gate drivers, the additional gate drivers, except the default
set (weak driver in this case), should be tristate inverters3, otherwise shoot-through events
would occur. Another concern is the trigger timing of the strong driver, which has to be
on beyond Vplateau to avoid strong gate drivers from being always dominant. The plateau
voltage can be estimated as

Vplateau = Vth +

√
Ids
ksw

(5.5a)

Ids = ksw · (Vgs − Vth)2, (5.5b)

where ksw is the MOSFET parameter covering the information of channel dimension as well as
oxide capacitance. Given Iload = 2A, it is estimated that Vplateau ≈ 0.7V with some variations
depending on Vds. Without adding too much area and power consumption overhead, an
inverter serves as a simple and quick comparator for sensing Vplateau, which can be done by
setting the inverter threshold, Vm, to around Vplateau. The value of Vm is determined by the
ratio of pulling strengths between PMOS and NMOS. Nominally, Vm ≈ Vdd/2 when PMOS
and NMOS have equal pulling strengths, i.e. when the width ratio is 3:1. In order to achieve
Vm ≈ 0.7V , LO-skew inverter is chosen with P : N = 3 : 9 through the simulation result
shown in Fig. 5.12 (b).

Fig. 5.12 (c) and (d) show the simulation results under the conditions of Iload = 1.82A
and Vin = 4V . The parasitic inductance in each flying capacitor is set 1 nH, which is 30%

3The pull-down transistors of the strong gate driver may not need to be tristate or controlled since most
power switches can be turned off with intrinsic zero-voltage switching.
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Figure 5.12: (a) Simplified schematic of segmented gate drivers, (b) inverter threshold design
of the Vplateau-sensing inverter, (c) current and voltage across the parasitic inductance and
(d) switch blocking voltgae when applying with the segmented gate driver.

more than the estimated inductance for design margin for the co-package situation shown in
Fig. 5.5. By using the segmented gate driver, the ringing voltage on each parasitic inductance
is limited to around 500 mV, which then adds to the blocking voltage of each power switch.
Due to higher nominal blocking voltage (2Vo) and current transition, the worse case happens
in Q6 and Q7, which have blocking voltage more than their nominal rated voltage (2.5 V).
Given that this happens for a short interval and there is a 20% margin for the switch devices,
the converter is still within the safe operating region.
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Figure 5.13: Block Diagram and Packaging of a 4-to-1 Dickson Converter.

5.6 Measurement Results

The schematic of the hybrid Dickson converter is presented in Fig. 5.13. The power MOS-
FETs, level shifters (LS), gate drivers (GD) and digital controller are integrated on the die
with a wafer-level flip-chip package, while the passive components are co-packaged on the
opposite side of a fine-pitch interposer in the annotated whole testing system as shown in
Fig. 5.14. The FCBGA die has a total of 80 working bumps, with 4 at the corner to avoid
DRC violation and fabrication issues. The external signals, S1–8, are used to program the
internal digital controller and to preset the duty ratios for gate driving signals, D1–8, dur-
ing start-up. The supply VDIG is provided externally to power the digital controller blocks
consisting of the ADCs, output voltage regulator, capacitor voltage balancing and DPWM
generation circuitries. To better experimentally characterize gate driving power consump-
tion, VAUX = Vin/2 is externally supplied, but included in all efficiency measurements. The
SC stage is a 4-to-1 Dickson topology, with 3 flying capacitors and inherently low voltage
stress on the switches, allowing for the use of advanced CMOS process and transistors with
better figure-of-merit. In this work, 2.5 V devices are used for an input voltage of 4.2 V
without the cascode transistor need. The testing board shown in Fig. 5.14 was showcased in
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Figure 5.14: Whole testing system with the die photo, converter packaging and testing board.

ISSCC Demo 2017. On the same board, multiple peripheral and monitoring circuits are also
implemented. The regulation of the proposed converter can be either internally controlled
by an on-chip synthesized controller for showcasing full integration or externally controlled
by a microcontroller for exploring more functions. The output load, composed of several
switches and resistor, can be reconfigured to simulate light to heavy load condition. The
input power, output power and consumption of the IC are all monitored on board, which
are then sent back to the microcontroller for a GUI display.

A converter prototype using 65 nm bulk CMOS process has been implemented with a
die area of 4 mm2 as shown in Fig. 5.14, with a symmetric layout and gate drivers to greatly
reduce the delays in driving signals. All capacitors are in imperial 0402 packages with
nominal capacitance of 22 µF (@ 0 V), which will be derated to approximately 60%, 40%
and 15% for blocking voltage of 3 V, 2 V and 1 V, respectively. Fig. 5.15 shows measured
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Figure 5.15: Key waveforms of the proposed 4-to-1 Dickson converter.

waveforms of Vsw, IL, and Vout for a step-change in commanded duty cycle D, illustrating the
PWM operation and corresponding output voltage regulation. It can be observed that the
consecutive pulses in Vsw have similar levels, which means all flying capacitors are balanced
with their nominal voltage, i.e. 3Vo, 2Vo and Vo. The converter has been tested at PWM
frequencies ranging from 200 kHz to 5 MHz, with excellent flying capacitor voltage balancing
and gate drive functionality. Fig. 5.16 (a) and (b) show the measured efficiency versus output
current at different input voltages and conversion ratios for two different frequencies. The
peak output current is 1.53 A, while the efficiency peaks at 94.2%. The comparisons in
Fig. 5.16 (c) and (d) between this work and other recently published comparable designs
show this work achieves excellent power density and efficiency for the large voltage conversion
required in direct battery applications. For this comparison we report the lower efficiency
associated with 1 MHz operation for our prototype, where the inductor footprint is smaller
than the die area in our 3D stacked prototype. Moreover, excellent power density is achieved
despite the relatively low PWM frequency, owing to the reduced inductor amplitude and
effective frequency doubling associated with the Dickson topology. Table 5.6 summarizes
the performance of our prototype, along with comparison to prior designs. Along with
the widest input and output voltage regulation range, this work achieves similar or higher
efficiency and power density as other best-in-class prototypes, but at a significantly higher
voltage conversion ratio (up to 15:1).
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Figure 5.16: Efficiency measurement and performance comparison.

5.7 Chapter Summary

This chapter leverages the high switch utilization advantage of hybrid Dickson converters
through dedicated control schemes, packaging and gate driving techniques. It is found that
the split-phase control can achieve complete soft charging operation by fully removing the
charge sharing loss in the two-phase control. As compared to the incomplete soft charging
operation, the split-phase control achieves its minimum output impedance at even lower
switching frequency, improving the light load efficiency. Additionally, the split-phase control
allows equal capacitance for all flying capacitors, together with a significant inductance re-
duction by hybrid SC topology, enabling compact packing of passive components. Low form
factor is further solidified through the employment of the voltage borrowing technique for
floating power supplies, which improves the capacitance density ratio by getting the floating
voltage from flying capacitors. To ensure high power density, the capacitance density ratio
provides a general selection guideline between bootstrap circuit and voltage borrowing tech-
niques: if bootstrap capacitor has higher capacitance density the bootstrap circuit technique
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Table 5.6: Performance comparison with prior arts.

This Work
Liu [38]

ISSCC 2015
Jiang [78]

JSSC 2015
Schaef [48]

JSSC 2015
Kim [20]

JSSC 2012
Kim [40]

Structure Hybrid SC SC ReSC Buck 3-level Buck

Input Voltage
[V ]

3.0 - 4.5 1.5 - 2.5 6, 3 1.8 2.4

Peak Output Current
[A]

1.53 0.05 2 0.6 0.8

Overall Peak Efficiency
@ Conversion Ratio

94.2%
@ 4.4

79.5%
@ 3.3

85.1%†

@ 2.0
95.5%
@ 1.3

77%†

@ 2.2

Peak Efficiency
@ Max. Conversion Ratio

86%
@ 8.2

63%†

@ 5.5
72%†

@ 3.1
90%†

@ 3.0
53%†

@ 3.6

Peak Power Density, ρp
@ Conversion Ratio

[W/mm2]

0.24
@ 4.4

0.07†

@ 3.3
0.51†

@ 2.0
0.17

@ 1.3
0.13†

@ 1.9

Efficiency @ ρp 88.3% 68%† 83%† 88%† 63%†

Process CMOS
65 nm

CMOS
65 nm

CMOS
180 nm

CMOS
65 nm

CMOS
130 nm

† Estimated from measurement result

is preferred, otherwise voltage borrowing technique is chosen.
A 4-to-1 hybrid Dickson converter is measured with peak efficiency of 94.2% and peak

current of 1.53 A. It is the first CMOS implementation of a hybrid Dickson SC converter,
with innovative segmented floating gate driver and level shifter designs that are directly
powered by the flying capacitors themselves, saving significant die area compared to boot-
strap solutions. A significant improvement in power density and efficiency is achieved for
high-voltage step-down (up to 15:1) applications compared to conventional SC- and inductor-
based power converters, of great practical importance for low-voltage CMOS loads powered
by Li-ion batteries. As high-efficiency, high step-down conversion is difficult to achieve in
low-voltage CMOS power conversion, this work illustrates that hybrid SC topologies and
control methods can yield significant performance improvements compared to conventional
solutions.
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Chapter 6

On-Chip Flying Capacitor Balancing
Techniques

Unlike pure SC, the charge balance between flying capacitors in hybrid SC type-I (SC topolo-
gies with soft-charging operations through an output inductor) is not only defined by voltage
sources (input and output voltage), but also highly associated with the inductor current and
charging intervals. For further investigation into the mechanism of flying capacitor balancing,
this chapter uses three-level converter as an example.

The challenges are addressed by using an auto-capacitor-compensation pulse frequency
modulation (ACC-PFM) controller together with delay-equalized level shifters (Deq-LS) [52].
Rather than employing a preset strength for duty ratio calibration through direct VCFLY
monitoring [44], [45], [79] that is susceptible to the aforementioned variations, this proposed
technique achieves auto-adjustable balancing strength through regulation of the inductor
current, IL, or equivalently the net current, ∆IC , to the flying capacitor, CFLY . As shown in
Fig. 6.1, the ACC-PFM controller builds on earlier work, which achieved voltage balancing,
albeit over a limited operating range [46], [80], [81] working as a three-level converter with
the auto-capacitor-compensation functionality. In [46], the four power switches only operate
as a three-level converter for D < 0.5 with the valley current mode control employed to
obtain auto-capacitor-compensation. In order to maintain the advantage of inductor current
ripple reduction over the entire duty ratio range, it is proposed to employ a peak current
mode control for D > 0.5 and a valley current mode control for D < 0.5. Therefore, a
three-level converter is demonstrated working at a full-range duty ratio, with a method to
simultaneously alleviate VCFLY unbalance issue and efficiently regulate the output voltage.
The Deq-LS circuit ensures the accuracy of CFLY charging and discharging intervals; the
rising and falling delays of the level shifted gate drive signals for the converter are then
equalized, resolving the issue of skewed delays in conventional stack-up level shifters. This
characteristic allows the three-level boost converter to operate at high switching frequencies
with maximum feasible duty ratio.

This chapter first describes the fundamental operating principles of a three-level boost
converter, along with the charge flow and impacts of the unbalanced flying capacitor voltage.
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Figure 6.1: Full-duty-ratio region capacitor compensation for three-level converters.

The mechanism of the proposed ACC-PFM controller in ensuring balance is then illustrated.
The functionalities and designs of key building blocks in the system, including timing control
and level shifter circuits, are also explained. Finally, the performance of the proposed three-
level boost converter is validated through a prototype fabricated in 65 nm CMOS process
technology.

6.1 Charge Flows of Flying Capacitors

The schematic of a three-level boost converter is shown in Fig. 6.2. Two complementary
signal pairs, Q1−4, are generated to drive the power MOSFETs, with Q4 complementary
with Q1, and Q3 complementary with Q2. Both signal pairs are operated 180o out of phase
(e.g. Q1 and Q2) and their duty ratio, D, is referred to the on-time of Q1 and Q2. The
three-level boost converter operates in four switching states as shown at the bottom left of
Fig. 6.2. During states 1 and 2, the inductor is magnetized and de-magnetized, respectively,
analogous to the conventional boost converter. While in states 3 and 4, the flying capacitor,
CFLY , is introduced into the circuit. The three-level boost converter will go through different
switching states based on the D values, i.e states 1, 3 and 4 for D > 0.5, and states 2, 3 and
4 for D < 0.5. The relation between the conversion ratio, VO/VIN , and D can be expressed
as

VO
VIN

=
1

1−D
(6.1)

for both regions of D > 0.5 and D < 0.5, by applying the volt-sec balance across the inductor
during steady state. From (6.1), the three-level boost converter exhibits variable conversion
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Figure 6.2: Circuit configurations and operational waveforms of a three-level boost converter.

ratios with a tunable D, where VIN < VO/2 for D > 0.5 and VIN > VO/2 for D < 0.5. As can
be seen in Fig. 6.2 (right), no matter what duty ratio regions, the blocking voltage required
by the switches are around VO/2 in the three-level boost converter, as compared to VO in
conventional boost converters. Meanwhile, the equivalent frequency seen by the inductor is
doubled and the voltage across it is reduced, leading to inductor current ripple reduction in
a three-level boost converter.

However, the aforementioned advantages of three-level boost converters depend on the
voltage across the flying capacitor remaining balanced throughout the operations, i.e VCFLY =
VO/2. Any occurrence of imbalance in the average flying capacitor voltage leads to uneven
Vsw pulses, which further leads to increased voltage stress on the switching transistors. An
example of VCLY > VO/2 for D > 0.5 is shown in Fig. 6.3 to unveil the influence of un-
balanced VCLY on the power converter. In this case, not only that the power MOSFETs
would degrade due to the fact that VDS2 and VDS3 may exceed their breakdown voltage, the
gate drivers that are powered by the flying capacitor would also be damaged. Contrarily,
when VCLY < VO/2, VDS1 and VDS4 may also see higher blocking voltage. Regardless of the
operating region, an unbalanced VCFLY causes higher inductor current ripple, which leads
to increased conduction loss on inductor. Therefore, it is critical to address flying capacitor
balancing issue since that determines the performance and the reliability of the three-level
boost converter, or any multilevel converters in general. In this work, a control mechanism
to ensure balanced VCFLY is proposed and will be discussed in the next section.
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Figure 6.3: Flying capacitor unbalance along with the issues in switch blocking voltage and
inductor ripple, under the condition of VCFLY > VO/2 when D > 0.5.

6.2 Auto-Capacitor-Compensation Pulse Frequency

Modulation (ACC-PFM)

The ACC-PFM controller is a hybrid current control architecture; it comprises a peak
current-mode control with constant-off time for D > 0.5 and a valley current-mode con-
trol with constant-on time for D < 0.5. Unlike constant-frequency current mode control
[57], the constant on-time and constant off-time (TON and TOFF ) utilized in ACC-PFM
suppresses the subharmonic oscillation for the entire duty ratio region without any slope
compensation, simplifying the design complexity and circuit area for the controller. The de-
veloped controller not only supports output voltage regulation, but also facilitates capacitor
balancing — the key objective of this work. The prerequisite for a balanced VCFLY is that a
dynamic capacitor charge equilibrium must have been achieved. In other words, the charges
going into the flying capacitor should be equal to the charges going out, ∆QC = 0, and
this fundamental requirement can be satisfied in the ACC-PFM controller over the entire
operating range (D > 0.5 and D < 0.5). The controller has an inherent negative feedback
mechanism to compensate any variation in CFLY , ∆VCFLY , by adjusting the duty ratios and
the phases of the switching signals to either remove or introduce excessive charge from / into
the capacitor.

In a three-level boost converter, the charging and discharging process, states 3 and 4
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Figure 6.4: Capacitor-compensation mechanism of the ACC-PFM controller over the entire
operating range.

in Fig 6.2, of the flying capacitor are defined by the inductor current. The slopes of the
inductor current, defined as mCHG and mDCHG in this work, characterize the capacitor
charging and discharging rate. The charging and discharging current are obtained with a
specific reference level based on the controller operating region. A complete illustration of
the ACC-PFM control mechanism is shown in Fig. 6.4, and the mathematical derivations
are further discussed in the following subsections.

Operating Region: Duty Ratio > 0.5

Fig. 6.4 (a) shows the peak current-mode operation of the controller with constant-off time
for D > 0.5 region. The VCFLY regulation is monitored through the total capacitor charge,
i.e. the integration of capacitor current over time, which is indicated as the shaded regions
under the inductor current waveforms. In this operating region, the capacitor charging and
discharging intervals (TCHG and TDCHG) occur when one of the bottom MOSFETs are turned
off and are represented as TOFF . To investigate the regulation process, VCFLY is initially
assumed to be unbalanced, i.e. VCFLY > VO/2. The slopes of the inductor current ripple
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can be expressed as

mCHG =
VCFLY − VIN

L
(6.2a)

mDCHG =
VO − VCFLY − VIN

L
, (6.2b)

for intervals TCHG and TDCHG, respectively. Given the unbalanced condition, a higher voltage
drop is generated across the inductor during TCHG. As a result, mCHG is steeper than
mDCHG, i.e. |mCHG| > |mDCHG|. When the inductor current, IL, reaches the reference level
for a peak current, IP , the charging process is triggered with a constant-off time, TOFF .
Here, the average capacitor charging current over the charging interval is computed as

ICHG = IP −
mCHG · TCHG

2
. (6.3)

The discharging process occurs when the increasing IL reaches IP again, and the average
capacitor discharging current is obtained as:

IDCHG = IP −
mDCHG · TDCHG

2
. (6.4)

Equations (6.3) and (6.4) highlight that the slope of inductor current is a determining factor
for capacitor charging and discharging current. Thus, with |mCHG| > |mDCHG| and the
fact that TCHG = TDCHG = TOFF , the average charging current is less than the average
discharging current, ICHG < IDCHG. Consequently, the net charge into the capacitor, QCHG,
is less than the net charge out of the capacitor, QDCHG, i.e. the area of shaded region
in TDCHG is larger than that in TCHG. Excessive charges are therefore removed from the
flying capacitor, eventually decreasing VCFLY back to the desired value, VCFLY = VO/2. The
inherent capacitor balancing mechanism can alternatively be expressed as the capacitor,
∆IC , which can be computed by subtracting (6.4) from (6.3):

∆IC = ICHG − IDCHG =
(VO − 2VCFLY ) · TOFF

2L
. (6.5)

For a perturbation, ∆VCFLY , around the nominal voltage VO/2, the net current can similarly
be expressed as:

∆IC =

[
VO − 2 ·

(
VO
2

+ ∆VCFLY
)]
· TOFF

2L

=
−∆VCFLY · TOFF

2L
.

(6.6)

The equation above implies that ∆IC is proportional to negative ∆VCFLY . This relationship
demonstrates that the capacitor voltage can be balanced through a compensation net charge
whenever there is an unbalanced condition.
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Operating Region: Duty Ratio < 0.5

The valley current-mode control with constant-on time for D < 0.5 is illustrated in Fig.
6.4 (b). The similar approach used in D > 0.5 can be applied, but with the reference
level replaced as the valley of the inductor current, IV . Now, the capacitor charging and
discharging intervals (TCHG and TDCHG) occur when one of the bottom MOSFETs are turned
on, which defines TON . For the operating region of D < 0.5, the slopes of the inductor current
can be expressed as

mCHG =
VIN − VCFLY

L
(6.7a)

mDCHG =
VIN − VO + VCFLY

L
. (6.7b)

It can be observed that these slopes are the negation of (6.2), and the inductor is now
magnetized during TCHG and TDCHG. With the reference level defined by IV , the charging
and discharging currents are derived as

ICHG = IV +
mCHG · TCHG

2
(6.8a)

IDCHG = IV +
mDCHG · TDCHG

2
. (6.8b)

Following the same procedures as (6.5) and (6.6), the net current to the capacitor can be
expressed as

∆IC =
−∆VCFLY · TON

2L
, (6.9)

with TCHG = TDCHG = TON , the same relation between ∆IC and ∆VCFLY holds.

From (6.6) and (6.9), an intrinsic negative feedback loop between ∆QC and VCFLY is
established for the entire operating region. This feedback loop adaptively determines the
amount of charge to compensate the flying capacitor, without the knowledge of input voltage
and inductance. The ACC-PFM controller ensures that mCHG and mDCHG will eventually
be self-aligned and maintain the flying capacitor voltage at around VO/2. Note that even
though only the case of ∆VCFLY > 0 is demonstrated, the derivations above also hold for
∆VCFLY < 0. In addition to the capacitor balancing, the proposed current-mode control
algorithm for a three-level boost converter presumably has excellent rejection capability to
line disturbance, with the help of input feedforward gain through the inductor current in the
current mode control [82]. This is especially beneficial for energy harvesting applications,
where the harvester output or the converter input varies depending on the environmental
conditions.
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Transient Time

The transient time, Ttr, for the proposed ACC-PFM algorithm can be estimated by the
number of switching periods, Ntr, required to achieve the flying capacitor balancing:

Ttr = Ntr · Tsw, (6.10)

where Ntr can be further expressed as

Ntr =
∆VCFLY
δVC

. (6.11)

The small change, δVC , which can be expressed as

δVC =
QC

CFLY
=

∆IC · TCONST
CFLY

, (6.12)

is brought by the negative feedback current, ∆IC , of the proposed ACC-PFM controller,
intending to reduce ∆VCFLY .

Substituting either (6.6) or (6.9) into (6.12) and then (6.10) gives the expression for
transient time:

Ttr =
2LCFLY
T 2
CONST

· Tsw, (6.13)

which implies that the transient time for capacitor balancing can be further improved by
smaller passives values or decreasing the constant on/off time [21] during a transient interval.

Feasibility in DCM Operations

Although Fig. 6.4 (a) and (b) mainly focus on continuous conduction mode (CCM), the three-
level boost converter as well as the ACC-PFM are able to operate at discontinuous conduction
mode (DCM), with the reverse inductor current prevented by zero current detection (ZCD)
circuits. The switching schemes for the valley and peak current mode control are shown
in Fig. 6.5, which demonstrates that the capacitor voltage can be balanced through a
compensation net charge whenever there is an unbalanced condition.

� For D < 0.5, as shown in Fig. 6.5 (left), the valley current mode control with constant-
on time, TON , at DCM works with the reference current, IV , maintained at zero,
meaning all switches are commanded off when the inductor current hits zero. The
TON pulse is initiated as long as the output voltage goes below a reference voltage,
VO < Vref . The capacitor compensation for D < 0.5 is still supported by (6.9). Given
the constant TON , the example situation of VCFLY > VO/2 leads to higher discharging
than charging current, thus the flying capacitor is auto-balanced.



CHAPTER 6. ON-CHIP FLYING CAPACITOR BALANCING TECHNIQUES 79

Q1

Q2

Q4

Q3

0

0

0

0

TON DCM DCM

0

IL

Valley Current Mode 

Q1

Q2

Q4

Q3
0

0

0

0

DCM

0
IL

DCM

IDCHG
ICHG

Peak Current Mode 

ICHG IDCHG

TCHG TDCHGTDCHGTCHG

Figure 6.5: Auto-capacitor-compensation mechanisms of the ACC-PFM controller over the
entire operating range during discontinuous conduction mode (DCM), where an unbalance
is added to the flying capacitor: VCFLY > VO/2 for functionality illustration.

� For D > 0.5, the peak current mode control is still capable of doing auto-capacitor-
compensation, but the off-time is determined by the zero inductor current instead of
a constant value. As shown in Fig. 6.5 (right), the peak inductor current is still
regulated by a reference current, IP , but all switches are commanded off when the
inductor current hits zero, irrelevant to a constant TOFF . Due to the same boundaries
set by IP and 0, the charging and discharging current are the same, i.e. ICHG = IDCHG.
Note that the charge, which is the product of current and time, determines the balance
of the capacitor. For the case of VCFLY > VO/2, the slope mCHG is steeper than
mDCHG, i.e. |mCHG| > |mDCHG|, and the charging time is thus shorter than the
discharging time, i.e. TCHG < TDCHG, leading to more charge leaving from the flying
capacitor.

6.3 Delay-Equalized Level Shifter (D-Eq LS)

Delay mismatch between driving signals for power MOSFETs has been identified as a major
source of VCFLY imbalance in hybrid SC converters [83]. This mismatch normally originates
from uneven pull-up and pull-down strengths of the conventional level shifters (LS) [38].
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Conventional Level Shifter

The schematic is shown in Fig. 6.6, and the pull-up strength is usually designed weaker to
ensure that the PMOS will latch at the top without operating into metastability, resulting
in a longer rising delay, TR, than falling delay, TF , and leading to deviations in duty ratio
as shown in Fig. 6.7. The target specification for maximum VO is 5V, while the available
devices are with breakdown voltage of 2.5V and 3.3V. In the case of three-level converter,
the 2.5V devices seem the best fit for all MOSFETs needed. However, as detailed operations
of the level shifter shown in Fig. 6.6 (right), the blocking voltage for the middle buffer stage
might get up to VO/2 + VT (VMID ≈ VO/2) due to the MOSFET clamping effect (MOSFET
is cut off when |Vgs| < VT ), where VT is the device threshold voltage. The 3.3V devices
are thus selected for the buffer stage to protect the level shifter circuit from overstressed.
Consequently, the rising delay increases when the middle stage is implemented using 3.3V
devices with higher threshold voltage and higher RC constant (as compared to 2.5 V devices
for the top and bottom switches), which worsens when the supply voltage, i.e. VO, of the
level shifter gets lower. The worst rising delay of 11 ns is obtained at the lowest supply
voltage, i.e. VO = 2.5V. The delays are longer and the feasible duty cycle region is narrower,
becoming a limiting factor for high switching frequency operations.

Effects of Unequal Delays

Usually, the level shifters are employed for only floating power MOSFETs, i.e. M2−4 in the
three-level boost converter; whereas the bottom power MOSFET, M1, is grounded with no
level shifter attached to its driving signal, Q1. Hence, the rising and falling delays of Q1 are
shorter than that of Q2, leading to a longer deadtime between Q1 and Q4 than that between
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Figure 6.7: Effects of unequal delays by conventional level shifters.

Q2 and Q3, i.e. TD1 < TD2. Fig. 6.7 (b) illustrates the effect of the unequal delays for the
case of D > 0.5. Note that the inductor current is still going down during deadtime, since
VO/2 + VD(> VIN) appears at VSW . As can be seen from Fig. 6.7, the rising/falling delay
mismatch between Q1 and Q2 leads to a net charging current, ∆IC = |ICHG − IDCHG|, even
thoughQ3 andQ4 have the same rising delays and the same falling delays. Similar case can be
seen for D < 0.5. While a conventional level shifter can still be added and attached with Q1

so that it has the same delays as Q2, a long and redundant deadtime is unavoidable between
Q1 and Q4; likewise, Q2 and Q3. This causes efficiency loss, especially when operating at
high switching frequency. Therefore, to achieve the same duty ratios for all switching signals
with higher frequency capability as well as to maintain full-range flying capacitor balancing,
a delay-equalized level shifter is proposed, implemented and recommended for all four driving
signals.

Modified Level Shifter

The D-Eq LS implemented in this chapter resolves unavoidable skewed delays in a conven-
tional LS by an additional delay-equalizing (D-Eq) unit. This unit consists of inverter chains,
one-shot generators and an SR-latch, and it is added at each output, OUT and OUTB, of
the conventional LS. The inverter chains are designed identically, allowing the MOSFETs
branches at OUT and OUTB of the conventional LS to be sized symmetrically. With this
matching load connected at each end, the possible discrepancy in driving strength between
OUT and OUTB in a conventional LS is minimized; as a result, the delays for resulting
signals will be equal. Each of these signals is then sent into its corresponding one-shot
generator. The negative edges generated by the one-shot circuitry will be utilized by the
SR-latch differentially. Symmetric and shorter delays, new TR and TF , between QLS and
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requested Q are eventually generated, as shown in Fig. 6.8. Thus, the complementary pairs
Q1,4 and Q2,3 will have de-skewed delays with the least deadtime required without the issue
of shoothrough. This ensures high frequency operation with only a few logic delays. The
small discrepancy between new TR and TF achieved by Deq-LS reduces the inductor cur-
rent ripple. Moreover, the area penalty by including this design is smaller than 5%. Thus,
the D-Eq LS circuit is beneficial for any hybrid SC converters without a significant cost.
It should be noted that as this converter topology requires well matched delays for good
capacitor voltage balancing, the main focus was on matching the delay of the level shifters,
not necessarily on obtaining the lowest possible delay.

6.4 Dual-Mode Timing Controller (DMTC)

The DMTC circuit shown in Fig. 6.9 manages the timing between the gate driving com-
mands, Q1−4, for both peak and valley current-mode controls. Several common circuits
including two one-shot generators, an SR latch, a deadtime generator and a ramp generator,
are shared between two different current-mode controls to save the die area. The configu-
ration between current-mode controls is governed by digital multiplexors, with small area
overhead, placed at the inputs of the SR latch and the ramp generator.

With PVSEL = 0 for the peak current-mode control, the signals COTSET RST from the
ramp generator and RST SET from the D-flip-flop (shown in Fig. 6.11 (a)) are connected to
the S(et) and R(eset) inputs of the SR latch, respectively. The positive edges of RST SET1
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Figure 6.9: Dual-mode timing controller (DMTC).

resets Q1 tmp as well as Q1, but the immediate raise of signal Q4 is suppressed until the
deadtime, TD, is reached. Meanwhile, the low level of Q1 tmp kick starts the charging of
the capacitor in the ramp generator. When the capacitor voltage is higher than a certain
reference value, the output of the comparator, COTSET RST , is pulled high and Q1 tmp

is set high again, which defines the Q1 tmp’s off-time by TCONST . Similarly, the immediate
raise of signal Q1 is suppressed until the deadtime, TD, is inserted after Q4’s falling edge.
As a result, a constant-off time, TOFF = TCONST + TD, for Q1 and deadtime between Q1,4

are generated. The state changes of another complementary pair, Q2,3, is activated at the
positive edge of RST SET2, following the same mechanism as for Q1,4. In valley current-
mode control, the condition of PVSEL = 1 flips the inputs of the SR latch as well as the kick-
start signal for the comparator of the ramp generator. The ramp generator starts counting
at the low level of Q4 tmp, which defines the turn-off time of Q4 tmp. With the complementary
feature between Q1 tmp and Q4 tmp, the off-time in Q4 tmp is converted into the on-time in
Q1 tmp. Again, the on-time of Q1 tmp is defined by TCONST of the ramp generator. After the
inclusion of deadtime, the actual constant-on time, TON , of Q1 is TCONST − TD, as shown
in 6.11 (b). Therefore, the DMTC circuit is capable of managing the timing of Q1−4 for
both current-mode controls. Generated Q1−4 signals are then shifted up to drive the floating
switches by D-Eq LS.
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Accuracy and Balancing Error

There are two types of errors that may exist in two sets of the timing controllers (DMTCs)
while generating the constant time, TCONST , for TON / TOFF : (i) the two generated constant
times are the same, but they are different from an expected value, i.e. TCONST1 = TCONST2 6=
TCONST ; (ii) the mismatch error between two constant times, i.e. ∆T = TCONST1−TCONST2.

The first error will not lead to improper auto-capacitor-compensation mechanism, but
the variation on the converter switching frequency. For the case of valley current mode
control, the generated TON that is smaller than the expected will lead to a shorter switching
period or a higher switching frequency, since Tsw = TON/D with D maintained for the same
input-output operating voltage. For the implemented chip, there is a certain tunable range
for TCONST , which can be calibrated to help maintain a more reasonable converter switching
frequency.

The second error may lead to an inaccuracy in flying capacitor compensation, i.e. ∆VCFLY =
VCLY,new − VO/2. The error or time mismatch, ∆T , might come from the process variations
in the charging capacitance or the input offsets of the ramp generator in DMTC. Fig. 6.10
shows the effect of ∆T on the flying capacitor balancing error, ∆VCFLY , while the converter
is controlled by valley current mode for D < 0.5. To characterize the effect of ∆VCFLY , it is
helpful to look at the charge balance across the flying capacitor:

ICHG · (TON + ∆T ) = IDCHG · TON . (6.14)

Substituting the expressions of charging, ICHG, and discharging, IDCHG, current for valley
current mode control as expressed in (6.8) into (6.14) obtains an updated flying capacitor
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Figure 6.11: (a) Block diagram and (b) die micrograph of an ACC-PFM controlled three-level
boost converter.

voltage, VCFLY,new:

VCFLY,new =
VO · T 2

ON + 2L · IV ·∆T + VIN ·∆T · (TON + ∆T )

T 2
ON + (TON + ∆T )2

. (6.15)

To observe the effect of ∆T at higher switching frequencies, the equation (6.15) is further
normalized by Tsw, and can be derived as

VCFLY,new =
VO ·D2 + 2L · Iv ·∆D + VIN ·∆D · (D + ∆D)

D2 + (D + ∆D)2
. (6.16)

The inaccuracy of the capacitor compensation algorithm can then be evaluated through
∆VCFLY =

∣∣VCFLY,new − VO
2

∣∣. In the most ideal case where very low ∆T is achieved or a
lower switching frequency is applied, ∆D = ∆T

TSW
≈ 0 and VCFLY,new is calibrated to around

VO/2. As the switching frequency gets higher, the duty ratio variation, ∆D, becomes larger
for a certain ∆T , leading to a higher ∆VCFLY according to (6.16). The variation, ∆D, can
be reduced by careful and symmetric layout or on-line trimming. Note that the case of valley
current mode control is derived here; likewise, the derivations for the case of peak current
mode control can be done.

6.5 Key Functional Blocks

The schematic of the three-level boost converter with ACC-PFM controller is illustrated in
Fig. 6.11 (a). The four power MOSFETs are driven by Q1−4,GD through delay-equalized level
shifters (Deq-LS) and gate drivers (GD). The ACC-PFM controller comprises three main
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blocks: a mode selector, a mode switcher and two dual-mode timing controllers (DMTC)
which generate the gate drive commands, Q1−4. The mode selector generates a selection
signal, PVSEL, to assign the algorithm for the entire ACC-PFM controller: PVSEL = 0 for
employing the peak current-mode control with constant-off time and PVSEL = 1 for valley
current-mode control with constant-on time. The signal PVSEL is generated based on the
relations between the input voltage, VIN and a reference voltage, VREF : PVSEL = 0 for
D > 0.5 + ∆Dhys/2, and PVSEL = 1 for D < 0.5 − ∆Dhys/2. Near D = 0.5, note that a
hysteresis window, ∆Dhys is added to stabilize PVSEL and prevent erratic mode transitions.
For the case that duty ratio falls within 0.5±∆Dhys/2, the command D can be governed by
voltage mode [57]. The mode switcher then determines the input polarities of the comparator
for signals from VEA and VSNS, depending on PVSEL. For instance, when PVSEL = 0,
the positive input of the comparator is connected to VSNS and the negative input to VEA,
generating a logic-high pulse at VCOMP when the increasing inductor current, represented
by VSNS, reaches the programmed peak current, represented by VEA. The positive edge
of VCOMP triggers a D-flip-flop, leading to the state changes in signals RST SET1 and
RST SET2. The result of RST SET1 is sent to the first set of DMTC circuit for the
generations of the complementary switching signal pair of Q1 and Q4, while RST SET2 is
used by the second DMTC set for the pair of Q2 and Q3. Within each complementary pair,
a deadtime is also added between switching transitions to prevent the switch shoot-through.

Flying Capacitor Selection

When choosing the capacitor value, there are three main concerns: the efficiency, the package
and the switch tolerance. Firstly, to achieve a lower conduction loss in a three-level boost
converter, the switching frequency should be greater than the critical frequency [84]

fsw > fcrit =
1

2π ·
√
L · CFLY

. (6.17)

Lower fsw (hence lower switching loss) is possible for a larger product of L · CFLY , which
however is limited by the whole package size. Many prior arts [9], [48] have shown that
the co-package discrete capacitors are preferable for their better performance metrics as
well as higher capacitance density over cost, especially for more advanced technology nodes.
Considering the fabricated chip area (including pads) is around 0.85 mm x 0.85 mm, the
best capacitor for co-package can be in 0402 package. Lastly, the capacitance along with
the switching frequency determines the capacitor voltage ripple, VFLY,ripple, which can be
expressed as

VFLY,ripple = max

[
IO ·D · (1−D)

fsw · CFLY

]
(6.18)

The maximum VFLY,ripple happens when D = 0.5. The output voltage range of the power
converter benefits from lower VFLY,ripple and therefore lower blocking voltage across power
switches. While the highest capacitance available on the market is 22 µF for the 0402
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Figure 6.12: Precharge circuit for three-level boost converters.

package, the value for CFLY be chosen to be lower, with very minor decreases in efficiency.
In this work, we are focusing to demonstrate a high-efficiency and high-output-voltage three-
level boost converter, as well as the full-range flying capacitor balancing algorithms.

Precharge and Start-up

Startup is a concern for all multi-level and switched-capacitor power converter, and although
not a specific focus of this work, an off-chip assisted startup technique was implemented.
All four power MOSFETs (M1 −M4) are nominally rated 2.5 V, with 10-20% tolerance to
their absolute ratings. To ensure a smooth start-up for a three-level boost converter, as
shown in Fig. 6.12 (a), a precharge circuit, composed of two auxiliary switches (Qpc1 and
Qpc2) and three auxiliary resistors (Rpc0, Rpc1 and Rpc2), is implemented externally. In the
measurement, both RPC1 and RPC2 are chosen to be 100 kΩ, so that the relevant power
consumption, Ppc, is maintained below 1 % of the total output power at the worst-case
scenario, i.e. the highest output VO, the largest D and the lightest load. The switching
scheme for the auxiliary switches and the key waveforms are shown in Fig. 6.12 (b). The
precharge process begins once the battery, Vbat, is connected to the circuit and Qpc1 is turned
on. The slew rates of VCFLY and VO are intentionally set to around 1-to-2, same for the
final values. This ensures similar lower blocking voltage, i.e. ≈ VO/2, for all power switches,
M1−4. As long as VO is close enough to Vbat, Qpc2 turns on and the three-level boost converter
is ready for switching operation. In steady state, each power switch will nominally sustain
around VO/2 and up to VO/2 + VD if body diode voltage drop is considered.

Several other precharging ways can be considered. One of that is connecting the converter
to the input voltage before the output voltage comes in; meanwhile, turning on M1 and M3

prechargs the flying capacitor to the input voltage. However, this will require the input
voltage to be higher than VO−VMOS,block. Last but not least, reconsidering the case of direct
battery connection, the switches might survive if the top and bottom switch (M4 and M1)
have some certain ratio of output capacitance, Coss. While all switches are turned-off and



CHAPTER 6. ON-CHIP FLYING CAPACITOR BALANCING TECHNIQUES 88

in high impedance, a step voltage change at VO of the power converter will induce charge
sharing between Coss1−4 and CFLY . Those charge will mainly go through Coss1, Coss4 and
CFLY , since CFLY is much larger than the series impedance of Coss2 and Coss3. Regarding
the capacitive voltage divider mainly formed by Coss1, Coss4 and CFLY , the voltage at VA
and VB can be expressed as

VA =
1

sCoss1
+ 1

sCFLY
1

sCoss1
+ 1

sCoss4
+ 1

sCFLY

· VO ≈
VO
2

(6.19a)

VB =
1

sCoss1
1

sCoss1
+ 1

sCoss4
+ 1

sCFLY

· VO ≈
VO
2
, (6.19b)

where reasonable assumptions of CFLY � Coss1, Coss4 and Coss1 ≈ Coss4 are made. Therefore,
the blocking voltage across each switch is still within rated voltage and survived from the
direct battery connection.

Feasibility of Digital Implementation

A fully digital implementation is possible for this converter, and its programmability and
flexibility would bring in features like adaptive on-time for on-line optimization in efficiency
performance and dynamic response [16], [85]. However, turning the proposed controller into
its digital version requires ADCs for converting three analog signals (VIN , VOUT and IL) into
digital forms, and oscillators or pulse generators are necessary for implementing the sampling-
and-hold function in those ADCs. To evaluate the efficiency for the power converter using
a full digital controller, the power loss overhead brought by the ADCs should be taken into
consideration, as well as their performance index including number of bits (resolutions) and
conversion rate (speed). For example, the power loss can be a few mW per SAR ADC with 8
to 10 bits and more than 100 MSPS sampling rate [86], [87], which may contribute significant
efficiency loss during light load condition. In general, a fully digital implementation would
be more feasible for higher output power with more aggressive frequency scaling at light load
condition.

6.6 Measurement Results

A converter prototype is implemented using 65 nm bulk CMOS process with an active die
area of 0.28 mm2, as shown in Fig. 6.11 (b). The passives used in the converter include two
22 µF capacitor (0402 package, for CFLY and CO) and a 1 µH inductor. The converter has
been tested at various duty ratios in ranges including D < 0.5 and D > 0.5, with excellent
flying-capacitor voltage balancing and gate-drive functionality. The measurement results of
steady-state waveforms are shown in Fig. 6.13: VA indicates the top-plate flying capacitor
voltage, VB is the bottom-plate flying capacitor voltage, VSW is the switching node voltage,
and IL is the inductor current. The VSW pulses are observed to be twice the frequency of
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Figure 6.13: Steady-state waveforms when (a) duty ratio > 0.5, (b) duty ratio < 0.5, and (c)
duty ratio ≈ 0.5. (d) Output voltage ripple when duty ratio > 0.5. The scales for waveforms
are as follows, time: 1µs/div, IL: 200 mA/div, VA: 1 V/div, VB: 1 V/div, VSW : 1 V/div,
VO (AC coupled): 20 mV/div.

VA and VB, along with a 2X effective frequency of the inductor current ripple. The output
voltage ripple for the case of D > 0.5 is also shown in Fig. 6.13(d), with an amplitude of
10 mV. In addition to the capacitor ripple voltage, there is a ringing voltage caused by
the parasitic inductance between the chip’s output node and the external output capacitor,
which can be reduced by more compact packaging or on-chip passives integrations [38], [47],
[49].

Ringing Issues

The ringing of the implemented chip is mainly caused by the parasitic inductance in the
connection between the flying capacitor. As compared to conventional boost converters, the
three-level boost converter has two more high-frequency switching nodes, i.e. VA and VB,
in addition to VSW . In our case, the most available package is 1cm x 1cm QFN, leading to
a parasitic inductance around 2 nH on both sides of the flying capacitor and thus higher
ringing voltage between switching transitions can be expected. Even though the ringing
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can be damped by less aggressive design in the gate driver strength, the efficiency would be
compromised as well as the high-frequency operation capability. The best way of reducing
the ringing voltage is shortening any connection to the flying capacitor. Many solutions
including compact packages or fully integrated chips [38], [47], [49] have showcased significant
parasitics reduction.

Apart from the parasitics ringing, another element that determines the amplitude of the
overshoot is the conducted body diode voltage (VD). In an ideal case without any parasitics,
upper body diode of M3 or M4 is conducted with a positive inductor current. The equivalent
circuit and operational waveforms are shown in Fig. 6.14. During the deadtime between Q2

and Q3, the three power MOSFETs (M2, M3 and M4) are turned-off with blocking voltage
of VO/2 + VD, VD and VO/2, respectively. Similarly, M1 will also see VO/2 + VD during the
deadtime between Q1 and Q4, given a positive inductor current. The same phenomenon
happens in conventional boost converters, where the lower switch experiences a blocking
voltage of VO + VD.

Validation of D-Eq LS

An example of the switching schemes, when D > 0.5 as shown in Fig. 6.15 (a), is employed
to investigate the rising and falling delays of the proposed D-Eq LS circuit. The switching
transitions between Q2 and Q3 lead to the charging state, i.e. state 3, of CFLY while the
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Figure 6.15: (a) Switching scheme for (b) measured VSW eye diagram showing duty ratio
deviation between CHG and DCHG states (i.e. states 3 and 4) given the same duty ratio
for Q1 and Q2.

transitions betweenQ1 and Q4 lead to the discharging state, i.e. state 4; the VSW pulse during
TCHG and TDCHG can therefore be used as an alignment indication of those level-shifted gate
driving signals. With this information, cycles of VSW pulses at TCHG are overlapped with
the inverted, 180◦ phased shifted VSW pulse at TDCHG to generate an eye diagram shown in
Fig. 6.15 (b). Since Q1 and Q2 are 180◦ out of phase and their duty ratio are commanded to
be same, the transitions overlapped regions imply the duty ratio deviation between charging
and discharging states. This deviation is normally dominated by the long rising delays; with
D-Eq LS, it is measured to be within sub-ns regions even in the worst case of operating at
the lowest working voltage (i.e. 2.5V ), as compared to the delays in conventional LS (≈ 11ns
in post-layout simulation).
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Figure 6.16: Validation of the ACC-PFM’s capacitor balancing mechanism. Measured pulse-
heights that are even demonstrate effective balancing.

Validation of ACC-PFM Controller

The ACC-PFM mechanism is validated by initially introducing a positive ∆VCFLY distur-
bance to the flying capacitor, i.e. VCFLY > VO/2. It is observed that when the three-level
boost converter operates with a constant duty ratio, i.e. the ACC-PFM controller is disabled,
the VCFLY will stay unbalanced; however, as can be seen from the experimental measure-
ments shown in Fig. 6.16, the VSW pulses, representing VCFLY and VO − VCFLY , converges
to VO/2 after the ACC-PFM controller is enabled. This demonstrates that more discharging
current is generated to remove excessive charge from the flying capacitor, supporting the the-
oretical analysis in Section III. It is measured that ∆VCFLY can be eliminated within 250µs
transient time and 1% balancing error, both of which can be reduced through an adaptive
on/off-time scheme [21] and a more symmetric layout for two sets of DMTCs, respectively.
Further derivations and clarifications for the transient time and the balanced error of the
ACC-PFM algorithm are provided in Appendix.

Efficiency Measurement

The switching frequency and switch sizing are design parameters that reflects the trade-off
between conduction loss and switching loss. To better understand the efficiency, the power
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Figure 6.17: Measured efficiency versus load current with various VIN − VO conditions.

losses of this converter can be expressed as follows:

Ploss = ¬ DC conduction loss (∝ Ron and DCR)

=  Ripple conduction loss (∝ 1/fsw, Ron and DCR)

= ® Gate driver loss (∝ CgV
2
g · fsw)

= ¯ VI overlap loss (∝ IdsVdston/off · fsw).

(6.20)

High switching frequency (fsw) helps decrease , while increasing ® and ¯. To achieve
a better efficiency at a certain fsw, the optimization between ¬-¯ needs to be done when
sizing the power MOSFETs. For example, a narrower power MOSFET is selected for lower
® and ¯ considering a lower gate capacitance, Cg, and lower turn-on/off time, ton/off (mainly
caused by the MOSFET output capacitance Coss). However, the current capability is limited
since ¬ increases with the power MOSFET on-resistance, Ron. Given the tradeoff between
different sources of power losses, an efficiency optimization is mainly done around 1 MHz
to 2 MHz in our chip. For achieving better performance, any advanced control techniques
like segmented power MOSFETs and phase-shedding scheme [88] can be applied to maintain
higher efficiency at wider load range.

The efficiency has been tested up to 45 MHz with operational functionality. The switching
frequency also varies to lower values at light load condition to reduce the gate driver loss and
increase the efficiency. Various efficiency plots are shown in Fig. 6.17 to demonstrate the
performance of the converter prototype in wide conversion ratios, ranging from 1.3 to 8.0.
Fig. 6.17 (a)-(c) show that the implemented three-level boost converter is able to regulate
to different output voltages, given a constant input voltage, while maintaining its efficiency.
Fig. 6.17 (d)-(e) show that this prototype has the ability to achieve an efficiency of more
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Figure 6.18: Efficiency versus conversion ratio compared to prior arts. Color code: purple -
this work (three-level boost converter), red - conventional boost converter, blue - switched
capacitor converter.

than 90% at various load conditions. The peak conversion ratio is measured to be 8, when
VIN = 0.5V and VO = 4.0V , with its highest efficiency of 74%. The overall peak efficiency
and peak current of the converter are measured to be 96.8% and 83mA, respectively, when
VIN = 3.0V and VO = 4.0V . Note that the measured output voltage in Fig. 6.17 ranges
from 2.5 V to 4.7 V, which shows that the designed chip is not only suitable for a typical
Li-ion battery, i.e. 3 to 4.2 V operating voltage, but also allows more margins for possible
voltage spikes or batteries with very low or very high state of charge (SOC).

Electro-Magnetic Interference (EMI) Issue

Regarding the wide frequency range brought by PFM and the relevant EMI issue, the target
design frequency in this work was 1-2 MHz, while it is desired to demonstrate that the
key components and concepts could operate all the way up to 45 MHz. In a commercial
implementation, one would likely choose to operate in a more narrow frequency range, or
utilize any of the many EMI mitigation techniques that have been developed to handle the
relatively wide range associated with light-load control. One of them is an adaptive on/off
time with selective and discrete frequency hopping [89], which simplifies the EMI filter design.
The spectrum of the switching noise tone can be further spread out and lowered by dithering
the switching frequency [90]. Last but not least, a growing research in active EMI filter
[91] have potential in minimizing the EMI issue by a pre-known frequency signal from the
converter with variable frequency operations.

Comparison with Prior Arts

Table 6.1 summarizes the performance of our prototype and state-of-the-art on-chip conven-
tional boost converters and SCs. Fig. 6.18 further compares prior designs with the focus on
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Table 6.1: Performance Comparison with the State of the Arts.

This
Work

ISSCC17
Uprety [24]

JSSC16
Ishii [4]

JSSC05
Leung [23]

JSSC16
Liu [12]

JSSC15
Biswas [11]

Topology
3-level
Boost

Boost Boost Boost SC SC

Input Voltage [V ] 0.3− 3 0.5− 2.4 0.6− 1.0 1− 1.3 0.45− 3 1

Output Voltage [V ] 2.4− 5.0 3.5 3 1.5 3.3 1− 2.4

Peak Meas. Conversion
Ratio [V/V ]

8 2.7 5 1.5 5.5 2.2

Peak Output Current [A] 83m 294m 0.4m 150m 0.015m 1m

Peak Efficiency 96.8% 91.3% 52.5% 95.5% 89% 88%

Switching Freq. [Hz]
0.5M −

45M
1M 800k† 100k 20k − 1M

0.5M −
200.5M

Active Area [mm2] 0.28 1.98† 0.27 3.09† 0.31† 0.114

Process
CMOS
65nm

CMOS
0.35µm

CMOS
0.18µm

CMOS
0.6µm

CMOS
0.18µm

FDSOI
28nm

† Estimated from measurement results or die photo

efficiency and conversion ratio. It can be noticed that the three-level boost converter achieves
excellent switch current density and high efficiency across various voltage and load condi-
tions. The main advantage of a three-level boost converter is the elimination of the charge
sharing loss in SC approaches, hence lower switching frequency is possible in achieving higher
efficiency over wide-range output regulation. While the switched-capacitor approaches can
be made to achieve multiple conversion ratios [11], [12], the switch current density as well as
the heavy-load efficiency (dominated by switch on-resistance) are significantly reduced since
many more switches are needed for different circuit configurations. At low conversion ratios,
both this work and conventional boost converters have higher efficiency than that of SC; yet,
this work accomplishes a higher current density than that of conventional boost converters
due to inductor current ripple reduction. In addition to that, this work further extends the
feasible conversion ratio to 8, which is a wider operating region compared to SC. With its
achievements in both power density and efficiency, the three-level boost converter has the
potential to push its wider applications for step-up power conversions.
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6.7 Chapter Summary

The unique challenges associated with the step-up operation and the balanced flying capaitor
voltage, VCFLY , across input voltage, output voltage, and inductance variations are addressed
in this work by an implementation of a three-level boost converter. Additionally, the fly-
ing capacitor balancing mechanism in the proposed ACC-PFM controller is analyzed with
mathematical derivations in this work. The inherent negative feedback between ∆VCFLY
and ∆QC in the ACC-PFM controller is established. The hybrid approach employed in
ACC-PFM, i.e. peak current-mode control with constant-off time when D > 0.5 and valley
current-mode with constant-on time when D < 0.5 for a three-level boost converter, estab-
lishes a balanced VCFLY together with a full-range output voltage regulation. The duty ratio
deviation caused by level shifting, which is also one of the root causes for unbalanced VCFLY ,
is reduced to sub-nanoseconds through the D-Eq LS. This ensures a balanced VCFLY for
converter operation, especially in higher switching frequencies. As high-efficiency and high
step-up voltage are difficult to achieve using low-voltage CMOS process, this work illustrates
a robust, wide load-range and self-balanced three-level boost converter that demonstrates
significant performance improvement.
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Chapter 7

Multi-stage Approach for High
Conversion Ratios

Power converters with high conversion ratios are unavoidable owing to the efficiency pushes
from perspectives of both power delivery and digital circuit. An example for the power
converters in data-center applications is shown in Fig. 7.1 (a), where the input voltage is
increased to lower source connection conduction loss (more than 48 V) and the output voltage
is decreased to lower switching loss (down to 1 V or even below).

In order to extend to higher conversion ratios, several SC topologies were recursively
generated in Chapter 4. Many of them are implemented and published, e.g. series-parallel
[92], Dickson [28], [33], [35], cascaded [27], FCML [36], ladder [93], demonstrated excel-
lent performance for non-isolated, non-regulated applications with soft-charging or resonant
operations. While there are single-stage power conversions addressing the high conversion
ratios through direct point-of-load (PoL) conversion (from 48 V to below 1 V) [35]–[37],
multi-stage approaches [26], [32]–[34] are also attractive with its divide-and-conquer strat-
egy. As shown in Fig. 7.1 (b), by cascading bus converter and POL converter, multiple
stringent specifications can be achieved by individual stages: (i). the bus converter focuses
on improving the conversion ratio and efficiency, and (ii). the PoL converter provides stable
output regulation. Many of the bus converters [27]–[31] have shown excellent performance
for 48-to-12 V conversion. However, high switch VI stress and large inductance required by
the PoL converter sets a limit to the overall performance. To address that, a bus converter
with higher conversion ratios can ease the stress on the PoL converter. Meanwhile, to main-
tain high output conductance density, the multi-stage approach can be re-applied to the bus
converter with its promise for lower total component counts.

In this work, an example of two-stage ReSC is implemented: as shown in Fig. 7.1 (b),
the first stage is responsible for high input voltage, and the second stage for high output
current. The first stage employs a 2-to-1 ReSC converter, which shows high performance as
demonstrated in [27]. However, as the voltage domain goes lower, more cascaded stages of 2-
to-1 ReSC converters leads to low output conductance density considering the atypical scaling
trend of commercial power transistors in low voltage domain, i.e. Volumesw 6∝ GonV

2
rated,
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+
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Figure 7.1: Dc/dc interface structures and requirements for data center applications using
(a) single-stage and (b) multi-stage power conversions.

where Gon and Vrated are the switch conductance and rated blocking voltage, respectively.
Therefore, as suggested by Fig. 4.10 and Fig. 4.12 (b), the series-parallel topology is selected
for the second stage due to its high output conductance density. In addition to eliminating the
charge sharing loss associated with conventional SC converters (i.e., achieving ”soft charging”
[25], [39]), ReSC converters have the ability to operate with soft switching. The intrinsic zero
current switching (ZCS) operation by two-phase control will be introduced, together with
a proposed zero voltage switching (ZVS) technique for light load efficiency improvement.
Several capacitor-based floating supplies are developed to provide area-efficient and power-
efficient gate driving techniques.

7.1 Output Impedance for Multi-stage Approaches

The multi-stage approach can significantly reduce the number of components and control
signals in achieving higher conversion ratios with a smaller volume, as compared to the single-
stage approach. Meanwhile, it is also important to characterize their output impedance in
order to evaluate ρgout. In the multi-stage approach, multiple stages are cascaded together
and each of them can be modeled using Fig. 3.3 (b). Fig. 7.2 (a) shows an example for the
output impedance model of two stages, and its equivalent circuit as shown in Fig. 7.2 (b)
can be achieved after some manipulations and simplifications. It can be seen that the overall
native conversion ratio is N = N1 ·N2 and the output impedance can be derived as

Rout = Rout2 +
Rout1

N2
2

, (7.1)
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Vin N1 : 1 Rout1

Load

VoN2 : 1 Rout2

Stage 1 Stage 2

(a) Ouput impedance of a two-stage circuit

Vin N1N2 : 1

Load

Vo
Rout2

Two-stage Equivalent
Rout1/N2

2

(b) Equivalent single-stage circuit

Figure 7.2: Output impedance model of a two-stage power converter.

where N1 and Rout1 are the native conversion ratio and the output impedance for stage 1,
respectively; while N2 and Rout2 are for stage 2. According to (7.1), there are combinations
in selecting topologies as well as conversion ratios for each stage in order to achieve minimum
Rout. By collecting more data on available devices and substituting it into the optimal layout
templates like Fig. 4.14, it is potential to show a Pareto front with output conductance
density versus output voltage, providing a holistic view in optimally allocating the resources
for each stage. Given that Rout1 is usually larger with the use of high-voltage switches, one
of the combinations can be lowering Rout2 as well as increasing N2 so that the effect of Rout1

can be reduced and low Rout can be achieved. The comparison result in Chapter 4 serves
as a design guideline for each stage, through the switch and passive utilizations for different
topologies, ranging from low to high voltage domains. In particular, it is found that the
series-parallel topology serves as an suitable candidate for the second stage at low-voltage
domain, with its excellent switch utilization and the best passive utilization.

7.2 Two-Stage Resonant SC Converter

In this work, a two-stage ReSC converter, cascading a 2-to-1 ReSC converter and a 6-to-1
series-parallel ReSC converter, is proposed as shown in Fig. 7.3 (a). As suggested by (7.1),
a 6-to-1 series-parallel ReSC converter provides not only low Rout2 but also high enough N2.
Thanks to N2 = 6, the effect of Rout1 onto Rout is reduced by 36 times. Meanwhile, small
form factor is presented by both selected topologies together with the two-stage structure,
which is advantageous in achieving high ρgout for high conversion ratio. The fundamental
operating principle for each stage is illustrated as follows.

Stage I: 2-to-1 ReSC Converter

The four switches, Q1A, Q1B, Q2A, Q2B, can be controlled by two signal pairs, with Q1A

complementary with Q1B, and Q2A complementary with Q2B. Both signal pairs are 180o out
of phase with each other, e.g. Q1A and Q2A, Q1B and Q2B. All control signals are operated
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ϕS ϕP IL2 

IL1 

0 

(c) Stage II: 6-to1 Series-Parallel ReSC

Figure 7.3: Circuit schematic and control signals for the two-stage ReSC converter.

with a fixed duty ratio of D1 = 50%. As shown in Fig. 7.3 (b), the converter can either
be operated with ZCS when fsw1 = fcrit1 or with ZVS when fsw1 > fcrit1, where fsw1 and
fcrit1 are the switching frequency and resonant frequency for the first stage, respectively.
The steps to achieve ZVS operation are: i) Q2B (Q1B) turns off when the inductor current is
positive, i.e. ILA > 0, ii) Q1A and Q2A are then toggled at the same time when the inductor
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Vin

Ceq,ϕs = C/5

Co Ro

C5 C4 C3 C2 C1

Vo

VC1-5 = Vo ± ΔVc / 2

VC5 VC4 VC3 VC2 VC1

(a) φS = high

C5 C4 C3

Ceq,ϕp = 5C

Co RoC2 C1

Vin VoVo ± ΔVc / 2

(b) φP = high

Figure 7.4: Equivalent circuit of a 6-to-1 series-parallel ReSC when (i) φS = high and (ii)
φP = high.

current is around 0, and finally iii) Q1B (Q2B) turns on when ILB < 0. The ZVS switching
scheme enables the inductor current to flow through the body diodes of the switches before
turning them on, eliminating the switching loss and improving the light load efficiency. More
details about the ZVS operation for a 2-to-1 ReSC converter can be referred to [27].

This stage only processes an average current of Io
6

or a peak current of Io
3π

for the worse
case (operated at the resonant frequency, fcrit1), thanks to the high conversion ratio provided
by the stage II. The low processing current decreases the voltage ripple, ∆Vc6 = Io

12fsw1C6
,

across the flying capacitor, C6. With the nominal voltage rating for all switches and flying
capacitor, C6, being Vin

2
or 24 V for an intermediate 48-to-24 V voltage conversion, ∆Vc6

Vc6
is

maintained low, beneficial in leaving more voltage margin to the switches and capacitor. On
top of that, the low output current for this stage allows the inductor, Lo1, to have higher
inductance with lower saturation current rating, given the same inductor size. Higher Lo1
brings down the resonant frequency of this stage,

fcrit1 =
1

2π
√
Lo1C6

. (7.2)

Therefore, a lower switching frequency, fsw1, can be adopted to simultaneously achieve low
conduction and switching losses.

Stage II: 6-to-1 Series-Parallel ReSC converter

Similar to the first stage, this converter can either be operated with ZCS or with ZVS, in
order to reduce the switching loss. For ZCS operation, the converter can be controlled by the
two-phase complementary signals, φS and φP , while operating at resonant frequency, fsw2 =
fcrit2. For ZVS operation, two additional control signals, φS,adv and φP,adv, are proposed and
introduced, which will be illustrated in details in the next section. The equivalent circuit for
the two-phase operation is shown in Fig. 7.4 (a) and (b): during φS = high, six switches,
Q1s−6s, are turned on and all flying capacitors, C1−5, are connected in series with the input
voltage, Vin, and switching node voltage, Vsw; while during φp = high, another ten parallel
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switches, Q1pt−5pt and Q1pb−5pb, are conducting and C1−5 are in parallel with Vsw. As a result,
the voltage ripple across Vsw is 5∆Vc and ∆Vc during φS and φP , respectively, where ∆Vc2
can be estimated by ∆Vc =

IL,pk
6fsw2Cfly

, given that C1 = C2 = · · · = C5 = Cfly. Depending on

the capacitor configurations, the equivalent capacitance seen by the output inductor, Lo2, is
different:

Cfly
5

for φS versus 5Cfly for φP . To keep charge balance in C1−5, meaning the same
voltage ripple, ∆Vc, for all flying capacitors for both phases, the duty ratio, D2, for φS is set
around 1

6
. The switching frequency required to achieve resonant operation can be derived as

fcrit2 =
2

TS,crit + TP,crit
=

1

2π
√
Lo2Cfly

·
√

5

3
, (7.3)

where TS,crit and TP,crit are the resonant periods during φS and φP , respectively. Note
the equivalent capacitance is 1.8 times Cfly, allowing smaller capacitors or lower switching
frequency.

In this converter, each switch sustains different blocking voltage, e.g. 5Vo for Q6s as
compared to Vo for Q1s. Given the practical availability shown in Fig. 4.5, switches with
uniform Vrated are applied throughout the converter for low-voltage domain. For a 6-to-1
series-parallel topology, the input voltage can go up to 30 V when employing 25 V switches.
Contrarily, unlike the scaling disruption in discrete transistors, the capacitors closely follow
CV 2 for wide operating range, including voltage domain below 25 V. As a result, it is valid
that series-parallel topology having the least passive volume, when CV 2 is used as a capac-
itor volumetric parameter [14]. The low passive requirement is mainly because all flying
capacitors sustain only Vo - the lowest voltage in the converter, as can be seen in Fig. 7.4 (a)
and (b), enabling the use of capacitors with higher capacitance density. Together with the
high equivalent capacitance seen by the output inductor, the series-parallel topology is ad-
vantageous in excellent passive utilization. Meanwhile, all flying capacitors are experiencing
the same voltage derating factors, providing an easily predictable resonant frequency and
ensuring low output impedance at low switching frequency.

7.3 Zero Voltage Switching (ZVS) Techniques

Large-swing inductor current while operating at resonant frequency gives a design freedom
in achieving soft switching operation. While the ZCS turn-on mechanism developed in the
previous section reduces the V I overlap loss during switching transitions, there is a strong
need to implement ZVS turn-on techniques for further improvement in light-load efficiency.
The ZVS operation [94] is able to eliminate not only the V I overlap loss but also the switching
loss, Poss = CossV

2
blockfsw, correlated with the transistor output referred capacitance, Coss.

The origin of Poss can be twofold: i) hard charging Coss with charge sharing loss, and ii)
resistively discharging Coss through the transistor on-resistance. To eliminate the switching
losses, the ZVS operation charges and discharges Coss through an inductive current, by an
output inductor in this work. Through the inductor current, the energy stored in Coss of
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turning on switches can be brought down to zero (practically, a body diode voltage drop, Vd)
before the turn-on event, and the blocking voltage required by turning off switches Coss can
be built up before their neighboring switches are about to turn on, eliminating the voltage
difference between capacitors and so the switching losses. These two conditions coexist,
serving as important indicators of the ZVS completeness, e.g. a complete ZVS operation has
all correct blocking voltage ready before the turn-on event.

To analyze the ZVS operations of the series-parallel topology shown in Fig. 7.3 (a), the
switches are divided into four sections: upper series switches (Q6s), lower series switches
(Q5s−1s), upper parallel switches (Q5pt−1pt) and lower parallel switches (Q5pb−1pb); with their
body diodes represented by Dx, parasitic capacitance by Cx and blocking voltage by Vx, e.g.
C6s, D6s and V6s for the switch Q6s. Aligning the inductor current with body diodes helps
creating low voltage across Coss before turning on the corresponding switches. Depending
on the conducting directions of body diodes and the inductor current, IL, all switches can be
divided into two groups: i) upper series and upper parallel switches (D6s and D1pt−5pt) for
negative IL, ii) lower series and lower parallel switches (D1s−5s and D1pb−5pb) for positive IL.
There are trade-offs in the selections of IL polarity in terms of switch ratings and power loss
reduction. For example, a negative IL during deadtime is potential in achieving complete
ZVS operation, but it also leads to a higher voltage at Vsw, i.e. Vin+2Vd or 5Vo+2Vd, raising
the blocking voltage of all lower parallel switches to be 5Vo + Vd as compared to {5Vo, 4Vo
· · · Vo} in the case of positive IL.

The proposed switching scheme to achieve ZVS operation is shown in Fig. 7.3 (c). Four
more auxiliary phases are added on top of the original series and parallel phases, which are
φS1, φS2, φP1 and φP2. The control for the switch Q6s is now replaced by φS,adv, and the
switches Q1pt−5pt by φP,adv; and the control for other switches remains the same. Both φP,adv
and φS,adv are the time-advanced versions of φP and φS, respectively; they will be turned on
depending on the polarity of the inductor current. To fully remove the charge on parasitic
capacitance, the stored inductor energy should satisfy

1

2
LoI

2
L >

1

2

∑
CossV

2
ds, (7.4)

implying that a complete ZVS operation requires either larger inductance or inductor cur-
rent. However, IL is usually maintained low to avoid too much conduction loss; meanwhile,
a lower inductance is required for smaller size and higher saturation current. As a result,
a negative inductor current during deadtime is suggested when higher inductance available
since it is capable of achieving full ZVS operation and the inductor current does not need
to go very negative to fulfill (7.4); otherwise, a positive inductor current is better to bal-
ance the conduction and switching loss with incomplete ZVS operation. As compared to the
ZVS operations in the first stage, the 6-to-1 series-parallel topology has much more com-
plicated parasitic capacitor network. Therefore, all auxiliary phases with equivalent circuit
and operational waveform will be illustrated in details.
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Figure 7.5: Zero voltage switching (ZVS) operations from series to parallel phase in a 6-to-1
series-parallel ReSC converter, when inductor current is positive during deadtime.

Positive Inductor Current during Deadtime

The ZVS operations for the transition from series to parallel phase is shown in Fig. 7.5. The
goal is to remove the capacitive energy stored at all parallel switches, and to get the series
switches prepared and charged to their blocking voltage. First, the series-parallel converter
enters deadtime, i.e. phase φP1, when IL > 0. The positive inductor current quickly turns
on the body diodes of lower series switches, since all series switches were with zero energy
across their parasitic capacitance during series phase. Note that D1pb is also turned on for
the continuous flow of IL, lowering Vsw to −2Vd at the end of φP1 and further changing
the blocking voltage across all Coss except lower series switches. The converter then enters
φP2 once φP,adv turns the upper parallel switches on, when IL is still positive. Once φP2

goes high, the different blocking voltage across lower parallel switches raises Vsw to Vo + A,
where A is the charge sharing result between C1pb−5pb. The positive inductor current the
soft discharges C1pb−5pb from A to −Vd, until their body diodes conduct; meanwhile, Q6s is
being soft charged to around 5Vo. As compared to ZCS, the converter with the proposed
ZVS transitions from parallel to series phase, with less switching loss on C6s and C1pb−5pb.
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Figure 7.6: Zero voltage switching (ZVS) operations from parallel to series phase in a 6-to-1
series-parallel ReSC converter, when inductor current is negative during deadtime.

Similarly, the analysis for the transition from series to parallel phase can be done.

Negative Inductor Current during Deadtime

Fig. 7.6 shows the transition from parallel to series phase when IL < 0. When entering φS1,
the negative inductor current turns on D6s and D1pt−5pt, raising Vsw to 6Vo + 2Vd at the
end of φS1 and charging C1pb−5pb to 5Vo + Vd. Meanwhile, IL increases so that it is ready to
bring the energy away from C1pb−5pb in the upcoming phase. To prevent the positive IL from
undermining the soft switching operation done during φS1, the best time to turn on Q6s is
when IL2 is around and below 0. Once Q6s is turned on, the converter then enters φS2 with
C1pb−5pb being discharged from Vo to −Vd until D1pb−5pb conduct. At the end of φS2, both
C1pt−5pt and C1pb−5pb are charged to their blocking voltage, i.e. {5Vo, 4Vo · · · , Vo}. Both
conditions, including (i). D1s−5s turned on with low voltage drops and (ii). C1pb−5pb and
C1pt−5pt charged to their blocking voltage, are arrived. This suggests that Q1s−5s are ready
for ZVS turn on; therefore, the converter smoothly transitions from parallel to series phase.

The circuit operations for the transition from series to parallel phase is shown in Fig. 7.7.
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Figure 7.7: Zero voltage switching (ZVS) operations from series to parallel phase in a 6-to-1
series-parallel ReSC converter, when inductor current is negative during deadtime.

Similar to φS → φP1, the converter enters φP1 when IL2 < 0. Still, the negative inductor
current will eventually go through D6s and D5pt. However, the blocking voltages between
C1pb−5pb or C1pt−5pt are clamped to different values. For instance, C4pb and C3pb are clamped
at a voltage higher than 5Vo + Vd, and the charge transfer halts as Vsw hits 6Vo + 2Vd.
On the other hand, V2pt and V1pt during the previous phase φP1 are closer to −Vd, quickly
clamped by their body diodes as well as ensured V2pb and V1pb being charged to 5Vo + Vd.
The discrepancy between V1pb−5pb or V1pt−5pt happens in the middle branches due to their
complicated neighboring capacitive netrwork, leading to some charge sharing loss when the
converter goes to φP2. Fortunately, the voltage discrepancy is small enough that ZVS benefits
are largely maintained. When the inductor current goes up to around 0, Q1pt−5pt are turned
on. At the end of φP2, C1pb−5pb are discharged to −Vd and D1pb−5pb are turned on by the
positive inductor current; meanwhile, V1s−5s are maintained at Vo and V6s is brought up
to −Vd. The conditions, including turned-on body diodes and charged blocking voltage,
are met, and Q1pb−5pb are ready to turn on. Going through the auxiliary φP1 and φP2, the
series-parallel topology achieves ZVS operations from series to parallel phase.
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Figure 7.8: Floating gate driver designs and driving waveforms for (a) stage I – 2-to-1 ReSC
and (b) stage II – 6-to-1 series-parallel ReSC, with all diodes assumed ideal without voltage
drops.

7.4 Floating Gate Driver Techniques

N-type transistors are preferred for their better Ron ·Cds performance than p-type transistors,
when designing the power MOSFETs in discrete implementations (as covered in Chapter 5,
the MLCC bootstrap capacitor has high capacitance density). However, turning on high-
side n-type transistors requires floating supplies with higher voltage generated. For instance,
Vin+Vov is required to drive the high-side NMOS of a buck converter, where Vin is the highest
available voltage within the converter and Vov is an overdrive voltage for the gate-to-source
voltage, Vgs. The overdrive voltage is chosen as high as possible to obtain low on-resistance;
meanwhile, it should be low enough to keep gate driver loss down and stay within the safety
operating region. To make sure the overdrive voltage is steadily provided on top of varying
source voltage of high-side switches, several techniques are developed to generate stable and
safe floating supplies for Vgs [77]. In this work, four types of gate driving techniques are
employed, which are basically derived from the conventional bootstrap circuit as shown in
Fig. 5.7.
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Fig. 7.8 (a) shows the cascaded bootsrapped technique for stage I, where the floating
supplies are successively generated from low to high sides. The lowest gate diver as well as
its bypass capacitance, Cg1A, is always charged to the supply voltage, Vov1. As Q1A is turned
on during phase 1, the source voltage of Q2A, VB, is tied to ground, giving Cg2A a chance to
be charged to Vov1. In the next phase or phase 2, Q2A can be turned on with enough supply
voltage across Cg2A; meanwhile, Cg2A and Cg2B are able to be connected since their bottom
plates share the same voltage level, Vmid. When the converter operation is again back to
phase 1, Cg1B at the top can be charged by Cg2B. Eventually, all bootstrap capacitors are
replenished to around Vov1 every switching cycle, providing sufficient charge reservoir for
stable floating supplies. Note the diode voltage drop is not considered here, which slightly
affects the driving capability for switches at higher levels.

Fig. 7.8 (b) shows three different gate driving techniques for stage II. Firstly, as shown
by the type-II gate driver, adjacent lower series and parallel switches, Qns −Qnpb n ∈ [1, 5],
can be driven in pair using half bridge gate drivers, just like the switches in regular buck
converters. Secondly, the double charge pump technique represented by the type-III gate
driver is used for driving Q6s, which is capable of generating a floating voltage higher than
Vin. In the type-III gate driver, Cg6s,aux is first charged by the top plate of C5, VC5t, to Vo
during φP , and Cg6s is then charged by the total voltage of Cg6s,aux in series with Cg5s during
φS. As can be seen in the driving waveforms of Fig. 7.8 (b), during φS, the top plate of
Cg5s can be raised to 5Vo + Vov2 when Q5s is turned on. With the assistance of Vo across
Cg6s,aux, the top plate of Cg6s is increased to Vin + Vov2, which is high enough to turn on Q6s

during φS. Finally, the type-IV gate driver is used for Q1pt−5pt, where an LDO is employed
to stabilize the floating supply referenced to Vsw. The LDO requires an input voltage of at
least Vo + Vov2 + Vdropout, and its output is clamped to Vov1 with its reference voltage, Vsw,
swinging between −Vd and Vo.

7.5 Measurement Results

A quality PCB layout has short interconnection, strong signal integrity and evenly dis-
tributed heat generation, which often links to the converter performance in efficiency and
power density. For example, a PCB with shorter interconnection, with reduced parasitic
resistance and inductance, has higher efficiency and power density due to lower conduction
loss and less ringing issue. While there are many components to consider when designing
the layout for a power converter, the first priority is looking into the high-current paths for
switches and the high-dv/dt paths for gate drivers. First of all, a direct path on the same
copper layer is preferred for high-current paths since it gives the shortest possible connection.
In other words, changing layers through vias should be reduced to the minimum to ensure
more direct paths and avoid additional resistance. For the vias, note that there is a tradeoff
in its sizing and converter performance: a larger hole with less resistance has larger spacing
required; whereas multiple tiny holes given tight area constraint significantly increase the
cost. When routing the connections between components, there is a tradeoff between wider



CHAPTER 7. MULTI-STAGE APPROACH FOR HIGH CONVERSION RATIOS 109

C5 C4 C3 C2 C1 50 nH25 V MOSFET

Top Side

Bottom Side

0805 C1 LMG1205

0402 C1 

0805 C2 0805 C3 0805 C4 0805 C5 

0402 C2 0402 C3 0402 C4 0402 C5 

IL

ϕs

ϕp

(a) (b)

Figure 7.9: (a) Photograph with a box dimension of 0.39 in x 2.36 in x 0.23 in (or 1 cm x
6 cm x 0.585 cm) and (b) key steady state waveforms of the prototype 6-to-1 series-parallel
ReSC.

traces and smaller power converter, and there is some effort to find a balance considering
both sizing and heat generation. Other than the short interconnection, thicker copper is an-
other option in reducing the parasitics. However, more concerns in layout constraints should
be taken into account, e.g. the trace width / spacing increases from 6 mil using 1-oz copper
to 12 mil using 4-oz copper. Therefore, to implement a 4-oz copper PCB, the floorplan with
relaxed layout constraints should be done in a very early stage.

A strong gate driver reduces the switching transition time, and so the switching loss.
However, it also raises a serious concern in signal integrity as it induces higher dv/dt in
the circuit. In particular, the high impedance input of the gate driver is susceptible to the
interference, leading the gate driver to falsely turn on the switch as well as shoot-through
issues. To address that, the first step is to shorten the gate driving paths in order to reduce
the loop parasitic inductance and the opportunity to couple with other circuits. In addition to
that, simple RC filters right in front of the gate driver can be very useful in reducing the high
frequency noise going into the gate driver. Furthermore, an optimal solution is to combine
the RC filters with a careful signal routing by avoiding direct overlap between vulnerable
control signals and strong power switching planes. For example, a ground plane serves as a
nice shielding layer that can be inserted between control signal and power switching layers
to prevent the control signals from getting interfered by the high-current and noisy paths.
The ground or supply planes can also serve as an integrated heat sink to spread the heat
out, which is especially needed in thermal spots – the bottleneck that prevents the board
from pushing to higher power. Usually, the thermal spot can be a good starting point for
debugging, as that may indicate loose interconnection and/or inferior signal integrity.

In this section, the layout of the second stage – a 6-to-1 series-parallel ReSC is primarily
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(a) Top (red): IL, bottom (green): Vsw (b) Fan cooling only @ 50 A output current

Input Output

(c) Long current path during series phase

Figure 7.10: Measurement results of the first prototype 6-to-1 series-parallel ReSC converter.

focused, which was fabricated and measured several times before arriving at its optimal
design. The very first and last prototype board are shown in this section to demonstrate the
PCB design consideration in detail.

First PCB Prototype

The annotated photograph of the first prototype is shown in Fig. 7.9 (a), which was successful
in laying out all the high-power switches and passives on the top layer by following the
component arrangement shown in the schematic of Fig. 7.3 (a). This PCB prototype has a
compact layout with direct current path from input to output. All gate drivers and auxiliary
floating supply circuits, except added LDO, are laid out on the bottom layer. Due to the use
of gate drivers with very small BGA package (TI LMG 1205), the space left on the bottom
layer are filled up with more parallel flying capacitors. This prototype worked nicely as
shown in Fig. 7.9 (b), where the converter is operated at its resonant frequency. However, a
further measurement result shows that the measured converter output impedance (5.8 mΩ)
is twice the theoretical analysis, excluding the gate driver loss. Also, the temperature of the
board rises to more than 88◦C at 50 A output current, preventing the power converter from
getting higher power density even though the current rating of the whole power converter
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Figure 7.11: Photograph with box dimensions of the two-stage ReSC converter – stage I:
0.44 in x 0.6 in x 0.22 in (or 1.12 cm x 1.52 cm x 0.56 cm); and stage II: 0.44 in x 1.96 in x
0.16 in (or 1.12 cm x 4.99 cm x 0.4 cm).

should be more than 80 A (limited by saturation current).
Fig. 7.10 shows the inductor current and switching node voltage when the converter has

the phase transitions of parallel-series-parallel. The switching node voltage, Vsw, contains
the most information of the power converter, showing that there is more ringing voltage at
the beginning of the series phase than that of the parallel phase. In addition to the ringing
amplitude, it can be seen that the ringing frequency is much smaller in the series phase,
implying that the series-connected flying capacitors see different amount of inductance. To
analyze the ringing at Vsw, the current path during series phase shown in Fig. 7.10 (c) can
be handy, which was found that the long current path leads to high parasitic inductance and
resistance. Even worse, as analyzed in chapter 4, the series switches sustain higher RMS
current than the parallel switches, which can also be observed by the hot spots in Fig. 7.10
(b). To reduce the ringing issue and balance the heat generation, an updated PCB layout
should first consider having the shortest path and more ground plane for switches involved
in the series phase.

Final PCB Prototype

The photograph of the final hardware prototype is shown in Fig. 7.11, with main components
highlighted and detailed in Table 7.1. The fabricated PCB has four layers, with 4-oz copper
for the outer layers and 3-oz copper for the inner layers. The thick copper layers significantly
reduces the trace resistance and serves as an effective heat sink. High-current components
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Table 7.1: Main components for the PCB and their specifications.

Component Part Number Specification

Stage-1 MOSFET Switch Infineon BSZ025N04LS 40 V, 40 A, 2.5 mΩmax @ 10 VGS

Stage-1 Gate Driver Texas Instruments UCC 27211 Half bridge, 3.7 Asink, 4.5 Asource

Stage-1 Flying Capacitor, C6 C2012X5R1V226M125AC Rated 35 V, 22 µF x 12

Stage-1 Output Capacitor, Cmid1 C3216X5R1V226M160AC Rated 35 V, 22 µF x 4

Stage-1 Output Capacitor, Cmid2 C2012X5R1V226M125AC Rated 35 V, 22 µF x 22

Stage-1 Inductor, Lo1 XAL6030-181MEL 180 nH, 39Asat, 1.59 mΩnom

Stage-2 MOSFET Switch Infineon BSZ010NE2LS5 25 V, 40 A, 1 mΩmax @ 10 VGS

Stage-2 Gate Driver Texas Instruments UCC 27211 Half bridge, 3.7 Asink, 4.5 Asource

Stage-2 Flying Capacitor, C1−5 GRM21BR60J107ME15L Rated 6.3 V, 100 µF x 8 for each

Stage-2 Inductor, Lo2 Pulse PA2983.230HL 23 nH, 75Asat, 0.33 mΩnom x 2

and paths are all laid out on the top layer of the PCB in order to avoid any high-resistance
vias and reduce conduction loss. Both active and passive components are arranged in the
most symmetric and compact way, thanks to the identical footprint for all flying capacitors.
The output inductor of the second stage is embedded in a dedicated slot, greatly reducing
the profile of the converter. Each stage utilizes uniform power MOSFETs, which are 40 V
for the first stage and 25 V for the second stage. All switches are driven by high-voltage
and high-driving-current gate drivers (i.e. TI UCC 27211), in order to reduce the switching
VI overlap loss. Together with compact and efficient bootstrap techniques using auxiliary
capacitors and diodes, all gate drivers as illustrated in section 7.4 are placed on the bottom
layer. Note that there are two additional switches in stage II, each in parallel with the
top and bottom series switches (Q6s and Q1s), reducing the switch RMS current during
series phase and filling up the spaces left after the essential 16 switches are placed. Several
careful routings, including ground shielding plane through the inner layers, are done to avoid
interference on high-impedance node.

The key operating waveforms of the 6-to-1 series-parallel ReSC converter are shown in
Fig. 7.12 (a). The highest output current tested is 60 A with the overall system temperature
monitored as shown in Fig. 7.12 (b), where the peak temperature is 66.1◦C with fan cooling
only, thanks to the low output impedance (3.83 mΩ in total) in the series-parallel topology.
This output impedance is composed of topology-dependent switch utilization (≈1.5 mΩ),
PCB trace (≈2 mΩ), the rest of it are gate driver loss and switching losses. After adding a
2-to-1 ReSC converter as the first stage, the total equivalent output impedance of the two-
stage ReSC converter is 4.28 mΩ, which has only an 11% increase thanks to the conversion
ratio of 6 at the second stage. Also, due to the low processing current in the first stage, it
can be seen operating with cooler temperature as shown in Fig. 7.12 (b). The ZVS operation
of the second stage is validated through Fig. 7.13, which shows the transition from series to
parallel phase. It can be observed that Vds goes to zero before Vgs turns on, reducing the
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Figure 7.12: (a) Key waveforms of the 6-to-1 series-parallel ReSC converter and (b) thermal
monitor at 60 A output current with fan cooling only.

(a) Q3pb (b) Q4pb

Figure 7.13: Drain-to-source (yellow) and gate-source voltage (green) of (a) Q3pb and (b)
Q4pb when the 6-to-1 series-parallel ReSC converter transitions from parallel to series phase.
Scale: vertical 5 V/div and horizontal 50 ns/div.

switching loss.
The efficiency plots for various input voltage are shown in Fig. 7.14 (a) and (b), where

the efficiency peaks at 97% for 48-to-4V power conversion with ZVS technique enabled. The
efficiency was measured with a Yokogawa WT3000 precision power analyzer, and includes
all gate driving losses. In addition, the capacitor voltage of the second stage is balanced
with only ±2.5 mV deviations. As summarized in Table 7.2, both stage I and stage II
are implemented in a very small total box volume of 0.195 in3, hence achieving a peak
current density of 308 A/in3 or a peak power density of 1154 W/in3 for 48 V input voltage.
The comparison with the state-of-the-art designs is shown in Fig. 7.15 using the FoM



CHAPTER 7. MULTI-STAGE APPROACH FOR HIGH CONVERSION RATIOS 114

(a) Vin = 24 V, Vo = 2 V, fsw = 60 kHz

Peak: 97%

(b) Vin = 48 V, Vo = 4 V, fsw = 72 kHz

Figure 7.14: Measured efficiency over input voltages of (a) 24 V and (b) 48 V for the two-
stage ReSC converter, with the insets showing the improved efficiency by ZVS operations.
Note that all gate drivers are included for efficiency calculation.

Table 7.2: Performance summary of the two-stage ReSC converter.

Stage Input Output Peak Efficiency Full-load Efficiency Volume

Stage 1:
2-to-1 ReSC

48 V 24 V 99.30% @ Io1 = 3 A 99% @ Io1 = 10 A 0.058 in3

Stage 2:
6-to-1 SP-ReSC

24 V 4 V 97.49% @ Io2 = 16 A 94.24% @ Io2 = 60 A 0.137 in3

Two-Stage ReSC 48 V 4 V 97.04% @ Io2 = 16.8 A 93.57% @ Io2 = 60 A 0.195 in3

“Gout/Volume” over different conversion ratios, and this work shows promising performance
pushing towards higher current density and higher efficiency for high conversion ratios.

7.6 Chapter Summary

This chapter validates that the multi-stage approach is feasible in achieving high output
conductance density for high conversion ratios, by optimally designing each stage based on
their voltage domains and available devices. An example of a two-stage ReSC converter,
optimally cascading a 2-to-1 ReSC converter for high-voltage domain and a 6-to-1 series-
parallel ReSC converter for low-voltage domain, successfully showcases an efficient 48-to-4
V power conversion in a very small box volume of 0.195 in3, thanks to the symmetric power
switch layout and th area-efficient floating gate driving techniques. The whole converter is
tested up to 60 A and the full-load efficiency is maintained 93.6%, thanks to the efficient
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Figure 7.15: Performance comparison with the state-of-the-art designs. The metric of
Gout/Volume is used to capture both the current density and efficiency at heavy load con-
dition, where the efficiency is mainly dominated by the converter output impedance or the
reciprocal of the output conductance, Gout. Higher Gout/Volume represents higher current
density and higher efficiency are simultaneously achieved.

switch utilization of both stages. The two-stage ReSC converter achieves a very high current
density of 308 A/in3 or a power density more than 1000 W/in3. Meanwhile, the peak effi-
ciency is 97% (considering the gate driver losses) with the proposed ZVS techniques enabled.
The experimental results demonstrate the great potential of the multi-stage approach in in-
terfacing both high input voltage and high output current for PoL applications, particular
in high-speed computing industries and data centers.
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Chapter 8

Passives Reduction Techniques

Hybrid or resonant switched capacitor converters (ReSC) have shown superior efficiency
and power density in fixed- and high-conversion-ratio applications, due to their efficient
utilization on active and passive components. Other than the power converter itself, the
input and output capacitor filters are also essential elements, which, however, are usually
assumed fairly large and not included in the ReSC design. Even worse, when operating
around resonant frequency, the inductor current has a larger swing that leads to more current
going to the filter capacitor, and larger voltage ripple is expected as compared to higher-
frequency operations. Also, the ReSC performance is highly associated with the stability of
the input and output voltage, and high performance requires predictable resonant operation
without the involvement of filter capacitors. As a result, the filter capacitors have to be large
enough, e.g. Cfilter � Ceq for a single-phase ReSC, which compromises the power density.
To reduce the filter capacitor size, multiphase interleaving technique that is broadly used in
conventional power converters can be applied to ReSC, since it reduces the current flowing
to the capacitor and increasing the equivalent filter capacitance. However, the analysis and
implementation for multi-phase ReSC were not fully discussed.

This chapter first analyzes the efficaciousness of multiphase interleaving technique when
operating around resonant frequency. It is found that the multi-phase ReSC shows promis-
ing results in reducing the filter capacitance requirement, though different behaviors are also
found as compared to high-frequency operations. On top of that, the Bi-lateral Energy
Resonance Converter (BERC) is introduced to aggressively reduce the size of the res-
onant inductor, which are especially beneficial when dealing with high output current at
low-voltage domain. This technique, which is applicable to hybrid SC type I that employs
single inductor at the output, merges passives of adjacent stages in multi-stage approach.
For the existing designs, several independent stages are cascaded with relatively large de-
coupling capacitors between them, and the energy conversion is done in the sequence of
“· · ·V IV V IV · · · ”. The core concept of BERC is to simplify the middle sequence of “IV V I”
and reduce it to “I” with soft-charging operation maintained and less components needed.
In practical implementations, as compared to the independent resonance within each indi-
vidual stage in the conventional approach, a shared inductor of BERC now resonates with
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Figure 8.1: Simplified schematic of a 2-phase interleaved Doubler.

(a) 4-to-1 Series-Parallel topology (b) 4-to-1 Dickson topology

Figure 8.2: (a) Unequal and (b) equal phase current in hybrid SC type-II.

the flying capacitors in both stages. The BERC concept is first applied to doubler topology,
obtaining higher power density and maintaining high efficiency, as compared to the cascaded
resonant converter [27].

8.1 Filter Capacitor Ripple Reduction

The simplified schematic of a 2-phase interleaved doubler topology is shown in Fig. 8.1, with
two converters operating with 180◦ (or π radians) out of phase between each other. The input
RMS current can be reduced by

√
2 times from single phase to 2-phase operation, meaning

the input capacitor requirement can be relaxed. However, with 2-phase interleaving, the
effect of output current ripple reduction depends on the topologies: (i). reduced ripple when
there is unequal phase current as shown in Fig. 8.2 (a), such as series-parallel and ladder
topologies; (ii). no reduction effect when there is equal phase current as shown in Fig. 8.2
(b), such as doubler and Dickson topologies. Fig. 8.3 (a) shows the superposition of multi-
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Figure 8.3: Input and output current waveforms of a (a) 2-phase and a (b) 4-phase interleaved
Doubler converters.

phase doubler’s input and output current, which also shows that output RMS current is not
improved for 2-phase operation since iout1 and iout2 are in phase with the same amplitude.
To further reduce the volume of input and output filter capacitor especially when dealing
with high output current, another set of 2-phase interleave doubler can be added and the
4-phase interleaved converter can greatly reduce both input and output current ripples as
shown in Fig. 8.3(b).

Table 8.1 quantitatively compares the input and output RMS current of the converter
as well as the output voltage ripple for different numbers of phases. All of the values listed
are normalized to Iout for the ease of comparison, where Iout is the average output current
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Table 8.1: RMS current and output voltage ripple over different number of phases.

# of phases 1 2 4

Phase Shift 0 (0, π) (0, π), (π
2
, 3π

2
)

Iin,RMS
π
4

= 0.785 π
4
√

2
= 0.555

√
π2+π

8
= 0.502

Iout,RMS
π

2
√

2
= 1.111 π

2
√

2
= 1.111

√
π2+π

4
= 1.005

Ioutc,RMS

√
π2−8
2
√

2
= 0.483

√
π2−8
2
√

2
= 0.483

√
π2+2π−16

4
= 0.098

Vout,ripple 2−
√

2
8Coutfsw

2−
√

2
8Coutfsw

2
√

2(1−cos 3π
8

)

8Coutfsw

† For number of phases greater than or equal to 2, Iin,RMS = 2 · Iout,RMS since iin and iout have the
same waveform shapes but different amplitudes.

to the load. The input and output RMS current are derived using

Iin/out,RMS =

√
1

T

∫ T

0

iin/out
2dt, (8.1)

where T is the switching or resonant period of each phase. It reflects the conduction loss
in PCB traces and higher current path requires wider and shorter connections. Assuming
the ac component of the output current is fully absorbed by the output capacitor, Co, the
maximum capacitor RMS current can be then derived by

Ioutc,RMS =

√
1

T

∫ T

0

(iout − Iout)2dt, (8.2)

which determines the capacitors’ operating temperature and the output voltage quality. In
both (8.1) and (8.2), the superposition output current for a 2N -phase interleaved doubler
converter can be expressed as

iout,φ=2N =
Iout
2N
· π

2
·

2N∑
i=1

sin
(
θ +

π

N
(i− 1)

)
, θ ∈

[
0,
π

N

]
, (8.3)

which is periodic with T
2N

or π
N

(where N ⊂ Z+). The constant of π
2

in (8.3) comes from the
conversion between average and peak values of a rectified sine wave. Given the instantaneous
and average output current, the voltage ripple across the output capacitor can be derived byCout

dVout
dt

= iout − Iout
∆Vout = Vout,max − Vout,min

, (8.4)
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Figure 8.4: V IV -type canonical switching cell for magnetic-based converters and its symbolic
representation.

where the maximum, Vout,max, and minimum ,Vout,min, happen when: θmin = π
4

and θmax = 3π
4

in the case of 1 and 2 phases; θmin = π
8

and θmax = 3π
8

in the case of 4 phases. Note
that Ioutc,RMS can be reduced by 5 times from 2-phase to 4-phase operation; meanwhile,
the output voltage ripple is reduced by 3 times given the same output current, switching
frequency and output capacitance. Similarly, the input capacitance can be greatly reduced.
By having more interleaving phases, the input and output RMS current can be smoothed out
to approximately their average value, hence reducing the filter capacitor requirement and
improving the power density. Considering the ripple reduction and the system complexity,
a 4-phase interleaved operation is sufficient enough.

8.2 Canonical Switching Cells for Hybrid

Switched-Capacitor Converter

In this section, the canonical switching cells for magnetic-based converters are revisited and
a new type of fundamental hybrid SC cell will be derived from there. The most common
VIV-type canonical cell, composed of two switches and an inductor is shown in Fig. 8.4
(a), is a typical three-terminal network. By tapping any two ports (i.e. two terminals per
port) as the input and output, basic power converters including buck, boost and buck-boost
converters can be synthesized. For example, a buck converter is formed by having V1 and V2

as input and output, respectively. Note that the common terminal of V1 and V2 is grounded
in practical implementation, and therefore the input and output voltage have the same
reference in a buck converter. During steady state, the inductor reaches a volt-sec balance
and each port voltage can be expressed in terms of V1:{

V2 = D · V1

V3 = (1−D) · V1

. (8.5)
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Figure 8.5: IV I-type canonical switching cell for magnetic-based converters.

This canonical cell can also be represented by an autotransformer shown in Fig. 8.4 (b).
As opposed to the V IV -type cell transferring energy through an inductor, an IV I-type
cell using a capacitor as the main element can be formed as shown in Fig. 8.5 (a) based on
the current-voltage duality. Note the connection between actives and passives is transformed
from T-network to π-network, and the key parameters that characterize the switching cell are
replaced by terminal current. Similar to the port voltage in the V IV -type cell, all terminal
current of the IV I-type cell can be derived using the charge balance on the capacitor:{

I2 = D · I1

V3 = (1−D) · I1

. (8.6)

The current-type switching cell amplifies current instead of voltage, and it can be used
to form current-type power converters. In practical implementations, voltage sources are
usually available and so inductors are used to transform voltage to current. For example, a
current-type boost converter is shown in Fig. 8.5 (b), which has inductors between the input
and output voltage sources. Particularly, a current-type buck-boost converters as shown in
Fig. 8.5 (c) is also called Cuk converter, which is known for transferring energy through a
capacitor.

The current-type power converters are advantageous in continuous input and output
current, which helps reduce the size of filter capacitors. For example, as compared to the
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Figure 8.6: Current-type hybrid switched-capacitor converters.

voltage-type buck converter, a current-type buck converter as shown in Fig. 8.5 (d) features
two-phase interleaving with only two switches required. Through the voltage-type canonical
switching cell, a voltage-type SC cell for hybrid SC converter was generated and defined
in Chapter 4. Similarly, a current-type SC cell can be developed using the current-type
switching cell, which is shown as Fig. 8.6 (a). Note the bypass capacitor has to be large
enough so that the 2-to-1 SC structure can generate a nice flat voltage at the switching node
or the output voltage, as shown in Fig. 8.6 (b). Although the current-type hybrid SC does
not have lower switch current and voltage ratings as compared to a two-phased interleaved
hybrid SC, the number of switches is reduced and it is particularly beneficial for discrete
implementations. More importantly, it provides another type of energy transfer for hybrid
SC, enabling a passive reduction technique – BERC.

8.3 Bi-lateral Energy Resonance Converter (BERC)

As shown in Fig. 8.6, the output inductor can be split and relocated to the input [56],
which maintains all original features in conventional buck converter, with an extra benefit of
decoupling capacitance reduction from continuous input and output current. The concept
can be applied to ReSC-based converters for enabling the relocation of the inductor, which
then provides an opportunity to merge inductors between two adjacent stages. The schematic
of a dual-phase interleaved BERC is shown in Fig. 8.7 (a), which implements a 4-to-1 step-
down conversion. For comparison, a conventional 4-to-1 cascaded resonant converter [27]
is shown in Fig. 8.7 (b). The stage II of both converters has exactly the same circuit
operation and switch stress, except that they have different inductor locations. As can be
seen, the two output inductors, L2a and L2b, in the stage II of the conventional converter are
now displaced and implemented by two middle inductors, Lmid1 and Lmid2, in the BERC.
The new location of Lmid1 is shared between the output of the first stage and the input of
the second stage, allowing the absorption of the other two inductors, L1a and L1b, in the
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(a) Proposed: Bi-lateral Energy Resonant Converter (BERC). 

(b) Conventional: cascaded resonant converter. 

(c) Equivalent circuit during state 1 (Q1A and Q2B are high). (d) ac equivalent circuit for (c). (e) Key waveforms for BERC. 
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Figure 8.7: Schematic and circuit operation of a dual-phase Bi-lateral Energy Resonant
Converter (BERC).

conventional first stage. As a result, the proposed BERC requires less inductors as compared
to the conventional design, enabling higher power density.

There are mainly two circuit states for operating BERC with zero current switching
(ZCS), while the converter switches at resonant frequency, fcrit. Two driving signal pairs
Q1A−Q2B and Q2A−Q1B are complementary with each other, i.e. Q1A = Q2B = Q2A = Q1B.
Note that a deadtime is available between each complementary pair to prevent shoot-through
event. During state 1 or when Q1A −Q2B is toggled high, the equivalent circuit of BERC is
shown in Fig. 8.7 (c). When the converter is in state 2, the equivalent circuit can be formed
by interchanging the locations of C1a (C2a) and C1b (C2b). The nominal blocking voltage is
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Vin/2 = 2Vo for switches and capacitors in the first stage; and Vin/4 = Vo for those in the
second stage, except 2Vo for Cmid.

In order to understand the resonant frequency, fcrit, of BERC, an ac equivalent circuit of
Fig. 8.7 (c) is obtained as shown in Fig. 8.7 (d). The transformation of the two equivalent
circuits implies that the input and output capacitance, Cin and Co are assumed much larger
than the flying capacitance, C1a−2b, which is practical in most cases. Finally, owing to the
current cancellation (highlighted and discussed in more details at the end of this section),
the capacitor Cmid can be made sufficiently small such that the ac impedance is dominated
by C2a and C2b, justifying Cmid removal from the ac model. For simplicity in control, fcrit
for both states and both stages is maintained the same, and the resonant tank of the BERK
needs to fulfill

fcrit =
1

2π · Lmid1 ·
(

1
2C1

+ 1
C2

)−1 =
1

2π · Lmid2 · C2

, (8.7)

assuming C1a = C1b = C1 and C2a = C2b = C2 for a symmetric printed circuit board (PCB)
layout consideration. According to (8.7), there exist an optimal values for C1, C2, Lmid1 and
Lmid2 given their operating conditions and energy densities, e.g. C1 sustains higher voltage
than that of C2 and therefore less capacitance density is available for C1. In this work, it
is designed that C1 = 0.5 · C2 and Lmid1 = 2Lmid2, for simplicity and compactness of PCB
layout.

The key waveform for BERC is obtained as shown in Fig. 8.7 (e), following the passives
design suggested by (8.7). By observing the symmetries between ILmid1 and ILmid2, the
resonant frequency is not only the same for both stages, but also for both operational states.
The shared inductor, Lmid1, bridges between the flying capacitors of both stages, leading to a
bi-lateral energy resonance: the flying capacitors, C1a and C1b, in stage I resonate with Lmid1

through ILmid1; while C2a and C2b in stage II interchangeably resonate with Lmid1 and Lmid2.
Equalizing the resonant frequency also helps share the output current equally between two
inductors, evenly spreading the current stress and the generated heat. Meanwhile, due to the
mutual current elimination at the top and the bottom plates of Cmid, the energy processed
by Cmid is greatly reduced and small capacitance is required to maintain small voltage ripple,
justifying the assumption made in Fig. 8.7 (d).

Zero Voltage Switching Technique

While ZCS in the previous section is able to reduce significant V I overlap loss, the switching
loss led from the transistor output capacitance, i.e. Poss = Eossfsw = CossV

2
dsfsw, remains a

large part of power losses especially for high-voltage and high-switching-frequency situations.
Therefore, the development of a ZVS technique for BERC is critical, and four more states, i.e.
states 1a, 1b, 2a and 2b as shown in Fig. 8.8 (a), are added to the two-state ZCS switching
scheme. In order to turn on a switch with ZVS, a decent indicator is by observing if the
inductor current turns on its body diode, implying Eoss is recycled through the inductor.
For BERC, the inductor current needs to be bi-directional to achieve ZVS turn-on for all
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Figure 8.8: Zero voltage switching techniques for BERC.

switches, since the negative terminals of the body diodes point toward and away from the
inductor, e.g. the opposite directions of D2A and D1B.

Only the ZVS turn-on process for the transition from state 1 to state 2 is illustrated here,
and the other transition can be derived accordingly. When state 1 is over or when Q2B is off,
switches driven by Q2A and Q1B should be turned on with ZVS. First, the body diode D2a

of Q2a should turn on. To do so, the converter enters state 1a when Q2B is turned off and
the inductor current, ILmid1, is still positive, which aligns with the conducting directions of
D2A in the first stage. Meanwhile for the second stage, negative ILmid2 is used to conduct
D2A. At this moment, Q2A switches are ready for ZVS turn on. However, to prevent the
body diodes of Q2B from turning on and undermining the ZVS process, both Q1A and Q2A

should be toggled before ILmid1 becomes too negative or ILmid2 becomes too positive. As the
converter enters state 1b, negative ILmid1 and positive ILmid2 prepare Q1B for ZVS turn on
at the end of state 1b. As a result, BERC can smoothly transition from state 1 to state 2
through the two auxiliary states 1a and 1b.
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Figure 8.9: Prototype photograph of BERC, dimensions: 0.83 in x 1.04 in x 0.21 in (or 2.10
cm x 2.63 cm x 0.545 cm).

(a)

Efficiency measured using Yogokawa WT3000 for 
highest possible measurement accuracy. 

(b)

Figure 8.10: BERC measurement results: (a) thermal monitor at 50 A output current with
fan cooling, (b) efficiency plot for 48 V-to-12 V voltage conversion.

Measurement Results

An annotated photograph of the hardware prototype is shown in Fig. 8.9, with main com-
ponents highlighted and detailed in Table I. All the switches are gate driven by LTC 4440,
which supports high-voltage and high-current driving capabilities. The converter is tested
up to 50 A output current, and the temperature monitored at full-load condition is shown in
Fig. 8.10, where the peak temperature is 86.7oC with only fan cooling. As a result, the peak
power density is 3200 W/in3. Meanwhile, the efficiency peaks at 98.9% with ZVS enabled.
The fabricated PCB prototype has four layers, with 1-oz copper for each layer. The power
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Table 8.2: Main components for the BERC PCB and their specifications.

Component Part Number Specification

Stage-1 MOSFET Switch Infineon BSZ018N04LS6 40 V, 40 A, 1.8 mΩmax @ 10 VGS

Stage-1 Flying Capacitor, C1 C2012X5R1V226M125AC Rated 35 V, 22 µF x 21 for each C1

Stage-2 MOSFET Switch Infineon BSZ010NE2LS5 25 V, 40 A, 1 mΩmax @ 10 VGS

Stage-2 Bypass Capacitor, Cmid C2012X5R1V226M125AC Rated 35 V, 22 µF x 18

Stage-2 Flying Capacitor, C2 C2012X6S1C226M125AC Rated 16 V, 22 µF x 21 for each C2

Stage-2 Inductor, Lmid1, Lmid2 Coilcraft SLC7530S-500 50 nH, 50Asat, 0.123 mΩnom

loss due to PCB traces is estimated to be more than 40 % of the overall conduction loss.
It can be expected that 4-oz copper can further push the converter to higher efficiency and
power density, without hitting the device thermal limits.

8.4 Chapter Summary

This chapter provides a quantitative analysis for multi-phase interleaved ReSC in terms of
input, output and filter capacitor RMS current, which suggests a 4-phase ReSC can signif-
icantly reduce the passives requirement while maintaining low component counts. On top
of that, the BERC techniques are developed to increase the energy utilization of the pas-
sive components, which improves power density while maintaining high efficiency. BERC
features not only an improved passive utilization by merging inductors, but also an alter-
native interleaving technique for scaling up the output current. The BERC technique is
especially beneficial for the multi-stage approach. An example of the fundamental 2-to-1
ReSC converter is employed for each stage in two-stage ReSC converters. The converter
prototype enables a high power density of 3200 W/in3 for 48-to-12 V applications, which is
28 % improvement compared to the conventional cascaded resonant converter, and the high-
est published performance to date for this class of converters. A ZVS technique specifically
tailored for BERC improves the light load efficiency, enabling a peak efficiency of 98.9%.
The BERC concept can be applied for the extension to other topologies as well as higher
conversion ratios for two-stage ReSC converters [26].
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Chapter 9

Conclusions

Hybrid or resonant SC (ReSC) converters showcase excellent switch and passive utilizations,
owing to the efficient use of high-performance low-voltage switches and high-energy-density
capacitors through the SC structure and the soft-charging operations. As compared to power
converters using a single type of energy transfer element, i.e. capacitor- and magnetic-
based converters, hybrid SC converters feature (i). smaller passive volume and (ii). lower
conduction loss due to the elimination of charge sharing loss in SC converters; therefore,
higher efficiency, higher power density and higher conversion ratio can be achieved.

Two types of soft-charging techniques are introduced to form hybrid SC converters, which
are by (i). adding inductor at the SC converter output and (ii). adding distributed inductors
in series with each flying capacitor of the SC converter. To extend the native conversion
ratios, a fundamental voltage-type SC cell is defined and used to synthesize several SC topolo-
gies. Various topologies are evaluated through a comprehensive comparison framework based
on an FoM – output conductance density, which provides a simpler guideline and a more
holistic view for the design direction. In particular, it is found that the FoM is associated
with the scaling trend of commercially available switches in terms of voltage ratings and im-
plementation methods (either CMOS integration or discrete components). Together with the
practical layout consideration, the switch utilization analysis has shown that (i) the Dickson
topology has the best switch utilization when the full switch customization is available; yet,
(ii) the series-parallel topology shows promising result when only the switch conductance
or only the minimal number of switches is considered. In light of the comparison result
for different applications, several topologies, including Dickson, FCML, series-parallel and
doubler topologies, are designed, fabricated and measured with high performance.

An on-chip Dickson converter is the first CMOS implementation that showcases high
efficiencies for a continuous conversion range between 4:1 and 15:1, suitable for aggressive
energy-aware dynamic voltage scaling in portable devices. With the high switch utilization,
the Dickson topology favors to low-voltage devices available in the commercial chip fabrica-
tion processes, advantageous in reducing the chip area and cost. For example, in the case
of direct Li-ion battery (4 V) power conversion, the Dickson topology allows more voltage
margin (more than 1.5 V) to 2.5V switches, hence improving the converter reliability. On the
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other hand, a proposed on-chip ACC-PFM controller further solidifies hybrid SC converters’
reliability by establishing a balancing voltage together with a full-range output voltage regu-
lation through a hybrid approach, i.e. peak current-mode control with constant-off time and
valley current-mode with constant-on time for a three-level converter. Also, the duty ratio
deviation caused by level shifting, which is identified as one of the root causes for unbalanced
flying capacitor voltage, is reduced to sub-nanoseconds through a dedicated delay equalizing
level shifter.

The multi-stage approach further extends the hybrid SC converter to higher conversion
ratios with high FoM maintained, by individually and optimally designing the high-voltage
and high-current stages. It is found that the series-parallel topology is suitable for the low-
voltage high-current stage since it has an excellent switch utilization for voltage below 25
V along with the best passive utilization. Also, the series-parallel topology has an easily
predictable resonant frequency and simple controller/layout design, since the flying capaci-
tors sustain the same voltage stress and the same voltage derating factors. Other than the
selection of topologies for each stage, the multi-stage approach can be further improved by
several passive reduction techniques, including the concepts of multi-phase interleaving and
BERC. In particular, the novel BERC concept, employing both voltage- and current-type
hybrid SC converters, is beneficial in merging inductors of adjacent cascaded stages and sig-
nificantly improving the power density. The excellent passive utilization of BERC has been
validated through an example of two-phase interleaved two-stage doubler topology, which
showcases more than 3000 W/in3.

To leverage the output conductance density in hybrid SC converters, innovative floating
supplies and segmented gate driver are implemented and validated in different converters.
In order to avoid a high area ratio of driving circuits, it is found that the selection of floating
supplies highly depends on the available capacitance density ratio: the voltage borrowing
technique is typically applied on-chip, whereas the bootstrap technique is for discrete solu-
tions or given high capacitance density is available. Meanwhile, a general-purpose bootstrap
circuit is provided, which allows driving floating switches at any level as long as its within
the voltage range. The segmented gate driver eliminates the ringing while maintaining low
conduction loss, with small area overhead, which is useful for applications where reliability
and efficiency are critical.

In summary, hybrid SC converters have been demonstrated in theory and with hardware
implementations that they are promising for high-performance power conversions. Strong
future research momentum is expected on developing more efficient topologies, exploring
broader device availability, improving light load performance (optimal gate driving and ZVS
possibility), advancing more compact passives packaging, and even more interesting combina-
tions of discrete and integrated solutions. Given the excellent results from discrete implemen-
tation, increasing interest can be foreseen in integrated solutions as pure SC ICs have been
mature enough and reached their limited performance. As the demands of higher conversion
ratio increase, for the pushes of efficiency improvement from both the perspectives of power
delivery as well as the digital circuit or the energy harvesting devices, high-performance
hybrid SC converters can find their wide applications.
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