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This thesis explores two areas in RF integrated circuits. The first area of work is

X-band phased-array design in CMOS technology. A receiver and a transmitter chip is

designed, fabricated, measured on-wafer, and then packaged on printed-circuit boards

using chip-on-board technique and in QFN modules to verify the reliable operation of

silicon chip after packaging. The high-linearity four-element phased-array receiver for

9-10 GHz application is built using 0.13-µm CMOS process with a single-ended design,

and it results in a measured gain of 10 dB, an input P1dB 12.5 dBm, and a noise figure

of 3.4 dB at 9.5 GHz. An rms gain error of 0.4 dB and phase error of 8° are obtained at

9-10 GHz using an integrated variable gain amplifier and an 11° phase trim bit.

The 4-element X-band transmitter chip is also developed in 0.13-µm CMOS

xvii



technology. The design contains an active 1:4 power divider, active 5-bit phase shifters

(lowest bit is used as a trim bit), 4-bit gain control (to reduce the rms gain error), and

power amplifiers capable of delivering a PSAT of 13.5 dBm per channel at 8.5-10.5 GHz.

The chip can be used in the linear mode for communication systems and in the saturated

mode for FMCW radar systems. Packaging based on chip-on-board and QFN modules

have been implemented, and both show a very small nearest neighbor coupling of ~-30

dB at 8-10 GHz, limited by bond-wire coupling.

The second area of work is the switching matrices for high data-rate networking.

Two generation of design is implemented and the first-generation is the 0.01–8-GHz

4×4 switch matrix in 0.13-µm CMOS technology. A deep n-well series-shunt-series

switch is chosen as the switching core, and the transistor sizes are optimized for low in-

sertion loss and high isolation up to 8 GHz. A full electromagnetic analysis is performed

on the switching core to result in a compact design with high isolation. The 4×4 switch

matrix shows a measured insertion loss of 2.0–3.3 dB and an isolation of 50–44 dB at

2–8 GHz with near-zero power consumption. The measured input P1dB and IP3 are 8-10

and 26-30 dBm at 0.5-8 GHz. The switching matrix has very low dispersion with 6-ps

group-delay variation and can switch a 12.5-Gb/s signal with a bit error rate of <10−12.

The second-generation switching matrix is implemented using IBM 45-nm SOI

CMOS process, which offers advanced switch performance. The design is focused on

the optical/digital wideband signal networking, and therefore optimization is done to

maximize the bandwidth and minimize the added jitter after switching. A cross-point

architecture with passive CMOS switch is used to achieve switching with near-zero

power consumption. Scalability of all-passive design is maximized by introducing iso-

lation switches placed after every 2×2 switching cells. An inductive-peaking buffers are

used on passive-active design in order to further increase the bandwidth of the matrix.

The measured 3-dB bandwidth of all-passive and passive-active design are 20-25 GHz

and >26.5 GHz (measurement limit), with very low group delay variation of ±5 and

±2 psec, respectively. The eye-diagram measurement shows that all-passive design can

transfer signals up to 30-Gbps and passive-active design can achieve up to 44-Gbps of

data-rate. The scalability of passive-active design ensures constant 3-dB bandwidth up

to more than 12×12 matrix.
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Chapter 1

Introduction

1.1 Phased-Arrays

A phased-array is an array of antennas with appropriate phase delays on each

element, and provides beamforming and electronic beam-steering. Compared to a me-

chanical steering antenna, phased-arrays offer very fast (almost instantaneous) beam-

steering with higher accuracy and can quickly detect signals from multiple directions.

Also, power-combining of multiple elements results in higher signal power and im-

proved signal-to-noise ratio (SNR) compared to the single element due to coherently

added signal power and incoherently added noise power [1–3].

The beam-forming and steering is achieved by a constructive interference be-

tween the electromagnetic waves from a desired direction and destructive interference

from other directions. Fig. 1.1 shows a examplary 8-element phased-array receiver with

an incident wave from an angle θ. Due to the finite distance between antenna elements

d, the received signals at the antennas have phase differences of

4φ = kd cos θ (1.1)

between adjacent elements, where k is the wavenumber (2π/λ). Therefore, the com-

bined signal will have the maximum constructive interference when the antenna ele-

ments have a progressive phase delay of kd cos θ. In other words, when the antenna

elements have a progressive phase delay of φ, the phased array steers the beam to

1
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θ = cos−1
4φ
kd

(1.2)

This can also be explained using an antenna-array radiation patterns. Under the

far-field radiation assumption, the radiation pattern of an array antenna can be derived

as a single antenna element pattern (element factor, EF) multiplied by an array factor

(AF), which is represented as

AF =
sin(N

2
2π
λ
d cos θ + φ)

sin(1
2
2π
λ
d cos θ + φ)

(1.3)

where N is the number of elements, d is the distance between elements, λ is the wave-

length of the incident wave, θ is the incident angle, and φ is the progressive phase delay

between each elements.

Since the original development by Nobel Laureate Karl Ferdinand Braun in

1905 [4], phased-arrays have been widely adopted in communication systems and radar

applications. In defense system, large-scale phased arrays for missile/target detection

are now common in naval ships and aircrafts, and aircraft landing assistance systems

also use phased-arrays for detection of objects in multiple directions. For scientific re-

search, phased-arrays are also applied for astronomical observation, weather detection,

and air quality monitoring with higher resolution. Currently, the application area en-

compasses not only communications, but also in pipe flaw detection, medical imaging,

RFID, etc.

The phase delay in each element can be realized using a true time-delay (TTD)

unit or a phase shifter. It can be done in RF, LO, IF, or digital domain and each architec-

ture has its own advantages and disadvantages. However, RF phase-shifting architecture

is the most widely used because of its simplicity and relaxed linearity requirement on

the mixer. In the All-RF architecture, signals are combined after phase-shifting at each

element and spatial filtering is done before the mixer input. Therefore, interferer from

non-desired direction is suppressed and the linearity requirement of the mixer is relaxed.

Before silicon technology, the phased-array implementation was done us-

ing GaAs discrete components assembled together on a multi-layer board and connected

to antennas. This is heavy, bulky, and expensive for large-scale production. Silicon tech-

nology offers an opportunity of compact design and integration of multi-functions, and
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leads to a lower-cost production. Phased-arrays in silicon technology has been an ac-

tive research area, and there are successful implementations of all-RF architecture in

various frequency bands [5–12]. IF/LO and digital beam-forming (DBF) architectures

were also demonstrated using CMOS and SiGe technology [13–15]. The silicon phased-

arrays packaged and assembled together with antenna arrays, or with on-chip antenna

can be designed such that the packaging loss is minimized [14, 16].

1.2 Integrated Circuit Packaging

Silicon IC designs require a low cost package to make an interface to the exte-

rior devices/equipment for real applications. The packaging techniques has been rapidly

evolved over several decades together with the silicon technology. However, the perfor-

mance degradation is inevitable due to the parasitic effects especially for high-frequency

applications. Therefore, IC designers must take into consideration the packaging ef-

fects for a successful implementation. IC packaging includes chip mounting on printed-

circuit boards (PCB) and encapsulation. Within various types of chip-mounting tech-

niques (flip-chip, quilt-packaging, etc), wirebonding is most popular and cost-efficient.

The bondwire creates an inductive path from the PCB lead to the silicon chip pad, with a

typical inductance of 1 nH/mm. Flip-chip techniques reduce the inductance, but it is not

as cost-efficient as wirebonding except for very high volumes. The added wirebond in-

ductance distorts the impedance matching, which increases the reflection and the loss at

the chip-to-board interface. This requires an on-board matching network or a wideband

capacitive matching at the silicon chip. The more detrimental effect of the bondwire

inductance is between the on-chip ground and the package ground. After packaging, the

reference ground plane is the package ground, and the on-chip ground becomes (a bit)

floating as a result of this ground inductance. This creates gain reduction, instability,

and crosstalk between the multiple RF ports on the silicon chip, especially for single-

ended design, and the effect worsens as the inductance gets higher. Differential circuits

are less susceptible to the ground inductance due to the common-mode rejection, but

CMRR is reduced as a result of the ground inductance and this may affect the circuit

performance.
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Encapsulation offers electrical, thermal, and mechanical protection of the silicon

chip. For phased-arrays, mechanical protection is especially important because the PCB

with the antenna array is usually much larger than the silicon chip, and the board can

easily bent, damaging the bondwires. There are numerous encapsulations available,

and quad flat no-lead (QFN) package is a good candidate for RFIC chips because of

its reduced inductance due to its absence of lead legs. Also, QFN is cost efficient and

easily attached to the board with excellent thermal property [17]. The problem induced

from the encapsulation is the increased capacitance between the pads and wirebonds as

a result of mold compound which is filled inside the package. This capacitive coupling

between the leads can reduce the isolation between the RF ports.

The packaging parasitics can be modeled as inductors and capacitors, but the

values vary depending on how they are packaged. Therefore, in order to successfully

estimate the packaging effect, 3-D modeling using electromagnetic solvers (e.g., HFSS

[18]) are required especially for high frequency circuits.

1.3 Switching Matrices

Switching matrices (also known as crossbar switch, cross-point switch, or matrix

switch) are multiple input - multiple output switches widely used in communication and

automated measurement systems. Switching matrices have been used from primitive

telephone networks to digital data networking in local and wide area networks (LAN and

WAN). As the area of network becomes wider, demand for high-speed digital switching

matrices is getting higher. Digital packet switching is also required on smaller domains

includes servers, routers, storage system/device, multi-core processors, etc.

Switching matrices are also used in satellite systems to maximize the bandwidth

utilization and reduce the system redundancy. Figure 1.3 presents an example of a satel-

lite application such as a beam-link system [21]. The receiver takes multiple signals

from different locations and switch them to the intended spots. The switching matrix

provides the flexibility to direct the subchannels to the desired downlink beam. Also, the

switching matrix can be used to take the input signals at different frequency band and

switch them to the desired baseband circuity so that the system requires fewer number
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Figure 1.2: Block diagram of N×N switching matrix in cross-point architecture.

Figure 1.3: Switching matrix application in a beam-link system.
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Figure 1.4: Conceptual block diagram of a reconfigurable RF frontend.

of back-end circuitry.

A reconfigurable RF frontend is another field of application of switching matri-

ces which is under research [22]. An example of reconfigurable frontend architecture

is shown on Fig. 1.4, which comprises switching matrices and any RF building blocks

such as a matching network, LNA, PA, mixer, and filters. The switching matrices are

programmed such that the injected RF signal can be fed to any desired building block,

and as a result the reconfigurable RF frontend can process signal of multiple frequency

bands and standards.

In silicon technology, numerous techniques have been proposed on switching

matrices especially for optical/digital signal networking [23–33]. Note that rather than a

cross-point architecture, multiplexer-based design, which is composed of multiple mul-

tiplexers, clock, and buffers, have been the dominant architecture. This is because the

cross-point architecture is believed to have limitation on the scalability and switching

speed due to its large capacitive loading. However, significant DC power consumption is

the weakness of MUX-based designs. As CMOS technology advances, the loading ca-

pacitance of CMOS switches is getting smaller, and by applying circuit techniques and

careful electromagnetic modeling, the CMOS cross-point architecture is also proved

possible for high-speed switching matrix.
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1.4 Dissertation Overview

This dissertation presents phased-array RFICs designed with emphasis on pack-

aging effects, and high data-rate CMOS switching matrices. First, an X-band phased-

array receiver and transmitter chip are implemented on 0.13-µm CMOS and packaged

on printed-circuit board using chip-on-board technique and in QFN (quad flat no-lead)

modules. The package effect is intensively analyzed using 3-D electromagnetic solvers

(HFSS, Sonnet, and ADS Momentum) and agrees well with measurements. The high

data-rate switching matrices are based on a cross-point architecture using passive CMOS

switches to reduce the DC power consumption. The design is focused on higher data-

rate (i.e. higher bandwidth), and the highest data-rate of >40 Gbps is achieved by using

advanced SOI CMOS process and active buffers to boost the bandwidth.

Chapter 2 demonstrates the design of a 4-element X-band phased-array receiver

using 0.13-µm CMOS and explores the simulated and measured effect of packaging on

duroid substrate using bondwires. Since the design is intended for a hand-held commu-

nication device, tight specification on power-consumpation, linearity, noise figure are

required, and therefore, the all-RF architecture, passive phase-shifters/power-combiner,

and gain-loss alternating scheme are chosen. Packaging effects from the bondwire in-

ductance and on-package structure are fully analyzed to ensure that coupling between

the channels is low enough for a phased-array operation.

Chapter 3 presents an X-band phased-array transmitter design using 0.13-µm

CMOS. CMOS power amplifiers can generate moderately high power from each channel

(±13 dBm) and the phased-array chip is demonstrated in linear-mode in back-off power

levels, and in saturated-mode, to ensure operation both in communication system using

complex modulation (e.g. BPSK and QPSK) and in radar systems. Again, the silicon

chip is packaged on a printed circuit board using chip-on-board technique and QFN

packages, and the effect of package is analyzed in detail.

Chapter 4 presents the first generation of 4×4 CMOS switching matrices which

can cover up to 12-Gbps data-rate of digital signal transfer. The design is based on a high

frequency RF switch design approach and the wideband nature shows the possibility of

high data-rate optical/digital networking circuit using passive CMOS switches.

The switching matrix work continues in chapter 5, which demonstrates two
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designs of high data-rate switching matrices using an advanced CMOS process. The

all-passive design achieves 30 Gbps data-rate with near-zero power consumption. The

active-passive version, which applies bandwidth boosting by using bandwidth enhance-

ment buffers, can achieve >40 Gbps operation. Scalability of the design is emphasized

to ensure implementation of larger scale matrix with low degradation of performance.

Chapter 6 concludes the thesis. In addition, appendix A presents a 0-12 GHz

4×4 switching matrix using multiple 2×2 switches. Series-shunt-series switches with

deep n-well and deep trenches are employed to result in a high isolation of >30 dB up

to 12 GHz.



Chapter 2

Packaged X-band Phased-Array

Receiver in 0.13-µm CMOS

2.1 Introduction

Silicon phased arrays with single and multiple elements on a single chip have

been demonstrated at X/Ku-band using SiGe and CMOS technologies [7, 34–38]. The

advantages of the All-RF architecture are its simplicity, system-level linearity, low power

consumption (no mixer, no LO drivers, no LO distribution), and the use of a single high-

performance receiver at the sum port of the phased array. The RF phase shifters are typ-

ically implemented either using vector modulators, switched LC-networks or switched

transmission lines [8,39,40]. For multiple elements, on-chip lumped-element Wilkinson

combiners are used to provide high linearity and zero power consumption [41].

This paper presents an improved X-band phased array with high linearity, low

noise figure and low DC power consumption. The topology is based on alternating gain

and phase shifter blocks, which is shows the best dc power consumption, NF, and lin-

earity combination. Cascode amplifiers are used throughout the chip for added isolation

between the switched LC phase shifters, which is essential when using large transistors

with higher bias current (needed for linearity improvement). Also, variable gain am-

plifiers are used to correct for the gain change at different phase states and for aperture

amplitude tapering (Fig. 2.1).

10
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The packaging of the silicon chip is also discussed in detail, with particular em-

phasis on the coupling between the channels which can be high in single-ended systems

due to the packaging inductances. The on-chip VDD decoupling capacitors and the

ground bond-wire inductance are first taken into account, and their effect on the channel

coupling is modeled in detail. Then, the mutual coupling between the input bondwires

and the resulting channel-to-channel coupling is modeled using HFSS and Cadence.

Finally, the silicon chip is packaged using chip-on-board techniques, and the measure-

ments are compared with simulations. It is seen that excellent agreement is obtained

using accurate EM and circuit modeling.

2.2 Design

The required performance from the chip are a gain of 11 dB per channel, an input

P1dB of -12 dBm (input IP3 of -3 dBm), and a NF less than 3.5 dB at 9-9.5 GHz. This

would allow the 4-element chip to be used together with a GaAs LNA front-end with 12

dB gain and 0.5 dB NF and result in a total system gain of 23 dB, and input P1dB of -24

dBm (input IP3 of -15 dBm) and an overall NF of 0.8 dB. The combined receiver would

be competitive for point-to-point communications in high interference environments.

Fig. 2.2 presents three different circuit configurations for the X-band phased-

array receiver under the assumption that the system requires a gain of 13 dB with IP1dB

of -13 dBm, and the phase shifters are based on passive CMOS switches which have

a high linearity (IIP3 >23 dBm) and a P1dB of 10–17 dBm [43]. The first design is

based on a GaAs MMIC architecture with the LNA in front and the phase shifter at the

back. While this results in the lowest noise figure, it also results in the highest power

consumption due to the high P1dB required at the output of the CMOS amplifier. The

second design divides the amplifier into two units, one at the input and one at the output

of the phase shifter. While this results in the best power consumption, it also results in

a high NF of 4.4 dB and is not acceptable. The third design alternates amplifiers and

phase shifter blocks in succession. In this case, the amplifier gain and its associated

output P1dB can be relatively low, which results in low power consumption and a NF of

3.3 dB. The alternating gain/phase-shifter approach is used and results in approximately
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Figure 2.1: Block diagram of the 4-element high-linearity phased-array chip.

Figure 2.2: Topology comparison for X-band phased-array receiver. Topology #3 re-

sults in the best power consumption for specific gain/NF/linearity combination.
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30 % the power consumption than the traditional design based on an amplifier followed

by a passive phase-shifter but at a slight increase in the noise figure.

For this work, a low cost 0.13 µm CMOS technology is used with an fT of 100

GHz at a bias current of 0.1 mA/µm (IBM8RF) and a NFmin of 0.8 dB at 10 GHz. The

first stage is a cascode-based LNA with a simulated gain and NF of 13.4 dB and 1.95 dB,

respectively, at 9.5 GHz, an input P1dB of -10.3 dBm, and a power consumption of 7.2

mA from 1.8 V supply including the bias circuitry (Fig. 2.3(a)). The input and output

impedances are designed to be 50 Ω so as to be impedance matched to the phase-shifter

cells, and the simulated S11 and S22 are < -10 dB at 8.5-10.5 GHz (< -15 dB at 9-10

GHz).

Two 50 Ω variable gain amplifiers (VGAs) are also designed each with a 2-bit

gain control of 0.8-4.0 dB (in 0.8-1.1 dB steps) at 9.5 GHz, a NF of 4.5-6.0 dB and a

power consumption of 11.6 mW (Fig. 2.3(a)). The amplifiers show a low phase varia-

tion vs. gain state, around ±5° at 9.5 GHz, and compensate for the phase shifter gain

variation with enough gain control to allow for an additional 4.5 dB taper on the phased

array aperture. The first VGA is designed with an input P1dB of -0.9 dBm so as to handle

the output power of the LNA (after the 4 dB loss in the 90/45/22° phase shifter cells) and



15

its gain is limited to 4.0 dB for low DC power consumption. A high linearity is achieved

using a large source inductor (822 pH). Also, a gate-to-source loading capacitance of

153 fF helps in the impedance matching by reducing the effect of the 822 pH at the

gate node, at the expense of a slightly reduced gain [44]. The second VGA has nearly

the same power levels after passing by the 180/11° phase shifter cells and therefore, the

same circuit is used.

The 22.5°, 45° and 90° phase shifter cells are based on switched LC-networks

that are commonly used in GaAs circuits [40]. These phase shifters have been designed

before using CMOS transistors at Ka-band frequencies [8] and are summarized in Figs.

4.1 and 2.4. The LC values and transistor sizes are therefore optimized using Cadence

so as to result in a minimum variation in the insertion loss vs. phase shifter state - too

wide of a transistor results in high loss due to capacitive coupling, while too narrow

of a transistor results in high loss due to Ron. The 180° cell is a high-pass/low-pass

design, requires the use of two SPDT switches, that are 45 µm transistors, and results in

an insertion loss of 3.3 dB at 9-10 GHz. The 11° phase shifter cell is designed without

the shunt transistor and inductor and results in good performance at X-band due to the

small amount of phase shift. Note that the 180° cell results in a constant phase shift

vs. frequency while the 90/45/22° cells result in a linear phase shift vs. frequency (Fig.

2.4). The 9-10 GHz bandwidth is low enough that this is not a problem, and the 11 ° cell

is placed so as to “trim” the array for minimum rms phase error (see Section III).

In the above circuits, the transmission-lines are grounded CPW with dimensions

of 10/14/10 µm and a loss of 0.2 dB/mm at 9.5 GHz (εeff=4.1, Q=9.5 at 9-10 GHz) (Fig.

2.5). The inductors are simulated using Sonnet [45] and have a Q of ∼15 at 9-10 GHz.

The capacitors are implemented using the library MIM capacitors with a Q > 20 at 10

GHz. Also, the phase shifters cells are optimized first alone in Sonnet, and then together

(90/45/22° for example) in Sonnet and Cadence in order to ensure low electromagnetic

coupling between the individual cells and a wideband impedance match. In general,

all inductors are placed with at least a 70 µm edge-to-edge spacing so as to ensure low

mutual coupling.

The cascode amplifiers are essential for the high-linearity design and show a

substantial improvement in the wideband receiver S-parameters as compared to single-
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stage common-source amplifiers [42]. This is due to the high isolation in the cascode

amplifier (S12=-36 dB at 9-10 GHz) vs. the low isolation encountered in a common-

source amplifier (S12=-13 dB at 9-10 GHz). Fig. 2.6 presents the simulated S-parameter

of the first VGA with the 22.5° and 11° cells, and of the second VGA with the 180° cell.

It is seen that the 8.5-10.5 GHz S-parameters with the cascode design are more stable vs.

phase-state than with the common-source design. The cascode amplifier does consume

more power, but results in better overall performance and less rms gain error.

A passive combining network is required due to the high output P1dB from the

4-element array (+3 dBm with no combining loss). The Wilkinson combiner is shown

in Fig. 2.7 and is based on LC components with an interconnecting 100 Ω resistor and

a simulated loss of 1.0 dB at 9.5 GHz. The overall loss of the 4:1 combiner is 2.1 dB at

9.5 GHz including the 50 Ω CPW interconnect loss (0.26 mm). The isolation is >17 dB

and the input and output impedance match is <-25 dB at 9-10 GHz.

Since this is a single-ended design, the phased array channels are placed >190

µm from each other (550 µm center-to-center), and the area between the channels is filled

with VDD decoupling capacitors. To ensure excellent VDD grounding, a total of 110 pF

is used between VDD and the on-chip ground for each channel, where the capacitors are

a combination of 680 fF MIM capacitor and 1 pF nMOS capacitors with a Q of 7 at 10

GHz (this results in an RS of 2 Ω and added stability). Also, continuous metal trenches

are used between the channels and these connect the top ground metal layer to substrate

contacts. The address lines, latches and biasing circuits are all routed underneath the LY

ground layer and have no effect on the RF performance.

The simulated performance of the entire chain, including the Wilkinson com-

biner loss, show an average gain of 10.3 dB at 9.5 GHz with an rms gain error of<0.4 dB

and a noise figure of 3.4±0.2 dB at 9-9.5 GHz. The 4-bit phase performance has an rms

phase error of <10° at 8.6-10.8 GHz, and it can be further improved with the use of the

11° bit. Excellent input and output match are achieved due to the cascode design. The

input P1dB is -13 dBm at 9.5 GHz (IIP3 of -5 dBm). The 4-element chip consumes 144

mW, including the biasing circuits, and is 2.5×2.9 mm2 (Fig. 2.8(a)). A single channel

was also built with a power consumption of 36 mW and is 2.5×0.75mm2 (Fig. 2.8(b)).

The on-chip coupling between the phased array channels can be modeled using
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the simplified circuit shown in Fig. 2.9. There are two important coupling mechanisms:

the forward coupling S61, S71 and S81 results in amplitude and phase error in the path

of channel 1 due to phase settings in channels 2, 3, 4 [34], [46], and the backward

coupling S21, S31, S41, which has minimal effect if the antenna ports are well matched.

However, if the backward coupling is high and the antennas are not well matched (-10

dB) or open-circuited (worst-case test condition), then the power coupled to port 2, for

example, can reflect back to the chip, be amplified by channel 2, and add again to S51

causing additional amplitude and phase error. Fig. 2.9 shows that a VDD to ground

capacitance of 20-100 pF per channel is enough to ensure a very low on-chip coupling

and virtually no additional rms amplitude and phase errors.

2.3 On-Chip Measurements

The NF is measured on a single channel with a gain of 12.2 dB and is 3.4±0.1

dB at 9.5 GHz over the 16 phase states (<3.5 dB average at 9.0-9.8 GHz) (Fig. 2.12).

The expected NF of a channel in a 4-element array and including the 2.1 dB Wilkinson
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combiner loss is 3.47 dB at 9.5 GHz. The measured IP1dB and IIP3 are -12.5 dBm and

-4.1 dBm at 9.5 GHz and agree well with simulations (Fig. 2.13). The measured output

P1dB and IP3 in the 4-channel array are -3.5 and +6 dBm at 9.5 GHz and include the

Wilkinson network loss.

The S-parameters can be further improved with the use of gain and phase control

and result in an rms gain error of <0.5 dB at 8.8-11 GHz (minimum of 0.22 dB at 9.5

GHz) and an rms phase error of <6° at 9.2-10.1 GHz (Fig. 2.14). This is achieved at

the expense of an average gain reduction to 9.9 dB (4-channel array) and an average NF

increase to 3.75 dB (single channel) at 9.5 GHz (< 3.85 dB from 8.8-9.8 GHz).

The measured on-chip coupling between the different channels is first done using

S-parameters and is < -35 dB at 9-10 GHz, which is limited mostly by CPW probe-to-

probe coupling (Fig. 2.15). In this measurement, two CPW probes are placed on the

input ports of the 4-element chip and the S-parameters are measured with the other ports

left open-circuited.

The S-parameters of channel 1 are then measured when the phase of channels

2, 3, and 4 are changed from 0-337°. In this case, the input ports of channels 2, 3, and

4 are left open-circuited, which results in a worse-case condition for testing [46]. The

measurements show < ±0.15 dB and < ±1° change in the gain and phase of channel 1

for all phase settings of channel 2, 3 and 4 (not shown for brevity), and result in negligi-

ble error. The measurements indicate that for all practical purposes, this is an excellent

high-linearity, low-noise figure on-chip phased array. However, the chip performance
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degrades with chip-on-board packaging, and this is investigated in the following section.

2.4 Chip-On-Board Packaging: Simulations and Mea-

surements

The phased-array chip is placed on an RF board with a grounded pedestal and

bonded as shown in Fig. 2.16. The substrate is Rogers RT5880 with εr=2.2, t=10

mils and a loss of ∼0.1 dB/cm at 8.5-10.5 GHz for a 50 Ω microstrip line (0.8 mm

width). In this case, due to the presence of on-chip RF currents on the VDD and ground

planes, a large number of short RF-ground bondwires (“down-bonds”) are used in order

to ensure a low ground inductance between the chip and the system-level ground plane.

Also, 4 different VDD pins are used, each with its own 100 pF off-chip de-coupling

capacitors that are placed very close to the chip in order to also ensure VDD grounding.

A closer look reveals two inductances between the chip and the system-level ground:

LGND1 between the chip and the grounded pedestal (plane A), and LGND2 between the

grounded pedestal and the main system-level ground (where the antenna and sum ports

are referenced). EM simulations done using HFSS [18] and Sonnet indicate that LGND2

is 25-40 pH depending on the substrate thickness and number and spacing of the via

holes. LGND1, on the other hand, is hard to model exactly and is best done using a full

HFSS model including the 4 input RF lines (see below). Still, a good assumption is

50-150 pH for a large number of down-bonds.

Fig. 2.17 presents the coupling simulations using the simplified inductance

model for LGND1=50-150 pH and LGND2=40 pH. The simulations show a forward cou-

pling (S6′1) of -15 dB, which is an increase over the on-chip results with CD=110 pF.

Knowing that S5′1 is +13 dB at 9-9.5 GHz, the overall coupling between the channels

is therefore -28 dB. This results in an amplitude and phase error of ±0.25 dB and ±2°,

respectively, in channel 1 when the phase of channel 2 is changed from 0 to -337° (Fig.

2.17). This model concentrates all the inductance in one node (and is not distributed

along the chip and different RF ports) and could be considered as the worst-case condi-

tion for coupling estimation, but is important to have as a benchmark.

The coupling between the input bondwires and transmission-lines was not taken
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shown.
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Figure 2.18: Bondwire and printed-circuit-board simulation using HFSS for (a) 400 µm

and (b) 800 µm-pitch feedlines with a grounded stub between the bondwires.

into account in the above simulations, and this can be simulated using HFSS for the

input and output ports (Fig. 2.18). In this case, the simulation is referenced to the global

system ground (antenna ports) and the inductance from plane A to the system ground

is automatically taken into account. Fig. 2.18 presents the results for two different

designs, a pitch of 400 µm (200 line, 200 µm gap), and a pitch of 800 µm (200 µm line,

200 µm gap, 200 µm grounded stub, 200 µm gap). It is seen that the coupling between

the channels due to the bondwires alone is S61=-21 dB at 9-10 GHz for a 400 µm pitch,

but it can be reduced to -35 dB with the use of a grounded stub between the different

input ports. In both cases, the non-adjacent coupling due to the input bondwires is <

-30 dB.

The input and output ports also need to be matched since the RF-port bond-wire

inductance is ∼0.8 nH (Fig. 2.19). A simple matching network can be achieved using a

high-impedance line (Z0= 94 Ω, l=130° at 9.5 GHz) and results in S11 < -10 dB at 8.7-

10.0 GHz at the antenna ports. It is also important to model the coupling between the
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The S11, S55 and S51 are average values over all phase states.

transmission-lines on the Teflon substrate since they are quite close to each other around

the chip. This is easily done using ADS Momentum [47], and the estimated coupling

(S61) is < -30 dB at 9-10 GHz between adjacent channels. The packaged chip can then

be simulated using the model of Fig. 2.16(b), which includes all the known coupling

effects.

The phased array chip was assembled with the 4 feedlines placed at a pitch of

400 µm (200 line, 200 µm gap) in order to study the effect of the bond-wire coupling

(Fig. 2.19). The measured average channel gain agrees well with simulation and is 8.5

dB at 9.5 GHz and include board and connector losses (Fig. 2.20). The measured rms

gain and phase error are similar to the on-chip results. The measured S11 and S55 are

mostly due to connector imperfections (the SMA connectors were measured separately

and result in -10 dB reflection at 10 GHz).

The coupling measurements are done by changing the phase of channels 2 and

4 while measuring the performance of channel 1 (S51) at a fixed phase state (Fig. 2.21).

The coupling between the channels, C=B/A, is fitted using the vector method of

Fig. 2.21(a) and is -19 dB between channels 1 and 2, and -31 dB between channels 1

and 4. The error in S51 is determined by the RF bondwire coupling for the near-channel
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(channel 2) and by the chip-to-ground inductance (LGND1=50 pH and LGND2=40 pH)

for the far-channel (channel 4). If a pitch of 800 µm (200 µm line, 200 µm gap, 200 µm

grounded stub, 200 µm gap) was used for the feedlines, then the coupling for all chan-

nels would be as that of channel 4 since the bondwire coupling would be negligible. The

results of Fig. 2.21(c) agree with the simulations of Fig. 2.17.

Table 1 presents a comparison of this work with other chips in the X/Ku-band

range. It is evident that [42] shows lower power consumption and better NF than this

work, but has 3 dB worse linearity. The design in [48] consumes a lot of power but

is a very wideband design (6-18 GHz) and is based on a vector modulator approach.

The lowest power consumption is demonstrated in [36] using a high-performance SiGe

technology, a 2-bit phase shifter and a reduced NF requirement.
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2.5 Conclusion

A high-linearity, 4-element X-band phased array was demonstrated using 0.13

µm CMOS technology. A single-ended design was used and results in very low on-chip

coupling. The phased-array chip was then mounted on a Teflon substrate using bond-

wires. Simulations and measurements show that with high isolation bond-wire design,

the channel-to-channel coupling (∼-31 dB at 9.5 GHz) is determined by the overall

ground inductance, and results in ∼0.15 dB and 0.9° of additional rms amplitude and

phase error. This work shows that one can use chip-on-board packaging for X-band

silicon phased arrays with a large number of input channels.
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Chapter 3

Packaged X-band Phased-Array

Transmitter in 0.13-µm CMOS

3.1 Introduction

Silicon phased-array RFICs, based on SiGe and CMOS technologies, have been

well demonstrated at X/Ku-band using the All-RF beamforming approach, both in the

receive, transmit and transmit/receive modes [5, 7, 34–38, 49–51]. As is well known,

SiGe and CMOS offer multiple RF front-ends on a single chip, together with all the

necessary digital control electronics, which results in a space savings per unit cell as

compared to a GaAs solution [52]. This allows for the construction of compact X/Ku-

band phased-arrays using standard printed-circuit board techniques at a great reduction

in cost and increase in reliability, either using chip-on-board or QFN packaging tech-

niques [5, 49, 53–55].

This paper presents an X-band 4-element phased-array chip built using 0.13-

µm CMOS technology and with moderately high power levels from each channel (~13

dBm). The chip is intended for dual operation: A radar mode at 9-9.5 GHz for FMCW

perimeter detection and a communication mode at 8.2-8.7 GHz for BPSK and QPSK

satellite systems. The chip is therefore characterized at saturated power levels for the

radar mode, and also, at P1dB and associated backoff power levels in a communications

mode where attention is placed to distortion versus power levels. The 4-element chip

35
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has been packaged using chip-on-board and using QFN solutions. The mutual cou-

pling between the bond-wires are taken into account together with the passive baluns

on the CMOS IC, and the resulting channel-to-channel coupling simulation is done us-

ing Ansoft-HFSS [18]. A comparison is presented between the two solutions in terms

of isolation between the channels and ground inductance effects. To our knowledge,

this is the first demonstration of a packaged phased-array transmitter chip for radar and

communication systems.

3.2 Design

3.2.1 Block Diagram and Technology

Fig. 5.4 presents the block diagram of the 4-element transmit phased-array chip.

The circuit design is differential, but baluns are used at the input and output ports since

single-ended ports are compatible with microstrip or CPW circuits on the printed-circuit

board. Two independent power supplies are used on the chip: The input power divider

and buffer amplifier are driven using a 2 V supply, while the active phase shifter and

output power amplifier are driven using a 3 V supply. Also, two different 3 V power

supply lines are used, each driving a 2-element subarray so as to reduce the coupling

between the elements and also to reduce the current draw from the supply pins.

The chip is built in a low-cost 0.13-µm CMOS technology with an fT of 100

GHz and NFmin of 0.8 dB at a bias current density of 0.1 mA/µm (IBM8RF) and with 8

metal layers (Fig. 3.2). Differential transmission-lines are implemented in a grounded

coplanar waveguide (G-CPW) configuration with dimensions of 10/8/8/8/10 µm and a

simulated loss of 0.22 dB/mm at 9 GHz. Note that the IBM8RF process allows for 11

µm of oxide between the MA and the LY layer, which results in relatively wide and

low-loss differential lines.

All inductors and transmission-line connections are simulated using 2.5-D elec-

tromagnetic solver (Sonnet [45]) and have Q of 12-15 at 9-10 GHz depending on the

design. The capacitors are implemented using the library metal-insulator-metal (MIM)

capacitors.
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Table 3.1: Vector Modulator I/Q DC Current Level

II (mA) IQ (mA)

0 ° 10.7 0

22.5 ° 9.8 1.0

45 ° 5.5 5.5

67.5 ° 1.0 9.8

90 ° 0 10.7

3.2.2 Active 1:4 Divider

An active 1:4 divider is used after the input balun and is based on a 2-stage

cascode divider with LR loads for wideband operation (Fig. 3.3(a)). The input stage

should be capable of handling ~0 dBm of input power (-1.7 dBm after the balun), and

is biased at 5.9 mA. The second stage feeds a source follower amplifier with an output

impedance of 54 Ω so as to drive the low-impedance quadrature all-pass filter network

(QAF [39]). The active 1:4 divider consumes 25 mA and has an electronic gain of 1.5

dB at 9 GHz, where the gain is defined as the power in the 54 Ω load (differential) at

the output of a source follower divided by the available power at the single-ended port

from a 50 Ω source. The simulated output power and phase vs. input power is shown in

Fig. 3.4 with an input P1dB of -5 dBm, limited mostly by the first-stage active divider.

Still, the 1:4 divider can deliver -2 dBm at the QAF (350 mVpeak) for an input power of

0 dBm, and with low phase distortion (~2°).

3.2.3 Active Phase Shifter

The QAF is designed for a Zo =
√
L/C = 80 Ω (differential) with L = 1.0 nH,

C = 150 fF and R = 80 Ω and provides a very wideband quadrature with < ±3° phase

variation at 6-10.5 GHz including the effect of the capacitance loading of the vector

modulator stage (CLoad= 30 fF). The simulated QAF voltage gain is 1.5 dB including
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the capacitive load, and with < 3.6 dB error between the I and Q outputs at 9 GHz (Fig.

3.5). A lower amplitude error can be designed using a QAF with ZO = 40 Ω but at the

expense of lower gain (or higher current) in the active divider.

The QAF feeds a vector modulator phase shifter with integrated gain control and

wideband RL loads (Fig. 3.3(b)). The switches at the bottom select between the I+ and

I- quadrants (and Q+ and Q- quadrants), and the gain of the I and Q paths is controlled

using a 5-bit DAC. The requirements are a 4-bit phase shifter, but an additional bit

is used as a trim bit to improve the rms phase error (if needed). The DAC currents are

optimized to take into account the interconnect parasitic effects (modeled using Sonnet),

and are listed in Table 4.1 for 0, 22.5, 45, 67.5 and 90°. In addition, a 5 dB gain control

stage is placed on top of the phase shifter using a current steering mode. This gain stage

also uses a 3-bit control voltage from the DAC and is employed to reduce the rms gain

error in the phase shifter. Note that this gain control method is useful for a 0-5 dB range

due to current starving effect in the main RF path transistor.

The phase shifter consumes 11.5 mA of current from a 3 V supply and has a

simulated voltage gain of 5.6 dB, an input P1dB of 6.7 dBm and a noise figure of 12 dB

(gain values can change by ±1.5 dB vs. phase state). However, since this chip will be

operated under high drive powers, it is important to study the gain and phase distortion

vs. input power. The gain follows the usual compression curve, but the phase starts

to distort at an input power of > -10 dBm for 22.5°, 45°, and 67.5° phase states (Fig.

3.6(b)). This is because compression begins for different input power levels for the I-

and Q-path transconductance stages. For the 22.5° phase state, the linearity of Q-path

transconductance stage is much smaller than I-path due to the lower DC bias current (II
= 9.8 mA, IQ = 1 mA). As a result, the amplitude mismatch between the I/Q ac currents

combined at the load (iI and iQ) increases at higher input power even though the power

is less than IP1dB (Fig. 3.6(a)), and hence an output phase error occurs.

Still, for radar operation operating at PSAT , the input power of the active phase

shifter is -2 dBm from the 1:4 active divider and the resulting phase distortion at different

phase states are < 15°, which can be calibrated out using the additional trim bit in the

DAC (see Section 3.3.2).
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3.2.4 Power Amplifier

The power amplifier (PA) is a two-stage cascode design with a total bias current

of 53.4 mA from a 3 V supply. The bias conditions of the first and second stages are

optimized as class A and class AB, respectively. Since this is a relatively high-power

amplifier with PSAT=15 dBm, the selection of the transistors and their layout is essential

for proper operation. In this design, transistors with W/L = 30/0.12 µm and 90/0.12

µm for the first and second stage, and the interconnects are modeled using Sonnet. The

inductors are designed with 9 µm wide line for improved Q (~14 at 9.5 GHz) and the

layout is entirely symmetrical with top and bottom inductors. Also, the edge-to-edge

separation between the first and second stage inductors is >100 µm which ensures a

coupling of <-30 dB. The simulated small-signal gain is 17 dB at 9.5 GHz with differ-

ential output impedance of 100 Ω.

The measurements on the PA are presented here for completeness and since they

do not fit in the phased-array measurement section. The power amplifier was tested on

an individual breakout chip with the input and output balun losses deimbedded. Mea-

surements indicate a gain of ~17 dB with a 3-dB bandwidth of 8.1-11.3 GHz (Fig.

3.7(a)). The measured OP1dB and PSAT are 11 dBm and 15.5 dBm, respectively, at 9.5

GHz and with a peak PAE of 19% (Figs. 3.7(b) and 3.8). Note that there is an AM to

PM distortion of -5° and -12° at the P1dB and PSAT powers, respectively, and again, this

can be calibrated out for radar application (see Section 3.3.2). Finally, the measured

output 2nd and 3rd harmonic levels are at -32 dBc and -60 dBc for PSAT power levels

(note that this include the output balun filtering effect) (Fig. 3.9). All measurements are

in good agreement with simulations for the PA breakout, and compete well with X-band

results [56].

3.2.5 Input and Output Baluns

The input and output baluns are built using vertical magnetic coupling between

the top two metal layers (MA and E1) (Fig. 3.10). The balun also act as ESD circuits

since they provide a wideband short-circuit to ground at low frequencies. An additional

LC matching network (C1 and L3 for input balun, and C3 and L3 for output balun) is
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used to provide very wideband input and output impedance matching so as to result in

easy bondwire attachment and PCB matching circuits. The simulated losses of the input

and output baluns are 1.7-1.8 dB at 7-11 GHz with a differential impedance of 100 Ω.

Note that the output balun also provides substantial filtering at the 2nd (-5.7 dB) and 3rd

(-33.5 dB) harmonic frequencies.

3.2.6 Bias and Control

The layout is done in a symmetrical fashion and every differential stage contains

a top and bottom inductor for the RL loads (Fig. A.4). This design was preferred over

differential inductors due to symmetry. The chip size is 2.9×3.0 mm2 and consumes 79

mA (2 V) and 237 mA (3 V), for a total power consumption of 870 mW. The 3 V supplies

pins are at the top and bottom of the chip to reduce the IR drop to the power amplifiers

and for added isolation between channels 1 and 2, and 3 and 4. The VDD plane covers

most of the available chip area using E1 metal layer which is placed between MA and LY

ground planes. High density MIM capacitors (2 fF/µm2) are used for supply decoupling

and the total capacitance of ~200 pF is distributed over the chip area.
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The chip is controlled using a parallel interface. Each channel stores the phase

and amplitude data on a 7-bit (4 for phase and 3 for amplitude) register, and a 2-to-4

address decoder allocates the address to each register by an enabling clock signal. The

digital signal routing is done using M2 or M3 and are shielded by M1 and MQ ground

planes to isolate the digital switching noise from the analog path.

3.3 Measurements

3.3.1 S-Parameter Measurements: Small Signal

All measurements are done on-chip with ground-signal-ground (GSG) probes

and a short-open-load-thru (SOLT) calibration to the probe tips. The bias voltages are

supplied using a DC bias probe on the north and south side of the chip. No oscillations

have been recorded from DC-40 GHz, either at the RF probes or the DC probes. The

chip was biased at 2 V, 79 mA, and at 3 V, 237 mA for all measurements below.

Fig. 3.12 presents the measured and simulated S-parameters under small signal

conditions. The measured S11 and S22 is < -10 dB from 7.5-11 GHz. The measured

gain peak shifted from 9.0 GHz to 8.7 GHz, and we believe that this is due to the

transmission-line sections inside the 1:4 cascode divider stage (between the cascode

stage and RL load). The 3-dB bandwidth is 7.9-9.6 GHz with a gain of 15.5 dB at

8.7 GHz which is suitable for both communication and radar applications. The four

channels showed nearly identical response (< ±0.5 dB) and therefore only one channel

is shown. The amplitude and phase trim bits were used in the vector modulator in order

to get a very low rms gain and phase error, as shown in Fig. 3.12, and with no phase

cross-overs. The measured gain and phase at 9.0 GHz on a polar circle is also shown

(Fig. 3.13). Overall, except for the gain reduction, the measurements agreed well with

simulations.

3.3.2 S-Parameter Measurements: Large Signal

The measured output power vs. input power are shown in Fig. 3.14(a) with a best

P1dB and PSAT of 8.8 dBm and 13.6 dBm, respectively, at 9.0 GHz. This is expected
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knowing that the output balun and GSG pad loss is ~2 dB and the power amplifier

delivers a PSAT of 15.5 dBm. These values are achieved at the phase state with the

highest gain, and the average P1dB and PSAT over all phase states are ~0.7-0.8 dB lower.

The measured phase distortion vs. power level is shown in Fig. 3.14(b). Note that this

overall phase distortion takes into account the 1:4 active divider, phase shifter and the

power amplifier AM to PM distortion components. This distortion can be calibrated out

vs. input power and has virtually no effect on the radar operation.

The measured S-parameters of a single channel at POUT = 12-13 dBm is shown

in Fig. 3.15. In this case and due to the gain compression, the VGA is not used. The

average gain is ~11.5 dB (4 dB compression from the small signal values) with a peak-

to-peak variation of 1.5 dB vs. all phase states and an rms gain error of 0.5 dB. The rms

phase error is ~4-5°at 8.5-9.5 GHz, which is much lower than the 4-bit requirement.

There are also no cross-overs in the phase shifts. The chip is therefore suitable for radar

applications at 8.5-9.5 GHz with very low rms gain and phase errors, even under PSAT
conditions.

3.3.3 Spectral Regrowth and EVM

Fig. 3.16 presents the measured spectral regrowth at 8.7 GHz vs. different output

levels for 20 MSym/s QPSK and BPSK modulation. It is seen that an output power of

up to 4-5 dBm (OP1dB-4 dB) results in very little spectral regrowth as expected. This

is done at an input power of ~-12 dBm, and the 1:4 active divider and the phase shifter

both have virtually no phase distortion. At close to PSAT , the spectral regrowth is not

acceptable for communication systems. The measured EVM is 2-2.5% up to an output

power of 5 dBm, and then increases rapidly at higher PSAT values, as expected (Fig.

3.17). The I/Q constellation for a 20 MSym/s is shown and is near ideal up to 5 dBm

(Fig. 3.18). The EVM values are 0.5-0.6% higher than measurements done on a PA

breakout alone, indicating that the phase shifter and 1:4 active divider are contributing a

small amount of additional error.
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Figure 3.16: Measured output spectrum for (a) QPSK and (b) BPSK modulation at

different output power levels.

3.3.4 On-Chip Coupling

The coupling between the channels was measured according to [46] and is <-42

dB for neighboring channels at 7-11 GHz. This is due to the differential nature of the

chip, and such low levels have been measured before on similar multi-channel chips

[7, 34]. The coupling increases when the chip is placed in a package due to bondwire

and ground inductance, and this is presented in Section IV.

3.4 Packaging

The 4-element chip was packaged in a chip-on-board (CoB) implementation and

in a 6×6 mm2 QFN package with a standard 0.5 mm pitch lead frame (Fig. 3.19). Both

are assembled on a Rogers RT5880 printed-circuit board (PCB) with Er=2.2 and t=10

mils with a large ground pad underneath the chip or QFN pedestal. A mold compound

of Er=4.2, tanδ=0.015 is used inside the QFN, but the CoB implementation does not use

any glop-top material over it. Bondwires with 1-mil diameter are used to connect the
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RT5880 substrate
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CMOS chip to the board or inside the QFN package.

The electromagnetic coupling environment between the 4 CMOS RFIC output

ports is shown in Fig. 3.20 for the CoB and QFN implementations. The on-chip trans-

formers on the silicon chip, bond-wires, QFN pedestals, and transmission-lines and sur-

rounding vias are all placed into Ansoft-HFSS and modeled together. Ports 1,2,3,4 are

differential on the silicon chip, while Ports 5,6,7,8 are single-ended on the PC board.

Note that grounded CPW lines are used around the chip to raise the ground plane to

the top PCB surface and reduce the ground plane inductance. A maximum channel-

to-channel coupling of < -34 dB and < -29 dB is achieved for the CoB and QFN im-

plementations at 9 GHz (Fig. 3.20(b)). For the QFN implementation, and due to the

relatively long signal and bondwires used, two ground bond-wires are needed between

the signal ports in order to get high isolation, and this is the primary reason why a 6×6

mm2 QFN package is used (instead of a 5×5 mm2 package) (Fig. 3.21). The simulated

insertion loss is < -1.3 dB at 7.5-9.5 GHz due primarily to the balun loss. However, this

is lower than the simulated loss of the balun itself as shown in Fig. 3.10(b) due to the

discretization of HFSS for such a large electromagnetic problem (finer discretization is

used when simulating the balun alone).

The electromagnetic model also results in the SNN at all ports and a matching

network is then placed on the PC board for a 50 ohm impedance match. However,

in the QFN case, the capacitance of the lead frame bond pad presents a near perfect

compensation of the bond-wire inductance at X-band (~0.7 nH), and a matching circuit

is not needed on the PC board. For the CoB case, a simple capacitive matching network

is used. Similar impedance matching is done at the input port (not shown).

The circuit environment with packaging effect is shown in Fig. 3.22. In this case,

the CMOS Cadence library models are used for all circuit components except for the

input and output transformers. These are now embedded in the EM transition model, and

an 8-port S-parameter matrix is used to account for the baluns and the bondwire/package

coupling effects. This model also takes into account the additional ground inductance

at the balun grounds which affects the coupling between the ports. A similar procedure

is done on the input port, but in this case, it is just a two port S-matrix for impedance

matching, and no coupling is present. Additionally, power supply inductance and ground
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in a package using HFSS, and (b) the resulting S-parameters.
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Figure 3.21: Bonding diagram of X-band phaased-array transmitter chip in a QFN pack-

age.
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Figure 3.22: Circuit environment of the packaged phased-array transmitter including
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Rogers RT5880 substrate and (b) close-in view of QFN and chip-on-board.
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inductance are also taken due to the packaging effects. Simulations on the entire chip

with ground inductance show no packaging detrimental effect (same S-parameters as

Section 3.3.1) due to the differential circuits used. Therefore, the main effect of the

packaging is the electromagnetic coupling between the elements.

The CoB and QFN implementations are shown in Fig. 3.23 together with the

entire board. Note the grounded-CPW environment around the chip with transitions to

four equiphase microstrip lines. The additional loss referenced to the SMA connectors

is ~1.4 dB at 9 GHz (2×0.5 dB SMA connector loss and 0.4 dB microstrip line loss).

The measured S-parameters referenced to the SMA connectors are shown in Fig. 3.24

for the CoB and QFN implementations. It is seen that the channels are well balanced

(average gain shown for 16 phase states for each channel) and that the CoB results in

slightly higher gain than the QFN implementation. Also, there is ~2 dB drop in the CoB

gain as compared to the average gain of a chip measured with GSG probes which is

close to the expected value of ~1.4 dB. The QFN package showed an additional drop in

gain, partly due to the high S11 of 8.5-10.5 GHz (-10 to -7 dB). It is not clear why the

QFN gain difference is much higher than expected at 9-11 GHz.

The measured output PSAT is also shown in Fig. 3.24(c) and is 2.0-2.5 dB lower

than the GSG probe measurements for the CoB and QFN implementations. Still, this

chip delivers 11 dBm of power per channel at the output of the SMA connectors (13

dBm on-chip), which is the highest so-far from a CMOS chip at X-band frequencies.

The coupling between the channels was determined by measuring the output of

channel 1 at a fixed phase setting and changing the phase of channels 2, 3, 4 from 0-

360° (one channel at a time) [46]. This results in an amplitude and phase modulation

in channel 1 bounded by (1+c) and (1-c) in amplitude and ±tan−1(c) in phase, and can

be represented as an rms gain and phase error in channel 1. For c=0.018-0.036 (-35 dB

to -29 dB), the equivalent rms gain and phase error is 0.1-0.2 dB and 1-2°, respectively

(Fig. 3.25(a)).

Fig. 3.25(b) presents the measured rms gain and phase error vs. frequency

for channel 1 when the phase of channels 2,3,4 are changed. Both the CoB and QFN

resulted in nearly the same coupling for channel 2 and the QFN results are shown. As

expected, the maximum coupling occurs between channels 1 and 2, with an rms gain
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error of <0.2 dB and ~1° at ~8 GHz. This is equivalent to a peak coupling of -29 to -30

dB as expected from simulations. Note that QFN channels 3 and 4 show a wideband

coupling characteristic of -35 dB which may be due to VDD coupling and to the silicon

RFIC/package/PC board ground inductance. For the CoB, channels 3 and 4 result in a

wideband coupling characteristics of -45 dB (rms gain and phase error <0.05 dB and

<0.5°.) showing the reduced ground and VDD inductance of this implementation.

3.5 Conclusion

This paper presented a 4-element high-power phased-array transmitter capable

of operation in a communication or a radar mode. It is found that the vector modula-

tor phase shifter and the power amplifier result in phase distortion vs. power but these

can be calibrated out in radar mode operation. For communication systems, it is best to

operate below the output P1dB level for complex constellations. The chip has been pack-

aged using CoB and QFN techniques, and the CoB results in higher ultimate isolation

between the channels (-45 dB) as opposed to the QFN (-35 dB). However, both result in

nearly the same isolation between the neighboring channels (~-30 dB) which is primar-

ily limited by bond-wire coupling. This work shows that complex phased-arrays with

multiple channels can be packaged in low-cost QFN packages for X-band applications.
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Table 3.2: Summary of the Performance

Technology IBM8RF 0.13-µm

CMOS

Frequency Band 7.9–9.6 GHz

Supply Voltage 2.0/3.0 V (analog), 1.5

V (digital)

Power Consumption 870 mW

Chip Area 2.9×3.0 mm2

Phase Resolution 4-bit (+ trim-bit)

Gain Control 5 dB (3-bit)

Peak Average Gain 15.5 dB (Linear-mode)

11.5 dB (Saturated-

mode)

rms Gain Error < 0.5 dB (calibrated)

rms Phase Error < 6° (calibrated)

Max. Output Power (PSAT ) 13.6 dBm (On-Chip)

11.0 dBm (QFN, CoB)

Coupling between Channels <-41 dB (On-Chip)

<-29 dB (QFN, CoB)
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CMOS for Radar and Communication Systems,” IEEE Trans. Microw.

Theory Tech (in review).



Chapter 4

12 Gbps 4x4 Switching Matrices in

0.13-µm CMOS

4.1 Introduction

Switch matrices are used in reconfigurable communication systems, optical net-

works, and automated test equipment, and they are generally based on low-loss metal-

contact relays (for ATE and satellite communications), active III-V and SiGe technolo-

gies (data networks), or pin diodes (communication systems) [57–61]. RF MEMS

switches have been proposed to replace the switching matrices in ATE or commuca-

tion systems due to their much longer life, smaller size and excellent isolation, and

several switch matrices were demonstrated at DC-12 GHz with low loss [62–65]. How-

ever, advances in CMOS electronics, especially at the 130 nm to 65 nm nodes, allow

for high-performance transistors that can be used in low-loss/high-isolation switching

matrices. For example, SP4T switches have been demonstrated at 0.01-67 GHz with

low loss [?].

This paper presents a high isolation 0.01-8 GHz 4×4 switch matrix in CMOS

technology. The 4×4 switch does not consume any power and can be used in the receive

section of complex multiband communication systems [22] or as a crossbar switch for

data networks [57,58,61,64]. Note that traditional crossbar switches are based on active

cascode-transistor switches and consume a lot of DC power, while this implementation

67
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is entirely passive. A high isolation switching cell is first presented and optimized, and

is then implemented in the 4×4 switch matrix. The design is scalable to higher number

of ports and to wider bandwidths using advanced CMOS nodes.

4.2 Design

Fig. 4.1 presents a block diagram of two versions of the 4×4 switch matrix. In

the first design, the 4 inputs ports are connected to any one of the 4 output ports by

selecting the appropriate switches. In the second design, the input ports (and output

ports) may be terminated by a matched load and not connected to any port, and this

is achieved using a switched load at the end of the transmission line. Both are quite

common in switching matrices depending on the application. In both designs, the unit

switching cell is based on a series-shunt-series switch and is connected in a 4×4 grid

across the input and output. The series-shunt-series switch results in high isolation, an

open circuit on both ports, and does not load (or short) input/output ports when not

engaged.

There are two important design considerations for the 4×4 switch matrix: 1)

A high-isolation transmission-line cross-over and 2) a low-loss switch. The 50 Ω

transmission-line is implemented as a coplanar-waveguide (CPW) configuration in the

silicon metal-backend (IBM8HP but only the 0.13 µm CMOS part is used for the tran-

sistors) with dimensions of 11/12/11 µm and a simulated loss of 0.07-0.22 dB/mm at

1-8 GHz (Fig. 4.2). The CPW cross-over is implemented using the AM and LY metals,

and has a simulated isolation of> 46 dB up to 8 GHz with negligible insertion loss (Fig.

4.3). A high isolation is possible due to the narrow CPW line width and relatively large

dielectric spacing between the lines (4 µm).

The IBM8HP deep n-well switch is used to reduce the loss arising from the sub-

strate contact resistance, which results in an excellent figure of merit (FOM = RONCOFF )

(Fig. 4.4). A deep n-well increases effective substrate resistance and minimizes the ca-

pacitance between the body and substrate without latch-up problems. The transistor

body and n-well are tied to ground and VDD, respectively, using R = 20 kΩ to eliminate

any RF leakage (Fig. A.2(a)). Fig. 4.4 presents the simulated RON , COFF and FOM for
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the deep n-well switch with widths of 25, 50 and 100 µm. The FOM is 217 fs for a 50

µm switch and is competitive with GaAs devices [60], [66, 67].

A Sonnet [45] model of the series-shunt-series switch cell is also shown in Fig.

4.3(a). Note that the series transistors are located close to the transmission-lines in order

to minimize the off-state capacitance (i.e., no open stub connected to the transmission

line). Also, a ground island is placed in the middle of the switch and is connected to

the MQ layer for added isolation. The shunt transistor is connected to the MQ layer at

its source terminal and results in a very low inductance to ground. The transmission-

lines, cross-overs, and via connections are simulated in Sonnet with internal ports for

the transistor switches. This switch cell is then placed in Cadence and the 4×4 switch

matrix is optimized by varying the series transistor size.

The series-shunt-series switch is first optimized with 50 Ω ports using the IBM

transistor model. Fig. 4.6(b) presents the simulated insertion loss and isolation with a

shunt transistor width of 50 µm. The switches are surrounded by deep trenches which

enhances the isolation between adjacent switches (Fig. 4.5(b)). A series transistor size

of 50-150 µm results in an insertion loss of 1.7-1.0 dB and an isolation of ∼43 dB at

6 GHz. A parametric study vs. the shunt transistor size indicates that a 50 µm wide

transistor is the best compromise between high isolation (100 µm wide transistor is

better but with higher insertion loss) and low insertion loss (25 µm wide transistor is

better but with lower isolation).

The series-shunt-series transistor is not used in a stand-alone 50 Ω circuit but in

a distributed 4×4 switch matrix. When an input port is connected to an output port using

a series-shunt-series switch in the “pass” state, three switches are still connected to the

transmission-line each in the “isolation” state and with their own loading capacitance.

These “isolation” switches add to the overall 4×4 switch matrix loss by shunting some

of the RF current to ground, and therefore, the series switches must be as small as

possible. On the other hand, the series switches must be as large as possible to result in

a low insertion loss in the “pass” state. A compromise is therefore required for the series

transistor size. The insertion loss and isolation are simulated including the matching

inductor (L=838 pH, Q=5.0-15.8 at 1-8 GHz) and the effect of COFF and RON (Fig.

4.6). A 70 µm series transistor results in the best compromise between insertion loss
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and isolation. A matching inductance is required at the input and output ports in order

to compensate the capacitive loading on the line and create a low-pass LC matching

network.

Design #1 (Fig. 4.1 with no matched load) results in an insertion loss of 1.4-3.3

dB with an isolation of 58-36 dB at 1-8 GHz. Design #2 (Fig. 4.1) is optimized using

the same technique, and a 15 µm series transistor with a matched load is placed at the

end of each transmission line. This series transistor is connected to a 50 Ω load and can

greatly increase the insertion loss if a large width is chosen. The simulated insertion loss

and isolation are 1.4-3.7 dB and 58-37 dB at 1-8 GHz when the ports are connected to

each other.

The simulated input P1dB and IP3 for both designs are 9-8 dBm and 27-28 dBm,

respectively, at 1-8 GHz. The slight P1dB drops with frequency due to the LC matching

network which acts as a voltage transformer and increases the effective RF voltage at

the series-shunt-series switch.
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4.3 Measurements

The 4×4 switch matrix is shown in Fig. A.4. Two chips were fabricated, one

with the switched load (Design #2) and one without the switched load (Design #1 -

not shown since it is very similar to Fig. A.4 except for the end section). The control

voltages are 1.5 V with near zero current consumption. Measurements are done on-

wafer using GSG probes and an SOLT calibration, and this places the reference plances

at the probe tips.

Fig. 4.8 presents the measured reflection coefficient and insertion gain vs. dif-

ferent switch matrix configurations. The lowest loss is achieved when ports 1 and 2 are

switched together, while the highest loss is achieved when ports 7 and 8 are switched

together. The measured insertion loss is ∼0.5 dB higher than simulation due to inac-

curacy in the switch resistance model. At 8 GHz, the insertion loss is 3.3±0.3 dB for

all switching combinations (Design #1). As expected, Design #2 results in a slightly

larger insertion loss due to the switched-loads at the end of the transmission-lines. The

insertion loss at 3 GHz is 2.2-2.3 dB for both designs.

The measured isolation is also presented over a large number of switch configu-

rations and is better than 46 dB up to 8 GHz (Fig. 4.9). The discrepancy above 3 GHz

is due to a non-accurate IBM switch model (RB and RBC are layout dependent and hard

to model). For Design #2, measurements are also presented when an input port is termi-

nated and the isolation between this input port and all the output ports is obtained. Note

that the isolation is virtually identical for all measured switch configurations showing

the repeatability of the series-shunt-series switch and the ground inductance.

The CMOS switches do not handle a lot of RF power since self-biasing occurs at

the gate when the switch is in the off-state position and this can turn the switch to the on-

state (or slightly bias the channel thus changing the switch charateristics). The measured

input P1dB is 9-10 dBm and the measured input IP3 is 28-30 dBm and both agree well

with simulations (Fig. 4.10(a)). These values are acceptable for many communication

systems (receive port only) or N×M switching systems. The switch matrix maintains a

very high isolation for all input powers, and this is due to the series-shunt-series design

(Fig. 4.10(b), also see [68] for more details).

The 4×4 switch matrix was also tested when used for networking systems since
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it has a group delay variation of < 6 ps up to 8 GHz (Fig. 4.11(a)). A 3-12.5 Gbps

ASK non-return-to-zero signal was used with a power of 1.5 dBm at the input port, and

the signal was switched to different output ports. The measured output eye diagram is

shown in Fig. 5.14, and the BER was < 10−12 up to 12.5 Gbps for the “insertion loss

state” with a measured rms jitter of 4±0.5 ps. The 4×4 switch isolation is so high that

the tester could not lock or measure a BER for the isolated ports.

4.4 Conclusion

This work presented a 0.01-8 GHz 4×4 CMOS switch matrix with low insertion

loss and high isolation. The CMOS switch matrix consumes ∼0 mW, has high linearity

and adequate power handling for receive systems and backplane switching networks.

The switch matrix can be scaled to a larger number of ports and higher frequencies using

advanced CMOS nodes. For example, the switch FOM in the IBM 45 nm CMOS SOI

technology is 75 fs and would allow for low-loss 8×8 switch matrices operating up to

40 Gbps together with equalizers and retimers on the same chip [69–72]. Furthermore,

the designs can be extended to differential circuits which are less sensitive to ground

inductance and are compatible with backplane data networks.
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Chapter 5

Scalable High Data-Rate Switching

Matrices in 45nm CMOS

5.1 Introduction

Switch matrices are multiple-input/multiple-output non-blocking switches com-

monly used in various communication systems including satellite communication [73–

75], multiband reconfigurable RF front-end, and digital/optical data communications

[23–32, 57, 58], and also in automated measurement system [76]. Switch matrices

provide signal routing thereby reducing the system redundancy and maximizing the

bandwidth utilization. Many different technologies are being used or proposed for

different applications starting from coaxial switches [76], RF microelectromechani-

cal systems (MEMS) switches [73, 74] to silicon integrated circuits using CMOS and

HBT’s [23–32, 57, 58, 75]. These various applications share common requirements: 1)

high fidelity of data transmission, 2) reasonable switching speed, and 3) high isolation

between ports. In [77], we have demonstrated that passive 0.13-µm CMOS switches

can be used for high data-rate networking with high isolation and near-zero power con-

sumption. This paper presents switching matrices with very high data-rate with low

power consumption and emphasis on scalability using 45-nm SOI CMOS technology.

An all-passive design maximizes the 3-dB bandwidth using only passive switches. The

bandwidth can further be increased by having active buffers to compensate for the switch

83



84

N
 Inputs

N Outputs

N:1
MUX

N:1
MUX

N:1
MUX

N:1
MUX

N Inputs N Outputs

Buffer Buffer

(a) (b)

1 2 3 n

1

2

3

n

Figure 5.1: Block diagram of switch matrices of (a) cross-point architecture and (b)

multiplexer-based architecture.

loss and boost the bandwidth even more (passive-active design). The designs are opti-

mized to achieve high-speed digital signal networking operation under consideration on

signal integrity and scalability.

5.2 Design

5.2.1 Scalable Architecture

Fig. 5.1 compares the two architectures in switching matrix designs: cross-

point and multiplexer-based architecture. Current-mode logic (CML) multiplexer-based

architecture uses multiple of N:1 multiplexers connecting each input port to the de-

sired output port. Most of the commercial switching matrices today are based on the

multiplexer-based architecture because it provides fast switching and regeneration of

signal wavefore. However, it consumes significant DC power. In contrast, the cross-

point architecture is composed of multiple overlapped vertical and horizontal transmis-

sion lines and switches placed at every cross-points. The switches at the cross-points

can either isolate the vertical and horizontal lines (isolation-state) or connect them to

each other (pass-state). It has advantage of low power consumption by using passive

switches and its simple structure offers very easy scalability of the matrix design.

Scalability of a passive cross-point architecture is limited by the shunt capaci-
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tances loaded to the signal line as N (number of input and output channels) increases.

Shunt capacitance comes from the off-state switches that are passed by the signal line

and, more importantly, the transmission lines which are not connected to the output

ports. They effectively become short open-stubs, which add significant capacitance

as N and their lengths increase. Fig. 5.2(a) shows the simplified model of a pas-

sive switch matrix when P7-P8 are connected (m = n = 3). Lstub1 and Lstub2 are

the lengths of transmission-lines with open end, which create effective capacitances of

Cstub = tan(βLstub)/wZO and increases abruptly as Lstub increases. This capacitance

creates a dominant pole for the switching matrices with N≥4 and as a result, the 3-dB

bandwidth drops rapidly as N is larger than 4 (Fig. 5.3). For this reason, the shortest

path (P1 to P2) becomes the limiting path for 3-dB bandwidth and the longest path has

higher bandwidth because it has the shortest Lstub.

The bandwidth limitation of the shortest path can be overcome by using an iso-

lation switch after each 2×2 cell as shown in Figs. 5.2(b) and 5.4. After unit switching

cell is turned on and becomes a “pass-state” (horizontal and vertical lines connected),

the isolation switch following this unit cell is turned off such that the open-ended trans-

mission line after the “pass-state” switch becomes very short irrespective of the size of

the switching matrix, i.e. Cstub becomes very small. As a result, overall frequency re-

sponse is dominated by the pass-state switch inside the unit cell and the 3-dB bandwidth

remains almost constant even when N increases to 12. However, the longest path is lim-

iting the bandwidth because COFF (capacitance of unit switching cell in isolation-state)
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and Risol
ON (on-state resistance of isolation switch) are accumulated and 3-dB bandwidth

shrinks as N becomes very large. The all-passive design using isolation switches can

maintain > 20 GHz up to 6×6 switching matrix.

In order to improve the bandwidth limitation of passive switch and also to main-

tain the scalability even when N is very large, active buffers can used. Moreover, broad-

band buffers using inductive-peaking can increase the overall bandwidth by compensat-

ing for the gain drop of passive switches at high frequency. In order to maintain the

scalable design, active buffers are placed before every 2×2 cells such that a (buffer)–

(2×2-cell)–(isolation-switch) comprises a unit that are duplicated over the matrix with

proper bias and control lines (Fig. 5.4). Simulated result shows that active-passive de-

sign can achieve >30 GHz 3-dB bandwidth and maintains scalablity even when N is

>12 (Fig. 5.3).

5.2.2 Passive Switch Design

The IBM 45-nm SOI CMOS process provides advanced switch performance

for high frequency operation. The 45-nm floating-body NFET switch provides very

low FOM (Ron·Coff) of ~80 fsec. In SOI process, buried-oxide (BOX) layer is placed

underneath the active layer. Since the bottom of source and drain touches the BOX

layer, junction area capacitance between source (or drain) and substrate is not present.

Instead, capacitance through the BOX layer (CBOX is present, but it is much smaller

than junction capacitance, and as a result, transistors are effectively isolated from the

low-resistivity (13.5 Ω·cm) silicon substrate [69]. Therefore, the substrate resistance

network which degrades the insertion loss and isolation of switch is no longer effective

in the SOI CMOS process. The backend provides 11 metal layers (10 coppers and one

aluminum top metal) which offers differential grounded coplanar-waveguide (G-CPW)

of 100 Ω characteristic impedance (Zdiff ) from 22/10/8/10/22 µm geometry. However,

differential 100 Ω lines are only used for connecting the RF pads to the active area

because they occupy a large space.

Crosstalk between channels is minimized in the unit switching cell by designing

the crosspoint layout and switch configuration to get the maximum isolation. As shown

from Fig. 5.6, a differential line crossover is implemented using top two metal layers
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(LB and UA) which has 4.25 µm distance between each other. A full electromagnetic

simulation is done using Sonnet [45] and differential-mode ensures a high isolation of

>60 dB up to 60 GHz. Stacked ground plane on B3 and B2 layer covers the area

underneath and isolates the interconnects between CMOS switches from vertical and

horizontal lines. A series-shunt-series switch is used as a unit switching cell instead of a

series switch in order to provide high isolation with a small penalty of ~1 dB higher loss

at 30 GHz. The interconnects between NFET switches are laid out carefully to minimize

the imbalance between (+) and (-) t-lines. The shunt switch remains small (7 µm) to

minimize the shunt capacitance when the unit switching cell is in pass-state. All CMOS

switches are connected to a 20 kΩ resistor at the gate to make the gate node floating and

hence improve the linearity. Also, an inverter is integrated in a unit switching cell to

turn on/off the shunt switch in an opposite polarity of series switches.
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A small dimension of a 2×2 cell is prefered in order to minimize the open-stub

effect described on Section 5.2.1. 100×100 µm2 ensures both low open-stub effect and

high isolation (>55 dB up to 60 GHz) between any two adjacent channels (Fig. 5.6). A

parametric sweep of series switch width on simulation of 2×2 switching cell (Wseries)

is done at 20 GHz over insertion loss, isolation, and 3-dB bandwidth of a unit switching

cell, and the optimum value of 40 µm is chosen for the maximum 3-dB bandwidth (Fig.

5.7).

A 2×2 switch simulation including all the interconnect layout effects shows a

3-dB bandwidth >24 GHz and an isolation >40 dB up to 40 GHz (Fig. 5.8). Although

a DC loss of 1.8 dB is shown it can be compensated by active buffers.

5.2.3 Bandwidth Extension using Inductive-Peaking Amplifier

Inductive peaking amplifiers can achieve a high bandwidth with low DC power

consumption compared to distributed amplifiers [78–81]. An inductor is placed in par-

allel with output capacitance of transistor to provide a zero in load that compensates

for the decreasing impedance at higher frequency (shunt peaking), or in series to sepa-

rate the poles coming from the device output capacitance and from the following stage

(series peaking). These two techniques can also be used at the same time (shunt-series

peaking) to maximize the bandwidth enhancement ratio (BWER), which is the ratio of

3-dB bandwidth of the inductively compensated design to that of uncompensated case

(wu = 1/RC). BWER is determined by m = L/R2C, which is the ratio of time con-

stant of RL network (L/R) and RC network (RC) [79].

In order for the amplifier to be used in the matrix, it must 1) compensate for

the higher loss of passive switches at the higher frequency, 2) not increase the group

delay variation (GDV), and 3) be placed before every 2×2 cell so that scalability of the

matrix design is maintained. The GDV is also an important factor on the broadband

design since it dominates the timing jitter. Therefore, since a maximum BWER design

introduces added GDV, the buffer design has to be optimized to get a large BWER and

low group delay variation at the same time. The voltage gain of the amplifier can re-

main small (<2 dB) only to compensate for the loss of switches. Fig. 5.9 shows the

schematic of the buffer which consists of a common-source stage with shunt-peaking
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load and a source-follower stage. Source-follower stage is needed to provide a low out-

put impedance and to level shift the buffer output node voltage because all circuit nodes

are DC-coupled. The first stage dominates the frequency response since the source-

follower creates a very high frequency pole far away from the dominant pole, and Fig.

5.9(b) presents the simplified small-signal model of the first-stage. Values of R and L

decide the DC gain and a zero frequency, and also a small capacitor C is inserted in par-

allel with inductor L such that it creates an extra pole and a zero frequency and makes

flatter gain response. A flatter response is preferred because otherwise when the sig-

nal passes by multiple buffers the overall response will result in an excessive peaking.

In other words, the gain peaking of a buffer has to be large enough to compensate for

the gain drop when a pass-state switch follows and small enough not to create a large

peaking when isolation-state switch follows.

The R, L, and C values of 80 Ω, 390 pH, and 26 fF was chosen after optimization

of gain and GDV when a buffer and a 2×2 cell are connected together (Fig. 5.10). The

simulation results in a staggered response that extends the 3-dB bandwidth by 42 % (24

GHz to 34 GHz) and maintains the small group-delay variation of <±2 psec.

5.3 Measurements

Fig. 5.11 shows the microphotograph of two designs of 4×4 switching matrices:

all-passive and passive-active designs. The chip dimensions of both designs are 1.4×1.4

mm2. Note that the dimension is expanded to fit the dimension of 100 µm-pitch GSSG

differential pads. The active region is only 0.7×0.9 mm2 and rest of the area is occupied

by the transmission lines connecting the active region to the RF pads.

On-chip S-parameter measurement was done using Agilent N5242A PNA-X 4-

port network analyzer which enables true differential measurement up to 26.5 GHz.

Ground-signal-signal-ground (GSSG) RF probes were used at the input and output, and

a short-open-load-thru (SOLT) calibration was done to place the reference planes to the

probe tips. A parallel control signals of 1.0/0 V for each unit cells are injected from

the east and south DC pads. All-passive design includes passive switches and digital

circuits, and hence consumes near-zero DC power. Passive-active design includes eight
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Figure 5.12: Measured and simulated return loss, insertion gain, isolation and group

delay of (a) all-passive and (b) passive-active 4×4 switch matrix.
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Figure 5.12: Measured and simulated return loss, insertion gain, isolation and group

delay of (a) all-passive and (b) passive-active 4×4 switch matrix. (cont.)
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active buffers which are placed after every 2×2 cells. Each active buffer consumes 15.7

mA from 1.8 V supply. Therefore, the total dc power consumpation of a passive-active

4×4 switching matrix is 241 mW.

Fig. 5.12 presents the measured and simulated S-parameters of two designs of

4×4 switching matrix. The return loss is less than 8 dB up to 26.5 GHz at both input and

output for both of the designs. The insertion losses shown are S21, S43, S65 and S87 when

P1-P2, P3-P4, P5-P6, and P7-P8 are connected. The insertion loss of all-passive design

is 5-6 dB at 20 GHz depending on the signal path. There are differences between S21,

S43 and S65, S87 because isolation switch adds ~1 dB of loss. The 3-dB bandwidth is

20-25 GHz, which enables ~30 Gbps of signal transmission. The passive-active design

results in the insertion loss of 2.0–2.9 dB at 20 GHz for four different paths and the

3-dB bandwidth is more than 26.5 GHz (32 GHz in simulation) as a result of active

buffers. The measured gain is approximately 1 dB lower than simulation at 20 GHz due

to inaccurate modeling of CMOS switch in high frequency.

The isolation plots are presenting the S41, S61 and S81 when P1-P2, P3-P4, P5-

P6, and P7-P8 are connected, which shows the measured isolation more than 38 dB up

to 26.5 GHz for both designs. However, since it is not possible to terminate port 2 with

50 Ω load when measuring the isolation at ports 4, 6, or 8, the isolation measurement

shows some ripple as a result of reflection from the open circuit port. This effect and an

inaccurate switch model account for the discrepancy between simulation and measure-

ment.
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Figure 5.14: Measured eye diagrams of (a) all-passive and (b) passive-active 4×4

switch matrices for PRBS input signals of different data-rates.
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Figure 5.15: Comparison of eye diagrams of out of THRU pattern and switching matri-

ces.

The measured group delay of all-passive design is 20-30 psec (±5 psec) from

DC to 26.5 GHz. For passive-active design, active buffers also help reducing the group

delay variation as described on Section 5.2.3. The resulting group delay variation is less

than ±2 psec regardless of the signal path which is enough to transfer 40 Gbps signal

with low horizontal variation in the eye diagram.

The P1dB of the matrix is measured to show the large-signal characteristic (Fig.

5.13). The all-passive design shows the measured P1dB of ~10 dBm up to 18 GHz. It

is limited by the power-handling of SOI CMOS switches. The P1dB of passive-active

design is limited by the buffer which has IP1dB of ∼-6 dBm at 20 GHz. The measured

IP1dB of the passive-active 4×4 switching matrix is -5 to -9 dBm from 2 to 26.5 GHz.

The power handling gets smaller as the frequency goes higher as a result of higher

voltage swing at the inductor load of the shunt-peaking buffer.

In order to verify the signal integrity of the signal passing through the switch

matrix, the eye diagram of 4×4 switching matrix is tested using an Agilent 86100A

DCA wide-bandwidth sampling oscilloscope. A differential 19-44 Gb/s pseudo-random

binary sequence (PRBS) pattern of 231-1 is generated from a Centellax TG1P4A pulse

pattern generator with an input peak-to-peak voltage of 295 mV. The input voltage swing

is adjusted by coaxial attenuator not to inject power-level beyond power-handling capa-
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bility of the DUT. The measured eye diagram shows good eye openings for all-passive

design up to 31.5 Gbps. Passive-active design achieves good openings up to 44 Gbps as

a result of higher bandwidth (Fig. 5.14). Passive-active design shows also cleaner (lower

jitter) eye diagrams than all-passign design which seems to be as a result of lower group

delay variation of passive-active design.

The digital sampling scope shows the jitter components from the measured eye

diagram but these values are not from the DUT alone. The measurement setup requires

bias-tees at the input and output of the switching matrix and attenuators at the input

to adjust the input power. These additional components and RF cables between DUT

and measurement instrument generate jitter by reflections and frequency cut-offs. In

order to quantify the jitter contribution of the 4×4 matrix alone, a THRU pattern from

GGB CS-5 calibration substrate is probed and tested on the same measurement setup.

Then the measured pattern will be the smallest jitter that can be measured for the given

system. As shown from Fig. 5.15, for 40 Gbps signal from pattern generator, THRU

pattern result in rms jitter of 1.1 psec, whereas passive-active switching matrix shows

more noisy eyes and rms jitter of 1.9 psec. Assuming that the jitter from the system and

matrix is uncorrelated, the RMS jitter contribution of the 4×4 switch matrix is less than

0.9 psec. 5.16 shows the estimated rms jitter component of 4×4 switching matrix alone,

which is less than 1.0 psec up to 44 Gbps.

5.4 Conclusion

This paper presented all-passive and passive-active 4×4 switching matrices us-

ing advanced 45-nm SOI CMOS. A cross-point architecture with passive CMOS switch

was used to achieve switching with near-zero power consumption. Scalability of all-

passive design is maximized by introducing isolation switches placed after every 2×2

switching cells. A inductive-peaking buffers are used on passive-active design in order

to further increase the bandwidth of the matrix. The eye-diagram measurement shows

that all-passive design can route signals up to 30-Gbps of data-rate and passive-active

design can achieve up to 44-Gbps. The scalability of passive-active design maintains

constant 3-dB bandwidth up to more than 12×12 matrix. This design is expected to be
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a good candidate to replace the existing multiplexer-based switching matrices for low

power design.
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Chapter 6

Conclusion

This thesis presented packaged X-band phased-array transmitter and receiver,

and high data-rate switching matrices using advanced CMOS processes. CMOS in-

tegrated circuit of 9-10 GHz phased-array receiver and transmitter was designed and

measured. In addition, packaging of the phased-array chips on teflon board was demon-

strated and characterized intensively, especially on the coupling between channels. Also,

CMOS switching matrices for high data-rate using cross-point architecture which con-

sumes very low dc power was implemented.

In chapter 2, a high-linearity, 4-element X-band phased array was demonstrated

using 0.13 µm CMOS technology. A single-ended design was used and optimized archi-

tecture results in low power consumption, and low noise figure. The measured on-chip

coupling is very low (<-40 dB) and does not degrade the performance of phased-array

operation. The phased-array chip was then mounted on a Teflon substrate using bond-

wires. Simulations and measurements show that with high isolation bond-wire design,

the channel-to-channel coupling (∼-31 dB at 9.5 GHz) is determined by the overall

ground inductance, and results in ∼0.15 dB and 0.9° of additional rms amplitude and

phase error. This work shows that one can use chip-on-board packaging for X-band

silicon phased arrays with a large number of input channels.

Chapter 3 presented a 4-element high-power phased-array transmitter capable

of operation in a communication or a radar mode. It is found that the vector modulator

phase shifter and the power amplifier result in phase distortion vs. power but these can be

calibrated out in radar mode operation. For communication systems, it is best to operate
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below the output P1dB level for complex constellations. The chip has been packaged

using chip-on-board (CoB) and QFN techniques, and the CoB results in higher ultimate

isolation between the channels (-45 dB) as opposed to the QFN (-35 dB). However, both

result in nearly the same isolation between the neighboring channels (~-30 dB) which

is primarily limited by bond-wire coupling. This work shows that complex phased-

arrays with multiple channels can be packaged in low-cost QFN packages for X-band

applications.

Chapter 4 presented a 0.01-8 GHz 4×4 CMOS switch matrix with low insertion

loss and high isolation. The CMOS switch matrix consumes ∼0 mW, has high linearity

and adequate power handling for receive systems and backplane switching networks.

The switch matrix can be scaled to a larger number of ports and higher frequencies

using advanced CMOS nodes. Furthermore, the designs can be extended to differential

circuits which are less sensitive to ground inductance and are compatible with backplane

data networks. This work showed a possibility of high data-rate switching matrix using

passive CMOS switches.

Chapter 5 presented all-passive and passive-active 4×4 switching matrices using

advanced 45-nm SOI CMOS. A cross-point architecture with passive CMOS switch was

used to achieve switching with near-zero power consumption. Scalability of all-passive

design is maximized by introducing isolation switches placed after every 2×2 switching

cells. An inductive-peaking buffers are used on passive-active design in order to further

increase the bandwidth of the matrix. The eye-diagram measurement shows that all-

passive design can route signals up to 30-Gbps of data-rate and passive-active design

can achieve up to 44-Gbps. The scalability of passive-active design maintains constant

3-dB bandwidth up to more than 12×12 matrix. This design is expected to be a good

candidate to replace the existing multiplexer-based switching matrices for low power

designs.



Appendix A

2×2 and 4×4 CMOS Switching

Matrices for 0.01–12 GHz Applications

A.1 Introduction

Switching matrices are an important circuit block in satellite communications,

reconfigurable radios and base stations, and are commonly implemented using mechan-

ical relays. The relays provide very low loss high linearity and power handling, and

therefore, can be used after the RF power amplifiers. However, this results in a large

system and with limited lifetime since the mechanical relays typically have a lifetime of

105-106 cycles.

This paper explores the use of CMOS switches as high performance switching

matrices. In this application, the CMOS switches are placed before the power amplifiers

(in the transmit mode) and after the low noise amplifiers (in the receive mode). In this

case, the isolation and linearity of the CMOS switch matrix are of utmost importance,

followed by a reasonable insertion loss and power handling capabilities. It is seen that

complex switching matrices can be built using standard 0.13 µm CMOS for 0.01-12

GHz applications and with good performance.
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Figure A.1: Schematic of 2×2 switching matrix.

A.2 2×2 and 4×4 Switching Matrix: Design

Fig. A.1 presents the layout of a 0.01-12 GHz 2×2 switching matrix, commonly

called a transfer matrix or a double-pole-double-throw switch (DPDT). In this case,

ports 1 and 3 are connected to ports 2 and 4 or ports 4 and 2, depending on the control

voltage. In order to get wideband performance and high isolation, a series-shunt-series

design is placed in every path. Also, inductors are used at the 4 RF ports in order to

result in a wideband match to 12 GHz.

The transistors are based on the deep n-well technology which enables the min-

imization of the capacitance between the body and the substrate without any latch-up

problems. The transistor body and n-well are tied to ground and VDD, respectively, us-

ing Rw=20 kΩ to eliminate any RF leakage. A high substrate resistance of 1 kΩ is used

to reduce the RF loss through the junction capacitances, CJ . The high RSUB is realized

by adopting very small substrate contacts (0.8×0.8 µm2) close to the nMOS transistor.

The transistors are surrounded with deep trenches that isolate the transistor active area

from the substrate. The deep trench has a depth of 6 µm, and increases the resistance be-

tween the junctions of two nMOS transistors, thus also improving the isolation between

the ports.
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isolation and reflection coefficient of a series-shunt-series cell at 12 GHz versus series

FET width.
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Figure A.3: Block diagram of 4×4 switching matrix.

An optimization was done in order to determine the best transistor sizes. Fig.

A.2(a) shows the full model of the series-shunt-series cell together with all the parasitic

capacitances and resistances. Fig. A.2(b) presents the insertion loss, isolation and re-

flection coefficient as a function of the series transistor width. This was done for several

shunt transistors, and Fig. A.2(b) is for a shunt transistor width of 110 µm. The simula-

tion in Fig. A.2 is done at 12 GHz. As expected, increasing the series transistor width

results in a better insertion loss but at the expense of worse isolation and matching. Also,

the substrate resistance is not well known and increasing the series transistor width re-

sults in additional losses due to power loss in the substrate (coupled to the substrate

resistance through the device capacitance).

A final design consisting of series and shunt transistors of width 130 and 110

µm, respectively, was chosen. This, together with 270 pH matching inductors at the RF

ports (Q=11 at 12 GHz) results in an insertion loss of < 2.5 dB at 12 GHz, an isolation

> 30 dB at 12 GHz excellent match (< -13 dB at 12 GHz). The 4×4 switching matrix

is based on the 2×2 cell as shown in Fig. A.3, and with several additional matching

inductors. The series and shunt transistors are the same width as before (WSeries=130

µm, WShunt=110 µm), and the matching inductors are optimized to result in a wideband

match to 12 GHz with L1=270 pH (Q=11 at 12 GHz) and L2=540 pH (Q=16 at 12 GHz).

The simulated insertion loss, isolation and reflection coefficient of the 4×4 switching

matrix are 4.5, 35, 15 dB, respectively, at 12 GHz. Again, part of the insertion loss is

due to the transistor substrate resistance (see Fig. A.2(b)).
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Figure A.4: Micro-photograph of (a) 2×2 and (b) 4×4 switching matrix.
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A.3 Implementation

The 2×2 and 4×4 switching matrices chip are implemented in the IBM 8RF

process with 7 metal layers. This process has 0.13 µm CMOS transistors (fT of 90–100

GHz). Grounded CPW transmission lines are used with dimensions of 11/12/11 µm for

50 Ω and with an estimated loss of 0.18 dB/mm at 10 GHz. Standard IBM transistor

cells and resistor models (for gate biasing) are used, and full electromagnetic modeling

is done on the transmission-lines using Sonnet [45]. The input and output CPW pads

are designed to be 50 Ω and are included in the simulations.

The IBM model does not include accurate substrate resistance values which de-

pend on the transistor layout, substrate contracts and deep trench isolation. These values

were obtained using fitting with the measured data. The fabricated 2×2 and 4×4 switch-

ing matrices occupy 0.66 and 1.44 mm2, respectively, including pads. The chips do not

consume any current and operate from a 1.5 V supply (Fig. A.4).

A.4 Measurements

The measured S-parameters of the 2×2 switching matrix are presented in Fig.

A.5. Measurements are done on-chip after a probe-tip SOLT calibration, and include

the CPW input and output pad losses. The channels are well balanced and show an

insertion loss and an isolation of < 2.5 dB and > 38 dB up to 12 GHz, and agree well

with simulations. The measured SNN is< -15 dB up to 12 GHz, but the simulated dip in

SNN at 4-8 GHz is not seen. This could be due to the finite substrate size and additional

parasitic inductance.

The measured S-parameters of the 4×4 switching matrix are presented in Fig.

A.6. In this case, two out of the four ports at the input and output are terminated with

a GSGSG probe, while the other ports are left open-circuited. This has no effect on the

insertion loss or matching due to the high isolation of the 2×2 switching matrix cell, but

does have a minor effect on the measured isolation, especially at high frequencies.

The measured insertion loss is 4.0 dB ± 0.3 dB over many different port combi-

nations and agrees well with simulations. The measured SNN for port 3 when connected

to ports 2, 4, 6, 8 are also shown. In general, SNN is < -12 dB up to 12 GHz for any
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Figure A.5: Measured (solid) and simulated (dashed) insertion loss, return loss, and

isolation of 2×2 switching matrix.
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isolation of 4×4 switching matrix.
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connection between the input and output ports, with some being < -15 dB over the en-

tire frequency range. The measured isolation is shown in Fig. A.6 and is 35±5 dB at

12 GHz. The variation is due to the non-terminated ports, coupling through the on-chip

inductors, and coupling through the substrates. This is currently being investigated.

Finally, P1dB and IP3 measurements were done at 2, 6 and 12 GHz, and resulted

in a P1dB and IP3 of 11±1 dBm and 31±1 dBm, respectively. This is similar to other

series-shunt implementation in this technology.

A.5 Conclusion

This paper showed that 2×2 and 4×4 switching matrices are viable in CMOS

switching networks and result in relatively low insertion loss and very high isolation

up to 12 GHz. The 4×4 switching matrix can be improved in the future with further

optimization.

A.6 Acknowledgment

This chapter is mostly a reprint of:

- Donghyup Shin and G. M. Rebeiz, ‘2×2 and 4×4 CMOS Switching Ma-

trices for 0.01-12 GHz Applications,” in Compound Semiconductor In-

tegrated Circuit Symp. (CSICS), Greensboro, NC, Oct. 2009.



Bibliography

[1] C. A. Balanis, Antenna Theory: Analysis and Design, 3rd ed. Wiley-Interscience,
2005.

[2] H. T. Friis and C. B. Feldman, “A multiple unit steerable antenna for short-wave
reception,” Proc. IRE, vol. 25, pp. 841–917, Jul. 1937.

[3] D. Parker and D. C. Zimmermann, “Phased arrays-part I: theory and architectures,”
IEEE Trans. Microw. Theory Tech., vol. 50, pp. 678–687, Mar. 2002.

[4] [Online]. Phased array – Wikipedia, The Free Encyclopedia. Available: http:
//en.wikipedia.org/wiki/Phased array

[5] D. Shin and G. M. Rebeiz, “A low-power high-linearity X-band 4-element phased
array receiver: CMOS chip and packaging,” IEEE Trans. Microw. Theory Tech.,
vol. 59, pp. 2064–2072, Aug. 2011.

[6] K.-J. Koh, J. May, and G. M. Rebeiz, “A millimeter-wave (40-45 GHz) 16-element
phased-array transmitter in 0.18-µm SiGe BiCMOS technology,” IEEE J. Solid-
State Circuits, vol. 44, pp. 1498–1509, May 2009.

[7] D. W. Kang, K. Koh, and G. M. Rebeiz, “A Ku-band two-antenna four-
simultaneous beams SiGe BiCMOS phased array receiver,,” IEEE Trans. Microw.
Theory Tech., vol. 58, pp. 771–780, Apr. 2010.

[8] B. Min and G. M. Rebeiz, “Single-ended and differential Ka-band BiCMOS
phased array front-ends,” IEEE J. Solid State Circuits, vol. 43, pp. 2239–2250,
Oct. 2008.

[9] E. Cohen, C. Jakobson, S. Ravid, and D. Ritter, “A bidirectional TX/RX four-
element phased-array at 60 GHz with RF-IF conversion block in 90-nm CMOS
process,” IEEE Trans. Microw. Theory Tech., vol. 58, pp. 1438–1446, May 2010.

[10] A. Natarajan, S. Reynolds, M.-D. Tsai, S. Nicolson, J.-H. Zhan, D. G. Kam, D.
Liu, Y.-L. Huang, A. Valdes-Garcia, and B. Floyd, “A fully integrated 16-element
phased-array receiverin SiGe BiCMOS for 60-GHz communications,” IEEE J.
Solid-State Circuits, vol. 46, pp. 1059–1075, May 2011.

117



118

[11] S.-Y. Kim and G. M. Rebeiz, “A low power BiCMOS 4-element phased array
receiver for 76-84 GHz radars and communication systems,” IEEE J. Solid-State
Circuits, vol. 47, pp. 1059–367, Feb. 2012.

[12] C.-Y. Kim, D.-W. Kang, and G. M. Rebeiz, “A 44–46-GHz 16-element SiGe BiC-
MOS high-linearity transmit/receive phased-array,” IEEE Trans. Microw. Theory
Tech., vol. 60, pp. 730–742, Mar. 2012.

[13] X. Guan, H. Hashemi, and A. Hajimiri, “A fully integrated 24-GHz eight-element
phased-array receiver in silicon,” IEEE J. Solid-State Circuits, vol. 39, pp. 2311–
2320, Dec. 2004.

[14] A. Natarajan, A. Komijani, X. Guan, A. Babakhani, and A. Hajimiri, “A 77-GHz
phased-array transceiver with on-chip antennas in silicon: Transmitter and local
LO-path phase shifting,” IEEE J. Solid-State Circuits, vol. 41, pp. 2807–2819,
Dec. 2006.

[15] Y. A. Atesal, B. Cetinoneri, K. M. Ho, and G. M. Rebeiz, “A two-channel 8–
20-GHz SiGe BiCMOS receiver with selectable IFs for multibeam phased-array
digital beamforming applications,” IEEE Trans. Microw. Theory Tech., vol. 59, pp.
716–726, Mar. 2011.

[16] W. Shin, B.-H. Ku, O. Inac, Y.-C. Ou, and G. M. Rebeiz, “A 108–114 GHz 4×4
wafer-scale phased array transmitter with high-efficiency on-chip antennas,” IEEE
J. Solid-State Circuits, vol. 48, Sep. 2013.

[17] S. Krishnamoorthi, K. Y. Goh, D. Chong, R. Kapoor, and A. Sun, “Thermal char-
acterization of a thermally enhanced qfn package,” in Electronics Packaging Tech-
nology, 2003 5th Conference (EPTC 2003), 2003, pp. 485–490.

[18] Ansoft HFSS ver. 12, Ansoft Corporation, Pittsburgh, PA.

[19] A. G. Metzger and P. M. Asbeck, “High speed crosspoint switches,” High Speed
Circuits for Lightwave Communications, vol. 1, no. 2, p. 193, 1998.

[20] M. Daneshmand and R. R. Mansour, “RF MEMS satellite switch matrices,” Mi-
crowave Magazine, IEEE, vol. 12, no. 5, pp. 92–109, 2011.

[21] Beam LinkTM, a COM DEV Technology, COMDEV Space Group, Cambridge,
ON, Canada.

[22] [Online]. DARPA MTO “Advanced Radio Architecture” Program. Available: http:
//www.darpa.mil

[23] H. J. Shin, M. J. Immediato, “An experimental 5-Gb/s 16×16 Si-Bipolar cross-
point switch,” IEEE J. Solid-State Circuits, vol. 27, pp. 1812–1818, Dec. 1992.



119

[24] M. Suzuki, N. Yamanaka, M. Hirata, and S. Kikuchi, “A circuit design for 2-Gbit/s
Si Bipolar crosspoint switch LSI’s,” IEEE J. Solid-State Circuits, vol. 25, pp. 155–
159, Feb. 1990.

[25] Y. Nakayama, T. Ohtsuka, H. Shimizu, S. Yokogawa, K. Kameo, and H. Nishi, “A
GaAs data switching IC for a Gigabits per second communication system,” IEEE
J. Solid-State Circuits, vol. 21, pp. 157–161, Feb. 1986.

[26] M. Sunazawa, M. Kawakami, N. Narumi, K. Ishikawa, T. Hani, H. Iwamoto, and
K. Fujita, “Low power CML IC crosspoint switch matrix for space division digital
switching networks,” IEEE J. Solid-State Circuits, vol. 10, pp. 117–122, Apr. 1975.

[27] Y. Ohmori, M. Sunazawa, and Y. Fujimura, “MOS IC crosspoint switch for space
division digital switching networks,” IEEE J. Solid-State Circuits, vol. 9, pp. 142–
147, June 1974.

[28] H. Veenstra, P. Barre, E. van der Heijden, D. van Goor, N. Lecacheur, B. Fahs,
G. Gloaguen, S. Clamagirand, and O. Burg, “A 20-input 20-output 12.5Gb/s SiGe
cross-point switch with less than 2ps RMS jitter,” in Proc. Int. Solid State Circuits
Conf., 2003, pp. 174–176.

[29] R. Savara, and A. Turudic, “A 2.5 Gb/s 16×16 bit crosspoint switch with fast
programming,” in GaAs IC Symp. Dig. Tech. Papers, 1995, pp. 47–48.

[30] G. L. La Rue, T. A. Dao, “Gigabit complementary HFET communication circuits:
16:1 multiplexer, 1:16 demultiplexer and 16x16 crosspoint switch,” in Proc. Int.
Solid State Circuits Conf., 1996, pp. 124–125.

[31] H. J. Shin, and D. A. Hodges, “A 250Mb/s CMOS crosspoint switch,” in Proc. Int.
Solid State Circuits Conf., 1988, pp. 114–115.

[32] H. M. Park, and H. C. Ki, “A GaAs MESFET 16x8 crosspoint switch,” in Proc.
Int. Solid State Circuits Conf., 1989, pp. 146–147.

[33] J. Pulver, D. Rowe, and L. Larson, “A 16x15 Si/SiGe HBT cross-point switch
architecture for high-speed switching applications,” in IEEE Hot Interconnects
Symp., Aug. 1998, pp. 52–56.

[34] K. Koh and G. M. Rebeiz, “An X- and Ku-Band 8-element phased-array receiver
in 0.18-µm SiGe BiCMOS technology,” IEEE J. Solid-State Circuits, vol. 43, pp.
1360–1371, June 2008.

[35] J. P. Comeau, M. A. Morton, W. L. Kuo, T. Thrivikraman, J. M. Andrews, C. M.
Grens, J. D. Cressler, J. Papapolymerou, and M. Mitchell, “A Silicon-germanium
receiver for X-band transmit/receive radar modules,” IEEE J. Solid-State Circuits,
vol. 43, pp. 1889–1896, Sep. 2008.



120

[36] T. K. Thrivikraman, W. L. Kuo, and J. D. Cressler, “A two-channel, ultra-low-
power, SiGe BiCMOS receiver front-end for X-band phased array radars,” in Proc.
IEEE Bipolar/BiCMOS Circuits and Technology Meeting, Oct. 2009, pp. 43–46.

[37] D. -W. Kang and S. Hong, “A 4-bit CMOS phase shifter using distributed active
switches,” IEEE Trans. Microw. Theory Tech., vol. 55, pp. 1476–1483, July 2007.

[38] T. M. Hancock and G. M. Rebeiz, “A 12-GHz SiGe phase shifter with integrated
LNA,” IEEE Trans. Microw. Theory Tech., vol. 53, pp. 977–983, Mar. 2005.

[39] K. Koh and G. M. Rebeiz, “0.13-µm CMOS phase shifters for X-, Ku-, and K-band
phased arrays,” IEEE J. Solid-State Circuits, vol. 42, pp. 2535–2546, Nov. 2007.

[40] C. F. Campbell and S. A. Brown, “A compact 5-bit phase-shifter MMIC for K-band
satellite communication systems,” IEEE Trans. Microw. Theory Tech., vol. 48, pp.
2652–2656, Dec. 2000.

[41] J.-G. Kim and G. M. Rebeiz, “Miniature four-way and two-way 24 GHz Wilkinson
power dividers in 0.13-µm CMOS,” IEEE Microw. Wireless Compon. Lett., vol. 17,
pp. 658–660, Sep. 2007.

[42] D. Shin and G. M. Rebeiz, “Low-power low-noise 0.13 µm CMOS X-band phased
array receivers,” in IEEE MTT-S Int. Microw. Symp. Dig., May 2010, pp. 956–959.

[43] D.-W. Kang, J. Kim, B. Min, and G. M. Rebeiz, “Single and four-element Ka-
band transmit/receive phased-array silicon RFICs with 5-bit amplitude and phase
control,,” IEEE Trans. Microw. Theory Tech., vol. 57, pp. 3534–3543, Dec. 2009.

[44] T.-K. Nguyen, C.-H. Kim, G.-J Ihm, M.-S. Yang, and S.-G. Lee, “CMOS low noise
amplifier design optimization techniques,” IEEE Trans. Microwave Theory Tech.,
vol. 52, pp. 1433–1442, May 2004.

[45] Sonnet ver. 12.56.3, Sonnet Software Inc., Syracuse, NY, 2009.

[46] T. Yu and G. M. Rebeiz, “A 22-24 GHz 4-element CMOS phased array with on-
chip coupling characterization,” IEEE J. Solid State Circuits, vol. 43, pp. 2134–
2143, Sep. 2008.

[47] ADS Momentum 2009, Agilent EEsof Comms EDA, Agilent Technologies, Santa
Rosa, CA.

[48] K. Koh and G. M. Rebeiz, “A 6-18 GHz 5-bit active phase shifter,” in IEEE MTT-S
Int. Microw. Symp. Dig., May 2010, pp. 792–795.

[49] C. E. Patterson, T. K. Thrivikraman, A. M. Yepes, S. M. Begley, S. K. Bhat-
tacharya, J. D. Cressler, and J. Papapolymerou, “A lightweight organic X-band
active receiving phased array with integrated SiGe amplifiers and phase shifer,”
IEEE Trans. Antennas Propag., vol. 59, pp. 100–109, Jan. 2011.



121

[50] K. Gharibdoust, N. Mousavi, M. Kalantari, M. Moezzi, and A. Medi, “A fully in-
tegrated 0.18-µm CMOS transceiver chip for X-band phased-array systems,” IEEE
Trans. Microw. Theory Tech., vol. 60, pp. 2192–2202, Jul. 2012.

[51] D. Carosi, A. Bettidi, A. Nanni, L. Marescialli, and A. Cetronio, “A mixed-signal
X-band SiGe multi-function control MMIC for phased array radar applications,”
in Proc. 39th Eur. Microw. Conf., Oct. 2009, pp. 240–243.

[52] W. H. Theunissen, D. Brocious, T. Destefano, J. Mulvey, S. Pappas, J. Thomas, P.
Butterfoss, M. Briske, S. Nelson, G. Clark, M. Walker, J. Dishong, R. K. Mongia,
and G. Forman, “Development of an X-band phased array antenna using multilayer
circuit board architecture,” in Proc. 2010 IEEE Int. Syp. ARRAY, Oct. 2010, pp.
211–218.

[53] Y. A. Atesal, B. Cetinoneri, K. Koh, and G. M. Rebeiz, “X/Ku-band 8-element
phased array based on single silicon chips,” in IEEE MTT-S Int. Microw. Symp.
Dig., May. 2010, pp. 1258–1261.

[54] D. Shin, C. Y. Kim, D. W. Kang, and G. M. Rebeiz, “A 4-element X-band CMOS
phased-array RFIC in a QFN package,” in IEEE MTT-S Int. Microw. Symp. Dig.,
Jun. 2012, pp. 1–3.

[55] K. M. Ho, D. Shin, and G. M. Rebeiz, “X-band phased array development on teflon
laminates with CMOS RFIC receivers,” in IEEE Int. Symp. Antennas and Propag.,
Jul. 2011, pp. 565–568.

[56] B.-H. Ku, S.-H. Baek, and S. Hong, “A wideband transformer-coupled CMOS
power amplifier for X-band multifunction chips,” IEEE Trans. Microw. Theory
Tech., vol. 59, pp. 1599–1609, Jun. 2011.

[57] A. G. Metzger, C. E. Chang, K. D. Pedrotti, S. M. Beccue, K.-C. Wang, and P. M.
Asbeck, “A 10-Gb/s high-isolation, 16×16 crosspoint switch implemented with
AlGaAs/GaAs HBT’s,” IEEE J. Solid-State Circuits, vol. 35, pp. 593–600, Apr
2000.

[58] K. S. Lowe, “A GaAs HBT 16×16 10-Gb/s/Channel crosspoint switch,” IEEE J.
Solid-State Circuits, vol. 32, pp. 1263–1268, Aug. 1997.

[59] M. Case, H.-C. Sun, D. Choudhury, and C. Ngo, “High-performance W-band GaAs
PIN diode single-pole triple-throw switch CPW MMIC,” in IEEE MTT-S Int. Mi-
crow. Symp. Dig., vol. 2, Jun. 1997, pp. 1047–1051.

[60] Q. Xiao, G. Samiotes, T. Galluccio, and B. Rizzi, “A high performance DC-20
GHz SPDT switch in a low cost plastic QFN package,” in Proc. European Microw.
Conf. EuMC, Sep. 2009, p. 1673.



122

[61] M. Mokhtari, B. Kerzar, T. Juhola, G. Schuppener, H. Tenhunen, T. Swahn, and R.
Walden, “A 2V 120mA 25Gb/s 2×2 crosspoint switch in InP-HBT technology,”
in IEEE Int. Solid-State Circuits Conf. Tech. Dig., 1998, pp. 204–205.

[62] B. Yassini, S. Choi, A. Zybura, Y. Ming, R. E. Mihailovich, and J. F. DeNatale,
“A novel MEMS LTCC switch matrix,” in IEEE MTT-S Int. Microw. Symp. Dig.,
vol. 2, 2004, pp. 721–724.

[63] M. Daneshmand and R. R. Mansour, “Monolithic RF MEMS switch matrix inte-
gration,” in IEEE MTT-S Int. Microw. Symp. Dig., 2006, pp. 140–143.

[64] K. Y. Chan, M. Daneshmand, R. R. Mansour, and R. Ramer, “Monolithic crossbar
MEMS switch matrix,” in IEEE MTT-S Int. Microw. Symp. Dig., 2008, pp. 129–
132.

[65] G. M. Rebeiz and J.B. Muldavin, “RF MEMS switches and switch circuits,” IEEE
Microwave Mag., vol. 2, pp. 59–71, Dec. 2001.

[66] A. Sattu, J. Yang, R. Gaska, and G. Simin, “AlGaN/GaN microwave switch with
hybrid slow and fast gate design,” IEEE Electron Device Lett., vol. 31, pp. 1389–
1391, Dec. 2010.

[67] S. Makioka, Y. Anda, K. Miyatsuji, and D. Ueda, “Super self-aligned GaAs RF
switch IC with 0.25 dB extremely low insertion loss for mobile communication
systems,” IEEE Trans. Electron Devices, vol. 48, pp. 1510–1514, Aug. 2001.

[68] B.-W. Min and G. M. Rebeiz, “Ka-band low-loss and high-isolation switch design
in 0.13-µm CMOS,” IEEE Trans. Microw. Theory Tech., vol. 56, pp. 1364–1371,
Jun. 2008.

[69] CMOS 12S0 (SOI12S0) Technology Design Manual, IBM Corp., Hopewell Junc-
tion, NY, 2009.

[70] A. Momtaz and M. M. Green, “An 80 mW 40 Gb/s 7-tap T/2-spaced feed-forward
equalizer in 65 nm CMOS,” IEEE J. Solid-State Circuits, vol. 45, pp. 629–639,
Mar. 2010.

[71] T. O. Dickson, J. F. Bulzacchlli, and D. J. Freidman, “A 12-Gb/s 11-mW half-rate
sampled 5-tap decision feedback equalizer with current-integrating summers in 45-
nm SOI CMOS technology,” IEEE J. Solid-State Circuits, vol. 44, pp. 1298–1305,
Apr. 2009.

[72] S. Shahramian, A. C. Carusone, P. Schvan, and S. P. Voinigescu, “An 81 Gb/s, 1.2
V TIALA-retimer in standard 65 nm CMOS,” pp. 215–218, Oct. 2008.

[73] A. A. Fomani and R. R. Mansour, “Monolithically integrated multiport RF MEMS
switch matrices,” IEEE Trans. Microw. Theory Tech., vol. 57, pp. 3434–3441, Dec.
2009.



123

[74] M. Daneshmand, R. R. Mansour, P. Mousavi, S. Choi, B. Yassini, A. Zybura and
M. Yu, “Integrated interconnect networks for RF switch matrix applications,” IEEE
Trans. Microw. Theory Tech., vol. 53, pp. 12–21, Jan. 2005.

[75] T. Copani, G. Girlando, S. A. Smerzi, A. Castorina, and G. Palmisano, “A wide-
band low-crosstalk switch-matrix and output buffer for DVB-S applications,” in
IEEE Radio Freq. Integr. Circuits Symp., June 2005, pp. 87–90.

[76] “Agilent 87406b coaxial matrix switch dc to 20 ghz,” Santa Rosa, CA, USA, Tech.
Rep.

[77] D. Shin, D-W Kang, and G. M. Rebeiz, “A 0.01-8-GHz (12.5 Gb/s) 4x4 CMOS
switch matrix,” IEEE Trans. Microw. Theory Tech., vol. 60, pp. 381–386, Feb.
2012.

[78] J. Kim and J. F. Buckwalter, “Bandwidth enhancement with low group-delay varia-
tion for a 40-Gb/s transimpedance amplifier,” IEEE J. Solid-State Circuits, vol. 57,
pp. 1964–1972, Aug. 2010.

[79] T. H. Lee, The Design of CMOS Radio-Frequency Integrated Circuits, 2nd ed.
Cambridge Univ. Press, 2004.

[80] S. Shekhar, J. S. Walling, and D. J. Allstot, “Bandwidth extension techniques for
CMOS amplifiers,” IEEE J. Solid-State Circuits, vol. 41, pp. 2424–2439, Nov.
2006.

[81] S. Galal and B. Razavi, “40-Gb/s amplifier and ESD protection circuit in 0.18-µm
CMOS technology,” IEEE J. Solid-State Circuits, vol. 39, pp. 2389–2396, Dec.
2004.

[82] Y. Jin and C. Nguyen, “Ultra-compact high-linearity high-power fully integrated
DC–20-GHz 0.18-µm CMOS T/R switch,” IEEE Trans. Microw. Theory Tech.,
vol. 55, pp. 30–36, Jan. 2007.

[83] M. Yeh, Z. Tsai, R. Liu, K. Lin, Y. Chang, and H. Wang, “Design and analysis for
a miniature CMOS SPDT switch using body-floating technique to improve power
performance,” IEEE Trans. Microw. Theory Tech., vol. 54, pp. 31–39, Jan. 2006.

[84] G. M. Rebeiz, RF MEMS: Theory, Design and Technology. John Wiley & Sons,
New York, 2003.

[85] F.-J. Huang and K. K. O, “A 0.5-µm CMOS T/R switch for 90-MHz wireless
application,” IEEE J. Solid-State Circuits, vol. 36, pp. 486–492, Mar. 2001.

[86] Y. Atesal, B. Cetinoneri, and G. M. Rebeiz, “Low-loss 0.13-µm CMOS 50–70 GHz
SPDT and SP4T switches,” in Proc. RFIC Symp., 2009, pp. 43–46.




