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Phased array antennas have found wide application in both radar and wireless
communications systems particularly as implementation costs continue to decrease. The
primary advantages of electronically scanned arrays are speed of beam scan and versatility
of beamforming compared to mechanically scanned fixed beam antennas. These benefits
come at the cost of a few well known design issues including element pattern rolloff and
mutual coupling between elements. Our primary contribution to the field of research is

the demonstration of significant improvement in phased array scan performance using

XX



multiple unique radiating modes. In short, orthogonal radiating modes have minimal
coupling by definition and can also be generated with reduced rolloff at wide scan angles.
In this dissertation, we present a combination of analysis, full-wave electromagnetic
simulation and measured data to support our claims.

The novel folded ring resonator (FRR) antenna is introduced as a wideband and
multi-band element embedded in a grounded dielectric substrate. Multiple radiating
modes of a small ground plane excited by a four element FRR array were also investigated.
A novel hemispherical null steering antenna composed of two collocated radiating
elements, each supporting a unique radiating mode, is presented in the context of an
anti-jam GPS receiver application. Both the antenna aperture and active feed network
were fabricated and measured showing excellent agreement with analytical and simulated
data. The concept of using an antenna supporting multiple radiating modes for beam
steering 1s also explored. A 16 element hybrid linear phased array was fabricated and
measured demonstrating significantly improved scan range and scanned gain compared
to a conventional phased array. This idea is expanded to 2 dimensional scanning arrays
by analysis and simulation of a hybrid phased array composed of novel multiple mode
monopole on patch antenna sub-arrays. Finally, we fabricated and characterized the
2D scanning hybrid phased array demonstrating wide angle scanning with high antenna

efficiency.
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Chapter 1

Introduction

Wireless communications systems represent a large class of technologies that
are virtually ubiquitous in our daily life. From personal mobile devices to national
infrastructure, such systems enable the transmission and reception of large amounts of
information over the air with propagation speeds at or near the speed of light. This has
had a truly transformative effect on our societies both in the way we relate to each other
and to our devices. As wireless technology continues to advance, we find we are living
a world in which even the most mundane devices such as home ventilation systems,
lighting and refrigerators are connected via wireless networks. All of these systems
regardless of their application require engineered interfaces from the wired world of
digital and analog circuits to free space propagation. These engineered interfaces are
commonly referred to as antennas and represent the specialized discipline of antenna
engineering.

It is often cited that the first wireless electromagnetic system was created by
Professor Heinrich Rudolph Hertz in 1886 [1]. By generating a spark across the gap
of a half-wavelength dipole element, he successfully propagated a broadband human

made signal over a short distance. The signal was detected by a nearby loop antenna



in his laboratory. By this time, James Clerk Maxwell had already unified the theories
of electricity and magnetism in the set of Maxwell's Equations, which fully describe
electromagnetic propagation [2]. However, the understanding of the practical aspects
of propagation and antenna design were still in their infancy. Approximately 15 years
after Professor Hertz’s experiments, the first long range transatlantic transmissions were
achieved by Guglielmo Marconi using low frequency grounded wireless waves [3]. He
also produced the first truly microwave transmitter placing a half-wavelength dipole at
the focal point of a cylindrical parabolic reflector both spatially filtering the antenna
beam pattern and bandpass filtering the spark gap generated source.

The advent of radar technology during World War II brought about new appli-
cations for wireless technology and new demands in performance. With the discovery
of the magnetron and klystron tubes capable of kW power amplification, many wireless
systems were migrating to higher frequencies [3]. By this time, the benefits of operating
in the various bands of the microwave frequency range were well known in terms of
desirable propagation characteristics and reduced wireless system size. In the decades
that followed, traditional electromagnetic analysis methods were supplemented with
numerical methods implemented on increasingly fast computing platforms. Method
of moments (MoM) [4], finite difference time domain (FDTD) [5] and finite element
method (FEM) [6] among others enabled the design of sophisticated antennas optimized
to specific application.

Antenna farms such as the one pictured in Fig. 1.1 are centralized locations that
service a wide array of applications including high data rate point -to-point links, high
power commercial broadcast, low data rate telemetry and mobile device telephony among
others. As such, these antenna farms are excellent examples of the diverse antenna designs
needed to optimize the performance of specialized wireless communications systems.

Successful antenna design requires a deep understanding of the system requirements of
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Figure 1.1: Wide variety of antenna types used in the antenna farm atop Mt. Soledad in La Jolla,
CA.

the intended application, the operational conditions and the fundamental properties of the
various classes of antennas available. In the following section, we discuss a specialized
class of antennas in which the aperture is distributed among many elements each of
which is independently excited. These phased array antennas find applications in radar

and communications spanning several orders of magnitude in frequency from UHF up to

W-band.

1.1 Phased Array Properties

The primary advantage of the phased array is the ability to control the illumination
of the aperture through a passive or active transmission line feed network. In an active
electronically scanned array (AESA), the beam forming and beam steering properties can
be modified orders of magnitude faster than a mechanically gimbaled fixed beam antenna

of equivalent size. The earliest known fixed phased array antenna was constructed by Karl
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Figure 1.2: The most general array consisting of an arbitrary collection of radiating elements at
arbitrary locations in space.

Braun in 1905 in which he positioned three antennas achieving a high directivity radiation
pattern [7]. In the decades that followed, a number of prominent researchers continued
to develop the theoretical underpinnings of array theory and verifying their work in
experimentation. As noted in [8], the publishing of the three-volume series Microwave
Scanning Arrays in the mid-1960s was a watershed event in the history of phased array
antenna research. Phased array antennas remain an active research discipline on a large
number of fronts including radiating element optimization, RF front end design, thermal
management, low-cost lightweight materials and optimal beamforming among others. In
this section, we will develop some fundamental concepts in phased array research which
provide the foundation to our novel body of work.

The most general array consists of an arbitrary collection of elements at arbitrary
locations in space as shown in Fig. 1.2. In this most general case, the resulting radiation
pattern resulting from exciting the collection of elements in an arbitrary manner can be

expressed as

N
Ex(8,0) = Y anEn(8,9) (1.1)
n=1

where a,, are the complex weights and E, are the collection of element patterns. The
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Figure 1.3: A linear array consisting of identical radiating elements located at fixed intervals
along the Z-axis.

vectorized field pattern indicates the presence of multiple polarization components.
Making some simplifying assumptions, equation 1.1 can be manipulated into more

tractable forms making analysis of the phased array behavior much easier.

1.1.1 Element Pattern Rolloff

A uniform amplitude linear array makes several simplifying assumptions about
the properties of the array. The first assumption is that all element radiation patterns
have the same shape, which is typical of most phased arrays. Second, all elements are
oriented in the same way and positioned along a line at fixed intervals as shown in Fig.
1.3. Finally, we make two assumptions about the amplitude and phase relationships
between the elements in the array. All elements are excited with equal amplitude and
with a progressive phase shift B determined by the location of the element in the array.

The equation describing the resulting uniform linear array pattern is defined by

N
Ex(6,0) = aE(8,0) ) exp(jny) (12)

n=1

where V is

y = kdcos(0) + B, (1.3)



k is the wave number and d is the interelement spacing. The summation term is a factor
independent of the element properties and is often call the array factor. With some simple
algebraic manipulation, the array pattern can be rewritten with the array factor in closed

form
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. (1.4)
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Fig. 1.4 plots the uniform linear array radiation pattern for three different 16 element
uniform linear arrays. The element factor (EF), array factor (AF) and array pattern (AP)
of each are plotted for comparison. The first array in Fig. 1.4a is composed of ideal
isotropic elements related by a progressive phase shift of B = 163°. In this case, the AF
and AP are identical. Many real directional antenna element patterns can be approximated
by the cosine function, E(8, ) = cos(8)8, as shown in Fig. 1.4b. The effect of element
pattern rolloff is quite apparent as the scan angle of the array has decreased from 65°
to 62° and the peak of the normalized AP has dropped by 7 dB relative to the AF. The
performance can be recovered to some extent by using an element pattern with a natural
skew toward the scan angle of the array factor as shown in Fig. 1.4c. Within the main
beam and nearby sidelobes, the AF and AP show negligible deviation. In order to use
this approach in a practical scenario, the element pattern would need to be realigned to
the array factor as it is scanned. In chapters 4 and 5, we will demonstrate the use of
multiple unique radiating modes to reconfigure element patterns and improve array scan

performance.

1.1.2 Mutual Coupling

Mutual coupling describes the degree to which energy incident on a single port in
the array is seen at the other ports in the array. The array can be represented pair wise

as shown in Fig. 1.5 where the interactions between elements are described through a
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Figure 1.5: Representation of the transmit mode coupling between pairs of antennas in an array.

matrix of scattering parameters [9]. A larger array can be analyzed two elements at a
time. Depending on whether the excitations are internal sources or waves impinging
from free space, the mutual coupling model must be developed for the transmit or receive
array modes separately [10]. In this section, we will briefly discuss the mutual coupling
model for a two element transmit mode array.

Following the derivation in [9], the radiated power for each element is related to

the incident and reflected voltage waves by
Pi=lai>—|b1]* (@2=0), Pr=l|af—|bf (a1=0) (1.5)

where the subscript indicates the excited element while the other element is match
terminated. The embedded element pattern refers to the radiation pattern due to a direct
excitation of a single element modulated by scattering from adjacent elements [11]. When

exciting a single element and match terminating all others, the total radiation pattern can



be expressed in terms of the normalized embedded patterns f3 and ﬁ; [12]

where b3 and b4 are the coefficients of the voltage waves propagating away from the
antennas into free space. The symbol F used here (rather than E)is the element pattern
with the radial dependence removed. Specialized scattering parameters are introduced
to relate all of the incident, reflected and transmitted voltage waves in the two element
array.

by = Sn1a1 + S12a2, by = Sx1a1 + Sxna (1.7a)
by = S31a1 + S32a2, by = Ss1a1 + Saa2 (1.7b)

The parameters S31 and S4, represent how efficiently each antenna radiates in the presence
of the other. Input impedance matching level indicated by S1; and S7, while S12 and S
are coupling between ports.

Using the definition of radiated power as an integral over the Poynting vector of

the total pattern fT [13], the radiated power is related to the voltage wave coefficients
Prag = |b3|? + |ba|* + 2R {b3byt} (1.8)
where 7 is the cross-coupling term between the embedded element patterns

1 W I = )
= | [ (0.0)- Fi(0.0) sindedo (19)

In order to simplify the analysis, it is assumed that two element array is reciprocal
(S12 = S21 and S31 = S47) and the input match to each antenna is identical (S1; = S22).

Without making any assumptions about the nature of the normalized embedded element
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patterns f3 and ﬁ;, the following two equations describe the optimal mutual coupling S,

for maximized gain, which is proportional to S3;.

Gmax &< |S31|31ax = m (1.10)
1 |t
S11==£821 = 51—||-||t\ (1.11)

One important observation is that gain is not maximized by zero mutual coupling in the
general case. The discussion in [9] focuses on the case of identical element patterns
with displaced phase centers. As the interelement spacing decreases towards zero, the
cross-coupling term reaches its maximum of 1. This is contrast to the prior work in [14]
which discussed spatially displaced beams with a common phase center. The extreme
case of non-overlapping orthogonal beams was considered which corresponds to T = 0.
The context of that work was to quantify the coupling between beams of differing degrees
of overlap in a multibeam array. Also noted in [9] is the difference in active reflection
coefficient between the two types of arrays. The input reflection coefficient to each
element in an array with displaced phase centers degrades at angles away from broadside
even in the optimal case. If orthogonal element patterns are used, the minimum active
reflection coefficient is zero for all angles. This is an important motivation for the fully

multiple mode array proposed in chapters 4 and 5.

1.2 Literature Review

There are a vast number of publications related to phased array research. The
purpose of this section is to review a relatively small subset of these publications that
directly relate to our research. We have categorized 3 approaches to phased array design

in such a way as to establish the context and novelty of our work. Fig. 1.6 divides the
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functionality of a phased array into the aperture and feed network. The aperture refers to
the radiating portion of the antenna while all non-radiating transmission line structures
belong to the feed network. In approach 1, the phased array aperture consists of a number
of identical radiating elements (or modes), which is the conventional approach. In the
receive mode, the outputs of these elements are then combined in the feed network. The
feed network can combine in a straightforward summing of phase and amplitude weighted
signals or implement more sophisticated combining by forming orthogonal modes. In
contrast, orthogonal multiple modes can also be formed in the aperture itself as depicted
for approach 2. In this case, the radiating modes are determined by unique element
geometries and feed arrangements. There is a large body of existing work using this
approach to produce highly uncorrelated element patterns for use in MIMO applications.
We have highlighted in yellow our novel application of these modes to phased array
beam steering. The third approach is mentioned as it is an alternative method to improve
phased array performance by modifying the element radiation patterns at the aperture
rather than in the feed network. Each of these approaches is described in greater detail in

the following subsections.

1.2.1 Approach 1: Fixed Identical Modes

Due to ease of analysis and implementation, the bulk of phased array technology
falls into the category of approach 1. That is, most such arrays consists of identical
elements with fixed patterns which are combined in the feed network. This approach also
provides a desirable degree of isolation between the aperture and all other transmission,
power and control circuitry. The feed network typically consists of passive power
combiners/dividers along with active circuitry to modify the phase and amplitude of the
signal to or from each element. Depending on the array geometry, the feed network

topology may be quite different.



12

Approach 1 Approach 2 Approach 3
Aperture Fixed Identical Fixed Multiple Aperture
P Modes Modes Reconfiguration
N
Feed Form modes . .
Network and Combine Combine Combine
Application Beam Steering MIMO

Figure 1.6: Three approaches to phased array design used to establish the novelty and context
of the work presented in this dissertation. The highlighted approach is the central topic of this
dissertation

Our approach is seen as distinct from the large body of work in which the modes
themselves are formed in the feed network. In [15], this approach is thoroughly discussed
and referenced particularly in the context of the amplitude and phase modes of a circular
array. For example, an array of identical single mode radiators (i.e. A/2 dipoles) can
be connected to a mode forming network. This feed network will produce the proper
amplitude and phase weights at each of the radiating elements to produce a desired
radiating mode. Typically, a collection of N elements supports up to N radiating modes.
The collection of available radiating modes comprise an orthogonal basis from which
desired beam patterns can be synthesized. Although very useful, such feed networks can
be quite complex and potentially lossy due to the large number of microwave coupling
structures involved. In contrast, our approach uses the radiating element itself to generate
the desired mode. That is, the geometry of the radiator is designed to support a desired

current distribution associated with a particular radiating mode.
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1.2.2 Approach 2: Fixed Multiple Modes

Much work has been devoted to understanding the modal nature of antenna
radiation patterns [16], [17]. The theory of characteristic modes uses an eigenmode
expansion to derive the supported real current modes on conducting and dielectric bodies
of arbitrary shape [18, 19]. This method not only provides physical insight into the
behavior of the antenna but also allows antenna geometries to be synthesized from a set
of desired radiation pattern properties [20]. Such a modal approach to antenna design
has also been useful in realizing multimode or multiple mode antenna apertures [21].
Ideally, the multiple mode antenna would support multiple characteristic current modes
on the same aperture and operating in the same frequency band. Because of the ability
to achieve high isolation between orthogonal characteristic modes, there is a potential
savings in the footprint of the multiple mode antenna compared to two separate apertures
each supporting identical modes with the same level of isolation. A large body of work
has been dedicated to designing and characterizing multiple mode antenna elements for
multiple input multiple output (MIMO) applications [22, 23, 24, 25, 26, 27, 28, 29, 21,
30, 31, 32, 33, 34]. Isolation between uncorrelated radiating modes provides diversity
gain with the added benefit that modes are collocated on the same aperture. Several
examples of multiple mode antennas used in MIMO applications are pictured in Fig. 1.7.

It is worth mentioning the fundamental research using characteristic mode theory
applied to multi-antenna systems as discussed in [35]. A MoM based code is developed
to solve for the characteristic modes present on one or more wire radiators. One example
uses their method to identify the mode or modes responsible for unwanted coupling
in a two element array. This allows the researcher to intelligently design an isolating
structure to suppress the undesired coupling mode while minimizing impact on desired
radiating modes. Several examples also demonstrate the ability to select optimal feed

point number and location on a wire radiator to excite a desired mode that is stable over
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a wide bandwidth. Although we do not specifically use characteristic mode theory, we
certainly recognize its relevance to our research. Our work uses existing antenna aperture
geometries and assesses their fully implemented performance when configured to radiate
a number of different modes. In a sense, we look at the problem in reverse with respect
to [35]. That is, we emphasize practical implementations of multiple mode antennas that

improve phased array behavior with respect to scan range and efficiency.

Side view
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(a) Wideband spiral [24] (b) Stacked patch [28]

Y
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(c) Segmented annular patch (d) Mode frequency conver-
[21] gence patch [32]

Figure 1.7: Literature examples of multiple mode antennas designed for MIMO applications.

In this dissertation, we examine the use of multiple mode antennas to improve the
beam steering performance of deterministic arrays, or phased arrays. To our knowledge,
the first discussion of using element pattern reconfiguration to improve array pattern

performance is contained in [36]. Concentrically stacked patch antennas are used to
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generate two independent radiating modes at each location in a 2 dimensional array.
Reduction in the array pattern grating lobe is demonstrated for the appropriate complex
weighting of the modes at each array location. This dissertation expands on this concept
by rigorously characterizing the improvement in scan performance for such arrays
employing multiple mode elements. We refer to these elements as sub-arrays of collocated

elements each supporting a unique radiating mode with minimal coupling.

1.2.3 Approach 3: Aperture Reconfiguration

There are other approaches for improving the array scan performance based
on element pattern reconfiguration. Most of these methods involve the use of parasitic
scattering elements that are switched or loaded in such a way as to alter the element pattern
in a desired manner [37, 38, 39, 40]. Therefore, the element pattern reconfiguration
actually takes place at the aperture. This is in fact the primary architectural difference
between those approaches and our proposed method. Element pattern reconfiguration
using multiple radiating modes involves changing the amplitude and phase relationships
between the modes in the feed network, much like the phased array itself. There are some
benefits to this including minimizing additional circuitry at the aperture and allowing for

simultaneous multiple beam formation such as can be done in a digital beam former.

1.3 Research Resources

Engineering research typically begins with mathematically based analysis that
provides fundamental insight into the problem at hand. Predictions about the viability of
potential solutions are made at this stage are then tested both in numerical simulation
and measurement of fabricated prototypes. This process usually requires a wide array

of expensive resources including software and hardware. A brief description of the
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Figure 1.8: SDSU AML’s LPKF S42 PCB fabrication machine shown building components for
the prototypes used in chapter 4.

resources used in the course of our research and acknowledgment of the contributors are
given in this section.

Numerical analysis and electromagnetic simulation were performed with the help
of two software applications made available to us by San Diego State University (SDSU).
Matrix Laboratory (MATLAB) was used to implement custom computational code for
generating and manipulating radiation pattern data, generating plots featured in this
thesis and many other post-processing algorithms [41]. Some examples of our MATLAB
code are given in appendix A. Ansys High Frequency Simulation Software (HFSS) is a
full-wave electromagnetic simulation tool which uses a proprietary version of the finite
element method (FEM) [42]. The primary frequency domain solver is well suited for the
types of narrow to moderate bandwidth structures considered in this dissertation.

Our prototypes were fabricated using material and equipment available in the
SDSU Antenna and Microwave Laboratory (AML). Fig. 1.8 shows the LPKF ProtoMat
S42 in the process of milling out a set of transmission line structures used in one of our
novel phased array structures. The S42 has a trace accuracy of approximately 0.2 mil and
wide array of milling, cutting and drilling bits for fast and accurate 2 layer PCB board

fabrication [43] Scattering parameter measurements for all prototypes were obtained
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Figure 1.9: SDSU AML’s Anritsu 37269D Lightning series vector network analyzer (VNA)
shown characterizing the prototype in chapter 4.

using the Anritsu 37269D Lightning series vector network analyzer (VINA) available in
SDSU’s AML as shown in Fig. 1.9. This particular model maintains a dynamic range in
excess of 90 dB over the frequency range from 40 MHz to 40 GHz [44]. The antenna
measurement chamber in SDSU’s AML also uses the Anritsu VNA when taking complex
radiation pattern measurements as shown in Fig. 1.10a. The noise floor of the VNA is less
than -80 dBm across the operating bandwidth making high SNR measurements possible
even when high free space loss is present. Fig. 1.10b illustrates the azimuth over elevation
(also known as phi over theta)combined spherical near field and far field scanner supplied
to SDSU by Orbit FR. The upper positioner maps the azimuth (¢) of the radiation pattern
relative to the line through the probe and AUT centers of rotation. Elevation patterns
(6) are mapped by the movement of the lower positioner as it rotates the turntable on
which the AUT pedestal stands. The system is housed in a 12°’Lx10’W x 8 H anechoic
chamber supplied by Satimo, which together with the hardware enables radiation pattern
measurements from 1 GHz to 18 GHz.

Cubic corporation also provided use of its antenna measurement laboratory for
measuring some of the larger array prototypes. Beginning in 2011, the dissertation author

has been employed as a full-time senior antenna engineer at Cubic. He wrote the require-
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Figure 1.10: SDSU antenna measurement laboratory.

ments, procured and oversaw the construction of the spherical near field scanner depicted
in Fig. 1.11b. The 25’Lx16’W x12’H antenna chamber is the result of the combined
efforts of NSI, Anechoic Systems and Cubic facilities. In its present configuration, the
measurement equipment supports testing of antennas ranging in frequency from 1 GHz
to 20 GHz and up to 5 ft in diameter. Near field Systems (NSI) supplied the chamber
positioners, Agilent programmable network analyzer (PNA), Dell Workstation and other
supporting hardware in the system. Data collection and processing relies primarily on

the NSI2000 software application.

1.4 Thesis Overview

In chapter 2, a novel loop antenna based on the volumetric folded ring resonator
(FRR) structure is proposed. It is shown that the FRR antenna can be represented
by an equivalent circuit model for approximate analysis with sufficient accuracy as
verified against a method of moments (MoM) simulation in a version of numerical
electromagnetic code (NEC). Two practical implementations are presented: The first

version is a single FRR antenna embedded in a dielectric substrate and excited by a 50 Q
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Figure 1.11: Cubic corporation antenna measurement laboratory.

coaxial feed line. Parametric studies of the structural parameters are presented showing
three resonances that can be impedance matched achieving positive gain. In the second
implementation, the FRR is embedded in a slotted ground plane for improved matching
and radiation performance. Two bands, one at 3.6 GHz and another between 4.75 GHz to
5.8 GHz, are matched to better than |S;;| = -10 dB and maintain a constant 2.5 dBi gain
with > 90% radiation efficiency. The simulated reflection coefficient and gain radiation
patterns agree well with measurements. As a precursor to the multiple mode research
to follow, this antenna is implemented in a 4 element sub-array configuration. Given
the separate ground plane current modes excited by each port, the sub-array is a type of
multiple mode antenna.

A beam peak and null steering multiple radiating mode based microstrip patch
antenna is presented in chapter 3 for satellite receive applications operating at L1 Global
Positioning System (GPS) band. Two collocated microstrip patch antennas were designed
to produce TM1, and T M>; radiating modes. These orthogonal and circularly polarized

radiation patterns were combined enabling full hemispherical steering of a single beam
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peak and null. Using theoretical analysis and full-wave simulation, the multiple mode
aperture was designed to operate over a 25 MHz bandwidth centered at 1.575 GHz, which
covers the L.1 GPS band. Impedance and radiation pattern measurements of the passive
antenna aperture were in close agreement with the simulated data. Next, this antenna was
integrated with an active feed network allowing full hemispherical control over the beam
null position and limited beam peak scan in = 5° increments. Using a simple calibration
scheme, the measured beam peak and null elevation angles were programmed to within
< 10° of the intended value based on simulation. Azimuthal positions were consistently
offset by ~ 20° from the simulated value, which could be resolved in the board layout by
phase matching the transmission lines and test point locations. The antenna maintained
high total efficiency > 68% and low axial ratio < 3 dB over all steering angles.
Chapter 4 presents a novel approach to beam steering using an array composed
of elements each supporting a unique radiating mode. The 1 dimensional beam synthesis
properties of the novel ideal multiple mode dipole array are quantified using a Fourier
decomposition and synthesis method. Significant improvement in scan range is demon-
strated compared to a conventional linear dipole reference array. A hybrid phased array
composed of multiple mode sub-arrays is also proposed and shown to be an efficient
tradeoff between performance improvement and design complexity. Reasonable agree-
ment is obtained between the simulated and measured impedance and radiation pattern
properties of a four element multiple mode array. Finally, a 16 element hybrid phased
array composed of four 4 element multiple mode sub-arrays is fabricated and measured.
The array is shown to have a 3 dB scan range of +68°, which is in good agreement to
the simulated value of £69° at the design frequency of 4.6 GHz. Additionally, the 3
dB bandwidth of the array is more than 1 GHz at broadside. This bandwidth reduces to
approximately 300 MHz at the widest scan angles, which is consistent with an equivalent

conventional linear array.
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In chapter 5, the multiple mode approach to beam steering is extended to the
case of 2 dimensional scanning arrays. An arbitrary element radiation pattern and a
desired array pattern are each expressed in terms of their respective spherical harmonic
coefficients. Beam pattern synthesis for a collection of arbitrary elements is accomplished
by deriving the relationship between the two sets of spherical harmonic coefficients. Three
candidate arrays are defined on the basis of the type and number of radiating elements
used in each array. A conventional patch antenna array consisting of a total of four
elements each with two feed points is the baseline array against which the other two are
compared. The novel hybrid phased array contains the same number of patch antennas
but with four additional collocated active monopole elements. The third array consists of
nine patch antennas in which the array aperture has been oversampled by using smaller
patch antennas with smaller spacing. The hybrid phased array produces the highest
peak gain of 12.5 dBi with a 3 dB scan range that is 26° wider than the oversampled
array and 36° wider than the baseline patch array in the ¢ = 0° scan plane. Sidelobe and
cross-polarization levels are also significantly improved over the baseline array. In terms
of complexity, the hybrid phased array contains 50% more feed points than the baseline

array but 33% less than the oversampled array.



Chapter 2

Investigations on a Novel Folded Ring
Resonator Antenna with Multiband

Characteristics

2.1 Introduction

Loop antennas are a fundamental class of antennas with transmit and receive ap-
plications spanning the microwave frequency spectrum. Such antennas are characterized
by closed current paths established on radiating elements, which conform to a variety of
closed planar or volumetric geometries. Typically, the first resonance at which efficient
radiation occurs requires the electrical length of the current loop to be approximately
A/2 or A [45]. The current supporting element can be meandered and folded in order to
decrease the overall electrical size of the antenna. However, compactness is achieved at
the cost of reduced radiation resistance and high reactance making impedance match-
ing more challenging. Bandwidth and gain also diminish with reduced electrical size.

Consequently, compact loop antennas are mainly used in the receive mode [13].

22
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There are a variety of methods available to both miniaturize the loop antenna
and improve its matching characteristics. The single layer multi-turn solenoidal antenna
increases the radiation resistance while maintaining the same loop diameter. However, it
is desirable to choose a design approach that allows antenna fabrication on a low profile
planar substrate. Planar meander line loop antennas have been shown to be compact and
deliver good matching and radiation characteristics [46, 47, 48]. Another approach is to
fold the loop and wrap it around the substrate material near the edge of the ground plane.
Wideband and multiband versions of this folded loop antenna concept have also been
reported [49, 50].

We have recently proposed a novel metamaterial structure known as the volumet-
ric folded ring resonator (FRR) [51, 52]. As shown in Fig. 2.1, the structure is essentially
a closed loop resonator folded volumetrically to fit in a cubic volume. The primary
structural parameters are the cube dimension a, wire radius b, and gap width g. Given the
compactness of the structure, we present the implementation of the FRR as a compact
loop antenna structure in this chapter. Section 2.2 explores the resonant behavior of the
FRR antenna through the use of an equivalent circuit model. A practical implementation
of the FRR antenna as a folded wire embedded in a dielectric is presented in section 2.3.
Matching and radiation performance improvements by embedding the FRR antenna in a
slotted ground plane are investigated in section 2.4. Section 2.5 compares the simulated

and measured performances of the prototype FRR antenna in a slotted ground plane.

2.2 Analytical Model

An approximate analytical model is first developed in order to understand the
underlying principles responsible for the FRR antenna behavior. First, a wire model of

the FRR antenna was built in a numerical electromagnetic code (NEC) [53]. The FRR
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Figure 2.1: Numerical Electromagnetic Code (NEC) model of the folded ring resonator (FRR)
antenna.

structure is composed of 6 small loops on the faces of a cubic volume enclosing it, and all
six loops are connected together by virtue of the folding geometry. Our model will show
that the FRR antenna is in fact a compact loop antenna composed of capacitively- and
inductively- coupled electrically small-loop antennas. Assuming that the total antenna
length at first resonance is one wavelength or less, we can further assume that current
on each loop is approximately uniform. This can be justified by considering that the
circumference of each loop is less than A /6. Therefore, the equivalent circuit model of a
small loop antenna has been used to represent each loop in the FRR antenna as shown
in Fig. 2.2. The radiation resistance R,, loss resistance Ry, external inductance L4, and

internal inductance L; are given in equations 2.1 [13].

4a 4
R, =20 <—> (2.1a)
A
4a Wuo
S sl 2.1b
L 2nb \ 20 ( )
La = 2u02 2.1¢)
T
=24 | Ho (2.1d)

"1\ 200
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Figure 2.2: Equivalent circuit model of the FRR in Ansoft Designer.

Each of the six loops is capacitively coupled to two adjacent loops as shown
in Fig. 2.1, and the conductors responsible for this coupling can be represented as a
two-wire transmission line section. Using this model, a coupling capacitor C; is inserted
between the loops and an additional inductance L, is added to the loop inductances. These

two-wire distributed reactances are described by equations 2.2a and 2.2b as in [54]:

TE
G = (2.2a)
cosh (%)
L, = Zo’C, (2.2b)
where Zj is:
Zo = 27610g (%) 2.3)

Each loop is inductively coupled to one nearly coaxial loop on the opposite side
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Figure 2.3: Simulated reflection coefficient magnitude comparison between the NEC model and
the equivalent circuit model.

of the cube. Since we can assume approximately uniform current distribution on the
small loops, a simple model of the mutual inductance, M, can be used. Although we
have square loops, the formulas simplified from [55] for circular loops are used with an

equivalent loop radius, r.
4r2
4r2 + a2

M= fa+5| (1 %2) k() £(5)] (2.4b)

The simplified mutual inductance model is given in terms of the complete elliptic func-

B= (2.4a)

tions K(B) and E(B) [56].

The first two resonances of the FRR antenna obtained using both the NEC
simulations and the equivalent circuit model are shown in Fig. 2.3. Table 2.1 lists the
physical dimensions and circuit parameters corresponding to the 3 cases shown in Fig.
2.3. Both the simulated and analytical models are in excellent agreement for either small
gap widths or loop radii. The slight disagreement can be attributed to the breakdown of

the assumption of uniform currents along each small loop at higher frequencies.
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Table 2.1: FRR dimensions and computed circuit parameters corresponding to the equivalent
circuit model plots of Fig. 2.3

’ Case \ Dimensions \ Value \ Circuit Parameter \ Value ‘
a 60mm |R 54 Q
1 g 0.25mm | L 32.0 nH
b 00l mm | C 49.5 fF
M 3.3nH
a 60mm |R 520
) g 05mm |L 32.0 nH
b 00l mm | C 38.8 fF
M 3.2nH
a 50mm |R 43Q
3 g 05mm |L 254 nH
b 00l mm | C 31.7 fF
M 2.6 nH

The current distributions along the length of wire are plotted for each resonance
frequency in Fig. 2.4. At fi= 2.75 GHz, the structure supports a 1A current distribution
equal to the length of the FRR wire length of 103.2 mm. The free space wavelength
at f1 is 109.1 mm, which is close to the wire length. Therefore, given the gap spacing
g = 0.25 mm, the reactive coupling between the different loops at f; miniaturizes the
antenna modestly. However, the free space wavelength at f,=4.2 GHz is 71.4 mm where
the antenna supports a 2A current distribution. The effective wavelength along the wire
length is 51.6 mm, which is significantly less than the free space value. Mutual reactive
coupling between resonant structures is known to cause the resonant frequencies to occur
closer to one another as coupling increases. This explains why the highest resonance
occurs at a frequency lower than the free space wavelength. This also explains why the
lowest resonance does not appear to be significantly miniaturized. The lowest resonance
is effectively pulled up in frequency while the highest resonance is pulled down due to

the reactive coupling.
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Figure 2.4: Current distribution along the length of FRR wire as simulated in NEC2.
2.3 Isolated FRR Antenna

A practical version of the FRR antenna has been implemented as a folded wire
embedded in a dielectric substrate (Fig. 2.5), and the antenna simulations are performed
using Ansoft’s High Frequency Structure Simulator (HFSS). The antenna parameters
include the wire line width w, gap width g, via radius r, and substrate height 4. The
SMA feed is offset from the FRR by a small gap of 0.2 mm on a 1x1 mm patch. The
inner conductor of the coaxial feed is connected to the small upper patch while the outer
coaxial shield is connected to a similar patch below. Fig. 2.5 indicates the upper and
lower surfaces of the FRR. Several key parameters were varied to identify their effect on
the FRR impedance and radiation characteristics. The nominal structural parameters are:
w = 1.0 mm, g=0.35 mm, 4 = 120 mil (3.048 mm), c= 6 mm, f = 1.0 mm, and r = 0.5
mm. Rogers 5880 (g, = 2.2) was chosen as the substrate material.

The analytical model assumed that all six connected loops were of equal dimen-
sion. In this implementation, the structure has no symmetry and contains several loop
sizes. The wire structure also has a non-uniform cross-section. These factors contribute

to the increased number of resonances seen in this model when compared to only two
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Figure 2.5: Ansoft HFSS model of the isolated FRR implemented as a folded wire inside a
dielectric substrate.

resonances in the analytical model. The surface current distribution for nominal structural
parameters is plotted for both the top and bottom conducting surfaces in Fig. 2.6. At the
lowest resonance (f; = 3.68 GHz), there are two current peaks in the current distribution
along the wire at the feed point and on the bottom ring in agreement with Fig. 2.4 for the
approximate analytical model.

The simulated radiation pattern at 3.68 GHz is consistent with a compact loop
antenna (Fig. 2.7). In fact, the electrical size of the antenna at the lowest resonance
is 0.11A4x0.13A, x 0.06A,. The second resonance at 4.75 GHz shows a similar omni-
directional pattern. At each resonance of the FRR antenna, the Bc values are B;c = 0.46,
Boc = 0.59, and B3c = 0.75. Since Bsc = 0.75, we can expect a higher directivity pattern
which is broadside to the circulating current distributions. Given the asymmetric FRR
shape and complex current distribution among the 6 connected conducting loops, it is not
straightforward to predict the location of the beam peak. HFSS simulations show that

the 6 GHz radiation pattern peaks at 6 = 45° and ¢ = 260° as shown in Fig. 2.7. The
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Figure 2.6: Top and bottom FRR surface current distributions at the three resonant frequencies.
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effect of the wire width on the reflection coefficient magnitude performance is plotted
for several values of w in Fig. 2.8. Peak realized gains for the corresponding radiation

patterns are: 1.57 dBi (3.675 GHz), 0.72 dBi (4.75 GHz), and 2.54 dBi (6.0 GHz).

2.4 FRR in Slotted Ground Plane

By embedding the FRR antenna in a slotted ground plane, improved matching
can be obtained at the FRR resonances. The ground plane is located on the bottom side of
the substrate and is defined by the parameters as shown in Fig. 2.9. The nominal ground
plane and slot dimensions are a = 6.75 mm, b = 6.5 mm, w, = 0.375 mm, w;, = 0.25
mm, W = 25 mm, L = 20 mm, and d = 0 mm. The slot dimensions « and b are varied
independently of all other geometrical parameters. Therefore, as the slot dimensions
are varied, the distance from the FRR to the ground plane also changes accordingly.
Both the FRR and ground plane compose the radiating structure. However, the FRR

occupies only 7% of the nominal ground plane area leaving considerable room for other
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Figure 2.7: Simulated 3D radiation patterns of the planar FRR antenna at the three resonant
frequencies.
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Figure 2.8: Parametric study of the reflection coefficient magnitude for line width variation.
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Figure 2.9: Ansoft HFSS model of the FRR embedded in a slotted ground plane (nominal ground
plane and slot dimensions are a = 6.75 mm, b = 6.5 mm, w, = 0.375 mm, w; = 0.25 mm,
W =25 mm, L =20 mm, and d = 0 mm).

circuit components when integrated into a device. Parametric sweeps over the ground
plane dimensions were performed to investigate and optimize the impedance bandwidth.
Clearly, the positions of the resonances have not changed. However, the impedance
matching near the resonances has greatly improved primarily due to the changes in the
antenna input impedance.

Fig. 2.10 shows that the radiation resistance has increased near the resonances
due to current flowing on the ground plane. The reactance is also reduced over both
bands since the ground plane is capacitively coupled to the FRR and introduces an
inductance near resonance. Also, the additional resonance in the impedance profile at
2.78 GHz introduced by the coupling of the FRR to the ground plane is of interest. The
input resistance is very large at almost 1000 . Although it may be possible to choose
ground plane and slot dimensions in order to match this mode to 50 €, it would not be
possible to match the other modes simultaneously and efficiently. In view of the above,
we have focused our attention on the resonances between 3 GHz and 6.5 GHz only in the
following parametric studies.

The current distributions in Fig. 2.11 support the reasoning about how the slotted

ground plane improves matching levels. Ground plane currents also play a significant
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Figure 2.10: Isolated FRR and FRR in slotted ground plane comparisons for reflection coefficient
magnitude (top), radiation resistance (middle), and reactance (bottom).

part in the resulting radiation patterns. In fact, the slotted ground plane radiation patterns
are rotated by 90° around the Z-axis with respect to the isolated FRR. This is due to
strong currents along the ground plane edges parallel to the Y-axis that radiate much like
dipole antennas, and explains the nearly omni-directional patterns and nulls along the
Y-axis. The radiation pattern at 5.8 GHz shows significant deformation along the Z-axis.
At this frequency, there are induced currents along the ground plane edges parallel to the
Z-axis. At the same time, currents parallel to the Y-axis are diminished. This increases
the gain broadside to the ground plane and reduces the endfire gain as evident from the

3D radiation pattern.

2.4.1 Slot Dimensions

The location of the lowest band is sensitive to the slot dimension a as shown in
Fig. 2.12. However, the upper band is affected primarily in the impedance matching
level. For a large enough slot, a > 8 mm, the §;; = —6 dB bandwidth of the upper

band increases to approximately 40%. The -6 dB impedance match criterion is used
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Figure 2.11: Magnitude surface current distributions and 3D radiation patterns at the lower band
frequency and upper band edge frequencies.

because most of the wireless communication handheld devices accept this matching level.
Fig. 2.13 shows that the band locations are not significantly affected by varying the slot

dimension b. It is also seen that the slot dimension b provides significant control over the

matching level in each band.

2.4.2 Ground Plane Size

Ground plane size is one of the most important factors in the performance of
compact antennas since the ground plane may support strong induced currents. Therefore,
the ground plane becomes part of the antenna showing impact on both the circuit and
radiation properties. Fig. 2.14 shows that the matching level of the lowest band is heavily
dependent on the ground plane width W. The nominal width W = 25 mm is approximately
half of the guided wavelength at 3.6 GHz, which is A, = 56 mm. Increasing or decreasing
the width degrades the matching in this band since it is no longer resonant at this
frequency. The FRR reflection coefficient magnitude is not as sensitive to the ground

plane length L. As seen in Fig. 2.11, most of the ground plane currents are distributed
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Figure 2.12: Parametric study of the reflection coefficient magnitude for ground slot dimension a
variation.
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Figure 2.13: Parametric study of reflection coefficient magnitude for ground slot dimension b
variation.
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Figure 2.14: Parametric study of the reflection coefficient magnitude for ground plane width
variation.
along the edges parallel to the Y-axis. Even at the smallest length L = 15 mm, sufficient

matching is maintained.

2.4.3 Offset Placement

The exact placement of the FRR in the slotted ground plane may be of interest
depending on the intended application. Therefore, the antenna offset d from the center
of the ground plane has been investigated. The location of the two matched bands are
relatively unaffected by the offset. However, the matching level of the first band and
bandwidth of the second band change significantly. Although some variability in FRR
location is allowable, offset values greater than d = 4 mm change the reflection coefficient

magnitude profile considerably.

2.4.4 Radiation Properties

The gain profile of the nominal FRR in the slotted ground plane shows nearly

constant gain of approximately 2.5 dBi across both bands (Fig. 2.15). The gain is defined
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Figure 2.15: Simulated gain and radiation efficiency profile for the FRR in slotted ground plane
using nominal structural parameters.

at the peak of the radiation pattern and not at a specific (constant) angle. The radiation
efficiency is > 90% over both bands. Due to the increased aperture size of the radiating
ground plane, there is considerable gain improvement over the isolated FRR at lower
frequencies. The largest FRR dimension (electrical size) varies from 0.1A, to 0.2, from
the lowest frequency to highest frequency in either band, respectively. The range of

electrical size for the largest ground plane dimension is 0.43A, to 0.74A,.

2.5 Experimental Verification

The FRR antenna prototype, as shown in Fig. 2.16, was fabricated based on the
nominal antenna parameters for both the FRR and slotted ground plane. Single-sided
copper-clad Rogers 5880 substrate material with a 62 mil (1.5748 mm) thickness was
used. The top and bottom conducting features were milled on the same 62 mil (1.5748
mm) substrate using an LPKF milling machine. Subsequently, the top and bottom layers
were clamped together and the 5 vias and RG-178 coaxial feed line were soldered in place.

Due to the LPKF machine tolerances, we could expect as much as 0.1 mm fabrication
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(a) Top view (b) Bottom view

Figure 2.16: FRR prototype antenna in slotted ground plane fabricated on an LPKF milling
machine. Nominal structural parameters were used.

error in both the line and gap widths since each requires two separate edge cuts. The
FRR in slotted ground plane was re-simulated using a line width w = 0.9 mm and gap
width g = 0.4 mm.

Fig. 2.17 presents the measured and simulated reflection coefficients for the FRR
in slotted ground plane. There is some disagreement in the location and bandwidth of the
first resonance. The upper band differs slightly in matching level and cutoff frequency
near 6 GHz. We attribute these differences to the achievable fabrication tolerances
noted earlier. Gain radiation pattern measurements were conducted in the Antenna and
Microwave Laboratory’s anechoic chamber at San Diego State University. Fig. 2.18 and
Fig. 2.19 present the simulated and measured Eg and E, gain pattern cuts in XZ plane at
0 = 0°, and the YZ plane cuts at ¢ = 90°. The co-polarized patterns are similar in both
shape and gain level. Measured cross-polarization patterns also tend to agree in both
shape and gain level. However, given the size of the antenna, mounting and misalignment
errors, some disagreement is expected.

Nulls in the measured radiation patterns near O = 180° are attributed to the
scattering effects of the chamber’s antenna under test (AUT) positioning post. Ripples
occurring in the measured co-polarized patterns show increased amplitude with frequency.

This effect is attributed to currents flowing along the coaxial feed line and contributing
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Figure 2.17: Measured and simulated reflection coefficient magnitude plots using the actual line
and gap widths.
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Figure 2.18: Measured and simulated E;, and Ej cuts in the XZ plane (¢ = 0°).
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Figure 2.19: Measured and simulated Ej and Ejg cuts in the YZ plane (¢ = 90°).

to the radiation pattern. A balun or other method to decouple the coaxial shield from
the antenna and ground plane should have been used. It is worth mentioning if the
measured gain is averaged over 1 period of ripple, the averaged measured gain agrees to
within a fraction of a dB with the simulated gain. This is further shown in the peak gain

measurements (Fig. 2.20).

2.6 4 Element FRR Sub-Array

The FRR is compact when installed on a half-wavelength (guided wavelength)
ground plane and tends to excite currents confined to the embedded edge with relatively
less coupling to the adjacent edges. With this in mind, we briefly present some simulated
data for a 4 element sub-array in which each ground plane edge contains an embedded
FRR as shown in Fig. 2.21. This sub-array is implemented on a 25 mmx25 mm square
slab of grounded FR4 dielectric. The total antenna size including ground plane ranges

from approximately 0.25A to 0.5A over the operational frequency band from 3.2 GHz
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Figure 2.20: Measured and simulated peak gain profiles for the actual dimensions of the fabricated
FRR antenna in slotted ground plane.

Figure 2.21: 4 element sub-array of FRR elements on a small ground plane.

to 6 GHz. The embedded element radiation patterns associated with each antenna port
are presented in Fig. 2.22. This sub-array shows significant pattern diversity in that
the elements appear to have very little overlap. Pattern diversity can be attributed to
the currents being primarily confined along a single radiating edge of the ground plane.
When viewed as a single aperture, this element can be classified as a multiple mode
antenna since each radiation pattern is associated with a different current mode on the
ground plane.

The scattering parameters plotted in Fig. 2.23 demonstrate wide impedance
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Figure 2.22: Embedded element patterns for each port of the 4 element FRR sub-array.

matching in two bands and the low level of mutual coupling across these bands. Not
surprisingly, the diametrically opposed elements show the highest level of coupling as the
embedded element patterns for these share the same polarization. Ideally, we would like
the isolation level to be even higher for improved antenna efficiency. This is particularly
important when forming beams involving multiple ports with significant phase shifts.
Clearly, a more direct approach to exciting multiple modes on the same or collocated
apertures is needed. We will pursue that goal by exciting orthogonal modes on collocated

circular patch antennas as presented in the following chapter.

2.7 Conclusions

A compact antenna based on the folded ring resonator (FRR) metamaterial struc-
ture was presented. Implemented as a folded wire embedded in a dielectric substrate,

the FRR antenna was shown to have closely spaced resonances. By coupling the FRR
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Figure 2.23: Unique scattering parameters of the 4 element FRR sub-array as implemented on a
25 mmx 25 mm square slab of grounded FR4 dielectric.

antenna with a slotted ground plane, impedance matching was improved near the res-
onances. The result is a stable radiation resistance and near zero reactance over two
bands matched better than -10 dB. Induced ground plane edge currents along the Y-axis,
produce highly linearly polarized radiation patterns. Peak gains of approximately 2.5
dBi and radiation efficiency greater than 90% are maintained over the two bands. Ad-
ditionally, simulated data was presented for a 4 element FRR sub-array showing good
pattern diversity and reasonable port isolation. Given the role played by the small ground
plane in producing the embedded radiation pattern, we contend that this antenna can also
be called a multiport, multiple mode antenna. In the following chapter we will explore
this idea further using element aperture geometries producing well defined and highly

isolated radiating modes.
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Chapter 3

A Circularly Polarized Multiple
Radiating Mode Microstrip Antenna

for Satellite Receive Applications

3.1 Introduction

Pattern reconfigurable antennas offer an additional degree of freedom in the design
of communications systems with which to mitigate potential threats in the electromagnetic
environment. GPS receivers for example are notoriously susceptible to low power
jammers and scattered signals from multipath. Receivers deployed in these environments
benefit from the use of reconfigurable null forming antennas. A common implementation
consists of a patch array of N elements fed by a beamforming network to generate N-1
scannable nulls [57, 58, 59]. Active and switched parasitic beamforming array approaches
can require sophisticated algorithms to compute the required complex weighting at
each antenna element [60, 61, 62, 63]. Another approach is to excite N orthogonal

radiating modes on the same element or collocated elements and use phase and amplitude

45
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weighting to scan N-1 beam peaks and nulls. The approach taken in [64] realizes a
circularly polarized (CP) directional pattern and a linearly polarized (LP) omnidirectional
pattern excited on the same rectangular patch. However, only low elevation azimuthal
jammers can be effectively nulled while maintaining CP in the main beam direction.
Collocated patch antennas in [65] produce CP directional modes capable of azimuthal
ring nulls. An LP multiple mode antenna using amplitude weighting and switched phase
to achieve full hemispherical beam peak and null steering was reported in [66]. In [67],
the authors investigated another LP antenna composed of multiple concentric circular
patch antennas excited by feedpoints with the same symmetry as each mode’s current
distribution.

In this chapter, we propose a novel circularly polarized multiple mode patch
antenna capable of full hemispherical null steering and limited beam peak steering as a
continuation of our research presented in [68]. A low axial ratio (< 3 dB) is maintained
within the main beam for all scan angles. Both the radiating aperture and active feed
network needed to support radiation pattern reconfiguration were designed, fabricated
and measured. The aperture consists of a circular patch supporting a 7M; mode nested
within a concentric shorted annular patch on the same dielectric substrate. In section 3.2,
we use the cavity model for shorted annular patch antennas to gain insight into the nature
of the beam forming capability of our proposed multiple mode antenna. This analysis
is supplemented by full-wave analysis and measured impedance results for a passive
multiple mode aperture and feed network as presented in section 3.3. A reconfigurable
active feedwork design is presented in 3.4 which is later used to steer the antenna radiation
pattern. Finally, we present the results for the fabricated and integrated antenna in section
3.5. Custom MATLAB code was used to perform the cavity model analysis and most
post-processing associated with simulation and measured data. All simulation results are

based on full wave analysis performed using Ansys High Frequency Structure Simulator
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(HFSS). San Diego State University’s Antenna and Microwave Laboratory was used to

fabricate and measure all antenna and feed network protoypes.

3.2 Analysis and Theory of Operation

The primary research goal was to achieve full hemispherical null steering and
limited beam peak steering using a fully integrated radiating element and feed network.
Although, prior research has shown that using a combination of elements producing
orthogonal radiating modes results in a set of steerable nulls controlled by the complex
weighting of the modes [64, 65, 66, 67], none has sufficiently discussed the theoretical
basis for this phenomena. In this section, we develop a simple analytical model used
to investigate a novel configuration of two microstrip patch antennas each supporting
a unique radiating mode. Collocated patch antennas were chosen for their simplicity,
design versatility and adequate performance. Specifically, we used an inner 7M1 patch
concentrically nested within a 7'M shorted annular ring patch antenna as shown in Fig.
3.1. The shorted annular ring patch has been shown to deliver highly versatile radiation
pattern and impedance performance over a wide range of design parameters [69].

The expected radiation pattern performance for the multiple mode antenna can
be quickly analyzed using a mode-matching cavity model for each patch antenna as
formulated in [69]. Evaluating the performance of each mode independently assumes
that there is little mutual coupling between them. Data presented in following sections
validates this assumption. We also assumed that the phase centers are collocated since the
patches are concentrically located on the same substrate. The analysis process consists
of (1) finding the general field solutions for the cavity mode-matching at the feed point,
(2) solving for the coefficients of the particular cavity field solution using boundary

conditions, (3) evaluating the tangential fields at the circumferential radiating aperture
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Figure 3.1: Geometry of circularly polarized multiple mode antenna aperture with direct coaxial
feeding.

of the patch, (4) computing equivalent current sources that produce the same radiated
far-fields as the aperture fields, (5) computing the vector potentials of the equivalent
current sources and (6) transforming the vector potentials into the far-field. Using the
results of [69], each linear polarization of the mode radiation pattern was calculated
independently from the following far-field equations, where n indicates the mode number

(T M)
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The parameters ko and k; are the phase constants in a vacuum and the substrate
medium, respectively. Given the cylindrical symmetry of the shorted annular patch
antenna, it is not surprising that the far-field equations contain Bessel’s functions of the
first and second kinds, J,, and Y, (contained within f;,), respectively. The functions f,
and f} defined in [69] are expressed in terms of the Bessel’s functions and weighting
coefficients, which are themselves determined by the geometry of the cavity (i.e. the
boundary conditions). Fresnel coefficients, RTE and R™ gre included to account for the
effect of the dielectric on the radiation pattern near 6 = 90°.

Since we are interested in satellite receive applications, two feed points per mode
are used to produce circularly polarized radiation. For a single mode, the two feed points
are fed in quadrature with equal amplitude and a relative 90° phase shift. The physical
angular separation of each pair of feed points is determined by the symmetry of the mode
and given by ¢? = /2n. Assuming two feed points are used to excite each mode at an

angular spacing of ¢7, the total LP field components for each mode can be expressed as
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follows.

EN0,8) = E(0,6)+ PEL(0+¢!,0) (3.3)
El(0,8) = Eg(0,0)+ jPEL(0+0",0) (3.4)
p = +1(lhep),—1(rhep) (3.5)

The CP fields for each mode can be readily obtained from the LP components, Eg and

E}.
ep(0.0) = —l(Re(Eg} —Imi{E})) G6)
+j (Im{Eg} + Re{Eg})]
E.(0.6) = \%[(Re{ig}ﬂm{ﬁg}) (3.7)

+j (Im{Egy — ReEg})]

The total CP far-field patterns are determined by the weighted sum of the individual

mode radiation patterns.

rhcp Z G Erhcp (3.8)

Ej,ep(0,6) Z CoElpep(0,6) (3.9)

In this chapter, only two modes are excited which reduces equations 3.8 and 3.9 to

Erhcp(q) e) Y[Erhcp(q) e) + OLErhcp(q) )exp(]B)] (310)

Efep(0,8) =VIE},(9,0) + 0Ef, ., (0,0) exp(jB)] (3.11)
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The complex radiation patterns for the two circular patch modes are plotted in Fig.
3.2. As stated in [64], the phase shift [} between modes changes the azimuthal location
of the null while the null elevation is controlled by the mode amplitude ratio o.. The
phase difference between modes is specified by p = £/P; — /Py = /P4 — /P,. Similarly,
the amplitude ratio between modes is denoted by o = |P3|/|P1| = |P4|/|P2|. Fig. 3.3
illustrates the mechanism for this behavior in the complex radiation patterns which are
combined using a port amplitude ratio of 0 dB and a phase difference of 0° at 1575
MHz. Null formation is due to destructive interference of the far field radiation patterns
associated with each mode. Such destructive interference occurs at angles where the two
radiation patterns are both nearly equal in amplitude and out of phase by approximately
180°. Referring to Fig. 3.3a, there is a wide range of elevation angles where the mode
radiation pattern amplitudes are nearly equal and 180° out of phase. For reference, a
pattern amplitude difference of 3 dB with 180° phase difference corresponds to ~ -11dB
null depth relative to the largest of the two mode pattern amplitudes at that angle. Based
on the upper plot in Fig. 3.3a, we can expect an elevation null from 6 = 20° to 8 = 90°
for a null depth of better than -11 dB. Similarly, equal pattern amplitudes with a phase
difference from 162° to 198° yield a null depth of -10 dB relative to the largest of the
two-mode pattern amplitudes at that angle. Using this information, the -10 dB azimuth
null width can be estimated from the lower plot in Fig. 3.3a as spanning ¢ = 145° to
¢ = 181°. Fig. 3.3b confirms our estimates of the location, width and depth of the null.
If the null depth is being measured relative to directivity of the beam peak in Fig. 3.3b,
then both the null depth and width have increased by some amount due to the increased
directivity of the beam peak relative to the two individual mode directivities. The design

parameters used in this analysis are listed in Table 3.1.
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Figure 3.2: Hemispherical plots of directivity and phase patterns for the individual circular patch
antenna modes.
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Figure 3.3: Difference and sum of the two radiating modes with equal amplitude and phase
excitation. The field quantities were determined by analysis (equations 3.3 to 3.11).

3.3 Passive Antenna Design

In this section, we investigate the impedance properties of the passive antenna
aperture and passive portion of the feed network needed to generate CP radiation patterns.
Fig. 3.4 shows a simulation model and photograph of the fabricated version of the
multiple mode aperture and passive hybrid coupler feed network. The connection between
the feed network and passive aperture is illustrated in Fig. 3.4a. Four connecting vias
used to connect the passive aperture output ports (Py, P>, Pz and Py) to the corresponding

hybrid input ports (also P;, P>, Pz and Py). In practice, the passive aperture substrate is
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Table 3.1: Physical and electrical parameters used the analysis, simulation and fabrication of the
CP multiple mode antenna.

’ Parameter \ Description \ TMq, \ TM>;
f center frequency (GHz) 1.575
h substrate height (mm) 3.2
€ substrate relative permittivity 2.15

tan & substrate loss tangent 0.002

Cc patch/ground conductivity (S/m) 5.8e7
a patch inner radius (mm) 0.0 41.0
d radius of feed location (mm) 10.5 54.0
b patch outer radius (mm) 36.3 75.75
R ground plane radius (mm) oo (analysis), 200 (sim.)
" angular feed location 0° | 202.5°

stacked on top of the feed network substrate such that the patches are on the top and
the hybrid couplers are on the bottom of the stackup. Finally, the 4 connecting vias are
inserted through the 4 aligned holes in each substrate and soldered in place. First, the
passive aperture was designed in HFSS based on the parameters listed in Table 3.1 derived
through the analysis presented in the previous section. The analysis assumed an infinite
ground plane, whereas the simulated ground plane size was chosen to be approximately
one wavelength (200 mm) in diameter, which is sufficiently large to support the fringing
fields of the patches. Fig. 3.5 shows that the aperture impedance parameters were in good
agreement between simulation and measurement. For simplicity, symmetric S-parameters
have been omitted from the plots (i.e. S11 ~ S22, $33 &~ Sa4, S13 & S24, S14 = S23). The
overlapping -10 dB input impedance matching fractional bandwidth across both modes
is approximately 1.4% (1.565 GHz to 1.587 GHz).

Second, the hybrid couplers needed to supply quadrature excitations to each
pair of ports were designed in HFSS on 60 mil (1.524 mm) FR4 material (¢, = 4.4,
tan(d) = 0.02). Again, acceptable agreement was obtained between simulated and
measured impedance parameters for these passive feed structures as shown in Fig.

3.6. Phase differences were computed from the S-parameter measurements ZSp, g, —
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(a) HFSS simulated model. (b) Fabricated prototype.

Figure 3.4: Integrated aperture with passive feed network for impedance testing.

Z8Sp, u, (TM11) and ZSp, g, — ZSp, u, (I'M>1), where the subscripts refer to the hy-
brid ports as indicated in Fig. 3.4. Similarly, the amplitude ratios were computed
from |201og;( |Sp, ., | —2010go |Sp, ,|| (TM11) and |201og, |Sp, H,| —2010g;( |Sp;. A, ||
(TM>1). The measured response of the hybrid coupler for the TM;; mode shows some
deviation from simulation possibly due to the uncalibrated U.FL cables used or some
other fabrication issue. Using a 1 dB amplitude imbalance and +5° phase imbalance as
the maximum allowable deviations in the hybrid performance, we achieved an operational
bandwidth from 1.45 GHz to 1.8 GHz.

Third, the multiple radiating mode apertures and hybrid couplers were integrated
by connecting the labeled hybrid input ports to the corresponding aperture output ports
using 22 gauge (0.65 mm diameter) copper wire (i.e. Py to Pj, P> to P, etc.). As expected,

good agreement was also obtained between the simulated and measured impedance
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Figure 3.5: Simulated and measured scattering parameters of the patch antennas excited directly
at the aperture (i.e. coax feeds from ground plane to patch).

parameters for the fully integrated passive antenna as shown in Fig. 3.7. The limiting
factors for the bandwidth over which the antenna behaves as an efficient radiator are
clearly the mutual coupling parameters S12 and S34. In fact, these mutual coupling
parameters between pairs of hybrid output ports (Hy, Hy and H3, Hy) represent the
bandwidth over which the load to hybrid input ports (P;, P> and P3, P;) presents a nearly
50 Q impedance. In this case, the load is the output impedance of each of the antenna
ports. Since the antennas are 7M1 and T M3 patches on an electrically thin substrate,
it is expected that the matched impedance bandwidth is on the order of a few percent
with respect to a 50 Q load. For the integrated passive antenna, the overlapping -10
dB fractional impedance bandwidth for both modes is 1.6%, or 25 MHz in absolute
terms (1.562 GHz to 1.587 GHz). If used in a receive application such as GPS, this
is enough bandwidth to accomodate a single 20 MHz channel. There are numerous
techniques available to achieve a wider impedance bandwidth, and we are exploring
such implementations as part of our ongoing research for related applications. This

is particularly important if the antenna is intended to be used in a potentially harsh
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Figure 3.6: Simulated and measured amplitude and phase characteristics of the hybrid coupler
output ports when disconnected from the antenna aperture.
environment where the antenna may become detuned. Some amount of impedance

bandwidth margin is desirable in order for the receiver to remain operational.

3.4 Active Feed Network Design

In order to characterize the radiation pattern performance of the multiple mode
antenna over a wide range of pattern reconfiguration, it was necessary to develop a
feed network with many possible configuration states. The feed network should include
independent amplitude and phase control of the received signals at the hybrid output ports.
The functional block diagram shown in Fig. 3.8 depicts the required devices between the
aperture output ports and the RF output port routed to an external receiver. Moving in
the direction of the receiver, the RF signal transduced by the aperture first encounters
the hybrid couplers, which were designed, fabricated and tested in the previous section.
After combining in the couplers, the signal to noise ratio (SNR) for each mode is boosted

by the low noise amplifier (LNA), which also provides a stable impedance match to
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Figure 3.7: Simulated and measured scattering parameters of the multiple mode antenna aperture
integrated with the passive hybrid coupler feed network.

the outputs of the hybrids. The RF signal then enters the mode control block where it

undergoes a phase shift (PS) and amplitude adjustment in the variable gain amplifier

(VGA) before final combining of both mode signal paths in the power combiner.

3.4.1 Component Selection

For this particular feed network, there are three types of active circuit blocks
to be considered: (1) RF devices, (2) power supply circuitry and (3) control circuitry.
The purpose of the control and power circuitry is simply to provide proper biasing
and adjustment of the RF devices. In order to choose the appropriate RF devices, we
developed a simple specification at the antenna subsystem level as summarized in Table
3.2. A low cost low noise amplifier (LNA) module was selected with approximately 15
dB of gain to provide adequate SNR and impedance buffering. For ease of calibration
and measurement repeatability, a 6-bit digital step phase shifter (DP) and 6-bit digital
step attenuator (DA) were selected to implement the mode control block. Table 3.2

also lists the expected RF performance of the active feed network based on datasheet
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Figure 3.8: Functional block diagram of the active reconfigurable feed network (LNA = low
noise amplifier, PS = phase shifter, VGA = variable gain amplifier/attenuator).

information and cascade analysis of the selected RF components. The selected RF
devices collectively required three separate voltage supplies: +5 V, -5 V and +3.3 V. The
appropriate voltage regulators were then chosen to provide each of the required voltages
when sourced from a single 9 V supply.As with the passive implementation in section

Table 3.2: Specified and expected RF performance of the active feed network based on the
selected components.

Parameter \ Specification | Selected Components
Frequency 1.575 GHz 1.575 GHz
Bandwidth >20 MHz ~ 350 MHz
System NF <20 dB (or < NFyna) <5dB

Att. Range ~30 dB 30 dB

Att. Increment <1dB 0.5dB

Phase Range 360° 360°

Phase Increment <10° ~ 6°

3.3, the active feed network was designed on a 2 layer, 60 mil FR4 substrate. Given that
the chosen frequency of operation is in L-band, the size of any one passive device (i.e.

antenna aperture, hybrids, combiner) is much larger than any particular active device.
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Therefore, the hybrid couplers and power combiner were designed and positioned on the
feed network substrate first. Connecting traces, landing pads and vias for all other RF,
power and control components were strategically placed during layout. Fig. 3.9 shows
the component side (bottom view) of the fabricated and assembled feed network after

integration with the multiple mode antenna aperture (top view).

(bottom)

Figure 3.9: Top and bottom views of the fully integrated multiple mode antenna aperture with
active reconfigurable feed network.

3.4.2 Feed Network Calibration

Calibration of the active feed network is critical in order to make direct compar-
isons between the analytical, simulated and measured radiation pattern performance data.
The most accurate and direct method of calibration requires measurement of the radiation
pattern for every configuration state. This is also the most time consuming method since
there are a total of four 6-bit digital step devices each having 64 available states. A
simpler method is to choose an initial configuration state as the reference and characterize
each variable phase shifter and attenuator independently. The initial configuration state
is denoted by the measured amplitude and phase parameters O and B,.r. Assuming

that the devices do not interact, we can synthesize any combination of these states by
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linear superposition of the calibration data taken for each device as defined in Eqns. 3.12
and 3.13. Furthermore, we simplified the task by inserting U.FL test points very near the
hybrid output ports as shown in Fig. 3.10 so that the calibration data could be measured

on a lab bench with a vector network analyzer (VNA).

Figure 3.10: Closeup view of the calibration test points and signal paths for each mode.

A total of 192 complex S-parameter calibration measurements were recorded
with ~ 6° phase and 0.5 dB amplitude precision as plotted in Fig. 3.11. It is important
to note that the phase shifters (DP;; and DP»1) produce amplitude variations in addition
to the intended phase shifts. Similarly, the attenuators (DA and DA31) also introduce
some amount of unintended phase shift. This means that to realize a particular set of
mode weighting coefficients, we must find an optimal configuration of the four devices
from among the calibration data. The mode weighting coefficients o and [ are related to
the calibration data as given in Eqns. 3.12 and 3.13. The parameters DAY,, DP{,, DA},
and DA3, are the measured complex S-parameters from each test point (Cal,) to the RF

output for a particular configuration state. A configuration state is defined by a unique
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combination of the parameters (p =1---32,g=1---64,r=1---32,5s=1---64), each
of which is a setting number of the digital step phase shifters and attenuators as shown in
Eqn. 3.13. Specifically, the setting number listed as a base 10 integer on the x-axis of Fig.
3.11 corresponds to a 6-bit setting of the 6 pin DIP switches connected to the parallel
programming pins of each of the digital step attenuators and phase shifters. When one
of the 6 switches is positioned in the “On” state, this corresponds to a binary 1, while a

switch in the “Off™ state corresponds to a binary 0.

o = (|DAy|~ DAY+ |DPyy| — |DPf}|) — ey

ref = (IDAY|— DAY |+ |DP}|| - DPY) ) (3.12)
B = (4£DA5 —£ZDAY| + ZDP3, — ZDP}\) — Byey

Brey = (£DAY, —2DAY, + ZDP), — 2ZDP},) (3.13)

The number of digital step attenuator configuration states was limited to 32,
which translates to an attenuation range of ~15 dB per attenuator. We found that the
signal could not be reliably attenuated any further primarily due to signal leakage onto
the control lines, which was able to propagate to the outputs of the attenuators. Ideally,
our feed network would have been fabricated onto a four or more layer board in order
to provide more isolation between the various signals (i.e. RF, power, and control).
However, even with this limitation, we still achieved the desired 30 dB attenuation range
between the two modes.

The active elements in the RF path between the hybrid coupler outputs and the
final power combiner circuit have some impact on the output reflection coefficient of
the antenna. Low noise amplifiers (LNA) were placed at the hybrid coupler output ports

in order to prevent impedance changes from affecting the aperture performance. The
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digital step phase shifters were determined to have negligible impact on the output match
over all settings of the 6-bit devices. However, the output impedance of the digital step
attenuators does vary significantly with setting number. Measurements of the antenna
output reflection coefficient at the power combiner were taken over 32 settings for each
of the 6-bit digital step attenuators (32 settings each). As shown in Fig. 3.12, the output
reflection coefficient remains below -10 dB for all settings. Device DA,; shows higher
reflection coefficient variation and is due in part to undesired coupling between power,
control and RF lines of the device. The traces for parallel interface control of device
DA; were necessarily routed under the component presenting both a leakage path and a
smaller ground plane. One limitation of the 2-layer board used for the feed network is

the inability to route all traces while maintaining sufficient isolation between them.
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Figure 3.12: Plots of the output reflection coefficient (I',,;) seen at the antenna output port (RF,,,)
for the 32 available settings for each of the 6-bit digital step attenuators (DA; and DAjy).



64
3.5 Radiation Pattern Measurements

After integration and calibration, the integrated antenna was mounted in the
combined spherical near-field and far-field anechoic chamber for radiation pattern char-
acterization. The measurements were taken in two stages. First, we collected data on the
passive individual mode patterns to verify that the passive antenna aperture and hybrid
couplers were functioning as predicted in simulation. Second, the active RF circuitry was
used to steer the beam peak and null using the calibration table data and compared to
simulation and analytical data. Fig. 3.13 shows the integrated antenna mounted in the
anechoic chamber and the HFSS simulation model used for comparison. All measured
data was obtained using an Anritsu Lightning VNA, NSI WR-650 near field probe and
Orbit FR’s Spectrum Analysis data acquisition and processing software package all of

which we have available in the Antenna and Microwave Laboratory (AML) at SDSU.

0 50 100 {mmj}

(a) Fabricated prototype (b) HFSS simulated model

Figure 3.13: The integrated antenna composed of passive aperture and active feed network.
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3.5.1 Individual Mode Patterns

The passive radiation pattern measurements of each mode were made by dis-
connecting the active circuitry at the test points located at the output of each hybrid
coupler. We wanted to ensure the maximum isolation between the modes and eliminate
other possible sources of complication. Each mode was measured one at a time while
terminating the other in a 50 € load.

Fig. 3.14 compares the simulated and measured data at 1.575 GHz for both
co-polarized amplitude pattern and axial ratio of the TM;; mode over the entire sphere.
Since we are demonstrating full hemispherical null steering and partial hemispherical
beam peak steering, it makes sense to plot these quantities over the entire sphere. There is
considerable agreement seen in the simulated and measured patterns. To further quantify
this agreement, we have plotted the co-polarized realized gain, cross-polarized realized
gain and axial ratio of the beam peak versus frequency (¢ = 0°,0 = 0°) in Fig. 3.15.
Realized gain includes all the associated losses present in the antenna aperture and active
feed network. The in-band data points (1.565 GHz to 1.585 GHz) show acceptable
agreement. At center frequency (1.575 GHz), the measured co-polarized gain differs by
6.7% from simulated value while the axial ratio differs by only 4.5%. Above the center
frequency, there is significant disagreement in the measured cross-polarized gain, which
is much more sensitive to non-ideal chamber conditions (i.e. scattering from walls and
mounting surfaces) due to its relatively low signal power.

The radiation pattern properties of the 7M>; mode were measured in the same
way as the TM;; mode. Again, close agreement is seen in the complete amplitude and
axial ratio patterns plotted in Fig. 3.16 at the center frequency (1.575 GHz). There
are several identifiable features in both the simulated and measured plots that agree in
location and appearance including a deep null near angles (¢ = 270°,0 = 0°), beam peak

at angles (¢ = 30°,0 = 36°) and bump in the axial ratio between azimuth angles ¢ = 100°
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Figure 3.14: Full spherical simulated and measured normalized gain and axial ratio patterns for
TM, at center frequency (1.575 GHz).

and ¢ = 160°. The agreement between simulated and measured 7M»; data is established
by comparing the co-polarized realized gain, cross-polarized realized gain and axial ratio
versus frequency as shown in Fig. 3.17. The elevation angle at which the beam peak
of TM71 mode occurs is 8 = 36°. However, the TM»; radiation pattern is rotationally
symmetric in azimuth, which means there is likely variation in both the realized gain and
axial ratio as a function of azimuthal angle for a fixed elevation angle of the beam peak.
Selecting realized gain or axial ratio at only a single angle may give a false measure of
the overall mode performance. Therefore, Fig. 3.17a plots the maximum realized gain
and axial ratio while Fig. 3.17b plots the minimum of the same parameters. Maximum

realized gain was selected from the realized gain of the TM;; mode over all azimuth
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Figure 3.15: Simulated and measured 7M; mode radiation pattern properties at (6 = 0°,¢ = 0°)
versus frequency.

angles and occurs at the elevation beam peak angle. Similarly, the worst case or minimum
axial ratio was selected from all azimuth angles at the elevation angle of the beam peak.

The peak directivity and total antenna efficiency for each mode is plotted over
frequency in Fig. 3.18. TM>; shows good agreement in both peak directivity and total
efficiency. An approximately 3 dB decrease in directivity is observed for TM;; near
1.575 GHz. This is consistent with the radiation pattern transitioning from a directional
to a conical radiation pattern. However, the peak directivity of 7M1 consistently differs
over frequency by approximately 0.7 dB from the simulated value. One possible source of
this error is the relatively short distance between the probe and AUT (72 A). Since TM;
is directional beam pointed at the probe on boresight, it is possible that the deviation in
measured peak directivity is caused by multiple reflections (mutual coupling) between
probe and AUT. At center frequency, 1.575 GHz, the TM1; and TM>; modes have total
efficiencies of 68% (-1.7 dB) and 79% (-1.0 dB), respectively. Some inefficiency can
be attributed to the lossy FR4 substrate used in the design of the hybrid couplers. It

is expected that the higher order 7M>; mode will suffer more loss since the radiating
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Figure 3.16: Full spherical simulated and measured normalized gain and axial ratio patterns for
TM> at center frequency (1.575 GHz).

currents must travel farther over its larger physical aperture.

3.5.2 Beam Peak and Null Steering

Finally, the active circuitry was reconnected to the hybrid coupler outputs in
order to demonstrate the null and beam peak steering capabilities of the antenna. The
entire antenna was powered from a single 9 V battery, which provided enough power
for several full spherical measurements. A total of 11 configuration states were chosen
to demonstrate the azimuth and elevation steering properties of the antenna. Each

configuration state was optimally chosen from all combinations of the calibration data
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Figure 3.17: Simulated and measured TM,; radiation pattern properties at (6 = 36°,¢0 =

0°---360°) versus frequency.
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Figure 3.18: Simulated and measured peak directivity and total efficiency versus frequency
showing that both modes share and overlapping band of efficient operation.

to deliver the desired mode weighting coefficients (o and ). Table 3.3 lists the 4
configuration states used to steer the beam in azimuth using only the relative phase offset
between the two modes. Similarly, Table 3.4 lists the 7 configuration states used to steer
the beam in elevation using only the amplitude ratio between the two modes. The state of

each device (DP and DA) is given as a 6-bit binary number which represents the switch

positions needed to program each device in direct parallel mode.

Table 3.3: Active feed network configuration states and device settings for azimuthal beam peak
and null steering.

]State\(x(dB)\B(deg)\ DPy ‘ DA ‘ DP> ‘ DA, ‘

1 0 0 000111 | 001101 | 011011 | 001100
2 0 90 010011 | 001101 | 010111 | 001011
3 0 180 | 001101 | 001101 | 000010 | 001100
4 0 270 111001 | 001101 | 011101 | 001011

Full spherical near-field radiation pattern data was measured for each configura-
tion state. Fig. 3.19 shows the measured normalized co-polarized radiation patterns for

4 cases of azimuth steering determined by the phase offset between the two modes. As
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Table 3.4: Active feed network configuration states and device settings for elevation beam peak
and null steering.

| State | 0.(dB) [ B(deg) | DPii | DAy | DPy | DAy
1 -15 0 [ 011100 [ 000011 [ 111001 [ 100000
2 -10 0 [ 000110 | 000111 | 100000 | 011010
3 -5 0 | 110001 | 001001 | 000111 | 010001
4 0 0 [ 000111 [ 001101 [ 011011 | 001100
5 5 0 [ 000011 | 010011 | 010101 | 001000
6 10 0 | 001111 [011101 | 011110 | 000111
7 15 0 [ 000001 | 100000 | 001101 | 000001

the phase of TM»; increases with respect to 7M1, both the beam peak and null steer
in the —¢ direction. This can be understood by looking back at the analytical phase
patterns for each mode in Fig. 3.2. The phase of each mode monotonically increases
with azimuthal angle. Therefore, the angle at which the two modes differ by 180° will
decrease as the phase of TM>; is increased relative to 7M. The radiation patterns of
only 4 of the 7 configuration states for elevation steering are shown in Fig. 3.20. These 4
cases demonstrate that using only the amplitude ratio between modes, the null and beam
peak can be steered over a wide range of elevation angles.

Analysis, simulation and measurement of three important performance parameters
are presented in Fig. 3.21 in order to quantify how predictably and practically the antenna
beam can be steered. Peak directivity for both the beam peak and null is an important
figure of merit that describes how well the antenna receives power from a particular
direction and polarization. All three methods of determining the beam peak and null
directivities are in close agreement for each configuration state both for the azimuthal
and elevation scan cases. Differences between measured and simulated beam peak
directivities are typically in the range from 0.5 dB to 1.0 dB. This is also the likely range
of error inherent to the measurement process itself. The parameters ¢s.q, and .4, are
the angular coordinates corresponding to either the beam peak or null as identified in the

plot legend.
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Figure 3.19: Normalized gain patterns for 4 configuration states demonstrating azimuthal beam
peak and null steering.

Azimuthal Steering

In general, it is clear that applying a phase offset 3 produces a one-to-one change
in the azimuthal angle of the beam peak and null. Also, the elevation angle of the
beam peak and null remains constant to within < 5°. This demonstrates the degree of
independence between the elevation and azimuth steering, which makes the beam control
both simple to understand and simple to implement. Clearly, both the beam peak and null
can be steered 360° in azimuth with a resolution of ~ 5° and limited only by the 6-bit
DP. The amplitude ratio & between the modes primarily produces a change in the beam

peak and null elevation angle although the azimuthal angle tends to fluctuate. Over all
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Figure 3.20: Normalized gain patterns for 4 configuration states demonstrating azimuthal beam
peak and null steering.
elevation steering configuration states the change in azimuth location is .., = 24° for

the null and the beam peak moves by as much as 3¢, = 37°.

Elevation Steering

A mode amplitude ratio range of 20 dB is required to steer the beam null from
0 = 0° to 8 = 90° while maintaining a null depth of ~ 20 dB or less. We selected a
DA with a minimum increment of 0.5 dB, which corresponds to a worst case elevation
angle resolution of ~ 5°. This is due to the fact that the change in elevation angle is
steepest in the range of o between -5 dB and 0 dB. The beam null is therefore steerable

in approximately 5° increments over the entire hemisphere. The beam peak however
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has a scan range limited to a conical region defined by a measured elevation angle
range from 16° to 36°. The minimum elevation scan angle is limited by the maximum
achievable attenuation of the 7M>; mode with respect to 7M. A lower bound of -30
dB of mode isolation limits the maximum achievable attenuation based on the mutual
coupling parameter S13 from Fig. 3.7. The maximum elevation scan angle is limited by

the beam peak angle of the TM»>; mode, which is 36° for our design.

Steering Error

The measured elevation angle of the beam null shows between 0° and 8° deviation
from the simulated value over all configuration states (azimuth and elevation steering).
This error can be linked to differences between the simulated and measured radiation
pattern directivities, which is on the order of 0.5 dB to 1.0 dB. There is also a consistent
offset between the simulated and measured azimuthal scan angles that varies from 15°
and 20°. This is not unreasonable since the method of calibration did not account for
the potential phase offset between the test points to the antenna apertures and this was
not modeled in the simulation. The range of phase error corresponds to an unknown
transmission line length on the order of a few millimeters in an FR4 substrate. However,
such an issue could be greatly minimized by designing the feed network to have phase
matching between test points and antenna aperture during layout. Modern PCB houses
can maintain copper trace feature tolerances to within less than 1 mil, which makes the

method useful even at higher frequencies.
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3.6 The Effect of Material Loss on the Axial Ratio Sym-
metry of Circular Microstrip Patch Antennas

A particularly critical point during the antenna design process is the selection of
the proper material set needed to meet a variety engineering goals. There is typically a
fundamental tradeoff in material selection between RF performance and cost. Lower cost
materials often have relatively high RF loss characteristics in addition poorer tolerances on
electrical, thermal and mechanical properties. A number of communications applications
such as precision GPS reception rely on antennas with high degree of azimuthal symmetry
in the circularly polarized (CP) radiation pattern. Proper angular spacing between pairs
of feed points excited in quadrature and the use of sufficient numbers of such pairs
contribute to high quality CP [70]. In this section, we use Ansys HFSS to demonstrate
the effect of the dielectric loss tangent on the azimuthal axial ratio (AR) symmetry for
the first 4 modes of the shorted annular ring microstrip patch (SARP) antenna (TMy,

TM21, TM31 and TM41).

3.6.1 Antenna Design

Fig. 3.22 shows the basic geometry of each of the 4 shorted annular ring microstrip
patch antennas investigated in this section. The parameter ¢y = 5- is the required
angular separation between feed points for optimal CP pattern quality as function of the
mode number m. Shorting vias provide an additional design parameter to achieve the
desired radiation pattern over a wide range of patch dimensions [69]. This is particularly
important when concentrically collocating these antennas in a nested configuration for
null and beam steering as investigated in [71]. The analytical equations presented in [69]
were used to derive initial design parameters for each of the 4 SARP antennas. Final

design parameters for each antenna are listed in Table 3.5 and were obtained iteratively
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Figure 3.22: Geometry of the shorted annular ring microstrip patch antenna.

using Ansys’ HFSS full wave electromagnetic simulation software.

Each antenna was designed in HFSS to present a matched load to the pair of
simulated 50 Q coaxial ports used for CP excitation (|S;| < —15 dB) at the center
frequency of 1.575 GHz (GPS L1 band). As expected, only the TM1; radiation pattern is
directional while the other 3 radiation patterns are omnidirectional as shown in Fig. 3.23.
Of particular importance for this study is the azimuthal behavior AR near the beam peak
for each mode. The elevation beam peaks have been determined to be 0°, 39°, 45° and

50° for the TM11, TM>1, TM3; and TMy4; modes, respectively.

3.6.2 Material Losses

Conceptually, a patch antenna is a leaky resonant cavity that supports standing

electromagnetic waves while functioning as an efficient radiator. The standing waves
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Figure 3.23: RHCP and LHCP realized gain elevation patterns for each mode at ¢ = 0° using a
low loss dielectric.

are the sum of the incident and reflected waves within the cavity. A high loss tangent
attenuates these waves as they travel away from the feed points toward the edges of the
patch where some of the energy is radiated away and the remainder is reflected. This
attenuation leads to a highly asymmetric current distribution as illustrated for the TM»;
mode in Fig. 3.24a in contrast to the low loss tangent case in Fig. 3.24b. Effectively,
the attenuation has introduced an additional equivalent linearly polarized (LP) current

distribution as illustrated in Fig. 3.24b. Therefore, we can expect the AR to degrade at the

Table 3.5: Final design parameters used for each antenna in HFSS.

Parameter ™™, TM»; TM3; TMy;
€, 2.2 2.2 2.2 2.2
h 120mil 120 mil 120 mil 120 mil
a N/A 383mm | 77.5mm | 117.0 mm
b 36.0mm | 753 mm | 115.0 mm | 155.2 mm
c N/A 41.0mm | 81.8 mm | 121.0 mm
d 105mm | 54.0mm | 94.0 mm | 132.0 mm
or 90° 45° 30° 22.5°
R 100.0 mm | 100.0 mm | 137.9 mm | 200.0 mm
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Figure 3.24: TM>; HFSS simulated current distributions for different loss tangent values corre-
sponding to conceptual CP and LP components contributing to the asymmetric current.

azimuthal angle associated with the LP component. Several representative dielectric loss
tangents ranging from 0.0009 to 0.1 were chosen to illustrate the how severely the AR is
degraded. Fig. 3.25 plots the AR of TMj; mode over azimuth angle at the beam peak
elevation angle of © = 39°. In the nearly lossless case, the AR remains less than 3 dB for
all azimuth angles. As the loss tangent approaches values typical of low grade materials
such as FR4, the AR increases to values ranging from 6 dB to 12 dB. As expected, the
increase in axial ratio occurs primarily at one angle (¢ ~ 135°). Therefore, we can also
expect additional AR degradation with increased mode number as shown in Fig. 3.26
due to increased physical size of the antenna.

We have demonstrated the effect of dielectric losses on the radiation patterns of 4
commonly used shorted annular patch antennas. Loss tangents typical of common low
grade RF materials were shown to degrade the axial ratio significantly primarily at one
azimuthal angle. This was explained by decomposing the asymmetric current distribution

into effective LP and CP components. As expected, the effect becomes more pronounced
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with increasing mode number. Additional supporting data and material will be presented

at the symposium.

3.7 Conclusions

We presented a novel pattern reconfigurable antenna designed for satellite receive
applications in L-band. Using the beamforming capabilities of orthogonal radiating
modes, we demonstrated full hemispherical steering of a single beam null and conical
steering of a single beam peak. A circular patch antenna was chosen to excite the
directional 7M; mode while TM»; was excited on a coplanar and concentric shorted
annular ring patch. Fundamental field analysis was performed in order to show the
amplitude and phase relationships between the 2 modes that are responsible for the
beam steering properties. A passive multiple mode antenna aperture was fabricated and
measured which showed acceptable agreement with simulated impedance and radiation
performance. Finally, we demonstrated the practical beam steering properties of our
antenna by integrating the antenna aperture with an active feed network composed of
COTS (commercially off the shelf) components. Reasonable agreement was found
between predicted and measurement beam peak and null positions. Most error was
explained as a byproduct of the inherent measurement uncertainty