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ABSTRACT OF THE DISSERTATION

High Frequency Multiphase Clock Generation Using

Multipath Oscillators and Applications

Amr Amin Abou-El-Sonoun

Doctor of Philosophy in Electrical Engineering

University of California, Los Angeles, 2012

Professor Chih-Kong Ken Yang, Chair

Oscillators and frequency dividers are core building blocks in communications systems and
processors used to provide proper synchronization for the flow of information. Different
variations of the conventional ring oscillator that involve coupling of different oscillator-stages
or different oscillators have been introduced to provide multiple-phases without penalizing the
oscillation frequency. These variations, known as multipath ring oscillators, enable system

designers to relax the performance-power trade-off through parallelism. These oscillator
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structures, however, introduce additional degrees of freedom and expand the design space

considerably which makes the process of designing them optimally a very difficult task.

This dissertation introduces an accurate analytical model and comprehensive analysis for
multipath ring oscillators and frequency dividers. The results of the analysis are incorporated into
an optimization algorithm that allows a designer to arrive at the desired optimal design at a very
short time. The analysis explains the factors that affect the different performance metrics
including the number of phases, oscillation frequency, phase noise, and oscillation-mode

stability.

As an example application, a 48 Gb/s serializing transmitter is designed in 65nm CMOS
technology using superharmonic injection-locked multipath ring oscillators to generate
multiphase sampling clock signals for the various stages of the serializer. The ability to generate
multiple clock phases at relatively high frequencies and low power cost allows significant power

and area savings in the overall Transmitter.
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CHAPTER 1

Introduction

Oscillators and frequency dividers are core building blocks in communication systems and

processors to provide proper synchronization of the flow of information.

A multiphase clock generator is a core building block in many applications that allows a
system designer to relax the performance-power trade-off by exploiting parallelism [1].
Numerous examples of applications that use multiphase clock generators exist. Some are
discussed in Section 1.1. In such applications, the benefit of parallelism is largely based on the

assumption that multiphase generation can be achieved efficiently and with low overhead.

A common approach to generating multiphase clocks is to use either ring oscillators or
frequency divided outputs of an LC oscillator with high quality factor and low phase noise.
Complex structures known as multipath oscillators that involve coupling of multiple oscillators
and oscillator stages have been introduced in order to improve oscillator performance. These
structures, however, introduce additional degrees of freedom and expand the design space

considerably.

This dissertation introduces an analytical model and comprehensive analysis for multipath
ring oscillators and frequency dividers to aid designers in arriving at a near optimal design.
Section 1.2 of this chapter motivates this analysis by describing the design complexity of this
type of oscillators and dividers. The organization of the dissertation is then presented in Section

1.3.



1.1. Examples of Multiphase Clocking Applications

Any application that involves the interleaving of multiple paths requires multiple clock
phases. Common examples include interleaved data-converters and sub-rate clock and data
recovery systems. Fig. 1 shows an example where a 4-way interleaved analog-to-digital

converter is used to achieve a sampling rate 4 times higher than that of a single unit converter.

ADC —» D,

D,

AN

ADC =Dy k) KT f1]

ADC — Dy

CK(4)

Fig. 1.1. A four-way interleaved analog-to-digital converter.

Another important application where a multiphase clock is needed is software-defined radios.
These radios are expected to operate in different frequency-bands making it very expensive to
achieve band selection using off-chip filters. To prevent signals from out of the desired band
from interfering with the desired signal, a receiver has to use multiple signal paths driven by

different phases of the local oscillator to achieve harmonic rejection [2-3].

In an application such as high-speed serial link transceivers, not only multiple phases but
multiple divided clock frequencies are usually needed to perform data serialization and

deserialization. These clock signals are typically generated using a chain of frequency-dividers
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that is driven by the output of a high-frequency oscillator [5-9]. For serial links operating at tens
of Gb/s, these dividers consume a considerable amount of power to meet the target operation
frequencies over all process corners. In many cases, bandwidth extension techniques using
expensive passive inductors must also be used to meet the target speeds. This dissertation uses a
48 Gb/s serial link transmitter as a design example to illustrate the area and power benefits of

using injection-locked multipath oscillators to frequency divide and generate multiphase clocks.

1.2. Motivation

To generate a multiphase clock, a ring oscillator can be used in a phase-locked loop as shown
in Fig. 1.2(a). A conventional inverter-based ring oscillator, as shown in Fig. 1.3, consists of a
single loop of an odd number of inverters. While compact, easy to design, and tunable over a
wide frequency range, this oscillator suffers from several limitations. For example, it is not
possible to increase the number of phases while maintaining the same oscillation frequency since
the frequency is inversely proportional to the number of inverters in the loop. In other words, the
time resolution of the oscillator is limited to one inverter delay and cannot be improved below
this limit. In addition, the number of phases that can be obtained from this oscillator is limited to
odd values. Otherwise, if an even number of inverters is used, the circuit remains in a latched

state and does not oscillate.

To overcome the limitations of conventional ring oscillators, several variations have been
proposed. These variations all share the property that instead of having each phase in the
oscillator driven by a single inverter, or a single path, each phase can be driven by two or more

inverters, or multi-paths. Each of these paths is driven by a different phase in the oscillator [10-



19]. These variations are collectively known as multipath ring oscillators or MPROs as opposed

to the conventional single-path ring oscillators, SPROs.

Ring Oscillator

—»
Phase-Locked Loop - L|>°_|>°‘[>°_ Do_l

vov v -
Q1 92 @3 @N

(a)
LC Oscillator
Phase-Locked Loop 1;)1‘1“3;[1‘;1::1((3
v v v - v

91 Q2 @s oN

(b)

Fig. 1.2. Multiphase generation: (a) Using a multiphase ring oscillator. (b) Using an LC oscillator and a
multiphase frequency-divider.

oo o >o

Fig. 1.3. A conventional N-phase inverter-based ring oscillator.

In MPROs, the selection of which phase to use to drive each path and the relative sizing of
these different paths add additional degrees of freedom to the design of the oscillator. These
degrees of freedom, if properly used, can allow a designer to overcome the limitations of
conventional SPROs. However, these degrees of freedom also expand the design space of the

oscillator considerably making its design a more difficult task.

Previous MPRO analyses have been either limited to a qualitative argument or otherwise

restricted to certain special cases. Since the number of possible coupling structures is very large
4



and it keeps increasing as the number of output phases increases, the existing analysis does not
allow a designer to explore the whole design space and find the optimum design. Accordingly, a
new analytical framework that explains the operation of these oscillators is needed if the full

potential of such structures is to be utilized.

One thing that makes the MPRO design problem even more complicated is its property of
having multiple possible oscillation modes. Without a clear understanding of what makes one of
these modes dominant, it is very likely that a designer might end-up having an oscillator that can
start-up each time in a different oscillation mode depending on the initial state of the oscillator.
This is of course unacceptable in any practical application. This problem, which is characteristic
of multipath oscillators, is one that has been almost totally overlooked in all previous

publications.

In this dissertation, we introduce an accurate analytical model and a comprehensive analysis
for multipath ring oscillators. We explain the effect of the oscillator coupling structure on the
different performance metrics including the number of phases, oscillation frequency, phase
noise, and oscillation-mode stability. We use the presented model to formulate an optimization
algorithm that allows a designer to find the optimum coupling structure of an MPRO, needed to

achieve certain design goals, in a very short time.

While ring oscillators are very compact and can be tuned over a wide frequency range, they
are typically suitable for applications that require relatively less stringent phase noise
specifications as compared to high-quality factor oscillators such as LC oscillators. For
applications like RF and high-speed serial-link transceivers, better phase-noise performance than
can be provided by ring oscillators is needed. Accordingly, LC oscillators are typically used. To

5



generate multiple phases, it is possible in principle to use a multiphase LC oscillator. However,
due to the high cost of high-Q on-chip passive inductors in terms of chip area, it is very rare to
generate more than 4 phases using a multiphase LC oscillator. Alternatively, a multiphase clock
with high spectral purity can be generated from an LC oscillator using frequency-dividers as
shown in Fig. 1.2(b). This method has been shown to have less jitter as compared to other

approaches such as delay-locked loops [4] for the same power budget.

Frequency division at very high frequencies can be achieved efficiently at using injection-
locking [20-29]. While injection-locked LC oscillators can operate at higher frequencies than
ring oscillators, they suffer a narrow locking-range due to their high quality factor. This makes
them sensitive to process, supply-voltage, and temperature (PVT) variations. In addition,
injection-locked LC oscillators are not suitable for multiphase generation due to the need for

multiple inductors which would cost a lot of area.

Injection-locked ring oscillators, on the other, hand have wider locking-ranges but they
operate at lower frequencies. Similar to a ring oscillator, a conventional injection-locked ring
oscillator has a maximum locking frequency that decreases with the number of phases at its
output. This means that same trade-off between phase resolution, operation frequency, and

power consumption still exists in frequency dividers realized as injection-locked ring oscillators.

In this work, we show that conventional latch-based dividers can be analyzed as
superharmonic injection locked ring oscillators. Accordingly, the performance of these dividers
can be extended in the same way the performance of a ring oscillator can. We propose, for the
first time, the use of superharmonic injection-locked multipath ring oscillators (SHIL-MPROs) to
achieve frequency division at higher frequencies for the same number of output phases. The

6



theory we propose explains the different factors that limit the locking range of a SHIL-MPRO
and how it can be maximized for a certain number of output phases by choosing the optimum

coupling structure of the core MPRO and the input clocking configuration.

1.3. Thesis Organization

The dissertation consists of seven chapters. Chapter 2 gives the necessary background on
oscillators, MPROs, frequency dividers, and serializing transmitters. It begins with a brief
discussion for the important performance metrics of an oscillator followed with a review for the
different forms of MPROs that have been proposed in the literature before. The chapter then
reviews the different categories of multiphase frequency dividers. Finally, it gives a quick

overview of high-speed serial link transmitters and the factors that limit their operation range.

In Chapter 3, we present our analysis for MPROs. We derive accurate expressions for the
oscillation frequency and phase noise. We show that for the same power consumption, if the
oscillator is designed correctly, the number of phases can be increased without decreasing the
oscillation frequency or degrading the phase noise. We also explain how the oscillator should be

designed to oscillate at the desired oscillation mode independent on the initial conditions.

The analysis for MPROs is extended to dividers in Chapter 4. Theoretically, the maximum
division frequency of a frequency divider can be decoupled from the number of phases at its
output when multipath coupling is used. We derive accurate expressions for the locking range
and use them to find the optimum structure to maximize the division frequency. The results of
the model are incorporated into a design procedure that can rapidly explore various coupling and

sizing of the multipath structure.



We explain the details of the serializer design in Chapter 5 and discuss the measurement

results in Chapter 6. Finally, conclusions and future work are discussed in Chapter 7.



CHAPTER 2

Background

This chapter begins with a quick review of some basics of oscillators followed by the
evolution of multipath ring oscillators. We then give a brief summary of the different methods to
design a multiphase frequency divider. The definitions in this chapter are used in the next two
chapters where the analysis is explained in detail. Since a high-speed serial-link transmitter is
used an application to demonstrate the design of SHIL-MPROs, the last section in this chapter
introduces the components and design challenges of serial link transmitters. We explain the
timing constraints that limit its operating range and show how they can be relaxed using high-
speed multiphase frequency dividers. We show that if these dividers can be designed at a low
power cost, significant savings in power and complexity for the overall transmitter can be

achieved.

2.1. Oscillators Basics

An oscillatory system can be defined as an autonomous dynamical system that possesses an
asymptotically stable limit cycle in its state space [30]. A more circuit-oriented definition is a
circuit that generates one or more periodic waveforms at its output. These waveforms can be

characterized by a certain frequency and amplitude and each of them has a certain phase.

If the harmonic content of the oscillator output can be neglected compared to its fundamental
frequency component, the oscillator output can ideally be expressed as v,,{f)=A4,c08(w,t+®D,)

where 4, is the oscillation amplitude, w, is the angular frequency, and @, is a fixed phase angle.



In practice, due to the various sources of noise and interference in a real circuit, both the
amplitude and the phase of the oscillator output suffer from small fluctuations around their

nominal average values. Accordingly, the oscillator output can be more practically expressed as

v, ()= [AO + a(t)]cos[a)ot +®, +¢, (t)] (2.1)

where a(?) and ¢,(t) represent the amplitude and phase fluctuations, respectively.

While small amplitude fluctuations can be tolerated in most practical applications, phase
fluctuations, commonly known as phase noise, are usually problematic. Fig. 2.1 shows the effect
of phase noise on the output of the oscillator in both the frequency and time domains. In the
frequency domain, random phase noise causes the output spectrum to broaden in shape compared
to the ideal impulse-shaped spectrum of a noiseless oscillator. In applications like RF
transceivers, this broadening is highly undesirable since it causes signal interference. In the time
domain, phase noise causes the zero-crossing instants of the oscillator output to deviate from
their ideal positions at integer multiples of the nominal oscillation-period. These deviations,
known as timing jitter, are highly undesirable in applications like high-speed digital circuits and

serial link transceivers since they reduce the timing margin where the system operates correctly.

Sy, dea E Vm'eal(l‘)3
{
e ®
Sy ()
t
— o, w

Fig. 2.1. Spectral broadening and timing jitter due to phase noise.
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Phase noise of an oscillator is measured in terms of the single-sideband phase noise spectrum
L(4w). This is defined as the signal power in a 1-Hz bandwidth at a certain frequency offset, Aw,
from the nominal carrier frequency, w,. The different mechanisms by which device noise is
converted into phase noise have been well studied by different researchers before [31-37]. In
general, for hundreds of Hz offset frequencies and above, it is fairly accurate to assume that
thermal noise causes phase noise L(dw) that is proportional to (1/4w)* while flicker noise
produces phase noise skirts proportional to (1/4w)’. Fig. 2.2 shows a typical single-sideband

phase noise spectrum for an electrical oscillator built in CMOS technology.

L(4®) [dBc/Hz]
A

—30 dB/dec

=20 dB/dec

> Aw

o,
Fig. 2.2. Typical single-sideband phase noise spectrum.

Phase noise caused by random device noise can be reduced in a certain oscillator by scaling
the whole design so that it burns more power. Accordingly, if two different oscillator topologies
are to be compared in terms of their phase noise performance, the two oscillators must be
compared when scaled to burn the same power. In addition, oscillators running at higher
frequency are more sensitive to device noise due to their shorter oscillation periods. Accordingly,

to compare two different topologies, the oscillation frequency must also be the same for the two

oscillators.

11



To help compare the performance of different kinds of oscillators, a figure of merit (FOM) is
typically used that factors out the effect of power consumption, oscillation frequency, and offset
frequency where the phase noise is measured. This FOM , given by (2.2), will be used in the next

chapter to compare the performance of different ring oscillators in terms of phase noise.

FOM =10xlog M (2.2)
L(Aa))xP(mW) '

2.2, Multipath Ring Oscillators

Fig. 2.3 shows the schematic of a typical 5-stage inverter-based ring oscillator. For this
oscillator to operate correctly, the number of inverters in the loop and accordingly the number of
phases at the output has to be an odd number. The oscillation frequency of this oscillator is
inversely proportional to the number of stages. Accordingly, the time resolution of the oscillator

is limited to one inverter-delay.

Vi V2 V3 Vy Vs

Fig. 2.3. Typical 5-stage inverter-based ring oscillator.

To overcome the limitations of conventional single-path ring oscillators, several forms of
multipath ring oscillators have been introduced [10-19]. The simplest of these forms is the dual-

path ring oscillator from which three different forms have been proposed.

The first of these forms is the coupled oscillator proposed by Maneatis in 1993 [10]. In this
oscillator, the number of phases can be increased, according to Maneatis, without changing the

oscillation frequency. This is achieved by coupling a number of rings using a second path as

12



shown in Fig. 2.4 which causes the phases of the different rings to shift with respect to each

other, effectively increasing the phase resolution of the overall oscillator.

Yc3 Vey

V4 Vas

Vg Vg Vps

Yer (]
Var E | V42 E | V4
! E | Vg2 E | Vg

SYVY
ik

Vcy Vcs

\—VI;Q
l_T_[>c
>
s
el

Fig. 2.4. A 3x5 coupled-oscillator.

Y
Y

The second of form of dual-path ring oscillators is the negative-delay-skewed oscillator
proposed by Lee in 1997 [11]. In this oscillator, the time resolution is improved by reducing the
delay per stage below 1 inverter-delay. This is achieved, as shown in Fig. 2.5, by driving each
output with an early signal, or a signal with a negative-delay, to accelerate the transition at the
output. The optimum skew has been derived analytically in [12] using a linear model and

verified by simulation.

Vi V2 V3 Vy Vs

V3 Vy Vs vy V2

Fig. 2.5. A S-stage ring-oscillator using negative delay-skewed inverters.

Fig. 2.6 shows the third form of dual-path ring oscillators which uses cross-coupling to
achieve differential operation [13]. While the three proposed forms qualitatively seem different,

the three of them can be analyzed using one unified theory as will be shown in the next chapter.
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Fig. 2.6. An 8-phase ring oscillator using cross-coupling to achieve differential operation.

The triple-path ring oscillator can be considered the second step in the evolution of multipath
ring oscillators. Fig. 2.7 shows an example where both delay-skew and cross-coupling are used

to reduce the delay per stage and achieve differential operation, simultaneously [14-16].

Fig. 2.7. An 8-phase triple-path ring oscillator using cross-coupling to achieve differential operation and
negative delay skew to reduce the delay per stage.

In general, we can add more and more paths per stage. As the total number of phases
increases, the degrees of freedom increase very rapidly so that it becomes very hard for a
designer to find the optimum configuration that meets his design targets just by qualitative

analysis. And moreover, it becomes very difficult to verify this configuration just by simulation.

As an extreme case, the oscillator used by Straayer in 2008 to provide a time base for a time-
to-digital converter is a 47-stage, penta-path ring oscillator [17]. Of course, it can be imagined
how hard it is to come up with the best coupling configuration for such an oscillator using only

qualitative analysis and simulation.
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In all the above examples, the oscillation frequency of the MPRO does not just depend on the
number of stages as in SPROs but rather on the coupling structure of the oscillator as well. In
fact, if a designer tries to explore the design space by simulation, he will see that for some
coupling structures, as the sizing ratios are varied, the oscillation frequency can experience
discrete jumps accompanied by a change in the phase arrangement of the oscillator outputs. In

some cases, the oscillator may just stop oscillating at all.

The reason for this phenomenon is that multipath oscillators have different possible modes of
oscillation. Each of these modes is characterized by a different frequency, phase shifts, and phase
noise versus power tradeoff. Without clear understanding of what determines the dominant
mode, it is very possible that a designer will end up having an oscillator where the oscillation
mode is only marginally stable; meaning that it depends on the oscillator initial conditions [17].

The problem becomes even more severe as the number of phases in the oscillator increases.

Factors that determine the dominant oscillation mode have been studied in [18][19]. However,
the analysis in [18] is constrained to dual-path oscillators while that in [19] is constrained to even

number of phases with cross coupling inverters.

In the next chapter, we introduce a general model for multipath ring oscillators with arbitrary
coupling structures. We present a general analysis that explains the operation of a generic
multipath ring oscillator. We show that all the previously presented designs are special cases of
the general case we study. We explain how to design the oscillator for a certain number of phases
and maximize its oscillation frequency and phase noise performance while guaranteeing the

stability of the desired oscillation mode.
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2.3. Multiphase Frequency Dividers

Frequency dividers are important building blocks in clock generators performing frequency
multiplication and in low-jitter multiphase generators. The most widely used type of frequency
dividers is the latch-based divider. These dividers are composed of latches or flip-flops as unit
building blocks. The latches can be of any logic family like CMOS, true single-phase clock
(TSPC), or current-mode logic (CML). To optimize the performance of these dividers, the only
degree of freedom is optimizing the latch design. In [38] for example, all possible
implementations of TSPC latches and flip-flops are explored using an exhaustive search to find
the optimum flip-flop implementation. In [39], a modified CML latch circuit is proposed that can
operate at speeds up to tens of GHz. This latch is used in [40] to design a 40 GHz divide-by-2
circuit. Inductive peaking can be viewed as a way of optimizing the latch design by partially

tuning out its load capacitance using inductors [41].

Regenerative frequency dividers (RFDs), also known as Miller-type dividers [20], and
injection-locked frequency dividers (ILFDs) have been used for frequency division at very high
frequencies. Although both terms are sometimes used interchangeably [21], the most common
convention is that regenerative dividers do not have a self-oscillation frequency in the absence of
the input signal. In other words, the self-oscillation frequency of regenerative dividers is equal to
zero. On the other hand, injection-locked dividers oscillate at a certain self-oscillation frequency
if the input signal is not applied. In [22], the authors show that both types of dividers can be

analyzed using the same model.

Both RFDs and ILFDs can be classified based on their core oscillator, injection method, and

injection phases. The core oscillator can be either an LC-based oscillator [21][23] or a ring-
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oscillator [24][27]. LC-based oscillators can operate at relatively higher frequencies but they
suffer from a narrow locking range which makes them sensitive to PVT variations. In addition,
they consume large areas due to the use of inductors. Ring oscillators, on the other hand, have
lower frequencies but are more compact and have wider locking ranges reducing their sensitivity

to PVT variations.

Signal injection can be achieved by two different methods. One method is by varying the
transconductance of the amplifying transistors with the input signal. This is usually achieved by
driving the tail bias-current of these transistors with the input and thus is referred to as tail
injection [21][27]. Another method is by varying the load impedance, usually achieved by
modulating the conductance of a load that is directly connected to the divider output and thus is
called direct injection [23][24]. Fig. 2.8 shows an example of each of the 4 types of dividers

mentioned.

Dividers can also be classified based on the number of injection phases. Single-phase
injection means that only one phase is required at the input [25]. Similarly, the divider is said to
have a differential-injection when two opposite phases are used at the input [23][24]. In general,

multiphase injection can be used when M phases are used at the input (M=1, 2, 3, ...) [26-28].

The idea of multiphase injection for frequency dividers has been introduced in [26]. The
authors use a frequency domain model to derive the optimum phase shift between different
injected signals to maximize the locking range. The analysis is applied to a 6-phase ring
oscillator composed of 3 CML differential buffers and with tail injection at two stages with 120°

phase shift. In [27], the authors explain the concept of multiphase injection using a time-domain
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model. They apply it on a 4-phase divide-by-2 and a 12-phase divide-by-6 both composed of

CML cross-coupled latches and having 4 injection phases.
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Fig. 2.8. Different types of injection-locked frequency dividers classified based on the core oscillator and
the injection method.

The term, superharmonic injection-locked oscillator (SHIL-O), has been used in [29] to
describe ILFDs. Superharmonic injection-locking is a phenomenon where an oscillating system
can be locked in phase at steady state to a periodic input signal whose frequency is a
superharmonic, or an integer multiple, of its own output frequency. In that sense, both RFDs and
ILFDs can be considered SHIL-Os. The only difference between them is that RFDs use a core

oscillator whose free-running frequency is equal to zero.
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We propose in Chapter 4 of this dissertation a general model for superharmonic injection-
locked multipath ring oscillators (SHIL-MPROs). The model is valid for both RFDs and ILFDs
with either tail-injection or direct-injection and with any number of input injection phases. In our
analysis, latch-based dividers are treated as a special case where the injection is large. We show
that SHIL-MPROs have different mechanisms that limit the locking range and derive the
mathematical expressions needed to optimize the locking range. We also derive a mathematical
condition that gives the possible clocking configurations for correct injection phases. With
multiple injection phases and multipath sizing factors, the design space of SHIL-MPROs can be
very large. A design procedure that uses the model is presented to allow designers to quickly

converge on a final design.

24. Serial Link Transmitters

A serializing transmitter is used as an application of the SHIL-MPRO design procedure and
verification of the analysis. Fig. 2.9 shows a typical block diagram of a serializing transmitter [5-
9]. The transmitter consists mainly of a serializer, a driver, and a clock generator. The serializer
is a chain of multiplexers that combine a number of low-speed input data channels and produce a
single high-speed output data stream to be transmitted over a certain communication channel.
The driver converts the binary data into a signal format suitable for the channel. For the serializer
to operate properly, clock signals at different frequencies are required to drive the different
multiplexing stages. These clock signals are provided by a voltage-controlled oscillator and a

chain of dividers that are controlled by a phase-locked loop.
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Fig. 2.9. Conceptual block-diagram of a serializing transmitter.

The range of output data rates where the transmitter can operate properly is limited by several
factors. These factors include the circuit bandwidths, the oscillator tuning range, the locking

range of the frequency dividers, and the timing constraints of the different serializer stages.

For multi-Gb/s transmitters, LC oscillators with a combination of coarse and fine tuning
capacitors are typically used to generate the required high-speed clock at low phase noise and
wide enough tuning range. To meet the speed requirements, designers usually use inductive
peaking to extend the circuits bandwidths at the cost of the large area consumed by the inductors
[42-44]. This bandwidth extension is usually applied to the final multiplexing stages in the data

path and to the dividers in the clock network.

To explain how the timing constraints of a certain multiplexing stage can limit the operation
range of the transmitter, Fig. 2.10(a) shows an N-to-1 multiplexer driven by an N-phase input
clock signal of frequency f,/N where f, is the bit rate at the multiplexer output. This clock signal
also samples, and if necessary, retimes, the N outputs of the preceding stage. Fig. 2.10(b) is a
timing diagram that describes the operation. The signal D<1> is an output of the preceding

multiplexer. Transitions in D<1> occur after a delay #.guux from the edge of the divided clock
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signal CKppy<I>. This divided clock signal in turn has transitions that are delayed by 74, from
the edge of the input clock signal CK;,<1>. The signal D<1> is sampled by CK;,<i> which is
phase-shifted from CK;,<1> by (2m)xf. In Fig. 2.10(a), 8 can only take discrete values that are
multiples of 1/N. In general, if a buffering stage or variable delay is used between the input clock
and the N-to-1 MUX, 6 can be any positive real number. Depending on the number of phases at
the output of the divider and the number of latches used in the retiming flip-flop, the same data
phase can be sampled by more than one input clock phase. We assume the phase difference

between the first and last clock edges sampling the same data phase is equal to (27)x¢.

CK[HV 1: CKin 1:
il I <——</Nﬂ /N (Hz)
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CKix(1) J Laiy | | | | | [
—» < 2NIf, >
CKpi1) ___|ticomux | | |
P
D)y | X X X
NI, |
ckad _fo L L
;_> [
ckn(y L+ L—f L1 |
(b)

Fig. 2.10. Timing requirements in an N-to-1 multiplexer: (a) Block diagram. (b) Timing diagram.
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For the setup time condition to be met, the delay between the triggering edge CK;n(1) and the
first sampling edge CK;,(i) has to be long enough to allow the data to switch before the edge of
CKin(i) by at least one setup-time (). This delay sets an upper limit on the output bit rate as
given by (2.3). On the other hand, for the hold time constraint to be met, the delay between the
triggering edge CKj,(1) and the last sampling edge CKj,(j) has to be short enough to allow at
least one hold-time (#,) before the next data transition. Assuming #,<tc-gymuxttaiv, the hold time

condition sets a lower limit on the allowed output bit rate as given by (2.4).

7 NO
max = 2.3
tdiv + t(C—Q)MUX + tsu ( )
N(O+¢p-1
ﬁnin = ( ) (24)
Liw + t(C—Q)MUX —,

Fig. 2.11 shows the effect varying the phase shift 6 and the order of the multiplexer on the
valid bit rate window. In the figure, we assume ¢=0 which can be achieved by retiming the
sampled data before applying it to the multiplexer. As 6 increases for a certain multiplexer, the
maximum allowed bit rate increases but the overall window of allowed rates becomes narrower.
The graph shows that a tradeoff exists between maximizing the output bit rate of the transmitter
and its robustness where the narrow window can shift with PVT variations. When the order of
the multiplexer (N) increases, this tradeoff between data rate and robustness becomes more

relaxed due to the increase in the input clock period.
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Fig. 2.11. Allowed bit rate window as a function of  assuming ¢ = 0.

One technique for dealing with this delay skew problem is to insert a replica delay buffer
between the input clock and the N:1 MUX [45]. Ideally, if the buffer delay matches the total
delay of the divider and the preceding MUX, the timing conditions can be met independent on
the bit rate. However, the replica buffer consumes extra power and occupies an additional area.

Besides, it is usually hard to achieve good matching over all PVT corners [8].

Another technique for dealing with the delay skew problem is the insertion of a variable delay
or a phase interpolator between the divided clock and the preceding MUX [7-8]. A feedback loop
adjusts the value of 6 so as to position the valid data rate window around the desired operation
data rate. The drawback of this technique is the added design complexity in addition to the power
consumption and area overhead. For example, the power overhead in [8] is 72mW which is
slightly less than the total power consumption of our whole transmitter in the same 65nm CMOS

technology. The area overhead is 0.88mm? which is 73% of our total chip area.

Equations (2.3-2.4) and Fig. 2.11 show that as the order of the multiplexer (N) increases, the
timing constrains become more relaxed due to the increased bit period at the input. In addition,

as more phases are used for the input clock, the phase shift & can be selected at design time with

23



a higher resolution allowing the optimum positioning of the nominal bit rate window such that

the desired bit rates can fall within this window for all PVT corners.

Since the timing conditions have to be satisfied in every stage in the serializer, it is
advantageous if the divided clocks also have multiple phases. This is because this allows more
flexibility in setting the maximum and minimum allowed data rates for all stages. In Chapter 5,
we show how multiple phases in the divided clock signals can also be useful in reducing the

retiming elements to a minimum which leads to significant power and area savings.
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CHAPTER 33

Multipath Ring Oscillators

This chapter presents the analysis of multipath ring oscillators. We first explain a general
model that can represent any multipath ring oscillator. Then, we derive expressions for the
oscillation frequency and amplitude and show how the frequency can be maximized taking mode

stability into consideration. After that, we present the phase noise analysis.
3.1. Oscillator Modeling

3.1.1. General Form of the Multipath Ring Oscillator

Fig. 3.1 illustrates the general form of an MPRO. The oscillator consists of NV stages where
each stage consists of N inverting buffers connected together at their outputs. The input of each
buffer is connected to one of the N different nodes of the oscillator to cover all possible coupling
paths. The buffers of the main loop are all scaled by a sizing factor Ay with respect to a unit
reference buffer of a given size. Buffers that are driven by signals skewed by one stage are sized

by a factor /y.;. Similarly, buffers driven by signals skewed by j stages are sized by /..

Fig. 3.1. General form of an MPRO having an arbitrary coupling structure.
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This general form can be used to model any MPRO by selecting the appropriate values of the
sizing factors, A;. For example, an ordinary SPRO is a special case of the general form where
h=0 ¥V i=N. A dual-path ring oscillator has 47=0 V i¢ {N,N-j} where j is the skew of the second
input and 0<j<N. Cross coupling, usually used to achieve differential operation, can be modeled
for an even numbered N by /)« #0. The coupled oscillator [10] can also be treated as a special
case. By using a 5x3 coupled oscillator as shown in Fig. 3.2(a) as an example, when numbering
the nodes diagonally as shown in the figure, the oscillator can be visualized as a 15-stage dual-
path oscillator with a skew of 2 as shown in Fig. 3.2(b).

A] Az A3 A4 A5
hIS h]S hIS h15 hi’5

|_V‘13 [h” Vi h;

e

A4 A5 A] Az A3

=
L
wn
= SE:.-r
oo o
=
—
=-
-};:
S
a’
;;3.
=
L]
L]
L)
=
P
-
= Q-‘-‘r
s b

v

~

3
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Fig. 3.2. An example using a 5x3 coupled-oscillator: (a) Coupled oscillator with its nodes numbered

diagonally. The coupling inverters are scaled by %;s while the ring inverters are scaled by %;;. (b) Equivalent
dual-path ring oscillator with a skew of 2.
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Fig. 3.3 shows the circuit schematic of the unit inverter used in all the simulations in this
chapter. All simulations are performed using a 65nm CMOS technology with a supply voltage of
1V. Transistors M1 and M4 are used as enable devices where their gates are always driven by
Vpp for M1 and GND for M4. Transistors M2 and M3 are the main inverter devices. They have
dimensions of (4um/L) for M2 and (8xm/L) for M3 as shown in the figure. In different
simulations, L takes values of 60nm, 100nm, 200nm, or 400nm. The driving strength of each
inverter is determined by the number of units used which is indicated by #4; in Fig. 3.3. Unless
otherwise stated, all the simulation results shown in this chapter are obtained using the periodic

steady state (PSS) and the periodic noise (PNoise) simulators in Cadence-SpectreRF.

VDD =1V
M4
ENy D—E4 (817 0.06)xh;
DMy I s Lyx,
Vin D—4¢ D Vour
m' (4}1/ L)Xh;
ENp D—IE4 (417 0.06)xh;
M1

Fig. 3.3. Schematic diagram of the unit inverting buffer.

3.1.2. Linear Delay Stage Model
Fig. 3.4(a) shows the inverting buffer modeled as a linear transconductor. The input-output
relationship of a single buffer scaled by 4; and driving the input capacitance of a similar buffer

can be expressed as
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higmvin (t)+ higovout (t) + hng dvo(;—tl‘(t) = 0

3.1)

—av, (1)+v,, (z)ﬂ%;(’): 0

where g, is the transconductance, g, is the output conductance, Cy is the buffer input capacitance
which also acts as the load capacitance for the driving buffer, a,=g,/g, is the linear dc gain of the
buffer and =C,/g, is a time constant. In practice, parasitic capacitance due to routing and any

external loading can be absorbed into the capacitance, C,.

I\l BmXVin Fg(vin)
Vin p ’ Ig;l - » Vout Vin p- Iél - » Vout
ng(dv,-,,/dt)% C, g0 348 Vou ng(dv,-n/dt)L]: C, VEoou)
(a) (b)

Fig. 3.4. Model of a single unit inverting buffer (a) Linear model (b) Nonlinear model.

A single stage of an MPRO consists of N buffers and is loaded with N buffers of similar
sizing factors as shown in Fig. 3.1. Using the linear model, the output voltage of any stage can be
expressed in terms of the N input voltages using a linear differential equation. Equation (3.2)

expresses vy, the output of the first stage in Fig. 3.1, in terms of the N inputs of the first stage.

N N N dvl(t)
;h[.gmv,.(t)+§h[govl(t)+2hicg " =0 (3.2)

i=1

N
Defining the fractional sizing factors and the total sizing factor as x~=h; /H and H = Zhi ,

i=1
respectively, equation (3.2) can be simplified into (3.3) where a,=g./g, and =C,/g, are the same

dc gain and time constant defined in (3.1).
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a ﬁ:)civi(t)+v1 (t)+z'dvl(t) =0 (3.3)

3.1.3. Nonlinear Delay Stage Model

To model the nonlinear behavior of the inverter, we assume the transconductance and the
output conductance to be nonlinear functions of the input and the output voltages, respectively.
This nonlinear model is shown in Fig. 3.4(b). In this model, we assume the inverter input
capacitance is linear. The output voltage of a stage can be expressed as a function of the N inputs
using a nonlinear differential equation. Equation (3.4) shows the output of the first stage of the
general MPRO in Fig. 3.1 as a function of the N inputs. When Fy(vi)=g,v: and F,(v;)=g,v;, this

equation reduces to the linear case (3.3).

2 5F (v (1) +F,(w(1)+C, =0 (3.4)

3.2. Oscillation Frequency and Amplitude

3.2.1. Oscillation Modes
In this section, we first use linear analysis to explain the different oscillation modes that can
exist in an MPRO and determine which is dominant. Linear analysis also helps in understanding
how we can size the different coupling paths of the MPRO and what limits its maximum
oscillation frequency. Next, we use a simplified nonlinear analysis to find an expression for the

oscillation amplitude and a more accurate expression for the oscillation frequency.

Due to the symmetry of the system in Fig. 3.1 and in the absence of mismatches, if the MPRO

is to oscillate at a certain frequency, @,, the phase shift between each two successive nodes and
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the amplitude of oscillation at each node in the oscillator will ideally be the same. Therefore, the
oscillation waveform at the i node can be expressed as

v.(t) =V, cos( @t —Apxi) (3.5)
where @, is the oscillation frequency and Ap=2mn/N since the total phase shift around the loop

should be multiples of 2n, N is the number of stages in the oscillator, and »n can take values

between 0 and N-1 representing the different possible modes of oscillation.

Using (3.5), equation (3.3) can be written as

a ix cos a)t—27mij+cos(a)t—2ﬂj—a)rsin[a)t—zﬂj—o (3.6)
n i n N n N n n N .

i=1
By equating the cos(w,f) and the sin(w,?) terms of (3.6), we get expressions for the oscillation
frequency of the n” mode (3.7) and the minimum dc gain required for this mode to exist (3.8).

We refer to this gain as the mode gain.

(3.7)

" —ﬁ:xixcos(zj\[[n(i—l)] (3-8)

i=1
In practice, the oscillator starts first from a linear mode of operation where all the buffers are
indeed acting as linear transconductors. All oscillation modes that have mode gains, a,, lower
than the actual dc gain of the inverter, a,, start to grow. As the oscillation amplitude grows, the

effective gain of the inverter drops due to nonlinearity. Consequently, modes with higher mode
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gain die out and only the mode that requires the minimum gain continues to oscillate and hence
is the dominant mode. Therefore, for an MPRO with N stages, once we choose a certain value for
the relative sizing vector X =[x; x2 X3 ... xN]T eiRN, the index, n*, of the dominant mode is given
by (3.9). Note that this definition for the dominant mode is dependent only on the relative sizing

vector, x , of the MPRO and is valid for any buffer design used to build the actual oscillator.

1

n =argmin >0
,%2 JY 2zn
T —fo XCOS(N(i_l)j (3.9
i=1
N
= arg max [—Z X, X COS [@(z—l)ﬂ
n=1,2,..N ) N

3.2.2.  Oscillation Amplitude and Nonlinear Time Constant
The nonlinear nature of the buffer elements in the MPRO affects the oscillator in two ways.
First, the nonlinearity determines the oscillation amplitude. Second, it can change the oscillation

frequency since the effective output conductance is often dependent on the oscillation amplitude.

Equation (3.7) predicts the oscillation frequency normalized to a certain time constant.
Depending on the unit inverting buffer used to implement the MPRO, this time constant may not
be actually, constant. To explore the dependence of the time constant, 7, and the oscillation
amplitude ,V,, on the sizing vector, x , we simplify equation (3.4) by solving it using a single
tone harmonic balance (3.10). This assumption is later verified to be a good approximation when

comparing the equations with simulation results.

N
1,(V,)> x, cos(a)nt— 2;” ij +1, (Vo)cos(a)nt—z%j— w,CV, sin(a)nt —2%) =0 (3.10)
i=1
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In (3.10), V, is the amplitude of the fundamental component of the voltage waveform, I,(V,)
and 1,(V,) are the fundamental components of the transconductor and the output conductance
currents, respectively. Similar to the linear analysis, equation (3.10) can be decomposed into the

following:

Ig(Vo)Zx,.xcos(z%(i—l)j+lo(lfo)=0 (3.11)

2
;”(i—l)j—wn% =0 (3.12)

Using the frequency and mode gain definitions in (3.7) and (3.8), we can reduce (3.11) and

(3.12) for the dominant oscillation mode into:

L,(V,)=a.-1,(7,) (3.13)

g

ey Bl
1,(7,) __gxixcos(zy*(i—l)j

@, «

n

(3.14)

Equation (3.13) shows that the oscillation amplitude of an MPRO depends only on the type of
nonlinearity that the buffer exhibits and the value of the dominant-mode gain. Fig. 3.5 is an
interpretation for (3.13). The figure shows arbitrary amplitude characteristics for an inverter. At
small input amplitudes, the inverter acts as a weakly nonlinear amplifier that can be
approximated by a third order nonlinearity coefficient. As the input amplitude increases, the
output resembles a square-wave whose fundamental component is (2/m) V.. As the figure shows,
the oscillation amplitude is determined by the amplitude that causes enough gain compression
such that the effective dc gain of the inverter is exactly equal to the gain required to sustain the

oscillation mode, i.e. the mode gain.
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Fig. 3.5. Example of the amplitude characteristics of an inverter.

To find an accurate expression for the oscillation amplitude, the exact shape of the buffer
nonlinearity must be known. In general, two limiting cases can be examined. The first case is
when the mode gain is close to unity where the oscillation waveform is approximately a square-
wave with a fundamental component (2/m)V,,. In this case, the oscillation amplitude can be
approximately given by (V,/Va)= (2/m)x(1/a,+). The other limiting case is when the mode gain is
close to the small signal dc gain of the inverter, a,, which is the maximum gain an inverter can
provide. This case causes the oscillation amplitude to be very small and the inverter nonlinearity
can be approximated using a third-order nonlinearity coefficient. This coefficient can be chosen

to match the simulation results at small oscillation amplitudes.

Equation (3.15) is an empirical expression for the oscillation amplitude. This expression is
derived by taking the average of the two limiting cases discussed above. The third order

nonlinearity coefficient is empirically chosen such that V, is equal to (2/m)V,; when a,+=1.

V 1 1 a —a.,
o :_.{_4_ u:| (3.15)
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Fig. 3.6 shows the simulated oscillation amplitude as a function of the dominant mode gain
together with equation (3.15). The values of the dc gain, a,, used to plot equation (3.15) for
different channel lengths are shown in Table 3.1. These values are obtained using ac simulation
and will be used throughout the rest of this chapter. For each value of the mode gain, we use an
MPRO similar to that in Fig. 3.1 with the unit inverter shown in Fig. 3.3 and with sizing factors
as shown in Table 3.2. The way these sizing factors are derived is explained in the next
subsection. To verify the validity of the expression for different channel lengths, each simulation
is repeated using different channel lengths for the NMOS and the PMOS transistors of the
inverter. As the figure shows, very good agreement between the empirical equation and the

simulation results is observed.
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Fig. 3.6. Fundamental component of the oscillation waveform as a function of the dominant mode gain.
(a) L=60nm (b) L=200nm.
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Table 3.1. Small-signal dc-gain and time-constant parameters of the unit inverter for different channel

lengths
Channel Length (L) 60nm 100nm 200nm 400nm
Small-signal dc¢ gain (a,) 8 20 30 45
Time-constant (z,) 35ps 145ps 580ps 2800ps
Fanout-1 delay (z,,) 10.2ps 18.4ps 50ps 166ps

To find an expression for the nonlinear time constant, we compare equations (3.14) and (3.7)
to derive (3.16), the effective time constant. Equation (3.16) shows that the effective time
constant is similar to the oscillation amplitude in that it only depends on the dominant mode gain
and the buffer nonlinearity. This result implies that two MPROs with the same dominant mode
gain but with different sizing factors and possibly, different number of stages would still have the

same oscillation amplitude and effective time constant.

r=—*% ”) =7(a,) (3.16)

As we did for the oscillation amplitude, we first examine the two limiting cases when a,,+—1
and when a,~> a,, the small signal dc gain of the buffer. These two cases represent the
minimum and the maximum dominant mode gains that can exist. Obviously, a mode gain below
unity would not satisfy the oscillation unity gain condition and an oscillator with a dominant

mode gain greater than a, would not oscillate.

For the case when a,~—>1, the equivalent time constant t(a,») approaches t,, the buffer’s
fanout-1 propagation delay. To explain this, we examine equations (3.7) and (3.8) with x5=1 and
N a large odd number. In this case, we see that a,~—>1 and f,+—>1/(2Nt) which is the familiar

equation for the oscillation frequency of a long-chain SPRO having a delay per stage, 1,.
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When a,+—a,, the oscillation amplitude is infinitesimally small since any growth in amplitude
will cause the gain to drop due to nonlinearity. Accordingly, the linear expression for the
oscillation frequency becomes valid and the equivalent time constant is equal to the small signal

time constant of the buffer, 7,=C,/g,.

Fig. 3.7 shows the simulated values of the effective time constant as a function of the mode
gain for different channel lengths of the inverter. The plot is obtained by simulating different
MPROs having the sizing factors shown in Table 3.2. For each MPRO, we compare the
oscillation frequency obtained from simulation, f», to the expression in (3.7) and find the value

of the equivalent time constant, z;,, as shown in equation (3.17).

(3.17)

3 3 --e- Simulation: Eq.(17)

a"*
(a)
400 ; ‘ ‘ ;
300k ------ o P . andR
= l l ‘ l
&200------- B T bl . EEEEES
N 1007% ——Theory: Eq.(18)
0 ! i --&-- Simulation: Eq.(17)
0 4 8 12 16 20
an*
(b)

Fig. 3.7. Effective time constant as a function of the dominant mode gain. (a) L=60nm (b) L=200nm.
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As the figure shows, the effective time constant can be very well approximated using a linear
interpolation between the two extreme cases of mode gain. Equation (3.18) shows the
approximate expression for the effective time constant as a function of the dominant mode gain.
The validity of this approximation is verified by repeating the simulation for different channel
lengths as shown in Fig. 3.7. In all cases, we found a very good agreement between the linear
interpolation and the simulated values of the time constant. The values for a,, 7, and 7, used in
Fig. 3.7 and throughout the rest of this chapter are shown in Table 3.1. These values were
obtained using ac simulation for a,. Values of 7, are the fanout-1 propagation delay of the unit
cell obtained by simulating a 19-stage SPRO. Finally, values of 7, are those that best fit the
curves in Fig. 3.7. These values were found to be very close to the actual small-signal time

constant obtained from ac simulation.

r(a.)~t, +(uj-(an* -1) (3.18)

3.2.3. Oscillation Frequency
Using equations (3.7), (3.8), and (3.18), an expression for the oscillation frequency can be
derived (3.19). Equation (3.19) gives the oscillation frequency of the dominant mode of any

MPRO having any arbitrary coupling structure and number of phases.

N (27 (i-1)
(ao - 1) . ;xi sin (NJ
fro=— (3.19)

i=l1

To verify this general expression for the MPRO frequency, the frequency is calculated for

different oscillator configurations and compared against circuit simulation results. We start with
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the degenerate case of an SPRO. In this case, xy=1 and all other fractional sizing factors are
equal to zero. Equation (3.9) shows that the dominant oscillation mode for SPROs is given by
n*=ceil(N/2). For even N, n*=N/2 and the oscillation frequency of the dominant mode is always
equal to zero indicating the fact that even numbered SPROs latch and do not oscillate. For odd N,
n*=(N+1)/2 showing that the phase shift between every two successive nodes is n+(m/N) which is
a well-known result for SPROs. The oscillation frequency can be found from (3.19) and is
expressed by (3.20) and compared to simulation in Fig. 3.8. The expression reduces to the

familiar form fspro=1/(2N7,) when N is a large odd integer.
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Fig. 3.8. Oscillation frequency of an SPRO for different numbers of stages. (a) L=60nm (b) L=200nm

Fig. 3.9 shows the comparison for the case of a 3-stage dual-path ring oscillator. Fig. 3.9(a)
shows the schematic diagram of the oscillator. In this special case, the mode gain is equal to 2
and is independent on the sizing coefficients. Accordingly, the effective time constant is also

independent on sizing. The oscillation frequency can be obtained from (3.19) and is plotted in
38



Fig. 3.9(b). The analytical results were found to match the simulation for all the simulated

channel lengths. The figure only shows the results for a channel length of 200nm.
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Fig. 3.9. Oscillation frequency of a 3-stage dual-path ring oscillator.
(a) Schematic diagram of the oscillator (b) Simulation results and analytical expression for L=200nm.

Fig. 3.10 and Fig. 3.11 show the comparison between equation (3.19) and the simulation
results for two different 8-stage dual-path ring oscillators. The oscillator in Fig. 3.10(a) has a
skew of 5 stages meaning that v; is driven by vs and v;. Similarly, the oscillator in Fig. 3.11(a)
has a skew of 3 stages. Fig. 3.10(b) and Fig. 3.11(b) show the simulation results and the
analytical expression for the oscillation frequency. The figures also mark the different regions
where different modes are dominant. These regions are found using equation (3.9). The
boundaries between these regions are characterized by an abrupt change in frequency
accompanied by a change in the output phase order when the sizing factors are changed. For this
reason, if the MPRO is to be used as an oscillator that is desired to operate at a stable, well-

defined oscillation mode, these boundaries must be avoided.
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In both figures, a discrepancy between the simulation and the analytical prediction at the
boundary between the modes n*=5 and n*=4 is observed. This discrepancy is due to the very
small difference in mode gains at this region and the way these oscillators are simulated. This
small difference in mode gain causes the possibility of exciting a non-dominant mode if the

initial conditions of the oscillator are suitable for this. More about mode stability and dependence

on initial conditions is discussed in section 3.3.5.

freq [GHZ]
N Ao

QO

(b)

Fig. 3.10. Oscillation frequency of an 8-stage dual-path ring oscillator with a skew of 5 stages. (a)
Schematic diagram of the oscillator (b) Simulation results (black dots) and analytical expression (gray curve)
for L=200nm.
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Fig. 3.11. Oscillation frequency of an 8-stage dual-path ring oscillator with a skew of 3 stages. (a)
Schematic diagram of the oscillator (b) Simulation results (black dots) and analytical expression (gray curve)
for L=200nm.

3.2.4. Maximum Oscillation Frequency
Using the derived analytical expression for oscillation frequency as a function of the
fractional sizing vector, x , we can find the value of X that maximizes the oscillation frequency
for a given number of stages and certain constraints on the mode gain. This maximization is

useful in determining whether a particular frequency is achievable. Furthermore, as shown in the

next section, the design for maximum frequency allows us to design oscillators with lower phase

noise.

We first define the two matrices 4 and B as given by (3.21) and (3.22) and then rewrite (3.7)

and (3.8) in matrix notation as follows:
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Hop 0 Gy 2n
A= : ;am:sin(T(i—l)j (3.21)
_a(N—l)l T vy
by, by 2n
B=| . : ; b, = —COS(T(Z'—I)) (3.22)
_b(N—l)l b(N—l)N
a,= 1 3.23
o (3.23)
0T = 4,3 (3.24)
" BX '

T N - . .. T
where ¥ =[x; x> x;3 ... xy]7 € is the fractional sizing vector and each of the row vectors 4,

and B, is the n row in the matrices 4 and B, respectively.

The goal is to maximize @,:7 where the feasible region of the vector X in R" can be

expressed by a group of linear equations and linear inequalities. This region is defined by

¥={xeR":x20,1"x=1 (3.25)
where 17 = [1 1 1 ... 1]". The first constraint requires ¥ being positive while the second
q gp

constraint follows from the definition of X summing to unity.

The algorithm used to solve this optimization problem can be summarized in the following

steps:

1. For each mode n, where n and N do not have common factors (to guarantee N
distinctive phases at the output), find the region of space ¥, where this mode is

dominant. This can be achieved by adding two additional constraints to the feasible
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region ¥ as shown in (3.26). The first inequality in (3.26) constrains the mode gain to
be less than a certain maximum value, amax. This is important to guarantee certain
minimum oscillation amplitude. The second inequality guarantees the mode gain of the
mode 7 is less than that of all other modes. This allows us to maximize the frequency
of each mode in the region where this mode is dominant. The parameter o, allows us to
set a certain margin between the dominant mode gain and other modes to guarantee

mode stability. This will be explained more in the next section.

¥, ={¥e¥:BXx>/a,, . B/x>2(1+5,)B,X; m=n} (3.26)
2. Find the maximum normalized oscillation frequency of each mode and the
corresponding optimum sizing vector, ¥,°, by solving the following optimization

problem:

maximize A'X/Bx
. - (3.27)
subjectto: x e'¥,

This problem is a linear fractional optimization problem. It can be solved accurately by
iteration using a binary search algorithm. Each of the iterations in this algorithm is a
linear programming feasibility problem that can be solved in MATLAB by methods such

as the Simplex algorithm or interior point methods [46][47].

3. Find the absolute maximum frequency over all modes and the corresponding optimum
sizing vector, X .

4. Repeat the previous steps for MPRO’s with different numbers of stages.
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Fig. 3.12 shows the results obtained from running the above algorithm assuming amax 1s
infinite and 6,= 0. These results represent the absolute maximum normalized frequency that can
be obtained from an MPRO of a certain number of stages. The results show a linear increase in
the maximum possible normalized oscillation frequency as the number of stages increases
provided that the dc gain of the buffer sufficient to provide the required amplification. Table 3.2
shows optimum values of the sizing factors, 4;, and the corresponding mode gain for varying
number of stages. Note that in this optimization and subsequent derivations, x; (an accordingly,
hy) 1s set to 0 since a diode connected transconductor mainly reduces the effective value of the

time constant and thus can be absorbed in the parameter, 7.

v»vwr— 7~ -
= (2/x)*N !
5 --&-- Optimization Output |
N 8 ™ I
& | | | |
eg | | |
< A 7 AR -
0 | | | |
0 4 8 12 16 20

Fig. 3.12. Maximum normalized oscillation frequency.

It is interesting to note that the results in Table 3.2 are considerably systematic and can be
easily deduced for higher values of N. Using (3.8) and the values in Table 3.2, the dominant
mode gain for maximum frequency is given by a,»=N—I as can be seen in Table 3.2. From (3.7),

it can be shown that w, 7 approaches (2/m)xN as N increases.

Since the results in Fig. 3.12 and Table 3.2 were derived assuming J,= 0, these results cause
the oscillator to oscillate at the boundary between different oscillation modes. In fact, it can be

easily shown by substituting the values in Table 3.2 into (3.8) that for each of these MPROs, the
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value of the mode gain is the same for all modes n=1, 2, ..., N-1. This means that the maximum
oscillation frequency of the MPRO is achieved at the cost of the minimum possible mode
stability. Accordingly, if the MPRO is to be used as an oscillator that has a stable well-defined
oscillation mode, some back-off from this maximum frequency is needed to guarantee mode
stability. However, the results obtained for the maximum frequency and the corresponding sizing
factors are still important for two reasons. First, they serve as a benchmark to show the
maximum achievable frequency under all circumstances. And second, they can still be used for
driven MPROs like in injection-locked oscillators and frequency dividers where mode stability is

guaranteed by the external driving signals.

Table 3.2. Optimum sizing factors for maximum oscillation frequency assuming unlimited dc gain and zero
mode gain margins

N a, hZ h3 h4 h5 h6 h7 h8 h9 hlo hII hIZ hl3 hl4 h15 hl6
3 2 0 1

4 3 0 1 2

5 4 0 0 1 1

6 5 0 0 1 2 2

7 6 0 0 0 1 1 1

8 7 0 0 0 1 2 2 2

9 8 0 0 0 0 1 1 1 1

10 9 0 0 0 0 1 2 2 2 2

11 10 0 0 0 0 0 1 1 1 1 1

12 1 0 0 0 0 0 1 2 2 2 2 2

13 12 0 0 0 0 0 0 1 1 1 1 1 1

14 13 0 0 0 0 0 0 1 2 2 2 2 2 2

15 14 0 0 0 0 0 0 0 1 1 1 1 1 1 1

16 15 0 0 0 0 0 0 0 1 2 2 2 2 2 2 2

When the mode gain is limited by a certain finite amay, the optimum values of 4; will be
different from those shown in the Table 3.2 for N>(1+am.x). The new values can be obtained
similarly by running the same algorithm as before and setting the appropriate value of the
maximum gain. In this case, the maximum normalized oscillation frequency saturates

approximately at (2/m)x(amaxT1) Where amax is the upper bound of the mode gain used in the
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optimization problem. In general, if we use the upper bound shown in Fig. 3.12 for (®,7)max, that

1S (@, 0)max < (2/m)xN, together with (3.18), an approximate maximum limit on the oscillation

frequency can be formulated as given by (3.28).

1 N(aa—l) ; 3<N<a__ +1
7’ (an—l)rp+(N—2)(ro—rp) -
Srax (N) = (3.28)
1 (amrl(e,-]) N>a,, +1
r’ (ao—l)z'p—i-(amax—l)(rn—rp), "

From this expression, we see that theoretically, the absolute maximum frequency of an MPRO
can be achieved when an,x 1s set equal to a,, the maximum available dc gain of the inverter.
When this gain is high enough, the limit is equal to (1/m°)xa./z,= (1/n°)xgu/Cy which is

proportional to the cut-off frequency of the unit inverter used to build the oscillator.

Fig. 3.13 shows the actual maximum oscillation frequency obtained from circuit simulation
together with the theoretical expression in (3.19) and the maximum limit in (3.28). The increase
in the actual frequency is only sub-linear as the figure shows due to the increase of the effective
time constant with mode gain as explained in the previous subsection. As the figure shows, as N
increases, both equations (3.19) and (3.28) converge and they match the simulation results very
closely. In these simulations, the initial state of the oscillator is adjusted such that the desired
oscillation mode is excited. It should be noticed that for N=3, the maximum frequency is that of a

3-stage SPRO as indicated in Table 3.2.
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Fig. 3.13. Simulated maximum oscillation frequency for different numbers of stages.
(a) L=100nm (b) L=200nm.

3.2.5. Mode Stability
A common problem in MPRO design is the stability of the dominant oscillation mode. Mode
stability refers to whether the MPRO always oscillates at the same mode regardless of the initial
conditions of the oscillator. This problem is especially pronounced for MPROs with a large
number of phases. This is due to the existence of many modes and the very small differences in

the value of the mode gain of adjacent modes if the MPRO is not well designed.

Analyzing the problem of mode stability accurately requires an accurate nonlinear state-space
analysis to identify the different regions of attraction for each of the oscillation modes in the N-
dimensional state space of the oscillator [30]. Such accurate analysis is out of the scope of this

work and cannot be made using the presented model. However, our model still provides
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sufficient information for designing MPROs that are less sensitive to their initial conditions and

that have a stable, well-defined oscillation mode regardless of their initial state.

As an example, we use the two 8-stage dual-path ring oscillators shown in Fig. 3.10 and Fig.
3.11 with coupling skew of 5 and 3, respectively. Fig. 3.14 shows the mode gain of the different
possible modes of oscillation for the two oscillators as a function of the sizing factors. These
curves can be obtained using equation (3.8) for different values of n. Modes that are not plotted
in the figure are either degenerate or impossible (having negative mode gain). As the figure
shows, for both oscillators, the difference in the values of mode gain for n=4 and n=5 is very
small near the boundary between these two modes. In general, when the mode gain difference
between two modes is small, the oscillator can operate in either one depending on initial
conditions. Hence, designing an oscillator near this boundary is undesirable although the

maximum oscillation frequency exists at this region.

Another example is shown in Fig. 3.15. The figure shows the mode-gain profile of two 47-
stage MPROs. The first MPRO is designed using the design procedure explained in the previous
section for maximum oscillation frequency at a maximum mode gain an.x=2. The oscillator has
sizing factors, (hy7,h3)=(2,1), a dominant mode, n*=31, a dominant mode gain, @,+=2, and a
normalized oscillation frequency, w,«r=1.73. Fig. 3.15(a) plots the mode gain profile of this
oscillator. The even symmetry in the figure directly follows from (3.8). Combined with the odd
symmetry in equation (3.7), every two mirror image modes are actually degenerate, i.e. they are
the same mode. As the figure shows, the mode gain margin between the dominant mode, n=31,
and the adjacent modes is very small. This causes the actual oscillation mode to be sensitive to

initial conditions.
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Fig. 3.14. Mode gain of the different possible oscillation modes of an 8-stage dual-path ring oscillator
having (a) Skew=5 (b) Skew=3. The vertical dashed lines represent boundaries between different modes.

Fig. 15(b) shows the mode gain profile of a second MPRO. The sizing factors of the second
oscillator are also obtained using the optimization algorithm with the mode gain margin, &, set
to 50% to allow for mode stability. After quantizing the sizing factors into integers, the second
MPRO has a coupling configuration, (hs7,hzs,h22,h14,011)=(3,5,4,5,2), a dominant oscillation
mode, n*=30, a dominant mode gain, a,+=1.84, and a normalized frequency, w,*r=1.48. As Fig
15(b) shows, all the modes other than the dominant mode have at least 50% higher mode gain

compared to the dominant mode.
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Fig. 3.15. Mode gain profile of a 47-stage MPRO having a coupling configuration.
(a) (h475h3)=(2a1) (b) (h479h259h229h149h11)=(395945592)°

To verify the two MPROs for mode stability, both oscillators are simulated using the test-
bench shown in Fig. 3.16. In this simulation, an exponentially decaying sinusoidal waveform is
coupled to one node of the MPRO using a small coupling capacitor of 1fF. The coupling
capacitor is small enough not to cause any significant loading or mismatch for the MPRO when
oscillating at steady state. The excitation frequency, f;, is varied and the steady-state oscillation
frequency and oscillation mode are measured. For the first oscillator in Fig. 3.15(a), the final
oscillation mode was found to be dependent on the excitation frequency. This is attributed to the
small mode gain margin as explained before. For the second oscillator, we found the final

oscillation mode to be always n*=30, independent on the excitation frequency.
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Fig. 3.16. MPRO simulation test-bench. The oscillator is excited using an exponentially decaying
sinusoidal waveform of frequency f; coupled to v; using a 1-fF capacitor.

In general, the design methodology presented in this section can be used to design any MPRO
with any number of phases. The designer must verify the mode stability by simulating the
oscillator using the different expected initial conditions. Improving the mode stability can be
achieved by increasing the mode gain margin and this usually comes at the cost of reduced

maximum frequency.

3.3. Phase Noise Analysis

The approach for analyzing phase noise follows a linear analysis similar to that in [31]. The
MPRO is modeled as an unstable negative feedback system with the noise sources in the system

acting as inputs. Fig. 3.17(a) shows the small signal model of the MPRO. Every single

transconductor injects noise into the oscillator by an equivalent noise current source, 4 xi . To

find the system transfer function, the loop can be opened at node v, as shown in Fig. 3.17(b)

where all the noise sources injecting noise current at v; are lumped into one noise source, f xi,

where H is the total sizing factor. The system is equivalent to the circuit in Fig. 3.17(c) where the

output current from the equivalent transadmittance across v; is subtracted from the input noise
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current. The error current is converted into a noise voltage by the impedance Z(jw)/H seen at

node v; to ground where Z(j )=1/(g,j @Cq)=r/(1+ jar).

Based on this model, and using Fig. 3.17(d), the open—loop gain, G(jw), and the closed—loop
transfer function, 7(jw), of the MPRO can be expressed in equations (3.29) and (3.30)

respectively.

(3.29)

(3.30)

At the oscillation frequency, @,, linear analysis predicts an infinite closed-loop transfer
function and an open-loop gain, G(jw,) = —1. Using the first order Taylor series approximation

for G(jw) and assuming that Aw<<a,, we can approximate 7(jwn+jA®) as

(3.31)

The noise voltage at the node v; due to the noise current injected at this node can be expressed

as

Z(jo,)

H‘jw G(jo)]

(3.32)

=0,
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Fig. 3.17. Linear model used for noise analysis. (a) Schematic diagram for the MPRO in closed loop. (b)
Schematic of the MPRO in open loop configuration. (c) Equivalent circuit of the MPRO. (d) Block diagram
of the equivalent negative feedback system.



By using assumptions similar to [31]', the expression for the single-sideband phase noise due

to the noise sources from the N nodes is

1 v

(3.33)

E-rz'l‘ Z(ja)n)/r

V: H d .
’ ‘a’ %[G(Ja’)]

=0,

where the mean-squared voltage of the oscillation waveform is Vrmsz = VOZ/Z.

To find an expression for the oscillator figure of merit, the normalized power consumption,
P,, is defined as power consumed in mW by a single stage in the MPRO having a total sizing

factor, H=1. With this definition, the total power consumption of the MPRO can be expressed as

P

tot,mW = NH R4 (334)
Combining (3.33) and (3.34), the figure of merit of the MPRO is expressed in equation (3.35)

where 1,(V,) is the fundamental component of the output conductance current as in (3.10) and the

power is in mW.

-1
FOM _ L(Aa)) x Borz,mW
(0,/Aw)

AR

RERE PLJ ‘ N-Z(jo,)/r ‘

W=,

(3.35)

12

1
£,

~

> :|'FMPR0 ()_C)

' Assume that half of the power is causing phase noise while the other half is causing amplitude noise that is rejected by the nonlinear
amplitude limiting mechanism of the oscillator. Also assume that the voltage gain between different nodes of the MPRO close to the oscillation
frequency is approximately unity.
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The first term of (3.35) is dependent on both the circuit design of the unit buffer and the
MPRO coupling configuration. The coupling configuration determines the value of the dominant

mode gain which in turn determines the value of the oscillation amplitude, V,, the output

conductance current, /,(¥,), and the equivalent noise current, ;> [32][33]. The normalized power
dissipation, P,, is also dependent on mode gain at low values of the mode gain where power is
dominated by the switching power, P, s,=V4a(2V,)C,f. Power is impacted not only through ¥, but
is also proportional to (@,r). At higher values of the dominant mode gain, the total power
remains roughly constant since the inverting buffers behave as class-A amplifiers as the

oscillation amplitude decreases.

The second term in (3.35), Fupro(x), is only dependent on the coupling structure and not on
the unit buffer design. This term represents the filtering or the frequency selectivity of the
MPRO. In other words, it represents the effective quality factor of the oscillator. By optimizing
this term, we can determine the best phase noise performance of an MPRO given a certain mode

gain.

To derive an expression for Fipro(x), we first derive an expression for the transadmittance,

Yu(jw). From Fig. 3.17(b), the output current is given by

i, (jo)=Hg,X'v(jo)=HY,(jo)v (3.36)
where =[x, x; ... xN]T and v=[v, v3 ... vy] T We assume as before that x;=0. Therefore, the open-

loop gain of the MPRO can be expressed as

G(jo)= —1g+’"]/.ag)”r X (v/w) (3.37)
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To find the vector (v/v;), we apply KCL at the node v, with k#1. By defining the matrix X as
shown in (3.38) and the vector x =[xy xy; ... x2]", we can express the vector (¥/v;) as shown in

(3.39). The open-loop gain can then be expressed by (3.40).

.
ﬂ 2 e xN71
./8,
1+ jor
Xy - Xn_2
X = 8./8, (3.38)
x X, It jor
L gm/go_
(v/v)=-X"% (3.39)
. 8 /g ~T vl =
Gljo)=—| =22=>|x - X -X 3.40
(jo) (Hjmj v (3.40)

By differentiating (3.40) with respect to jwr and using the fact that G(jw,)=-1, the expression
for Fupro(x) can be written as (3.41). In this step, we use the effective transconductance and

output conductance, not the small-signal ones. Thus g,/g, is equal to a,,.

2

2
FMPRO(x)z(w”Tj 1+5 X, X, % (3.41)

N

From (3.40) and using the values of the normalized frequency and the mode gain in (3.6) and

(3.7), (1+jwr)/a, can be expressed as a sum of complex exponentials as (3.42)

X5 =% C =-C, %, (3.42)
27n(2-1) 27n(3-1) 27zn(N-1) 27n(N-1) 27n(N-2) 27n(2-1) .
where ~ P P and C, P I N A Since all

elements of ¥ and %, and all the real and imaginary components of X, are greater than or equal
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to 0 and with at least one element greater than 0, then, X, X, =-C, and ¥ -X," =-C,

which means

2
Fyypeo (¥) = (‘”J 1+¢,"-C[ =(a,0) (3.43)

N

Interestingly, the value of Fupro(x) is equal to (@,7)” hence reducing the expression for phase
noise to (3.44) and the FOM to (3.45). Since the unit power consumption is proportional, at
most, to (@,7) while Fipro(3)=(,7)*, maximizing the normalized oscillation frequency using
the algorithm explained in the previous section, also maximizes the FOM given a certain value of

the dominant mode gain.

A | 1 o Y
L A —_n . . . n
(80) =07 5 ( Amj (3.44)
]02 1 2
FOM = 5 =y (o,7) (3.45)

The numerical value for the FOM depends on how the different terms in (3.45), other than
(w,7), vary as a function of the dominant mode gain. The analysis has been done for SPROs [34-
37]. The resulting expressions for FOM from [34-37] vary depending on the assumptions but the
final numerical values in all derivations predict an FOM in the vicinity of 170dB when the mode

gain approaches unity?.

In this work, we do not derive expressions for the different terms in (3.45). Although this is
possible, we believe that these expressions are of limited practical importance. The more

important conclusion in this paper is that for a certain value of the mode gain, maximizing the

2 An SPRO with a large number of stages is the case when the mode gain approaches unity.
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normalized frequency gives the best FOM and accordingly, the best phase noise versus power

tradeoff.

Fig. 3.18 shows the simulated maximum FOM measured at a I0MHz offset frequency as a
function of the dominant mode gain for different channel lengths. These results are obtained by
simulating the MPROs in Table 3.2. The result for a,~1 is obtained using a 19-stage SPRO as an
example of a long chain SPRO and it agrees with the predictions in [34-37]. The maximum FOM
for a,=2 is equal to that of a 3-stage SPRO as indicated in Table 3.2. In general, as the figure
shows, as the dominant mode gain increases, the maximum FOM decreases due to the faster
reduction in the first term in (3.45) compared to the possible increase in (w,7). Initially this
reduction is relatively fast for a, between 1 and 3, and then the FOM stays relatively constant
until the mode gain approaches the small-signal dc gain of the unit inverter. At this point, the

FOM decreases sharply due to the fast reduction in oscillation amplitude.

180
s --#--L=60nm --®--L=200nm
g 170 S --#--L=100nm --¥-- L=400nm
£ 160 A oS S
§ ’ \ a
o 150 \

140

0 4 8 12 16 20

Fig. 3.18. Simulated maximum FOM as a function of the mode gain. Phase noise is measured at a 10-MHz
offset frequency.

For applications requiring multiple clock phases, it is important to note that equation (3.45)
does not directly depend on the number of phases of the MPRO. As long as the mode gain and

the oscillation frequency stay constant, increasing the number of phases does not change the
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FOM, theoretically. When the MPRO is sized correctly, the additional phases come at zero

power cost.

Table 3.3 shows the coupling configurations for a number of MPROs having different number
of phases spanning a range from 8 to 32. These coupling configurations have been obtained
using the optimization algorithm in Section 3.3.4 where mode stability is also taken into
consideration. The coupling configurations shown in the table are those obtained after quantizing

the resulting sizing factors into integers to be suitable for practical implementation.

The simulation results shown in Table 3.3 are obtained using the same unit cell in Fig.3.3 with
a channel length 200nm. As we can see from the table, although the number of phases spans 2
octaves, the FOM of all MPROs differs only by less than £0.5dB and their oscillation frequency
differs only by £3%. The FOM stays roughly constant because all of the oscillators are designed
to have approximately the same value for the dominant mode gain, a,+ and the normalized
oscillation frequency, (@,7). If these MPROs are scaled such that all of them have the same total
power consumption then all of them would have the same thermal phase noise. These results
indicate that the oscillation frequency can be decoupled from the desired number of phases and

the additional phases can theoretically be obtained at zero power cost.

In practice, however, for a given power consumption, the number of phases cannot be
increased indefinitely. As the number of stages increases at the same total power, the driving
capability of the MPRO is divided among a greater number of stages reducing the driving
capability of each single phase. In addition, as the number of stages increases, the layout routing
becomes more complex leading eventually to a need for increasing the total oscillator power in

order to drive this increased loading.
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Table 3.3. Coupling Configurations and Simulation Results for Unloaded MPROs Designed for Dominant
Mode Gain ~ 2 and Mode Gain Margin > 60% for Mode Stability.

Dominant Mode Mode Gain Normalized Freq Freq. Pwr FOM

N Coupling Configuration Mode (n*)  Gain (a,)  Margin (6,) Freq (@,) (GHz) (GHz) (mW) (dB)
Eq (9) Eq (3.8) Eq (3.26) Eq(3.7) Eq(3.19) [Sim.] [Sim.] [Sim.]

(hshs,h3)=(4,1,3) 5 2.09 91% 1.52 3.46 3.31 9.55 165.4

9 (hoh7,hs)=(2,4,1) 5 1.89 163% 1.39 3.34 3.12 8.94 165.8
10 (huo,hs)=(1,1) 7 1.79 123% 1.38 3.41 3.15 2.75 166.3
11 (h11, hsshs)=(4,1,2) 7 1.81 122% 1.37 3.36 312 1065 166.1
12 (hi2hi0hs)=(2,1,4) 7 1.88 86% 1.46 3.52 328 1188 1662
13 (hu3,hs,hs,h3)=(5,2,1,2) 8 1.93 128% 1.43 3.40 320 1871 1658
14 (hushin,h3)=(3,1,2) 9 1.87 74% 1.47 3.55 329 1183 1662
15 (hus,hinhr)=(2,3,4) 11 1.82 70% 1.40 3.43 319 1878 1662
16 (hig,h3,hehs)=(1,2,1,4) 11 1.93 107% 1.48 3.52 330 1844 166.0
32 | (Bsahanshishinhs)=(3,2,2,1,1) 19 1.83 64% 1.43 3.49 323 4014 1662

Based on the analysis we present in this paper, the design of a ring oscillator, given a certain
unit buffer design, should proceed in the following steps. First, the required number of phases,
the target oscillation frequency and the power budget should be specified. Second, the values of
the parameters a,, 7,, and 7, should be found by simulation for different channel lengths of the
devices. Third, using the optimization algorithm explained in Section 3.3, the optimum sizing
factors can be found. The constraint on maximum allowed mode gain must be decreased until the
minimum possible mode gain is found. This is done by running the algorithm and comparing the
oscillation frequency in (3.19) to the target frequency until the minimum mode gain is found. If
the required number of phases is odd and the target frequency is less than or equal the frequency
of an SPRO (3.20), the optimum design converges to an SPRO. Finally, the phase noise should
be simulated. If the phase noise performance is limited by flicker noise, then the overall
performance can be improved by using longer channel lengths for the devices at the cost of lower
speed. To compensate for the reduced frequency, the previous step should be repeated where the
optimum mode gain needs to be increased. In this way, the flicker noise performance is

improved at the cost of thermal noise.
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3.4. Conclusion

In this chapter, a general model for multipath ring oscillators having arbitrary coupling
structures is presented. With multiple modes of oscillation possible in MPRO structures, we
define the mode gain as the minimum buffer dc gain required to sustain a certain oscillation
mode. The value of the mode gain is only a function of the sizing factors of the different
coupling branches. The dominant mode is the oscillation mode with the lowest mode gain. We
show that several properties of the oscillator like the oscillation amplitude, the effective time
constant, the normalized power consumption and the effective noise factor are dependent on the
oscillator sizing only through the mode gain. An algorithm is introduced to calculate the
optimum sizing factors for the different coupling branches to achieve the maximum oscillation
frequency and the best phase noise taking into consideration the stability of the oscillation mode.

The results and methodology are verified by circuit simulation.

This chapter provides several guidelines for designing MPROs. The results of the
optimization show a simple heuristic for sizing an MPRO for maximizing the output frequency.
While frequency can be maximized by maximizing the mode gain of the dominant mode, a
designer should not choose a target mode gain near the maximum. Backing off from the
maximum avoids boundaries between modes, and improves an oscillator’s figure of merit.
Furthermore, the analysis indicates that for a given oscillation frequency and target mode gain,

the number of output phases can be increased without penalizing the figure of merit.

In the next chapter, the MPRO analysis is extended for optimizing the design of multiphase
frequency dividers. The divider is considered to be a further generalization of the multipath ring

oscillator, namely, a superharmonic injection-locked multipath ring oscillator.
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CHAPTER 4

Superharmonic Injection-Locked Multipath Ring Oscillators

In this chapter, we extend the analysis we presented in the previous chapter to include
frequency dividers. We show that any latch-based divider can be modeled and analyzed as an
injection-locked oscillator. The locking range of this oscillator is dependent on the oscillator
structure and the injection strength. By deriving accurate expressions for the locking range, a
design procedure can be deduced to maximize the maximum division frequency. If the divider is
not required to operate at the maximum frequency, high-speed can be traded-off for power

savings.

4.1. General Model

A superharmonic injection-locked MPRO (SHIL-MPRO) is an MPRO that is locked in phase
at steady state to an input periodic signal with a frequency that is an integer multiple (i.e. a
superharmonic) of the frequency of the MPRO itself [29]. Accordingly, a SHIL-MPRO is
typically used as a frequency divider. In this section, we propose a general model for a SHIL-
MPRO. This model can be used to find the optimal sizing factors and clocking configuration that

maximize the locking frequency of the divider.

To explain our model, we begin first by a simple example of the divide-by-2 shown in Fig.
4.1(a). The divider consists of two latches driven by a differential clock input. Fig. 4.1(b) shows
a CML implementation of the latch while Fig. 4.1(c) shows a possible CMOS implementation. In

both implementations, the clock signal modulates the transconductance of the amplifying
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transistors by modulating their bias current. For the CMOS implementation, the clock signal also

modulates the output conductance of the inverters since it is dependent on the bias current.

i
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Fig. 4.1. Latch-based divide-by-2 (a) Divider schematic (b) CML latch implementation (c) CMOS latch
implementation

As a result of this mixing effect, the output current of any of the transconductors forming the
divider consists of many harmonic components. One component is a linear product due to the
input of the transconductor. Other components are the different intermodulation products of the
latch input with the clock signal. Fig. 4.2 shows an equivalent block diagram for the quadrature
divider. The divider can be considered an injection-locked quad-phase MPRO. The injection

currents are the result of mixing the MPRO outputs with the different input clock phases.
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N-Phase MPRO

Fig. 4.2. Equivalent model of the quadrature divider.

A general model for an M-phase input, N-phase output SHIL-MPRO is shown in Fig. 4.3. The
core oscillator is a general MPRO similar to that in Fig. 3.1. The parameters {4;} are sizing
parameters with respect to a reference unit inverter. The parameters {o;} take values 1 or 0
according to whether the i branch of inverters is driven by the clock or not, respectively. We
assume in our analysis that a single-tone harmonic balance is accurate enough. Therefore,
assuming the MPRO is locked at a frequency w,, the output voltages can be approximated by
(4.1). The transconductance of the inverter driven by the node v, and driving the node v, is
modulated by the clock signal u,,)(¢) given by (4.2). We assume the input clock has a frequency
w;, and M distinct phases available. The clock phases distribution is determined by the
parameters (m;,m;) which can take integer values between 0 and M-1. By varying the values of
(m;,m;), all the possible uniform phase distributions can be modeled. Finally, the angle v is a
phase shift that depends on the injection frequency. In this analysis, we only consider the case of
tail injection. In general, direct injection can also be included by considering an additional set of

clock inputs modulating the output conductance of the inverters.
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Fig. 4.3. General model of an M-phase input N-phase output SHIL-MPRO.
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4.1)

(4.2)

The transconductance current of the inverter driven by v, and driving v, can be expressed by
(4.3). We assume the transconductance can be modeled as a memoryless nonlinear time varying
element. The first term in (4.3) represents the different components due to the transconductance
nonlinearity. The second component is the time variation function caused by the input clock
signal. This function is described by the coefficients a;;. If the i branch is clocked (a=1), then

i 1s equal to A4, the k™ Fourier coefficient of the time modulation function. If the i branch is

(4.3)



From all the frequency components given by (4.3), we are only interested in the component at
®,. To calculate this component, we assume that at lock, the input frequency is an integer
multiple of the output frequency, that is w;,,=dxw,. By using this assumption, the
transconductance current component at w, can be calculated as shown in (4.4). The first
component of this current is the linear g, product. The second and third components are the

injection current components due to upper side and lower side injection, respectively.

j 2rzn(p-1
lé’(‘/"’)|w(, = (hp-q+1 'ap—q+1,0)gm,1Vu COS|:a)0t —%}
v, L3 2zn(p-1 27| m, (g—1)+m,(p-1
+ 2( p—qHZ(gm,(kd—l) gk )COS|:CUOl +(kd —l) 5\/ ) -k |: ! ]‘)4 2 ( ):| _’_kw}
B (4.4)

vV o 27n(p—1 27rmq1+mp
+?oh,,_¢,+12(g,m(kdﬂ)~a,,_q+1,k)COS{W{)I_(kd+1) (]\i) )+k [ 1 ) 2( )]—kl//}

At any node v, of the oscillator, the harmonic balance equation can be written as (4.5) where

g, and C; are the output conductance and input capacitance of the unit inverter, respectively. The

N
parameter H = h, is defined similar to the MPRO case. Substituting from (4.1) and (4.4) into

i=1

(4.5), the harmonic balance equation can be rewritten as shown in (4.6).

v
“_( (4.5)

N
Zlg (di+a +Hg0

i=l1

N 2 -1) 2zn(i-1 [ 2 -1 2 -1
zh,-“,-ogleoCO{wJ— (g 1) _2znli )}HgaVocos wot—M}—HngaVosin{wot——ﬂn(q )}
i=0 T N N | N N

V&, < 27n(g—-1) 2zn(i-1 nd m nd m +m
+?;hi;gm,(kd—l)ai,k 005{6001— 5\7 ) - ](v ) +k_2”(7_ﬁzJ( 1)+2;;£ v sz(q —1)+V/}}
V&, & 2zn(g-1) 2zn(i-1 [ (nd m nd m, +m,

T T ”’{“” e K v v Tj(q‘”“”}}
=0

(4.6)
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By comparing the first line in (4.6) to equation (3.2), we see that it represents the behavior of
the MPRO. The second and third lines of equation (4.6) represent the injection current. For the
output of the SHIL-MPRO to have uniform phases, the gain and phase conditions of the
oscillator at lock should be independent on the node where the harmonic balance is derived.
From (4.6), we can see that this can only happen if the condition given by (4.7) is satisfied. This
condition represents the allowed input clock phase distributions that can result in uniform output
phases. For the oscillator outputs to have N distinct phases, the mode index » and the number of
stages N should have no common factors. This condition implies that the minimum number of
input phases, M, required to have uniform phases at the output throughout the whole locking
range is equal to the number of output phases, N, divided by the division ratio, d, or M>N/d.
Equation (3.7) thus serves as the mathematical formulation for the progressive injection phase
condition that is argued qualitatively in [27].

m, +m, :ﬂ

7 N (4.7)

To simplify the analysis, we consider only the lowest order intermodulation product and
assume that all the other components of the injection current can be neglected. Using this
assumption, (4.6) can be simplified to (4.8). The parameters hr; Hg, gr o, and Crg are equivalent

to the same parameters without the subscript ‘R’ in the free running MPRO. These are given by

N
hri=hixa;0, Hy =) ha,,, gro=8goxH/Hg, and Cg~C,xH/Hp, respectively. The injection current
i=0

amplitude is given by (4.9) where a; ;= a;x4; and 4, is the first Fourier coefficient of the time-

domain modulation function.
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=1, cos[a)ot—w+‘l’}
N

A
Io = ?Hgm,(d—l)l/o

ix,.a,. exp{ jox [%—%)(i - 1)} ‘ (4.9)

Equation (4.8) describes the injection-locked MPRO (IL-MPRO) shown in Fig. 4.4. The unit
inverter of this IL-MPRO has a transconductance g,,;, an input capacitance Cr, and an output
conductance gg,. The mode gain and the normalized free running frequency of the equivalent
MPRO without injection are given by (4.10) and (4.11), respectively where xz =hgr/Hg. The
injection current at the i node of the IL-MPRO is given by (4.12) where I, is expressed by (4.9).
The substitution ¥=tan'(wg,7)+0 is made for convenience since it makes the arbitrary phase
shift € equal to zero when the locking frequency is equal to the free running frequency of the

equivalent core oscillator.

Fig. 4.4. Equivalent injection-locked MPRO model.
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=T 2zn(i-1) (4.10)
=D Xz, cO8 {N} '

4.11)

27n(i-1)

i (1)=1,cos [a)ol - +tan™ (@R,J) + 0] (4.12)

Equations (4.7)-(4.12) represent the mathematical model we use for the SHIL-MPRO

analysis. We use this model in the next section to calculate the locking range of a SHIL-MPRO.

4.2.  Locking Ranges

Fig. 4.5 shows a phasor diagram for an injection-locked MPRO at lock. The current /, is the
amplitude of the total transconductance current injected info a certain node v,. This current is
given by (4.13) where the negative sign in the first line indicates the current direction out of the
transconductors. The total current injected into the oscillator node /7 can be decomposed into a
resistive component /7 that is in phase with the node voltage and an orthogonal capacitive
component I7c. The total transconductance current /, has a phase shift of tan” (wp »7) compared
to the resistive current. For the oscillator to be locked at a frequency w,, the total current /; must
have a phase shift tan”(w,7) with respect to the resistive current. The extra phase shift, ¢ =
tan '(w,7) — tan ' (wg ,7), must be provided by the injection current. The angle 6 is greater than or
less than zero depending on whether the injection frequency is greater than or less than the free

running frequency of the equivalent MPRO, respectively.
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Fig. 4.5. Phasor diagram for an injection-locked MPRO at lock

The gain and phase conditions for locking can be derived from (4.8) by separating the
cos[w,t—2mn(g—1)/N] and sin[w,t—27n(q—1)/N] coefficients. Equation (4.14) gives the equivalent
dc gain of the unit inverter at lock and (4.15) gives the phase condition from which the value of
the angle 6 can be calculated. The injection coefficient # is defined in (4.16) where the value of

the injection current derived in (4.9) is used.

ag

n

1+7 cos[tan‘1 (@,7)+ 6’]

(CUR,”T) +77sin [tan’1 (CUR,”T) + 6’]

1+7cos [tan‘1 (@p,7)+ 9]

a, =

(4.14)

(w,7)= (4.15)
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In the remainder of this section, we derive expressions for the different possible limitations on

the locking range.

4.2.1. Phase-Limited Locking Range
The first limitation on the locking range is due to the maximum phase shift +¢n. that can be
caused by the injection current. This limitation defines the phase-limited locking range (PLLR)
[22]. Fig. 4.6 shows the phasor diagram of the IL-MPRO at the edge of the PLLR. An expression
of the maximum and minimum locking frequencies due to the PLLR can be derived from the
figure trigonometry or by differentiating equation (4.15) with respect to §. The PLLR expression

is given by (4.17) where 7 is the injection coefficient defined in (4.16).

(@0,) =11+ (@,7) (4.17)

( ,T )PLLR(max/min)

Fig. 4.7 is a plot of the PLLR expression in (4.17) as a function of the injection coefficient #

for different values of the normalized free-running frequency (wg,7). As the figure shows, for
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small values of 7, the locking range is a narrow range around the oscillator free running
frequency. As the injection strength increases, the locking range starts to increase. This behavior
is characteristic for weak injection and is explained in various previous publications as in [22].
However, as Fig. 4.7 shows, as the injection strength increases, the lower end of the PLLR
approaches zero while the upper end increases significantly until it tends to infinity when #
approaches unity. In practice, no matter how strong the injection level is, the locking range can

never tend to infinity which suggests the existence of additional limitations on the locking range

of a divider.
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Fig. 4.7. Phase-limited locking range.

4.2.2. Gain-Limited Locking Range
The second limitation on the locking range arises from the gain condition in (4.14). For
locking to occur, the available dc gain of the inverters of the equivalent MPRO must be greater
than the value given by (4.14). Otherwise, the oscillator cannot be locked. This limitation defines
the gain-limited locking range (GLLR). An expression for the GLLR can be derived from (4.14)
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and (4.15) and is given by (4.18). The parameter amay is the maximum allowed mode gain for the
IL-MPRO at lock (4.14) while ag , is the mode gain of the equivalent free running MPRO (4.10).
For our argument in this subsection, am.x is the small signal dc gain of the inverters of the
equivalent MPRO and is equal to (Hg/H)xa, where a, is the small signal dc gain of the actual

inverters without switching.

2
amax a ,n
(on)GLLR/MLLR(max) = [ a J (a)R,nT) + \/772 - [1 - aR j (4.18)
R.n max

For a certain value of (amax/ar,), the upper end of the locking range becomes gain-limited
only when the injection coefficient, 7, exceeds a certain threshold, 7,4, given by (4.19). At this
value, both the PLLR and the GLLR have the same upper bound. When 7 exceeds this value, the
GLLR becomes the limit for the maximum locking frequency. The lower end of the locking

range is always phase-limited as long as amax>ar , which is the practical case of interest.

n= \/1(%_mJ+—(“’R;T) —(wR,nr)\/(“”‘ﬂ +[ j{l—( H (4.19)

Fig. 4.8 shows a plot of the GLLR given by (4.18) for (wg,7)=2 and (amax/ar,)= 1, 2, and 3.

As the figure shows, for small values of 7, the locking range is phase limited. When 7 exceeds
the value of 7,, the maximum locking frequency becomes gain-limited. The limit increases when

the maximum available gain increases.
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Fig. 4.8. Gain-limited locking range for an IL-MPRO with (onR,nt)=2 and (amax/aR,n) =1, 2, and 3

4.2.3. Mode-Limited Locking Range
The third limitation on the locking range arises for the existence of other possible modes of
oscillation for the MPRO. If the mode gain of the IL-MPRO (4.14) is higher than any of the
mode gains of the equivalent free running oscillator (4.10), this oscillation mode is able to build

up and the lock is lost. This limitation defines the mode-limited locking range (MLLR).

An expression for the MLLR is identical to that for GLLR if we define the maximum possible
mode gain a,,,, as the minimum non-dominant mode gain. In general, equation (4.18) expresses

both the GLLR and the MLLR when a,,,, 1s defined as given by (4.20).

l#n

rn, .
Ay =MD — 0 |X af”;:o{lﬁ,l,%,l[a“ > O] (4.20)
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4.2.4. Quadrature-Phase Divider Example

In this subsection, we compare our analysis with simulation. A simple quadrature-phase
divide-by-2 is used in this example. In the simulations, we use the unit cell shown in Fig. 4.9. It
consists of differential CMOS inverters switched at the common source nodes of both the NMOS
and the PMOS transistors. The clock signal is assumed to be strong enough to turn off the current
path when it is in low state. Accordingly, the time modulation function is assumed to be a 50%
duty cycle square wave with an average 4,=0.5 and a first harmonic component 1,=2/z. When a
certain cell is not clocked, this means that CK=Vpp at all times. The dc gain of the unswitched
inverter for Vpp=1V in 65nm CMOS technology is equal to 8. The clock signal is a rail-to-rail
square-wave with 10% rise and fall time. The simulated maximum division frequency shown in
this section is for the unloaded divider which represents the absolute maximum frequency a

divider can work at. The effect of loading is discussed in the next section.

Vin,1

Vin,2

Fig. 4.9. Unit switched inverters used in simulation.

Fig. 4.10 shows the schematic of a quadrature phase (N=4) SHIL-MPRO. The sizing factors
of the feed-forward and cross-coupling inverters are (h4,h3)=(h,1). The equivalent MPRO has

two distinct oscillation modes, #=3 is the desired mode and #»=2 is an undesired mode. Assuming
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the maximum number of distinct input phases is M=4, the input clock phases must satisfy the

condition (m;+m>)=6 (4.7).

Table 4.1 shows all the allowed clocking configurations that satisfy equation (4.7). The table
also shows all the quantities needed to calculate the three locking ranges as a function of the

sizing ratio, A.

{>ch }__|>cvz

I>°v3 I>°v4

CKl1 CK2 CK3 CK4

Fig. 4.10. Quadrature output divide-by-2.

Table 4.1. Possible clocking configurations for a quadrature-phase divide-by-2 shil-mpro

Index ((14,113) my CK1 CK2 CK3 CK4 ags ag 2 QR 3T n h(;M
h h+ 4, h A Aya, +1
o o 14— = 1 R LI
1 (0,1) X Voo 0 Voo 180 i Py ,10 2, a1
hi,+1 2 a+1
2 (1,0) X 0° Voo 180°  Vpp  d+Ah  hA,—1  Ah 7' h Aya, 1
Aa,+1
3 1,1 0 0°  180° 180°  0° 1+h i+l h i-x/hz+1 20— —1.67
n-1 24, Aoty —1
h+1 A A, +1
o o o 90 ar? 21 ST —1.67
4 (10 1 0 90°  180°  -90 1+h P h 2 |n-1| a1
Aa,+1
5 (1,1 2 0° 0°  180° 180° 1+h h+l h i-\/hz+1 S =1.67
h-1 22, Ay, —1
h+1 A A, +1
o _00)° o o (h+1 =1.67
6 (1,1) 3 0 90°  180° 90 1+h 1 h % (h+1) a1

Fig. 4.11 shows the normalized maximum locking frequency (@,7)max for the 6 clocking
configurations, calculated by substituting the values in Table 4.1 into (4.17-4.20), and the

maximum locking input frequency obtained by simulation. For the six configurations, at small
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values of 4, the free running frequency, (wg 37), is small and thus the MPRO mode gain, ag ,, and
the IL-MPRO mode gain, a,, are both smaller than the maximum available dc gain. This causes
the locking range to be phase limited. As the value of % increases, the value of a, at the edge of
the PLLR exceeds the available dc gain. Accordingly, the locking range becomes gain limited.
As h increases further, the value of the non-dominant mode gain, ag,, decreases below the
available dc gain. This decrease in the non-dominant mode-gain casuses locking range to be
mode limited. For a 4-phase SHIL-MPRO using this particular unit cell (a,=8), the maximum
locking frequency occurs at the intersection of the GLLR and the MLLR. The value of the sizing
ratio that satisfies this condition, /gy, is calculated for each clocking configuration in the last

column in Table 4.1.

Fig. 4.11 shows that the optimum sizing ratio for maximizing the upper limit of the locking
range can be predicted with good accuracy. Note that while the sizing factor of the maximum is
accurate, the plot shows some discrepancy in the magnitude or shape of the curves. The
discrepancy is expected because the normalizing time constant, z, for an MPRO is a function of
the mode-gain. Accordingly for a SHIL-MPRO, 7 is a function of the sizing parameters and
injection strength (4.14). Meanwhile, the theoretical calculation uses a constant 7 for

normalization.

When the SHIL-MPRO is sized to maximize the upper end of the locking range, (4.9)
indicates that the equivalent injection current is large. Coupled with the low quality factor of ring
oscillators, the oscillator has a locking range that extends down to low frequencies and is
sufficient for most practical applications. A more detailed application of this model is presented

in Section 4.4.
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Fig. 4.11. Theoretical normalized maximum locking frequency and simulated maximum locking frequency
for an unloaded quadrature divide-by-2. (a) to (f) refer to the six clocking configurations in Table 4.1
respectively

4.3. Power Consumption and Effect of Loading

To study the effect of loading, we first consider an arbitrary unloaded SHIL-MPRO with a

N
locking range between f; and fi; and with sizing factors {A;} where H =) h, . For a fixed supply

i=1
voltage, the power consumption of this unloaded divider at lock is P,(f). The power is only a
function of the injection frequency, f; < f'< fu. The self-loading capacitance of this divider at each
of its outputs is equal to HC, where C, is the equivalent input capacitance of the unit inverter as

defined before. The exact form of the function P,(f) depends on the design of the unit inverter
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and the divider architecture and is in general due to both the switching and the direct-path

currents.

If the whole unloaded divider is scaled with a factor K;, the power consumption of the scaled
divider becomes K,P.(f) where f; < f < fy. If the scaled divider outputs are uniformly loaded with
a capacitance C; at each node, the divider behavior as a function of frequency scales in the
frequency axis by a factor (Ki/1Cy+Cp)/(KaHC,). Note that the RC ring-type ILO behavior is
always dependent on the normalized variable (w,7) rather than the absolute frequency. The
power consumption of the loaded scaled divider can be expressed by (4.21). Fig. 4.12(a) shows
an example for the frequency scaling due to loading. The figure shows the simulated power
consumption of the quadrature divider of Fig. 4.10 as a function of the injection frequency for
topology 2 in Table 4.1 which corresponds to Fig. 4.11(b). The divider uses the unit cell of Fig.
4.9 and has a sizing vector (h4h3) = (3,1).

K,HC, +C,

K, HC, fu (4.21)

K,HC K, HC
f|;where ——=£ —f < f<—= £
K,HC, +C, K,HC, +C,

P kn

To minimize power consumption, a divider must be scaled with the minimum scaling factor
K, that still achieves the desired maximum operation frequency fn.x<fy. This optimal scaling
factor and the corresponding power consumption can be expressed as (4.22) and (4.23)
respectively. In (4.23), P,(fy) is the power consumption of a unit unloaded divider with a total
sizing factor H=1 at its maximum locking frequency fy and is equal to P(f;)/H. In practice, the

frequency fy should be chosen less than the actual maximum locking frequency by a factor large

enough to guarantee the divider achieves the desired frequency over all PVT variations.
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Fig. 4.12(b) is a plot of equation (4.23) where C,=160fF for our unit cell in Fig. 4.9. If the
divider is always scaled for minimum power, the power consumption is always proportional to
the load capacitance. At frequencies that are small compared to f#, the power is proportional to
the maximum desired input frequency. As the input frequency approaches the maximum
injection frequency of the unloaded divider, fy, the required power increases rapidly with
frequency since the divider has to be scaled up in size to the limit where the external load

becomes small enough compared to its self-loading capacitance.

The analysis, in this section, shows that maximizing the maximum locking frequency of the
unloaded divider is useful even when a divider does not need to operate at such high locking
frequency since the divider can then be scaled down in size and save power compared to an un-

optimized design.

4.4. Design Procedure

The mathematical model we derived in equations (4.7) through (4.20) can be used in an
optimization algorithm to find the optimum design. Fig. 4.13 shows a flow chart indicating the
proposed design procedure. In step A, we set the required initial parameters like the number of
input and output phases, the inverter dc gain, the range of sizing factors to search, and the
characteristics of the time-domain modulation function. We use these parameters in step B to
form the design space grid. This grid consists of all the possible sizing factors, oscillation modes,
and clocking configurations. We limit the number of signal paths per stage to a maximum of 3
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paths. In general, if the maximum frequency required cannot be achieved using 3-paths, then the
maximum number of paths should be increased and the search should be repeated. However, it
should be noted that in practice, as the number of paths increases, the layout design of the divider

becomes more complicated and the benefit obtained from using more paths starts to diminish.

In step C, we exclude the undesired solutions from the grid before the actual computation of
the maximum locking frequency. These solutions include those that contain any two branches, i
and i+N/2 since they have opposite phases. We also exclude all the modes that do not lead to
distinctive output phases. These are the modes that do not satisfy the condition gcd(n,N)=1 where
gcd() 1s the greatest common divisor of two integers. We finally exclude all the solutions that

contain ambiguity in the output phases.

In step D, we use (4.16-4.20) to calculate the maximum locking frequency for all the
remaining solutions in the design space. We sort these solutions in step E into three groups
according to the number of clocked branches. We then sort the solutions in each group in
descending order according to the maximum locking frequency. Finally in step F, we select the
best solution and plot its maximum locking frequency as a function of the sizing factors and
compare that to simulation. Since we do not have to examine all the possible combinations, the

design time is reduced significantly.
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A. Initialization

N = Number of output phases

M = Number of input phases (M=N/2)

H = Total sizing factor (=10)

(Ao ,Az) = (0.5, 2/m) for an ideal square wave

a, = Inverter dc gain (=8)

( hmin : Bh : Ay ) =(0:0.25 : H) = sizing factors

he = minimum coupling between otherwise isolated node sets (=1)

B. Design Space

Foreach (h;3,hi2,hi3) where hj+hi+hjs = H (3 different sizing factors)

Foreach (iy,isi3) where i=2,3,4,..,N and i; # i> # i3 (Different skews for each branch)
Foreach (aj,a;,a;3) where @; € {0,1} and a;+a+as # 0 (Which branches are clocked)
Foreach n=0:N-1 (All possible oscillation modes)

Foreach m=0:M-1 (All possible input clock phases)

C. Excluding Undesirable Solutions

Only if |ig - iz|, |ia—1is| , |is—iz| # N/2 (Since branches i and i+N/2 are driven by opposite phases)
Only if ged(n,N) = 1 (This guarantees the N output phases are distinct)
Only if at least one of the following conditions is satisfied:

gedl ={gcd(N,N-ij+1) * [ hy = h ]}==1

ged2 ={gcd(N,N-i+1 ) *[hp2h ] }==1 s " s ot .

. uarantees the nonexistence of an

ged et gedl N, Mbletl ) * Lhuizch L b=l isolated node sets which would Iea;

ged4 = { ged(gedl,ged2) } == to an ambiguity if the output phases

ged5 = { gcd(ged2,gcd3) } ==

ged6 = { ged(ged3,gedl) } ==

D. Calculate Locking Ranges

Calculate n [ from (19) ] and n, [ from (22) ]
Calculate amax [ from (23) ]

Calculate PLLR [ from (20) ]

Calculate GLLR/MLLR [ from (21) ]

If (n<n,)then LR = PLLR

Else then LR = GLLR/MLLR

Save solution

E. Sort Solutions

Sort solutions into 3 sets according to whether 1 branch, 2 branches, or 3 branches are clocked
Sort solutions in each set from highest to lowest locking ranges

E. Verify by Simulation

Simulate the best solution as a function of the different sizing factors to find the final optimum design

Fig. 4.13. Flow chart indicating the design procedure of a SHIL-MPRO divide-by-2.
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4.5. Octal-Phase Divider

In this section, we apply our procedure to design a quadrature-phase input, octal-phase output
divide-by-2. This divider is the first stage of a divider chain used to generate the clock signals
required by a high speed serializing transmitter which is explained in the next chapter. The initial
parameters for this design are N=8, M=4, in addition to the other parameters given in step A in
Fig. 4.13. The design space formed in step B includes three different kinds of architectures as
shown in Fig. 4.14. Each of these architectures can have different clocking configurations where
we only show the one where one branch is clocked. The first architecture in Fig. 4.14(a) uses two
separate differential-input quadrature-output dividers with a 90° phase shift between their input
clock phases. The advantage of this realization is that the maximum division frequency is equal
to that of a quadrature divider. However, due to the symmetry of the divider, this architecture
suffers from 180° ambiguity in the phase relationship between the outputs of the two dividers. As
part of step C, this ambiguity cannot be tolerated in most applications where the sampling phases
have to be predictable and accordingly it is eliminated from consideration. In general, this

condition can be identified whenever there exist isolated node sets in the divider.

Fig. 4.14(b) shows a second architecture where 4 cross-coupled latches are clocked with the
quadrature input clock to produce 8 phases at half the input frequency. This approach does not
suffer any phase ambiguity but our analysis, in addition to common practice, indicates that the

maximum division frequency is roughly half that of a 2-latch-based quadrature divider.
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Fig. 4.14. Quadrature-phase input, octal-phase output divide-by-2 with three possible implementations as (a)
Two separate differential-input quadrature-output dividers (b) Conventional 4 latches in a single loop and

Fig. 4.14(c) shows a third realization as a triple-path SHIL-MPRO. If the coupling structure
and clocking configuration of this realization are optimized, the design can achieve a maximum
division frequency that is equal to that of a quadrature divider. At the same time, since the design

has no isolated node sets, it does not suffer any phase ambiguity. In fact, one can see that the

©

(c¢) Triple-path SHIL-MPRO.
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third realization is a general case that reduces to the first one if 45=0 and to the second one if
h;=0. In general, a quad-path SHIL-MPRO can also be used and the maximum division
frequency in that case can theoretically be even higher than a quadrature-divider. However, the
increased layout complexity practically limits the performance improvement. Accordingly, a

three-paths-per-stage architecture is chosen.

We used our model in the search algorithm to examine all the possible triple-path
implementations and find the best coupling structure and clocking configuration (steps D and E).
Fig. 4.15 shows the simulation results for the triple-path octal-phase SHIL-MPRO in Fig. 4.14(c)
where only the branch, 43, is clocked (as,as5,a3) = (0,0,1). The figure shows the simulated and
theoretical maximum locking frequencies as a function of the sizing factor, 43, for different
values of hg. The value of /5 is given by hs=H-hg-h; where H is arbitrarily taken equal to 10. The
figure shows that our model can predict the optimum design with very good accuracy. By
comparing Fig. 4.15 and Fig. 4.11, we see that the maximum locking frequency for the octal-
phase divider is approximately the same as that for the quadrature one. This shows that using
SHIL-MPROs, the maximum locking frequency and the number of output phases can be

decoupled which is the same conclusion we reached for MPROs.

For the first stage in our divider chain, we use a triple-path SHIL-MPRO with
(hs,hs,h3)=(2,2,6) and (as,0s5,03)=(0,0,1). We scaled the design so as to minimize the power

consumption while still meeting the maximum frequency target at the worst PVT case.
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Fig. 4.15. Theoretical normalized (solid lines) and simulated (circles) maximum locking frequency for an
unloaded triple-path octal-phase divide-by-2 for (as,a5,03)=(0,0,1) and hs=10-hg-h;

4.6. Hexadecimal-Phase Divider

The second stage in the divider chain used in our transmitter is an octal-phase-input,
hexadecimal-phase output divide-by-2. Similar to the previous design, different implementations
are possible. Using the same design procedure, we chose a triple-path SHIL-MPRO with

(hi6,h9,h7)=(2,2,6). Fig. 4.16 shows the clocking configuration and coupling structure.

Lo por oy
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Fig. 4.16. Octal-phase input, hexadecimal-phase output divide-by-2 as a triple-path SHIL-MPRO
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Fig. 4.17. Theoretical normalized (solid lines) and simulated (circles) maximum locking frequency for an
unloaded triple-path hexadecimal-phase divide-by-2 for (a;sa4,2,)=(0,0,1) and hy=10-h;5-h,

Fig. 4.17 shows that the simulation results for the selected architecture have good agreement
with the analytical model. The maximum frequency of the 16-phase triple-path SHIL-MPRO is
approximately half that of the 8-phase design. This is acceptable for our case since it does
operate at half the frequency of the octal-phase divider. However, if a higher maximum speed is

needed, 4 or more paths per stage should be used at the cost of a more complicated layout.

4.7. Conclusion

We propose in this chapter a comprehensive analysis and model for superharmonic injection-
locked multipath ring oscillators. The analysis shows that SHIL-MPROs inherit the property of
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MPROs such that one can increase the number of output phases without penalizing the maximum
division frequency. We explain three different limitations that determine the maximum locking
range of the frequency divider: phase (PLLR), gain (GLLR), and oscillation mode (MLLR). The
PLLR corresponds to the maximum phase shift that an equivalent injection current can cause.
The GLLR corresponds to the finite dc gain of the inverters forming the divider. And the MLLR
corresponds to the existence of other non-dominant oscillation modes that at some point can
become dominant and prevent the SHIL-MPRO from locking in the desired mode. We derive
expressions for each of these three limitations on locking ranges as functions of the sizing factors
and input clock distribution. These expressions can be used in a design procedure to find the
optimum coupling structure and clocking configuration that maximizes the locking frequency of
the divider. We also explain the effect of loading the divider with an external capacitive load and
show that maximizing the locking frequency can be used to save power if the divider is then
operated at a lower frequency. The design procedure can be used for a wide range of applications

for any ring-oscillator based divider.

The next chapter describes the detail implementation of a serial link transmitter that uses the

dividers presented in Section 4.5 and 4.6 to achieve low area and power for the data serialization.

&9



CHAPTER 5

A 32-48 Gb/s Serial Link Transmitter

The ability to achieve frequency division with multiple phases at relatively high frequency is
used to relax the timing requirements of the serializer hence allowing us to eliminate the need for
any delay calibration loops. This chapter applies this idea to a serial-link transmitter. We first
explain the system design of the transmitter in the first section and then give the details of the

circuit design in Section 5.2.

5.1.  Transmitter System Design

Fig. 5.1 shows a block diagram of a serializing transmitter. The data path consists of a 64-to-1
serializer followed by a two-stage driver. The sampling clock signals required for the different
serializer stages are generated from a charge-pump phase-locked loop. An LC-VCO drives the
final N:1 multiplexer with an N-phase clock at a frequency f,/N where f, is the final bit rate. The
VCO clock is then divided by a chain of frequency-dividers to generate the lower frequency

clock signals required by the 64:N multiplexing stages.

To minimize the chip area of the transmitter, the use of inductors has been restricted only to
the VCO, the final multiplexing stage, and the following pre-driver and driver. All the other
multiplexing stages in addition to the whole frequency-divider chain are to be designed in
CMOS. In addition, to avoid the overhead added by delay-calibration loops or delay matching
buffers, the serializer must have a wide enough operation range to guarantee the timing

constraints are met for the desired data rate over all PVT corners.
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Fig. 5.1. Block-diagram of a 64-to-1 serializing transmitter.

In the following subsections, we explain the different architectural choices that we made to

arrive at the proposed architecture.

5.1.1.  Final Multiplexing Stage Order

As explained in Chapter 2, as the order of the final multiplexer (N) increases, the timing
constraints at the final multiplexing stage become more relaxed. However, this has two
drawbacks. First, higher order multiplexers suffer lower bandwidth which means higher power
consumption to meet a certain target data rate. On the other hand, as N increases, the VCO output
frequency decreases which lowers the power consumption requirements of the divider chain as
explained in Chapter 4. Accordingly, to select the value of N that minimizes the total power
consumption, this trade-off has to be analyzed. The second problem is that when N increases, the
output signal becomes more sensitive to phase mismatches in the multiphase VCO. In addition, if

an LC-VCO is used, the number of inductors in the VCO increases increasing the chip area.
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By investigating the power trade-off between the MUX and the clock dividers, we found that
for the target data rate of ~40 Gb/s using 65-nm CMOS technology, a 4-to-1 MUX at the final
stage is the best compromise. If a 2-to-1 MUX is used, the first divider has to be clocked by a
~20-GHz input clock which requires burning a lot of power if inductive peaking is to be avoided.
On the other hand, if an 8-to-1 MUX is used, the power consumption required for the MUX to
meet the bandwidth requirement becomes excessive. In addition, a 4-to-1 multiplexer was found

to be a good compromise between relaxed timing constraints and phase-mismatch sensitivity.

5.1.2.  Multiphase Sampling

Another design trade-off is the number of phases in the divided clock signals. Fig. 5.2 shows
the number of latches required to correctly retime the data input to the final 4:1 MUX. If the first
divided clock has a differential phase, the 4 outputs of the preceding 8:4 stage will have
transitions all at the same phase. Accordingly, the data has to be retimed before being applied to
the 4:1 MUX. Fig. 5.2(a) shows a possible implementation where a minimum of 7 latches is
required before the multiplexer. If the divided clock has a quadrature phase, the 4 data inputs will
have 2 transition phases which relaxes the number of latches to a total of 6 latches as shown in
Fig. 5.2(b). Finally, if the divided clock has 8 phases, the input data is already retimed and the

number of latches required is reduces to 4 latches as shown in Fig. 5.2(c).

Fig. 5.2 shows that if we can generate 8 phases for the divided clock, power and area savings
can be achieved by minimizing the required sampling elements at the input of the multiplexer.
This approach can be applied to all stages of the serializer. In general, for any multiplexing stage,

if the time resolution of the divided clock is equal to that of the input clock, the number of
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retiming elements can be minimized. Time resolution can be maintained if the number of phases

of the divided clock is double that of the input clock.
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Fig. 5.2. Required retiming elements at the input of the final 4-to-1 multiplexer when the divided clock has
(a) Two phases. (b) Four phases. (c) Eight phases.
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Based on the analysis in Chapter 4, multiphase dividers can be designed as superharmonic

injection-locked multipath ring oscillators at no additional power cost.

5.1.3. Transmitter Architecture

Fig. 5.3 shows the proposed transmitter architecture. The transmitter consists of a 64:1
serializer followed by a two-stage driver. The final stage in the serializer is a 4:1 MUX that
includes pulse generation and latching functionality. The required sampling clock signals are
generated from a phase-locked loop. A quadrature phase LC-VCO generates 4 phases at 12 GHz
that directly drive the final MUX and the first frequency divider. High speed, low power
frequency dividers are realized as superharmonic injection-locked multipath ring oscillators. The
dividers generate 8 phases at 6 GHz, 16 phases at 3 GHz, 8 phases at 1.5 GHz, and 16 phases at

750 MHz.

Since the number of phases at the output of each of the first and the second dividers is double
the number of phases at their inputs, the number of latches at the input of the 8:4 MUX and the
4:1 MUX can be minimized to a single latch per input. This saves a considerable amount of
power. In principle, it is possible to maintain the timing resolution for the whole divider chain.
However, due to the increased layout complexity of multiphase dividers and the lower power of
the low speed stages, the third divider is designed to have only 8 phases instead of 32. This
increases the number of latches required at the input of the 16:8 MUX to 1.5 latches per input
where the MUX itself is used as a latch. The final divider generates 16 phases at 750 MHz
maintaining the timing resolution of the preceding clock and thus allowing the use of a single

latch per stage for the 32:16 MUX. Since the timing constrains are relaxed at this low frequency,
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we eliminate this latch. In effect, this means that the 32:16 MUX has an effective ¢=0.5 since it

is transparent to the input for half the clock period.

A 64-channel PRBS generator generates a pseudorandom sequence of length (2'-1), (2"°-1),
or (2°'-1) that is used as an input data source for the TX [48]. The PRBS generator can also be
bypassed and a 2'*-bit arbitrary sequence can be used as the input data. The data source is driven

by one of the 750 MHz clock phases and its output is retimed and applied to the input of the

serializer.
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750 MHz _ PFD _ Ccp > LF
Dual-path Dual-path Triple-path Triple-path
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Fig. 5.3. Proposed transmitter architecture.

5.1.4. On-Chip Eye Monitor
To be able to measure the actual waveforms on the chip, we included an on-chip eye
monitoring system. A 6-bit phase interpolator [60] and a simple 8-bit R-2R DAC provide
variable time and voltage references for a high bandwidth comparator. The comparator
subsamples the output of the transmitter at 1/64 of the final data rate. The output of the
comparator is then compared in the control unit to one of the input channels of the transmitter

and bit errors are counted in a 32-bit counter. The measurement is repeated for every input clock
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phase and reference voltage and the results are stored in a scan chain that is read in real time

using a logic analyzer.

Although the output is subsampled, the sampling aperture of the comparator has to be narrow
enough to avoid filtering the measured signal. In fact, the bandwidth requirements of the

comparator used here are the same as that that would be used in the receiver. The design of the

comparator is discussed in Section 5.2.
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Fig. 5.4. On-chip eye monitoring system.
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5.2. Circuit Details

This section explains the details of the different circuit blocks used in the transmitter. We
begin with the building blocks of the phase-locked loop then we explain the design of the

multiplexer and finally, the design of the comparator is discussed.

5.2.1. Quadrature LC-VCO
Fig. 5.5 shows the schematic of the 12-GHz quadrature LC-VCO. Using the same naming
convention used for MPROs in Chapter 3, the cross-coupled inverters are sized by a scaling
factor 4; while the coupling inverters are sized by 44 An expression for the oscillation frequency
of the quadrature oscillator can be derived using a similar analysis to that of MPROs. In the
Appendix, we derive an expression for the oscillation frequency of a general multiphase,

multipath LC oscillator (MPLCO). This expression can be simplified as given by (5.1).

VIP

SEL

VIM

C)) (b)

2
o =2 [ %] vor 6.1

In (5.1), w, is the resonance frequency of the equivalent tank circuit while wg is the

oscillation frequency of the core ring oscillator that results if the equivalent inductance of the
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tank circuit is eliminated. From the analysis in Chapter 3, As the coupling ratio (h/h;) is
increased, the value of wg increases causing the oscillation frequency to deviate more from
resonance. This increase in the coupling ratio improves the quadrature phase accuracy at the cost

of random phase noise degradation [49].

In practice, supply noise is a more serious source of jitter compared to the device noise. As
the supply voltage increases, both components that determine the oscillator frequency, wz and
,, change in opposite directions. On one hand, the frequency of the core ring oscillator
increases with the supply voltage due to the increased current drive of the inverters. On the other
hand, the resonance frequency of the tank circuit decreases with supply voltage due to the
increase in the value equivalent tank capacitance [39]. The variation in oscillation frequency due
to supply variation can be calculated by differentiating (5.1) as given by (5.2). Since the first
term due to the core ring oscillator is always positive while the second term that represents the
tank resonance is always negative, a value of h,/h; exists that causes the supply sensitivity to be

nulled.

oo, 1 a,. Ow, o, ow
osc _ feXYe % + 9 X 0 (52)
and 2 w()sc _(wR/z) 8I/daf a)osc _(a)R /2) aI/ald

Fig. 5.6 shows simulation results for the supply sensitivity defined by (5.3) and the oscillator
figure of merit (2.2). In addition to improving the phase accuracy, increasing the coupling ratio
can improve the supply rejection by more than 20dB at the cost of ~4dB degradation in random
phase noise for the same power consumption. In a typical mixed-signal chip environment, this
leads to an overall improvement in the overall jitter. Accordingly, in our design, we use a

coupling ratio h4/hs=1.

98



_ (Ao, /®,.)
S,pp = 201log AV V) (5.3)

196
--0-- Sy @ dc
- Swd@ 10MHz

-20 “'.- --%-- Phase Noise 192
‘-‘.& fol

b 3 o
& ‘-.\* ’3:*‘0\ S 4 @
B Ao LAY - S PP
g 40 * % ¥ 188
= ‘:..‘ 1 (]
%] ‘.’_ \ ,' [
9 Vo
-4 \ g
“’-*_‘r’
-60 i g 4184
-80 180
0 0.2 0.4 0.6 0.8 1 1.2

Coupling Factor =(h / h_?)

Fig. 5.6. Effect of varying the coupling ratio (h4/h3) on the supply voltage sensitivity and the oscillator
figure of merit

5.2.2. Frequency-Divider Chain

The divider-chain consists of four stages. The first and second stages are explained in
Sections 4.5 and 4.6, respectively. They are realized as octal-phase and hexadecimal-phase
superharmonic injection locked triple-path ring oscillators. The first stage has a coupling
configuration (hg,hs,h3)=(2,2,6) and a clocking configuration (as,os,03)=(0,0,1) while the second
stage has (h;6,h9,h7)=(2,2,6) and (a;6,09,07)=(0,0,1). These sizing ratios maximize the maximum

locking frequency as explained in the previous chapter with only one clocked branch to simplify

the layout design.

For the octal-phase divider in the third stage, we only used a conventional dual-path design as
the one in Fig. 4.15(b). The reason for this choice is because at the third stage, the frequency is 4

times less compared to that at the first stage and the loading capacitance is also less due to the
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fanout in the transmitter data path. Accordingly, the optimally scaled triple-path design would
reach the limit of the minimum device size that we set and the dual-path design becomes more
power efficient due to reduced self-loading. Similarly, for the final hexadecimal-phase divider,
we used a dual-path design using 8 differential cross-coupled latches. The sizing ratios for the
third and fourth stages are (hs,h5)=(3,1) and (h;4,h9)=(3,1), respectively. In both stages, only the
feedforward inverters are clocked. That is (as,as5)=(1,0) for the octal-phase divider and

(a16,009)=(1,0) for the hexadecimal-phase one.

5.2.3. Phase/Frequency Detector
Fig. 5.7(a) shows the block diagram of a conventional tri-state phase/frequency detector
(PFD) [51]. The flip-flop can be implemented as a TSPC-FF with an asynchronous reset signal
as shown in Fig. 5.7(b). Since the D-input of the flip-flop is always equal to ‘1°, node ‘X’ in Fig.
5.7(b) is always pulled down. Accordingly, both the first stage and the pull-down network of the
second stage can be removed without affecting the functionality of the flip-flop when used in a
PFD. Since the output has 0-to-1 transitions only when the reset input is activated, M6 in the

third stage can also be removed. The flip-flop thus reduces tot eh simplified form in Fig. 5.7(c).

Fig. 5.7(d) shows the schematic of the proposed PFD. It consists of two simplified dynamic
latches that require only a single phase for both the reference and divided clock inputs.
Minimizing the number of stacked devices allows the PFD to have sharp output transitions.

Simulations show fast rising/falling edges for frequencies up to more than 2 GHz.
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Fig. 5.7. Evolution of the proposed phase/frequency detector (a) Block diagram of a conventional PFD
(b) TSPC flip-flop with an asynchronous reset (c) Simplified TSPC-FF assuming D=1 (d) Proposed PFD
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5.2.4. Charge-Pump
Fig. 5.8 shows the schematic diagram of the charge pump. Dual current compensation [52] is
used to achieve constant and matched UP/DN currents. In addition, current steering and OpAmp
biasing of node X reduces the dynamic mismatch [53]. Since the loop filter capacitors are
implemented using metal fringing capacitors, no leakage compensation is needed in the charge
pump. Due to the small static and dynamic mismatch, the measured spur level is less than —74

dBc without any calibration.
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Fig. 5.8. Charge pump schematic

5.2.5. Multiplexer Design
The final stage in the serializer is a 4-to-1 multiplexer that operates up to 48 Gb/s. The MUX
is clocked with a quadrature-phase 12 GHz clock generated directly from an LC-VCO. Fig.
5.9(a) shows a block diagram of the multiplexer. Each unit cell generates a 25% duty-cycle pulse
by ANDing two adjacent clock phases. This pulse is used to connect one data input to the output
as shown in Fig. 5.9(b). The outputs of the 4 unit cells are added in the current-domain and
converted into a voltage by the output impedance of the multiplexer. Inductive shunt peaking is

used to extend the bandwidth of the circuit.
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Fig. 5.10 shows different possible methods to implement the multiplexer unit cell. In Fig.
5.10(a), a stack of 3 NMOS devices is used to perform the ANDing and the sampling operations
in a single stage. This technique is used in [54] to implement a 10 Gb/s 4:1 MUX in 0.13um
CMOS technology. Although the number of internal nodes is minimal, the devices have to be
large enough to provide the current drive needed to produce the desired swing. Scaling up the
devices increases the capacitive loading of the VCO and the preceding latch which increases the

overall power consumption.

QP QM
" 1 " 1
I | I ] ]
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AEE 288 2g2 2A2E
Q Q Qo Q Qo Q Qo Q
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(b)

Fig. 5.9. Block diagram (a) and timing diagram (b) of a 4:1 multiplexer.
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Fig. 5.10. Different possible implementations of the 4:1 MUX unit cell

To improve the current drive, a two-stage implementation can be used where pulse generation
is achieved using a separate AND gate as shown in Fig. 5.10(b). Since the AND gate is directly
driven by the sinusoidal VCO outputs, the output of the first NAND gate is not rail-to-rail and
the inverter burns an excessive amount of power due to both the switching and the direct-path

currents.

A modified two-stage implementation is shown in Fig. 5.10(c) [55]. Since the AND gate
output duty-cycle is increased to 50% and its switching activity is reduced by a factor of 2, the
power consumption can be reduced. In addition, the first stage now acts as a dynamic latch
where node X is pre-charged every clock cycle and then conditionally discharged by the input

data. Accordingly, no additional latches are required before the multiplexer.

The proposed implementation of the multiplexer unit cell is shown in Fig. 5.11(a). It is a

modified version of the design in [55] where the input latch is realized in PMOS. At the rising
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edge of CK1, L1 holds the sampled data input at the internal capacitance of node X which then
propagates to the output as shown in Fig. 5.11(b). At the rising edge of CK2, node X is
discharged causing the output current to turn off. Since node X is pre-discharged rather than pre-
charged, the inverter is not needed and can be removed. The proposed design minimizes the

number of internal nodes and the direct-path current.

Fig. 5.11(c) shows the schematic diagram of the proposed 4-to-1 multiplexer. It uses a
differential version of the proposed unit cell. The transistor M1 is shared between the 4 branches
to provide a higher current drive for the discharging branch. Since each clock phase drives both
clock inputs in two different unit cells and each cell has a differential data input, the clock load is

symmetric for all phases and no phase mismatch can result from load imbalance.
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Fig. 5.11. Proposed 4-to-1 multiplexer (a) Unit cell (b) Timing diagram (¢) Complete MUX
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5.2.6. Comparator Design
The comparator is used in the on-chip eye-monitoring system to sample the output waveform
of the transmitter. Accordingly, the sampling aperture of the comparator has to be narrow enough

such that it does not introduce significant filtering for the measured waveform.

Fig. 5.12(a) shows the schematic of the proposed comparator design. The comparator uses
both edges of the input differential clock to operate at double the input clock rate. During one of
the two input clock phases, one channel uses negative feedback to extend the tracking bandwidth
at the cost of the tracking gain. At the same time, the other channel uses positive feedback to
achieve regeneration. The switching between tracking and regeneration is achieved by reversing
the output polarity of the feedback stage as shown in Fig. 5.12(b). The design uses drain
switching rather than source switching to minimize the transition time from tracking to

regeneration which reduces the sampling aperture.

Fig. 5.13 shows the simulated sampling function of the comparator. The simulation is
performed using the periodic steady-state (PSS) and the periodic ac (PAC) analyses in spectreRF
as explained in [61]. The sampling instant is taken at the end of the regeneration period just
before the clock transition. The simulation is done using a 10 GHz input clock which
corresponds to a sampling rate of 20 GS/s. Fig. 5.13 shows that the sampling aperture is

approximately 14 ps which is less the minimum desired bit period of 20 ps.
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Fig. 5.12. Proposed drain-switched comparator: (a) Schematic diagram. (b) Equivalent block diagram.
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Fig. 5.13. Simulated sampling aperture of the comparator.
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Fig. 5.14 shows the simulated sensitivity of the comparator. A ‘00110011° sequence is
applied to the comparator input at double the clock rate. This causes a ‘0101’ output at each of
the comparator outputs. The time shift between the data transition and the clock edge is varied
and each time, the minimum signal amplitude needed to obtain correct outputs is found. The
minimum sensitivity occurs for a data-to-clock delay of ~30 ps which is equal to the delay of the

comparator, as can be seen from Fig. 5.13, and is less than 3-mV.
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Fig. 5.13. Simulated sampling aperture of the comparator..

5.3. Conclusion

Serial link transmitters are systems that are inherently parallel and thus ones that can greatly
benefit from multiphase clocking. In this chapter we showed how multiphase sampling can be
used to optimize the operation bit-rate window such that the transmitter can operate for a wide
range of bit rates. This leads to designing transmitters that are robust to PVT variations and
eliminate the need for any delay matching buffers of delay calibration loops leading to a simpler,

more compact, and lower power design.
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Multiphase sampling can also allow the designer to minimize the number of sampling
elements between the different serializer stages which are needed for resynchronization. If the
timing resolution of the sampling clock is maintained between different stages, the required
number of latches can be reduced by 43% which leads to significant improvement in power and
chip area provided that phase generation can be achieved at no extra overhead. This is

accordingly a direct application for the results of our analysis in Chapter 4.

Various circuit techniques are proposed to improve the power efficiency and performance of
the transmitter. An accurate quadrature-phase low supply sensitivity VCO design has been
explained to minimize the deterministic jitter at the output of the transmitter. A novel PFD and
an accurate charge pump reduce the reference spur level to less than -74 dBc which leads to
negligible sinusoidal jitter at the output. A new 4-to-1 multiplexer design, that achieves the
desired bandwidth requirements at low power, is proposed. And finally, a low sampling aperture

comparator using drain-switching that is used in an on-chip eye monitoring system is explained.

In the next chapter, we show the measurement results of the fabricated transmitter chip.
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CHAPTER 6

Experimental Results

The transmitter explained in the previous chapter is fabricated in 65-nm 1P9M CMOS
technology and tested in a chip-on-board assembly. Fig. 6.1 shows the chip and the printed
circuit board photographs. The chip occupies a total area of 1.2 mm?. In this chapter, we explain

the details of the testing setup and discuss the measurements results.

(a) (b)

Fig. 6.1. Chip photograph (a) and testing board (b)

6.1.  Testing Setup
Fig. 6.2 shows a block diagram of the testing setup. The transmitter output is probed using a
50-GHz bandwidth GSSG cascade probe. The probe is either connected to a 20-GHz bandwidth
subsampling scope or a 50-GHz bandwidth spectrum analyzer. An external signal generator
generates a 750-MHz reference clock that is used both as a reference to the PLL and to trigger

the scope. Different control bits are written into an on-chip scan chain using a pattern generator
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and can be read out using a logic analyzer. The interface between the pattern generator, the logic
analyzer, the chip and the PC is controlled by a National Instruments data acquisition (NI-DAQ)

interface.
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Fig. 6.2. Testing setup

6.2. Measurement Results

Fig. 6.3 shows the measured PLL output spectrum at 10.56-GHz output. To test the PLL, a
‘0011’ sequence is applied to the serializer causing the final 4:1 MUX, the pre-driver, and the

driver to act as a 3-stage clock buffer for the VCO output. The locking range of the PLL extends
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from 7.9 GHz to 12.1 GHz limited only by the VCO tuning range. The worst reference spur level

over the locking range of the PLL is —74 dBc for a carrier frequency of 10.56 GHz.
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Fig. 6.3. Measured spectrum of the PLL output for a 10.56 GHz output carrier frequency

Fig. 6.4 shows the measured single side-band phase noise for a carrier frequency of 12.08
GHz near the upper end of the locking range. The out of band phase noise at 10 MHz offset is
—127.5 dBc/Hz. The small bump around 1 MHz is due to some under-damping in the loop
dynamics. The integrated phase noise from 100 Hz to 10 MHz is equal to 1.09 degree-rms which
corresponds to 251 fsecrms random jitter. As one would expect from the very low spur level, the

periodic jitter is very low.
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Such low jitter numbers are not measurable using our equipment. Fig. 6.5 shows the time
domain measured jitter histogram. The measured jitter is less than 0.66 psecuys limited by the

triggering jitter of the scope.



The serializer operates properly over the whole locking range of the PLL. This range
corresponds to data rates of 32-48 Gb/s. This wide operation range is due to the optimum choice
of the sampling phases at all the multiplexing stages. Fig. 6.6 shows the measured single-ended
eye-diagram at the output of the transmitter at 48 Gb/s while Fig. 6.7 shows the measured eye
using the on-chip eye monitoring. The vertical eye opening measured on chip for the single-
ended output is ~270 mV while that measured by the scope is ~150 mV. This difference is due to
the attenuation caused by the probes, the 48 cables and the sampling front-end of the digital

scope. This attenuation is estimated as ~7 dB at 24 GHz.
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Fig. 6.6. Measured eye-diagram at 48 Gb/s using a (2*'-1) PRBS
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Fig. 6.7. Eye diagram measured using on-chip eye monitor.

The chip operates at data rates 31.68—48.4 Gb/s. It consumes a total power of 88 mW from a
1.2 V supply. Table 6.1 shows the power breakdown of the transmitter while Table 6.2 compares
the achieved performance with other serializing transmitters operating at similar data rates. The
use of high-speed power-optimized multiphase frequency dividers allows us to remove all forms
of delay adjustment overhead that is used in other designs. In addition, it allows us to minimize
the number of retiming latches in the data path and to realize the whole divider chain in CMOS
without using any inductors. All of which leads to the significant power and area savings
compared to previous work. These savings are achieved with a phase noise and jitter

performance that is comparable with other approaches.
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Table 6.1. Power breakdown for the transmitter chip.

Block Power (mW) Fraction (%)
vVCO 26.6 30.2
Divider Chain 18 20.5
Buffer/PFD/CP 2 23
Predriver/Driver 26.4 30
Serializer 15 17
Total 88 100
Table 6.2. Performance Summary
Ref [5] [7] [8] This Work
Technology 130nm CMOS 65nm CMOS 65nm CMOS 65nm CMOS
Supply Voltage [V] 1.45 1.1 1.2 1.2
Data Rates [Gb/s] 35.2-38.8 39.8-44.6 39.8-44.6 31.68-48.4
PLL Freq [GHz] 17.6-19.4 39.8-44.6 19.9-22.3 7.92-12.1
PN@10MHz (dBc/Hz) -113.5 -108 -120 -127.5
Jitter [fsec ] 650 238 640 251
TX Area [mm?| 3.74 5 4.6 1.2
TX Power [W] 1.56 0.76 0.86 <0.1
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CHAPTER 7

Conclusion

We present in this dissertaion an accurate model and a comprehensive analysis that explain
the operation of multipath ring oscillators [57] and frequency dividers [58]. We showed that
using multipath coupling, the number of phases of a ring oscillator or a frequency divider can be
increased arbitrarily while maintaining the oscillation or division frequency. In fact, by
increasing the number of phases, it is possible to push the maximum operation frequency to
higher values at the cost amplitude reduction or equivalently degraded phase noise. We show
that the only limitation on the maximum operation frequency of a ring oscillator or a frequency
divider is the cut-off frequency of the technology and not the number of phases needed at its

output.

The mode stability problem which is characteristic of multipath ring structures is part of the
analytical study. To help designers traverse the large design space, a design procedure based on a
linear optimization algorithm is provided to allow a designer to quickly arrive at the optimum
coupling structure that maximizes the oscillation frequency given a certain desired number of
phases and phase noise performance. This optimum structure is chosen while considering mode

stability.

The oscillator analysis is further extended to apply to frequency dividers. The locking range
of superharmonic injection-locked multipath ring oscillators is studied under the condition of

strong signal injection. We show that, unlike the previously studied weak injection scenario, the
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actual locking rang of the divider is not actually phase limited. Instead, it is either limited by the
maximum gain available in the circuit or by the existence of other non-dominant modes that can

prevent the desired mode from being sustained.

Similar to our work on oscillator design, a design procedure that uses the derived
mathematical model is proposed to help a designer to quickly arrive at the best divider design

that maximizes the division frequency for a certain power budget.

The ability to generate multiple phases at high frequencies and with low power is useful in
numerous applications. As an example, we showed how this can help design a high speed serial
link transmitter allowing it to operate at wide range of data rates without the need for any delay
adjustment overhead. As shown in out measurement results, the architecture also minimizes the
number of high-speed latches which results in significant power savings in comparison with

previously published results.

The analyses presented in this work can be extended to many of the applications mentioned in
Chapter 1. One example is to design a complete clock network as one big coupled oscillator. The
effect of different loads and routing parasitics can be taken into account and compensated for by
proper adjustment of coupling strengths. Since the figure of merit an optimally designed
multipath ring oscillator can be maintained regardless of the number of phases it has, this
suggests that as the clock network grows in size, the resulting phase noise or jitter at any of its
outputs can actually decrease. This conclusion is opposite to common wisdom which suggests

that as more buffering elements are added, the jitter performance should degrade.

Another extension is to perform this coupling in clock networks and embed the frequency

dividers. This extension is not unlike the clock divider approach described in this dissertation
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except the feedback divider can be considered as part of the oscillator itself as opposed to an
explicit element downstream from the oscillator. In addition to reducing jitter, inter-stage
coupling allows the design of a clock network with accurate and well defined phase relationships

between the different outputs.
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Appendix

Oscillation Modes in Multipath LC Oscillators

Fig. A.1 shows the general form of a multipath LC oscillator (MPLCO). Similar to the
MPRO, we assume all coupling paths exist. Each row of inverters is sized by a sizing factor, 4;,
with respect to a certain reference inverter where i=1,2,3,....N. The unit inverter has an
equivalent input capacitance, Cg, an output conductance, g,, and an equivalent transconductance,
gm. Unlike the MPRO, each of the output nodes of the MPLCO is loaded with an LC tank circuit
having a capacitance, C;, and an inductance, L. The finite quality factor of the inductance is

modeled with a parallel conductance g=1/(QwL).

Fig. A.1. General form of a multipath LC oscillator.

The output voltage v; can be expressed by (A.1) where V, is the oscillation amplitude, w, is

the oscillation frequency, and n=0,1,2,...,N-1 is the oscillation mode index. The gain and phase
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oscillation conditions can be derived by applying KCL at any of the oscillator nodes similar to

the MPRO analysis. Equation (A.2) shows the harmonic balance equation at node v;.
2zen(i—1
v,(t)=V, cos(a)nt —#] (A.1)

N | — N
> hgV, cos(wnt —Mj +&, [&+ Zh,}Va cos(@,t)

i=1 N 0 i=1
(A.2)

-0 Cg 24—%‘]1 V,sin(a t)+LV sin(@,t)=0
n Cg pn 1 o n a)L [ n

By separating the coefficient of cos(w,?), the gain condition can be derived and the mode gain

can be expressed by (A.3) where ag, is the mode gain of the core MPRO that results if the LC

N
tanks are disconnected (3.8) and H = Z h, 1s defined similar to the previous MPRO and SHIL-

i=1
MPRO analyses. Equation (A.3) shows that the dc gain required from the inverters in the case of
an MPLCO is slightly higher than that for an MRPO due to the loading caused by the finite

quality factor of the tank circuit.

’ —ﬁxt xcos(zj\[[n(i—l)] (A.3)
=[1+(g,/Hg,)]ay,,

The phase condition can be derived by separating the coefficient of sin(w,f) in (A.2). Due to
the presence of the inductor, the phase condition is a quadratic equation of the oscillation
frequency that has two solutions rather than just one as for an MPRO. The oscillation frequencies
of the n™ mode can be expressed by (A.4) where wg, is the oscillation frequency of the core

MPRO if the tank circuits are disconnected, expressed by (3.7), and a)(,Z[L(CpLHCg)]*”2 is the
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resonance frequency of the tank circuit loaded with the inverters. Equation (A.4) shows that if
the core MPRO does not have a zero frequency, the oscillation frequency of the MPLCO can
take one of two values that is either higher than or less than the resonance frequency. This each
value of the mode index, n, corresponds to two oscillation modes. The first mode has a higher
oscillation frequency than the resonance frequency where the tank load appears capacitive and
thus we refer to it as the capacitive mode and we denote it with the subscript ‘C’. The second
mode has a lower frequency than resonance where the tank circuit appears inductive and thus we

refer to it as the inductive mode and we denote it with the subscript ‘L’.

2
a)n(c/L) — (G)R,n ]X 1+(gt/Hgo) i [a)R,n jx 1+(gt/Hgo) +(002 (A4)
2 ) 1+(¢/HC,) 2 ) 1+(c,/HC,)

The analysis in its current form does not show whether the capacitive or the inductive mode is
dominant. This is due to the symmetry of the impedance of the tank load as a function of
frequency. In practice, the finite quality factor of the inductor is more precisely modeled as a
series resistance rather than a parallel conductance [56]. In this case, the equivalent parallel
conductance of the tank circuit is lower at higher frequencies causing the mode gain of the

capacitive mode to be lower than that of the inductive one and thus becomes more dominant.

If the quality factor of the tank circuit is limited by that of the capacitance rather than the
inductance, the situation is reversed where the inductive mode becomes the dominant mode. This

situation, however, is rare in practice and it can easily be avoided by good layout design.

In the special case of a cross coupled oscillator, the oscillation frequency of the core MPRO is

equal to zero and (A.4) reduces to the resonance frequency.
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