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Compact antenna has been widely used due to its advantage of compact size and low

fabrication cost. With the development of communication, antennas with unique radiation

features are required for different scenarios. For example, beam steering is desired for 5G;

while endfire radiation is for vehicle-to-vehicle communications. These requirements bring

new challenges to the design of the compact antenna. In order to realize the features,

designers always have to compromise on size, robustness, or fabrication cost. To alleviate

this problem, we propose a new design method that applies coupled modes into the

compact antenna designs. In this dissertation, beam steering antenna, endfire antenna

with vertical polarization, and circularly-polarized antenna are demonstrated respectively.

All the proposed antennas remain compact, robust, and cost-efficient. In addition, the

coupled-mode concept is further extended to design reflector array. The proposed retro-

reflective grating array works for wide-band incoming wave with any polarization. Other

possible applications of the proposed concept are also discussed.
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CHAPTER 1

Introduction

Compact antenna typically refers to small-size and low-profile antenna, which still main-

tains decent radiation efficiency. Examples are planar inverted-F antenna (PIFA), mi-

crostrip patch antenna, etc. This type of antenna has been widely used in modern com-

munication systems, due to its advantage of compact size and low fabrication cost. [1]

With the development of communication, antennas with unique radiation features

are required for different scenarios. As shown in Fig. 1.1 (a), beam steering antenna is

desired for 5G applications; while in Fig. 1.1 (b), endfire antenna is preferred in vehicle-

to-vehicle (V2V) communications. These requirements bring new challenges to the design

of antenna. Current solutions, such as phased array, always have to compromise on size,

robustness, or fabrication cost.

To alleviate this problem, we propose a new design method that applies coupled modes

(a) (b)

Figure 1.1: (a) Beam steering antenna for 5G. (b) Endfire radiation for vehicle-to-vehicle

communication.

1



into compact antenna designs. Beam steering antenna, endfire antenna with vertical

polarization, and circularly-polarized (CP) antenna are realized with the proposed concept

and are demonstrated respectively. All the proposed antennas remain compact, robust,

and cost-efficient. The coupled-mode concept is further developed and applied to design

reflector array. The proposed retro-reflective grating array works for wide-band incoming

wave with any polarization.

The dissertation is organized as follows. Chapter 2 demonstrates the operating princi-

ple of the proposed method by applying coupled modes into a rectangular patch antenna.

The proposed coupled-mode patch antenna (CMPA) steers the beam as a function of

frequency. Chapter 3 presents a fixed-frequency beam steering CMPA as a follow-up

work. The design achieves wide scanning range and is controlled by only a single varactor

diode. Chapter 4 introduces an endfire CMPA with vertical polarization. Chapter 5 is

about realizing CP antenna with the proposed method. In Chapter 6, we take the cou-

pling concept beyond compact antenna design and apply it to develop reflective array. A

wide-band retro-reflective grating array that works for incoming wave with any polariza-

tion is presented. Each chapter has its own background introduction and conclusion for

highlighting the contributions.

2



CHAPTER 2

Introduction to Coupled Mode Patch Antenna

2.1 Introduction

Rectangular patch antenna has been widely used in many applications due to its compact

configuration, simplicity and low cost [1]. The fundamental mode of operation for this

antenna is TM z
100, which offers the maximum electric fields with 180° phase difference

at two radiating slots. The radiation mechanism of patch antenna has been typically

explained from two perspectives. In transmission-line model, the radiation is from the

fringing fields at two radiation slots. In cavity model, it is from two in-phase equivalent

magnetic currents. Derived from either of the explanations, the radiation pattern of patch

antenna is basically independent on the frequency as long as the operation mode remains

same.

Beam steering antennas, on the other hand, are desired for many applications. A good

example is the leaky-wave antenna whose beam pattern scans in the space as the operating

frequency changes [2]. The radiation for this type of antenna is realized by leaking energy

gradually as the wave propagating along the structure. The beam scanning angle is

determined by the frequency dependent propagation constant [3]. In order to maintain

a high radiation efficiency, the antenna has to be longer than one wavelength in general.

Another way is to use the phased array [4]. The beam scanning is realized by properly

tuning the phase and amplitude of each element. However, the structure of an array can

be bulky and complex.

In this chapter, we introduce coupled modes in a patch antenna to realize beam scan-

ning [5]. The phase difference of two radiation slots can be manipulated by the design.

The beam scans from broadside to 43° within 3-dB realized boresight gain bandwidth in
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Figure 2.1: Schematic of the proposed design. (a) Top view. The black dots are the metal

via connecting top metal to the ground. The dimensions are all in mm: l = 9.5, ∆l = 0.5,

w = 28, s = 3.5. The height of the board is h = 0.79 mm. The diameter of the via is

0.8 mm and the spacing is 1.6 mm. (b) Side view. (c) Front view.

simulation. The implemented sample realizes 4.55% 10-dB bandwidth of S11 with cen-

ter frequency at 5.05 GHz by measurement. The design shares the simple and compact

configuration of patch antenna, while maintaining a high radiation efficiency in the mean-

time. The operation mechanism along with the results of simulation and measurement is

presented in the following sections.

2.2 Beam Scanning Using Mutual Coupling

The schematic of the proposed antenna is illustrated in Fig. 2.1. A ground-backed Rogers

RT/Duroid 5880 substrate is used for the design, with dielectric constant of 2.2, loss

tangent of 0.001, and height 0.79 mm. The antenna is based on a rectangular patch

antenna with an inset feed line. The size of the antenna is characterized by the width

w and total length ltotal = 2l + ∆l. Metallic via posts are inserted around the center,

connecting the top patch with the ground. These via posts behave like a metallic wall for
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(a) (b)

Figure 2.2: The demonstration of coupled E field distribution in symmetric structure at

(a) even mode and (b) odd mode. The dash line represents the via wall with a open gap

for coupling.

the EM field in the substrate, which divide the patch cavity into two parts. Each part is

a resonator which supports a half mode of TM100. A gap with the width of s = 3.5 mm

is opened on the interior wall by removing some via posts. It functions as a coupling iris.

2.2.1 Operation

The mutual coupling between two cavities results in two eigen-mode solutions, which

are called even mode and odd mode, respectively. For simplicity, let us first analyze a

symmetric structure as shown in Fig. 2.2, where the dash line is at the center and thus

the two half-mode cavities are identical. The E field distributions of even and odd mode

are demonstrated in Fig. 2.2 (a) and (b) respectively. The structure can then be modeled

by an array of two equivalent magnetic currents with the same amplitude but different

phases. In x-z plane, the array factor (AF) is given by [1]

AF = 2 cos

[
1

2
(k0d sin θ + ∆φ)

]
(2.1)

where k0 is the propagation constant in free space; d is the separation distance; and ∆φ

is the phase difference of the two magnetic currents. The pattern of one of magnetic

currents is approximately omnidirectional, and thus beam pattern of the array on E plane

is only dependent on AF. In the even mode case where ∆φ = 180°, there will be a null at

broadside θ = 0° in the far-field pattern due to the out-of-phase cancellation. While for

the odd mode where ∆φ = 0°, the structure will radiate like a rectangular patch antenna

where the beam peak is at the broadside. As frequencies changing from even to odd
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mode, the phase difference ∆φ will gradually shift from 0° to 180° due to the coupling.

In consequence, the beam peak will scan away from broadside according to Eq. (2.1).

However, far-field cancellation and two equal lobes in the radiation pattern of even

mode are undesired since one main beam scanning around broadside is our goal. Therefore,

asymmetry is introduced to the model by putting the metallic via wall slightly off the

center so that the two cavities are not identical. In this way, the fields coupling at the iris

will pass through different electrical lengths to reach the two radiating edges respectively.

Meanwhile, the input feeding brings some phase advance to the left half cavity, which

results in extra asymmetry. As a overall result, the phase difference at even mode is close

to 180° but not exactly at 180°, which avoids the strong broadside cancellation, and leads

to one main beam instead of two equal lobes at even mode. In the meantime, the beam

peak also shifts slightly away from the broadside at odd mode due to the asymmetry. The

even mode or odd mode is defined by the type of coupling that happens at the iris, not

by the phase difference between the two radiation slots. That means the even and odd

modes are still two eigen-mode solutions of an asymmetric model. It has to be mentioned

that there will still be a minor lobe and a null in the radiation pattern scanning with

frequency as predicted by Eq. (2.1). In fact, we may benefit from the scanning null in

some applications like cognitive radio. We will leave this discussion for the future.

2.2.2 Design from a Filtering Antenna Perspective

The design philosophy is borrowed from the procedure to design a filtering antenna [6].

The idea is first to generate a circuit model to meet desired operation frequency and

bandwidth, as the design procedures of a two-pole passband filter. In this way, we can

determine how fast the beam scans with frequency, and get reasonable realized boresight

gain within the band. Unlike traditional two-port filter, the model of the proposed design

is built with only source port but no load port. This is because the input energy will be

radiated out directly to the free space, instead of to a load port as the traditional two-

port passband filter. Therefore, in the model, the radiation conductance of the antenna

is regarded as equivalent load.
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Figure 2.3: Equivalent lumped circuit model where radiation loss of the two cavities are

represented by G1 and G2, respectively. Parameters: G0 = 0.02S, J0,1 = 1.035× 10−2 S,

L1 = 0.278 nH, C1 = 3.575 pF, G1 = 4.040×10−3 S, J1,2 = 3.938×10−3 S, L2 = 0.264 nH,

C2 = 3.771 pF, G2 = 3.856× 10−3 S.

In Fig. 2.3, the equivalent lumped circuit model is built for a fractional bandwidth of

4.8% at the midband frequency 5.05 GHz. The shunt LC circuits represent the resonance

of the two half-mode cavities. G1 and G2 stand for the equivalent radiation conductances,

which can be theoretically calculated by [1]:

Gi =
W

120λi

[
1− 1

24

(
2πh

λi

)2
]

(2.2)

where λi is the resonant wavelength in each cavity, for i = 1, 2. The interstage cou-

plings are modeled by the admittance inverters, whose values are related to external

quality factor Qe and coupling coefficient k by

Qe =
b1G0

J2
0,1

(2.3)

k =
J1,2√
b1b2

(2.4)

where bi = 2πfiCi for i = 1, 2. By applying the methods of filter designs in [7], the

parameter values of the model can be calculated. The response of the circuit model is

shown in Fig. 2.4 (a) to compare with the one of simulation and measurement.

The structure of the antenna can be designed based on the values of the circuit model.

The dimensions of the two half-mode cavities are calculated following similar procedures
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Figure 2.4: (a) The simulated, measured, and circuit-model S11 response. (b) Fabricated

Sample of the proposed antenna.

for designing rectangular patches [1]. Besides the fields of cavity mode, the fringing

fields at the radiation slots contribute to the shunt LC circuits in the circuit model as

well. The inset feed is designed to guarantee a desired external coupling as indicated

in (2.3), which leads to a good input matching. The gap size is determined by the internal

coupling coefficient extracted from the circuit model by (2.4). With minor optimization

to compensate the inaccuracy of the approximations, the final structure is then designed

as shown in Fig. 2.1.

2.3 Simulation and Measurement

The simulated, measured, and circuit-model S11 responses match well with each other as

shown in Fig. 2.4 (a). The reflection coefficient of the antenna is measured by Agilent

8510C Vector Network Analyzer. The measured center frequency is 5.05 GHz with 10-dB

fractional bandwidth of 4.55%. The measured fractional bandwidth is slightly reduced

from the desired 4.8% due to the fabrication errors. The two poles in the measured

response are at 4.975 GHz and 5.12 GHz, while the intermediate frequency peak is at

5.03 GHz.

Fig. 2.5 shows the vector distribution of the E field at these three frequencies. The
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Figure 2.5: Simulated vector distribution of the electric field in the substrate on the

cross section. Three frequencies refer to even mode, the mode at the intermediate peak

frequency, and odd mode.

Figure 2.6: Simulated co-polarized radiation patterns on E plane. The patterns are

normalized to 1 and shown in absolute value.
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Figure 2.7: Realized boresight gain versus frequency. The measured gains, shown in this

figure, are at 4.975 GHz, 5.03 GHz, 5.12 GHz, and 5.165 GHz respectively.

fields at 4.975 GHz and 5.12 GHz represent the even and odd mode field distributions

respectively. The distributions are apparently asymmetric as designed. At 5.03 GHz, the

fields at the two edges are around 90° out-of-phase. The field distributions for these three

frequencies strongly support our theory that the phase difference at the two radiating

slots changes with operating frequency.

To demonstrate the beam-steering capability of our design, we plot the simulated

radiation patterns on E plane at three selected frequencies as shown in Fig. 2.6. The odd-

mode frequency of 5.12 GHz is the frequency where maximum realized gain of 8.12 dBi

is achieved in simulation. While at 4.92 GHz and 5.25 GHz, the realized boresight gain

is 3 dB lower than the maximum one as shown in Fig. 2.7. The beam peak is at the

broadside at 5.25 GHz, and it is at 43° at 4.92 GHz, which indicates a maximum 43° of

scanning range within 3-dB gain band. The patterns are normalized to 1 and plotted in

absolute values to provide a clear view of the beam steering.

The measured and simulated patterns on the E plane compare closely for even-mode,

90-out-of-phase, and odd-mode frequencies, as shown in Fig. 2.8. The peak of the co-

polarized beam clearly scans from side to the center as the frequency changes. There is

a -25-dB null at 341° on the co-polarized pattern at 4.975 GHz. This is the cancellation
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Figure 2.8: Simulated and measured radiation patterns on E plane at (a) 4.975 GHz (even

mode), (b) 5.03 GHz (90° out of phase), and (c) 5.12 GHz (odd mode).The simulated

cross-pol level is below the minimum scale -30 dB.

for the even-mode radiation as discussed above. The null scans to 324° as the frequency

tuning to 5.03 GHz and disappears at 5.12 GHz. The measured cross-polarized patterns

on E plane are all below -20 dB, though they are higher than the simulated ones due to

fabrication and measurement tolerances.

The realized gain patterns at different frequencies on E plane are measured and shown

in Fig. 2.9. The beam scans from 14° to 34° as the frequency changes from 5.165 GHz to

4.975 GHz. The maximum realized gain of 6.34 dBi is achieved at 5.12 GHz, the odd-mode
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Figure 2.9: Measured realized gain patterns in absolute value on E plane.

frequency, as predicted by simulation. At even-mode frequency 4.975 Ghz, the realized

gain is 5.98 dBi with radiation efficiency of 70.1%. Radiation efficiency mentioned in

this paper is the ratio of radiated power to input power, which does not account for

reflection loss due to mismatch. The highest radiation efficiency within the matching

band is 73.8% realized at 5.165 GHz, where the realized gain of 6.2 dBi is slightly lower

than the maximum due to reflection loss.

As a comparison, a patch antenna, which has exactly same configuration as the pro-

posed design but has no vias, is fabricated and measured. It matches at 5.03 GHz with

1.4% matching bandwidth. The measured realized gain is 6.85 dBi, and radiation effi-

ciency is 78.2% at 5.03 GHz. In comparison to the regular patch antenna, the proposed

antenna realizes the beam steering within a much wider matching bandwidth, and main-

tains similar radiation efficiency in the same time.

2.4 Conclusion

Coupled-mode patch antenna is presented. The design is implemented by putting vias

to create two coupled half-mode cavities in a rectangular patch antenna. We are able to

manipulate the phase difference between the two radiating slot and thus steer the beam

through this design. Circuit model is built in order to control the coupling and achieve the

wide matching bandwidth. The bandwidth can be further improved [8]. Measured and
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simulated results show that the beam scans over a large range as the frequency changes

while maintaining high radiation efficiency. The proposed beam-scanning antenna has

advantages of compact size and low cost. More importantly, the proposed coupled-mode

method opens the gate to realize different radiation features in compact antenna without

compromise of size, cost, or robustness.
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CHAPTER 3

Fixed-Frequency Wide-Range Beam Scanning CMPA

3.1 Introduction

The coupled-mode patch antenna (CMPA) realizes beam scanning without compromises

of size, cost, or robustness [5], as discussed in Chapter 2. However, there are two main

problems that prevent it from practical applications. The first issue is that CMPA steers

beam as a function of frequency, while most communication systems operate at certain

fixed frequency or band. Second problem is the relative narrow beam scanning range.

The beam steering can only go from broadside to forward direction. It would be ideal if

the beam scans in both forward and backward directions.

In this chapter, we present a fixed frequency beam steering CMPA controlled by one

varactor diode loading to a slot on the ground. The loaded slot can equivalently become

capacitive, resonant, or inductive as the capacitance of the varactor changes. It thus

perturbs the cavity modes and field distributions which control the radiation beam in far

Figure 3.1: Schematic of the proposed antenna. (a) Top view. (b) Bottom view including

the contour of the top patch. (c) Loaded slot.
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field. In order to cover the whole tuning range, we mount two varactors with different

tuning ranges, 9.24 pF-1.77 pF and 2.67 pF-0.63 pF, respectively at same location on the

same antenna in fabrication. The measured and simulated frequency response and the

beam steering are demonstrated, which show the objective forward and backward beam

scanning through this single-element antenna tuned by a single varactor. The forward or

backward radiation refer to the radiation whose beam peak is at positive or negative θ

region on E plane, respectively.

3.2 Antenna Design and Operation

Fig. 3.1 shows the schematic of the proposed antenna. The substrate is a ground-backed

Rogers RT/Duroid 5880 substrate with dielectric constant of 2.2, loss tangent of 0.001,

and height of 1.575 mm. As shown in Fig. 3.1 (a), the top is an inset-fed rectangular patch

with width of w1 = 56 mm and inset feeding length of l2 = 11 mm. The metal shorting

vias, represented by the black dots, divide the patch into two half-mode cavities with

different lengths where l1 = 19.75 mm and ∆l1 = 1.5 mm. A coupling gap with width

of w2 = 7 mm is opened in the center of the via wall. The ground is wgnd = 110 mm by

lgnd = 90 mm as shown in Fig. 3.1 (b). In order to easily apply bias, a slit is etched out of

the ground that is l3 = 14.75 mm away from the via wall. The width of slit is l4 = 0.6 mm

as shown in Fig. 3.1 (c). At the center of the slit, a slot with length of w3 = 15 mm

and width of l5 = 1.2 mm is etched like a wider slit and loaded with a varactor diode.

Four 10-pF capacitors are installed along the slit where two of them are nearby the slot

and the other two are under the edges of the top patch. These capacitors compensate

the inductive effect of the thin slit on the cavity mode within the operating band, and

provide the DC block in the same time. On the other hand, the loaded slot does affect

the cavity fields. The response of the proposed antenna can then be tuned by applying

bias across the varactor.

A narrow transverse slot on microstrip line is equivalent to a series inductance since it

concentrates the magnetic field locally [9]. The inductance value depends on not only the

size of the slot but also the location, that is, where stronger the magnetic field is, bigger
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Figure 3.2: (a) Simulated frequency response of the antenna under different capacitances

of the varactor Cv. The E and H field distributions in the cavity at (b) low frequency pole

2.301 GHz and (c) high frequency pole 2.363 GHz when Cv = 0.5 pF; at (d) low frequency

pole 2.348 GHz and (e) high frequency pole 2.387 GHz when Cv = 3 pF. The varactor

is simply modeled by a pure capacitor that is defined by RCL Boundary Condition in

HFSS®.

16



the value can be. Loading the slot with a capacitor can make the whole configuration

become capacitive, inductive, or resonant, depending on the equivalent inductance of the

slot and the value of the capacitor. It has to be mentioned that the length of the slot w3 is

much smaller than half wavelength and thus the slot itself is not an effective radiator. The

effect of the slot is mainly on the guided fields in the cavity. In our antenna, we carefully

design the slot and load it with a varactor to realize both capacitive and inductive response

to the cavity within the varactor tuning range.

The varactor loaded slot, as part of the upper half mode cavity, affects the resonance of

that cavity. Since the slot is serial to the major cavity mode, the resonant frequency of the

cavity will be higher when the slot is capacitive than the one when the slot is inductive.

On the other hand, the lower half mode cavity is not perturbed by the slot, and the

upper and lower cavity will still be coupled through the open iris as long as the resonant

frequencies of these two are close. Fig. 3.2 (a) shows the simulated frequency responses

of the coupled two cavities when the loaded slot is inductive (Cv = 0.5 pF) and capacitive

(Cv = 3 pF). The two-pole response in both cases proves the exist of the coupling. One

of the poles overlays for both cases which indicates that the pole is corresponding to the

resonance of the lower half mode cavity that is not affected by the slot. While the other

pole shifts to high frequency as Cv changes from 0.5 pF to 3 pF, which indicates that the

resonant frequency of the upper cavity increases since the loaded slot becomes capacitive.

The lower frequency poles for both cases in Fig. 3.2 (a) are corresponding to even

mode. This is determined by the nature of magnetic coupling in the structure. The

coupling effect increases the stored flux in each half mode cavity when the magnetic

wall is inserted, and it decreases the stored flux when electric wall is in inserted [7]. In

consequence, the frequency of even mode is always lower than the one of odd mode in our

structure. To prove it, we plot the electric and magnetic field distributions at relevant

frequencies with Cv = 0.5 pF and Cv = 3 pF in Fig. 3.2 (b-e). In both cases, the even

and odd modes are excited. Shown in Fig. 3.2 (c) and (e), the E field at the coupling

iris is zero, and the H fields of upper and lower cavities point to same direction at odd

mode, because of the equivalent PEC wall. The opposite situations appear at even mode,
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Figure 3.3: (a) Simulated frequency response perturbed by the slot resonance during the

transition from capacitive to inductive. The poles pointed by black arrows are corre-

sponding to the slot resonance, whose E and H field distributions at (b) 2.157 GHz when

Cv = 2 pF, and (c) 2.638 GHz when Cv = 1.5 pF are plotted.

as shown in Fig. 3.2 (b) and (d), due the PMC wall. Back to Fig. 3.2 (a), the odd mode

(higher frequency pole) at Cv = 0.5 pF overlays the even mode (lower frequency pole) at

Cv = 3 pF in certain frequency band. It means that at certain frequency, we are able to

change the mode from even to odd by applying proper bias, and thus steer the beam in

a wide angle range.

Due to the perturbation of the slot resonance, the frequency response of the antenna

is not smoothly transferring while the loaded slot changes from capacitive to inductive, as

shown in Fig. 3.3 (a). The additional pole corresponding to the slot resonance are pointed

out by the black arrows. Since the equivalent inductance of the slot itself is basically fixed,

the resonant frequency is highly dependent on the loading capacitance. The small leakage

from the slot behaves like the load for the slot resonator, and results in the small poles

shown in Fig. 3.3 (a). The resonant frequency of the loaded slot dramatically increases

from 2.157 GHz to 2.638 GHz, when the loading capacitance Cv decreases from 2 pF to

1.5 pF in the simulation. When the resonant frequency of the loaded slot is around our

operating frequency as the cases shown in Fig. 3.3 (a), the slot resonator will drain the

income energy and disturb the fundamental coupling modes. Fig. 3.3 (b) and (c) illustrate

18



the E and H field distributions at the frequencies pointed in Fig. 3.3 (a) under the two

different loading capacitances. The energy couples from the cavity and concentrates to

the loaded slot, which interrupts the fundamental modes and cavity field distributions.

Shown in Fig. 3.3 (b) E field distribution where Cv = 2 pF, the fields are concentrated

above the slot, while in (c) when Cv = 1.5 pF, the fields are below the slot. This is because

the weak coupling between the cavity and slot changes with the loading capacitance.

Based on the effect of the varactor loaded slot on the frequency response, the tuning

can be sorted into capacitive range, resonant range, and inductive range. In capacitive

and inductive range, the antenna has similar two-pole frequency response but in different

bands. The pole that is corresponding to the resonance of upper cavity jumps to low

frequency as the tuning changes from capacitive to inductive region as shown in Fig. 3.2

(a). Meanwhile, in either capacitive or inductive range, the frequency of the upper-cavity

pole increases as the capacitance of the varactor decreases. This is because the varactor

is serial to the cavity mode. In resonant range, on the other hand, an additional pole

corresponding to the slot resonance appears, and the two-pole matching is disrupted.

The gain of the beam, however, may not be perturbed much at some frequencies. We will

discuss the relation of the frequency response and the radiation pattern, and demonstrate

how the beam is steered by the bias voltage in next section.

3.3 Simulation and Measurement

Fig. 3.4 shows the views of the fabricated sample. The bias lines connect on the ground

as shown in (a) and (b). Since the bias points are far from the resonant cavity, the high-

frequency currents will not drain to the bias lines. In order to cover the whole tuning

range, we use two types of plastic packaged varactors from Skyworks®, respectively in

our sample, that is SMV1413 ranging from 9.24 pF to 1.77 pF and SMV1405 ranging

from 2.76 pF to 0.63 pF. Keysight Advanced Design System (ADS®) and HFSS are used

for hybrid simulation in this section to have precise varactor model and get accurate

results. In our fabricated sample, the 10-pF capacitors are ATC 500 S Series Surface

Mount Capacitors®, whose self resonant frequency is much higher than the operating
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Figure 3.4: Fabricated sample of (a) top view, (b) bottom view, and (c) zoomed view for

the loaded slot.

frequencies. They can then be treated as ideal capacitors in the simulation. The tuning

is in capacitive range while using SMV1413, and it covers all three ranges while using

SMV1405.

3.3.1 Performance with Varactor SMV1413

Our antenna is first loaded by Varactor SMV1413 that tunes the slot effective impedance

to the cavity in the capacitive range. The simulated frequency responses under different

capacitances are shown in Fig. 3.5 (a), where the equivalent circuit model of the varactor is

given by the manufacturer. It can be seen that, when the capacitance decreases, the high-

frequency pole, corresponding to odd mode, is moving to higher frequency while the low-

frequency pole is basically not tuned. This is because the varactor loaded slot only affects

the upper cavity and thus decreasing the capacitance will only increase the frequency of

one pole as we discussed before. But it does affect the coupling since the discrepancy of the

resonant frequencies for the two cavities becomes larger as the capacitance decreases. As a

result, the matching is getting worse. Fig. 3.5 (b) shows the measured frequency responses

under different bias voltages on the varactor. As the bias increases, the capacitance of

the varactor decreases. Thus in Fig. 3.5, the measured plots (b) compare closely with the
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Figure 3.5: (a) Simulated frequency response under tuning of varactor SMV1413. The

inset figure shows the equivalent circuit model of varactor, where the series inductance

Ls = 0.7 nH, series resistance Rs = 0.35Ω, parallel capacitance Cp = 0.3 pF, and junction

capacitance CJ is tuned. (b) Measured frequency response under different bias voltages

(Vb) for varactor SMV1413

Figure 3.6: (a) Measured E-plane co-polarized radiation patterns under different bias at

2.35 GHz. The patterns are normalized and plotted in dB scale. (b) Measured peak gain

and total efficiency of the antenna versus bias voltage at 2.35 GHz.
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simulated ones (a) under the tolerance of the fabrication. The odd-mode pole shifts from

2.35 GHz to 2.40 GHz as the bias increases from 0 V to 20 V. Meanwhile, the even-mode

pole remains at around 2.31 GHz.

At any fixed frequency around the high-frequency pole (odd mode), the phase of the

radiating slots at backside (upper cavity) is changing as the pole shifting, and thus the

beam scans. Fig. 3.6 (a) shows the measured patterns under different bias at 2.35 GHz,

which is the frequency of the odd-mode pole for Vb = 0 V. As the bias is tuned from

0 V to 20 V, the beam peak continuously scans from 32° to 54°. The measured peak gain

and total efficiency versus bias voltage at 2.35 GHz are shown in Fig. 3.6 (b). The peak

gain does not take the reflection loss into account, while the total efficiency does. The

total efficiency at low bias voltages, where the matching is good, is around 76.5% which

is comparable to that of a regular patch antenna with same size. This indicates that

the loss caused by the varactor itself is relatively small. The peak gain decreases from

6.64 dBi to 4.20 dBi as the bias increases from 0 V to 20 V. This is because the mode

at 2.35 GHz is odd mode when Vb = 0 V where almost all energy radiates to the main

beam direction. But it is getting close to even mode when the bias increases as shown

in Fig. 3.5, which results in an additional side lobe at around θ ' 50° in the radiation

pattern of Vb = 15, 20 V as shown in Fig. 3.6 (a). Thus the energy radiated to the main

beam direction decreases. In Fig. 3.6 (b), the total efficiency decreases as the bias voltage

increases as well. The reason for that is because the matching is worse and the reflection

loss increases.

The patterns have interesting behaviors under different bias at frequency around the

low-frequency pole (even mode), though the pole itself does not shift much with the bias.

Shown in Fig. 3.7 is the patterns for realized gain, which takes S11 into account, under

different bias at the frequency of 2.3 GHz near the even-mode pole. Since the frequency

is around the even mode, there are two beams respectively in positive (forward) and

negative (backward) θ region of the patterns. When bias Vb = 0 V, the main beam is

pointed at +60° and most energy is radiated to the front side. This indicates the phase

of the front radiation slot initially is delayed than the one of the back radiation slot. As
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Figure 3.7: Measured co-polarized realized gain patterns under different bias at 2.3 GHz

on E plane.

Vb increases, the magnitude of the beam on the front side decreases while the one on the

back side increases. When bias Vb = 20 V, the peak of the main beam turns to −32°

with basically same magnitude as the one at Vb = 0 V, which indicated the phase of the

back slot is delayed than the front one. This is because when the capacitance of the

varactor decreases, the loaded slot becomes more inductive that delays the field in the

upper cavity, and thus gradually delays the phase at the back radiating slot. Since the

slot will not affect the resonance in the lower cavity which means the front slot phase

remains same, the relative phase of the back slot becomes delayed than the front one as

the bias increases. This pattern behavior makes it possible for the beam of the antenna

to scan from backward to forward as the bias changes.

3.3.2 Wide-Angle Scanning Realized by Varactor SMV1405

We then replace varactor SMV1413 with SMV1405 which has relatively low capacitance

tuning range. The tuning ranges of the two varactors have overlays, and thus the slot

loaded by SMV1405 is still in capacitive range when the bias is small. In Fig. 3.8, the mea-

sured S11 with SMV1413 under bias Vb = 10 V matches well with the one with SMV1405
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Figure 3.8: Comparison of the measured frequency response for the antenna loaded by

two varactors respectively.

under bias Vb = 0 V. This indicates that the transition from one varactor to the other is

smooth, and the antenna loaded by SMV1405 under small bias will have similar response

to the one discussed in previous subsection.

The varactor loaded slot becomes resonant around the operation frequency when the

bias increases and the capacitance of the varactor further decreases. Simulated and mea-

sured frequency responses in the resonant range, shown in Fig. 3.9 (a) and (b) respectively,

compare closely. Additional pole that is corresponding to the resonance of the loaded slot

comes into the picture and interrupts coupling as we expected. Though matching is per-

turbed by the slot resonance, the pole corresponding to the resonance of the lower cavity

remains at around 2.32 GHz. This is because the slot does not directly affect the reso-

nance of the lower cavity or the external coupling between the feeding line and the lower

cavity. The pole corresponding to the upper cavity shifts from right side to left side of

lower cavity pole. As we discussed, the mode at lower cavity pole changes from even

to odd mode consequently. When the bias keeps increasing, the additional pole gets to

higher frequency and the loaded slot becomes inductive to the cavity.

Fig. 3.10 shows the measured frequency response to the bias. The transition from
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Figure 3.9: (a) Simulated frequency response under different junction capacitance in the

resonant range. The values of the circuit model for SMV1405 are Ls = 0.7 nH, Rs = 0.8Ω,

and Cp = 0.29 pF. (b) Measured frequency response under different bias in the resonant

range.

Figure 3.10: Measured frequency response under different bias in (a) the transition (res-

onant) range and (b) the inductive range.
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Figure 3.11: Measured co-polarized realized gain patterns on E plane under different bias

at 2.29 GHz. The antenna is loaded with varactor SMV1405 only.
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capacitive to inductive region is illustrated in Fig. 3.10 (a), where two-pole response at

Vb = 1V first becomes three-pole due to the slot resonance, and then transfers back to

two-pole response with frequency shifting to the left when Vb = 4V. Fig. 3.10 (b) shows

the frequency response in the inductive range. The band of the two-pole response shifts

to lower frequency compared to the response in capacitive range. The high-frequency

pole, now corresponding to the resonance of the lower cavity, basically remains at same

frequency. While the other pole corresponding to the upper cavity shifts to higher fre-

quency as the bias increases and the loaded slot becomes more inductive. As the resonant

frequencies of the two cavity come closer, the coupling becomes stronger and the thus

the band gets narrower and matching gets better. From the cavity field perspective, the

phase on the back side slot gets delayed more as the bias increases. Consequently, at the

frequency around the left-side pole, the radiation beam of the antenna scans with the

bias. Meanwhile at around 2.3 GHz, the frequency response in capacitive, resonant, and

inductive ranges overlay, where the maximum beam scanning range can be realized.

Fig. 3.11 presents the measured realized gain patterns of the antenna at 2.29 GHz under

different bias. As the bias voltage increases, the main beam of the antenna continuously

scans from backward to forward. The beam points to broadside at bias Vb = 3 V. The

peak of the beam scans from −34° to +32° as the bias increases from 1 V to 20 V, which

results in a total scanning range of 66°. The realized peak gains under different bias are

all above 4 dBi. The whole tuning is realized by only one varactor, SMV1405 model.

The corresponding peak gain and total efficiency are measured under different bias as

shown in Fig. 3.12. Again, the peak gain does not account for the reflection loss while the

total efficiency does. At Vb = 1 V, the loaded slot is still capacitive and the beam shares

similar pattern to the one discussed in Fig. 3.7. So the peak gain of 4.91 dBi is relatively

low due to the side lobe of the even mode, but the total efficiency of 68.2% is high since

the matching is still good. As the bias increases to 4 V, the gain increases to maximum

of 6.27 dBi while the total efficiency drops to minimum of 58.5%. This is because the

mode at 2.29 GHz switches from even to odd and thus the side lobe gradually disappears

which leads to the higher gain; on the other hand, the matching is much perturbed by
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Figure 3.12: Measured peak gain and total efficiency of the antenna versus bias voltage

at 2.29 GHz.

the slot resonance and thus the reflection loss increases which leads to the decrease of

total efficiency. As Vb increases from 5 V to 20 V, the total efficiency gradually increases

to 69.3% due to better matching as shown in Fig. 3.10 (b). In the meantime, the even

mode pole modes toward 2.29 GHz, and thus the side lobe appears as shown at Vb = 20 V

in Fig. 3.11. The peak gain then slightly decreases to 5.33 dBi at Vb = 20 V. In general,

the peak gain and total efficiency within the whole tuning range shown in Fig. 3.12 is

comparable to the ones of a regular patch antenna with same size and substrate.

3.4 Conclusion

A single-element beam scanning antenna controlled by only one varactor is presented.

The design is based on coupled-mode patch antenna whose operation is explained by the

coupled even and odd modes and two-element array factor. A varactor loaded slot etched

on the ground of one of the half-mode cavities is tuned to be capacitive, resonant, or

inductive. Two types of varactors, SMV1413 and SMV1405, have been used to cover the

whole tuning range. The phases of the radiating slots are then manipulated by applying
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bias, which leads to both forward and backward beam scanning. Maximum scanning

range of 66° is achieved at 2.29 GHz where the beam continuously scans from −34° to

+32°. The gain and efficiency of this design is comparable to the ones of a regular patch

antenna with same size and substrate.

The design is reliable and robust since all the tuning is simply realized by one compo-

nent. It has the advantages of compact size, simple and low-loss operation, wide range of

continuous beam scanning, low cost, and friendly fabrication. The design can be scaled

to different frequency domains, and therefore find its applications in many scenarios.
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CHAPTER 4

Endfire CMPA with Vertical Polarization

4.1 Introduction

Endfire antennas with polarization perpendicular to the ground, also known as vertical po-

larization, are desired in many modern communications. The endfire pattern offers strong

radiations on the horizontal plane which is preferred for the communications between sys-

tems on a horizontal platform, like ground-wave or vehicle-to-vehicle communication. In

the meantime, the wave with vertical polarization, compared to that with horizontal polar-

ization, suffers less attenuation and less disruption on the polarization during propagating

along the ground. Traditional Yagi-Uda antenna [10] assembled to be perpendicular to

the ground, as an example, has been widely used due to its high directivity. The antenna

is typically implemented by a set of metal wires as an array of electric dipoles. It, thus,

suffers from the heavy and bulky structure.

Planar microstrip Yagi array antennas [11–14], which integrate the Yagi arrays onto

low profile substrate by using microstrip-type radiators, have been reported. These an-

tennas benefit from the low profile, friendly fabrication, and high directivity. However,

the radiations of those designs are either horizontally polarized, or are pointed away from

endfire direction, which will waste more input energy to maintain the same endfire com-

munication. In addition to Yagi-Uda antenna, dominant mode leaky-wave antenna [2]

has been claimed to have the capability of endfire radiation. The idea is to control the

propagation constant of the leaky wave. But, its peak gain, again, is away from endfire

direction.

Besides the Yagi antennas, low-profile Vivaldi antennas, or tapered slot antennas,

are capable to radiate endfire beams [15–17]. This type of antenna applies tapered slot,
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(a) (b)

(c)

Figure 4.1: Schematic of the proposed design. (a) Top view. The black dots represent the

metal via posts, with diameter of 1.6 mm and spacing of 3.2 mm, connecting top patch to

the ground. The dimensions are all in mm: l = 16.5, lt = 33, w = 55, g = 5. (b) Bottom

view. The ground metal and the substrate have same size as the top patch, lg = lt. The

gray hole is the etched out of the ground for the feeding coaxial waveguide, whose inner

diameter is 1.27 mm and outer diameter is 4.1 mm. The center of the feeding is located

at s = 5mm. (c) Back view. The antenna is back-fed from bottom.

(a) (b)

Figure 4.2: The demonstration of the E field vector distribution in the coupled cavity for

(a) even mode and (b) odd mode.
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which typically is integrated onto thin substrate, to radiate energy out. The biggest

advantage of Vivaldi antennas is their broadband response, which makes them very useful

for ultrawide-band (UWB) applications. Due to the radiation mechanism, those antennas

are fundamentally limited to the horizontal polarization.

In this chapter, the concept of CMPA [5, 18] is applied to realize endfire radiation

with vertical polarization. The length of the proposed antenna is designed to be around

quarter wavelength which enables its endfire patterns. The coupling modes are excited

inside the cavity similar as CMPA. The back-fed coaxial feeding brings additional phase

shift to the edge fields at one side, which makes the beam of this antenna pointing to the

forward endfire, θ = 90°, at both even and odd mode. The ground is designed to be the

same size as the top patch which further reduces the antenna size and avoid undesired

diffraction of the ground edges. In this way, the radiation of the antenna points to endfire

exactly which is proved by the simulated results. During the measurement, however, the

antenna, like dipole antenna, suffers from the unbalanced current, also known as common

mode current, carried on the outside of feeding coaxial cable. The undesired current

radiates and perturbs the antenna patterns. So a quarter wavelength sleeve (bazooka)

balun is designed as the common mode choke outside the feeding coaxial feeding. The

measurement shows good S11, realized endfire gain, front-to-back (F/B) ratio, and total

efficiency as expected. The simulated and measured patterns of the sample on Elevation

(xz) and Azimuth (xy) plane compare closely and demonstrate the endfire radiation of

the design.

4.2 Design and Operation

The schematic of the proposed antenna is shown in Fig. 4.1. The size of the antenna

is characterized by the width w, top patch length lt = 2l, and ground length lg = lt.

A ground-backed Rogers RO4350B with dielectric constant of 3.66 is chosen to be the

substrate so that the length of the antenna is roughly equal to quarter wavelength in free

space, lt = lg ' λ0/4. It has loss tangent of 0.0031, and height h =1.524 mm. As a model

of actual SMA connector, a coaxial waveguide, with inner diameter of 1.27 mm and outer
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Figure 4.3: Pattern of even and odd mode calculated by Eq. (4.1) with additional phase

shift of (a) φ1 = 0° and (b) φ1 = 60°.

diameter of 4.1 mm, is back-fed to the antenna. A row of metal via posts connecting top

patch to the ground is put at the center with a gap of 5 mm in the middle as coupling

iris. So the whole cavity, similar to CMPA, will support even and odd mode as two eigen-

modes as shown in Fig 4.2. The radiating fringing fields at the edges indicate that the

polarization is perpendicular to the ground (vertical polarization).

4.2.1 Model of Two-Element Array

The radiation of the antenna is contributed by two equivalent magnetic currents at the

radiating slots. In a completely symmetric model, those currents with same magnitude

are 180° out-of-phase at even mode and in-phase at odd mode [5]. The pattern of the

antenna on E plane is thus dependent on array factor of two elements

AF = 2 cos

[
1

2
(k0d sin θ + ∆φ)

]
(4.1)

where k0 is the propagation constant in free space; d is the separation distance; and

∆φ is the phase difference of the two currents. For simplicity, let us assume each of the

magnetic currents radiates omnidirectionally on E plane.
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Figure 4.4: Simulated frequency responses of the antenna with different excitation loca-

tions, where s is the distance between the center via wall and the feeding pin as shown in

Fig. 4.1.

If the separation distance is quarter wavelength, then at even mode ∆φ = 180°, the

antenna has symmetric backward θ = −90° and forward θ = 90° endfire beams; while at

odd mode ∆φ = 180°, it has symmetric upward θ = 0° and downward θ = 180° broadside

beams as shown in Fig. 4.3 (a). Though the even mode offers the endfire radiation, the

pattern dramatically changes as the frequency changes from even to odd mode. As an

endfire antenna, the desired design should be able to radiate most energy towards one

endfire direction, either backward or forward, within the whole matching band.

The solution is to bring in additional phase shift φ1 to one of the elements. If there is

such additional phase shift, the phase difference at even mode is ∆φ = ±180° + φ1 and it

is ∆φ = −φ1 at odd mode, due to the boundary condition for the two eigenmodes. With

properly selected φ1, the beam at forward endfire will be larger than one at backward

for even mode; while for odd mode, the two beams, which originally point upward and

downward, will approach to forward endfire. The normalized patterns of AF for even

and odd mode with φ1 = 60°, calculated from Eq. (4.1), are plotted in Fig. 4.3 (b) to

illustrate this idea. With the additional phase shift, the beams for both modes point to

forward endfire despite of the slight changing of the patterns. As predicted by Eq. (4.1),
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Figure 4.5: Simulated radiation patterns of the antenna with different excitation locations

at even-mode pole on xz plane of cut.

the directivity of odd mode is not maximum at exactly forward endfire, but it is very

close to the maximum as shown in Fig. 4.3 (b).

In our design, the feeding breaks the symmetry of the excited cavity modes, and results

in the phase shift. To prove that, we sweep the feeding location in the simulation, and

plot the frequency responses in Fig. 4.4. Fig. 4.4 illustrates that the feeding location

affects the resonant frequencies of the excited modes. To be more specific, as the feeding

moves away from the center, the two frequency poles move closer to each other. This

indicates that the location of the excitation has an impact on the coupling, and thus on

the excited coupled modes. To further demonstrate the impact on the phase shift, we

track the even-mode pole (low frequency pole) and plot the simulated radiation patterns

in Fig. 4.5. As shown in Fig. 4.5, when the excitation moves away from the center, the

–x-direction side lobe becomes smaller, which indicates more phase shift. In other words,

the excitation/feeding causes more phase shift when it is more asymmetrically located

(away from center). As a conclusion of Fig. 4.4 and 4.5, there is a trade-off between the

phase shift and the matching bandwidth in a sense. The feeding location of our antenna is

designed to balance that. It has to be mentioned that in the simulations discussed in this

35



Table 4.1: Ground plane effect on the main lobe direction of the proposed antenna

Ground

Length
Radiation Pattern of Even Mode

lg = lt

lg = 4lt

lg = inf

paragraph, the ground hole is removed to eliminate its effect when sweeping the feeding

location, and the antenna is excited by the embedded feeding pin, instead of the outside

coaxial waveguide.
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Figure 4.6: Equivalent lumped circuit model of the proposed antenna, where G0 = 0.02S

stands for source, J01 = 1.23 × 10−3 S for external coupling, J12 = 3.6 × 10−4 S for

internal coupling, L1 = 0.45 nH and C1 = 9.67 pF for each of the half cavities, and

G1 = 2.17× 10−3 S for the radiation loss.

4.2.2 Finite Ground Plane Effect

The reason why many endfire antenna designs like [14] cannot get the beam exactly point

at endfire is because of the effect of the finite ground plane. It has been reported by J.

Huang in [19] how the finite ground plane affects the radiation pattern of a rectangular

patch antenna. Huang compared the patterns calculated by geometrical optics (GO) with

those by geometrical theory of diffraction (GTD), and concluded that the diffraction of

the ground edge plays an important role of the broadside pattern of a microtrip patch

antenna. The effect of the finite ground is even more important for the endfire antennas.

GTD can certainly be applied here to find the effect, but nowadays it is more convenient

to calculate the patterns with modern full-wave simulators.

The proposed antenna is simulated at even mode with different ground length lg =

lt, 4lt, inf and the radiation patterns on E-plane are compared in Table 4.1. All three

patterns point forward in the +x half plane because of the additional phase shift as

discussed before. If there is no ground effect, the patterns should not change much since

the antenna is always operating at even mode. However, the main beam of the finite

ground lg = 4lt points to θ = 38° while the beams for the other two cases are to forward

endfire θ = 90°. It indicates that a finite ground, larger than the top patch, reflects the

beam more to the upside which makes the endfire radiation hard to be achieved. While
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Figure 4.7: Simulated co-polarized normalized patterns of the antenna on (a) Elevation

(xz) plane and (b) Azimuth (xy) plane for different frequencies. The direction angles are

θ in (a) and φ in (b).

in the case of lg = lt, the fringing fields directly radiate to the free space without any

ground reflection, and thus the beam is exactly at endfire as predicted by Eq. (4.1).

In practice, mounting the antenna on a much larger ground in terms of wavelength,

which behaves like an infinite ground, will solve the problem. Another approach is taken

for the proposed design, that is, truncating the ground to have the same size of the top

patch which offers the endfire radiation as well. In the meantime, the overall size of the

antenna itself is reduced, though it comes with a price of lower gain compared to that

of infinite ground. The design, of course, can be mounted to any ground-like platform if

necessary, which then will have the pattern similar to that of lg = 4lt or lg = inf depending

on the size of the platform.

4.2.3 Circuit Model

In Fig. 4.6, the equivalent circuit model of the antenna is developed with the method

mentioned in [7]. Similar to CMPA [5], the model has only one port as source but no

load port. The input energy of the antenna radiates to the free space through the two

radiating slots. Due to the symmetry of the design, the same radiation conductance G1 is
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(a) (b)

Figure 4.8: The fabricated antenna fed via a quarter-wavelength bazooka balun from (a)

top view and (b) side view with the balun zoomed in.

used for both of two half-mode cavities, which is equivalent to the load port in the circuit

model. For same reason, the same shunt LC circuits is built to represent the resonance

of each half-mode cavity. The circuit model offers a deep understanding of the frequency

response which guides the optimization of our design.

4.3 Simulation and Measurement

Fig. 4.7 shows the simulated co-polarized patterns of the propose antenna itself on Eleva-

tion plane (E plane, xz plane) and Azimuth plane (xy plane). The patterns are plotted

at the frequencies corresponding to the even and odd modes and at the center frequency.

At even and odd mode frequencies, the patterns on Elevation plane are very close to the

ones calculated by Eq. (4.1) as shown in Fig. 4.3 (b). It also indicates that the undesired

ground effect for our design is negligible as expected. The main beams of all frequencies

point to forward endfire direction despite of the slight pattern changing. The F/B ratio

is around 16 dB at 2.41 GHz, higher than those at the other two frequencies. This is be-

cause the phase difference ∆φ is closer to 90° at the intermediate frequency as indicated by

Eq. (4.1). During the measurement, however, we notice that the patterns for this endfire
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Figure 4.9: The simulated and measured S11 response for the antenna with balun. The

measured result of the antenna without balun is also plotted as a reference.

antenna is perturbed by the undesired radiation from the unbalanced current carried on

the outside of the coaxial cable. As a result, a common mode choke is required for the

implementation.

Fig. 4.8 shows the fabricated sample fed via a quarter-wavelength sleeve (bazooka)

balun. The balun serves as a common mode current choke which blocks the current car-

ried on the outside of the coaxial cable and thus avoids the energy waste and undesired

radiations. The reflection coefficient is measured by Agilent 8510C Vector Network Ana-

lyzer. Shown in Fig. 4.9, the circuit-model, simulated, and measured S11 responses match

well with each other. The measured 10-dB bandwidth for the new sample is 2.5% with

center at 2.41 GHz, which is doubled compared with the bandwidth of a regular patch an-

tenna with same size and substrate. The slight discrepancy between the measurement and

simulation is due to the fabrication tolerance. High selective two-pole frequency response

is achieved as expected, where the even mode and odd mode are measured at 2.40 GHz

and 2.425 GHz respectively.

The simulated and measured patterns of the sample fed via balun are plotted in

Fig. 4.10. The measured co-polarized patterns on both planes match well with the sim-

ulated ones, which together show the endfire radiation of the proposed antenna with the
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Figure 4.10: Measured and simulated normalized patterns for the antenna with balun on

(a) Elevation (xz) plane and (b) Azimuth (xy) plane at even mode 2.40 GHz, intermediate

frequency 2.41 GHz, and odd mode 2.425 GHz.
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Figure 4.11: Measured and simulated forward endfire realized gain and F/B ratio versus

frequency.

beam peak pointing at forward endfire direction. The measured cross-polarized patterns

are below -15 dB in general, though they are higher than the simulated ones due to fab-

rication and measurement tolerances.

Fig. 4.11 shows the forward endfire realized gain and F/B ratio of the proposed an-

tenna. The measured and simulated results compare closely. The measured 3-dB band-

width of realized gain at forward endfire direction is 2.5% with maximum gain of 2.8 dBi

at center frequency of 2.41 GHz. Considering the compact size of this antenna, the endfire

realized gain is actually good. At center frequency, the measured front-to-back (F/B) ra-

tio has a maximum value of 17.1 dB which indicates the good performance of the endfire

radiation. The F/B ratio becomes close to 0 dB as the frequency moves away from the

center. This is because as the frequency moving away, the phase difference ∆φ is getting

close to 0° or 180° where the theoretical patterns are symmetrical forward and backward

as shown in Fig. 4.3 (a) based on the analysis of Eq. (4.1). The measured and simulated

total efficiency of our design match well as shown in Fig. 4.12. The maximum total ef-

ficiency is 67.8% measured at 2.43 GHz. It decays fast as frequency moving away which

indicates the high selectivity of the proposed design. The realized gain and total efficiency

mentioned in this chapter all take into account the reflection loss due to mismatch.
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Figure 4.12: Measured and simulated total efficiency of the antenna versus frequency.

4.4 Discussion

The proposed antenna offers endfire radiation with vertical polarization in a very compact

structure. In Table 4.2, the antenna itself is compared with some low-profile endfire

antennas, including Yagi, Vivaldi, and bowtie dipoles antennas. Our antenna has the

smallest size but offers decent endfire gain with vertical polarization. The design reported

in [14] also has vertical polarization, but its main beam is not pointing at endfire due to

the diffraction of the ground and thus the endfire gain is not so high considering its large

size. There are two designs in [14], which are marked as [14]:1 and [14]:2 in Table 4.2,

and same for [17]. In Table 4.2, the “Freq” refers to the center frequency, and the “Gain”

refers to the endfire gain.

Similar to the regular dipole antenna, the proposed antenna, on the other hand, suf-

fers from the unbalanced current along the coaxial feeding. The common-mode choke is

required, which could increase the overall depth, thus limiting the proposed antenna for

some applications. One must take it into consideration during the installation.

The proposed antenna also has the advantages of its simple configuration, cheap fabri-

cation, and high selectivity. It is easy to be scaled to different frequency domain, or to be

integrated with on-chip or on-board designs. The high selective response of the antenna
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Table 4.2: Comparison of low-profile endfire antennas

Endfire

Antenna

Freq

(GHz)
Overall Size

Gain

(dBi)

Polarization

(to ground)

Proposed

Design

2.41 0.26λ0 × 0.44λ0 2.8 Vertical

[14]:1 5.21 1.91λ0 × 2.08λ0 4 to 6 Vertical

[14]:2 5.21 1.72λ0 × 3.43λ0 7.4 to 10.4 Vertical

[12] 9.5 0.5λ0 × 0.5λ0 3.4 to 5.1 Horizontal

[17]:1 6.85 0.92λ0 × 0.97λ0 ∼ −1 to 5 Horizontal

[17]:2 6.85 0.79λ0 × 0.90λ0 ∼ −2 to 5 Horizontal

[20] 8.05 0.75λ0 × 1.21λ0 3 to 5.3 Horizontal

prevents it from undesired off-band crosstalk and thus offers better isolation, which is

very useful in some applications. Like patch antenna, the maximum realized gain along

with the 3-dB bandwidth and F/B ratio of the proposed antenna could be further im-

proved by increasing the width or height of the design as long as the two coupled modes

are not destroyed. Phased array concept can be implemented on top of our design to

achieve scanning performance. In conclusion, our design would find applications in the

communication systems on a horizontal platform, like chip-to-chip, vehicle-to-vehicle or

any on-ground communications.

4.5 Conclusion

An endfire coupled-mode patch antenna with vertical polarization along with its design

philosophy is presented. The basic idea is to manipulate the phase at the two radiating

slots. Besides the phase controlled by even and odd mode, additional phase shift is

introduced by the feeding to ensure forward endfire radiation for both modes. The ground
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of the antenna is trimmed to eliminate undesired effect on the patterns. The equivalent

circuit model of the antenna is built based on the filter theory.

The sample of the antenna is fabricated and demonstrated with well-matched simu-

lated and measured high selective two-pole frequency responses. The simulated patterns,

similar to the theoretical ones calculated by the array factor, indicates the endfire radi-

ations within the band despite of slight pattern changing with frequency. However, the

common mode current on the outside of the feeding coaxial cable radiates and perturbs

the measured patterns as well as the realized endfire gain and total efficiency. Therefore,

a quarter-wavelength bazooka balun is applied along the coaxial feeding of the sample.

The measured performances, including the patterns on Elevation (xz plane of cut) and

Azimuth (xy plane of cut) plane, endfire realized gain, F/B ratio, and total efficiency, are

good and compare closely with the simulated ones.

The proposed endfire antenna benefits from its vertical polarization, simple and com-

pact configuration, cheap and friendly fabrication, and high selectivity. Since the main

beam points to endfire direction, the design offers decent endfire gain in term of its size.

With the same design philosophy, the antenna can be easily scaled to different frequen-

cies or integrated with on-chip or on-board designs. The proposed design could find its

applications in many communication scenarios.

45



CHAPTER 5

Circularly Polarized HMSIW Antenna

5.1 Introduction

Antenna with circular polarization (CP) plays an important role in modern wireless com-

munications. It solves the problem of the polarization mismatch caused by the multipath

interference and the wave propagation in ionosphere. CP antenna with microstrip technol-

ogy has been well studied, and the design procedure is mature [1]. However, microstrip

antennas suffer from high conduction loss, which makes them less competitive in the

high-frequency domain.

The substrate integrated waveguide (SIW) cavity-based CP antennas have low con-

duction loss and high gain, while maintaining the advantages of low profile, low cost, and

easy integration with planar circuits [21–25]. However, generating pure CP waves in SIW

cavities is not as straightforward as that in microstrip patches. The general solutions

are either to design two standalone radiating elements [25], or to cut slots on top (or

bottom) of the SIW cavity [21–24]. The first solution requires external feeding to provide

the phase difference. For the second one, though widely used, the performance of the

antennas is highly dependent on the shape, size, and location of the slots. Therefore,

the design procedure typically involves heavy optimization in full-wave simulators, which

takes a lot of time and computation.

In this chapter, a CP antenna with SIW technique is developed by a fast and robust

design methodology, based on the coupled-mode concept[26]. The antenna contains two

coupled half-mode SIW (HMSIW) cavities. The even and odd eigen-modes are excited

inside the structure, similar to the coupled-mode patch antenna [5, 18, 27]. The design

method evolves from filtering theory, where the equivalent circuit model is optimized to
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Figure 5.1: Top-view schematic layout of the proposed filtering antenna. The black dots

represent the metal via posts connecting top to the ground, whose diameter is 1.6 mm

and spacing is 3.2 mm. The red dot is the back-fed probe. The dimensions are all in mm:

l = 38.9, g = 7.5, s = 4.

realize the target operating frequency and bandwidth. The final structure is directly syn-

thesized from the circuit model, avoiding the heavy optimization in full-wave simulator.

The proposed antenna has very low axial ratio (AR) at target frequency while still main-

taining decent gain and AR bandwidth. The design procedures, along with the results

and discussions, are presented in the following sections.

5.2 Design Method and Theory

The schematic layout of the proposed antenna is shown in Fig. 5.1. Two identical HMSIW

cavities have orthogonal polarization to each other. A gap on the center wall brings

magnetic coupling between the two cavities. Therefore, two eigen-modes, even and odd

mode, can be supported. The antenna is back-fed through a coaxial cable to the right side

cavity. The feeding breaks the symmetry of the excited modes, so that the radiating wave

of the right HMSIW cavity leads the phase within the matching band [27]. As a result,

RHCP is the co-polarization of the antenna. The antenna will radiate left handed CP

(LHCP) waves if the feeding is symmetrically located to the left side. The design target is
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(a) (b)

Figure 5.2: (a) HMSIW radiating resonator. (b) Equivalent lumped circuit model for the

radiating resonator.

to have CP waves at center frequency of 3.58 GHz and achieve 3% impedance bandwidth.

The substrate is a conductor-backed Rogers RT/duroid 5880 with dielectric constant of

2.2 and thickness of 1.57 mm. The design procedure and the theory are demonstrated in

the following subsections.

5.2.1 Design Procedure

The first step is to build and characterize a HMSIW cavity resonant at target center

frequency. The dimension of the cavity can be calculated by the equations [28]. The

cavity is characterized by the equivalent circuit model as shown in Fig. 5.2. From the

radiating edge to the left, it is a cavity resonator whose input admittance Yc is modeled

by shunt LC tank, Lc and Cc as shown in Fig. 5.2 (b). From the edge to the right side, the

fringing field at the edge contributes to the additional capacitance of the cavity resonator

and the radiation to the free space. The input admittance Yr is thus modeled by shunt

capacitance Cr and radiation conductance Gr. The values of the components in circuit

model can be extracted based on the theoretical equations and HFSS simulator tool [29].

The impedance bandwidth of the whole antenna is limited by the quality factor of each

HMSIW cavity, which can be calculated from the circuit model.

The second step is to construct and optimize the equivalent circuit model of the

48



(a)

(b)

Figure 5.3: Equivalent circuit model loaded with (a) the radiation conductance Gr, and

(b) the standard loads GL1 = GL2 = 0.02 S. The admittance inverters J1L and J2L are

inserted in (b), such that Y1 = Y2 = Gr. The values are: G0 = 0.02 S, J01 = 1.29×10−3 S,

J12 = 3.58 × 10−4 S, L1 = L2 = 0.42 nH, C1 = C2 = 4.71 pF, Gr = 2.98 × 10−3 S, and

J1L = J2L = 1.07× 10−3 S.
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Figure 5.4: Frequency response of the circuit model shown in Fig. 5.3 (b), where G0, GL1,

and GL2 refer to Port 1, 2, and 3 respectively.

whole antenna as shown in Fig. 5.3. In Fig. 5.3 (a), the two identical HMSIW radiating

resonators are modeled by the way as discussed previously, where C1 = C2 = Cc +Cr. G0

represents the source port, the admittance inverter J01 represents the external coupling,

and J12 represents the internal coupling. In Fig. 5.3 (b), the model translates the radiation

conductance Gr to an inverter loaded by the standard load, where Y1 = Y2 = Gr. For

both models, J01 and J12 are the only two variables that need to be determined.

The circuit model in Fig. 5.3 (b) contains two independent loads, GL1 and GL2, instead

of one single load for regular filters. The two loads represent the radiation of the two

HMSIW cavities with orthogonal polarization. The advantage of this model is to provide

the delivered power ratio over the frequency. Since the antenna only has one single feed,

the input power may not be equally delivered to the two orthogonal radiation loads. In

order to get CP waves at target frequency, the three-port circuit prototype has to perform

as a 3-dB power divider. Therefore, the internal and external coupling, J01 and J12, are

optimized to have the power equally divided at 3.58 GHz, and to achieve the desired

bandwidth. For linear circuit model like the one in Fig. 5.3 (b), the embedded optimizer

in ADS can solve the problem efficiently and effectively.
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Fig. 5.4 presents the optimized results of the equivalent circuit model. S21 and S31

indicate the power ratio delivered to load GL1 and GL2 respectively, while S11 indicates

the input matching. The target 10-dB fractional bandwidth of 3.0% at center frequency

of 3.58 GHz is realized. The two nulls in S11 are at 3.55 GHz and 3.60 GHz. The input

power is evenly delivered to the two loads at center frequency, since S21 = S31 = −3 dB.

Away from the center frequency, more power is delivered to GL1 than that to GL2, since

the source feeds directly to Resonator 1.

The last step of the design procedure is to design the antenna based on the circuit

model. In fact, only the gap in the center wall and the input feeding location need to be

designed. Similar to a second-order SIW filter, the gap size is determined by the internal

coupling coefficient k, and the feeding location is determined by the external quality factor

Qe. The values of k and Qe can be derived from the circuit model by

Qe =
b1G0

J2
01

(5.1)

k =
J12√
b1b2

(5.2)

where bi = 2πf0Ci for i = 1, 2 [7]. The gap size and feed location can then be

realized with same design methods of resonator filters [30]. Once the gap and feeding

are determined, the two orthogonally polarized HMSIW cavities will radiate out equal

amount of energy as predicted by the circuit model. However, the circuit model cannot

predict the phase difference between the two radiating edges. In the following subsection,

we will analyze the eigen-modes and demonstrate that the phase difference is always 90°

at the center frequency.

5.2.2 Mode Analysis

The even and odd eigen-modes are supported within the structure since the two HMSIW

cavities are coupled through the gap in the center wall. Fig. 5.5 illustrates the distributions

of the magnitude of E field and the vector of surface current density J at even and odd
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(a) (b)

(c) (d)

Figure 5.5: Simulated distributions of the complex E field magnitude at (a) even mode

and (b) odd mode, and the surface J vector at (c) even mode and (d) odd mode.

modes under eigen-mode simulation in HFSS. Half TM110 mode is supported in each

HMSIW cavity resonator as shown in Fig. 5.5 (a) and (b).The vector distributions of

surface J in Fig. 5.5 (c) are symmetric to the center wall, which indicates the even mode;

while they are antisymmetric in Fig. 5.5 (d), which indicates the odd mode. The fields

along the two edges are in-phase at even mode and 180° out-of-phase at odd mode.

The frequencies of the two modes are corresponding to the two nulls of S11. The

lower frequency null is the even mode while the higher one is odd mode, due to the

magnetic coupling between the two HMSIW cavities. When the frequency increases from

low to high null, the phase difference gradually changes from 0° to 180°. As a result,

the phase difference will always be 90° at the center frequency. The input feeding will

determine which side of the cavity leads the phase [27]. In our design, the right side

cavity is directly fed through the coaxial cable and it then leads the phase. Therefore,

the proposed antenna will radiate RHCP waves around the center frequency. Since the

two cavities are symmetric, the antenna can be easily modified to radiate LHCP waves by

moving the input feeding to the left side cavity. The full-wave simulation are demonstrated
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Figure 5.6: Simulated and measured (a) S11 response and (b) Axial Ratio (AR) of the

proposed antenna at broadside. The inset figure in (a) shows the fabricated sample.

in Section III along with the measured results.

5.3 Antenna Results

Fig. 5.6 shows the simulated and measured S11 and broadside AR of the proposed antenna.

The simulated S11 has 3.0% fractional bandwidth with center frequency at 3.58 GHz,

identical to the circuit-model S11. The measured S11 has 3.2% fractional bandwidth with

center frequency at 3.55 GHz. The whole band slightly shifts to the lower frequency due

to the fabrication tolerance. The measured two nulls are at 3.53 GHz and 3.59 GHz. The

simulated broadside AR reaches its minimum of 0.67 dB at 3.58 GHz, as shown in Fig. 5.6

(b). The 3-dB bandwidth of the simulated AR is 0.7%. The measured AR has the 3-dB

bandwidth of 0.8% with the minimum of 0.33 dB at 3.55 GHz. The very low AR indicates

that the CP waves are well-established by the proposed antenna. The measured and

simulated AR closely resemble each other, though the frequency still shifts like S11.

The surface-J distribution on the top metal of the structure at simulated center fre-

quency is shown in Fig. 5.7 (a). When the current of the right side HMSIW cavity reaches

maximum, the current of the left side one is almost zero. This implies that the phase dif-

ference between the two radiating edges at the center is indeed 90°. Fig. 5.7 (b) presents
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Figure 5.7: (a) Simulated distribution of surface J at center frequency. (b) Simulated and

measured radiation patterns on xz plane at center frequency.

the radiation patterns of the proposed antenna on xz plane at center frequency. The

simulated and measured results match well with each other. There is a null at broadside

of the LHCP pattern, which indicates that the proposed antenna radiates pure RHCP

waves there, consistent with the result of AR.

The simulated realized RHCP gain and the radiation efficiency of the proposed antenna

are shown in Fig. 5.8. The realized gain and total efficiency discussed in this chapter take

the return loss into account. The peak gain of 5.7 dBic is realized at the center 3.58 GHz.

The total radiation efficiency within the simulated matching band is around 90%, which

indicates the low-loss feature of the HMSIW cavity-backed antenna. The two peaks of

the total efficiency curve are corresponding to two matching nulls.

Table 5.1 compares the proposed design with other SIW-based CP antennas. The

proposed antenna has the lowest AR, while maintaining comparable AR bandwidth and

gain. In addition, the proposed design method of this antenna is fast and robust. The

circuit simulator replaces the full-wave simulator for the design optimization to a large

extent. As a result, the antenna can be efficiently designed for the specified frequency,

impedance bandwidth, and substrate.
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Figure 5.8: Simulated broadside realized gain of RHCP and total efficiency of the proposed

antenna.

Table 5.1: Comparison of SIW based CP antennas

SIW CP

Antennas

Freq

(GHz)

Minimum

AR (dB)

AR

Bandwidth

Gain

(dBic)

This work 3.55 0.33 0.80% 5.7

[21] 10.1 1.1 0.8% 6

[22] 8.75 1.15 0.66% 5.12

[23] 10.2 1.3 2.35% 6

[24] 28 1.2 2.25% 5.3

5.4 Conclusion

A CP SIW-based antenna and its design procedure are demonstrated in this chapter. The

single-fed antenna contains two coupled HMSIW cavities with orthogonal polarizations.

It has very low measured AR with decent gain and bandwidth. The design follows a novel
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circuit-model-based design procedure. A three-port equivalent circuit model is built and

optimized to realize the target operating frequency and impedance bandwidth. During

the design, the circuit simulator replaces the full-wave simulator to a large extent, which

makes the procedure more efficient. The proposed CP SIW antenna along the design

method is robust and competitive for practical applications.
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CHAPTER 6

Wide-Band Blazed Grating for All Polarization

6.1 Introduction

Blazed structures, which are designed to reflect oblique incident field back to its incident

path with very low or even zero specular reflection, have been used in many applications,

such as Radar Cross Section (RCS) reduction, frequency scanning reflectors, Littrow

mounts, external cavity lasers, and other quasi-optical transmission structures. Tradi-

tional 3D structures, like sawtooth (echellette) or groove gratings, are capable of nearly

perfect performance but suffer from the bulky structures [31–33]. As an alternative, low-

profile gratings have been reported by controlling local phase or resonance realized on

regular PCB [34–38]. These designs, however, work for only certain linearly polarized

incident fields in general.

Recently, a new resonant blazed surface that works for the incident wave with any

polarization has been reported [39]. The design takes square patch on a grounded dielectric

substrate as resonator in each unit cell. The patch is first excited by the incident field

and then re-radiate to the free space like a regular patch antenna. The square shape of

the patch allows the respective responses to two orthogonal polarization, namely TE and

TM, which means any phase difference between the two will be maintained. With proper

design of the periods later, the all-polarization blazing performance, which is comparable

to that of 3D structure, is realized on the finite-size grating. However, the design is limited

by the operating bandwidth.

In this chapter, the coupling concept is applied to improve the bandwidth of the

original grating design. The coupled square patches are designed in each unit cell and

a wide-band planar blazed grating working for all polarization is realized as shown in
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Figure 6.1: (a) A finite grating sample containing 4 by 8 unit cells. The dark and light

yellow squares represent the patches in two different sizes. (b) The blazed grating with

period d in x direction scatters the incoming wave (blue) to very low specular m = 0

reflection (yellow) but strong m = −1 diffraction (red).

Fig. 6.1. The square shape contributes to the all-polarization response, while the coupled

resonators widen the blazing bandwidth. The frequency response and the field distribu-

tions are simulated to demonstrate the operating mechanism. The results of the simulation

and measurement of a finite sample show the strong blazing for all polarization within a

wide band. The operation and results are presented from a filter perspective.
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6.2 Operation Mechanism

Fig. 6.1 (b) shows that the blazed surface reflects the incoming wave to m = −1 diffraction

order with very low specular reflection. As reported in [40], the system at fixed incident

angle can be modeled by a two-port filter network, where the Port 1 and 2 represent the

fundamental m = 0 order and the diffraction m = −1 order respectively, and the blazed

surface behaves like a bandpass filter. In that sense, if the S parameters is used to show

the frequency responses of the surface, the S11 will be the ratio of the specular reflection

to the incoming wave, and S21 will be the ratio of m = −1 diffraction to the incoming

wave. The later discussion will follow the above definitions.

6.2.1 Grating Equation and Bragg Condition

According to Floquet Theory, the operation of a grating for free space propagating waves

on the incident plane, x-z plane, is governed by

sin θi + sin θm =
mλ0
d

(6.1)

where θi is the incident angle; m is the diffraction order; θm is the diffraction angle of

order m; λ0 is the free-space operating wavelength; and d is the period of the structure

on the incident plane.

In the auto-collimation scenario, where the incident angle is same as the diffraction

angle, the grating equation is simplified to Bragg condition, that is

k0d sin θi = π (6.2)

where k0 is the wave number in free space. The Bragg condition only gives identical

angle for certain; however it does not predict a perfect auto-collimation where there is

very low or no specular reflection. The design of the unit cell will determine how the

scattered energy is distributed between the m = 0 and m = −1 orders. In this case,

the unit cell is designed to have nearly perfect auto-collimation in a wide band for any
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Figure 6.2: (a) Unit cell settings for perfect auto-collimation at θi = θ−1 = 30°. (b)

Top view of the unit cell where two square patches sit on the grounded Rogers RT5880

substrate.

polarization.

6.2.2 Unit Cell

Fig. 6.2 shows the unit cell that is built and simulated in HFSS. The Floquet Port with

order 0 and −1 harmonics allowed is set as the top excitation, while the periodic bound-

aries are surrounding on the sides. The period d along x direction is chosen to satisfy

Bragg condition (6.2) in X band, while the period p along y direction is tuned to allow the

identical response to both TE- and TM-polarized incidence. Two coupled square patches,

with size of 8 mm and 9 mm and separation of 6 mm, are designed to have wide-band

all-polarization response.

Fig. 6.3 shows the frequency responses of the unit cell under TE- and TM-pol exci-

tations. As mentioned before, the S11 means the specular reflection and S21 is for the

−1 order blazing diffraction. The 3-dB bandwidth extracted from S21 is 18.7%, which
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Figure 6.3: Simulated frequency responses with TE- and TM-pol excitations for the unit

cell. S11 stands for specular reflection (m = 0) and S21 is for m = -1 blazing diffraction.

shows the wide-band response for a infinitely periodic grating consisted by such unit cells.

The two-pole responses for both TE and TM are just like traditional two-pole bandpass

filter. This is because the coupling is constructed between the two different-size patches

to realize the response same as an asynchronously tuned coupled resonator filter. The

nearly identical S11 and S21 for TE and TM-pol excitations indicate the all-polarization

responses as expected. The location l1 and separation l2 of the patches along with the

period p determine the coupling coefficient for TE and TM polarization. During the de-

sign, we optimize those parameters to realize identical coupling response for TE and TM

cases. An equivalent circuit model can be extracted with proper definitions by applying

the methods of filter design [7], which will be left for future discussion.

The simulated magnitude distributions of E field at the poles under TE- and TM-

pol excitations are shown in Fig. 6.4. In (a) and (b), the TE polarization excites the

fundamental TM z
010 mode in both patches, while for TM polarization, TM z

100 modes are

excited as shown in (c) and (d). The two orthogonal modes will re-radiate and contribute

to the blazing while maintaining the phase difference of the TE and TM polarization

bases. So the grating will work for field with any polarization just like the one reported in
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Figure 6.4: Simulated complex E-field magnitude distributions under TE-pol excitation at

(a) 9.60 GHz and (b) 10.08 GHz, and TM-pol excitation at (c) 9.64 GHz and (d) 10.07 GHz.

The contours of the patches are shown by solid black lines.

[39]. With either polarization, though the fundamental modes of both patches are excited,

the larger patch is more strongly excited at lower frequency, while the smaller one is more

at higher frequency as shown in Fig. 6.4. This indicates that the coupling exists between

the two patches for both polarization and it is expected for the asynchronously tuned

coupled resonators [41].

6.3 Wide-band Blazed Grating

6.3.1 Simulation

A finite grating sample containing 4 by 8 unit cells, as shown in Fig. 6.1 (a), is simulated.

Plane waves with different polarization illuminate the sample from incident angle of θi =

30°. To demonstrate the bandwidth, the magnitudes of scattering E field are plotted at

specular reflection angle θ = −30° and at incident angle θ = 30° (blazing diffraction)

versus frequency, as shown in Fig. 6.5. Though results share similar meaning as the S

parameter discussed before, they are only about the energy at one angle point. Thus

a benchmark has to be set by the specular reflection of a same size PEC under same
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Figure 6.5: Simulated magnitude of scattering E field at θ = ±30° for (a) TE- and TM-pol;

(b) RHCP incident wave at θi = +30°. The specular reflection of a same size PEC mirror

is simulated as comparison shown by green slot line.
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Figure 6.6: Measured auto-collimation results under three incident angles for both TE

and TM polarization. The reflection of a same size PEC under normal incident θi = 0 is

measured to serve as a benchmark. The inset figure shows the fabricated sample.

illumination. It gives the maximum reflection magnitude one can get by illuminating a

passive grating of such size.

The maximum diffractions of the blazed grating under both linear or circular polar-

ization shown in Fig. 6.5 are almost identical to the PEC reflection at the same frequency

and polarization, which indicates strong auto-collimation achieved by this design. The

simulated 3-dB bandwidth, defined by the response of θ = +30°, is 12.8%, similar for

all polarization. This indicates the finite grating still works for wide band though the

bandwidth is smaller than the infinite grating due to the limited size. The magnitude of

scattering field for PEC increases as the frequency increases. This is because in terms of

wavelength the mirror size is increasing as frequency, and thus more energy is reflected

by the PEC.
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6.3.2 Measurement

The auto-collimation measurement is carried by a mono-static radar setup where one

linear polarized horn antenna serves as both transmitter and receiver. The grating under

test (GUT) is on a rotator at the far field region so that the radiation of the antenna

can be assumed as plane wave. By rotating the GUT azimuthally, the frequency response

can be measured under different incident angles θi. Time gating method is applied to

the measured data in order to get rid of the background noise and thus improve the

measurement accuracy.

Fig. 6.6 shows the measured auto-collimation results. Identical responses for TE-

and TM-pol indicate the all-polarization function as expected. The maximum blazing

at θi = 26°, 28° are identical to the PEC benchmark, which shows the strong blazing

realized by the design. These results also indicate that the design operates in a range

of blazing angle, not just one θi. This is because the coupled patches, as the unit cell,

response to a wide band of incoming waves. With fixed period, the wide-band frequency

response can be translated to wide range of blazing angle as predicted by Eq. (6.2). The

blazing at θi = 30°, however, is about 3-dB lower than the PEC reflection, due to the

fabrication tolerance. The measured 3-dB bandwidth at θi = 26° is 11.5%, comparable

to the simulated one at θi = 30°. Governed by Bragg condition (6.2), the peak blazing

points shift to higher frequency as θi decreases under the fixed period d. The sinusoidal-like

response of PEC is due to the standing waves under normal incidence. The measurement

results overall prove that this design works in a wide band and for all polarization.

6.4 Conclusion

A wide-band all-polarization blazed grating is presented. The asynchronously tuned cou-

pled resonators are introduced into each unit cell and design them to work for all polar-

ization. Two-pole frequency responses, similar to a regular bandpass filter, are realized in

the unit-cell simulation. Measured and simulated results of the finite grating sample show

good performance as expected. The results of this paper indicate that the bandwidth for
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such all-pol blazed grating can possibly be further extended by putting more coupled

resonators in a properly designed unit cell.
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CHAPTER 7

Conclusion

The concept of coupled modes is developed and applied to compact antenna and reflector

array designs. Compact antennas featured with beam steering, endfire radiation with

vertical polarization, and circular polarization are demonstrated respectively. A wide-

band all-polarization blazing grating array is presented. The proposed design method

introduces the new radiation features by taking the advantage of mutual coupling, which in

contrast is typically an annoying problem for array designs. The equivalent circuit model

derived from filtering concept provides an accurate design guideline which accelerates the

simulation procedure. All the proposed designs maintain simple, robust, and cost-efficient.

Compatibility is another important advantage of the proposed design concept. The

coupled-modes concept can be added on top of many other antenna design methods to

improve the original performance or to create new desired feature. To demonstrate the

strong compatibility, two examples are briefly introduced in the following paragraphs.

The first example combines the design technique of E-shape patch [42] and coupled-

mode concept into a patch antenna [8]. The results and the fabricated sample are shown

in Fig. 7.1. By cutting the two slots, additional coupled resonance is brought into coupled-

mode patch antenna (CMPA). Compared to the original CMPA, the reported antenna

has 36% wider operation bandwidth and 80% more in-band scanning angle range, while

remaining simple, robust, and cost-efficient. Many other bandwidth-improvement meth-

ods can also be co-designed with coupled-mode concept by following the similar design

procedure reported in [8].

The other example is to design phased array with CMPA as single element. A two-

endfire-element array with balanced feeding structure reported in [43]. The fabricated
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Figure 7.1: (a) Sample of the E-shape CMPA. (b) Frequency response.
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Figure 7.2: (a) Sample of the two-endfire-element array. (b) Frequency response. Simu-

lated co-pol patterns on (c) Elevation plane and (d) Azimuth plane.
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sample and results are illustrated in Fig. 7.2. The array contains two endfire CMPA [27],

which are fed by a T-shape parallel plate waveguide (PPWG) power divider. The PPWG

feeding provides well-balanced input signal while maintaining low profile. It eliminates

the undesired radiation of common-mode current, and thus addresses the major issue for

the endfire CMPA. The proposed array has the measured bandwidth of 2.1% centered

at 2.435 GHz, and offers 4.6 dBi simulated peak gain at endfire and maximum front-

to-back ratio of 23 dB. The proposed array radiates exact endfire patterns with vertical

polarization while maintaining compact size and low profile. In addition, the two elements

of the array locate perpendicular to the endfire direction on the horizontal plane. As a

result, the array is capable to steer the endfire vertically-polarized beam on azimuth plane

with some phase-control components, which could be applied in many scenarios.

The proposed coupled-mode concept alleviates the design issues of the compact an-

tennas with unique radiation features. It is further developed and applied in reflector

array. The strong compatibility of the proposed concept could potentially benefit more

antenna designs. As a conclusion, the proposed concept provides a new antenna design

perspective and there are definitely more possibilities to explore in the future.
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